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Introduction 

The purpose of this handbook is to provide a fully indexed 
and cross-referenced collection of analog integrated circuit 
applications using devices from National Semiconductor. 
The printed handbook includes application notes about 
analog/linear devices that are currently available from Na¬ 
tional. 

Individual application notes are normally written to explain 
the operation and use of one particular device or to detail 
various methods of accomplishing a given function. The 
organization of this handbook takes advantage of this innate 
coherence by keeping each application note intact, arrang¬ 
ing them by subject, then in alpha-numerical order. A de¬ 
tailed Subject Index and a Part Number to Application Note 
Crossreference are provided for quick reference, following 
the Alpha-Numeric Index of all analog/linear application 
notes. 

Many of the application schematics refer to the generic 
family, identified by either the industrial/commercial tempera¬ 
ture range version or the military temperature range version 
of the device. Generally, any device in the generic family will 
work in the circuit. For example, an amplifier indicated as an 
LM108 refers to any product contained in the LM108 family 
datasheet (such as LM208 or LM308), and does not imply 
that only military-grade devices will work in the application. 
Military and prime electrical (“A”) grade devices need only be 
considered when their tighter electrical limits or wider tem¬ 
perature range warrants their use. 

A CD is included with this handbook. It contains a complete 
set of all application notes available from National, as well as 
product information (datasheets, budgetary pricing, etc.) for 
the products referred to in this handbook. For updated infor¬ 
mation on these and any other National Semiconductor 
products, please consult our web site at 
http;//www.national.com. 
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LM3820.AN-147 

LM3876.AN-898 

LM3900.AB-24, AN-72, LB-20 

LM3909.AN-154 

LM3914.LB-48 

LM3940.AN-1061 

LM4250.AN-71, LB-34 

LM6181 .AN-813, AN-840 

LM6361 /LM6364/LM6365.AN-549 

LM6511.AN-1061 

LM6622.AN-1255 

LM8272.AN-1245 

LM12454.AN-906, AN-949 

LM12458...AN-906, AN-947, AN-949 

LMC835.AN-435 

LMC6484.AN-856 

LMC6953.AN-1077 
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Products Applications Documents 

LMD18200.AN-694, AN-828 

LMF40.AN-779 

LMF90.i.AN-779 

LMF120.AN-779 

LMH6642.AN-1244 

LMH6643.AN-1240, AN-1255 

LMH6672.AN-1255 

LMX5600.LB-27 

LP2952.AN-1061 

LP2960. AN-1061 

LP2980.AN-1148, AN-1172 

LP2981. AN-1148, AN-1172 

LP2982.AN-1148, AN-1172 

LP2985. AN-1148, AN-1172 

LP2989.AN-1148 

LP2995.AN-1241, AN-1254 

LP3985.AN-1219 

MF8.AN-779 

MF10.AN-307 
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AGC 

DC.AN-72 

Methods.AN-72 

Television Signal.AN-391 

Alarm 

Inexpensive IC.AN-154 


Amplifier 

100mA Current Booster.AN-127 

1A Class AB Current Booster.AN-127 

90 Watt Audio.AN-127 

Absolute Value.AN-31 

AC.AN-31, AN-48, AN-72 

AGC.AN-391 

Anti-Log Generator.AN-30, AN-31 

Audio .... AN-32, AN-72, AN-446, AN-898 

Battery-Powered.AN-71, AN-211 

Bias Current.AN-242 

Bridge.AN-29, AN-31, AN-69, AN-446 

Buffered.AN-253 


Buffered High Current Output.AN-29, 

AN-31, AN-48, AN-253, AN-261, 
AN-272 

Capacitive Load Tolerance.AN-1245, 

LB-14 

Cascode.AN-32 


Circuit Description 

LM108/LM208/LM308.AN-29 

LM118/LM218/LM318.LB-17 

LM3900.AN-72 

LM4250.AN-71 

Clamping.AN-31, LB-8 

CMOS as Linear Amp.AN-88 

Compensation.AN-242, AN-253 

Current .AN-4, AN-227 

Current Feedback.AN-597, AN-813, 

AN-840, OA-07, OA-12, OA-13, 
OA-15, OA-18, OA-19, OA-20, 
OA-22, OA-25, OA-30, OA-31 


Difference .. AN-20, AN-29, AN-31, AN-72 

Differential Input.LB-20, OA-16 

Differentiator.AN-20, AN-31, AN-72 

Digitally Controlled.AN-269 

Drift Testing.AN-79 

FET Input.. AN-4, AN-29, AN-32, AN-227, 
AN-253, AN-447 

Fiber Optic Link.AN-253, AN-597 

Follower.(see Voltage Follower) 


Frequency Compensation.AN-79 

High Current Buffer. AN-4, AN-29, AN-31, 
AN-48, AN-227, AN-446 

High Input Impedance.AN-29, AN-31, 

AN-32, AN-48, AN-72, AN-227, 
AN-241, AN-253, LB-1 

High Resolution (Video).AN-813, 

AN-861, AN-867 

High Speed.AN-227, AN-253, AN-549, 

AN-597, AN-840, AN-1255, LB-42 

High Speed Peak Detector.AN-227 

High Speed Sample and Hold.AN-253 

High Voltage.AN-72, AN-127, AN-446, 

TP-14 

Input Guarding.AN-29, AN-447 

Instrumentation.AN-29, AN-31, AN-71, 

AN-79, AN-222, AN-242, LB-1, 
LB-21 


Instrumentation Shield/Line Driver. AN-48 
Integrator.. AN-20, AN-29, AN-31, AN-32, 

AN-72, AN-88 
Inverting.... AN-20, AN-31, AN-71, AN-72, 

LB-17 

Isolation.AN-285 

Level Shifting.AN-4, AN-32, AN-48 

Line Receiver.AN-72 

Logarithmic Converter.AN-29, AN-30, 

AN-31, AN-311 
Low Drift.. AN-79, AN-222, LB-22, LB-24, 

LB-52 

Low Frequency.AN-74 

Low Noise.AN-222, AN-346, LB-52 

Low Offset.AN-242 

Low Voltage.AN-211, TP-14 

Meter.AN-71 

Microphone.AN-346 

Micropower.AN-71 

Nano-Watt.AN-71 

Noise.AN-241 

Noise Specifications.AN-104, LB-26, 

OA-12, OA-14 

Non-Inverting.AN-20, AN-31, AN-72 

Non-Linear.AN-4, AN-31 

Norton.AB-24, AN-72, AN-278 

Operational... AN-4, AN-A, AN-20, AN-29, 
AN-31, AN-211, AN-241 

Output Resistance.AN-29 

Paralleling.LB-44 
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Photocell.AN-20 

Photodiode. AN-20, AN-29, AN-31, LB-12 

Photoresistor Bridge.AN-29 

Piezoelectric Transducer.... AN-29, AN-31 
Power.... AN-69, AN-72, AN-110, AN-127, 
AN-446, AN-898, AN-446B, LB-44 
(see also Buffers, High Current) 

Preamplifier.AN-79, AN-346, LB-24, 

LB-52 

Rejection, Power Supply.AN-29 

Reset Stabilized.AN-20 

RF.(see RF Amplifier) 

RGB.AN-861 

Sample and Hold.... AN-4, AN-29, AN-31, 
AN-32, AN-48, AN-72, LB-11 

Single Supply.AN-72, AN-116, AN-211 

Solar Cell.AN-4 

Specifying Selected Parameters.... LB-26 

Squaring. AN-72 

Strain Gauge.AN-222 

Summing.AN-20, AN-31 

Temperature Probe.AN-31, AN-56 

Transmission Line Driver.AN-4 

Tutorial Study of Op Amps.AN-A 

Variable Gain.AN-31, AN-32, AN-299, 

AN-346, LB-1 (see also AGC) 
Very High Current Booster with High 

Compliance.AN-127 

Video.AN-480 

Wide Band Buffer.AN-227 

Analog Math Function 

Analog Divider.AN-4, AN-30, AN-31 

Analog Multiplier.AN-4, AN-20, AN-30, 

AN-31 

Cube Generator.AN-30, AN-31 

Logarithmic Amplifier.AN-29, AN-30, 

AN-31, AN-211 

Analog Switch .AN-32 

Analog-to-Digital Conversion .AN-156, 

AN-245 

10-Bit Data Formats.AN-277 

12-Bit Data Formats.AN-245 

15-Bit Single Slope Integrating 

Converter.AN-295 

6800 uP Interface.AN-247 

8080 uP Interface.AN-247 

Absolute Conversion.AN-247 

Accuracy.AD-01, AN-156, AN-276, 

AN-804 

Analog Input Considerations.AN-247 

Auto Gain Ranging.AN-245 


Binary Codes.AN-156 

Converters. AN-C, AN-D, AN-87, AN-156, 
AN-162, AN-193, AN-233, AN-245, 
AN-247, AN-258, AN-260, AN-274, 
AN-276, AN-281, LB-6 

Current Source.AN-202 

Dielectric Absorption.AN-260 

Differential Analog Input... AD-04, AN-233 

Dual Slope Converter.AN-260 

Errors.... AD-02, AD-03, AN-156, AN-804, 

AN-1261 

FET Switched Multiplexer.AN-260 

Free-Running Interface.LB-53 

Grounding Considerations.AD-01, 

AN-274 

High Speed Conversion.AD-01, AD-02 

Integrating 10-Bit.AN-262 

Integrating Converters.AN-260 

Integrator Comparator.AN-260 

Linearity Error Specifications.AN-156 

Logarithmic.AN-274 

Microprocessor Compatible.AN-280, 

AN-281, AN-929, AN-947, AN-949 
Microprocessor Controlled Offset 

Adjust.AN-274 

Offset Adjust.AN-274 

Ramp Generator.AN-260 

Ratiometric Conversion.AN-247 

References.AN-184 

Resolution.AN-156, AN-276 

Sampled Data Comparator.AN-276 

Sampled Data Comparator Input. AN-274 

Single Slope Converter.AN-260 

Single Supply.AN-245, AN-284 

Span Adjustment.AN-233, AN-274 

Specifications.AD-01, AN-156, AN-769 

Successive Approximation Register 

(SAR).AN-193 

Testing.AD-02, AN-233 

Voltage Comparator.AN-276 

Voltage Mode.AN-284 

Z-80 Interface.AN-247 

Analog-to-Digital Converter 

As a Divider.AN-233 

As a Voltage Comparator.AN-233 

High Speed.AN-237 

AND Gate .AN-72, AN-74 

Anti-Log Generator .AN-30, AN-31 

Arc Protection (CRT) .AN-861 

Attenuation .(see also AGC) 
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Digital.AN-284 

Audio 

Mixer.AN-72 

Preamplifier.AN-346 

Audio Amplifier .AN-32, AN-69, AN-72, 

AN-346, AN-898 (see also Amplifier) (see 
also FM Stereo, Amplifiers) 

Bridge Amplifier.AN-69 

Current Booster.AN-127 

Intercom.AN-69 

Phono.AN-346 

Power Amplifier.AN-69, AN-147 

RIAA.AN-346 

Tone Control.AN-69, AN-147 

Voltage-Controlled.AN-299 

Automatic Gain Control .(see AGC) 

Automotive 

Anti-Skid Circuit.AN-162 

Breaker Point Dwell Meter.AN-162 

DC Motor Control.AN-1049 

Multiplex Wiring.AN-454, AN-915 

Tachometer.AN-162 


Bandpass Filter .AN-72, AN-307, AN-346, 

AN-779, LB-11 

Bandwidth 

Extended.AN-29, LB-2, LB-4, LB-19 

Full Power.AN-769, LB-19 

Battery 

Charger.AN-946, AN-1164, AN-1165, 

LB-35 

Protection.AN-1067, AN-1068 

Bessel Filter .AN-779 


Bias Current .(see Drift Compensation) 

Bi-Quad Filter .AN-72 


Blinker 

Lamp.AN-110 

Low Voltage 1C.AN-154 

Two Wire.AN-154 

Board Layout .AD-01, AN-29, AN-1002, 

AN-1149, AN-1157, AN-1229, AN-1261 

Bolometer (Comparator) .LB-32 

Bridge Amplifier .AN-29, AN-31 

Buffers .AN-49, AN-227 (see also Voltage 

Followers) 

High-Current.AN-4, AN-29, AN-31, 

AN-48, AN-272, LB-44 


Using CMOS Amplifiers.AN-88 

Butterworth Filter .AN-779 


Bypassing, Supply Terminal ... AN-4, AN-227, 
AN-253, AN-1002, LB-2, LB-15 


Cable Driver 

Coaxial.AN-227 

CAD System .AB-7 

Capacitance Multiplier .AN-29, AN-31 

Digitally Controlled.AN-271 

Programmable.AN-344 

Capacitive Transducer .AN-162 


Capacitors 

Bypass.AN-4, LB-2, LB-15 

Compensation.AN-29 (see also 

Frequency Compensation) 

Dielectric Polarization.AN-29 

Electrolytic as Timing Capacitor.AN-97 

Filter, Power Supply.AN-23 

Multiplier, Capacitance.AN-29, AN-31 

Tantalum Bypass.LB-15 

Cascode Amplifier . .AN-32 

Charger 

Battery.AN-946, LB-35 

Chebeyshev Filter .AN-779 

Chopper Drives .AN-828 

Chopper Stabilized Amplifier .AN-49 

Alternatives.AN-79 


Circuit Descriptions 

LM10 Op Amp/Reference. AN-211, TP-14 
LM105/LM205/LM305 Positive Voltage 

Regulator.AN-23 

LM108/LM208/LM308 Operational 

Amplifier.AN-29 

LM109/LM209/LM309 Three Terminal 

Regulator.AN-42 

LM110/LM210/LM310 Voltage 

Follower.LB-11 

LM111/LM211/LM311 Voltage 

Comparator.AN-41, LB-12 

LM113 1.2V Reference Diode.AN-56 

LM118/LM218/LM318 High Slew Rate Op 

Amp.LB-17 

LM12 150W Op Amp.AN-446A, 

AN-446B 

LM1894 DNR.AN-386 

LM195/LM395 1C Power 

Transistor.AN-110 

LM34/LM35 Temperature 

Sensor.AN-460 

LM3900 Quad Amplifier.AN-72 

LM4250 Micropower Programmable Op 
Amp.AN-71 
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LM565 Phase Locked Loop.AN-46 

LM78S40 Switching Regulator.AN-711 

Clamp 

Back Porch.AN-861 

Grid (CRT).AN-867 

Precision.AN-31, LB-8 

Comparators .(see Voltage Comparators) 

Compensation 

Cold Junction.AN-222, AN-225 

Drift.(see Drift Compensation) 

Frequency.(see Frequency 

Compensation) 

Temperature.(see Drift Compensation) 

Component Noise .(see Noise, Component) 

Control System 

Environmental.AN-193 

Converter 

AC to DC.AN-31, LB-8 

Analog-to-DIgital... (see Analog-to-Digital) 

Cable.AN-391 

Current-to-Voltage.AN-20, AN-31 

DC-to-DC.(see also Switching 

Regulator) 

Delta Sigma.AN-1002 

Digitally Programmable Band 

Pass Filter.AN-299 

Digitally Programmable Panner 

Attenuator.AN-299 

Frequency-to-Voltage.AN-C, AN-D, 

AN-97, AN-210, LB-45 

Logarithmic.AN-29, AN-30, AN-31 

Phono Preamp.AN-299 

Switched Capacitor.(see Switched 

Capacitor Converter) 

Voltage Controlled Amplifier.AN-299 

Voltage-to-Frequency.AN-D, AN-286, 

AN-299 

Crossovers 

Active.AN-346 

Crosstalk 

Microcomputer Bus.AN-337 

CRT 

Deflection Circuitry.AN-656 

Monitor.AN-656 

Crystal Oscillator .AN-32, AN-41, AN-74, 

AN-402 

Cube Generator .AN-30, AN-31 

Current Amplifier 

High Output.AN-227, AN-262 

Current Booster .AN-127, AN-227 


Current Limiting 

1 A, 65V Power Supply with Variable 

Current Limit.AN-127 

External.AN-29, AN-82, AN-227 

Foldback.AN-23, AN-82 (see Foldback 

Current Limiting) 

Output Short Circuit.AN-72, AN-227, 

AN-446A 

Sense Voltage Reduction .. AN-31, AN-32 

Switchback.(see Foldback Current 

Limiting) 

Two Terminal Current Limiter.AN-110 

Current Loop .AN-300 

Current Measurement .AN-300 

Current Mirror .AN-72 

Current Motor .AN-31, AN-32, AN-300 (see 

also Current-to-Voltage Converter) 

Current Noise .(see Noise, Current) 

Current Sink 

Digitally Controlled.AN-271 

Fixed.AN-72 

Precision.AN-20, AN-31, AN-32 

Current Source 

200mA.AN-103 

Bilateral.AN-29, AN-31 

High Compliance.AN-127 

High Current.AN-42 

Multiple.AN-72 

Precision.AN-20, AN-31, AN-32 

Programmable.AN-344 

Two Terminal.AN-110 

Current-to-Frequency Converter .AN-240 

Current-to-Voltage Converter... AN-20, AN-31 

Data Acquisition System .AN-906, AN-947, 

AN-949 

DC Servo-Motor Controllers .AN-460 

DC-to-AC Converter .LB-18 

DC-to-DC Converter . (see Switched Capacitor 
Converter or Switching Regulator) 

Delay Switch .AN-110 (see also Timers) 

Two-Terminal.AN-97 

Demodulators 

AM-FM.AN-46 

Frequency Shift Keying.AN-46 

IRIG Channel.AN-46 

Weather Satellite Picture.AN-46 

Detectors .AN-391 

Peak.AN-87, AN-386 
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Pulse Width .(see Pulse Width 

Detectors) 

Synchronous.AN-391 

True RMS.LB-25 

Zero Cross.AN-74 (see also 

Demodulators) 

Dielectric Absorption .AN-260 

Dielectric Polarization Capacitor .AN-29 

Difference Amplifier .AN-20, AN-29, AN-31, 

AN-72 

Differential Integrator .AN-72, AN-1244 

Differential Signal Commutator .AN-49 

Differentiator .AN-29, AN-31, AN-72 


Digital Divider 

Variable Ratio.AN-286 

Digital Gainset .AN-344 

Digital Instrumentation Amplifier .AN-344 

Digital Multimeter .AN-202 

Digital Signal Processing (DSP) .AN-236, 

AN-237, AN-255 

Digital Switching Circuits .AN-72 

Digital Voltage Meter (DVM) .AN-200 

Digital-to-Analog Converter .AN-48 

4 to 20mA Current Loop.AN-271 

4-Quadrant Multiplexing.AN-271 

Amplifier Gain Control.... AN-271, AN-284 
Composite Low Offset Fast 

Amplifier.AN-271 

Digitally Controlled AC 

Attenuator.AN-284 

Digitally Controlled Capacitance 

Amplifier.AN-271 

Digitally Controlled Current Sink.. AN-271 
Digitally Controlled Function 

(Generator.AN-271 

Fligh Voltage Output.AN-271, AN-293 

Microprocessor Compatible.AN-275, 

AN-284 

Output Range Level Shifting.AN-271 

Plate Driving Deflection Amplifier. AN-293 
Processor Controlled Shaker Table 

Driver.AN-293 

Scanner Control.AN-293 

Single Supply Voltage Mode.AN-271 

Temperature Limit Controller.AN-293 

Used as a Digitally Programmable 

Potentiometer.AN-271 

Vernier Adjustment.AN-271 

Diode 

Clamps.AN-861 


Precision.AN-31, AN-173, LB-8 

Protective.AN-861 

Reference.AN-110 

Zener.AN-56 


Zenered Transistor Base-Emitter 


Junction.AN-71 

Discrete Time System .AN-236 

Discriminator, Multiple Aperture 

Window .AN-31 


Display Driver 

7-Segment Gas Discharge Tube ... AN-84 


White LED . AN-1221, AN-1250, AN-1251 
Divider, Analog.. AN-4, AN-30, AN-31, AN-222 

DNR 

Applications.AN-390 

Calibration.AN-390 

Cascading.AN-390 

Circuit Design.AN-386 

Operating Principles.AN-384 

Double Sideband Modulator .AN-49 

Doubler, Frequency .AN-41 

Drift 

Minimizing in Amplifiers... AN-242, LB-22, 

LB-32 

Drift Compensation .AN-79, AN-242 

Bias Current.AN-20, AN-29, AN-31 

Board Layout.AN-29 

Gain, Transistor.AN-56 

Guarding Inputs.AN-29 

Integrator, Low Drift.AN-31 

Non-Linear Amplifiers.AN-4, AN-31 

Offset Voltage.AN-20, AN-31, AN-242 

Reset Stabilized Amplifier.AN-20 

Sample and Hold.AN-4, AN-29 

Transistor Gain.AN-56 


Voltage Regulator.. AN-23, AN-42, LB-15 

Drift, Voltage and Current .AN-29 (see also 

Drift Compensation) 
Drivers.... (see also Voltage Followers, Buffers, 

Amplifiers) 


Cable.AN-813 

Chopper.AN-828 

L/R.AN-828 

MOS Clock Driver.AN-74 

Zero Crossing Detector and Line 

Driver.AN-162 


D-to-A Converter .(see Dlgital-to-Analog) 

Dwell Meter .AN-162 

Dynamic Specifications .AN-769 
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ECL .(see Emitter Coupled Logic) 

Electronic Shutdown .AN-82, AN-103 

Elliptic Filter .AN-706, AN-779 

EMI (Electromagnetic Interference)... AN-861 
Emitter Coupled Logic 

Direct Interfacing.AN-87 

Equalizer, Graphic .AN-435 

Errors 

Low Error Amplifiers.LB-21 

Reducing Comparator Errors for 1 uV 

Sensitivity.LB-32 

Evaluation Board 

Op Amp 

CLC5506.AN-1138 

LDO 

LP298X.AN-1172 

LP2995.AN-1241 

LP3985.AN-1219 

Switched Capacitor 

LM2661/LM2663/LM2664. AN-1142 

LM2787.AN-1209 

LM3354/LM3355.AN-1214 

Switching Regulator 

LM2593HV.AN-1207 

LM2611.AN-1203 

LM2622.AN-1198 

LM2633.AN-1208 

LM2642.AN-1239 

LM2650.AN-1071 

LM2651-3.3.AN-1143 

LM2653.AN-1133 

LM2655.AN-1215 

LM2675.AN-1120 

LM267X 3A/5A.AN-1135 

LM2698.AN-1202 

LM2727.AN-1247 

LM2791/2/4/5.AN-1218 

LM3477 .AN-1193 

LM3478/LM3488.AN-1204 

LM3485.AN-1227 

Fan Control .AN-1260, AN-1262 

Feedforward Compensation .LB-2, LB-14, 

LB-17 

Ferrite Bead .AN-23 

FET 

Amplifier.AN-32 

Operational Amplifier Input. AN-4, AN-29, 
AN-32, AN-447 
Switches.AN-32, AN-447 


Volt Meter.AN-32 

Filter .AN-307 

Adjustable Q.. AN-31, LB-5 

Anti-Aliasing.AN-1002 

Bandpass. AN-72, AN-779, LB-11, OA-28 
(see also Filter, Notch) 

Bessel.AN-779 

Bi-Quad.AN-72 

Butterworth.AN-779 

Chebeyshev.AN-779 

Digitally Programmable Gain.AN-269 

Elliptic.AN-779 

Full Wave Rectifying and 

Averaging.AN-20, AN-31 

High Pass Active Filter.AN-31, AN-72, 

AN-227, AN-779. LB-11, OA-26, 
OA-29 

Infrasound.AN-346 

Low Distortion.AN-386 

Low Pass Active Filter.AN-20, AN-31, 

AN-72, AN-286, AN-779, OA-26, 
OA-27 

Low Pass Adjustable.AN-384, AN-386 

Notch .... AN-31, AN-48, AN-227, AN-779, 


LB-5, LB-11 

Notch, Adjustable Q.AN-31, AN-779, 

LB-5 

PID.AN-693, AN-706 

Power Supply.AN-23 

Programmable.AN-344 

Sallen Key.AN-779, OA-21, OA-26 

Sensitivity Functions.AN-72 

Surface Acoustic Wave.. AN-391 

Switched Capacitor.AN-779 

Tone Control.AN-32 

Ultrasound.AN-346 

Vestigial Side Band.AN-402 

Flasher 

Inexpensive 1C.AN-154 

Lamp.AN-110 

Two-Wire.AN-154 

Flip-Flop, Trigger .AN-72 

Fluid Level Control .AB-10 

Flyback Power Supply .AB-30, AN-556, 

AN-715, AN-1055, AN-1061, AN-1082, 

AN-1095 

FM 

Blend.AN-390 

Calibration Modulation Level.AN-402 

FM Stereo .AN-512 
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Receiver.AN-147 

Remote Speaker.AN-146 

Foldback Current Limiting .AN-82 

Temperature Sensitivity.AN-23 

Foliowers, Voitage .(see Voltage Follower) 

Frequency Compensation .AN-79 

Bandwidth, Extended.AN-29, LB-2, 

LB-4, LB-19, LB-42 

Bootstrapped Shunt.AN-29 

Capacitance, Stray.AN-4, AN-31 

Capacitive Loads.AN-4, AN-446, 

AN-447, AN-1148, LB-14, LB-42 

Differentiator.AN-20 

Feedforward.LB-2, LB-17 

Ferrite Bead.AN-23 


Hints.AN-4, AN-20, AN-23, AN-41, 

AN-447, AN-1148, LB-2, LB-4, 
LB-42 

Multiplier.AN-210 

Multivibrator.AN-4 


Oscillation, Involuntary.AN-4, AN-20, 

AN-29, AN-446, AN-1148 

Frequency Doubler .AN-41 

Frequency Response .LB-19 (see also 


Frequency Compensation) 

Frequency Shift Keying Demodulator. AN-46 

Frequency-to-Current Converter .AN-162 

Frequency-to-Voitage Converter .AN-C, 

AN-D, AN-97, AN-162, AN-210 
Full Power Bandwidth .AN-769, LB-19 


Function Generator .(see Generator) 

Gain Control 

Digital.AN-269 

Voltage Controlled.AN-299 (see also 

AGC) 

Gain Test Set .AN-24 

Gates, OR and AND .AN-72 


Generator 

Digitally Controlled.AN-435 

Multiple Function.LB-23 

One Shot.AN-88 

Programmable.AN-344 

Pulse Generator.AN-74 

Sine Wave.AN-20, AN-31, LB-16 

Square Wave.AN-74, AN-88, AN-154, 

LB-23 

Staircase.AN-88, AN-162 

Triangle Wave.LB-23 (see also 

Oscillator) 


Graphic Equalizer 

Digitally Controlled.AN-435 

Guard Driver. AN-48, AN-227 

Guarding Amplifier Inputs. AN-29 

Gyrator. (see Inductor, Simulated) 

Hall Effect Sensor (Comparator). LB-32 

Harmonic Distortion. AN-769 

H-Bridge. AN-693, AN-694 

High Frequency. AN-227, AN-253, AN-391 

High Pass Active Filter. AN-31 , AN-72, 

AN-307, AN-346, AN-779, LB-11 

High Pass Filter. AN-227, AN-307, AN-346 

High Speed Op Amp. AN-278, LB-42 

High Speed Peak Detector. AN-227 

High Speed Shield/Line Driver. AN-227 

High Voltage 
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Transmission Line 

Maintaining Signal Quality.AN-806, 

AN-807, AN-808 
Termination.AN-903 
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FM Remote Speaker.AN-146 
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Triac Trigger .AN-154 
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Video .AN-391, AN-656 

Differential Gain and Phase.AN-480 

Signal Transmission.AN-1240 

Voltage Comparator... AN-41, AN-74, AN-103, 

AN-286, LB-39 

AC Coupled. LB-6 
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PCI.AN-1077 

Voltage Follower 

1 Amp.AN-110 
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Comparison.LB-11 

Frequency Compensation.LB-42 
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Offset Adjustment.AN-31, LB-9 
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Voltage Reference. AN-20, AN-31, AN-56 
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High Current.AB-11, AN-103, AN-110 

High Current Dual Tracking.AN-82 

High Input Voltage.AN-103, AN-211 

Improving Reliability.AN-182 

Low Dropout.AB-11, AB-12, AN-1219 

PNP.AB-11, AB-12 

Trimming.LB-46 

Voltage Regulators (Switching) .(see 

Switching Regulators) 

Voltage-to-Frequency Converter (see also 
Analog-to-Digital Converter and 

Voltage-Controlled Oscillator).AN-C, 

AN-D, AN-210, AN-240, LB-45 

Volt Meter .AN-32, AN-71, LB-45 

Weighing System 

Precision.AN-295 

Wien Bridge Oscillator. AN-20, AN-31, AN-32, 

AN-263 

Window Discriminator 

Multiple Aperture.AN-31 

Zener Diode (see also Reference) 
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Monolithic Op Amp—The 
Universai Linear 
Component 

Introduction 

Operational amplifiers are undoubtedly the easiest and best 
way of performing a wide range of linear functions from 
simple amplification to complex analog computation. The 
cost of monolithic amplifiers is now less than $2.00, in large 
quantities, which makes it attractive to design them into 
circuits where they would not otherwise be considered. Yet 
low cost IS not the only attraction of monolithic amplifiers. 
Since all components are simultaneously fabricated on one 
chip, much higher circuit complexities than can be used with 
discrete amplifiers are economical. This can be used to give 
improved performance. Further, there are no insurmountable 
technical difficulties to temperature stabilizing the amplifier 
chip, giving chopper-stabilized performance with little added 
cost. 

Operational amplifiers are designed for high gain, low offset 
voltage and low input current. As a result, dc biasing is 
considerably simplified in most applications; and they can be 
used with fairly simple design rules because many potential 
error terms can be neglected. This article will give examples 
demonstrating the range of usefulness of operational ampli¬ 
fiers in linear circuit design. The examples are certainly not 
all-inclusive, and it is hoped that they will stimulate even 
more ideas from others. A few practical hints on preventing 
oscillations in operational amplifiers will also be given since 
this is probably the largest single problem that many engi¬ 
neers have with these devices. 

Although the designs presented use the LM101 operational 
amplifier and the LM102 voltage follower produced by Na¬ 
tional Semiconductor, most are generally applicable to all 
monolithic devices if the manufacturer’s recommended fre¬ 
quency compensation is used and differences in maximum 
ratings are taken into account. A complete description of the 
LM101 IS given elsewhere;'' but, briefly, it differs from most 
other monolithic amplifiers, such as the LM709,^ in that it has 
a ±30V differential input voltage range, a +15V, -12V com¬ 
mon mode range with ±15V supplies and it can be compen¬ 
sated with a single 30 pF capacitor. The LM102,^ which is 
also used here, is designed specifically as a voltage follower 
and features a maximum input current of 10 nA and a 
10 V/ps slew rate. 

Operational-Amplifier Oscillator 

The free-running multivibrator shown in Figure 1 is an excel¬ 
lent example of an application where one does not normally 
consider using an operational amplifier. However, this circuit 
operates at low frequencies with relativeiy small capacitors 
because it can use a longer portion of the capacitor time 
constant since the threshold point of the operational ampli¬ 
fier is well determined. In addition, it has a 
completely-symmetrical output waveform along with a buff¬ 
ered output, although the symmetry can be varied by return¬ 
ing R2 to some voltage other than ground. 


National Semiconductor 
Application Note 4 
Robert J. Widlar 


R1 

160K 



‘Chosen for oscillation at 100 Hz 

FIGURE 1. Free-Running Multivibrator 

Another advantage of the circuit is that it will always self start 
and cannot hang up since there is more dc negative feed¬ 
back than positive feedback. This can be a problem with 
many “textbook” multivibrators. 

Since the operational amplifier is used open loop, the usual 
frequency compensation components are not required since 
they will only slow it down. But even without the 30 pF 
capacitor, the LM101 does have speed limitations which 
restrict the use of this circuit to frequencies below about 2 
kHz. 

The large input voltage range of the LM101 (both differential 
and single ended) permits large voltage swings on the input 
so that several time constants of the timing capacitor. Cl, 
can be used. With most other amplifiers, R2 must be re¬ 
duced to keep from exceeding these ratings, which requires 
that Cl be increased. Nonetheless, even when large values 
are needed for Cl, smaller polarized capacitors may be 
used by returning them to the positive supply voltage instead 
of ground. 

Level Shifting Amplifier 

Frequently, in the design of linear equipment, it is necessary 
to take a voltage which is referred to some dc level and 
produce an amplified output which is referred to ground. The 
most straight-forward way of doing this is to use a differential 
amplifier similar to that shown in Figure 2a. This circuit, 
however, has the disadvantages that the signal source is 
loaded by current from the input divider, R3 and R4, and that 
the feedback resistors must be very well matched to prevent 
erroneous outputs from the common mode input signal. 
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Level Shifting Ampiifier (Continued) 

A circuit which does not have these problems is shown in 
Figure 2b. Here, an FET transistor on the output of the 
operational amplifier produces a voltage drop across the 
feedback resistor, R1, which is equal to the input voltage. 
The voltage across R2 will then be equal to the input voltage 
multiplied by the ratio, R2/R1; and the common mode rejec¬ 
tion will be as good as the basic rejection of the amplifier, 
independent of the resistor tolerances. This voltage is buff¬ 
ered by an LM102 voltage follower to give a low impedance 
output. 

An advantage of the LM101 in this circuit is that it will work 
with input voltages up to its positive supply voltages as long 
as the supplies are less than ±15V. 

Voltage Comparators 

The LM101 is well suited to comparator applications for two 
reasons: first, it has a large differential input voltage range 
and, second, the output is easily clamped to make it com¬ 
patible with various driver and logic circuits. It is true that it 
doesn’t have the speed of the LM710"^ (10 ps versus 40 ns, 
under equivalent conditions); however, in many linear appli¬ 
cations speed is not a problem and the lower input currents 
aiong with higher voltage capability of the LM101 is a tre¬ 
mendous benefit. 

Two comparator circuits using the LM101 are shown in 
Figure 3. The one in Figure 3a shows a clamping scheme 
which makes the output signal directly compatible with DTL 


or TTL integrated circuits. An LM103 breakdown diode 
clamps the output at OV or 4V in the low or high states, 
respectively. This particular diode was chosen because it 
has a sharp breakdown and low equivalent capacitance. 
When working as a comparator, the amplifier operates open 
loop so normally no frequency compensation is needed. 
Nonetheless, the stray capacitance between Pins 5 and 6 of 
the amplifier should be minimized to prevent low level oscil¬ 
lations when the comparator is in the active region. If this 
becomes a problem a 3 pF capacitor on the normal compen¬ 
sation terminals will eliminate it. 

Figure 3b shows the connection of the LM101 as a compara¬ 
tor and lamp driver. Q1 switches the lamp, with R2 limiting 
the current surge resulting from turning on a cold lamp. R1 
determines the base drive to Q1 while D1 keeps the amplifier 
from putting excessive reverse bias on the emitter-base 
junction of Q1 when it turns off. 

More Output Current Swing 

Because almost all monolithic amplifiers use class-B output 
stages, they have good loaded output voltage swings, deliv¬ 
ering ± 10V at 5 mA with ±15V supplies. Demanding much 
more current from the integrated circuit would require, for 
one, that the output transistors be made considerably larger. 
In addition, the increased dissipation could give rise to 
troublesome thermal gradients on the chip as well as exces¬ 
sive package heating in high-temperature applications. It is 
therefore advisable to use an external buffer when large 
output currents are needed. 





a. Standard Differential Amplifier 


v+ 



00735703 

b. Level-Isolation Ampiifier 


FIGURE 2. Level-Shifting Amplifiers 
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More Output Current Swing (Continued) 



TTL integrated circuits 



b. Comparator and Lamp Driver 


FIGURE 3. Voltage Comparator Circuits 





30 pF 

00735706 

FIGURE 4. High Current Output Buffer 

A simple way of accomplishing this is shown in Figure 4. A 
pair of complementary transistors are used on the output of 
the LM101 to get the increased current swing. Although this 
circuit does have a dead zone, it can be neglected at fre¬ 
quencies below 100 Hz because of the high gam of the 
amplifier. R1 is included to eliminate parasitic oscillations 
from the output transistors. In addition, adequate bypassing 
should be used on the collectors of the output transistors to 
insure that the output signal is not coupled back into the 
amplifier. This circuit does not have current limiting, but it can 
be added by putting 50Q resistors in series with the collec¬ 
tors of Q1 and Q2. 

A FET Amplifier 

For ambient temperatures less than about 70°C, junction 
field effect transistors can give exceptionally low input cur¬ 
rents when they are used on the input stage of an opera¬ 
tional amplifier. However, monolithic FET amplifiers are not 


now available since it is no simple matter to diffuse high 
quality FET’s on the same chip as the amplifier. Nonethe¬ 
less, it is possible to make a good FET amplifier using a 
discrete FET pair in conjunction with a monolithic circuit. 
Such a circuit is illustrated in Figure 5. A matched FET pair, 
connected as source followers, is put in front of an integrated 
operational amplifier. The composite circuit has roughly the 
same gain as the integrated circuit by itself and is compen¬ 
sated for unity gain with a 30 pF capacitor as shown. Al¬ 
though It works well as a summing amplifier, the circuit 
leaves something to be desired in applications requiring high 
common mode rejection. This happens both because resis¬ 
tors are used for current sources and because the FET’s by 
themselves do not have good common mode rejection. 



00735707 

FIGURE 5. FET Operational Amplifier 



1-5 


WWW. national com 


AN-4 




AN-4 


Storage Circuits 

A sample-and-hold circuit which combines the low input 
current of FET’s with the low offset voltage of monolithic 
amplifiers is shown in Figure 6. The circuit is a unity gain 
amplifier employing an operational amplifier and an FET 
source follower. In operation, when the sample switch, Q2, is 


turned on, it closes the feedback loop to make the output 
equal to the input, differing only by the offset voltage of the 
LM101. When the switch is opened, the charge stored on C2 
holds the output at a level equal to the last value of the input 
voltage. 



FIGURE 6. Low Drift Sample and Hold 


Some care must be taken in the selection of the holding 
capacitor. Certain types, including paper and mylar, exhibit a 
polarization phenomenon which causes the sampled voltage 
to drop off by about 50 mV, and then stabilize, when the 
capacitor is exercised over a 5V range during the sample 
interval. This drop off has a time constant in the order of 
seconds. The effect, however, can be minimized by using 
capacitors with teflon, polyethylene, glass or polycarbonate 
dielectrics. 

Although this circuit does not have a particularly low output 
resistance, fixed loads do not upset the accuracy since the 
loading is automatically compensated for during the sample 
interval. However, if the load is expected to change after 
sampling, a buffer such as the LM102 must be added be¬ 
tween the FET and the output. 

A second pole is introduced into the loop response of the 
amplifier by the switch resistance and the holding capacitor, 
C2. This can cause problems with overshoot or oscillation if 
it is not compensated for by adding a resistor, R1, in series 
with the LM101 compensation capacitor such that the break¬ 
point of the R1C1 combination is roughly equal to that of the 
switch and the holding capacitor. 

It is possible to use an MOS transistor for Q1 without wor¬ 
rying about the threshold stability. The threshold voltage Is 
balanced out during every sample interval so only the 
short-term threshold stability is important. When MOS tran¬ 
sistors are used along with mechanical switches, drift rates 
less than 10 mV/min can be realized. 

Additional features of the circuit are that the amplifier acts as 
a buffer so that the circuit does not load the input signal. 



FIGURE 7. Positive Peak Detector with Buffered Output 

Further, gain can also be provided by feeding back to the 
inverting input of the LM101 through a resistive divider in¬ 
stead of directly. 
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storage Circuits (Continued) 

The peak detector in Figure 7 is similar in many respects to 
the sample-and-hold circuit. A diode is used in place of the 
sampling switch. Connected as shown, it will conduct when¬ 
ever the input is greater than the output, so the output will be 
equal to the peak value of the input voltage. In this case, an 
LM102 is used as a buffer for the storage capacitor, giving 
low drift along with a low output resistance. 

As with the sample and hold, the differential input voltage 
range of the LM101 permits differences between the input 
and output voltages when the circuit is holding. 

Non-Linear Amplifiers 

When a non-linear transfer function is needed from an op¬ 
erational amplifier, many methods of obtaining it present 
themselves. However, they usually require diodes and are 
therefore difficult to temperature compensate for accurate 
breakpoints. One way of getting around this is to make the 
output swing so large that the diode threshold is negligible by 
comparison, but this is not always practical. 

A method of producing very sharp, temperature-stable 
breakpoints in the transfer function of an operational ampli¬ 
fier is shown in Figure 8. For small input signals, the gain is 
determined by R1 and R2. Both Q2 and Q3 are conducting 


to some degree, but they do not affect the gain because their 
current gain is high and they do not feed any appreciable 
current back into the summing mode. When the output volt¬ 
age rises to 2V (determined by R3, R4 and V"), Q3 draws 
enough current to saturate, connecting R4 in parallel with 
R2. This cuts the gain in half. Similarly, when the output 
voltage rises to 4V, Q2 will saturate, again halving the gain. 
Temperature compensation is achieved in this circuit by 
including Q1 and Q4. Q4 compensates the emitter-base 
voltage of Q2 and Q3 to keep the voltage across the feed¬ 
back resistors, R4 and R6, very nearly equal to the output 
voltage while Q1 compensates for the emitter base voltage 
of these transistors as they go into saturation, making the 
voltage across R3 and R5 equal to the negative supply 
voltage. A detrimental effect of Q4 is that it causes the output 
resistance of the amplifier to increase at high output levels. It 
may therefore be necessary to use an output buffer if the 
circuit must drive an appreciable load. 

Servo Preamplifier 

In certain servo systems, it is desirable to get the rate signal 
required for loop stability from some sort of electrical, lead 
network. This can, for example, be accomplished with reac¬ 
tive elements in the feedback network of the servo 
preamplifier. 


R5 Q2 
187 5K 2N2605 


R6 

50K 



FIGURE 8. Nonlinear Operational Amplifier with temperature-compensated breakpoints 


Many saturating servo amplifiers operate over an extremely 
wide dynamic range. For example, the maximum error signal 
could easily be 1000 times the signal required to saturate the 
system. Cases like this create problems with electrical rate 
networks because they cannot be placed in any part of the 
system which saturates. If the signal into the rate network 
saturates, a rate signal will only be developed over a narrow 
range of system operation; and instability will result when the 
error becomes large. Attempts to place the rate networks in 


front of the error amplifier or make the error amplifier linear 
over the entire range of error signals frequently gives rise to 
excessive dc error from signal attenuation. 

These problems can be largely overcome using the kind of 
circuit shown in Figure 9. This amplifier operates in the linear 
mode until the output voltage reaches approximately 3V with 
30 pA output current from the solar cell sensors. At this point 
the breakdown diodes in the feedback loop begin to conduct. 
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Servo Preamplifier (Continued) 

drastically reducing the gain. However, a rate signal will still 
be developed because current is being fed back into the rate 
network (R1, R2 and C1) just as it would if the amplifier had 
remained in the linear operating region. In fact, the amplifier 
will not actually saturate until the error current reaches 6 mA, 
which would be the same as having a linear amplifier with a 
±600V output swing. 


LM103 



FIGURE 9. Saturating Servo Preamplifier with Rate 
Feedback 


Computing Circuits 

In analog computation it is a relatively simple matter to 
perform such operations as addition, subtraction, integration 
and differentiation by incorporating the proper resistors and 


capacitors in the feedback circuit of an amplifier. Many of 
these circuits are described in reference 5. Multiplication and 
division, however, are a bit more difficult. These operations 
are usually performed by taking the logarithms of the quan¬ 
tities, adding or subtracting as required and then taking the 
antilog. 

At first glance, it might appear that obtaining the log of a 
voltage is difficult; but it has been shown® that the 
emitter-base voltage of a silicon transistor follows the log of 
Its collector current over as many as nine decades. This 
means that common transistors can be used to perform the 
log and antilog operations. 

A circuit which performs both multiplication and division in 
this fashion is shown in Figure 10. It gives an output which is 
proportional to the product of two inputs divided by a third, 
and it is about the same complexity as a divider alone. 

The circuit consists of three log converters and an antilog 
generator. Log converters similar to these have been de¬ 
scribed elsewhere,’' but a brief description follows. Taking 
amplifier A1, a logging transistor, Q1, is inserted in the 
feedback loop such that its collector current is equal to the 
input voltage divided by the input resistor, R1. Hence, the 
emitter-base voltage of Q1 will vary as the log of the input 
voltage E1. 

A2 is a similar amplifier operating with logging transistor, Q2. 
The emitter-base junctions of Q1 and Q2 are connected in 
series, adding the log voltages. The third log converter pro¬ 
duces the log of E3. This is series-connected with the antilog 
transistor, Q4; and the combination is hooked in parallel with 
the output of the other two log convertors. Therefore, the 
emitter-base of Q4 will see the log of E3 subtracted from the 
sum of the logs of E1 and E2. Since the collector current of 
a transistor varies as the exponent of the emitter-base volt¬ 
age, the collector current of Q4 will be proportional to the 
product of E1 and E2 divided by E3. This current is fed to the 
summing amplifier, A4, giving the desired output. 
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Computing Circuits (Continued) 
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FIGURE 10. Analog Multiplier/Divider 



1-9 


WWW national.com 


AN-4 




AN-4 


Computing Circuits (Continued) 

This circuit can give 1-percent accuracy for input voitages 
from 500 mV to 50V. To get this precision at iower input 
voltages, the offset of the amplifiers handling them must be 
individually balanced out. The zener diode, D4, increases 
the collector-base voltage across the logging transistors to 
improve high current operation. It is not needed, and is in 
fact undesirable, when these transistors are running at cur¬ 
rents less than 0.3 mA. At currents above 0.3 mA, the lead 
resistances of the transistors can become important (0.250 
is 1 -percent at 1 mA) so the transistors should be installed 
with short leads and no sockets. 

An important feature of this circuit is that its operation is 
independent of temperature because the scale factor 
change in the log converter with temperature is compen¬ 
sated by an equal change in the scale factor of the antilog 
generator. It is only required that Q1, Q2, Q3 and Q4 be at 
the same temperature. Dual transistors should be used and 
arranged as shown in the figure so that thermal mismatches 
between cans appear as Inaccuracies in scale factor 
(0.3-percent/°C) rather than a balance error (8-percent/°C). 
R12 is a balance potentiometer which nulls out the offset 
voltages of all the logging transistors. It is adjusted by setting 
all input voltages equal to 2V and adjusting for a 2V output 
voltage. 

The logging transistors provide a gain which is dependent on 
their operating level, which complicates frequency compen¬ 
sation. Resistors (R3, R6 and R7) are put in the amplifier 


output to limit the maximum loop gain, and the compensation 
capacitor is chosen to correspond with this gain. As a result, 
the amplifiers are not especially designed for speed, but 
techniques for optimizing this parameter are given in refer¬ 
ence 6. 

Finally, clamp diodes D1 through D3, prevent exceeding the 
maximum reverse emitter-base voltage of the logging tran¬ 
sistors with negative inputs. 

Root Extractor’^ 

Taking the root of a number using log converters is a fairly 
simple matter. All that is needed is to take the log of a 
voltage, divide it by, say Vz for the square root, and then take 
the antilog. A circuit which accomplishes this is shown in 
Figure 11. A1 and Q1 form the log converter for the input 
signal. This feeds Q2 which produces a level shift to give 
zero voltage into the R4, R5 divider for a 1V input. This 
divider reduces the log voltage by the ratio for the root 
desired and drives the buffer amplifier, A2. A2 has a second 
level shifting diode, Q3, its feedback network which gives the 
output voltage needed to get a 1V output from the antilog 
generator, consisting of A3 and Q4, with a unity input. The 
offset voltages of the transistors are nulled out by imbalanc- 
ing R6 and R8 to give 1V output for 1V input, since any root 
of one is one. 

Note: *The “extraction” used here doubtless has origin in the dental opera¬ 
tion most of us would fear less than having to find even a square root 
without tables or other aids 



FIGURE 11. Root Extractor 
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Root Extractor^ (Continued) 




b. Typical response 


FIGURE 12. Illustrating Loop Gain 


Q2 and Q3 are connected as diodes in order to simplify the 
circuitry. This doesn’t introduce problems because both op¬ 
erate over a very limited current range, and it is really only 
required that they match. R7 is a gain-compensating resistor 
which keeps the currents in Q2 and Q3 equal with changes 
in signal level. 

As with the multiplier/divider, the circuit is insensitive to 
temperature as long as all the transistors are at the same 
temperature. Using transistor pairs and matching them as 
shown minimizes the effects of gradients. 

The circuit has 1-percent accuracy for input voltages be¬ 
tween 0.5 and 50V. For lower Input voltages, A1 and A3 must 
have their offsets balanced out individually. 

Frequency Compensation Hints 

The ease of designing with operational amplifiers sometimes 
obscures some of the rules which must be followed with any 
feedback amplifier to keep it from oscillating. In general, 
these problems stem from stray capacitance, excessive ca¬ 
pacitive loading, inadequate supply bypassing or improper 
frequency compensation. 

In frequency compensating an operational amplifier, it is best 
to follow the manufacturer’s recommendations. However, if 
operating speed and frequency response is not a consider¬ 
ation, a greater stability margin can usually be obtained by 
increasing the size of the compensation capacitors. For 
example, replacing the 30 pF compensation capacitor on the 
LM101 with a 300 pF capacitor will make it ten times less 
susceptible to oscillation problems in the unity-gain connec¬ 
tion. Similarly, on the LM709, using 0.05 pF, 1.5 ktl, 2000 pF 
and 51Q components instead of 5000 pF, 1.5 kQ, 200 pF 
and 5^Q will give 20 dB more stability margin. Capacitor 
values less than those specified by the manufacturer for a 
particular gain connection should not be used since they will 
make the amplifier more sensitive to strays and capacitive 
loading, or the circuit can even oscillate with worst-case 
units. 

The basic requirement for frequency compensating a feed¬ 
back amplifier is to keep the frequency roll-off of the loop 
gain from exceeding 12 dB/octave when it goes through 
unity gain. Figure 12a shows what is meant by loop gain. 


The feedback loop is broken at the output, and the input 
sources are replaced by their equivalent impedance. Then 
the response is measured such that the feedback network is 
included. 

Figure 12b gives typical responses for both uncompensated 
and compensated amplifiers. An uncompensated amplifier 
generally rolls off at 6 dB/octave, then 12 dB/octave and 
even 18 dB/octave as various frequency-limiting effects 
within the amplifier come into play. If a loop with this kind of 
response were closed, it would oscillate. Frequency com¬ 
pensation causes the gain to roll off at a uniform 6 dB^ctave 
right down through unity gain This allows some margin for 
excess rolloff in the external circuitry. 

Some of the external influences which can affect the stability 
of an operational amplifier are shown in Figure 13. One is the 
load capacitance which can come from wiring, cables or an 
actual capacitor on the output. This capacitance works 
against the output impedance of the amplifier to attenuate 
high frequencies. If this added rolloff occurs before the loop 
gain goes through zero, it can cause instability. It should be 
remembered that this single rolloff point can give more than 
6 dB/octave rolloff since the output impedance of the ampli¬ 
fier can be increasing with frequency. 


R3 



FIGURE 13. External Capacitances that Affect Stability 
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Frequency Compensation Hints 

(Continued) 

A second source of excess rolloff is stray capacitance on the 
inverting input. This becomes extremely important with large 
feedback resistors as might be used with an FET-input am¬ 
plifier. A relatively simple method of compensating for this 
stray capacitance Is shown in Figure 14: a lead capacitor, 
C1, put across the feedback resistor. Ideally, the ratio of the 
stray capacitance to the lead capacitor should be equal to 
the closed-loop gain of the amplifier. However, the lead 
capacitor can be made larger as long as the amplifier is 
compensated for unity gain. The only disadvantage of doing 
this is that it will reduce the bandwidth of the amplifier. 
Oscillations can also result if there is a large resistance on 
the non-inverting input of the amplifier. The differential input 
impedance of the amplifier falls off at high frequencies (es¬ 
pecially with bipolar input transistors) so this resistor can 
produce troublesome rolloff If it is much greater than 10K, 
with most amplifiers. This is easily corrected by bypassing 
the resistor to ground. 


Cl 



FIGURE 14. Compensating Stray Input Capacitance 

When the capacitive load on an integrated amplifier is much 
greater than 100 pF, some consideration must be given to its 
effect on stability. Even though the amplifier does not oscil¬ 
late readily, there may be a worst-case set of conditions 
under which it will. However, the amplifier can be stabilized 
for any value of capacitive loading using the circuit shown in 
Figure 15. The capacitive load is isolated from the output of 
the amplifier with R4 which has a value of 50Q to 100^2 for 
both the LM101 and the LM709. At high frequencies, the 
feedback path is through the lead capacitor. Cl, so that the 
lag produced by the load capacitance does not cause insta¬ 
bility. To use this circuit, the amplifier must be compensated 
for unity gain, regardless of the closed loop dc gain. The 


value of Cl is not too important, but at a minimum its 
capacitive reactance should be one-tenth the resistance of 
R2 at the unity-gain crossover frequency of the amplifier. 


Cl 



FIGURE 15. Compensating for Very Large Capacitive 
Loads 

When an operational amplifier is operated open loop, it might 
appear at first glance that it needs no frequency compensa¬ 
tion. However, this is not always the case because the 
external compensation is sometimes required to stabilize 
internal feedback loops. 

The LM101 will not oscillate when operated open loop, al¬ 
though there may be problems if the capacitance between 
the balance terminal on pin 5 and the output is not held to an 
absolute minimum. Feedback between these two points is 
regenerative if it is not balanced out with a larger feedback 
capacitance across the compensation terminals. Usually a 
3 pF compensation capacitor will completely eliminate the 
problem. The LM709 will oscillate when operated open loop 
unless a 10 pF capacitor is connected across the input 
compensation terminals and a 3 pF capacitor is connected 
on the output compensation terminals. 

Problems encountered with supply bypassing are insidious 
in that they will hardly ever show up in a Nyquist plot. This 
problem has not really been thoroughly investigated, prob¬ 
ably because one sure cure is known: bypass the positive 
and negative supply terminals of each amplifier to ground 
with at least a 0.01 pF capacitor. 

For example, a LM101 can take over 1 mH inductance in 
either supply lead without oscillation. This should not sug¬ 
gest that they should be run without bypass capacitors. It 
has been established that 100 LMIOTs on a single printed 
circuit board with common supply busses will oscillate if the 
supplies are not bypassed about every fifth device. This 
happens even though the inputs and outputs are completely 
isolated. 
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Frequency Compensation Hints 

(Continued) 

The LM709, on the other hand, will oscillate under many load 
conditions with as little as 18 inches of wire between the 
negative supply lead and a bypass capacitor. Therefore, it is 
almost essential to have a set of bypass capacitors for every 
device. 

Operational amplifiers are specified for power supply rejec¬ 
tion at frequencies less than the first break frequency of the 
open loop gain. At higher frequencies, the rejection can be 
reduced depending on how the amplifier is frequency com¬ 
pensated. For both the LM101 and LM709, the rejection of 
high frequency signals on the positive supply is excellent. 
However, the situation is different for the negative supplies. 
These two amplifiers have compensation capacitors from the 
output down to a signal point which is referred to the nega¬ 
tive supply, causing the high frequency rejection for the 
negative supply to be much reduced. It is therefore important 
to have sufficient bypassing on the negative supply to re¬ 
move transients if they can cause trouble appearing on the 
output. One fairly large (22 pF) tantalum capacitor on the 
negative power lead for each printed-circuit card is usually 
enough to solve potential problems. 

When high-current buffers are used in conjunction with op¬ 
erational amplifiers, supply bypassing and decoupling are 
even more important since they can feed a considerable 
amount of signal back into the supply lines. For reference, 
bypass capacitors of at least 0.1 pF are required for a 50 mA 
buffer. 

When emitter followers are used to drive long cables, addi¬ 
tional precautions are required. An emitter follower by 
Itself—which is not contained in a feedback loop—will fre¬ 
quently oscillate when connected to a long length of cable. 
When an emitter follower is connected to the output of an 
operational amplifier, it can produce oscillations that will 
persist no matter how the loop gain is compensated. An 
analysis of why this happens is not very enlightening, so 
suffice it to say that these oscillations can usually be elimi¬ 
nated by putting a ferrite bead® between the emitter follower 
and the cable. 

Considering the loop gain of an amplifier is a valuable tool in 
understanding the influence of various factors on the stability 
of feedback amplifiers. But it is not too helpful in determining 
if the amplifier is indeed stable. The reason is that most 
problems in a well-designed system are caused by second¬ 
ary effects—which occur only under certain conditions of 
output voltage, load current, capacitive loading, temperature, 
etc. Making frequency-phase plots under all these conditions 
would require unreasonable amounts of time, so it is invari¬ 
ably not done. 

A better check on stability is the small-signal transient re¬ 
sponse. It can be shown mathematically that the transient 
response of a network has a one-for-one correspondence 
with the frequency domain response.^ The advantage of 
transient response tests is that they are displayed instanta¬ 
neously on an oscilloscope, so it is reasonable to test a 
circuit under a wide range of conditions. 

Exact methods of analysis using transient response will not 
be presented here. This is not because these methods are 


difficult, although they are. Instead, it is because it is very 
easy to determine which conditions are unfavorable from the 
overshoot and ringing on the step response. The stability 
margin can be determined much more easily by how much 
greater the aggravating conditions can be made before the 
circuit oscillates than by analysis of the response under 
given conditions. A little practice with this technique can 
quickly yield much better results than classical methods 
even for the inexperienced engineer. 

Summary 

A number of circuits using operational amplifiers have been 
proposed to show their versatility in circuit design. These 
have ranged from low frequency oscillators through circuits 
for complex analog computation. Because of the low cost of 
monolithic amplifiers, it is almost foolish to design dc ampli¬ 
fiers without integrated circuits. Moreover, the price makes it 
practical to take advantage of operational-amplifier perfor¬ 
mance in a variety of circuits where they are not normally 
used. 

Many of the potential oscillation problems that can be en¬ 
countered in both discrete and integrated operational ampli¬ 
fiers were described, and some conservative solutions to 
these problems were presented. The areas discussed in¬ 
cluded stray capacitance, capacitive loading and supply by¬ 
passing. Finally, a simplified method of quickly testing the 
stability of amplifier circuits over a wide range of operating 
conditions was suggested. 

Note: ^The frequency-domain characteristics can be determined from the 
impulse response of a network and this is directly relatable to the step 
response through the convolution integral 
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IC Op Amp Beats FETs on 
Input Current 
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Note: National Semiconductor recommends replacing 
2N2920 and 2N3728 matched pairs with LM394 in all appli¬ 
cation circuits. 

Abstract 

A monolithic operational amplifier having input error currents 
in the order of 100 pA over a -55V to 125 V temperature 
range is described. Instead of FETs, the circuit used bipolar 
transistors with current gains of 5000 so that offset voltage 
and drift are not degraded. A power consumption of 1 mW at 
low voltage is also featured. 

A number of novel circuits that make use of the low current 
characteristics of the amplifier are given. Further, special 
design techniques required to take advantage of these low 
currents are explored. Component selection and the treat¬ 
ment of printed circuit boards is also covered. 

Introduction 

A year ago, one of the loudest complaints heard about IC op 
amps was that their input currents were too high. This is no 
longer the case. Today ICs can provide the ultimate in per¬ 
formance for many applications—even surpassing FET am¬ 
plifiers. 

FET input stages have long been considered the best way to 
get low input currents in an op amp. Low-picoamp input 
currents can in fact be obtained at room temperature. How¬ 
ever, this current, which is the leakage current of the gate 
junction, doubles every 10°C, so performance is severely 
degraded at high temperatures. Another disadvantage is that 
it is difficult to match FETs closely.^ Unless expensive selec¬ 
tion and trimming techniques are used, typical offset volt¬ 
ages of 50 mV and drifts of 50 pV/°C must be tolerated. 
Super gain transistors^ are now challenging FETs. These 
devices are standard bipolar transistors which have been 
diffused for extremely high current gains. Typically, current 
gains of 5000 can be obtained at 1 pA collector currents. 
This makes it possible to get input currents which are com¬ 
petitive with FETs. It is also possible to operate these tran¬ 
sistors at zero collector base voltage, eliminating the leak¬ 
age currents that plague the FET. Hence they can provide 
lower error currents at elevated temperatures. As a bonus, 
super gain transistors match much better than FETs with 
typical offset voltages of 1 mV and drifts of 3 pV/°C. 

Figure 1 compares the typical input offset currents of IC op 
amps and FET amplifiers. Although FETs give superior per¬ 
formance at room temperature, their advantage is rapidly 
lost as temperature increases. Still, they are clearly better 
than early IC amplifiers like the LM709.^ Improved devices, 
like the LMIOIA,"^ equal FET performance over a -55°C to 
125°C temperature range. Yet they use standard transistors 
in the input stage. Super gain transistors can provide more 
than an order of magnitude improvement over the LM101 A. 
The LM108 uses these to equal FET performance over a 0°C 
to TO^C temperature range. 

In applications involving 125”C operation, the LM108 is 
about two orders of magnitude better than FETs. In fact, 
unless special precautions are taken, overall circuit perfor¬ 


mance is often limited by leakages in capacitors, diodes, 
analog switches or printed circuit boards, rather than by the 
op amp itself. 
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FIGURE 1. Comparing IC op Amps with 
FET-Input Ampiifier 

Effects of Error Current 

In an operational amplifier, the input current produces a 
voltage drop across the source resistance, causing a dc 
error. This effect can be minimized by operating the amplifier 
with equal resistances on the two inputs.^ The error is then 
proportional to the difference in the two input currents, or the 
offset current. Since the current gains of monolithic transis¬ 
tors tend to match well, the offset current is typically a factor 
of ten less than the input currents. 
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FIGURE 2. Illustrating the Effect of Source Resistance 
on Typical Input Error Voltage 

Naturally, error current has the greatest effect in high imped¬ 
ance circuitry. Figure 2 illustrates this point. The offset volt¬ 
age of the LM709 is degraded significantly with source re¬ 
sistances greater than 10 kQ. With the LM101A this is 


www.national.com 


1-14 




Effects of Error Current (Continued) 

extended to source resistances high as 500 kQ. The LM108, 
on the other hand, works well with source resistances above 
10 Ma 

High source resistances have an even greater effect on the 
drift of an amplifier, as shown in Figure 3. The performance 
of the LM709 is worsened with sources greater than 3 kn. 
The LM101A holds out to 100 k^^ sources, while the LM108 
still works well at 3 MQ. 
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FIGURE 3. Degradation of Typical Drift Characteristics 
with High Source Resistances 

It is difficult to include FET amplifiers in Figure 3 because 
their drift is initially 50 pVrc, unless they are selected and 
trimmed. Even though their drift may be well controlled (5 
pV/°C) over a limited temperature range, trimmed amplifiers 
generally exhibit a much higher drift over a -55“C to 125°C 
temperature range. At any rate, their average drift rate 
would, at best, be like that of the LM101A where 125°C 
operation is involved. 


Applications that require low error currents include amplifiers 
for photodiodes or capacitive transducers, as these usually 
operate at megohm impedance levels. Sample and hold 
circuits, timers, integrators and analog memories also ben¬ 
efit from low error currents For example, with the LM709, 
worst case drift rates for these kinds of circuits is in the order 
of 1.5 V/sec. The LM108 improves this to 3 mV/sec.—worst 
case over a -55°C to 125°C temperature range. Low input 
currents are also helpful in oscillators and active filters to get 
low frequency operation with reasonable capacitor values. 
The LM108 can be used at a frequency of 1 Hz with capaci¬ 
tors no larger than 0.01 pF. In logarithmic amplifiers, the 
dynamic range can be extended by nearly 60 dB by going 
from the LM709 to the LM108. In other applications, having 
low error currents often permits an entirely different design 
approach which can greatly simplify circuitry. 

The LM108 

Figure 4 shows a simplified schematic of the LM108. Two 
kinds of NPN transistors are used on the 1C chip: super gam 
(primary) transistors which have a current gain of 5000 with 
a breakdown voltage of 4V and conventional (secondary) 
transistors which have a current gain of 200 with an 80V 
breakdown. These are differentiated on the schematic by 
drawing the secondaries with a wider base. 

Primary transistors (Q-, and Qg) are used for the input stage; 
and they are operated in a cascode connection with Qg and 
Qq. The bases of Qg and Qg are bootstrapped to the emitters 
of Q-i and Qg through Qg and Q 4 , so that the input transistors 
are operated at zero collector-base voltage. Hence, circuit 
performance is not impaired by the low breakdown of the 
primaries, as the secondary transistors stand off the corn- 
mom mode voltage. This configuration also improves the 
commom mode rejection since the input transistors do not 
see variations in the commom mode voltage. Further, be¬ 
cause there is no voltage across their collector-base junc¬ 
tions, leakage currents in the input transistors are effectively 
eliminated. 
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The LM108 (Continued) 



FIGURE 4. Simplified Schematic of the LM108 


The second stage is a differential ampiifier using high gain 
iateral PNPs (Qg and Qio) ® These devices have current 
gains of 150 and a breakdown voltage of 80V. and R 2 are 
the collector load resistors for the input stage. Qy and Qg are 
diode connected laterais which compensate for the 
emitter-base voitage of the second stage so that its operat¬ 
ing current is set at twice that of the input stage by R 4 . 

The second stage uses an active collector load (Q 15 and 
Q-ie) to obtain high gain, it drives a complementary class-B 
output stage which gives a substantial load driving capability. 
The dead zone of the output stage is eliminated by biasing it 
on the verge of conduction with and Qi 2 - 
Two methods of frequency compensation are available for 
the amplifier. In one a 30 pF capacitor is connected from the 
input to the output of the second stage (between the com¬ 
pensation terminals). This method is pin-compatible with the 
LM101 or LM101A. It can also be compensated by connect¬ 
ing a 100 pF capacitor from the output of the second stage to 
ground. This technique has the advantage of improving the 
high frequency power supply rejection by a factor of ten. 

A complete schematic of the LM108 is given in the Appendix 
along with a description of the circuit. This includes such 
essential features as overload protection for the inputs and 
outputs. 

Performance 

The primary design objective for the LM108 was to obtain 
very low input currents without sacrificing offset voltage or 


drift. A secondary objective was to reduce the power con¬ 
sumption. Speed was of little concern, as long as it was 
comparable with the LM709. This is logical as it is quite 
difficult to make high-impedance circuits fast; and low power 
circuits are very resistant to being made fast. In other re¬ 
spects, it was desirable to make the LM108 as much like the 
LM101A as possible. 
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FIGURE 5. input Currents 

Figure 5 shows the input current characteristics of the 
LM108 over a -55°C to 125°C temperature range. Not only 
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Performance (Continued) 

are the input currents low, but also they do not change 
radically over temperature. Hence, the device lends itself to 
relatively simple temperature compensation schemes, that 
will be described later. 

There has been considerable discussion about using Dar¬ 
lington input stages rather than super gain transistors to 
obtain low input currents.®’^ It is appropriate to make a few 
comments about that here. 

Darlington inputs can give about the same input bias cur¬ 
rents as super gam transistors—at room temperature. How¬ 
ever, the bias current varies as the square of the transistor 
current gain. At low temperatures, super gam devices have a 
decided advantage Additionally, the offset current of super 
gain transistors is considerably lower than Darlmgtons, when 
measured as a percentage of bias current. Further, the offset 
voltage and offset voltage drift of Darlington transistors is 
both higher and more unpredictable. 

Experience seems to tell the real truth about Darlingtons. 
Quite a few op amps with Darlington input stages have been 
introduced. However, none have become industry stan¬ 
dards. The reason is that they are more sensitive to varia¬ 
tions in the manufacturing process. Therefore, satisfactory 
performance specifications can only be obtained by sacrific¬ 
ing the manufacturing yield. 
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FIGURE 6. Supply Current 
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FIGURE 7. Output Swing 

The output drive capability of the circuit is illustrated in 
Figure 7. The output swings to within a volt of the supplies, 
which is especially important when operating at low volt¬ 
ages. The output falls off rapidly as the current increases 
above a certain level and the short circuit protection goes 
into effect. The useful output drive Is limited to about ±2 mA. 
It could have been increased by the addition of Darlington 
transistors on the output, but this would have restricted the 
voltage swing at low supply voltages. The amplifier, inciden¬ 
tally, works with common mode signals to within a volt of the 
supplies so it can be used with supply voltages as low as 
±2V. 
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The supply current of the LM108 Is plotted as a function of 
supply voltage m Figure 6. The operating current is about an 
order of magnitude lower than devices like the LM709. Fur¬ 
thermore, it does not vary radically with supply voltage which 
means that the device performance is maintained at low 
voltages and power consumption is held down at high volt¬ 
ages. 
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FIGURE 8. Open Loop Frequency Response 

The open loop frequency response, plotted in Figure 8, 
indicates that the frequency response is about the same as 
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Performance (Continued) 

that of the LM709 or the LM101A. Curves are given for the 
two compensation circuits shown in Figure 9. The standard 
compensation is identical to that of the LM101 or LM101A. 
The alternate compensation scheme gives much better re¬ 
jection of high frequency power supply noise, as will be 
shown later. 

R1 R2 



a. Standard Compensation Circuit 


R1 R2 



b. Aiternate Compensation Circuit 


FIGURE 9. Compensation Circuits 

With unity gain compensation, both methods give a 
75-degree stability margin. However, the shunt compensa¬ 
tion has a 300 kHz small signal bandwidth as opposed to 1 
MHz for the other scheme. Because the compensation ca¬ 
pacitor is not included on the IC chip, it can be tailored to fit 
the application. When the amplifier is used only at low fre¬ 
quencies, the compensation capacitor can be increased to 
give a greater stability margin. This makes the circuit less 
sensitive to capacitive loading, stray capacitances or im¬ 
proper supply bypassing. Overcompensating also reduces 
the high frequency noise output of the amplifier. 

With closed-loop gains greater than one, the high frequency 
performance can be optimized by making the compensation 
capacitor smaller. If unity-gain compensation is used for an 


amplifier with a gain of ten, the gam error will exceed 
1-percent at frequencies above 400 Hz. This can be ex¬ 
tended to 4 kHz by reducing the compensation capacitor to 
3 pF. The formula for determining the minimum capacitor 
value is given in Figure 9a. It should be noted that the 
capacitor value does not really depend on the closed-loop 
gain. Instead, it depends on the high frequency attenuation 
in the feedback networks and, therefore, the values of R-, 
and Rg. When it is desirable to optimize performance at high 
frequencies, the standard compensation should be used. 
With small capacitor values, the stability margin obtained 
with shunt compensation is inadequate for conservative de¬ 
signs. 

The frequency response of an operational amplifier is con¬ 
siderably different for large output signals than It is for small 
signals. This is indicated in Figure 10. With unity-gain com¬ 
pensation, the small signal bandwidth of the LM108 is 
1 MHz. Yet full output swing cannot be obtained above 2 
kHz. This corresponds to a slew rate of 0.3 V/ps. Both the 
full-output bandwidth and the slew rate can be increased by 
using smaller compensation capacitors, as is indicated in the 
figure. However, this is only applicable for higher closed loop 
gains. The results plotted in Figure 10 are for standard 
compensations. With unity gain compensation, the same 
curves are obtained for the shunt compensation scheme. 
Classical op amp theory establishes output resistance as an 
important design parameter. This is not true for IC op amps; 
The output resistance of most devices is low enough that it 
can be ignored, because they use class-B output stages. At 
low frequencies, thermal feedback between the output and 
input stages determines the effective output resistance, and 
this cannot be accounted for by conventional design theo¬ 
ries. Semiconductor manufacturers take care of this by 
specifying the gain under full load conditions, which com¬ 
bines output resistance with gain as far as it affects overall 
circuit performance. This avoids the fictitious problem that 
can be created by an amplifier with infinite gain, which is 
good, that will cause the open loop output resistance to 
appear infinite, which is bad, although none of this affects 
overall performance significantly. 
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FIGURE 10. Large Signal Frequency Response 
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Performance (Continued) 



FIGURE 11. Closed Loop Output Impedance 

The closed loop output impedance is, nonetheless, impor¬ 
tant in some applications. This is plotted for several operat¬ 
ing conditions in Figure 11. \X can be seen that the output 
impedance rises to about 500i2 at high frequencies. The 
increase occurs because the compensation capacitor rolls 
off the open loop gain. The output resistance can be reduced 
at the intermediate frequencies, for closed loop gains greater 
than one, by making the capacitor smaller. This is made 
apparent in the figure by comparing the output resistance 
with and without frequency compensation for a closed loop 
gain of 1000. 

The output resistance also tends to increase at low frequen¬ 
cies. Thermal feedback is responsible for this phenomenon. 
The data for Figure 11 was taken under large-signal condi¬ 
tions with ±15V supplies, the output at zero and ±1 mA 
current swing. Hence, the thermal feedback is accentuated 
more than would be the case for most applications. 

In an op amp, it is desirable that performance be unaffected 
by variations in supply voltage. IC amplifiers are generally 
better than discretes in this respect because it is necessary 
for one single design to cover a wide range of uses. The 
LM108 has a power supply rejection which is typically in 
excess of 100 dB, and it will operate with supply voltages 
from ±2V to ±20V. Therefore, well-regulated supplies are 
unnecessary, for most applications, because a 20-percent 
variation has little effect on performance. 

The story is different for high-frequency noise on the sup¬ 
plies, as is evident from Figure 12. Above 1 MHz, practically 
all the noise is fed through to the output. The figure also 
demonstrates that shunt compensation is about ten times 
better at rejecting high frequency noise than is standard 
compensation. This difference is even more pronounced 


with larger capacitor values. The shunt compensation has 
the added advantage that it makes the circuit virtually unaf¬ 
fected by the lack of supply bypassing. 
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FIGURE 12. Power Supply Rejection 

Power supply rejection is defined as the ratio of the change 
in offset voltage to the change in the supply voltage produc¬ 
ing it. Using this definition, the rejection at low frequencies is 
unaffected by the closed loop gain. However, at high fre¬ 
quencies, the opposite is true. The high frequency rejection 
IS increased by the closed loop gain. Hence, an amplifier 
with a gain of ten will have an order of magnitude better 
rejection than that shown in Figure 12 in the vicinity of 
100 kHz to 1 MHz. 

The overall performance of the LM108 is summarized in 
Table f. It is apparent from the table and the previous 
discussion that the device is ideally suited for applications 
that require low input currents or reduced power consump¬ 
tion. The speed of the amplifier is not spectacular, but this is 
not usually a problem in high-impedance circuitry. Further, 
the reduced high frequency performance makes the ampli¬ 
fier easier to use in that less attention need be paid to 
capacitive loading, stray capacitances and supply bypass¬ 
ing. 

Note: *See Appendix Heading in This Application Note 

Applications 

Because of its low input current the LM108 opens up many 
new design possibilities. However, extra care must be taken 
in component selection and the assembly of printed circuit 
boards to take full advantage of its performance. Further, 
unusual design techniques must often be applied to get 
around the limitations of some components. 
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Sample and Hold Circuits 

The holding accuracy of a sample and hold is directly related 
to the error currents in the components used. Therefore, it is 
a good circuit to start off with in explaining the problems 
involved. Figure 13 shows one configuration for a sample 
and hold. During the sample interval, Q-, is turned on, charg¬ 
ing the hold capacitor, C^, up to the value of the input signal. 



FIGURE 13. Sample and Hold Circuit 

When Qi is turned off, Ci retains this voltage. The output is 
obtained from an op amp that buffers the capacitor so that it 
is not discharged by any loading. In the holding mode, an 
error is generated as the capacitor looses charge to supply 
circuit leakages. The accumulation rate for error is given by 

^ = ii. 

dt ” Ci ’ 

where dV/dt is the time rate of change in output voltage and 
Ie is the sum of the input current to the op amp, the leakage 
current of the holding capacitor, board leakages and the “off” 
current of the FET switch. 

When high-temperature operation is involved, the FET leak¬ 
age can limit circuit performance. This can be minimized by 
using a junction FET, as indicated, because commercial 
junction FETs have lower leakage than their MOS counter¬ 
parts. However, at 125°C even junction devices are a prob¬ 
lem. Mechanical switches, such as read relays, are quite 
satisfactory from the standpoint of leakage. However, they 
are often undesirable because they are sensitive to vibra¬ 
tion, they are too slow or they require excessive drive power. 
If this is the case, the circuit in Figure 14 can be used to 
eliminate the FET leakage. 


R1 



tTeflon, polyethylene or polycarbonate dielectric capacitor 
Worst case drift less than 3 mV/sec 


FIGURE 14. Sample and Hold that Eliminates Leakage 
in FET Switches 

When using P-channel MOS switches, the substrate must be 
connected to a voltage which is always more positive than 
the input signal. The source-to-substrate junction becomes 
forward biased if this is not done. The troublesome leakage 
current of a MOS device occurs across the 
substrate-to-drain junction. In Figure 14, this current is 
routed to the output of the buffer amplifier through R-, so that 
it does not contribute to the error current. 

The main sample switch is Qi, while Qg isolates the hold 
capacitor from the leakage of Qi. When the sample pulse is 
applied, both FETs turn on charging to the input voltage. 
Removing the pulse shuts off both FETs, and the output 
leakage of Qi goes through R-, to the output. The voltage 
drop across R-, is less than 10 mV, so the substrate of Q 2 
can be bootstrapped to the output of the LM108. Therefore, 
the voltage across the substrate-drain junction is equal to the 
offset voltage of the amplifier. At this low voltage, the leakage 
of the FET is reduced by about two orders of magnitude. 

It is necessary to use MOS switches when bootstrapping the 
leakages in this fashion. The gate leakage of a MOS device 
is still negligible at high temperatures; this is not the case 
with junction FETs. If the MOS transistors have protective 
diodes on the gates, special arrangements must be made to 
drive Q 2 so the diode does not become forward biased. 

In selecting the hold capacitor, low leakage is not the only 
requirement. The capacitor must also be free of dielectric 
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Sample and Hold Circuits (Continued) 

polarization phenomena.® This rules out such types as pa¬ 
per, mylar, electrolytic, tantalum or high-K ceramic. For small 
capacitor values, glass or silvered-mica capacitors are rec¬ 
ommended. For the larger values, ones with teflon, polyeth¬ 
ylene or polycarbonate dielectrics should be used. 

The low input current of the LM108 gives a drift rate, in hold, 
of only 3 mV/sec when a 1 pF hold capacitor is used. And 
this number is worst case over the military temperature 
range Even if this kind of performance is not needed, it may 
still be beneficial to use the LM108 to reduce the size of the 
hold capacitor. High quality capacitors in the larger sizes are 
bulky and expensive. Further, the switches must have a low 
“on” resistance and be driven from a low impedance source 
to charge large capacitors in a short period of time. 

If the sample interval is less than about 100 ps, the LM108 
may not be fast enough to work properly. If this is the case. 
It IS advisable to substitute the LM102A,® which is a voltage 
follower designed for both low input current and high speed. 
It has a 30 V/ps slew rate and will operate with sample 
intervals as short as 1 ps. 

When the hold capacitor is larger than 0.05 pF, an isolation 
resistor should be included between the capacitor and the 
input of the amplifier (R 2 in Figure 14). This resistor insures 
that the IC will not be damaged by shorting the output or 
abruptly shutting down the supplies when the capacitor is 
charged. This precaution is not peculiar to the LM108 and 
should be observed on any IC op amp. 

Integrators 

Integrators are a lot like sample-and-hold circuits and have 
essentially the same design problems In an integrator, a 
capacitor is used as a storage element; and the error accu¬ 
mulation rate is again proportional to the input current of the 
op amp. 

Figure 15 shows a circuit that can compensate for the bias 
current of the amplifier. A current is fed into the summing 
node through Ri to supply the bias current. The potentiom¬ 
eter, R 2 , is adjusted so that this current exactly equals the 
bias current, reducing the drift rate to zero. 

R3 

150K 



FIGURE 15. Integrator with Bias Current Compensation 


The diode is used for two reasons. First, it acts as a regula¬ 
tor, making the compensation relatively insensitive to varia¬ 
tions in supply voltage. Secondly, the temperature drift of 
diode voltage is approximately the same as the temperature 
drift of bias current. Therefore, the compensation is more 
effective if the temperature changes. Over a 0°C to 70°C 
temperature range, the compensation will give a factor of ten 
reduction in input current. Even better results are achieved if 
the temperature change is less. 

Normally, it is necessary to reset an integrator to establish 
the initial conditions for integration. Resetting to zero is 
readily accomplished by shorting the integrating capacitor 
with a suitable switch. However, as with the sample and hold 
circuits, semiconductor switches can cause problems be¬ 
cause of high-temperature leakage. 

A connection that gets rid of switch leakages is shown in 
Figure 16. A negative-going reset pulse turns on and Q 2 , 
shorting the Integrating capacitor. When the switches turn 
off, the leakage current of Q 2 is absorbed by R 2 while 
isolates the output of Q 2 from the summing node. has 
practically no voltage across its junctions because the sub¬ 
strate IS grounded: hence, leakage currents are negligible. 


R2 

IOOK 
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*Q1 and Q3 should not have internal gate-protection diodes 


FIGURE 16. Low Drift Integrator with Reset 

The additional circuitry shown in Figure 76 makes the error 
accumulation rate proportional to the offset current, rather 
than the bias current. Hence, the drift is reduced by roughly 
a factor of 10. During the integration interval, the bias current 
of the non-inverting input accumulates an error across R 4 
and C 2 just as the bias current on the inverting input does 
across R^ and C^. Therefore, if R 4 is matched with R^ and C 2 
IS matched with (within about 5 percent) the output will 
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Integrators (Continued) 

drift at a rate proportional to the difference in these currents. 
At the end of the integration interval, Qg removes the com¬ 
pensating error accumulated on Cg as the circuit is reset. 

In applications involving large temperature changes, the cir¬ 
cuit in Figure 16 gives better results than the compensation 
scheme in Figure 75—especially under worst case condi¬ 
tions. Over a -55°C to 125°C temperature range, the worst 
case drift is reduced from 3 mV/sec to 0.5 mV/sec when a 1 
pF integrating capacitor is used. If this reduction in drift is not 
needed, the circuit can be simplified by eliminating R 4 , C 2 
and Qg and returning the non-inverting input of the amplifier 
directly to ground. 

In fabricating low drift integrators, it is again necessary to 
use high quality components and minimize leakage currents 
in the wiring. The comments made on capacitors in connec¬ 
tion with the sample-and-hold circuits also apply here. As an 
additional precaution, a resistor should be used to isolate the 
inverting input from the integrating capacitor if it is larger 
than 0.05 pF. This resistor prevents damage that might occur 
when the supplies are abruptly shut down while the integrat¬ 
ing capacitor is charged. 

Some integrator applications require both speed and low 
error current. The output amplifiers for photomultiplier tubes 
or solid-state radiation dectectors are examples of this. Al¬ 
though the LM108 is relatively slow, there is a way to speed 
it up when it is used as an inverting amplifier. This is shown 
in Figure 17. 

The circuit is arranged so that the high-frequency gain char¬ 
acteristics are determined by Ag, while A^ determines the dc 
and low-frequency characteristics. The non-inverting input of 
Ai is connected to the summing node through R-,. A., is 


operated as an integrator, going through unity gain at 
500 Hz. Its output drives the non-inverting input of Ag. The 
inverting input of A 2 is also connected to the summing node 
through C3. C3 and R3 are chosen to roll off below 750 Hz. 
Hence, at frequencies above 750 Hz, the feedback path is 
directly around Ag, with A-, contributing little. Below 500 Hz, 
however, the direct feedback path to Ag rolls off; and the gain 
of A-j is added to that of Ag. 

The high gain frequency amplifier, Ag, is an LM101A con¬ 
nected with feed-forward compensation.It has a 10 MHz 
equivalent small-signal bandwidth, a lOV/ps slew rate and a 
250 kHz large-signal bandwidth, so these are the 
high-frequency characteristics of the complete amplifier. The 
bias current of Ag is isolated from the summing node by C3. 
Hence, it does not contribute to the dc drift of the integrator. 
The inverting input of is the only dc connection to the 
summing junction. Therefore, the error current of the com¬ 
posite amplifier is equal to the bias current of A^. 

If Ag is allowed to saturate, Ai will then start towards satu¬ 
ration. If the output of A-, gets far off zero, recovery from 
saturation will be slowed drastically. This can be prevented 
by putting zener clamp diodes across the integrating capaci¬ 
tor. A suitable clamping arrangement is shown in Figure 17. 
D-, and Dg are included in the clamp circuit along with Rg to 
keep the leakage currents of the zeners from introducing 
errors. 

In addition to increasing speed, this circuit has other advan¬ 
tages. For one, it has the increased output drive capability of 
the LM101A. Further, thermal feedback is virtually eliminated 
because the LM108 does not see load variations. Lastly, the 
open loop gain is nearly infinite at low frequencies as it is the 
product of the gains of the two amplifiers. 
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FIGURE 18. Sine Wave Oscillator 


Sine Wave Oscillator 

Although it is comparatively easy to build an oscillator that 
approximates a sine wave, making one that delivers a 
high-purity sinusoid with a stable frequency and amplitude is 
another story. Most satisfactory designs are relatively com¬ 
plicated and require individual trimming and temperature 
compensation to make them work. In addition, they generally 
take a long time to stabilize to the final output amplitude. 

A unique solution to most of these problems is shown in 
Figure 18. A^ is connected as a two-pole low-pass active 
filter, and Ag is connected as an integrator. Since the ultimate 
phase lag introduced by the amplifiers is 270 degrees, the 
circuit can be made to oscillate if the loop gain is high 
enough at the frequency where the lag is 180 degrees. The 
gam is actually made somewhat higher than is required for 
oscillation to insure starting. Therefore, the amplitude builds 
up until It IS limited by some nonlinearity in the system. 
Amplitude stabilization is accomplished with zener clamp 
diodes, Di and D 2 . This does introduce distortion, but it is 
reduced by the subsequent low pass filters. If D-, and D 2 
have equal breakdown voltages, the resulting symmetrical 
clipping will virtually eliminate the even-order harmonics. 
The dominant harmonic is then the third, and this is about 40 
dB down at the output of A^ and about 50 dB down on the 
output of A 2 . This means that the total harmonic distortion on 
the two outputs is 1 percent and 0.3 percent, respectively. 
The frequency of oscillation and the oscillation threshold are 
determined by R-,, R2, R3, C^, C2 and C3. Therefore preci¬ 
sion components with low temperature coefficients should 
be used. If R 3 is made lower than shown, the circuit will 
accept looser component tolerances before dropping out of 
oscillation. The start up will also be quicker. However, the 
price paid is that distortion is increased. The value of R 4 is 


not critical, but it should be made much smaller than R 2 so 
that the effective resistance at R 2 does not drop when the 
clamp diodes conduct. 

The output amplitude is determined by the breakdown volt¬ 
ages of D-, and D 2 . Therefore, the clamp level should be 
temperature compensated for stable operation. 
Diode-connected (collector shorted to base) NPN transistors 
with an emitter-base breakdown of about 6.3V work well, as 
the positive temperature coefficient of the diode in reverse 
breakdown nearly cancels the negative temperature coeffi¬ 
cient of the forward-biased diode. Added advantages of 
using transistors are that they have less shunt capacitance 
and sharper breakdowns than conventional zeners. 

The LM108 is particularly useful in this circuit at low frequen¬ 
cies, since it permits the use of small capacitors. The circuit 
shown oscillates at 1 Hz, but uses capacitors in the order of 
0.01 pF. This makes it much easier to find 
temperature-stable precision capacitors. However, some 
judgment must be used as large value resistors with low 
temperature coefficients are not exactly easy to come by.* 
The LM108S are useful in this circuit for output frequencies 
up to 1 kHz. Beyond that, better performance can be realized 
by substituting and LM102A for A-, and an LM101A with 
feed-forward compensation for A 2 . The improved 
high-frequency response of these devices extend the oper¬ 
ating frequency out to 100 kHz. 

Note: *Large-value resistors are available from Victoreen Instrument, Cleve¬ 
land, Ohio and Pyrofilm Resistor Co , Whippany, New Jersey 

Capacitance Multiplier 

Large capacitor values can be eliminated from most systems 
just by raising the impedance levels, if suitable op amps are 
available. However, sometimes it Is not possible because the 
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Capacitance Multiplier (Continued) 

impedance levels are already fixed by some element of the 
system like a low impedance transducer. If this is the case, a 
capacitance multiplier can be used to increase the effective 
capacitance of a small capacitor and couple it into a low 
impedance system. 

Previously, 1C op amps could not be used effectively as 
capacitance multipliers because the equivalent leakages 
generated due to offset current were significantly greater 
than the leakages of large tantalum capacitors. With the 
LM108, this has changed. The circuit shown in Figure 19 
generates an equivalent capacitance of 100,000 pF with a 
worst case leakage of 8 pA—over a -55°C to 125°C tem¬ 
perature range. 



00687520 
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FIGURE 19. Capacitance Multiplier 

The performance of the circuit is described by the equations 
given in Figure 19, where C is the effective output capaci¬ 
tance, II is the leakage current of this capacitance and Rg is 
the series resistance of the multiplied capacitance. The se¬ 
ries resistance Is relatively high, so high-Q capacitors cannot 
be realized. Hence, such applications as tuned circuits and 
filters are ruled out. However, the multiplier can still be used 
in timing circuits or servo compensation networks where 
some resistance is usually connected in series with the 
capacitor or the effect of the resistance can be compensated 
for. 

One final point is that the leakage current of the multiplied 
capacitance is not a function of the applied voltage. It per¬ 
sists even with no voltage on the output. Therefore, it can 
generate offset errors in a circuit, rather than the scaling 
errors caused by conventional capacitors. 

Instrumentation Amplifier 

In many instrumentation applications there is frequently a 
need for an amplifier with a high-impedance differential input 
and a single ended output. Obvious uses for this are ampli¬ 
fiers for bridge-type signal sources such as strain gages, 
temperature sensors or pressure transducers. General pur¬ 


pose op amps have satisfactory input characteristics, but 
feedback must be added to determine the effective gain. And 
the addition of feedback can drastically reduce the input 
resistance and degrade common mode rejection. 

Figure 20 shows the classical op amp circuit for a differential 
amplifier. This circuit has three main disadvantages. First, 
the input resistance on the inverting input is relatively low, 
being equal to . Second, there usually is a large difference 
in the input resistance of the two inputs, as is indicated by 
the equations on the schematic. Third, the common mode 
rejection is greatly affected by resistor matching and by 
balancing of the source resistances. A 1 -percent deviation in 
any one of the resistor values reduces the common mode 
rejection to 46 dB for a closed loop gain of 1, to 60 dB for a 
gain of 10 and to 80 dB for a gain of 100. 

Clearly, the only way to get high input impedance is to use 
very large resistors in the feedback network. The op amp 
must operate from a source resistance which is orders of 
magnitude larger than the resistance of the signal source. 
Older 1C op amps introduced excessive offset and drift when 
operating from higher resistances and could not be used 
successfully. The LM108, however, is relatively unaffected 
by the large resistors, so this approach can sometimes be 
employed. 

With large input resistors, the feedback resistors, Rg and R 4 , 
can get quite large for higher closed loop gains. For ex¬ 
ample, if Ri and Rg are 1 Ma, Rg and R4 must be 100 MH 
for a gain of 100. It is difficult to accurately match resistors 
that are this high in value, so common mode rejection may 
suffer. Nonetheless, any one of the resistors can be trimmed 
to take out common mode feedthrough caused either by 
resistors mismatches or the amplifier itself. 


R1 R3 



R1 = R2 
R3 = R4 


FIGURE 20. Feedback Connection for a Differential 
Amplifier 

Another problem caused by large feedback resistors is that 
stray capacitance can seriously affect the high frequency 
common mode rejection. With 1 MH input resistors, a 1 pF 
mismatch in stray capacitance from either input to ground 
can drop the common mode rejection to 40 dB at 1500 Hz. 
The high frequency rejection can be improved at the ex¬ 
pense of frequency response by shunting Rg and R 4 with 
matched capacitors. 
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Instrumentation Amplifier (Continued) 

With high impedance bridges, the feedback resistances be¬ 
come prohibitively large even for the LM108, so the circuit in 
Figure 20 cannot be used. One possible alternative is shown 
in Figure 21. Rg and R 3 are chosen so that their equivalent 
parallel resistance is equal to R^. Hence, the output of the 
amplifier will be zero when the bridge is balanced. 



FIGURE 21. Amplifier for Bridge Transducers 

When the bridge goes off balance, the op amp maintains the 
voltage between its input terminals at zero with current fed 
back from the output through R 3 . This circuit does not act like 
a true differential amplifier for large imbalances in the bridge. 
The voltage drops across the two sensor resistors, S-, and 
S 2 , become unequal as the bridge goes off balance, causing 
some non-linearity in the transfer function. However, this is 
not usually objectionable for small signal swings. 



FIGURE 22. Differential Input Instrumentation Amplifier 

Figure 22 shows a true differential connection that has few of 
the problems mentioned previously. It has an input resis¬ 
tance greater than 1 yet it does not need large resistors 
in the feedback circuitry. With the component values shown, 
A-i is connected as a non-inverting amplifier with a gam of 
1 01 ; and it feeds into A 2 which has an inverting gam of 100 . 
Hence, the total gam from the input of A^ to the output of A 2 
IS 101, which is equal to the non-inverting gain of A 2 . If all the 
resistors are matched, the circuit responds only to the differ¬ 
ential input signal—not the common mode voltage. 

This circuit has the same sensitivity to resistor matching as 
the previous circuits, with a 1 percent mismatch between two 
resistors lowering the common mode rejection to 80 dB. 
However, matching is more easily accomplished because of 
the lower resistor values. Further, the high frequency com¬ 
mon mode rejection is less affected by stray capacitances. 
The high frequency rejection is limited, though, by the re¬ 
sponse of A-, 

Logarithmic Converter 

A logarithmic amplifier is another circuit that can take advan¬ 
tage of the low input current of an op amp to increase 
dynamic range. Most practical log converters make use of 
the logarithmic relationship between the emitter-base volt¬ 
age of standard double-diffused transistors and their collec¬ 
tor current. This logarithmic characteristic has been proven 
true for over 9 decades of collector current. The only prob¬ 
lem involved in using transistors as logging elements is that 
the scale factor has a temperature sensitivity of 0.3 percent/ 
°C. However, temperature compensating resistors have 
been developed to compensate for this characteristic, mak¬ 
ing possible log converters that are accurate over a wide 
temperature range. 
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10 nA < liN < 1 mA 

Sensitivity is IV per decade. 

t1 ka (±1%) at 25°C, +3500 ppm/“C 

Available from Vishay Ultronix, Grand Junction, CO, Q81 Series 
*Determines current for zero crossing on output. 10 pA as shown 


FIGURE 23. Temperature Compensated One-Quadrant Logarithmic Converter 


Figure 23 gives a circuit that uses these techniques. is 
the logging transistor, while Q 2 provides a fixed offset to 
temperature compensate the emitter-base turn on voltage of 
Qi. Q 2 is operated at a fixed collector current of 10 pA by A 2 , 
and its emitter-base voltage is subtracted from that of Q-, in 
determining the output voltage of the circuit. The collector 
current of Q 2 is established by R 3 and through A 2 . 

The collector current of is proportional to the input current 
through Rg and, therefore, proportional to the input voltage. 
The emitter-base voltage of varies as the log of the input 
voltage. The fixed emitter-base voltage of Q 2 subtracts from 
the voltage on the emitter of in determining the voltage on 
the top end of the temperature-compensating resistor, S-,. 
The signal on the top of will be zero when the input 
current is equal to the current through R 3 at any tempera¬ 
ture. Further, this voltage will vary logarithmically for 
changes in input current, although the scale factor will have 
a temperature coefficient of -0.3%/°C. The output of the 
converter is essentially multiplied by the ratio of Ri to Si. 
Since Si has a positive temperature coefficient of 0.3 %/°C, 
it compensates for the change in scale factor with tempera¬ 
ture. 

In this circuit, an LM101A with feedforward compensation is 
used for A 2 since it is much faster than the LM108 used for 
Ai. Since both amplifiers are cascaded in the overall feed¬ 
back loop, the reduced phase shift through A 2 insures sta¬ 
bility. 


Certain things must be considered in designing this circuit. 
For one, the sensitivity can be changed by varying R^. But 
R-, must be made considerably larger than the resistance of 
S-i for effective temperature compensation of the scale fac¬ 
tor. Qi and Q 2 should also be matched devices in the same 
package, and Si should be at the same temperature as 
these transistors. Accuracy for low input currents is deter¬ 
mined by the error caused by the bias current of A-,. At high 
currents, the behavior of and Q 2 limits accuracy. For input 
currents approaching 1 mA, the 2N2920 develops logging 
errors in excess of 1 percent. If larger input currents are 
anticipated, bigger transistors must be used; and R 2 should 
be reduced to insure that A 2 does not saturate. 

Transducer Amplifiers 

With certain transducers, accuracy depends on the choice of 
the circuit configuration as much as it does on the quality of 
the components. The amplifier for photodiode sensors, 
shown in Figure 24, illustrates this point. Normally, photo¬ 
diodes are operated with reverse voltage across the junc¬ 
tion. At high temperatures, the leakage currents can ap¬ 
proach the signal current. However, photodiodes deliver a 
short-circuit output current, unaffected by leakage currents, 
which is not significantly lower than the output current with 
reverse bias. 
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Transducer Amplifiers (Continued) 
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FIGURE 24. Amplifier for Photodiode Sensor 
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00687526 

FIGURE 25. Amplifier for Piezoelectric Transducers 

The circuit shown in Figure 24 responds to the short-circuit 
output current of the photodiode. Since the voltage across 
the diode is only the offset voltage of the amplifier, inherent 
leakage is reduced by at least two orders of magnitude. 
Neglecting the offset current of the amplifier, the output 
current of the sensor is multiplied by Ri plus R 2 in determin¬ 
ing the output voltage. 

Figure 25 shows an amplifier for high-impedance ac trans¬ 
ducers like a piezoelectric accelerometer. These sensors 
normally require a high-input-resistance amplifier. The 
LM108 can provide input resistances in the range of 10 to 
100 MQ, using conventional circuitry. However, conventional 
designs are sometimes ruled out either because large resis¬ 
tors cannot be used or because prohibitively large input 
resistances are needed. 

Using the circuit in Figure 25, input resistances that are 
orders of magnitude greater than the values of the dc return 
resistors can be obtained. This is accomplished by boot¬ 
strapping the resistors to the output. With this arrangement, 
the lower cutoff frequency of a capacitive transducer is de¬ 


termined more by the RC product of R-, and than it is by 
resistor values and the equivalent capacitance of the trans¬ 
ducer. 

Resistance Multiplication 

When an inverting operational amplifier must have high input 
resistance, the resistor values required can get out of hand. 
For example, if a 2 MQ input resistance is needed for an 
amplifier with a gain of 100 , a 200 MQ feedback resistor is 
called for. This resistance can, however, be reduced using 
the circuit in Figure 26. A divider with a ratio of 100 to 1 (R 3 
and R 4 ) is added to the output of the amplifier: Unity-gain 
feedback is applied from the output of the divider, giving an 
overall gain of 100 using only 2 MQ resistors. 

This circuit does increase the offset voltage somewhat. The 
output offset voltage is given by 

The offset voltage is only multiplied by Ay - 1 -I in a conven¬ 
tional inverter. Therefore, the circuit in Figure 26 multiplies 
the offset by 200, instead of 101. This multiplication factor 
can be reduced to 110 by increasing R 2 to 20 and R 3 to 
5.55k. 


R1 R2 R3 

2M 2M 505 

1 % 1 % 1 % 



R2 > R1 
R2 >> R3 

R2 (R3 + R4) 


FIGURE 26. Inverting Amplifier with High input 
Resistance 

Another disadvantage of the circuit is that four resistors 
determine the gain, instead of two. Hence, for a given resis¬ 
tor tolerance, the worst-case gain deviation is greater, al¬ 
though this is probably more than offset by the ease of 
getting better tolerances in the low resistor values. 
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Current Sources 

Although there are numerous ways to make current sources 
with op amps, most have limitations as far as their appiica- 
tion is concerned. Figure 27, however, shows a current 
source which is fairly flexible and has few restrictions as far 
as its use is concerned. It supplies a current that is propor¬ 
tional to the input voltage and drives a load referred to 
ground or any voltage within the output-swing capabiiity of 
the ampiifier. 


advisabie to make the feedback resistors as large as pos¬ 
sible. Otherwise, resistor tolerances become even more criti¬ 
cal. 

The circuit must be driven from a source resistance which is 
iow by comparison to R-i, since this resistance wiii imbaiance 
the circuit and affect both gam and output resistance. As 
shown, the circuit gives a negative output current for a 
positive input voitage. This can be reversed by grounding the 
input and driving the ground end of Rg. The magnitude of the 
scale factor will be unchanged as long as R 4 > R 5 . 


R1 R3 

2M 1M 

1 % 1 % 
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R1 R5 
R3 = R4 + R5 
R1 = R2 


Voltage Comparators 

Like most op amps, it is possible to use the LM108 as a 
voltage comparator. Figure 28 shows the device used as a 
simple zero-crossing detector. The inputs of the IC are pro¬ 
tected internally by back-to-back diodes connected between 
them, therefore, voitages in excess of 1V cannot be im¬ 
pressed directiy across the inputs. This problem is taken 
care of by Ri which limits the current so that input voltages 
in excess of 1 kV can be tolerated. If absolute accuracy is 
required or if R^ is made much larger than 1 M£ 2 , a compen¬ 
sating resistor of equal value should be inserted in series 
with the other input. 


INPUT 



FIGURE 27. Bilateral Current Source 

With the output grounded, it Is relatively obvious that the 
output current will be determined by R 5 and the gain setting 
of the op amp, yielding 


•out = - 


^3 V|N 

Ri Rs' 


When the output is not at zero, it would seem that the current 
through R 2 and R 4 would reduce accuracy. Nonetheless, if 
R-, = R 2 and R 3 = R 4 + R 5 , the output current will be 
independent of the output voltage. For R-, + R 3 > R 5 , the 
output resistance of the circuit is given by 


Rout - Rs (^) 

where R is any one of the feedback resistors (R-,, R 2 , R 3 or 
R 4 ) and AR is the incremental change in the resistor value 
from design center. Hence, for the circuit in Figure 27, a 1 
percent deviation In one of the resistor values will drop the 
output resistance to 200 kQ. Such errors can be trimmed out 
by adjusting one of the feedback resistors. In design, it is 


FIGURE 28. Zero Crossing Detector 

In Figure 28, the output of the op amp is clamped so that it 
can drive DTL or TTL directly. This is accomplished with a 
clamp diode on pin 8 . When the output swings positive, it is 
clamped at the breakdown voltage of the zener. When it 
swings negative, it is clamped at a diode drop below ground. 
If the 5V logic supply is used as a positive supply for the 
amplifier, the zener can be replaced with an ordinary silicon 
diode. The maximum fan out that can be handled by the 
device is one for standard DTL or TTL under worst case 
conditions. 

As might be expected, the LM108 Is not very fast when used 
as a comparator. The response time is up in the tens of 
microseconds. An LMIOS"''' is recommended for D-,, rather 
than a conventional alloy zener, because it has lower capaci¬ 
tance and will not slow the circuit further. The sharp break¬ 
down of the LM103 at low currents is also an advantage as 
the current through the diode in clamp is only 10 pA. 

Figure 29 shows a comparator for voltages of opposite po¬ 
larity. The output changes state when the voltage on the 
junction of R^ and R 2 is equal to Vjh- Mathematically, this is 
expressed by 


Vth = V 2 + 


R2(Vi - V2) 

Ri + R2 
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Voltage Comparators (Continued) 
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FIGURE 29. Voltage Comparator with Output Buffer 


The LM108 can also be used as a differential comparator, 
going through a transition when two input voltages are equal. 
However, resistors must be inserted in series with the inputs 
to limit current and minimize loading on the signal sources 
when the in put-protection diodes conduct. Figure 29 also 
shows how a PNP transistor can be added on the output to 
increase the fan out to about 20 with standard DTL or TTL. 

Power Booster 

The LM108, which was designed for low power consump¬ 
tion, is not able to drive heavy loads. However, a relatively 


simple booster can be added to the output to increase the 
output current to ±50 mA. This circuit, shown in Figure 30, 
has the added advantage that it swings the output up to the 
supplies, within a fraction of a volt. The increased voltage 
swing is particularly helpful in low voltage circuits. 



FIGURE 30. Power Booster 


In Figure 30, the output transistors are driven from the 
supply leads of the op amp. It is important that and R 2 be 
made low enough so and Q 2 are not turned on by the 
worst case quiescent current of the amplifier. The output of 
the op amp is loaded heavily to ground with Rg and R 4 . 


When the output swings about 0.5V positive, the increasing 
positive supply current will turn on Q-, which pulls up the 
load. A similar situation occurs with Q 2 for negative output 
swings. 


1 


1-29 


www.national.com 


AN-29 




AN-29 


Power Booster (Continued) 

The bootstrapped shunt compensation shown in the figure is 
the only one that seems to work for all loading conditions. 
This capacitor, C^, can be made inversely proportional to the 
closed loop gain to optimize frequency response. The value 
given is for a unity-gain follower connection. Cg is also 
required for loop stability. 

The circuit does have a dead zone in the open loop transfer 
characteristic. However, the low frequency gain is high 
enough so that it can be neglected. Around 1 kHz, though, 
the dead zone becomes quite noticeable. 

Current limiting can be incorporated into the circuit by adding 
resistors in series with the emitters of and Qg because 
the short circuit protection of the LM108 limits the maximum 
voltage drop across and Rg. 

Board Construction 

As indicated previously, certain precautions must be ob¬ 
served when building circuits that are sensitive to very low 
currents. If proper care is not taken, board leakage currents 
can easily become much larger than the error currents of the 
op amp. To prevent this, it is necessary to thoroughly clean 
printed circuit boards. Even experimental breadboards must 
be cleaned with trichloroethlene or alcohol to remove solder 
fluxes, and blown dry with compressed air. These fluxes may 
be insulators at low impedance levels—like in electric 
motors—but they certainly are not in high impedance cir¬ 
cuits. In addition to causing gross errors, their presence can 
make the circuit behave erratically, especially as the tem¬ 
perature is changed. 


COMPENSATION 
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Bottom View 


FIGURE 31. Printed Circuit Layout for Input Guarding 
with TO-5 Package 


ever, if the better durability of epoxy is needed, care must be 
taken to make sure that it gets thoroughly cured. Otherwise, 
the epoxy will make high temperature leakage much worse. 
Care must also be exercised to insure that the circuit board 
is protected from condensed water vapor when operating in 
the vicinity of 0“C. This can usually be accomplished by 
coating the board as mentioned above. 

a. Inverting Amplifier 

R1 R2 




c. Non-Inverting Amplifier 



At elevated temperatures, even the leakage of clean boards 
can be a headache. At 125°C the leakage resistance be¬ 
tween adjacent runs on a printed circuit board is about 
(0.05-inch separation parallel for 1 inch) for high quality 
epoxy-glass boards that have been properly cleaned. There¬ 
fore, the boards can easily produce error currents in the 
order of 200 pA and much more if they become contami¬ 
nated. Conservative practice dictates that the boards be 
coated with epoxy or silicone rubber after cleaning to prevent 
contamination. Silicone rubber is the easiest to use. How¬ 


FIGURE 32. Connection of Input Guards 

Guarding 

Even with properly cleaned and coated boards, leakage 
currents are on the verge of causing trouble at 125°C. The 
standard pin configuration of most 1C op amps has the input 
pins adjacent to pins which are at the supply potentials. 


WWW national.com 


1-30 




Guarding (Continued) 

Therefore, it is advisable to employ guarding to reduce the 
voltage difference between the inputs and adjacent metal 
runs. 

A board layout that includes input guarding is shown in 
Figure 31 for the eight lead TO-5 package. A ten-lead pin 
circle is used, and the leads of the IC are formed so that the 
holes adjacent to the inputs are vacant when it is inserted in 
the board. The guard, which is a conductive ring surrounding 
the inputs, is then connected to a low impedance point that is 
at the same potential as the inputs. The leakage currents 
from the pins at the supply potentials are absorbed by the 
guard. The voltage difference between the guard and the 
inputs can be made approximately equal to the offset volt¬ 
age, reducing the effective leakage by more than three 
orders of magnitude. If the leads of the integrated circuit, or 
other components connected to the input, go through the 
board, it may be necessary to guard both sides. 

Figure 32 shows how the guard is commited on the 
more-common op amp circuits. With an integrator or invert¬ 
ing amplifier, where the inputs are close to ground potential, 
the guard is simply grounded. With the voltage follower, the 
guard is bootstrapped to the output. If it is desirable to put a 
resistor in the inverting Input to compensate for the source 
resistance, it is connected as shown in Figure 32b. 
Guarding a non-inverting amplifier is a little more compli¬ 
cated. A low impedance point must be created by using 
relatively low value feedback resistors to determine the gain 


(Ri and R2 in Figure 32c). The guard is then connected to 
the junction of the feedback resistors. A resistor, R3, can be 
connected as shown in the figure to compensate for large 
source resistances. 

With the dual-in-line and flat packages, it is far more difficult 
to guard the inputs, if the standard pin configuration of the 
LM709 or LM101A is used, because the pin spacings on 
these packages are fixed. Therefore, the pin configuration of 
the LM108 was changed, as shown in Figure 33. 

Conclusions 

IC op amps are now available that equal the input current 
specifications of FET amplifiers in all but the most restricted 
temperature range applications. At operating temperatures 
above 85°C, the IC is clearly superior as it uses bipolar 
transistors that make it possible to eliminate the leakage 
currents that plague FETs. Additionally, bipolar transistors 
match better than FETs, so low offset voltage and drifts can 
be obtained without expensive adjustments or selection. 
Further, the bipolar devices lend themselves more readily to 
low-cost monolithic construction. 

These amplifiers open up new application areas and vastly 
improve performance in others. For example, in analog 
memories, holding intervals can be extended to minutes, 
even where -55°C to 125‘’C operation is involved. Instru¬ 
mentation amplifiers and low frequency waveform genera¬ 
tors also benefit from the low error currents. 



NOTE: Pm 6 connected to bottom of package 

Top View 
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COMPENSATION 

OUTPUT 


NOTE: Pin 7 connected to bottom of package 

Top View 
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FIGURE 33. Comparing Connection Diagrams of the LM101A and LM108, Showing Addition of Guarding 


When operating above 85°C, overall performance is fre¬ 
quently limited by components other than the op amp, unless 
certain precautions are observed It is generally necessary 
to redesign circuits using semiconductor switches to reduce 
the effect of their leakage currents. Further, high quality 
capacitors must be used, and care must be exercised in 
selecting large value resistors. Printed circuit board leakages 
can also be troublesome unless the boards are properly 
treated. And above 100°C, it is almost mandatory to employ 
guarding on the boards to protect the inputs, if the full 
potential of the amplifier is to be realized. 

Appendix 

A complete schematic of the LM108 is given in Figure 34. A 
description of the basic circuit is presented along with a 


simplified schematic earlier in the text. The purpose of this 
Appendix is to explain some of the more subtle features of 
the design. 

The current source supplying the input transistors is Q29. It is 
designed to supply a total input stage current of 6 pA at 
25°C. This current drops to 3 pA at -55°C but increases to 
only 7.5 pA at 125°C. This temperature characteristic tends 
to compensate for the current gain falloff of the input tran¬ 
sistors at low temperatures without creating stability prob¬ 
lems at high temperatures. 

The biasing circuitry for the input current source is nearly 
identical to that in the LM101 A, and a complete description is 
given in Reference 4. However, a brief explanation follows. 
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Appendix (Continued) 

A collector FET,® Q23, which has a saturation current of 
about 30 |jA, establishes the collector current of Q24. This 
FET provides the initial turn-on current for the circuit and 
insures starting under all conditions. The purpose of R14 Is to 
compensate for production and temperature variations in the 
FET current. It is a collector resistor (indicated by the T 
through it) made of the same semiconductor material as the 
FET channel. As the FET current varies, the drop across R-,4 
tends to compensate for changes in the emitter base voltage 

of Q24- 


The collector-emitter voltage of Q24 is equal to the emitter 
base voltage of Q24 plus that of Q25. This voltage is delivered 
to Q26 and Q29. Q25 and Q24 are operated at substantially 
higher currents than Q26 and Q29. Hence, there is a differ¬ 
ential in their emitter base voltages that is dropped across 
R-,9 to determine the input stage current. R-iq is a pinched 
base resistor, as is indicated by the slash bar through it. This 
resistor, which has a large positive temperature coefficient, 
operates in conjunction with R-,7 to help shape the tempera¬ 
ture characteristics of the input stage current source. 


COMPENSATION COMPENSATION 
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FIGURE 34. Complete Schematic of the LM108 


The output currents of Q26, Q25. £ind Q23 are fed to Q12, 
which is a controlled-gain lateral PNP.® It delivers one-half of 
the combined currents to the output stage. Q-,-, is also con¬ 
nected to Qi 2, with Its output current set at approximately 15 
pA by Ry. Since this type of current source makes use of the 
emitter-base voltage differential between similar transistors 
operating at different collector currents, the output of Q1-, is 
relatively independent of the current delivered to Q^2- This 
current is used for the input stage bootstrapping circuitry. 
Q20 also supplies current to the class-B output stage. Its 
output current is determined by the ratio of R^s to R-,2 and 
the current through Ri2- R13 is included so that the biasing 
circuit is not upset when Q20 saturates. 


One major departure from the simplified schematic is the 
bootstrapping of the second stage active loads, Q21 and Q22. 
to the output. This makes the second stage gain dependent 
only on how well Qg and Q10 match with variations in output 
voltage. Hence, the second stage gain is quite high. In fact, 
the overall gain of the amplifier is typically in excess of 10® at 
dc. 

The second stage active loads drive Q-,4. A high-gain pri¬ 
mary transistor is used to prevent loading of the second 
stage. Its collector is bootstrapped by Q13 to operate it at 
zero collector-base voltage. The class-B output stage is 
actually driven by the emitter of Q-14. 
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Appendix (Continued) 

A dead zone in the output stage is prevented by biasing Qiq 
and Qi 9 on the verge of conduction with and Qig- Rg 'S 
used to compensate for the transconductance of Q^g and 
Q-, 6 , making the output stage quiescent current relatively 
independent of the output current of Qi 2 - The drop across 
this resistor also reduces quiescent current. 

For positive-going outputs, short circuit protection is pro¬ 
vided by Rio and Q^y. When the voltage drop across R-,o 
turns on Q-, 7 , it removes base drive from Qig- For 
negative-going outputs, current limiting is initiated when the 
voltage drop across R-,-, becomes large enough for the col¬ 
lector base junction of Q^y to become forward biased. When 
this happens, the base of Q-o is clamped so the output 
current cannot increase further. 

Input protection is provided by Q 3 and Q 4 which act as clamp 
diodes between the inputs. The collectors of these transis¬ 
tors are bootstrapped to the emitter of Q 28 through R 3 . This 
keeps the collector-isolation leakage of the transistors from 
showing up on the inputs. R 3 is included so that the boot¬ 
strapping is not disrupted when Q 3 or Q 4 saturate with an 
input overload. Current-limiting resistors were not connected 
in series with the inputs, since diffused resistors cannot be 
employed such that they work effectively, without causing 
high temperature leakages. 


TABLE 1. Typical Performance of the LM108 
Operational Amplifier (Ta = 25°C and V g = ±15V) 


Input Offset Voltage 

0.7 mV 

Input Offset Current 

50 pA 

Input Bias Current 

0.8 nA 

Input Resistance 

70 MQ 

Input Common Mode Range 

±14V 

Common Mode Rejection 

100 dB 

Offset Voltage Drift 

3 pV/°C 

Offset Current Drift 

0.5 pA/°C 

Voltage Gain 

300V/mW 

Small Signal Bandwidth 

1.0 MHz 

Slew Rate 

0.3V/ps 

Output Swing 

±14V 


Supply Current 300 pA 

Power Supply Rejection 100 dB 

Operating Voltage Range ±2V to ±20V 
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Precision iC Comparator 
Runs from +5V Logic 
Suppiy 

Introduction 

In digital systems, it is sometimes necessary to convert low 
level analog signals into digital information. An example of 
this might be a detector for the illumination level of a 
photo-diode. Another would be a zero crossing detector for a 
magnetic transducer such as a magnetometer or a 
shaft-position pickoff. These transducers have low-level out¬ 
puts, with currents in the low microamperes or voltages in 
the low millivolts. Therefore, low level circuitry is required to 
condition these signals before they can drive logic circuits. 
A voltage comparator can perform many of these precision 
functions. A comparator is essentially a high-gain op amp 
designed for open loop operation. The function of a com¬ 
parator is to produce a logic “one” on the output with a 
positive signal between its two inputs or a logic “zero” with a 
negative signal between the inputs. Threshold detection is 
accomplished by putting a reference voltage on one input 

Circuit Description 
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and the signal on the other. Clearly, an op amp can be used 
as a comparator, except that its response time is in the tens 
of microseconds which is often too slow for many applica¬ 
tions. 

A unique comparator design will be described here along 
with some of its applications in digital systems. Unlike older 
IC comparators or op amps, it will operate from the same 5V 
supply as DTL or TTL logic circuits. It will also operate with 
the single negative suppiy used with MOS logic. Hence, low 
level functions can be performed without the extra supply 
voltages previously required. 

The versatility of the comparator along with the minimal 
circuit loading and considerable precision recommend it for 
many uses. In digital systems, other than the detection of low 
level signals. It can be used as an oscillator or multivibrator, 
in digital interface circuitry and even for low voltage analog 
circuitry. Some of these applications will also be discussed. 




FIGURE 1. Simplified Schematic of the Comparator 


In order to understand how to use this comparator, it is shows a simplified schematic of the device. PNP transistors 
necessary to look briefly at the circuit configuration. Figure 1 buffer the differential input stage to get low input currents 
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Circuit Description (Continued) 

without sacrificing speed. The PNP’s drive a standard NPN 
differential stage, Q 3 and Q 4 . The output of this stage is 
further amplified by the Q 5 —Qg pair. This feeds Qg which 
provides additonal gain and drives the output stage. Current 
sources are used to determine the bias currents, so that 
performance is not greatly affected by supply voltages 
The output transistor is Q^, and it is protected by Q -,0 and 
Rg which limit the peak output current. The output lead, since 
it IS not connected to any other point in the circuit, can either 
be returned to the positive supply through a pull-up resistor 
or switch loads that are connected to a voltage higher than 
the positive supply voltage. The circuit will operate from a 
single supply if the negative supply lead is connected to 
ground. However, if a negative supply is available, it can be 
used to increase the input common mode range. 

Table 1 summarizes the performance of the comparator 
when operating from a 5V supply. The circuit will work with 
supply voltages up to ±15V with a corresponding increase in 
the input voltage range. Other characteristics are essentially 
unchanged at the higher voltages. 


TABLE 1. Important electrical characteristics of the 
LM111 comparator when operating from single, 5V 
supply (Ta = 25’C) 


Parameter 

Limits 

Units 

Min 

lyp 

Max 

Input Offset Voltage 


0.7 

3 

mV 

Input Offset Current 


4 

10 

nA 

Input Bias Current 


60 

100 

nA 

Voltage Gam 


100 


V/mV 

Response Time 


200 


ns 

Common Mode Range 

0.3 


38 

V 

Output Voltage Swing 



50 

V 

Output Current 



50 

mA 

Fan Out (DTL/TTL) 

8 




Supply Current 


3 

5 

mA 


Low Level Applications 

A circuit that will detect zero crossing in the output of a 
magnetic transducer within a fraction of a millivolt is shown in 
Figure 2. The magnetic pickup is connected between the two 
inputs of the comparator. The resistive divider, and Rg, 
biases the inputs 0.5V above ground, within the common 
mode range of the IC. The output will directly drive DTL or 
TTL. The exact value of the pull up resistor, R 5 , is deter¬ 
mined by the speed required from the circuit since it must 
drive any capacitive loading for positive-going output signals. 
An optional offset-balancing circuit using R 3 and R 4 is in¬ 
cluded in the schematic. 



PICKUP 

00730302 

FIGURE 2. Zero Crossing Detector for Magnetic 
Transducer 

Figure 3 shows a connection for operating with MOS logic. 
This is a level detector for a photodiode that operates off a 
-10V supply. The output changes state when the diode 
current reaches 1 pA. Even at this low current, the error 
contributed by the comparator is less than 1 %. 



FIGURE 3. Level Detector for Photodiode 

Higher threshold currents can be obtained by reducing Ri, 
Rg and R 3 proportionally. At the switching point, the voltage 
across the photodiode is nearly zero, so its leakage current 
does not cause an error. The output switches between 
ground and -10V, driving the data inputs of MOS logic 
directly. 

The circuit in Figure 3 can, of course, be adapted to work 
with a 5V supply. At any rate, the accuracy of the circuit will 


1-35 


WWW national.com 


AN-41 



AN-41 


Low Level Applications (Continued) 

depend on the supply-voltage regulation, since the reference 
is derived from the supply. Figure 4 shows a method of 
making performance independent of supply voltage. is a 
temperature-compensated reference diode with a 1.23V 
breakdown voltage. It acts as a shunt regulator and delivers 
a stable voltage to the comparator. When the diode current is 
large enough (about 10 pA) to make the voltage drop across 
Rg equal to the breakdown voltage of D^, the output will 
change state. Rg has been added to make the threshold 
error proportional to the offset current of the comparator, 
rather than the bias current. It can be eliminated if the bias 
current error is not considered significant. 

R1 

3.9K 



FIGURE 4. Precision Level Detector for Photodiode 

A zero crossing detector that drives the data input of MOS 
logic is shown in Figure 5. Here, both a positive supply and 
the -10V supply for MOS circuits are used. Both supplies 
are required for the circuit to work with zero common-mode 
voltage. An alternate balancing scheme is also shown in the 
schematic. It differs from the circuit in Figure 2 in that it 
raises the input-stage current by a factor of three. This 


increases the rate at which the input voltage follows 
rapidly-changing signals from 7V/ps to 18V/ps. This in¬ 
creased common-mode slew can be obtained without the 
balancing potentiometer by shorting both balance terminals 
to the positive-supply terminal. Increased input bias current 
is the price that must be paid for the faster operation. 



FIGURE 5. Zero Crossing Detector Driving MOS Logic 

Digital Interface Circuits 

Figure 6 shows an interface between high-level logic and 
DTL or TTL. The input signal, with OV and 30V logic states is 
attenuated to OV and 5V by Ri and Rg. Rg and R 4 set up a 
2.5V threshold level for the comparator so that it switches 
when the input goes through 15V. The response time of the 
circuit can be controlled with C^, if desired, to make it insen¬ 
sitive to fast noise spikes. Because of the low error currents 
of the LM111, it is possible to get input impedances even 
higher than the 300 kO, obtained with the indicated resistor 
values. 

The comparator can be strobed, as shown in Figure 6, by the 
addition of Q-, and R 5 . With a logic one on the base of Q^, 
approximately 2.5 mA is drawn out of the strobe terminal of 
the LM111, making the output high independent of the input 
signal. 



FIGURE 6. Circuit for Transmitting Data Between High-Level Logic and TTL 
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Digital Interface Circuits (Continued) 

Sometimes it is necessary to transmit data between digital 
equipments, yet maintain a high degree of electrical isola¬ 
tion. Normally, this is done with a transformer. However, 
transformers have problems with low-duty-cycle pulses 
since they do not preseve the dc level. 

The circuit in Figure 7 is a more satisfactory method of 
obtaining isolation. At the transmitting end, a TTL gate drives 
a gallium-arsenide light-emitting diode. The light output is 
optically coupled to a silicon photodiode, and the comparator 
detects the photodiode output. The optical coupling makes 
possible electrical isolation in the thousands of Megohms at 
potentials in the thousands of volts. 

The maximum data rate of this circuit is 1 MHz. At lower 
rates (-200 kHz) Rg and C., can be eliminated. 


Multivibrators and Oscillators 

The free-running multivibrator in Figure 8 is another example 
of the versatility of the comparator. The inputs are biased 
within the common mode range by and Rg DC stability, 
which insures starting, is provided by negative feedback 
through Rg. The negative feedback is reduced at high fre¬ 
quencies by C^. At some frequency, the positive feedback 
through R 4 will be greater than the negative feedback; and 
the circuit will oscillate. For the component values shown, 
the circuit delivers a 100 kHz square wave output. The 
frequency can be changed by varying C^ or by adjusting R^ 
through R 4 , while keeping their ratios constant. 



FIGURE 7. Data Transmission System with Near-Infinite Ground isoiation 


Because of the low input current of the comparator, large 
circuit impedances can be used. Therefore, low frequencies 
can be obtained with relatively-small capacitor values: it is 


no problem to get down to 1 Hz using a 1 pF capacitor. The 
speed of the comparator also permits operation at frequen¬ 
cies above 100 kHz. 



SQUARE 
‘ WAVE 
OUTPUT* 


* TTL or DTL Fanout of two 


FIGURE 8. Free-Running Multivibrator 
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Multivibrators and Oscillators 

(Continued) 

The frequency of oscillation depends almost entirely on the 
resistance and capacitor values because of the precision of 
the comparator. Further, the frequency changes by only 1% 
for a 10% change in supply voltage. Waveform symmetry is 
also good, but the symmetry can be varied by changing the 
ratio of R-, to Rs- 

A crystal-controlled oscillator that can be used to generate 
the clock in slower digital systems is shown in Figure 9. It is 
similar to the free running multivibrator, except that the posi¬ 
tive feedback is obtained through a quartz crystal. The circuit 
oscillates when transmission through the crystal is at a maxi¬ 
mum, so the crystal operates in its series-resonant mode. 
The high input impedance of the comparator and the isolat¬ 
ing capacitor, Cg, minimize loading of the crystal and con¬ 
tribute to frequency stability. As shown, the oscillator delivers 
a 100 kHz square-wave output. 



FIGURE 9. Crystal-controlled Oscillator 


Frequency Doubler 

In a digital system, it is a relatively simple matter to divide by 
any integer. However, multiplying by an integer is quite an¬ 
other story especially if operation over a wide frequency 
range and waveform symmetry are required. 



00730310 

Frequency Range 
Input—5 kHz to 50 kHz 


Output—10 kHz to 100 kHz 


FIGURE 10. Frequency Doubler 


A frequency doubler that satisfies the above requirements is 
shown in Figure 10. A comparator is used to shape the Input 
signal and feed it to an integrator. The shaping is required 
because the input to the integrator must swing between the 
supply voltage and ground to preserve symmetry in the 
output waveform. An LM108 op amp, that works from the 5V 
logic supply, serves as the integrator. This feeds a triangular 


waveform to a second comparator that detects when the 
waveform goes through a voltage equal to its average value. 
Hence, as shown in Figure 11, the output of the second 
comparator is delayed by half the duration of the input pulse. 
The two comparator outputs can then be combined through 
an exclusive-OR gate to produce the double-frequency out¬ 
put. 
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Frequency Doubler (Continued) 


FIRST COMPARATOR 
OUTPUT 



INTEGRATOR OUTPUT 



SECOND COMPARATOR 
OUTPUT 



CIRCUIT OUTPUT 


uinru 
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FIGURE 11. Waveforms for the Frequency Doubler 

With the component values shown, the circuit operates at 
frequencies from 5 kHz to 50 kHz. Lower frequency opera¬ 
tion can be secured by increasing both Cg and C 4 . 

Application Hints 

One of the problems encountered in using earlier IC com¬ 
parators like the LM710 or LM106 was that they were prone 
to erratic operation caused by oscillations. This was a direct 
result of the high speed of the devices, which made it man¬ 
datory to provide good input-output isolation and 
low-inductance bypassing on the supplies. These oscilla¬ 
tions could be particularly puzzling when they occurred in¬ 
ternally, showing up at the external terminals only as erratic 
dc characteristics. 

In general, the LM111 is less susceptible to spurious oscil¬ 
lations both because of its lower speed (200 ns response 
time vs 40 ns) and because of its better power supply 
rejection. Feedback between the output and the input is a 
lesser problem with a given source resistance. However, the 
LM111 can operate with source resistance that are orders of 
magnitude higher than the earlier devices, so stray coupling 
between the input and output should be minimized. With 
source resistances between 1 kfli and 10 kQ, the impedance 
(both capacitive and resistive) on both inputs should be 
made equal, as this tends to reject the signal feedback. Even 
so, it is difficult to completely eliminate oscillations in the 
linear region with source resistances above 10 k^l, because 
the 1 MHz open loop gam of the comparator is about 80 dB. 
However, this does not affect the dc characteristics and is 
not a problem unless the input signal dwells within 200 pV of 
the transition level. But if the oscillation does cause difficul¬ 
ties, it can be eliminated with a small amount of positive 
feedback around the comparator to give a 1 mV hysteresis. 
Stray coupling between the output and the balance terminals 
can also cause oscillations, so an attempt should be made to 
keep these leads apart. It is usually advisable to tie the 
balance pins together to minimize the effect of this feedback. 
If balancing is used, the same result can be accomplished by 
connecting a 0.1 pF capacitor between these pins. 

Normally, individual supply bypasses on every device are 
unnecessary, although long leads between the comparator 
and the bypass capacitors are definitely not recommended. 
If large current spikes are injected into the supplies in switch¬ 
ing the output, bypass capacitors should be included at 
these points. 

When driving the inputs from a low impedance source, a 
limiting resistor should be placed in series with the input lead 


to limit the peak current to something less than 100 mA. This 
IS especially important when the inputs go outside a piece of 
equipment where they could accidentally be connected to 
high voltage sources. Low impedance sources do not cause 
a problem unless their output voltage exceeds the negative 
supply voltage. However, the supplies go to zero when they 
are turned off, so the isolation is usually needed. 

Large capacitors on the input (greater than 0.1 pF) should be 
treated as a low source impedance and isolated with a 
resistor. A charged capacitor can hold the inputs outside the 
supply voltage if the supplies are abruptly shut off. 
Precautions should be taken to insure that the power sup¬ 
plies for this or any other IC never become reversed—even 
under transient conditions With reverse voltages greater 
than IV, the IC can conduct excessive current, fusing inter¬ 
nal aluminum interconnects. This usually takes more than 
0.5A. If there is a possibility of reversal, clamp diodes with an 
adequate peak current rating should be installed across the 
supply bus. 

No attempt should be made to operate the circuit with the 
ground terminal at a voltage exceeding either supply volt¬ 
age. Further, the 50V output-voltage rating applies to the 
potential between the output and the V” terminal. Therefore, 
if the comparator is operated from a negative supply, the 
maximum output voltage must be reduced by an amount 
equal to the voltage on the V“ terminal. 

The output circuitry is protected for shorts across the load. It 
will not, for example, withstand a short to a voltage more 
negative than the ground terminal. Additionally, with a sus¬ 
tained short, power dissipation can become excessive if the 
voltage across the output transistor exceeds about 10V. 

The input terminals can exceed the positive supply voltage 
without causing damage. However, the 30V maximum rating 
between the inputs and the V terminal must be observed. 
As mentioned earlier, the inputs should not be driven more 
negative than the V" terminal. 

Conclusions 

A versatile voltage comparator that can perform many of the 
precision functions required in digital systems has been 
produced. Unlike older comparators, the IC can operate from 
the same supply voltage as the digital circuits. The compara¬ 
tor IS particularly useful in circuits requiring considerable 
sensitivity and accuracy, such as threshold detectors for low 
level sensors, data transmission circuits or stable oscillators 
and multivibrators. 

The comparator can also be used in many analog systems. 
It operates from standard ± 15V op amp supplies, and its dc 
accuracy equals some of the best op amps. It is also an 
order of magnitude faster than op amps used as compara¬ 
tors. 

The new comparator is considerably more flexible than older 
devices. Not only will it drive RTL, DTL and TTL logic; but 
also it can interface with MOS logic or deliver ± 15V to FET 
analog switches. The output can switch 50V, 50 mA loads, 
making it useful as a driver for relays, lamps or light-emitting 
diodes. Further, a unique output stage enables it to drive 
loads referred to either supply or to ground and provide 
ground isolation between the comparator inputs and the 
load. 

The LM111 IS a plug-in replacement for comparators like the 
LM710 and LM106 in applications where speed is not of 
prime concern. Compared to its predecessors in other re¬ 
spects, it has many improved electrical specifications, more 
design flexibility and fewer application problems. 
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LM139/LM239/LM339 A 
Quad of Independently 
Functioning Comparators 

Introduction 

The LM139/LM239/LM339 family of devices is a monolithic 
quad of independently functioning comparators designed to 
meet the needs for a medium speed, TTL compatible com¬ 
parator for industrial applications. Since no antisaturation 
clamps are used on the output such as a Baker clamp or 
other active circuitry, the output leakage current in the OFF 
state is typically 0.5 nA. This makes the device ideal for 
system applications where it is desired to switch a node to 
ground while leaving it totally unaffected in the OFF state. 
Other features include single supply, low voltage operation 
with an input common mode range from ground up to ap¬ 
proximately one volt below Vqq. The output is an uncommit¬ 
ted collector so it may be used with a pull-up resistor and a 
separate output supply to give switching levels from any 
voltage up to 36V down to a Vqe sat above ground (approx. 
100 mV), sinking currents up to 15 mA. In addition it may be 
used as a single pole switch to ground, leaving the switched 
node unaffected while in the OFF state. Power dissipation 
with all four comparators in the OFF state is typically 4 mW 
from a single 5V supply (1 mW/comparator). 

Circuit Description 

Figure 1 shows the basic input stage of one of the four 
comparators of the LM139. Transistors Q-, through Q 4 make 
up a PNP Darlington differential input stage with Q 5 and Qq 
serving to give single-ended output from differential input 
with no loss in gain. Any differential input at Q-, and Q 4 will be 
amplified causing Qq to switch OFF or ON depending on 
input signal polarity. It can easily be seen that operation with 
an input common mode voltage of ground is possible. With 
both inputs at ground potential, the emitters of Qi and Q 4 will 
be at one Vbe above ground and the emitters of Q 2 and Qg 
at 2 Vbe- For switching action the base of Q 5 and Qq need 
only go to one Vbe above ground and since Qg and Qg can 
operate with zero volts collector to base, enough voltage is 
present at a zero volt common mode input to insure com¬ 
parator action. The bases should not be taken more than 
several hundred millivolts below ground; however, to prevent 
forward biasing a substrate diode which would stop all com¬ 
parator action and possibly damage the device, if very large 
input currents were provided. 

Figure 2 shows the comparator with the output stage added. 
Additional voltage gain is taken through Qj and Qg with the 
collector of Qg left open to offer a wide variety of possible 
applications. The addition of a large pull-up resistor from the 
collector of Qg to either +Vcc or any other supply up to 36V 
both increases the LM139 gain and makes possible output 
switching levels to match practically any application. Several 
outputs may be tied together to provide an ORing function or 
the pull-up resistor may be omitted entirely with the com¬ 
parator then serving as a SPST switch to ground. 
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FIGURE 1. Basic LM139 input Stage 


+Vcc 



FIGURE 2. Basic LM139 Comparator 

Output transistor Qg will sink up to 15 mA before the output 
ON voltage rises above several hundred millivolts. The out¬ 
put current sink capability may be boosted by the addition of 
a discrete transistor at the output. 

The complete circuit for one comparator of the LM139 is 
shown in Figure 3. Current sources I 3 and I 4 are added to 
help charge any parasitic capacitance at the emitters of Q-, 
and Q 4 to improve the slew rate of the input stage, Diodes D-, 
and Dg are added to speed up the voltage swing at the 
emitters of Q-, and Qg for large input voltage swings. 
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Circuit Description (Continued) 


+ Vcc 



FIGURE 3. Complete LM139 Comparator Circuit 

Biasing for current sources I-, through I 4 is shown in Figure 4. 
When power is first applied to the circuit, current flows 
through the JFET to bias up diode Dg. This biases 
transistor Q -,2 which turns ON transistors Qg and Q -,0 by 
allowing a path to ground for their base and collector cur¬ 
rents. 





FIGURE 4. Current Source Biasing Circuit 

Current from the left hand collector of Qg flows through 
diodes Dg and D 4 bringing up the base of Q -,1 to 2 Vbe above 
ground and the emitters of Q^-, and Q -,2 to one Vbe- Q 12 will 
then turn OFF because its base emitter voltage goes to zero. 
This is the desired action because Qg and Q .,0 are biased 
ON through Qn, Dg and D 4 so Q 12 is no longer needed. The 
“bias line” is now sitting at a Vbe below +Vcc which is the 
voltage needed to bias the remaining current sources in the 
LM139 which will have a constant bias regardless of -i-Vcc 
fluctuations. The upper input common mode voltage is Vcc 


minus the saturation voltage of the current sources (appoxi- 
mately 100 mV) minus the 2 Vbe of fbe input devices Q-, and 
Qg (or Qg and Q4). 

Comparator Circuits 

Figure 5 shows a basic comparator circuit for converting low 
level analog signals to a high level digital output The output 
pull-up resistor should be chosen high enough so as to avoid 
excessive power dissipation yet low enough to supply 
enough drive to switch whatever load circuitry is used on the 
comparator output. Resistors and Rg are used to set the 
input threshold trip voltage (Vref) ^^y value desired within 
the input common mode range of the comparator. 

+ Vcc 



FIGURE 5. Basic Comparator Circuit 


Comparators with Hysteresis 

The circuit shown in Figure 5 suffers from one basic draw¬ 
back in that if the input signal is a slowly varying low level 
signal, the comparator may be forced to stay within its linear 
region between the output high and low states for an unde- 
slreable length of time. If this happens, it runs the risk of 
oscillating since it is basically an uncompensated, high gam 
op amp. To prevent this, a small amount of positive feedback 
or hysteresis is added around the comparator. Figure 6 
shows a comparator with a small amount of positive feed¬ 
back. In order to insure proper comparator action, the com¬ 
ponents should be chosen as follows: 

RpULL-UP RlOAD 
Rl > RpuLL-UP 

This will insure that the comparator will always switch fully up 
to +Vqq and not be pulled down by the load or feedback. The 
amount of feedback is chosen arbitrarily to insure proper 
switching with the particular type of input signal used. If the 
output swing is 5V, for example, and it is desired to feedback 
1% or 50 mV, then R^ « 100 Rg. To describe circuit operation, 
assume that the inverting input goes above the reference 
input (V,N > Vref)- This will drive the output, Vq, towards 
ground which in turn pulls Vref down through R-,. Since 


1 


1-41 


WWW national com 


AN-74 




AN-74 


Comparators with Hysteresis 

(Continued) 

Vref is actually the noninverting input to the comparator, it 
too will drive the output towards ground insuring the fastest 
possible switching time regardless of how slow the input 
moves. If the input then travels down to Vref. the same 
procedure will occur only in the opposite direction insuring 
that the output will be driven hard towards +Vcc- 


+Vcc 



FIGURE 6. Comparator with Positive Feedback to 
Improve Switching Time 

Putting hysteresis in the feedback loop of the comparator 
has far more use, however, than simply as an oscillation 
suppressor. It can be made to function as a Schmitt trigger 
with presettable trigger points. A typical circuit is shown in 
Figure 7. Again, the hysteresis is achieved by shifting the 
reference voltage at the positive input when the output volt¬ 
age Vq changes state. This network requires only three 
resistors and is referenced to the positive supply +\fcc of fh® 
comparator. This can be modeled as a resistive divider, R-, 
and Rg, between +Vcc and ground with the third resistor, R 3 , 
alternately connected to +Vcc or ground, paralleling either 
R.i or Rg. To analyze this circuit, assume that the input 
voltage, V,n, at the inverting input is less than V^. With V,n ^ 
Va the output will be high (Vq = +Vcc)- The upper input trip 
voltage, Vai, is defined by: 


_ + Vcc ^2 

~ (Ri II R3) + R2 


or 


w ^ +VccR 2 (Ri + R 3 ) 

Ri R2 + Ri R3 4 - R2 R3 

(1) 

When the input voltage V|n, rises above the reference volt¬ 
age (V|N > Vai), voltage, Vq, will go low (Vq = GND). The 
lower input trip voltage, Va 2 . is now defined by: 

w ^CC R 2 II R 3 

R 1 +R 2 IIR 3 


or 


V = +Vcc R2 Rs 

Ri R2 + Ri R3 + R2 R3 

( 2 ) 

When the input voltage, V|n, decreases to Va 2 or lower, the 
output will again switch high. The total hysteresis, AVa, 
provided by this network is defined by: 

AVa = Vai - Va2 

or, subtracting equation 2 from equation 1 


AVa A- — ——- 

Ri R2 + Ri R3 + R2 R3 

( 3 ) 

To insure that Vq will swing between +Vcc and ground, 
choose: 

RpuLL-up Rload and (4) 

R 3 > RpuLL-UP (5) 

Heavier loading on Rrull-up ('■©■ smaller values of R 3 or 
Rload) simply reduces the value of the maximum output 
voltage thereby reducing the amount of hysteresis by lower¬ 
ing the value of Vai ■ For simplicity, we have assumed in the 
above equations that Vq high switches all the way up to 
+Vcc- 

To find the resistor values needed for a given set of trip 
points, we first divide equation (3) by equation ( 2 ). This gives 
us the ratio: 


Ri Ri 

1 + —^ —L 

AVa _ R 3 R 2 

^A2 ^ 53 + 53 

R 2 Ri 

( 6 ) 
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Comparators with Hysteresis (Continued) 



FIGURE 7. inverting Comparator with Hysteresis 


If we let R-, = n R 3 , Equation (6) becomes: 


From equation (5) R 3 > Rload 


AVa_ ^ 

Va 2 

( 7 ) 

We can then obtain an expression for R 2 from equation (1) 
which gives 


R 2 = 


Ri II R3 

+Vcc _ 
Vai 


The following design example is offered; 
Given: = +15V 

Rload “ 

Vai = +10V 
Va 2 = +5V 

To find; R^, R 2 , R 3 , Rrull-up 
Solution: 

From equation (4) Rrull-up ^ I^load 
RpuLL-up ^ 100 

so let RpuLL-up ~ ^ 


( 8 ) 


R3 > 100 kQ 

so let R 3 = 1 M !:2 


From equation (7) 


n = 


AVa 

Va2 


10-5 

5 


= 1 


and since R^ = n R 3 
this gives R^ = 1 R 3 = 1 MO 

500 kn 

From equation ( 8 ) R 2 =-= 1 MH 

15 

-1 

10 


These are the values shown in Figure 7. 

The circuit shown in Figure 5 is a non-inverting comparator 
with hysteresis which is obtained with only two resistors, R-, 
and R 2 . In contrast to the first method, however, this circuit 
requires a separate reference voltage at the negative input. 
The trip voltage, V^, at the positive input is shifted about 
Vref ss Vq changes between +Vcc and ground. 
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Comparators with Hysteresis 

(Continued) 


+Vcc = +15V 



Vq high Vq low 

+ Vcc VlNl 



VlN 2 
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FIGURE 8. Non-Inverting Comparator with Hysteresis 


AVin = ViN 1 - V|N 2 = 
Vref(Ri + R2) _ Vref (Ri + R2) ~ Vcc 
R 2 R 2 


or 


av,n = 


VccRi 

R 2 


As a design example consider the following: 

Given: Rload = 100 

V,Ni = iov 

V,N 2 = 5V 
+Vcc =15V 

To find: Ri. R 2 ^^d R 3 


(12) 


Solution: 

Again choose Rrull-up ^ Rload to minimize loading, so let 
RpuLL-up “ 5 kQ 

From equation (12) 


Rl 

AVin 

R 2 

Vcc 

Rl 

10-5 

R 2 

15 


R 2 

Rl = 

3 


Again for analysis, assume that the input voltage, V|n, is low 
so that the output, Vq, is also low (Vq = GND). For the 
output to switch, V|N must rise up to V,n 1 where V|n 1 is 
given by: 


Vref(Ri+R 2 ) 

— 

( 9 ) 

As soon as Vq switches to +Vcc. V^ will step to a value 
greater than Vref which is given by: 


Va = V,N + 


(Vcc ~ V|N 1 ) Rl 
Rl "T R2 


( 10 ) 


To make the comparator switch back to its low state (Vq = 
GND) V|N must go below Vrer before will again equal 
Vref- This lower trip point is now given by: 


w _ Vref (Rl + R2) •“ Vcc Rl 
=- 

( 11 ) 

The hysteresis for this circuit, AV,n, is the difference between 
V,N 1 and V|N 2 arid is given by: 


From equation (9) 


Vref = 


10 



Vref = 



7.5V 


To minimize output loading choose 

R 2 ^ RpULL-UP 

or Rg > 3 WQ, 

so let Rg = 1 MQ 

The value of R-, is now obtained from equation (12) 


Ri = 


Rg 

3 


Rl 


1 Mn 


■ = 330 m 


These are the values shown in Figure 8. 
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Limit Comparator with Lamp 
Driver 

The limit comparator shown in Figure 9 provides a range of 
input voltages between which the output devices of both 
LM139 comparators will be OFF. 


+ Vqc 
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FIGURE 9. Limit Comparator with Lamp Driver 

This will allow base current for Q-, to flow through pull-up 
resistor R 4 , turning ON Oi which lights the lamp. If the input 
voltage, V|n, changes to a value greater than or less than 
Vb, one of the comparators will switch ON, shorting the base 
of Q-, to ground, causing the lamp to go OFF. If a PNP 
transistor is substituted for (with emitter tied to +Vcc) the 
lamp will light when the input is above or below Vb- 
and Vb are arbitrarily set by varying resistors R-,, R 2 and R 3 . 


+ Vcc - 15V 



FIGURE 10. Zero Crossing Detector 

Comparing the Magnitude of 
Voitages of Opposite Polarity 

The comparator circuit shown in Figure 11 compares the 
magnitude of two voitages, V|n and V|n 2 which have 
opposite polarities. The resultant input voltage at the minus 
input terminal to the comparator, Va, is a function of the 
voltage divider from V|n and V|n 2 and the values of R-, and 
R 2 . Diode connected transistor Q-, provides protection for the 
minus input terminal by clamping it at several hundred milli¬ 
volts below ground. A 2N2222 was chosen over a 1N914 
diode because of its lower diode voltage. If desired, a small 
amount of hysteresis may be added using the techniques 
described previously. Correct magnitude comparison can be 
seen as follows: Let V|n be the input for the positive polarity 
input voltage and V|n 2 the input for the negative polarity. If 
the magnitude of V|n is greater than that of V|n 2 the output 
will go low (Vqut = GND). If the magnitude of V|n 1 is less 
than that of V,n 2 , however, the output will go high (Vqut = 
Vcc). 


Zero Crossing Detector 

The LM139 can be used to symmetrically square up a sine 
wave centered around zero volts by incorporating a small 
amount of positive feedback to improve switching times and 
centering the input threshold at ground (see Figure 10). 
Voltage divider R 4 and R 5 establishes a reference voltage, 
V-i, at the positive input. By making the series resistance, R-, 
plus R 2 equal to Rg, the switching condition, V^ = V 2 , will be 
satisfied when V|n = 0. The positive feedback resistor, Rg, is 
made very large with respect to Rg (Rg = 2000 Rg). The 
resultant hysteresis established by this network is very small 
(AVi < 10 mV) but It IS sufficient to insure rapid output 
voltage transitions. Diode D^ is used to insure that the in¬ 
verting input terminal of the comparator never goes below 
approximately -100 mV. As the input terminal goes negative, 
D-i will forward bias, clamping the node between R-, and R2 
to approximately -700 mV. This sets up a voltage divider 
with R 2 and R 3 preventing V 2 from going below ground. The 
maximum negative input overdrive is limited by the current 
handling ability of D-,. 



FIGURE 11. Comparing the Magnitude of Voltages of 
Opposite Polarity 
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Magnetic Transducer Amplifier 

A circuit that will detect the zero crossings in the output of a 
magnetic transducer is shown in Figure 12. Resistor divider, 
R-, and R 2 , biases the positive input at +Vcc/2, which is well 
within the common mode operating range. The minus input 
is biased through the magnetic transducer. This allows large 
signal swings to be handled without exceeding the input 
voltage limits. A symmetrical square wave output is insured 
through the positive feedback resistor R 3 . Resistors R^ and 
Rg can be used to set the DC bias voltage at the positive 
input at any desired voltage within the input common mode 
voltage range of the comparator. 


+ Vcc 
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FIGURE 12. Magnetic Transducer Amplifier 

Oscillators Using the LM139 

The LM139 lends itself well to oscillator applications for 
frequencies below several megacycles. Figure 13 shows a 
symmetrical square wave generator using a minimum of 
components. The output frequency is set by the RC time 
constant of R 4 and and the total hysteresis of the loop Is 
set by Ri, R 2 and R 3 . The maximum frequency is limited only 


by the large signal propagation delay of the comparator in 
addition to any capacitive loading at the output which would 
degrade the output slew rate. 

To analyze this circuit assume that the output is initially high. 
For this to be true, the voltage at the negative input must be 
less than the voltage at the positive input. Therefore, capaci¬ 
tor Ci is discharged. The voltage at the positive input, Va^, 
will then be given by: 


_ +Vcc R2 
R 2 + (Ri tl R 3 ) 


where if R^ = Rg = R 3 
then 


(13) 


Vai = 


2 VCC 
3 


(14) 


Capacitor C-, will charge up through R 4 so that when it has 
charged up to a value equal to Vai, the comparator output 
will switch. With the output Vq = GND, the value of Va is 
reduced by the hysteresis network to a value given by: 


Va2 = 


+ Vcc 
3 


(15) 


using the same resistor values as before. Capacitor C^ must 
now discharge through R 4 towards ground. The output will 
return to its high state (Vq = +Vcc) when the voltage across 
the capacitor has discharged to a value equal to Va 2 - For the 
circuit shown, the period for one cycle of oscillation will be 
twice the time it takes for a single RC circuit to charge up to 
one half of its final value. The period can be calculated from: 

V,=V„^e(16) 

where 


and 


Vmax = 


2Vcc 

3 


V/ _ Vmax _ Vcc 


(17) 


(18) 
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Oscillators Using the LM139 (Continued) 


+ Vcc 



FIGURE 13. Square Wave Generator 


One period will be given by: 


1 

freq. 


= 2 ti 


or calculating the exponential gives 


(19) 


— = 2 (0.694) R 4 Ci 
freq. 

( 20 ) 

Resistors R 3 and R 4 must be at least 10 times larger than R 5 
to insure that Vq will go all the way up to +Vcc in the high 
state. The frequency stability of this circuit should strictly be 
a function of the external components. 

Pulse Generator with Variable Duty 
Cycle 

The basic square wave generator of Figure 13 can be modi¬ 
fied to obtain an adjustable duty cycle pulse generator, as 
shown in Figure 14, by providing a separate charge and 
discharge path for capacitor Ci. One path, through R 4 and 
Di will charge the capacitor and set the pulse width (t-,). The 
other path, R 5 and D 2 , will discharge the capacitor and set 
the time between pulses (tg). By varying resistor R 5 , the time 
between pulses of the generator can be changed without 
changing the pulse width. Similarly, by varying R 4 , the pulse 
width will be altered without affecting the time between 
pulses. Both controls will change the frequency of the gen¬ 
erator, however. With the values given in Figure 14, the 
pulse width and time between pulses can be found from: 

Vi = Vmax (1 - e risetime (21) 

Vi = Vmax e falltime ( 22 ) 

where 


Vmax = 


^ Vcc 

3 


and 


(23) 


,, Vmax Vcc 
Vi = — = — 


which gives 


(24) 


1 -ti/R4Ci 

- = e 

2 


tg is then given by: 


(25) 


1 _ ~^2/R5 Ci 

2 - ® 

(26) 

These terms will have a slight error due to the fact that Vmax 
is not exactly equal to % Vcc but is actually reduced by the 
diode drop to: 


Vmax = 5 (Vcc - Vbe) 


therefore 


(27) 


and 


1 _ -ti/R4Ci 

2 (1 - Vbe) " ® 


(28) 
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Pulse Generator with Variable Duty 
Cycle (Continued) 

1 — t2/R5Ci 

—--—- = e 





FIGURE 14. Pulse Generator with Variable Duty Cycle 


Crystal Controlled Oscillator 

A simple yet very stable oscillator can be obtained by using 
a quartz crystal resonator as the feedback element. Figure 
15 gives a typical circuit diagram of this. This value of and 
R 2 are equal so that the comparator will switch symmetrically 


about +Vcc/2. The RC time constant of R 3 and Ci is set to 
be several times greater than the period of the oscillating 
frequency, insuring a 50% duty cycle by maintaining a DC 
voltage at the inverting input equal to the absolute average 
of the output waveform. 


+Vcc 
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FIGURE 15. Crystal Controlled Oscillator 

When specifying the crystal, be sure to order series resonant 
along with the desired temperature coefficient and load ca¬ 
pacitance to be used. 

MOS Clock Driver 

The LM139 can be used to provide the oscillator and clock 
delay timing for a two phase MOS clock driver (see Figure 
16). The oscillator is a standard comparator square wave 
generator similar to the one shown in Figure 13. Two other 
comparators of the LM139 are used to establish the desired 
phasing between the two outputs to the clock driver. A more 
detailed explanation of the delay circuit is given in the sec¬ 
tion under “Digital and Switching Circuits.” 
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Wide Range VCO 

A simple yet very stable voltage controlled oscillator using a 
mimimum of external components can be realized using 
three comparators of the LM139. The schematic is shown in 
Figure 17a. Comparator 1 is used closed loop as an integra¬ 
tor (for further discussion of closed loop operation see sec¬ 
tion on Operational Amplifiers) with comparator 2 used as a 
triangle to square wave converter and comparator 3 as the 
switch driving the integrator. To analyze the circuit, assume 
that comparator 2 is its high state (VgQ = +Vcc) which drives 
comparator 3 to its high state also. The output device of 
comparator 3 will be OFF which prevents any current from 
flowing through R 2 to ground. With a control voltage, Vq, at 
the input to comparator 1, a current I-, will flow through 
and begin discharging capacitor Ci, at a linear rate. This 
discharge current is given by: 



(30) 


and the discharge time is given by: 


(31) 

AV will be the maximum peak change in the voltage across 
capacitor which will be set by the switch points of com¬ 
parator 2. These trip points can be changed by simply alter¬ 
ing the ratio of Rp to Rg, thereby increasing or decreasing 
the amount of hysteresis around comparator 2. With Rp = 
100 kQ and Rs = 5 kQ, the amount of hysteresis is approxi¬ 
mately ±5% which will give switch points of -i-Vqq/ 2 ±750 
mV from a 30V supply (See “Comparators with Hysteresis”) 
As capacitor Ci discharges, the output voltage of compara¬ 
tor 1 will decrease until it reaches the lower trip point of 
comparator 2, which will then force the output of comparator 
2 to go to Its low state (Vsq = GND). 


+Vcc 
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FIGURE 16. MOS Clock Driver 
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Wide Range VCO (Continued) 


+ Vcc = +30V 



nr:' 


00738517 



00738518 

(b) 


FIGURE 17. Voltage Controlled Oscillator 


This in turn causes comparator 3 to go to its low state where 
its output device will be in saturation. A current Ig can now 
flow through resistor R 2 to ground. If the value of Rg is 
chosen as R-,/2 a current equal to the capacitor discharge 
current can be made to flow out of Ci charging it at the same 
rate as it was discharged. By making Rg = Ri/2, current I 2 
will equal twice I-,. This is the control circuitry which 
guararantees a constant 50% duty cycle oscillation indepen¬ 
dent of frequency or temperature. As capacitor Ci charges, 
the output of comparator 1 will ramp up until it trips compara¬ 
tor 2 to its high state (VgQ = +Voc) and the cycle will repeat. 
The circuit shown in Figure 17a uses a +30V supply and 
gives a triangle wave of 1.5V peak-to-peak. With a timing 
capacitor, C-, equal to 500 pF, a frequency range from ap¬ 
proximately 115 kHz down to approximately 670 Hz was 
obtained with a control voltage ranging from 50V down to 
250 mV. By reducing the hysteresis around comparator 2 
down to ±150 mV (Rf = 100 kO, Rs = 1 ki^) and reducing the 
compensating capacitor Cg down to .001 pF, frequencies up 
to 1 MHz may be obtained. For lower frequencies (fo < 1 Hz) 
the timing capacitor, C-i, should be increased up to approxi¬ 
mately 1 pF to insure that the charging currents, I-, and Ig, are 
much larger than the input bias currents of comparator 1. 
Figure 17b shows another interesting approach to provide 
the hysteresis for comparator 2. Two identical Zener diodes, 
Z-, and Zg, are used to set the trip points of comparator 2. 
When the triangle wave is less than the value required to 
Zener one of the diodes, the resistive network, R^ and Rg, 


provides enough feedback to keep the comparator in its 
proper state, (the input would otherwise be floating). The 
advantage of this circuit is that the trip points of comparator 
2 will be completely independent of supply voltage fluctua¬ 
tions. The disadvantage is that Zeners with less than one 
volt breakdown voltage are not obtainable. This limits the 
maximum upper frequency obtainable because of the larger 
amplitude of the triangle wave. If a regulated supply is avail¬ 
able, Figure 17a is preferable simply because of less parts 
count and lower cost. 

Both circuits provide good control over at least two decades 
in frequency with a temperature coefficient largely depen¬ 
dent on the TC of the external timing resistors and capaci¬ 
tors. Remember that good circuit layout is essential along 
with the 0.01 pF compensation capacitor at the output of 
comparator 1 and the series ^0Q. resistor and 0.1 pF capaci¬ 
tor between its inputs, for proper operation. Comparator 1 is 
a high gain amplifier used closed loop as an integrator so 
long leads and loose layout should be avoided. 

Digital and Switching Circuits 

The LM139 lends itself well to low speed (<1 MHz) high 
level logic circuits. They have the advantage of operating 
with high signal levels, giving high noise immunity, which is 
highly desirable for industrial applications. The output signal 
level can be selected by setting the Vqc to which the pull-up 
resistor is connected to any desired level. 
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AND/NAND Gates 

A three input AND gate is shown in Figure 18. Operation of 
this gate is as follows: resistor divider R-, and Rg establishes 
a reference voltage at the inverting input to the comparator. 
The non-inverting input is the sum of the voltages at the 
inputs divided by the voltage dividers comprised of R 3 , R 4 , 
R 5 and Rg. The output will go high only when all three inputs 
are high, causing the voltage at the non-inverting input to go 


above that at inverting input. The circuit values shown work 
for a “0” equal to ground and a “1” equal -i-15V. The resistor 
values can be altered if different logic levels are desired. If 
more inputs are required, diodes are recommended to im¬ 
prove the voltage margin when all but one of the inputs are 
the “1” state. This circuit with increased fan-in is shown in 
Figure 19. 


+ Vcc= 15V 



Vqut = a • B • C 


FIGURE 18. Three Input AND Gate 


To convert these AND gates to NAND gates simply inter¬ 
change the inverting and non-inverting inputs to the com¬ 
parator. Hysteresis can be added to speed up output transi¬ 
tions if low speed input signals are used. 


VouT = A*B*C*D 



FIGURE 19. AND Gate with Large Fan-In 
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OR/NOR Gates 

The three input OR gate (positive logic) shown in Figure 20 
is achieved from the basic AND gate simply by increasing R-, 
thereby reducing the reference voltage. A logic “1” at any of 
the inputs will produce a logic “1 ” at the output. Again a NOR 
gate may be implemented by simply reversing the compara¬ 
tor inputs. Resistor Rg may be added for the OR or NOR 
function at the expense of noise immunity if so desired. 

+Vcc=15V 



VoUT = A + B + C 

FIGURE 20. Three Input OR Gate 


+Vc 



00738522 

FIGURE 21. Output Strobing Using a Discrete 
Transistor 


Output Strobing 

The output of the LM139 may be disabled by adding a clamp 
transistor as shown in Figure 21. A strobe control voltage at 
the base of Qi will clamp the comparator output to ground, 
making it immune to any input changes. 

If the LM139 is being used in a digital system the output may 
be strobed using any other type of gate having an uncom¬ 
mitted collector output (such as National’s DM5401/ 
DM7401). In addition another comparator of the LM139 
could also be used for output strobing, replacing in Figure 
21, if desired. (See Figure 22.) 


+ Vcc 



00738523 


FIGURE 22. Output Strobing with TTL Gate 


One Shot Multivibrators 

A Simple one shot multivibrator can be realized using one 
comparator of the LM139 as shown in Figure 23. The output 
pulse width is set by the values of C 2 and R 4 (with R 4 > 10 
R 3 to avoid loading the output). The magnitude of the input 
trigger pulse required is determined by the resistive divider 
R-, and Rg. Temperature stability can be achieved by balanc¬ 
ing the temperature coefficients of R 4 and C 2 or by using 


components with very lowTC. In addition, the TC of resistors 
Ri and R 2 should be matched so as to maintain a fixed 
reference voltage of +Vcc/2. Diode D 2 provides a rapid 
discharge path for capacitor C 2 to reset the one shot at the 
end of its pulse. It also prevents the non-inverting input from 
being driven below ground. The output pulse width is rela¬ 
tively independent of the magnitude of the supply voltage 
and will change less than 2 % for a five volt change in +Vcc- 
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One Shot Multivibrators (Continued) 


+ Vcc 




to ti 
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FIGURE 23. One Shot Multivibrator 


The one shot multivibrator shown in Figure 24 has several 
characteristics which make it superior to that shown in Fig¬ 
ure 23. First, the pulse width is independent of the magni¬ 
tude of the power supply voltage because the charging 
voltage and the intercept voltage are a fixed percentage of 
+Vcc- In addition this one-shot is capable of 99% duty cycle 
and exhibits input trigger lock-out to insure that the circuit will 
not re-trigger before the output pulse has been completed. 
The trigger level is the voltage required at the input to raise 
the voltage at point A higher than the voltage at point B, and 
is set by the resistive divider R 4 and R -,0 and the network R^, 
R 2 and R 3 . When the multivibrator has been triggered, the 
output of comparator 2 is high causing the reference voltage 
at the non-inverting input of comparator 1 to go to +Vqc. This 
prevents any additional input pulses from disturbing the 
circuit until the output pulse has been completed. 

The value of the timing capacitor, C^, must be kept small 
enough to allow comparator 1 to completely discharge 
before the feedback signal from comparator 2 (through R^o) 
switches comparator 1 OFF and allows to start an expo¬ 
nential charge. Proper circuit action depends on rapidly dis¬ 
charging Ci to a value set by Rg and Rg at which time 


comparator 2 latches comparator 1 OFF. Prior to the estab¬ 
lishment of this OFF state, will have been completely 
discharged by comparator 1 in the ON state. The time delay, 
which sets the output pulse width, results from Ci recharging 
to the reference voltage set by Rg and Rg. When the voltage 
across charges beyond this reference, the output pulse 
returns to ground and the input is again reset to accept a 
trigger. 

Bistable Multivibrator 

Figure 25 is the circuit of one comparator of the LM139 used 
as a bistable multivibrator. A reference voltage is provided at 
the inverting input by a voltage divider comprised of Rg and 
R 3 . A pulse applied to the SET terminal will switch the output 
high. Resistor divider network R^, R 4 , and Rg now clamps 
the non-inverting input to a voltage greater than the refer¬ 
ence voltage. A pulse now applied \.o_ the RESET Input will 
pull the output low. If both Q and Q outputs are needed, 
another comparator can be added as shown dashed in 
Figure 25. 
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Bistable Multivibrator (Continued) 
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FIGURE 24. Multivibrator with Input Lock-Out 


+Vcc 
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FIGURE 25. Bistable Multivibrator 


Figure 26 shows the output saturation voltage of the LM139 
comparator versus the amount of current being passed to 
ground. The end point of 1 mV at zero current along with an 
Rsat of 60^ shows why the LM139 so easily adapts itself to 


oscillator and digital switching circuits by allowing the DC 
output voltage to go practically to ground while in the ON 
state. 
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Bistable Multivibrator (Continued) 
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FIGURE 26. Typical Output Saturation Characteristics 


Time Delay Generator 

The final circuit to be presented “Digital and Switching Cir¬ 
cuits” is a time delay generator (or sequence generator) as 
shown in Figure 27. 

This timer will provide output signals at prescribed time 
intervals from a time reference to and will automatically reset 
when the input signal returns to ground. For circuit evalua¬ 
tion, first consider the quiescent state (V,n = O) where the 
output of comparator 4 is ON which keeps the voltage across 
C-, at zero volts. This keeps the outputs of comparators 1, 2 
and 3 in their ON state (Vqut = GND). When an input signal 
IS applied, comparator 4 turns OFF allowing C-, to charge at 
an exponential rate through R^. As this voltage rises past the 
present trip points V^, Vg, and of comparators 1,2 and 3 
respectively, the output voltage of each of these comparators 
will switch to the high state (Vqut = +^cc)- A small amount 
of hysteresis has been provided to insure fast switching for 
the case where the Rc time constant has been chosen large 
to give long delay times. It Is not necessary that all compara¬ 
tor outputs be low in the quiescent state. Several or all may 
be reversed as desired simply by reversing the inverting and 
non-inverting input connections. Hysteresis again is optional. 


v+ 



Low Frequency Operational 
Amplifiers 

The LM139 comparator can be used as an operational am¬ 
plifier in DC and very low frequency AC applications 
(<100 Hz). An interesting combination is to use one of the 
comparators as an op amp to provide a DC reference volt¬ 
age for the other three comparators in the same package. 


Another useful application of an LM139 has the interesting 
feature that the input common mode voltage range includes 
ground even though the amplifier is biased from a single 
supply and ground. These op amps are also low power drain 
devices and will not drive large load currents unless current 
is boosted with an external NPN transistor. The largest ap- 
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Low Frequency Operational 
Amplifiers (Continued) 

plication limitation comes from a relatively slow slew rate 
which restricts the power bandwidth and the output voltage 
response time. 


+Vcc 



FIGURE 28. Non-Inverting Amplifier 

The LM139, like other comparators, is not internally fre¬ 
quency compensated and does not have internal provisions 
for compensation by external components. Therefore, com¬ 
pensation must be applied at either the inputs or output of 
the device. Figure 28 shows an output compensation 
scheme which utilizes the output collector pull-up resistor 
working with a single compensation capacitor to form a 
dominant pole. The feedback network, R-, and Rg sets the 
closed loop gam at 1 + R^/Rg or 101 (40 dB). Figure 29 
shows the output swing limitations versus frequency. The 
output current capability of this amplifier is limited by the 
relatively large pull-up resistor (15 kO) so the output is 
shown boosted with an external NPN transistor in Figure 30. 
The frequency response is greatly extended by the use of 
the new compensation scheme also shown in Figure 30. The 
DC level shift due to the Vbe of Qi allows the output voltage 
to swing from ground to approximately one volt less than 
-I-Vqc- A voltage offset adjustment can be added as shown in 
Figure 31. 



1 10 100 Ik 10k 100k 


FREQUENCY 

00738530 

FIGURE 29. Large Signal Frequency Response 


+Vcc 
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FIGURE 30. Improved Operational Amplifier 
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Low Frequency Operational 
Amplifiers (Continued) 


above and below ground (see Figure 33). Operation is iden¬ 
tical to the single supply oscillator with only change being in 
the lower trip point. 


+Vcc 



Ay = 100 

FIGURE 31. Input Offset Null Adjustment 

Dual Supply Operation 

The applications presented here have been shown biased 
typically between +Vqq and ground for simplicity. The 
LM139, however, works equally well from dual (plus and 
minus) supplies commonly used with most industry standard 
op amps and comparators, with some applications actually 
requiring fewer parts than the single supply equivalent. 

The zero crossing detector shown in Figure Wean be imple¬ 
mented with fewer parts as shown in Figure 32. Hysteresis 
has been added to insure fast transitions if used with slowly 
moving input signals. It may be omitted if not needed, bring¬ 
ing the total parts count down to one pull-up resistor. 


+Vcc 



FIGURE 32. Zero Crossing Detector Using Dual 
Supplies 

The MOS clock driver shown in Figure 16 uses dual supplies 
to properly drive the MM0025 clock driver. 

The square wave generator shown in Figure 13 can be used 
with dual supplies giving an output that swings symmetrically 


+Vcc 
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FIGURE 33. Squarewave Generator Using Dual 
Supplies 

Figure 34 shows an LM139 connected as an op amp using 
dual supplies. Biasing is actually simpler if full output swing 
at low gain settings is required by biasing the inverting input 
from ground rather than from a resistive divider to some 
voltage between +Vcc and ground. 

All the applications shown will work equally well biased with 
dual supplies. If the total voltage across the device is in¬ 
creased from that shown, the output pull-up resistor should 
be increased to prevent the output transistor from being 
pulled out of saturation by drawing excessive current, 
thereby preventing the output low state from going all the 
way to -Vec- 





FIGURE 34. Non-Inverting Amplifier Using Dual 
Supplies 
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Miscellaneous Applications 

The following is a collection of various applications intended 
primarily to further show the wide versatility that the LM139 
quad comparator has to offer. No new modes of operation 
are presented here so all of the previous formulas and circuit 
descriptions will hold true. It is hoped that all of the circuits 
presented in this application note will suggest to the user a 
few of the many areas in which the LM139 can be utilized. 

Remote Temperature Sensor/Alarm 

The circuit shown in Figure 35 shows a temperature 
over-range limit sensor. The 2N930 is a National process 07 
silicon NPN transistor connected to produce a voltage refer¬ 
ence equal to a multiple of its base emitter voltage along with 
temperature coefficient equal to a multiple of 2.2 mV/'C. 
That multiple is determined by the ratio of Ri to Rg. The 
theory of operation is as follows: with transistor biased 
up, its base to emitter voltage will appear across resistor R-,. 
Assuming a reasonably high beta (P > 100) the base current 
can be neglected so that the current that flows through 
resistor R^ must also be flowing through Rg. The voltage 
drop across resistor R 2 will be given by: 

Iri = Ir2 
and 

Vri = Vbe = Iri Ri 

so 


Vr2 = iR2 ^2 = Iri R2 = Vbe — 

(32) 

As stated previously this base-emitter voltage Is strongly 
temperature dependent, minus 2.2 mV/°C for a silicon tran¬ 
sistor. This temperature coefficient is also multiplied by the 
resistor ratio R^/Rg. 

This provides a highly linear, variable temperature coefficient 
reference which is ideal for use as a temperature sensor 
over a temperature range of approximately -65°C to -i-150°C. 
When this temperature sensor is connected as shown in 
Figure 35 it can be used to indicate an alarm condition of 
either too high or too low a temperature excursion. Resistors 
R 3 and R 4 set the trip point reference voltage, Vg, with 
switching occuring when = Vg. Resistor R 5 is used to bias 


up Qi at some low value of current simply to keep quiescent 
power dissipation to a minimum. An Iq near 10 pA is accept¬ 
able. 

Using one LM139, four separate sense points are available. 
The outputs of the four comparators can be used to indicate 
four separate alarm conditions or the outputs can be OR’ed 
together to indicate an alarm condition at any one of the 
sensors. For the circuit shown the output will go HIGH when 
the temperature of the sensor goes above the preset level. 
This could easily be inverted by simply reversing the input 
leads. For operation over a narrow temperature range, the 
resistor ratio R 2 /R 1 should be large to make the alarm more 
sensitive to temperature variations. To vary the trip points a 
potentiometer can be substituted for R 3 and R 4 . By the 
addition of a single feedback resistor to the non-inverting 
input to provide a slight amount of hysteresis, the sensor 
could function as a thermostat. For driving loads greater than 
15 mA, an output current booster transistor could be used. 

Four Independently Variable, 
Temperature Compensated, 
Reference Supplies 

The circuit shown in Figure 36 provides four independently 
variable voltages that could be used for low current supplies 
for powering additional equipment or for generating the ref¬ 
erence voltages needed in some of the previous comparator 
applications. If the proper Zener diode is chosen, these four 
voltages will have a near zero temperature coefficient. For 
industry standard Zeners, this will be somewhere between 
5.0 and 5.4V at a Zener current of approximately 10 mA. An 
alternative solution is offered to reduce this 50 mW quies¬ 
cent power drain. Experimental data has shown that any of 
National’s process 21 transistors which have been selected 
for low reverse beta (Pr <.25) can be used quite satisfacto¬ 
rily as a zero T.C. Zener. When connected as shown in 
Figure 37, the T.C. of the base-emitter Zener voltage is 
exactly cancelled by the T.C. of the forward biased 
base-collector junction if biased at 1.5 mA. The diode can be 
properly biased from any supply by adjusting Rg to set Iq 
equal to 1.5 mA. The outputs of any of the reference supplies 
can be current boosted by using the circuit shown in Figure 
30. 
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Four Independently Variable, Temperature Compensated, Reference 
Supplies (Continued) 


V" 



Q1 = National Process 21 Selected for Low Reverse p 


00738538 


FIGURE 37. Zero T.C. Zener 


Digital Tape Reader 

Two circuits are presented here-a tape reader for both 
magnetic tape and punched paper tape. The circuit shown in 
Figure 38, the magnetic tape reader, is the same as Figure 
12 with a few resistor values changed. With a 5V supply, to 


make the output TTL compatible, and a 1 MQ feedback 
resistor, ±5 mV of hysteresis is provided to insure fast 
switching and higher noise immunity. Using one LM139, four 
tape channels can be read simultaneously. 


+5V 



TTL 

OUTPUT 
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FIGURE 38. Magnetic Tape Reader with TTL Output 
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Digital Tape Reader (Continued) 

+5V 



FIGURE 39. Paper Tape Reader With TTL Output 

The paper tape reader shown in Figure 39 is essentially the 
same circuit as Figure 38 with the only change being in the 
type of transducer used. A photo-diode is now used to sense 
the presence or absence of light passing through holes in the 
tape. Again a 1 Mil feedback resistor gives ±5 mV of hys¬ 
teresis to insure rapid switching and noise immunity. 

Pulse Width Modulator 

Figure 40 shows the circuit for a simple pulse width modu¬ 
lator circuit. It IS essentially the same as that shown in Figure 
73 with the addition of an input control voltage. With the input 
control voltage equal to +Vcc/2, operation is basically the 
same as that described previously. If the input control volt¬ 


age IS moved above or below +Vqc/ 2, however, the duty 
cycle of the output square wave will be altered. This is 
because the addition of the control voltage at the input has 
now altered the trip points. These trip points can be found if 
the circuit is simplified as in Figure 41. Equations 13 through 
20 are still applicable if the effect of Rq is added, with 
equations 17 through 20 being altered for condition where 
Vc ^ +Vcc/2. 

Pulse width sensitivity to input voltage variations will be 
increased by reducing the value of Rq from 10 kO. and 
alternately, sensitivity will be reduced by increasing the value 
of Rq. The values of R^ and can be varied to produce any 
desired center frequency from less than one hertz to the 
maximum frequency of the LM139 which will be limited by 
-i-Vcc and the output slew rate. 

+Vcc 



FIGURE 40. Pulse Width Modulator 
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Pulse Width Modulator (Continued) 

+Vcc +Vcc 



Va = UPPER TRIP POINT 


+Vcc 
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Vb = LOWER TRIP POINT 

FIGURE 41. Simplified Circuit For 
Calculating Trip Points of Figure 40 

Positive and Negative Peak 
Detectors 

Figures 42, 43 show the schematics for simple positive or 
negative peak detectors. Basically the LM139 is operated 
closed loop as a unity gain follower with a large holding 
capacitor from the output to ground. For the positive peak 
detector a low impedance current source is needed so an 
additional transistor is added to the output. When the output 
of the comparator goes high, current is passed through Q-, to 
charge up C-,. The only discharge path will be the 1 MQ 
resistor shunting C-, and any load that is connected to Vqut- 
The decay time can be altered simply by changing the 1 MQ 
resistor higher or lower as desired. The output should be 
used through a high impedance follower to avoid loading the 
output of the peak detector. 


+Vcc 



FIGURE 42. Positive Peak Detector 



FIGURE 43. Negative Peak Detector 

For the negative peak detector, a low impedance current 
sink is required and the output transistor of the LM139 works 
quite well for this. Again the only discharge path will be the 1 
MQ resistor and any load impedance used. Decay time is 
changed by varying the 1 MQ resistor. 

Conclusion 

The LM139 is an extremely versatile comparator package 
offering reasonably high speed while operating at power 
levels in the low mW region. By offering four independent 
comparators in one package, many logic and other functions 
can now be performed at substantial savings in circuit com¬ 
plexity, parts count, overall physical dimensions, and power 
consumption. 

For limited temperature range application, the LM239 or 
LM339 may be used in place of the LM139. 

It is hoped that this application note will provide the user with 
a guide for using the LM139 and also offer some new 
application ideas. 


www.national com 


1-62 




1C Preamplifier Challenges 
Choppers on Drift 


National Semiconductor 
Application Note 79 
Robert J. Widlar 



Since the introduction of monolithic 1C amplifiers there has 
been a continual improvement in DC accuracy. Bias currents 
have been decreased by 5 orders of magnitude over the past 
5 years. Low offset voltage drift is also necessary in a high 
accuracy circuits. This is evidenced by the popularity of low 
drift amplifier types as well as the requests for selected 
low-drift op amps. However, until now the chopper stabilized 
amplifier offered the lowest drift. A new monolithic 1C pream¬ 
plifier designed for use with general purpose op amps im¬ 
proves DC accuracy to where the drift is lower than many 
chopper stabilized amplifiers. 

Introduction 

Chopper amplifiers have long been known to offer the lowest 
possible DC drift. They are not without problems, however. 
Most chopper amps can be used only as inverting amplifiers, 
limiting their applications. Chopping can introduce noise and 
spikes into the signal Mechanical choppers need replace¬ 
ment as well as being shock sensitive. Further, chopper 
amplifiers are designed to operate over a limited power 
supply, limited temperature range. 

Previous low-drift op amps do not provide optimum perfor¬ 
mance either. Selected devices may only meet their speci¬ 
fied voltage drift under restrictive conditions. For example, if 
a 741 device is selected without offset nulling, the addition of 
a offset null pot can drastically change the drift. Low drift op 
amps designed for offset balancing have another problem. 
The resistor network used in the null circuit is designed to 
null the drift when the offset voltage is nulled. The mecha¬ 
nism to achieve nulled drift depends on the difference in 
temperature coefficient between the internal resistors and 
the external null pot. Since the internal resistors have a 
non-linear temperature coefficient and may vary device to 
device as well as between manufacturers, it can only ap¬ 
proximately null offset drift. The problem gets worse if the 
external null pot has a TC other than zero. 

A new IC preamplifier is now available which can give drifts 
as low as 0.2 pV/°C. It is used with conventional op amps 
and eliminates the problems associated with older devices. 
As well as improving the DC input characteristics of the op 
amp, loop-gam is increased when an LM121 is used. This 
further improves overall accuracy since DC gain error is 
decreased. 

The LM121 preamp is designed to give zero drift when the 
offset voltage is nulled to zero. The operating current of the 
LM121 is programmable by the value of the null network 
resistors. The drift is independent of the value of the nulling 


network so it can be used over a wide range of operating 
currents while retaining low drift. The operating current can 
be chosen to optimize bias current, gam, speed, or noise 
while still retaining the low drift. Further, since the drift is 
independent of the match between external and internal 
resistors when the offset is nulled, lower and more predict¬ 
able drifts can be expected in actual use. The input is fully 
differential, overcoming many of the problems with single 
ended chopper-amps. The device also has enough common 
mode rejection ratio to allow the low drift to be fully utilized. 

Circuit Description 

The LM121 is a well matched differential amplifier utilizing 
super-gain transistors as the input devices. A schematic is 
shown in Figure 1. The input signal is applied to the bases of 
Qg and Q 4 through protection resistors and Rg. Q 3 and Q 4 
have two emitters to allow offset balancing which will be 
explained later. The operating current for the differential 
amplifier is supplied by current sources Q^q and Q^. The 
operating current is externally programmed by resistors con¬ 
nected from the emitters of Q^o and to the negative 
supply. Input transistors Qg and Q 4 are cascoded by transis¬ 
tors 65 and Qg to keep the collector base voltage on the 
input stage equal to zero. This eliminates leakage at high 
operating temperatures and keeps the common mode input 
voltage from appearing across the low breakdown 
super-gain input transistors. Additionally, the cascode im¬ 
proves the common mode rejection of the differential ampli¬ 
fier. Qi and Qg protect the input against large differential 
voltages. 

The ouput signal is developed across resistive loads Rg and 
R4. The total collector current of the input is then applied to 
the base of a fixed gain PNP, Q 7 . The collector current of Qy 
sets the operating current of Qg, Q 12 . and Q^g. These tran¬ 
sistors are used to set the operating voltage of the cascode, 
Q 5 and Qg. By operating the cascode biasing transistors at 
the same operating current as the input stage, it is possible 
to keep collector base voltage at zero; and therefore, 
collector-base leakage remains low over a wide current 
range. Further, this minimizes the effects of Vbe variations 
and finite transistor current gain. At high operating currents 
the collector base voltage of the Input stage is increased by 
about 100 mV due to the drop across R^g and R-,g. This 
prevents the input transistors from saturating under worst 
case conditions of high current and high operating 
temperature. 
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Circuit Description (Continued) 



*Pin connections shown on diagram and typical applications are for TO-5 package 


FIGURE 1. Schematic Diagram of the LM121 


The rest of the devices comprise the turn-on and reguiator 
circuitry. Transistors 0 ^ 4 , Q 15 , and form a 1.2V regulator 
for the bases of the input stage current source. By fixing the 
bases of the current sources at 1.2V, their ouput current 
changes proportional to absolute temperature. This compen¬ 
sates for the temperature sensitivity of the input stage 
transconductance. Temperature compensating the transcon¬ 
ductance makes the preamp more useful in some applica¬ 
tions such as an instrumentation amplifier and minimizes 
bandwidth variations with temperature. The regulator is 
started by and its operating current is supplied by 
and Qg, F/gi/re 2 shows the LM121 chip. 


preamp. Unlike earlier devices such as the LM725, the 
LM121 depends only upon the highly predictable emitter 
base voltages of transistors to achieve low drift. Devices like 
the LM725 depend on the match between internal resistor 
temperature coefficient and the external null pot as well as 
the input stage transistors characteristics for drift compen¬ 
sation. 

The input stage of the LM121 is actually two differential 
amplifiers connected in parallel, each having a fixed offset. 
The offset is due to different areas for the transistor emitters. 
The offset for each pair is given by: 


Offset Balancing 

The LM121 was designed to operate with an offset balancing 
network connected to the current source transistors. The 
method of balancing the offset also minimizes the drift of the 


kT Ai 
AVeE = — In — 
q A 2 


where k is Boltzmann’s constant, T is absolute temperature. 
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Offset Balancing (Continued) 
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FIGURE 2. LM121 Chip 

q is the charge on an electron, and A-, and Ag are emitter 
areas. Because of the offset, each pair has a fixed drift. 
When the pairs are connected in parallel, if they match, the 
offsets and drift cancel. However, since matching is not 
perfect, the emitters of the pairs are not connected in paral¬ 
lel, but connected to independent current sources to allow 
offset balancing. The offset and drift effect of each pair is 
proportional to its operating current, so varying the ratio of 
the current from current sources will vary both the offset and 
drift. When the offset is nulled to zero, the drift is nulled to 
below 1 pV/°C. 

The offset balancing method used in the LM121 has several 
advantages over conventional balancing schemes. Firstly, 
as mentioned earlier, it theoretically zeros the drift and offset 
simultaneously Secondly, since the maximum balancing 
range is fixed by transistor areas, the effect of null network 
variations on offset voltage is minimized. Resistor shifts of 
one percent only cause a 30 pV shift in offset voltage on the 
LM121, while a one percent shift in collector resistors on a 
standard diff amp causes a 300 pV offset change. Finally, it 
allows the value of the null network to set the operating 
current. 

Achieving Low Drift 

A very low drift amplifier poses some uncommon application 
and testing problems. Many sources of error can cause the 


apparent circuit drift to be much higher than would be pre¬ 
dicted. In many cases, the low drift of the op amp is com¬ 
pletely swamped by external effects while the amplifier is 
blamed for the high drift. 

Thermocouple effects caused by temperature gradient 
across dissimilar metals are perhaps the worst offenders. 
Whenever dissimilar metals are joined, a thermocouple re¬ 
sults. The voltage generated by the thermocouple is propor¬ 
tional to the temperature difference between the junction and 
the measurement end of the metal This voltage can range 
between essentially zero and hundred of microvolts per 
degree, depending on the metals used. In any system using 
integrated circuits a minimum of three metals are found; 
copper, solder, and kovar (lead material of the IC). 
Nominally, most parts of a circuit are at the same tempera¬ 
ture. However, a small temperature gradient can exist across 
even a few inches — and this is a big problem with low level 
signals. Only a few degrees gradient can cause hundreds of 
microvolts of error. The two places this shows up, generally 
are the package-to-printed circuit board interface and tem¬ 
perature gradients across resistors. Keeping package leads 
short and the two input leads close together help greatly. 
For example, a very low drift amplifier was constructed and 
the output monitored over a 1 minute period. During the 1 
minute it appeared to have input referred offset variations of 
±5 pV. Shielding the circuit from air currents reduced this to 
±0.5 pV. The 10 pV error was due to thermal gradients 
across the circuit from air currents. 

Resistor choice as well as physical placement is important 
for minimizing thermocouple effects. Carbon, oxide film and 
some metal film resistors can cause large thermocouple 
errors. Wirewound resistors of evenohm or managanin are 
best since they only generate about 2 pV/°C referenced to 
copper. Of course, keeping the resistor ends at the same 
temperature is important. Generally, shielding a low drift 
stage electrically and thermally will yield good results. 
Resistors can cause other errors besides gradient generated 
voltages. If the gain setting resistors do not track with tem¬ 
perature a gam error will result. For example a gam of 1000 
amplifier with a constant 10 mV input will have a 10V output. 
If the resistors mistrack by 0.5% over the operating tempera¬ 
ture range, the error at the output is 50 mV Referred to input, 
this is a 50 pV error. Most precision resistors use different 
material for different ranges of resistor values. It is not un¬ 
expected that resistors differing by a factor of 1000, do not 
track perfectly with temperature. For best results insure that 
the gam fixing resistors are of the same material or have 
tracking temperature coefficients. 

Testing low drift amplifiers is also difficult. Standard drift 
testing techniques such as heating the device m an oven and 
having the leads available through a connector, thermo¬ 
probe, or the soldering iron method — do not work. Thermal 
gradients cause much greater errors than the amplifier drift. 
Coupling microvolt signals through connectors is especially 
bad since the temperature difference across the connector 
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Achieving Low Drift (Continued) 

can be 50°C or more. The device under test along with the 
gain setting resistor should be isothermal. The circuit in 
Figure 3 will yield good results if well constructed. 


50K 



*Op amp shown in Figure 9. 


CONNECTOR 


Vos XI000 



AMBIENT 

00738703 


FIGURE 3. Drift Measurement Circuit 


Performance 

It is somewhat difficult to specify the performance of the 
LM121 since it is programmable over a wide range of oper¬ 
ating currents. Changing the operating current varies gain, 
bias current, and offset current — three critical parameters 
in a high accuracy system. However, offset voltage and drift 
are virtually independent of the operating current. 

Typical performance at an operating current of 20 pA is 
shown in Table 1. Figures 4, 5 show how the bias current, 
offset current, and gain change as a function of program¬ 
ming current. Drift is guaranteed at 1 pV/°C independent of 
the operating current. 



00738704 


FIGURE 4. Bias and Offset Current vs Set Current 



1 2 5 10 20 50 100 

COLLECTOR CURRENT/SIDE (^.A) 

00738705 

FIGURE 5. Gain vs Set Current 


TABLE 1. Typical Performance at an Operating Current 
of 10 pA Per Side 


Offset Voltage 

Nulled 

Bias Current 

7 nA 

Offset Current 

0.5 nA 

Offset Voltage Drift 

0.3 pvrc 

Common Mode Rejection Ratio 

125 dB 

Supply Voltage Rejection Ratio 

125 dB 

Common Mode Range 

±13V 

Gain 

20 VA/ 

Supply Current 

0.5 mA 


Over a temperature range of -55°C to +125°C the LM121 
has less than 1 pV/°C offset voltage drift when nulled. It is 
important that the offset voltage is accurately nulled to 
achieve this low drift. The drift is directly related to the offset 
voltage with 3.8 pV/°C drift resulting from every millivolt of 
offset. For example, if the offset is nulled to 100 pV, about 0.4 
pVrc will result — or twice the typically expected drift. This 
drift is quite predictable and could even be used to cancel 
the drift elsewhere in a system. Figure 6 shows drift as a 
function of offset voltage. For critical applications selected 
devices can achieve 0.2 pV/°C. 

Figures 7, 8 show the bias current, offset current, and gain 
variation over a -55°C to +125*C temperature range. These 
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Performance (Continued) 

performance characteristics do not tell the whole story. Since 
the LM121 is used with an operational amplifier, the op amp 
characteristics must be considered for overall amplifier per¬ 
formance. 



0 2 4 6 810 


Op Amp Effects 

The LM121 is nominally used with a standard type of opera¬ 
tional amplifier. The op amp functions as the second and 
ensuing stages of the amplifying system. When the LM121 is 
connected to an op amp, the two devices may be treated 
(and used) just as a single op amp. The inputs of the 
combination are the inputs of the LM121 and the output is 
from the op amp. Feedback, as with any op amp, is applied 
back to the inputs. Figure 9 shows the general configuration 
of an amplifier using the LM121. 

The offset voltage and drift of the op amp used have an 
effect on overall performance and must be considered. (The 
bias and offset currents of today’s op amp are low enough to 
be ignored.) Although the exact effects of the op amp stage 
are difficult and tedious to calculate, a few approximations 
will show the sources of drift. 

Op amp drift is perhaps the most important source of error. 
Drift of the op amp is directly reduced by the gain of the 
LM121. The drift referred to the input is given by: 


OFFSET VOLTAGE (mV) 

00738706 


FIGURE 6. Drift vs Offset Voltage 



-55 -35 -15 5 25 45 65 85 105 125 
TEMPERATURE (“0 

00738707 


op amp drift 

input drift = - - -+ LM121 drift. 

LM121 gain 

If the op amp has a drift of 10 pV/°C and the LM121 is 
operated at a gain of Av = 50, there will be a 0.2 pV/°C 
component of the total drift due to the op amp. It is therefore 
important that the LM121 be operated at relatively high gain 
to minimize the effects of op amp drift. Lower gains for the 
LM121 will give proportionately less reduction in op amp 
drift. Of course, a moderately low drift op amp such as the 
LM108A eases the problem. 

Op amp offset voltage also has an effect on total drift. For 
purpose of analysis assume the LM121 to be perfect with no 
offset or drift of its own. Then any offset seen when the 
LM121 is connected to an op amp is due to the op amp 
alone. The offset is equal to: 


offset voltage = 


op amp offset 
LM121 gain 


FIGURE 7. Bias and Offset Current vs Temperature 



TEMPERATURE (°C) 

00738708 


FIGURE 8. Gain vs Temperature for the LM121 


or the offset is reduced by the gain of the LM121. For 
example, with a gam of 50 for the LM121, 2 mV of offset on 
the op amp appears as 40 pV of offset at the LM121 input. 
Unlike offset due to a mismatch in the LM121, this 40 pV of 
offset does not cause any drift. However, when the system is 
nulled so the offset at the input of the LM121 is zero, 40 pV 
of imbalance has been inserted into the LM121. The imbal¬ 
ance caused by nulling the offset induced by the op amp will 
cause a drift of about 0.14 pV/°C. With the system nulled the 
drift due to op amp will cause a drift of about 0.15 pV/°C. 
With the system nulled the drift due to op amp offset can be 
expressed as: 


drift (jiiV/“C) = 


op amp offset (mV) 
LM121 gain 


(3.6 fiV/“C). 


In actual operation, drift due to op amp offsets will usually be 
better than predicted. This is because offset voitage and drift 
are not independent. With the LM121 there is a strong, 
predictable, correlation between offset and drift. Also, there 
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Op Amp Effects (Continued) 

is a correlation with op amps, but it is not as strong. The drift 
of the op amp tends to cancel the drift induced in the LM121 
when the system is nulled. 

In the previous example the drift due to the op amp offset 
was 0.15 pV/°C. If the op amp has a drift of 3.6 [NTC per 
millivolt of offset (like the LM121) it will have a drift of 
7.2 pV/°C. This drift Is reduced by the gain of the LM121 (Av 
= 50) to 0.14 pVrC. This 0.14 pV/°C will cancel the 0.14 
pV/°C drift due to balancing the LM121. Since op amps do 
not always have a strong correlation between offset and drift, 
the cancellation of drifts is not total. Once again, high gain for 
the LM121 and a low offset op amp helps achieve low drifts. 

Frequency Compensation 

The additional gain of the LM121 preamplifier when used 
with an operational amplifier usually necessitates additional 


frequency compensation. This is because the additional gam 
introduced by the LM121 must be rolled-off before the phase 
shift through the LM121 and op amp reaches 180°. The 
additional compensation depends on the gain of the LM121 
as well as the closed loop gain of the system. Two frequency 
compensation techniques are shown here that will operate 
with any op amp that is unity gain stable. 

When the closed loop gain of the op amp with the LM121 is 
less than the gain of the LM121 alone, more compensation is 
needed. The worst case situation is when there is 100% 
feedback — such as a voltage follower or integrator — and 
the gain of the LM121 is high. When high closed loop gains 
are used — for example Ay = 1000 — and only an addi¬ 
tional gain of 100 is inserted by the LM121, the frequency 
compensation of the op amp will usually suffice. 





*Frequency compensation —see text for values 


tlsET(MA) = 


600 

RsET(kf^) 


FIGURE 9. General Purpose Amplifier Using the LM121 


The basic circuit of the LM121 in Figure 9 shows two com- the 30 pF frequency compensation for the op amp alone), 

pensation capacitors connected to the op amp (disregarding The capacitor from pin 6 to pin 2 around the op amp acts as 
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Frequency Compensation (Continued) 

an integrating capacitor to roll off the gain. Since the output 
of the LM121 is differential, a second capacitor is needed to 
roll off pin 3 of the op amp These capacitors are Cd and 
Cc 2 in Figure 9. 

With capacitors equal, the circuit retains good AC power 
supply rejection The approximate value of the compensa¬ 
tion capacitors is given by: 

8 

Cc = —^-farads 

106 Acl Rset 

where Rset 's the current set resistor from each current 
source and where Aql is closed loop gam. Table 2 shows 
typical capacitor values. 

An alternate compensation scheme was developed for ap¬ 
plications requiring more predictable and smoother roll off. 
This IS useful where the amplifier’s gain is changed over a 
wide range. In this case Cd is made large and connected to 
rather than ground. The output of the LM121 is rendered 
single ended by a 0 01 pF bypass capacitor to Overall 
frequency compensation then is achieved by an integrating 
capacitor around the op amp- 


Bandwidth at unity gain = ---- 

Ztt Rset c 

4 

for 0 5 MHz bandwidth C = —r- 

106 Rset 


TABLE 2. Typical compensation capacitors for various 
operating currents and closed loop gains. Values 
given apply to LM101A, LMIOS, and LM741 type 
amplifiers. 


Closed 


Current Set Resistor 


Loop 






Gain 

120 kQ 

60 kQ 

30 kQ 

12 kQ 

6 kQ 

Ay = 1 

68 pF 

130 pF 

270 pF 

680 pF 

1300 pF 

LO 

II 

> 

< 

15 pF 

27 pF 

50 pF 

130 pF 

270 pF 

o 

II 

> 

< 

10 pF 

15 pF 

27 pF 

68 pF 

130 pF 

Ay = 50 

1 pF 

3pF 

5 pF 

15 pF 

27 pF 

Ay = 100 


1 pF 

3 pF 

5 pF 

10 pF 

Ay = 500 

Ay = 1000 



1 pF 

1 pF 

3pF 


For use with higher frequency op amps such as the LM118 
the bandwidth may be increased to about 2 MHz. If closed 
loop gain is greater than unity “C” may be decreased to: 


10® Acl Rset 


Applications 

No attempt will be made to include precision op amp appli¬ 
cations as they are well covered in other literature. The 
previous sections detail frequency compensation and drift 
problems encountered in using very low drift op amps. The 
circuit shown in Figure 9 mW yield good results in almost any 


op amp application. However, it is important to choose the 
operating current properly. From the curves given it is rela¬ 
tively easy to see the effects of current changes. High cur¬ 
rents increase gam and reduce op amp effects on drift. Bias 
and offset current also increase at high current When the 
operating source resistance is relatively high, errors due to 
high bias and offset current can swamp offset voltage drift 
errors. Therefore, with high source impedances it may be 
advantageous to operate at lower currents 
Another important consideration is output common mode 
voltage This is the voltage between the outputs of the 
LM121 and the positive power supply. Firstly, the output 
common mode voltage must be within the operating com¬ 
mon mode range of the output op amp. At currents above 10 
pA there is no problems with the LM108, LM101, and LM741 
type devices. Higher currents are needed for devices with 
more limited common mode range, such as the LM118 As 
the operating current is increased, the positive common 
mode limit for the LM121 is decreased. This is because there 
is more voltage drop across the internal 50k load resistors 
The output common mode voltage and positive common 
mode limits are about equal and given by: 

Output common / 0.65 X 50kn\ 

mode voltage positive ~ V+ - 1 0.6V +---1 

common mode limit 

\\ it IS necessary to increase the common mode output 
voltage (or limit), external resistors can be connected in 
parallel with the internal 50 kQ resistors. This should only be 
done at high operating currents (80 pA) since it reduces gain 
and diverts part of the input stage current from the internal 
biasing circuitry. A reasonable value for external resistors is 
50 ka. 

The external resistors should be of high quality and low drift, 
such as wirewound resistors, since they will affect drift if they 
do not track well with temperature. A 20 ppm/°C difference in 
external resistor temperature coefficient will introduce an 
additional 0.3 pV/°C drift. 

An unusually simple gain of 1000 instrumentation amplifier 
can be made using the LM121. The amplifier has a floating, 
full differential, high impedance input. Linearity is better than 
1 %, depending upon input signal level with maximum error 
at maximum input Gam stability, as shown in Figure 10, is 
about ±2% over a -55°C to -i-125°C temperature range. 
Finally, the amplifier has very low drift and high CMRR. 



-55 -35 -15 5 25 45 65 85 105 125 

TEMPERATURE TO 


00738710 


FIGURE 10. Instrumentation Amplifier 
Gain vs Temperature 
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Applications (Continued) 

Figure 11 shows a schematic of the instrumentation ampli¬ 
fier. The LM121 is used as the input stage and operated 
open-loop. It converts an input voltage to a differential output 
current at pins 1 and 8 to drive an op amp. The op amp acts 
as a current to voltage converter and has a single-ended 
output. 


Resistors R-, and Rg with null pot Rg set the operating 
current of the LM121 and provide offset adjustment. R 4 is a 
fine trim to set the gain at 1000. There is very little interaction 
between the gain and null pots. 


R6 

3M 

1 % 



00738711 

^Offset adjust 
tGain trim 

tBetter than 1% linearity for input signals up to ±10 mV gam stability typical ±2% from -55’C to +125°C CMRR 110 dB 


FIGURE 11. Gain of 1000 Instrumentation Amplifier 


This instrumentation amplifier is limited to a maximum input 
signal of ±10 mV for good linearity. At high signal levels the 
transfer characteristic of the LM121 becomes rapidly 
non-linear, as with any differential amplifier. Therefore, it is 
most useful as a high gain amplifier. 

Since feedback is not applied around the LM121, CMRR is 
not dependent on resistor matching. This eliminates the 
need for precisely matched resistor as with conventional 
instrumentation amplifiers. Although the linearity and gain 
stability are not as good as conventional schemes, this 
amplifier will find wide application where low drift and high 
CMRR are necessary. 

A precision reference using a standard cell is shown in 
Figure 12. The low drift and low input current of the LM121A 
allow the reference amplifier to buffer the standard cell with 
high accuracy. Typical long term drift for the LM121 operat¬ 
ing at constant temperature is less than 2 pV per 1000 hours. 


To minimize temperature gradient errors, this circuit should 
be shielded from air currents. Good single-point wiring 
should also be used. When power is not applied, it is nec¬ 
essary to disconnect the standard cell from the input of the 
LM121 or it will discharge through the internal protection 
diodes. 

Conclusions 

A new preamplifier for operational amplifiers has been de¬ 
scribed. It can achieve voltage drifts as low as many chopper 
amplifiers without the problems associated with chopping. 
Operating current is programmable over a wide range so the 
input characteristics can be optimized for the particular ap¬ 
plication. Further, using a preamp and a conventional op 
amp allows more flexibility than a single low-drift op amp. 
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Comparing the High Speed 
Comparators 

National Semiconductor 
Application Note 87 

tn 

Introduction LM260/LM360 are replacement devices for the pA760, while 

the LM161/LM261/LM361 replace the SE/NE529. Tables 1, 
Several integrated circuit voitage comparators exist which 2 compare the criticai parameters of the National commer- 

were designed with high speed and complementary TTL cial range devices to their respective counterparts, 

outputs as the main objectives. The more common applica¬ 
tions for these devices are high speed analog to digital (A to Qr\pAri 

D) converters, tape and disk-file read channels, fast 

zero-crossing detectors, and high speed differential line re- Throughout the universe the subject of speed must be ap- 

ceivers. This note compares the National Semiconductor proached with caution; the same holds true here. Speed 

devices to similar devices from other manufacturers. (propagation delay time) is a function of the measurement 

The product philosophy at National was to create pin-for-pin technique. The earlier “standard” of using a 100 mV input 

replacement circuits that could be considered as step with 5.0 mV overdrive has given way to seemingly 

second-sources to the other comparators, while simulta- endless variations. To be meaningfui, speed comparisons 

neousiy containing the improvements necessary to make a made with identicai conditions, it is for this reason 

more optimum device for the intended usage. Optimized that the speed conditions specified for the Nationai parts are 

parameters inciude speed, input accuracy and impedance, same as those of the parts repiaced. 

supply voltage range, fanout, and reliability. The LM160/ 

TABLE 1. LM360/MA760C Comparison 

0°C < Ta < +70“C, V"- = -F5.0V, V- = -5.0V 

Parameter 

LM360 

IJA760C 

Units 

Input Offset Voltage 

5.0 

6.0 

mV max 

Input Offset Current 

3.0 

7.5 

pA max 

Input Bias Current 

20 

60 

pA max 

Input Capacitance 

4.0 

8.0 

pFtyp 

Input Impedance 

17 

5.0 

kQ typ @ 1 MHz 25°C 

Differential Voltage Range 

±5.0 

±5.0 

Vtyp 

Common Mode Voltage Range 

±4.0 

±4.0 

Vtyp 

Gain 

3.0 

3.0 

V/mV typ 25° 

Fanout 

4.0 

2.0 

74 Series TTL Loads 

Propagation Delays: 




(1) 30 mVp-p 10 MHz Sinewave in 

25 

30 

ns max 25° 

(2) 2.0 Vp-p 10 MHz Sinewave in 

20 

25 

ns max 25° 

(3) 100 mV Step + 5.0 mV Overdrive 

14 

22 

ns typ 25° 

TABLE 2. LM261/NE529 Comparison 

0”C < Ta < +70°C, V-^ = +10V, V" = -10V, Vcc = +5.0V 

Parameter 

LM261 

NE529 

Units 

Input Offset Voltage 

3.0 

10 

mV max 

Input Offset Current 

3.0 

15 

pA max 

Input Bias Current 

20 

50 

pA max 

Input Impedance 

17 

5.0 

ka typ @ 1 MHz 25°C 

Differential Voltage Range 

±5.0 

±5.0 

vtyp 

Common Mode Voltage Range 

±6.0 

±6.0 

Vtyp 

Gain 

3.0 

4.0 

V/mV typ 25° 

Fanout 

4.0 

6.0 

74 Series TTL Loads 

Propagation Delay - 50 mV Overdrive 

20 

22 

ns max 25° 

Probably the most impressive speed characteristic of the six 
National parts is the fact that propagation delay is essentially 
independent of input overdrive {Figure 1); a highly desirable 
characteristic in A to D applications. Their delay typically 
varies only 3 ns for overdrive variations of 5.0 mV to 500 mV, 

whereas the other parts have a corresponding delay varia¬ 
tion of two to one. As can be seen in Tables 1,2, the National 
parts have an improved maximum delay specification. Fur¬ 
ther, the 20 ns maximum delay is meaningful since it is 
specified with a representative load: a 2.0 kQ resistor to 
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Speed (Continued) 

+5.0V and 15 pF total load capacitance. Figure 2 shows 
typical delay variation with temperature. 


accuracy was improved by designing and specifying lower 
maximum offset voltage. Refer to Figure 3 for typical offset 
voltage drift with temperature. 



1.0 3.0 10 30 100 300 1000 


DIFFERENTIAL INPUT OVERDRIVE (mV) 

00740701 
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FIGURE 1. Delay vs Overdrive 


FIGURE 3. Offset Temperature Coefficient 
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Ta (°C) 

00740702 

FIGURE 2. Delay vs Temperature 

Input Parameters 

The A to D, level detector, and line receiver applications of 
these devices require good input accuracy and impedance. 
In all these cases the differential input voltage is relatively 
large, resulting in a complete switch of input bias current as 
the input signal traverses the reference voltage level. This 
effect can give rise to reduced gain and threshold inaccu¬ 
racy, dependent on input source impedances and compara¬ 
tor input bias currents. Tables 1, 2 show that the National 
parts have a substantially lower maximum bias current to 
ease this problem. This was done without resorting to Dar¬ 
lington input stages whose price is higher offset voltages and 
longer delay times. The lower bias currents also raise input 
resistance in the threshold region. Lower input capacitance 
and higher input resistance result in higher input impedance 
at high frequencies. 

Even with low source impedances, input accuracy is still 
dependent on offset voltage. Since none of the devices 
under discussion has internal offset null capability, ultimate 


other Performance Areas 

In the case of the LM160/LM260/LM360, fanout was doubled 
over the previous device. For the LM161/LM261/LM361, 
operating supply voltage range was extended to ±15V op 
amp supplies which are often readily available where such a 
comparator Is used. Figure 4 reveals the common mode 
range of the latter device. 
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FIGURE 4. LM161 Common Mode Range 

The performance improvements previously mentioned were 
a result of circuit design {Figures 5, 6) and device process¬ 
ing. Schottky clamping, which can give rise to reliability 
problems, was not used. Gold doping, which results in pro¬ 
cessing dependent speeds and low transistor beta, was not 
used. Instead a non-gold-doped process with high break¬ 
down voltage, high beta, and high fj (==1.5 GHz) was se¬ 
lected which produced remarkably consistent performance 
independent of normal process variation. The higher break¬ 
down voltage allows the LM161/LM261/LM361 to operate on 
±15V supplies and results in lower transistor capacitance; 
higher beta provides lower input bias currents; and higher f-p 
helps reduce propagation time. 
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other Performance Areas (Continued) 
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Other Performance Areas (Continued) 



Applications 

Typical applications have been mentioned previously. The 
LM160 and LM161 may be combined as in Figure 7to create 
a fast, accurate peak detector for use in tape and disk-file 
read channels. A 3-bit A to D converter with 21 ns typical 
conversion time is shown in Figure 8. Although primarily 


intended for interfacing to TTL logic, direct connection may 
be made to ECL logic from the LM161 by the technique 
shown in Figure 9. When used this way the common mode 
range is shifted from that of the TTL configuration. Finally 
level detectors or line receivers may be implemented with 
hysteresis in the transfer characteristic as seen in Figure 10. 
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Applications (Continued) 



-10 V -5.2 


00740709 

FIGURE 9. Direct Interfacing to ECL 



FIGURE 10. Level Detector with Hysteresis 
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Use the 


National Semiconductor 

Application Note 116 1 

LM158/LM258/LM358 Dual, 
Single Supply Op Amp 



Introduction 

Use the LM158/LM258/LM358 dual op amp with a single 

In many applications the LM158/LM258/LM358 can also be 
used directly in place of LM1558 for split supply operation. 

supply in place of the LM1458/LM1558 with split supply and 
reap the profits in terms of: 

Single Supply Operation 

a. Input and output voltage range down to the negative 
(ground) rail 

b. Single supply operation 

c. Lower standby power dissipation 

d. Higher output voltage swing 

e. Lower input offset current 

f. Generally similar performance otherwise 

The mam advantage, of course, is that you can eliminate the 
negative supply in many applications and still retain equiva¬ 
lent op amp performance. Additionally, and in some cases 
more importantly, the input and output levels are permitted to 
swing down to ground (negative rail) potential. Table 1 
shows the relative performance of the two in terms of guar¬ 
anteed and/or typical specifications. 

The LM1458/LM1558 or similar op amps exhibit several 
important limitations when operated from a single positive 
(or negative) supply. Chief among these is that input and 
output signal swing is severely limited for a given supply as 
shown in Figure 1. For linear operation, the input voltage 
must not reach within 3 volts of ground or of the supply, and 
output range is similarly limited to within 3-5 volts of ground 
or supply. This means that operation with a +12V supply 
could be limited as low as 2 Vp-p output swing. The LM358 
however, allows a 10.5 Vp-p output swing for the same 12V 
supply. Admittedly these are worst case specification limits, 
but they serve to illustrate the problem. 

TABLE 1. Comparison of Dual Op Amps LM1458 and LM358 

Characteristic 

LM1458 

LM358 

V,o 

6 mV Max 

7 mV Max 

CM V, 

24 Vp-p* 

0-28.5V* 

lio 

200 nA 

50 nA 

Iqb 

500 nA 

-500 nA 

CMRR 

60 dB Min @100 Hz 

85 dB Typ @ DC 


90 dB Typ 



in @ 1 kHz, Rqen 10 kQ 

45 nV/VHz Typ 

40 nV/VFE Typ** 

Z|N 

200 MQ Typ 

Typ 100 MQ 

Avol 

20k Min 


100k Typ 


100k Typ 



fc 

1.1 MHz Typ 

1 MHz Typ ** 

P BW 

14 kHz Typ 

11 kHz Typ ** 

dVo/dt 

0.8V/ps Typ 

0.5V/ps Typ** 

Vo @ Rl = 10 k/2k 

24/20 Vp-p* 

28.5 Vp-p 

Isc 

20 mA Typ 

Source 20 mA Min (40 Typ) 

Sink 10 mA Min (20 Typ) 

PSRR @ DC 

37 dB Min 

90 dB Typ 

100 dBTyp 

Id (Rl = -) 

8 mA Max 

2 mA Max 

IFrom laboratory measurement 

*Based on Vs = 30V on LM358 only, or Vs = ±15V 

*^From data sheet typical curves 
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Single Supply Operation (Continued) 


+ 12V 


+ 12V 



00742401 


00742402 


FIGURE 1. Worst Case Signal Levels with +12V Supply 



FIGURE 2. Operating with AC Signals 


AC Gain 

For AC signals the input can be capacitor coupled. The Input 
common mode and quiescent output voltages are fixed at 
one-half the supply voltage by a resistive divider at the 
non-inverting input as shown in Figure 2. This quiescent 
output could be set at a lower voltage to minimize power 
dissipation in the LM358, if desired, so long as Vq > V|n pk. 
For the LM1458 the quiescent output must be higher, VQ > 
3V -I- V,N pk thus, for small signals, power dissipation is much 
greater with the LM1458. Example: Required Vq = Vq ±1V 
pk into 2k, Vsupply = required. Find quiescent dissipation 
in load and amplifier for LM1458 and LM358. 


LM358 


Vq = +1V 
^SUPPLY 


aOAD 


= +3.5V 
1 

- = -=0.5mW 


Pd = Vs's* (Vs - Vq)Il 

= 3.5V X 0.7 mA + (3.5 - l) 


rv 

2k 


*From typical characteristics 


LM1458 

Vq = 4V 
^SUPPLY = 

4^ 

•^LOAD - ^ - 8mW 
Pd = Pd* + (Vs - Vq) II 
= 22mW + (8 - 4) 

Pd = 22 + 8 = 30 mW 
Pjotal ~ 8 — 38 mW 

*From typical characteristics 


The LM1458 requires over twice the supply voltage and 
nearly 10 times the supply power of the LM358 in this 
application. 

Inverting DC Gain 

Connections and biasing for DC inverting gain are essen¬ 
tially the same as for the AC coupled case. Note, of course, 
that the output cannot swing negative when operated from a 
single positive supply. Figure 3 shows the connections and 
signal limitations. 
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Non-Inverting DC Gain 

The non-inverting gain connection does not require the Vq 
biasing as before; the inverting input can be returned to 
ground in the usual manner for gams greater than unity, (see 
Figure 4). A tremendous advantage of the LM358 In this 
connection is that input signals and output may extend all the 
way to ground; therefore DC signals in the low-millivolt range 
can be handled. The LM1458 still requires that V,n = 
3V-17V. Therefore maximum gam is limited to Ay = (Vq-S)/ 
3, or Av max = 5.4 for a 20V supply. 

There is no similar limitation for the LM358. 


Zero T.C. input Bias Current 

An interesting and unusual characteristic is that 1,^ has a 
zero temperature coefficient. This means that matched re¬ 
sistance IS not required at the input, allowing omission of one 
resistor per op amp from the circuit m most cases. 

Balanced Supply Operation 

The LM358 will operate satisfactorily m balanced supply 
operation so long as a load is maintained from output to the 
negative supply. 



00742405 
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FIGURE 3. Typical DC Coupled Inverting Gain 



FIGURE 4. Typical DC Coupled Non-Inverting Gain 


Rf 
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FIGURE 5. Split Supply Operation of LM358 


The output load to negative supply forces the amplifier to 
source some minimum current at all times, thus eliminating 
crossover distortion. Crossover distortion without this load 


would be more severe than that expected with the normal op 
amp. Since the single supply design took notice of this 
normal load connection to ground, a class AB output stage 
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Balanced Supply Operation 

(Continued) 

was not included. Where ground referenced feedback resis¬ 
tors are used as in Figure 5, the required load to the negative 
supply depends upon the peak negative output signal level 
desired without exhibiting crossover distortion. Rl to the 
negative rail should be chosen small enough that the voltage 
divider formed by Rp and Rl will permit Vq to swing negative 
to the desired point according to the equation: 



Rl could also be returned to the positive supply with the 
advantage that Vq max would never exceed (Vs+ - 1.5V). 
Then with ±15V supplies Rl min would be 0.12 Rp. The 
disadvantage would be that the LM358 can source twice as 
much current as it can sink, therefore Rl to negative supply 
can be one-half the value of Rl to positive supply. 

The need for single or split supply is based on system 
requirements which may be other than op amp oriented. 
However if the only need for balanced supplies is to simplify 
the biasing of op amps, there are many systems which can 
find a cost effective benefit in operating LM358’s from single 
supplies rather than standard op amps from balanced sup¬ 
plies. Of the usual op amp circuits. Table 2 shows those few 
which have limited function with single supply operation. 
Most are based on the premise that to operate from a single 
supply, a reference Vq at about one-half the supply be 
available for bias or (zero) signal reference. The basic cir¬ 
cuits are those listed in AN-20. 


TABLE 2. Conventional Op Amp Circuits 
Suitable for Single Supply Operation 


Application 

Limitations 

AC Coupled ampt 

Vq* 

Inverting amp 

Vq 

Non-inverting amp 

OK* 

Unity gain buffer 

OK 

Summing amp 

Vq 

Difference amp 

Vq 

Differentiator 

Vq 

Integrator 

Vq 

LP Filter 

Vq 

l-V Connector 

Vq 

PE Cell Amp 

OK 

1 Source 

1 - 
'O MIN “ 

1 Sink 

OK 

Volt Ref 

OK 

FW Rectifier 

Vq or modified circuit 

Sine wave osc 

Vq 

Triangular generator 

Vq 

Threshold detector 

OK 

Tracking, regulator PS 

Not practical 

Programmable PS 

OK 

Peak Detector 

je AN-20 for conventional circuits 

OK to V|N = 0 

) denotes need for a reference voltage, usually at about 

means no reference voltage required 

2 
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1C Voltage Reference has 
1 ppm per Degree Drift 


National Semiconductor 
Application Note 161 



A new linear IC now provides the ultimate in highly stable 
voltage references Now, a new monolithic IC the LM199, 
out-performs zeners and can provide a 6.9V reference with a 
temperature drift of less than 1 ppm/° and excellent long term 
stability. This new IC, uses a unique subsurface zener to 
achieve low noise and a highly stable breakdown. Included 
is an on-chip temperature stabilizer which holds the chip 
temperature at 90°C, eliminating the effects of ambient tem¬ 
perature changes on reference voltage. 

The planar monolithic IC offers superior performance com¬ 
pared to conventional reference diodes. For example, active 
circuitry buffers the reverse current to the zener giving a 
dynamic impedance of 0.5^^ and allows the LM199 to oper¬ 
ate over a 0.5 mA to 10 mA current range with no change in 
performance. The low dynamic impedance, coupled with low 
operating current significantly simplifies the current drive 
circuitry needed for operation. Since the temperature coeffi¬ 
cient is independent of operating current, usually a resistor is 
all that is needed. 

Previously, the task of providing a stable, low temperature 
coefficient reference voltage was left to a discrete zener 
diode. However, these diodes often presented significant 
problems. For example, ordinary zeners can show many 
millivolts change if there is a temperature gradient across the 
package due to the zener and temperature compensation 
diode not being at the same temperature. A TC difference 
may cause a 2 mV shift in reference voltage. Because the 
on-chip temperature stabilizer maintains constant die tem¬ 
perature, the IC reference is free of voltage shifts due to 
temperature gradients. Further, the temperature stabilizer, 
as well as eliminating drift, allows exceptionally fast warm-up 
over conventional diodes. Also, the LM199 is insensitive to 
stress on the leads—another source of error with ordinary 
glass diodes. Finally, the LM199 shows virtually no hyster¬ 
esis in reference voltage when subject to temperature cy¬ 
cling over a wide temperature range. Temperature cycling 
the LM199 between 25°C, 150°C and back to 25°C causes 
less than 50 pV change in reference voltage. Standard ref¬ 
erence diodes exhibit shifts of 1 mV to 5 mV under the same 
conditions. 


N'^ 

EMITTER 

DIFFUSION 



00561317 

FIGURE 1. Subsurface Zener Construction 


Sub Surface Zener Improves 
Stability 

Previously, breakdown references made in monolithic IC’s 
usually used the emitter-base junction of an NPN transistor 
as a zener diode. Unfortunately, this junction breaks down at 
the surface of the silicon and is therefore susceptible to 
surface effects. The breakdown is noisy, and cannot give 
long-term stabilities much better than about 0.3%. Further, a 
surface zener is especially sensitive to contamination in the 
oxide or charge on the surface of the oxide which can cause 
short-term instability or turn-on drift. 

The new zener moves the breakdown below the surface of 
the silicon into the bulk yielding a zener that is stable with 
time and exhibits very low noise. Because the new zener is 
made with well-controlled diffusions in a planar structure, it is 
extremely reproducible with an initial 2% tolerance on break¬ 
down voltage. 

A cut-away view of the new zener is shown in Figure 1. First 
a small deep P"^ diffusion is made into the surface of the 
silicon. This is then covered by the standard base diffusion. 
The N'^ emitter diffusion is then made completely covering 
the P^ diffusion. The diode then breaks down where the 
dopant concentration is greatest, that is, between the P"^ and 
N"^. Since the P"^ is completely covered by N"^ the breakdown 
IS below the surface and at about 6.3V. One connection to 
the diode is to the N^ and the other is to the P base diffusion. 
The current flows laterally through the base to the P"^ or 
cathode of the zener. Surface breakdown does not occur 
since the base P to N"^ breakdown voltage is greater than the 
breakdown of the buried device. The buried zener has been 
in volume production since 1973 as the reference in the 
LX5600 temperature transducer. 



FIGURE 2. Functional Block Diagram 

Circuit Description 

The block diagram of the LM199 is shown in Figure 2. Two 
electrically independent circuits are included on the same 
chip—a temperature stabilizer and a floating active zener. 
The only electrical connection between the two circuits is the 
isolation diode inherent in any junction-isolated integrated 
circuit. The zener may be used with or without the tempera- 
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Circuit Description (Continued) 

ture stabilizer powered. The only operating restriction is that 
the isolation diode must never become forward biased and 
the zener must not be biased above the 40V breakdown of 
the isolation diode. 

The actual circuit is shown in Figure 3. The temperature 
stabilizer is composed of Q1 through Q9. FET Q9 provides 
current to zener D2 and Q8. Current through Q8 turns a loop 
consisting of D1, Q5, Q6, Q7, R1 and R2. About 5V is 
applied to the top of R1 from the base of Q7. This causes 
400 pA to flow through the divider R1, R2. Transistor Q7 has 
a controlled gain of 0.3 giving Q7 a total emitter current of 
about 500 pA. This flows through the emitter of Q6 and 
drives another controlled gam PNP transistor Q5. The gain of 
Q5 is about 0.4 so D1 is driven with about 200 pA. Once 
current flows through Q5, Q8 is reverse biased and the loop 
is self-sustaining. This circuitry ensures start-up. 

The resistor divider applies 400 mV to the base of Q4 while 
Q7 supplies 120 pA to its collector. At temperatures below 
the stabilization point, 400 mV is insufficient to cause Q4 to 
conduct. Thus, all the collector current from Q7 is provided 


as base drive to a Darlington composed of Q1 and Q2. The 
Darlington is connected across the supply and initially draws 
140 mA (set by current limit transistor Q3). As the chip heats, 
the turn on voltage for Q4 decreases and Q4 starts to 
conduct. At about 90°C the current through Q4 appreciably 
increases and less drive is applied to Q1 and Q2. Power 
dissipation decreases to whatever is necessaiy to hold the 
chip at the stabilization temperature. In this manner, the chip 
temperature is regulated to better than 2°C for a 100°C 
temperature range. 

The zener section is relatively straight-forward. A buried 
zener D3 breaks down biasing the base of transistor Q13. 
Transistor Q13 drives two buffers Q12 and Q11. External 
current changes through the circuit are fully absorbed by the 
buffer transistors rather than D3. Current through D3 is held 
constant at 250 pA by a 2k resistor across the emitter base 
of Q13 while the emitter-base voltage of Q13 nominally 
temperature compensates the reference voltage. 

The other components, Q14, Q15 and Q16 set the operating 
current of Q13. Frequency compensation is accomplished 
with two junction capacitors. 



FIGURE 3. Schematic Diagram of LM199 Precision Reference 
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Performance 

A polysulfone thermal shield, shown in Figure 4, is supplied 
with the LM199 to minimize power dissipation and improve 
temperature regulation. Using a thermal shield as well as the 
small, high thermal resistance TO-46 package allows opera¬ 
tion at low power levels without the problems of special IC 
packages with built-in thermal isolation. Since the LM199 is 
made on a standard IC assembly line with standard assem¬ 
bly techniques, cost is significantly lower than if special 
techniques were used. For temperature stabilization only 
300 mW are required at 25°C and 660 mW at -55°C. 
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FIGURE 4. Polysulfone Thermal Shield 

Temperature stabilizing the device at 90°C virtuaily elimi¬ 
nates temperature drift at ambient temperatures less than 
90°C. The reference is nominally temperature compensated 
and the thermal regulator further decreases the temperature 
drift. Drift is typically only 0.3 ppm/°C. Stabilizing the tem¬ 
perature at 90°C rather than 125°C significantly reduces 
power dissipation but still provides very low drift over a major 
portion of the operating temperature range. Above 90°C 
ambient, the temperature coefficient is only 15 ppm/°C. 

A low drift reference would be virtually useless without 
equivalent performance in long term stability and low noise. 
The subsurface breakdown technoiogy yields both of these. 
Wideband and low frequency noise are both exceptionally 
low. Wideband noise is shown in Figure 5 and low frequency 
noise is shown over a 10 minute period in the photograph of 
Figure 6. Peak to peak noise over a 0.01 Hz to 1 Hz 
bandwidth is only about 0.7 pV. 

Long term stability is perhaps one of the most difficult mea¬ 
surements to make. However, conditions for long-term sta¬ 
bility measurements on the LM199 are considerably more 
realistic than for commercially available certified zeners. 
Standard zeners are measured in ±0.05°C temperature con¬ 
trolled both at an operating current of 7.5 mA ±0.05 pA. 
Further, the standard devices must have stress-free contacts 
on the leads and the test must not be interrupted during the 
measurement interval. In contrast, the LM199 is measured in 
still air of 25°C to 28°C at a reverse current of 1 mA ±0.5%. 
This IS more typicai of actual operating conditions in instru¬ 
ments. 


When a group of 10 devices were monitored for long-term 
stability, the variations all correlated, which indicates 
changes in the measurement system (limitation of 20 ppm) 
rather than the LM199. 


I 
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FIGURE 5. Wideband Noise of the LM199 Reference 
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FIGURE 6. Low Frequency Noise Voltage 

Because the planar structure does not exhibit hysteresis with 
temperature cycling, long-term stability is not impaired if the 
device is switched on and off. 

The temperature stabilizer heats the small thermal mass of 
the LM199 to 90°C very quickly. Warm-up time at 25°C and 
-55°C is shown in Figure 7. This fast warm-up is significantly 
less than the several minutes needed by ordinary diodes to 
reach equilibrium. Typical specifications are shown in Tabie 
1. 
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FIGURE 7. Fast Warmup Time of the LM199 
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Performance (Continued) 


TABLE 1. Typical Specifications for the LM199 


Reverse Breakdown Voltage 

6.95V 

Operating Current ( 

3.5 mA to 10 mA 

Temperature Coefficient 

0.3 ppm/°C 

Dynamic Impedance 

0.5a 

RMS Noise (10 Hz to 10 kHz) 

7mV 

Long-Term Stability 

<20 ppm 

Temperature Stabilizer 

9V to 40V 

Operating Voltage 


Temperature Stabilizer Power Dissipation 


(25”C) 

300 mW 

Warm-up Time 

3 Seconds 


ates at 7.5 mA and has a dynamic impedance of 15Q. A1% 
change in current (75 pA) changes the reference voitage by 
1.1 mV. Operating the LM199 at 1 mA with the same 1% 
change in operating current (10 pA) resuits in a reference 
change of oniy 5 pV. Figure 8 shows reverse voitage change 
with current. 

Biasing current for the reference can be anywhere from 0.5 
mA to 10 mA with iittle change in performance. This wide 
current range ailows direct replacement of most zener types 
with no other circuit changes besides the temperature stabi¬ 
lizer connection. Since the dynamic impedance is constant 
with current changes regulation is better than discrete zen- 
ers. For optimum regulation, lower operating currents are 
preferred since the ratio of source resistance to zener im¬ 
pedance is higher, and the attenuation of input changes is 
greater. Further, at low currents, the voltage drop in the 
wiring is minimized. 


Applications 

The LM199 is easier to use than standard zeners, but the 
temperature stability Is so good—even better than precision 
resistors—that care must be taken to prevent external cir¬ 
cuitry from limiting performance. Basic operation only re¬ 
quires energizing the temperature stabilizer from a 9V to 40V 
power source and biasing the reference with between 0.5 
mA to 10 mA of current. The low dynamic impedance mini¬ 
mizes the current regulation required compared to ordinary 
zeners. 

The only restriction on biasing the zener is the bias applied 
to the isolation diode. Firstly, the isolation diode must not be 
forward biased. This restricts the voltage at either terminal of 
the zener to a voltage equal to or greater than the V". 

A dc return is needed between the zener and heater to 
insure the voltage limitation on the isolation diodes are not 
exceeded. Figure 9 shows the basic biasing of the LM199. 
The active circuitry in the reference section of the LM199 
reduces the dynamic impedance of the zener to about 0.5^2. 
This is especially useful in biasing the reference. For ex¬ 
ample, a standard reference diode such as a 1N829 oper- 
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FIGURE 8. The LM199 Shows Excellent Regulation 
Against Current Changes 

Mounting is an important consideration for optimum perfor¬ 
mance. Although the thermal shield minimizes the heat low, 
the LM199 should not be exposed to a direct air flow such as 
from a cooling fan. This can cause as much as a 100% 
increase in power dissipation degrading the thermal regula¬ 
tion and increasing the drift. Normal conviction currents do 
not degrade performance. 
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Applications (Continued) 
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FIGURE 9. Basic Biasing of the LM199 


Printed circuit board layout is also important. Firstly, four wire 
sensing should be used to eliminate ohmic drops in pc 
traces. Although the voltage drops are small the temperature 
coefficient of the voltage developed along a copper trace can 
add significantly to the drift. For example, a trace with 1^2 
resistance and 2 mA current flow will develop 2 mV drop. 
The TC of copper is 0.004%/°C so the 2 mV drop will change 
at 8 pV/°C, an additional 1 ppm drift error. Of course, the 
effects of voltage drops in the printed circuit traces are 
eliminated with 4-wire operation. The heater current also 
should not be allowed to flow through the voltage reference 
traces. Over a -55°C to +125°C temperature range the 
heater current will change from about 1 mA to over 40 mA. 
These magnitudes of current flowing reference leads or 
reference ground can cause huge errors compared to the 
drift of the LM199. 

Thermocouple effects can also use errors. The kovar leads 
from the LM199 package from a thermocouple with copper 
printed circuit board traces. Since the package of the 199 is 
heated, there is a heat flow along the leads of the LM199 
package. If the leads terminate into unequal sizes of copper 
on the p.c. board greater heat will be absorbed by the larger 
copper trace and a temperature difference will develop. A 
temperature difference of 1 °C between the two leads of the 
reference will generate about 30 pA. Therefore, the copper 
traces to the zener should be equal in size. This will gener¬ 
ally keep the errors due to thermocouple effects under about 
15 pV. 

The LM199 should be mounted flush on the p.c. board with 
a minimum of space between the thermal shield and the 
boards. This minimizes airflow across the kovar leads on the 
board surface which also can cause thermocouple voltages. 
Air currents across the leads usually appear as ultra-low 
frequency noise of about 10 pV to 20 pV amplitude. 


It IS usually necessary to scale and buffer the output of any 
reference to some calibrated voltage. Figure 10 shows a 
simple buffered reference with a 10V output. The reference 
is applied to the non-inverting input of the LM108A. An RC 
rolloff can be inserted in series with the input to the LM108A 
to roll-off the high frequency noise. The zener heater and op 
amp are all powered from a single 15V supply. About 1% 
regulation on the input supply is adequate conthbuting less 
than 10 pV of error to the output. Feedback resistors around 
the LM308 scale the output to 10V. 

Although the absolute values of the resistors are not ex¬ 
tremely important, tracking of temperature coefficients is 
vital. The 1 ppm/°C drift of the LM199 is easily exceeded by 
the temperature coefficient of most resistors. Tracking to 
better than 1 ppm is also not easy to obtain. Wirewound 
types made of Evenohm or Mangamin are good and also 
have low thermoelectric effects. Film types such as Vishay 
resistors are also good. Most potentiometers do not track 
fixed resistors so it is a good idea to minimize the adjustment 
range and therefore minimize their effects on the output TC. 
Overall temperature coefficient of the circuit shown in Figure 
10 is worst case 3 ppm/°C. About 1 ppm is due to the 
reference, 1 ppm due to the resistors and 1 ppm due to the 
op amp. 

Figure 11 shows a standard cell replacement with a 1.01V 
output. LM321 and LM308 are used to minimize op amp drift 
to less than 1 pV/°C. Note the adjustment connection which 
minimizes the TC effects of the pot. Set-up for this circuit 
requires nulling the offset of the op amp first and then 
adjusting for proper output voltage. 
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Applications (Continued) 

The drift of the LIVI321 is very predictable and can be used to 
eliminate overall drift of the system. The drift changes at 3.6 
|jV/°C per millivolt of offset so 1 mV to 2 mV of offset can be 
introduced to minimize the overall TC. 



FIGURE 10. Buffered 10V Reference 
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FIGURE 11. Standard Cell Replacement 


For circuits with a wide input voltage range, the reference 
can be powered from the output of the buffer as is shown in 
Figure 12. The op amp supplies regulated voltage to the 
resistor biasing the reference minimizing changes due to 
input variation. There is some change due to variation of the 
temperature stabilizer voltage so extremely wide range op¬ 
eration IS not recommended for highest precision. An addi¬ 
tional resistor (shown 80 kO) is added to the unregulated 
input to insure the circuit starts up properly at the application 
of power. 

A precision power supply is shown in Figure 13. The output 
of the op amp is buffered by an 1C power transistor the 
LM395. The LM395 operates as an NPN power device but 
requires only 5 pA base current. Full overload protection 
inherent in the LM395 includes current limit, safe-area pro¬ 
tection, and thermal limit. 


A reference which can supply either a positive or a negative 
continuously variable output is shown in Figure 14. The 
reference is biased from the ±15 input supplies as was 
shown earlier. A ten-turn pot will adjust the output from +Vz 
to -Vz continuously. For negative output the op amp oper¬ 
ates as an inverter while for positive outputs it operates as a 
non-inverting connection. 

Op amp choice is important for this circuit. A low drift device 
such as the LM108A or a LM108-LM121 combination will 
provide excellent performance. The pot should be a preci¬ 
sion wire wound 10 turn type. It should be noted that the 
output of this circuit is not linear. 
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Conclusions 

A new monolithic reference which exceeds the performance 
of conventional zeners has been developed. In fact, the 
LM199 performance is limited more by external components 
than by reference drift itself. Further, many of the problems 


associated with conventional zeners such as hysteresis, 
stress sensitivity and temperature gradient sensitivity have 
also been eliminated. Finally, long-term stability and noise 
are equal of the drift performance of the new device. 
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FIGURE 12. Wide Range Input Voltage Reference 
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FIGURE 13. Precision Power Supply 
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FIGURE 14. Bipolar Output Reference 



www.national.com 


AN-161 




AN-173 


IC Zener Eases Reference 
Design 

Description 

A new IC zener with low dynamic impedance and wide 
operating current range significantly simplifies reference or 
regulator circuit design. The low dynamic impedance pro¬ 
vides better regulation against operating current changes, 
easing the requirements of the biasing supply. Further, the 
temperature coefficient is independent of operating current, 
so that the LM129 can be used at any convenient current 
level. Other characteristics such as temperature coefficient, 
noise and long term stability are equal to or better than good 
quality discrete zeners. 

The LM129 uses a new subsurface breakdown IC zener 
combined with a buffer circuit to lower dynamic impedance. 
The new subsurface zener has low noise and excellent long 
term stability since the breakdown is in the bulk of the silicon. 
Circuitry around the zener supplies internal biasing currents 
and buffers external current changes from the zener. The 
overall breakdown is about 6.9V with devices selected for 
temperature coefficients. 

The zener is relatively straightforward. A buried zener D1 
breaks down biasing the base of transistor Q1. Transistor Q1 
drives two buffers Q2 and Q3. External current changes 
through the circuit are fully absorbed by the buffer transistors 
rather than by D1. Current through D1 is held constant at 
250 pA by a 2k resistor across the emitter base of Q1 while 
the emitter-base voltage of Q1 nominally temperature com¬ 
pensates the reference voltage. 

The other components, Q4, Q5 and Q6, set the operating 
current of Q1. Frequency compensation is accomplished 
with two junction capacitors. 

All that is needed for biasing in most applications is a resistor 
as shown in Figure 2. Biasing current can be anywhere from 
0.6 mA to 15 mA with little change in performance. Optimally, 
however, the biasing current should be as low as possible for 
the best regulation. The dynamic impedance of the LM129 is 
about 1 Q and is independent of current. Therefore, the 
regulation of the LM129 against voltage changes is 1/Rs. 
Lower currents or higher Rs give better regulation. For ex¬ 
ample, with a 15V supply and 1 mA operating current, the 
reference change for a 10% change in the 15V supply is 180 
pV. If the LM129 is run at 5 mA, the change is 900 pV or 5 
times worse. By comparison, a standard IN821 zener will 
change about 17 mV. All discrete zeners have about the 
same regulation since their dynamic impedance is inversely 
proportional to operating current. 

If the zener does not have to be grounded, a bridge com¬ 
pensating circuit can be used to get virtually perfect regula¬ 
tion, as shown in Figure 3. A small compensating voltage is 
generated across R1, which matches the dynamic imped¬ 
ance of the LM129. Since the dynamic impedance of the 
LM129 is linear with current, this circuit will work even with 
large changes in the unregulated input voltage. 
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FIGURE 1. IC Reference Zener 



FIGURE 2. Basic Biasing 

Other output voltages are easily obtained with the simple 
op-amp circuit shown in Figure 4. A simple non-inverting 
amplifier is used to boost and buffer the zener to 10V. The 
reference is run directly from the input power rather than the 
output of the op-amp. When the zener is powered from the 
op-amp, special starting circuitry is sometimes necessary to 
insure the output comes up in the right polarity. For outputs 
lower than the breakdown of the LM129 a divider can be 
connected across the zener to drive the op-amp. 

An AC square wave or bipolarity output reference can easily 
be made with an op-amp and FET switch as shown in Figure 
5. When Q1 is “ON”, the LM108 functions as a normal 
inverting op-amp with a gain of -1 and an output of -6.9V. 
With Q1 “OFF” the op-amp acts as a giving 6.9V at the 
output. Some non-symmetry will occur from loading change 
on the LM129 in the different states and mismatch of R1 and 
R2. Trimming either R1 or R2 can make the output exactly 
symmetrical around ground. 
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Description (Continued) 
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FIGURE 6. High Stability 10V Regulator 

By combining the LM129 with an LM117 three-terminal regu¬ 
lator a high stability power regulator can be made. This is 
shown in Figure 6. Resistor R1 biases the LM129 at about 
1 mA from the 1.25V reference in the LM117. The voltage of 
the LM129 is added to the 1.25V of the LM117 to make a 
total reference voltage of 8.1V. The output voltage is then set 
at 10V by R2 and R3. Since the internal reference of the 
LM117 contributes only about 20% of the total reference 
voltage, regulation and drift are essentially those of the 
external zener. The regulator has 0.2% load and line regu¬ 
lation and if a low drift zener such as the LM129A is used 
overall temperature coefficient is less than 0.002%/°C. 

The new zener can be used as the reference for conven¬ 
tional 1C voltage regulators for enhanced performance. 
Noise is lower, time stability is better, and temperature coef¬ 
ficient can be better depending on the device selected. 
Further, the output voltage is independent of power changes 
in the regulator. 

Figure 7 shows an LM723 using an external Ll\/1129 refer¬ 
ence. The internal 7V reference is not used and a single 
resistor biases the LM129 as the reference. The 5k resistor 
chosen provides sufficient operating current for the zener 
over the 10V to 40V input voltage range of the LM723. Since 
the dynamic impedance of the LM129 is so low, the refer¬ 
ence regulation against line changes is only 0.02%A/. This is 
small compared to the regulation of 0.1 %A/ for the LM723; 
however, the resistor can be replaced by a 1 mA to 5 mA 
FET used as a constant current source for improved regula¬ 
tion. When the FET is used reference regulation is easily 
0.001 %A/. Output voltage is set in the standard manner 
except that for low output voltages sufficient current must be 
run through the zener to power the voltage divider supplying 
the reference to the LM723. 

An overload protected power shunt regulator is shown in 
Figure 8. The output voltage is about 7.8V - the 7V break¬ 
down of the LM129 plus the 0.8V emitter-base voltage of the 


LM395. The LM395 is an 1C, 1.5 A power transistor with 
complete overload protection on the chip. Included on the 
chip are current limiting and thermal limiting, making the 
device virtually blowout-proof. Further, the base current is 
only 5 pA, making it easy to drive as a shunt regulator. As the 
Input voltage rises, more drive is applied to the base of the 
LM395, turning it on harder and dropping more voltage 
across the series resistance. Should the input voltage rise 
too high, the LM395 will current limit or thermal limit, protect¬ 
ing itself. 

The new 1C zener can replace existing zeners in just about 
any application with improved performance and simpler ex¬ 
ternal circuitry. As with any zener reference, devices are 
selected for temperature coefficient and operating tempera¬ 
ture range. Since the devices are made by a standard inte¬ 
grated circuit process, cost is low and good reproducibility is 
obtained in volume production. 

Finally, since the device is actually an 1C, it is packaged in a 
rugged TO-46 metal can package or a 3-lead plastic transis¬ 
tor package. 


v+ 
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FIGURE 7. External Reference For 1C 



FIGURE 8. Power Shunt Regulator 
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Super Matched Bipolar 
Transistor Pair Sets New 
Standards for Drift and 
Noise 

Matched bipolar transistor pairs are a very powerful design 
tool, yet have received less and less attention over the last 
few years. This is primarily due to the proliferation of 
high-performance monolithic circuits which are replacing 
many designs previously implemented with discrete compo¬ 
nents. State-of-the-art circuitry, however, is still the realm of 
the discrete component, especially because of recent im¬ 
provements in the components themselves. 

It has become clear in the past few years that ultimate 
performance in monolithic transistor pairs was being limited 
by statistical fluctuations in the material itself and in the 
processing environment. This led to a matched transistor 
pair fabricated from many different individual transistors 
physically located in a manner which tended to average out 
any residual process or material gradients. At the same time, 
the large number of parallel devices would reduce random 
fluctuations by the square root of the number of devices. 
The LM194 is the end result. It is a monolithic bipolar 
matched transistor pair which offers an order-of-magnitude 
improvement in matching properties and parasitic base and 
emitter resistance over conventional transistor pairs. This 
was accomplished without compromising breakdown voltage 
or current gain. The LM194 is specified at 40V minimum 
collector-to-emitter breakdown voltage and has a minimum 
hpE of 500 at 1 mA collector current. Maximum offset voltage 
IS 50 pV over a collector current range of 1 pA to 1 mA. 
Maximum hpE mismatch is 2%. Common mode rejection of 
offset voltage (dVos/dVce) is 124 dB minimum. An added 
benefit of paralleling many transistors is the resultant drop in 
overall rbb and which are 40^2 and 0.4Q respectively. 
This makes the logarithmic conformity of emitter-base volt¬ 
age to collector current excellent even at higher current 
levels where other devices become non-theoretical. In addi¬ 
tion, broadband noise is extremely low, especially at higher 
operating currents. 

The key to the success of the LM194 is the nearly 
one-to-one correlation between measured parameters and 
those predicted by a theoretical bipolar transistor model. The 
relationship between emitter-base voltage and collector cur¬ 
rent, for instance, is perfectly logarithmic over an extremely 
wide range of collector currents, deviating in the pA range 
because of leakage currents and above several milliamperes 
due to the finite 0.4a emitter resistance. This gives the 
LM194 a distinct advantage in non-linear designs where true 
logarithmic behavior is essential to circuit accuracy. Of equal 
importance is the absolute nature of the logarithmic con¬ 
stant, both between the two halves of the device and from 
unit to unit. The relationship can be expressed as: 

VBE,-VBE2 = ^ln(|j) 

This relationship holds true both within a single transistor 
where Id and Ic 2 represent two different operating currents 
and between the two halves of the LM194 where collector 
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currents are unbalanced. Of particular importance is the fact 
that the kT/q logarithmic constant is an absolute quantity 
dependent only on Boltzman’s constant (k), absolute tem¬ 
perature (T), and the charge on the electron (q). Since these 
values are independent of processing, there is virtually no 
variation from unit to unit at a fixed temperature. Lab mea¬ 
surements indicate that the logarithmic constant measured 
at a 10:1 collector current ratio does not vary more than 
±0.5% from its theoretical value. Applications such as loga¬ 
rithmic converters, multipliers, thermometers, voltage refer¬ 
ences, and voltage-controlled amplifiers can take advantage 
of this inherent accuracy to provide adjustment-free preci¬ 
sion circuits. 

Approaching Theoretical Noise 

In many low-level amplifier applications, the limiting factor on 
performance is noise. With bipolar transistors, the theoretical 
value for emitter-base voltage noise is a function only of 
absolute temperature and collector current. 



This formula indicates that voltage noise can be reduced to 
low levels by simply raising collector current. In fact, that is 
exactly what happens until collector current reaches a level 
where parasitic transistor noise limits any further reduction. 
This “noise floor” is usually created by and modeled as an 
equivalent resistor (rbb') senes with the base of the tran¬ 
sistor. Low parasitic base resistance is therefore an impor¬ 
tant factor in ultra-low-noise applications where collector 
current is pushed to the limits. The 40^1 equivalent rbb' of the 
LM194 is considerably lower than that of other small-signal 
transistors. In addition, this device has no excess noise at 
lower current levels and coincides almost exactly with the 
predicted values. A low-noise design can be done on paper 
with a minimum of bench testing. 

Another noise component in bipolar transistors is base cur¬ 
rent noise. For any finite source impedance, current noise 
must be considered as a quadrature addition to voltage 
noise. 

,„5'a"“'su - •« - 


where rg is the source impedance 
In the LM194, base current noise is a well-defined function of 
collector current and can be expressed as: 


V hpE 


Amps/VRz 
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Approaching Theoretical Noise 

(Continued) 

To find the collector current which yields the minimum overall 
equivalent input noise with a given source impedance, the 
total noise formula can be differentiated with respect to Ic 
and set equal to zero for finding a minimum. 


eN2 = en2-t-(in2Ts2) + 4kTTs 
(4 kT • Ts = nolse2 of rs) 

»rs2 


2k2eT2 ^ 2q«lc" 


q* Ic 


hpE 


■ + 4kT • rs 


Reactive Sources 

Calculations may also be done to derive an optimum collec¬ 
tor current when the signal source is reactive. In this case, 
upper and lower frequencies (fn and fL) must be specified. 
Also, optimum current is different for an amplifier with a 
summing junction input (7,^ = 0) as compared to a high 
impedance input (Z|n ^ Xc, Xl). The formulas below give 
optimum collector current for noise within the frequency 
band fL to fn. For audio applications, lowest “perceived” 
noise may be somewhat different because of the variation in 
sensitivity of the ear to frequencies in the audio range 
(Fletcher-Munson effect). 

Capacitive source into high impedance: 


d(VN2) _ -2k2>T2 ^ 2q>rs2 

d(lc) q • Ic^ hpE 
Ic (optimum) = — • 

q 

For very low source impedances, the 40Q rbb' of the LM194 
should be added to in this calculation. A plot of noise figure 
versus collector current (see curve) shows that the formula 
does indeed predict the optimum value. The curves are very 
shallow, however, and actual current can be varied by 3:1 
without losing more than 1 dB noise figure in most cases. 
This may be a worthwhile tradeoff if low bias current 
(•c < lopt) or wide bandwidth (Ic > lopt) is also important. 
Figure i is a plot of best obtainable noise figure versus 
source impedance for the LM194 and a very low noise 
junction FET (PF5102). Collector current for the LM194 Is 
optimized for each source impedance and is also plotted on 
the graph using the right side scale. The PF5102 is operated 
at a constant 1 mA. It is obvious that the bipolar device gives 
significantly better noise figures for low source impedances 
and/or low frequencies. FETs are particularly poor at very 
low frequencies (< 10 Hz) and offer advantages only for very 
high source impedances. 



10 30 100 300 Ik 3k 10k 30k 100k 300k 1M 


SOURCE IMPEDANCE (Q) 


FIGURE 1. Noise Figure vs Source Impedance 


Ic (opt) = — • C • 277 •Vh^ • ^/fH • fi 

q 

Capacitive source into summing junction: 

lc(opt) = ^x^x 
q Rf 

/4,r2.R,2.c2(L2 + fnZ + fL»fH) 45r«R,*C»(fH+fu) 

V 3 ^ i 


Inductive source into high impedance: 


Ic (opt) = 



2w»L 


/ 3 

VfL2+fH2 + fL‘fH 


Keep in mind that the simple formula for total input-referred 
noise, though accurate in itself, does not take into account 
the effects of noise created in additional stages or noise 
injected from supply lines. In most cases voltage gain of the 
LM194 stage will be sufficient to swamp out second stage 
effects. For this to be true, first stage gain must be at least 
3 • Vng/VN, where Vr ,2 is the voltage noise of the second stage 
and Vn is the desired total input referred voltage noise. A 
simple formula for voltage gain of an LM194 stage, assum¬ 
ing no second stage loading, is given by: 


Av = 


where Ri is the load resistor 

kT/q 


Noise injected from power supplies is an often overlooked 
problem in low noise designs. This is probably in part due to 
the use of IC op amps with their high power supply rejection 
ratio and differential inputs. Many low-noise designs are 
single-ended and do not enjoy the Inherent supply rejection 
of differential designs. For a single-ended amplifier with its 
load resistor tied directly to the power supply, noise on the 
supply must be no higher than (Rl • Ic • Vn)/( 3 kT/q) or noise 
performance will be degraded. For a differential stage (see 
Figure 2) with the common emitter resistor tied to the nega¬ 
tive supply and the collector resistors tied to the positive 
supply, supply noise is not generally a problem, at least at 
low frequencies. For this to be true at higher frequencies, the 
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Reactive Sources (Continued) 

capacitance at the collector nodes must be kept low and 
balanced. In an unbalanced situation, noise from either sup¬ 
ply will feed through unattenuated at higher frequencies 
where the reactance of the capacitor is much lower than the 
collector resistance. 



FIGURE 2. High Frequency Power Supply Rejection 

Bandwidth Considerations 

Because of its large area, the LM194 has 
capacitance-limited bandwidth. The hf^ • f product is roughly 
0.08 MHz per microampere of collector current, yielding an ft 
of 80 MHz at Ic = 1 mA and 800 kHz at Iq = 10 pA. 
Collector-base capacitance on the LM194 is somewhat 
higher than ordinary small-signal transistors due to the large 
device geometry. Cob is 17 pF at Vce = 5V. For high gain 
stages with finite source impedance, the Millering effect of 
Cob will usually be the limiting factor on voltage gain band¬ 
width. At Ic = 100 pA and R|_ = 50 kQ, for instance, DC 
voltage gain will be (RL)(lc)/(kT/q) = 200, but bandwidth will 
be limited to 


BW =- - -= 50 kHz 

(27r)(RL)(lc)(Rs)(Cob) 

for a source impedance (Rs) of 1 kil. 

Low Noise Applications 

Figure 3 and Figure 4 represent two different approaches to 
low noise designs. In Figure 3, the LM194 is used to replace 
the input stage of an LM118 high speed operational amplifier 
to create an ultra-low-distortion, low-noise RIAA-equalized 
phono preamplifier. The internal input stage of the LM118 is 
shut off by tying the unused inputs to the negative supply. 
This allows the LM194 to be used in place of the internal 
input stage, avoiding the loop stability problems created 
when extra stages are added. The stability problem is espe¬ 
cially critical in an RIAA circuit where 100% feedback is used 
at high frequencies. Performance of this circuit exceeds the 


ability of most test equipment to measure it. As shown in the 
accompanying chart. Figure 3, harmonic distortion is below 
the measurable 0.002% level over most of the operating 
frequency and amplitude range. Noise referred to a 10 mV 
input signal is 90 dB down, measuring 0.55 mVrms arid 
70 pArms in a 20 kHz bandwidth. More importantly, the noise 
figure is less than 2 dB when the amplifier is used with 
standard phono cartridges, which have an equivalent wide¬ 
band (20 kHz) noise of 0.7 pVT Further improvements in 
amplifier noise characteristics would be of little use because 
of the noise generated by the cartridge itself. 

A special test was performed to check for “Transient Inter¬ 
modulation Distortion”^. 10 kHz and 11 kHz were mixed 1:1 
at the input to give an RMS output voltage of 
2V (input = 200 mV). The resulting 1 kHz intermodulation 
product measured at the output was 80 pV. This calculates to 
0.004% distortion, an incredibly low level considering that 
the 1 kHz has 14 dB (5:1) gain with respect to the 10 kHz 
signal in an RIAA circuit. Of special interest also is the use of 
all DC coupling. This eliminates the overload recovery prob¬ 
lems associated with coupling and bypass capacitors. Worst 
case DC output offset voltage is about 1V with a cartridge 
having 1 kO. DC resistance. 



NOTE Cartridge is assumed to have less than 5 kQ DC resistance Do not 
capacitor couple the cartridge R1, R2, and R3 should be low noise metal 
film resistors 


FREQUENCY 

(Hz) 

TOTAL HARMONIC DISTORTION 

20 

<0.002 

<0.002 

<0.002 

<0.002 

<0.002 

100 

<0.002 

<0.002 

<0.002 

<0.002 

<0.002 

Ik 

<0.002 

<0.002 

<0.002 

<0.002 

<0.002 

10k 

<0.002 

<0.002 

<0.002 

0.0025 

<0.003 

20k 

<0.002 

<0.002 

0.004 

0.004 

0.007 


0.03 

0.1 

0.3 

1.0 

5.0 


OUTPUT AMPLITUDE (V) RMS 


FIGURE 3. Ultra Low Noise RIAA Phono Preamplifier 
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Low Noise Applications (Continued) 



‘SELECT FOR PROPER IMPEDANCE MATCH 


00692204 

FIGURE 4. Ultra Low Noise Preamplifier 

The single-ended amplifier shown in Figure 4 was designed 
for source impedances below 250U. At this level, the LM194 
should be biased at 2.5 mA (or higher) collector current. 
Unfortunately, rbb', even at 4012, is the limiting factor on noise 
at these current levels. To achieve better performance, the 
two halves of the LM194 are paralleled to reduce rbb' to 2012. 
Total input voltage noise for this design is given by: 


®N = '/4kT(rbb' + R 3 ) + e„2 
= V0.504 + 0.096 = 0.775 nV/VFii 

The current noise is 12 pA/ylHz, sod when this flows 
through a 25012 source resistance, it causes an additional 
0.30 nV/VPiz. Since the Johnson noise of a 25012 resistor is 
2.0 nV/VHz, the noise figure is: 


_ . V(2 nV)2 + (0.3 nV)2 -h (0.775 nV)2 

NF = 20 log-—- 


Several unique features of this circuit should be pointed out. 
First, it has only one internal capacitor which functions as an 
AC bypass for both stages. Second, no input stage load 
resistor bypassing is used, yet the circuit achieves 56 dB 
supply rejection referred to input. The optional supply filter 
shown in dotted lines improves this by an additional 50 dB 
and is necessary only if supply noise exceeds 20 nV/v^. 
Finally, the problem of AC coupling the 1012 feedback imped¬ 
ance is eliminated by using a DC biasing scheme which 
biases both stages simultaneously without relying on feed¬ 
back from the output. 

Harmonic distortion is very low for a “simple” two stage 
design. At 300 mV output, total harmonic distortion mea¬ 


sured 0.016%. For normal signal levels of 50 mV and below, 
distortion was lost in the noise floor. Small-signal bandwidth 
is 3 MHz. 

An ideal application for this amplifier is as a head pre-amp 
for moving-coil phono cartridges. These cartridges have very 
low output impedance (< 5012 at low frequencies) and have 
a full-output signal below 1 mV. Obviously, the preamp used 
for such a low signal level must have superb noise proper¬ 
ties. The amplifier shown has a total RMS input noise of 
0.11 pV in a 20 kHz bandwidth, yielding a signal-to-noise 
ratio of 70 dB when used with a 4012 source impedance at a 
0.5 mV signal level. 

Low-Noise, Low-Drift 
Instrumentation Ampiifier has 
Wide Bandwidth 

The circuit in Figure 5 is a high-performance instrumentation 
amplifier for low-noise, low-drift, wide-bandwidth applica¬ 
tions. Input noise voltage is 2 nV/^/Hz up to 20 kHz, rising 



FIGURE 5. Low Drift-Low Noise Instrumentation 
Amplifier 

to 3.5 nV/VlHz at 100 kHz. Bandwidth at a gain of 50 is 
1 MHz and gain can be varied over the range of 10-100 
simply by changing the value of R 3 and Rg. Input offset 
voltage drift is determined by the LM194 and the tracking of 
the (R 1 -R 2 ), (Rs-Re), and (R4-R5) pairs. 20 ppmfC mis¬ 
match on all pairs will generate 1.1 pV/°C referred to input, 
dominating the drift due to the LM194. Resistor pairs which 
track to 5 ppm/°C or better are recommended for very low 
drift applications. Input bias current is about 1 pA, rather high 
for general purpose use, but necessary in this case to 
achieve wide bandwidth and low noise. The tight matching of 
the LM194, however, reduces input offset current to 20 nA, 
and input offset current drift to 0.5 nA/°C. Input bias current 
drift is under 10 nA/°C. In terms of source impedance, total 
input referred voltage drift will be degraded 1 pV/°C for each 
10012 of unbalanced source resistance and 0.05 pV/°C for 
each 10012 of balanced source resistance. DC common 
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Low-Noise, Low-Drift 
Instrumentation Amplifier has 
Wide Bandwidth (Continued) 

mode rejection of this amplifier is extremely good, depending 
mostly on the match of the ratio of R3/R4 to Rg/Re- 0.1% 
matching gives better than 90 dB. Rejection will improve with 
tighter matching and is not limited by the LM194 until CMRR 
approaches 120 dB. High frequency CMRR is also very 
good, measuring 80 dB at 20 kHz and 60 dB at 100 kHz. 
Settling time for a 10V output step is 1.5 ps to 0.1%, and 5 ps 
to 0.01%. Distortion with 10 Vp.p output is virtually unmea¬ 
surable (< 0.002%) at low frequencies, rising to 0.1% at 
50 kHz, and 1% at 200 kHz. 

Low Drift Designs 

Offset voltage drive in the LM194 quite closely follows the 
theoretical value derived by differentiating the logarithmic 
formula. In other words it is a function only of the original 
offset voltage. If Vqs is the original room temperature offset 
voltage, drift of offset as given by differentiation yields: 

( ^ 

d(Vos) ^ VdkT/qlnet^'^/qy 

dT “ dT 

^ Vos 
T 

At room temperature (T = 297°K), 1 mV of offset voltage will 
generate 1 mV/297°K = 3.37 pV/°C drift. The LM194 with a 
maximum offset voltage of 50 pV could be expected to have 
a maximum offset voltage drift of 0.17 pV/°C. Lab measure¬ 
ments indicate that it does not deviate from this theoretical 
drift by more than 0.1 pV/°C. This means the LM194 can be 
specified at 0.3 pV/°C drift without an individual drift test on 
each device. In addition, if initial offset voltage is zeroed out, 
maximum drift will be less than 0.1 pV/°C. The zeroing, of 
course, must be done in a way that theoretically zeroes drift. 
This is best done as shown in Figure 6 with a small trimpot 
used to unbalance collector load resistors. (See National’s 
Application Note AN-3.) 



FIGURE 6. Zeroing Offset and Drift 


To obtain optimum performance from such a low-drift device, 
strict attention must be paid to sources of drift external to the 
device itself. These include thermocouple effects, mismatch 
in load-resistor temperature coefficients, second-stage load¬ 
ing, collector leakage, and finite source impedance. 
Thermocouple effects in ultra-low-drift amplifiers are often 
the limiting factor in performance. The copper-to-Kovar 
(LM194 leads) thermocouple will generate 35 pV/°C. This 
sounds extremely high, but is not a problem if all input leads 
on the LM194 are at the same temperature. For optimum 
drift performance, the differential lead temperature where 
copper connects to Kovar should not exceed 0.5 millide- 
grees per degree change in ambient. If the LM194 is 
mounted on a printed circuit board, emitter and base leads 
should be soldered to identical size pads and the package 
orientation should place emitter and base leads on isother¬ 
mal lines if any significant power is being dissipated on the 
board. The board should be kept in a still-air environment to 
minimize the effects of circulating air currents. “Still” air is 
particularly important when the LM194 leads are soldered 
directly to wires and when low (< 10 Hz) noise is critical 
Individual wires in air can easily generate a differential end 
temperature of 10 millidegrees in an ordinary room ambient, 
even with the wires twisted together. This can cause up to 
1 pVp-p fluctuation in offset voltage. The 0.001 Hz to 10 Hz 
noise of the LM194 operating differentiaily at 100 pA is 
typically 40 nVp.p (see Figure 7), so the thermally generated 
signal represents a 25:1 degradation of low frequency noise. 



00692207 


FIGURE 7. Low Frequency Noise of Differential Pair. 
Unit must be in still air environment so that differential 
lead temperature is held to less than 0.0003°C. 

If the load resistors used to bias the LM194 do not have 
identical temperature coefficients, they will contribute to off¬ 
set voltage drift. A 1 ppm/°C mismatch in resistor drift will 
generate 0.026 pV/°C drift in the LM194. Resistors with 10 
ppm/°C differential drift will seriously degrade the drift of an 
otherwise perfect circuit design. Resistors specified to track 
better than 2 ppm/°C are available from several manufactur¬ 
ers including Vishay, Julie, RCL, TRW, and Tel Labs. 
Source impedance must be considered in a low-drift ampli¬ 
fier since voltage drift at the output can result from drift of the 
base currents of the LM194. Base current changes at about 
-0.Q%rC. This IS equal to 2 nA/°C at a collector current of 
100 pA and an hpE of 400. If drift error caused by the 
changing base current is to be kept to less than 0.05 pV/°C, 
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Low Drift Designs (Continued) 

source unbalance cannot exceed 25^ in this example. If a 
balanced condition exists, source impedance is still limited 
by the base current mismatch of the LM194. Worst case 
offset in the base current is 2 %, and this offset can have a 
temperature drift of up to 2%/°C, yielding a change in offset 
current of up to 

(2%)(100 pA)(2%/°C)/hFE = 0.1 nA/^C 
at a collector current of 100 pA. This limits balanced source 
impedances to 500^2 at collector currents of 100 pA if drift 
error is to be kept under 0.05 pV/°C. For higher source 
impedances, collector current must be reduced, or drift trim¬ 
ming must be used. 

Collector-leakage effects on drift are generally very low for 
temperatures below 50°C. At higher temperatures, leakage 
can be a factor, especially at low collector currents. At 70“C, 
total collector leakage (to base and substrate) is typically 
2 nA, increasing at 0.2 nA/°C. Assuming a 10% mismatch 
between collector leakages, input-referred drift will be 
0.05 pV/°C at a collector current of 10 pA, and 0.005 pV/°C at 
100 pA. At 125°C, input referred drift will be 1.5 pV/°C and 
0.15 pV/°C respectively. 

The amplifier used in conjunction with the LM194 may con¬ 
tribute significantly to drift if its own drift characteristics are 
poor. An LM194 operated with 2.5 Vdc across its load resis¬ 
tors has a voltage gain of approximately 100. If the second 
stage amplifier has a voltage drift of 20 pV/°C (normal for an 
amplifier with Vqs = 6 mV) the drift referred to the LM194 
inputs will be 0.2 pV/°C, a significant degradation in drift. 
Amplifiers with low drift such as the LM108A or LM308A 
(5 pV/°C max) are recommended. 

For the ultimate in low drift applications, the residual drift of 
the LM194 can be zeroed out. This is particularly easy 
because of the known relationship between a change in 
room-temperature offset and the resultant change in offset 
drift. The zeroing technique involves only one oven test to 
establish initial drift. The drift can then be reduced to below 
0.03 pV/°C with a simple room-temperature adjustment. The 
procedure is as follows: (See Figure 8.) 

1. Zero the offset voltage at room temperature (T^). 

2. Raise oven temperature to desired level (Th) and mea¬ 
sure offset voltage. 

3. Bring circuit back to room temperature and adjust offset 
voltage to (Vqs at Th) • (Ta)/(Th - T^). (T is in “K.) 

4. Re-adjust offset voltage to zero with an external refer¬ 
ence source by summing the two signals. (Do not 
re-adjust the offset of the LM194.) 

This technique can be extended to include drift correction for 
source-generated drift as well since the basic correcting 
mechanism is independent of the source of drift 
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FIGURE 8. Correcting for Residual or Source 
Generated Drift 


Voltage Reference 

Voltage references utilizing the bandgap voltage of silicon 
were first used 8 years ago, and have since gained wide 
acceptance in such circuits as the LM109, LM113, LM340, 
LM117, pA7800, AD580, and REF 01. The theory has been 
well publicized and is not reiterated here. 

The circuit in Figure 9 is a micropower version of a bandgap 
technique first used by Analog Devices. It operates off a 
single 2.5V to 6 V supply and draws only 25 pA idling current. 
Two AA penlight cells will power the reference for over a year 
of continuous operation. Maximum output current is 0.5 mA, 
with an output resistance of 0.2Q. Line regulation is 
-0.01 %A/ and output noise is 20 mVrms over a 10 kHz 
bandwidth. Temperature drift is less than ±50 ppm/°C when 
the output is trimmed to 1.21V. Much lower drift can be 
obtained by adjusting the output of each reference to the 
optimum value. A 1% shift in output voltage changes drift 
33 ppm/°C. Temperature range is -25°C to +100°C. 

The LM194 is the entire reference in this design, supplying 
both Vbe and AVbe portions of the reference. One half 
LM114 delivers a constant bias current to the LM4250. The 
other half, in conjunction with the 2N4250 PNP, ensures 
startup of the circuit under worst cast (2.4k) load current. 
R^-Rg and R 4 -R 5 should track to 50 ppm/°C. Rq should 
have a TC of under 250 ppm/°C. The circuit is stable for 
capacitive loads up to 0.047 pF. Cg is optional, for improved 
ripple rejection. 
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strain Gauge Amplifier 

The instrumentation amplifier shown in Figure 10 is an ex¬ 
ample of an ultra-low-drift design specifically optimized for 
strain-gauge applications. A typical strain-gauge bridge has 
one end grounded and the other driven by a 3-to-10 volt 
precision voltage reference. The differential output signal of 
the bridge has a 1.5 to 5 volt common-mode level and a 
typical full-scale differential signal level of 5-50 mV. Source 
impedance is in the range of 100^2 to 500Q, with an imped¬ 
ance imbalance of less than 2%. This amplifier has been 
specifically optimized for these types of signals. It has a -f-1 V 
to - 1 - 1 OV common mode range, a full scale input of 20 mV (1 
mV to 100 mV is possible) and fully balanced inputs with a 
differential input impedance > 10 M^ 2 . Common mode input 
impedance is 100 MO. Common mode rejection ratio is 120 
dB at 60 Hz, 114 dB at 1 kHz, and 94 dB at 10 kHz referred 
to input. Power supply rejection at DC is 114 dB on the V-i- 


supply and 108 dB on the V- supply. Small signal bandwidth 
is > 50 kHz and slew rate is 0.1 V/ps. Gain error is deter¬ 
mined by the accuracy of Rg, Rq, R 4 , and R 3 . For the values 
shown, gain is 500. R 3 can be varied to set gain as desired 
from 250 (80012) to 10,000 (2012). Gain non-linearity is 
< 0.05% for a 10V output and < 0.012% for a 5V output). R 7 
is a +0.3%/°C positive-temperature-coefficient wirewound re¬ 
sistor for compensation of gain with temperature. Without 
this resistor, gain change with temperature is 0.007%/°C. If 
R7 IS omitted, replace Rg with 12.4 kl2. 

Input offset voltage drift is determined primarily by resistor 
mismatches between R^/Rg and Rs/Rg. If either of these 
ratios drifts by 5 ppm/°C, an input offset voltage drift of 
0.15 pV/°C will be created. Other resistor drifts contribute to 
gam error only. R .,2 is used to adjust room temperature offset 
voltage to zero. 



FIGURE 9. Micropower Reference 
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FIGURE 10. Strain Gauge Instrumentation Amplifier 
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Thermocouple Amplifier with Cold 
Junction Compensation 

Thermocouple amplifiers need low offset voltage drift, good 
gain accuracy, low noise, and most importantly, cold-junction 
compensation. The amplifier in Figure 11 does all that and 
more. It is specifically designed for ease of calibration so that 
repeated oven cycling is not required for calibration of gain 
and zero. Also, no mathematical calculations are required in 
the calibration procedure. 

The circuit is basically a non-inverting amplifier with the gain 
set to give 10 mV/(T or °C) at the output. This output 
sensitivity is arbitrary and can be set higher or lower. 
Cold-junction compensation is achieved by deliberately un¬ 
balancing the collector currents of the LM194 so that the 
resulting input offset voltage drift is just equal to the thermo¬ 
couple output (a) at room temperature. By combining the 
formulas for offset voltage versus current imbalance and 
offset voltage drift, the required ratio of collector currents is 
obtained. 

d(Vos) Vqs k 'Ci 

dT T q Ic 2 

q • Vqs q • g 

IC 2 k • T k 


Ic-j _ q •a 
IC2 k 


(a = thermocouple output in V/°C) 

This technique does require that the LM194 be at the same 
temperature as the thermocouple cold junction. The thermo¬ 
couple leads should be terminated close to the LM194. 

The deliberate offset voltage created across the Ll\/I194 in¬ 
puts must be subtracted out with an external reference which 
is also used to zero shift the output to read directly in °C or 
T. This is done in a special way so that at some arbitrarily 
selected temperature (T-,), the gain adjustment has no effect 
on zero, vastly simplifying the calibration procedure. Design 
equations for the circuit are shown with the schematic in 
descending order of their proper use. Also shown is the 
calibration procedure, which requires only one oven trip for 
both gain and zero. Use of the nearest pocket calculator 
should yield all resistor values in a few minutes. The values 
shown on the schematic are for a 10 mV/°C output with a 
Chromel-Alumel thermocouple delivering 40 pV/°C, with T^ 
selected at room temperature (297°K). All resistors except 
Rq and R -,2 should be 1 % metal film types for low thermo¬ 
couple effects (resistors do generate thermocouple voltages 
if their ends are at different temperatures) and should have 
low temperature coefficients. Rg and R-,o should track to 10 
ppm/°C. Rg, Rq, and R-,-, should not have a TC higher than 
250 ppm/°C. Ri, Rg, and R 4 should track to 20 ppm/°C. C 2 
can be added to reduce spikes and noise from long thermo¬ 
couple lines. / 



FIGURE 11. Thermocouple Amplifier with Cold-Junction Compensation 


1. Select R9 = 300 kQ 3. R 8 = 200 k 

2. Set RIO equal to R9 • e"“^^ 4. Select R4 in the range 50 kQ to 250 ka 
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Thermocouple Amplifier with Cold 
Junction Compensation (Continued) 

5. 

(R4)(Ti)(a) 

S(Ti - To) - a(Ti) 


6. 


due to input bias current is approximately 1 °C for each 400Q 
of thermocouple lead resistance with a 40 pV/°C thermo¬ 
couple. 

No provision is made for correction of thermocouple 
non-linearity. This could be accomplished with a slight non¬ 
linearity introduced into R 4 with additional resistors and di¬ 
odes. Another possibility is to digitize the output and correct 
the nonlinearity digitally with a ROM programmed for a spe¬ 
cific thermocouple type. 


R2 


a(R4)(R5)(1 - EV100) 
a(R4) '' 
S — a. 


(S -a) R5 - 


7. 


R1 


[(R2)«Vz-a(Ti)] 

a(Ti) 


(0 95) 


8 . 


(E)(R2) 

50 


9. R7 = (R9/R10)(R2) 

10. R 6 = R1/10 

E= Gain error allowed for (=2.5%) 

Ti= Temperature in °K at which it is desired to have the 
gain control not interact with the zero control 
To= Temperature in 'K at which the desired temperature 
scale (°C or T) is equal to zero 
S= Required output scale factor. Use V/°C even though 
actual output may be in T 
Vz= Zener reference voltage 
a= Thermocouple output in V/°C 
Values shown on schematic are for 10 mV/°C. 

See below for 10 mV/°F values using a Chromel-Alumel 
thermocouple with room temperature for T^. 

R1 = 367k, R2 = 6290, R3 =0, R4 = 250k, 

R5 = 4.08k, R 6 = 50k, R7 = Ik, RIO = 191k 
CALIBRATION: (Note 1) 

a. Set oven to T^ and adjust R 6 to give proper output (zero 
adjust). 

b. Raise (or lower) oven to Tg and adjust R3 to give proper 
output at Tg (gain adjust). 

c. Return to room temperature and short thermocouple and 
D1 to ground. Adjust R11 to give proper output (room 
ambient) in °K or °R. 

For 10 mV/°C, this is 2.98V @ Ta = 25°C. 

For 10 mV/T, this is 5.37V @ Ta = 77T. 

d. Remove shorts and re-adjust R 6 if necessary to zero 
output. 

Note: Steps C and D can be eliminated if exact cold 
junction compensation is not required. R11 is simply 
shorted out. Compensation will be within ±5% without 
adjustment (<0.05°C/°C). 

Note 1: Thermocouple only in oven 

Input impedance for this circuit is > 100 Mil, so high ther¬ 
mocouple impedance will not affect scale factor. “Zero shift” 


Power Meter 

The power meter in Figure 12 is a good example of 
minimum-parts-count design. It uses only one transistor pair 
to provide the complete (X) • (Y) function. The circuit is 
intended for 117 Vac ± 50 Vac operation, but can be easily 
modified for higher or lower voltages. It measures true 
(non-reactive) power being delivered to the load and re¬ 
quires no external power supply. Idling power drain is only 
0.5W. Load current sensing voltage is only 10 mV, keeping 
load voltage loss to 0.01%. Rejection of reactive load cur¬ 
rents Is better than 100:1 for linear loads. Nonlinearity is 
about 1% full scale when using a 50 pA meter movement. 
Temperature correction for gain is accomplished by using a 
copper shunt (+0.32%/°C) for load-current sensing. This cir¬ 
cuit measures power on negative cycles only, and so cannot 
be used on rectifying loads. 

Low Cost Mathematical Functions 

Many analog circuits require a mathematical function to be 
performed on one or more signals other than the standard 
addition, subtraction, or scaling which can be accomplished 
with resistor networks. The circuits shown in Figure 13 
through Figure 15 are examples of low-cost function gener¬ 
ating circuits using the LM394 with operational amplifiers. 
The logarithmic relationship of Vbe to Ic on the LM394 is 
utilized in each case to log-antilog the input signals so that 
addition and subtraction can be used to multiply, divide, 
square, etc. When transistors are used in this manner, 
matching is very critical. A 1 mV offset in Vbe appears as a 
4% of signal error even in the best case where operation is 
restricted to one quadrant. Parasitic emitter or base resis¬ 
tance (ree', rbb') can also seriously degrade accuracy. At Ic = 
100 pA and hpE = 100, each Q of emitter resistance and 
each lOOfl of base resistance will cause 0.4% signal error. 
Most matched transistor pairs available today have signifi¬ 
cant parasitic resistances which severely limit their use in 
high-accuracy circuits. The LM394, with offset guaranteed 
below 0.15 mV and a typical emitter-referred total parasitic 
resistance of 0.4Q gives an order of magnitude improvement 
in accuracy to nonlinear designs at all current levels. 

Multiplier/Divider 

The circuit in Figure 73 will give an output proportional to the 
product of the (X) and (Y) inputs divided by the Z input. All 
inputs must be positive, limiting operation to one quadrant, 
but this restriction removes the large error terms found in 2 - 
and 4-quadrant designs. In a large percentage of cases, 
analog signals requiring multiplication are of one polarity 
only and can be inverted if negative. A nice feature of this 
design is that all gain errors can be trimmed to zero at one 
point. R 5 is paralleled with 2.4 MQ to drop its nominal value 
2 %. Rq then gives a ± 2 % gain trim to account for errors in 
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Multiplier/Divider (Continued) 

R-i, R 2 , R 5 , R 7 , and any offset in Qi or Q 2 . For very low level 
inputs, offset voltage in the LM308s may create large per¬ 
centage errors referred to input. A simple scheme for offset¬ 
ting any of the LM308s to zero is shown in dotted lines; the 
+ input of the appropriate LM308 is simply tied to Rx instead 
of ground for zeroing. The summing mode of operation on ail 
inputs allows easy scaling on any or all inputs. Simply set the 
input resistor equal to (V|N(max))/(200 pA). VoUT is equal to: 



R7 


Input voltages above the supply voltage are allowed be¬ 
cause of the summing mode of operation. Several inputs 
may be summed at “X”, “Y,” or “Z.” 

Proper scaling will improve accuracy by preventing large 
current imbalances in Qi and Q 2 , and by creating the largest 
possible output swing. Keep in mind that any multiplier 
scheme must have a reference and this circuit is no different. 
For a simple (X) • (Y) or (X)/Z function, the unused input 
must be tied to a reference voltage. Perturbations in this 
reference will be seen at the output as scale factor changes, 
so a stable reference is necessary for precision work. For 
less critical applications, the unused input may be tied to the 
positive supply voltage, with R = V'^/200 pA. 

Square Root 

The circuit in Figure will generate the square root function 
at low cost and good accuracy. The output is a current which 


may be used to drive a meter directly or be converted to a 
voltage with a summing junction current-to-voltage con¬ 
verter. The -15V supply is used as a reference, so it must be 
stable. A 1% change In the -15V supply will give a V 2 % shift 
in output reading. No positive supply is required when an 
LM301A is used because its inputs may be used at the same 
voltage as the positive supply (ground). The two 1N457 
diodes and the 300 kn resistor are used to temperature 
compensate the current through the diode-connected V 2 
LM394. 

Squaring Function 

The circuit in Figure 15 will square the input signal and 
deliver the result as an output current. Full scale input is 10V, 
but this may be changed simply by changing the value of the 
100 kQ input resistor. As in the square root circuit, the -15V 
supply is used as the reference. In this case, however, a 1% 
shift in supply voltage gives a 1% shift in output signal. The 
150 kQ resistor across the base-emitter of Va LM394 pro¬ 
vides slight temperature compensation of the reference cur¬ 
rent from the -15V supply. For improved accuracy at low 
input signal levels, the offset voltage of the LM301A should 
be zeroed out, and a 100 kQ resistor should be inserted in 
the positive input to provide optimum DC balance. 

Bibliography 

1. See National’s Audio Handbook. 

2. The Audio Amateur, volume VIII, number 1, Feb. 1977. 



FIGURE 12. Power Meter (1 kW f.s.) 


www.national.com 


1-102 




00692214 


FIGURE 13. High Accuracy One Quadrant Multipiier/Divider 
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*Trim for full scale accuracy. 


‘Trim for full scale accuracy 


30 pF 



FIGURE 14. Low Cost Accurate Squaring Circuit 
louT = 10-5 


INPUT 

0 ^ V|N ^ +10V 



30 pF REGULATED 

00692216 


FIGURE 15. Low Cost Accurate Squaring CircuitlouT = 10"® (Vin)' 
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Introducing the MF10: A 
Versatile Monolithic Active 
Filter Building Block 

A unique alternative for active filter designs is now available 
with the introduction of the MF10. This new CMOS device 
can be used to implement precise, high-order filtering func¬ 
tions with no reactive components required. 

Filter design takes one of two approaches: passive or active. 
Passive designs combine resistors, capacitors and inductors 
to perform specific frequency filtering in applications where 
precision is less important than mass producibility. For very 
high frequency applications, a passive approach is quite 
often the only way to go. Active filters combine op amps and 
discrete transistors, primarily with resistors and capacitors, 
to provide impedance buffering and filter parameter tunabil- 
ity. In precision filters, it is most desirable to have an inde¬ 
pendent “handle” for each of three basic filter parameters: 
resonant frequency (fo), Q or quality factor, and the pass- 
band gain (Hq). As a general rule, the degree of tunability 
increases with the number of amplifiers used. The three op 
amp, state variable active filter. Figure 1, is most popular for 
2 nd order designs. 

A major shortcoming of this type of filter is that resonant 
frequency accuracy is only as good as the capacitors used. 
In high volume production, to minimize filter tuning proce¬ 
dures, costly, low-tolerance, low-drift capacitors are re¬ 
quired. Furthermore, these filters use a fair number of com¬ 
ponents; 3 op amps, 7 resistors and 2 capacitors for each 
2nd order section. Even the best single amplifier 2nd order 
fiiter reaiizations require 3 to 5 resistors and 2 capacitors. 
To offer designers an attractive alternative to these types of 
active filters, a device would have to: 

1 ) eliminate critical capacitors entirely 

2 ) minimize overall parts count 

3) provide easy tunability of filter parameters 

4) allow for the design of all five filter responses and, 

5) simplify design equations. 


National Semiconductor 
Application Note 307 
Tim Regan 


These are the design objectives behind the development of 
the MF10. Recent advances in sample-data techniques per¬ 
mit the construction of an op amp integrator on a monolithic 
substrate without the need for any external capacitors (see 
page 11 “The Switched Capacitor Integrator—How it 
Works”). The integrator is a key factor in filter designs for 
establishing the overall filter time constant and, therefore, its 
resonant frequency. The MF10 contains, in one 20-pin DIP 
package, all of the necessary active and reactive compo¬ 
nents to construct two complete 2nd order state variable 
type active filters. Figure 2. The only external requirements 
are for resistors to establish the desired filter parameters. 

Basic Circuit Description 

To keep the device as universal as possible, the outputs of 
each section of each filter are brought out. This allows 
designs for ail five filtering functions: lowpass, bandpass, 
highpass, allpass and bandreject or notch filters. With two 
independent 2nd order sections in one package, cascading 
to achieve 4th order responses can easily be accomplished. 
Additionally, any of the classical filter response types such 
as Butterworth, Chebyshev, Bessel and Cauer can be imple¬ 
mented. 

Between the output of the summing op amp and the input of 
the first integrator there is a unique 3-input summing stage 
where two of the inputs are subtracted from the third. One of 
the (-) inputs is brought out to serve as the signal input for 
some filter configurations. The other (-) input is connected 
through an internal switch to either the lowpass output or 
analog ground depending upon the desired filter implemen¬ 
tation. The direction of this input connection is common to 
both halves of the MF10 and is controlled by the voltage 
level on the Sa/b input terminal. 



R5 



_L 

* Ztt VR5 

/ R4 
/ 1 + — 


R1 R2C1 C2 
R4\ 


4 


FIGURE 1. The Universal State Variable 2nd Order Active Filter (note the complexity of design equations and the 

number of critical external components) 



1-105 


WWW national com 


AN-307 




AN-307 


Basic Circuit Description (Continued) 


Va N/AP/HPa S1a 


lpa 



FIGURE 2. Block Diagram of the MF10 


When tied to Vd"^ [the (+) supply], the switch connects the 
lowpass output, and when tied to Vp" [the ( - ) supply], the 
connection to ground is made. In some applications one half 
of the MF10 may require that both of the (-) inputs to this 
summer be connected to ground, while the other side re¬ 
quires one to be connected to the lowpass output and the 
other to ground. For this, the Sa/b control should be tied to 
the (-) supply and the connection to the lowpass output 
should be made externally to the S1a (S1b) pin. 

A clock with close to 50% duty cycle is required to control the 
resonant frequency of the filter. Either TTL or CMOS logic 
compatible clocks can be accommodated, whether the 
MF10 is powered from split supplies or a single supply, by 
simply grounding the level shift (L Sh) control pin. 

The resonant frequency of each filter is directly controlled by 
its clock. A tri-level control pin sets the ratio of the clock 
frequency to the center frequency (the 50/100/CL pin) for 
both halves. When this pin is tied to the center frequency 
will be 1/50 of the clock frequency. When tied to mid-supply 
potential (i.e., ground, when biased from split supplies) pro¬ 
vides 100 to 1 clock to center frequency operation. When 
this pin is tied to V~ a power saving supply current limiter 
shuts down operation and rolls back the supply current by 
70%. 

Filter center frequency accuracy and stability are only as 
good as the clock provided. Standard crystal oscillators, 
combined with digital counters, can provide very stable 
clocks for specific filter frequencies. A relatively new device 
from National’s COPS™ family of microcontrollers and pe¬ 


ripherals, the COP452 programmable frequency generator/ 
counter, finds a unique use with the MF10, Figure 3. This low 
cost device can generate two independent 50% duty cycle 
clock frequencies. Each clock output is programmed via a 
16-bit serial data word (N). This allows over 64,000 different 
clock frequencies for the MF10 from a single crystal. 

The MF10 is intended for use with center frequencies up to 
20 kHz, and is guaranteed to operate with clocks up to 1 
MHz. This means that for center frequencies greater than 10 
kHz, the 50 to 1 clock control should be used. The effect of 
using 100 to 1 or 50 to 1 clock to center frequency ratio 
manifests itself in the number of “stair-steps” apparent in the 
output waveform. The MF10 closely approximates the time 
and frequency domain response of continuous filters (RC 
active filters, for example) but does so using sampling tech¬ 
niques. The clock to center frequency control determines the 
number of samples taken (1 per clock cycle) in one cycle of 
the center frequency. Therefore, as shown in the photo of 
Figure 4, 100 to 1 clocking provides a smoother looking 
output as it has twice as many samples per cycle. For most 
audio applications, the audible effects of these step edges 
and the clock frequency component in the output are negli¬ 
gible as they are beyond 20 kHz. To obtain a cleaner output 
waveform, a simple passive RC lowpass can be added to the 
output to serve as a smoothing filter without affecting the 
MF10 filtering action. 

Several of the modes of operation (discussed in a later 
section) allow altering of the clock to center frequency ratio 
by an external resistor ratio. This can be used to obtain 
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Basic Circuit Description (Continued) 

center frequencies of values other than 1/50 or 1/100 of the 
clock frequency. In multiple stage, staggered tuned filters, 
the center frequency of each stage can be set independently 
with resistors to allow the overall filter to be controlled by just 
one clock frequency. 


16-BiT SERIAL 
PROGRAMMING - 
WORD (N) 

SERIAL 

DATA- 

CLOCK 




XTAL 

CLOCK A 


Dl 


1/2MF10 

C0P452 






SK 

CLOCK B ^ I 

1 1/2MF10 1 


1 - 

h 


OUTPUT A 


The following is a general summary of design hints common 
to all modes of operation. 



lOOi 


50:1 


00503504 


, ^XTAL 
^CLK-2(H-N) 

00503503 

FIGURE 3. A Programmable Dual Clock Generator 

All of the rules of sampling theory apply when using the 
MF10. The sampling rate, or clock frequency, should be at 
least twice the maximum input frequency to produce the best 
equivalent to a continuous time filter. High frequency com¬ 
ponents in the input signal that approach the clock frequency 
will generate aliasing signals which appear at the output of 
the lower frequency filter and are indistinguishable from valid 
passband signals. Bandlimiting the input signal to attenuate 
these potential aliasing frequencies is the best preventative 
measure. In most applications, aliasing will not be a problem 
as the clock frequency is much higher than the passband of 
interest. In the event that a much higher clock frequency is 
required, the modes of operation which utilize external resis¬ 
tor ratios to increase the clock to center frequency ratio can 
extend the clock frequency to greater than 100 times the 
center frequency. By using a higher clock frequency, the 
aliasing frequencies are correspondingly higher. The limiting 
factor, with regard to increasing the clock to center frequency 
ratio, has to do with increased DC offsets at the various 
outputs. 

The Basic Filter Configurations 

There are six basic configurations (or modes of operation) 
for the 2nd order sections in the MF10 to realize a wide 
variety of filter responses. In all cases, no external capaci¬ 
tors are required. Design is a simple matter of establishing a 
few resistor ratios to set the desired passband gain and Q 
and generating a clock for the proper resonant frequency. 
Each 2nd order section can be treated in a modular fashion, 
with regard to individual center frequency, Q and gain, when 
cascading either the two sections within a package or sev¬ 
eral packages for very high order filters. This individuality of 
sections is important in implementing the various response 
characteristics such as Butterworth, Chebyshev, etc. 


FIGURE 4. The Sampled-Data Output Waveform 

1. The maximum supply voltage for the MF10 is ±7V or just 
-I-14V for single supply operation. The minimum supply 
to properly bias the part is 8V. 

2. The maximum swing at any of the outputs is typically 
within IV of either supply rail. 

3. The internal op amps can source 3 mA and sink 1.5 mA. 
This is an important criterion when selecting a minimum 
resistor value. 

4. The maximum clock frequency is typically 1.5 MHz. 

5. To insure the proper filter response, the foXQ product of 
each stage must be realizable by the MF10. For center 
frequencies less than 5 kHz, the foXQ product can be as 
high as 300 kHz (Q must be less than or equal to 150). 
A 3 kHz bandpass filter, for example, could have a Q as 
high as 100 with just one section. For center frequencies 
less than 20 kHz, the allowable foXQ product is limited to 
200 kHz. A 10 kHz bandpass design using a single 
section should have a Q no larger than 20. 

6. Center frequency matching from part to part for a given 
clock frequency is typically ±0.2%. Center frequency 
drift with temperature (excluding any clock frequency 
drift) is typically ±10 ppm/°C with 50:1 switching and 
±100 ppm/°C for 100:1. 

7. Q accuracy from part to part is typically ±2% with a 
temperature coefficient of ±500 ppm/°C. 

8. The expressions for circuit dynamics given with each of 
the modes are important. They determine the voltage 
swing at each output as a function of the circuit Q. A high 
Q bandpass design can generate a significant peak in 
the response at the lowpass output at the center fre¬ 
quency. 

9. Both sides of the MF10 are independent, except for 
supply voltages, analog ground, clock to center fre¬ 
quency ratio setting and internal switch setting for the 
three input summing stage. 
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The Basic Filter Configurations 

(Continued) 

In the following descriptions of the filter configurations, fo is 
the filter center frequency, Hq is the passband gain and Q is 
the quality factor of the complex pole pair and is equal to 
fo/BW where BW is the -3 dB bandwidth measured at the 
bandpass output. 

MODE 1A: Non-Inverting 
Bandpass, Inverting Bandpass, 
Lowpass 

This is a minimum external component configuration (only 2 
resistors) useful for low Q lowpass and bandpass applica¬ 
tions. The non-inverting bandpass output is necessary for 
minimum phase filter designs. 

DESIGN EQUATIONS 


Q = ■ 


100 

R3 

R2 


^CLK 

50 


Hqlp = -1 

R3 

Hobp, = - ^ 

H0BP2 “ (non-inverting) 


MODE 1: Notch, Bandpass and 
Lowpass 

With the addition of just one more external resistor, the 
output dynamics are improved over Mode 1A to allow band¬ 
pass designs with a much higher Q. The notch output fea¬ 
tures equal gain above and below the notch frequency. 

DESIGN EQUATIONS 


: ^CLK ^CLK 
100 50 


^notch ~ 
R3 


Q = ■ 


R2 


Holp = - 


R2 

R1 


Hobp- - ^ 


Hon ^ 


R2 

R1 


as f 0 and as 


fCLK 

2 


CIRCUIT DYNAMICS 

Hqbp ~ Hqlp X Q=Hon X Q 

Hqlp (peak) = Q X Hqlp (if th© DC gain of the LP output is too 
high, a high Q value could cause clipping at the lowpass 
output resulting in gain non-linearity and distortion at the 
bandpass output). 


CIRCUIT DYNAMICS 

H 0 BP 1 = -Q (this is the reason for the low Q recommenda¬ 
tion) 

Hqlp (peak) = Q X Hqlp 


MODE1A 


V|H 



V* 



MODE 1 
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MODE 2: Notch (with f„<f J, 
Bandpass and Lowpass 

This configuration allows tuning of the clock to center fre¬ 
quency ratio to values greater than 100 to 1 or 50 to 1. The 
notch output is useful for designing elliptic highpass filters 
because the frequency of the required complex zeros (fnotcn) 
is less than the frequency of the complex poles (y. 

DESIGN EQUATIONS 


MODE 3: Highpass, Bandpass and 
Lowpass 

This configuration is the classical state variable filter (the 
circuit of Figure 1) implemented with only 4 external resis¬ 
tors. This is the most versatile mode of operation, since the 
clock to center frequency ratio can be externally tuned either 
above or below the 100 to 1 or 50 to 1 values. The circuit is 
suitable for multiple stage Chebyshev filters controlled by a 
single clock. 
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CIRCUIT DYNAMICS 


Hqbp = Q VHolp x H 0 N 2 = Q 'Hqni x H 0 N 2 


DESIGN EQUATIONS 
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CIRCUIT DYNAMICS 


Hqhp = 



I^OLP (peak) = Q X Hqlp 

Hqbp = Q vHqhp x Hqlp 
Hqhp (peak) = Q X Hqhp 


MODE 2 


R4 



MODES 


FI4 



1 


1-109 


www.national.com 


AN-307 



AN-307 


MODE 3A: Highpass, Bandpass, 
Lowpass and Notch 

A notch output is created from the circuit of Mode 3 by 
summing the highpass and lowpass outputs through an 
external op amp. The ratio of the summing resistors Rh and 
Ri adjusts the notch frequency independent of the center 
frequency. For elliptic filter designs, each stage combines a 
complex pole pair (at fo) with a complex zero pair (at fnotch) 
and this configuration provides easy tuning of each of these 
frequencies for any response type. When cascading several 
stages of the MF10 the external op amp is needed only at 
the final output stage. The summing junction for the interme¬ 
diate stages can be the inverting input of the MF10 Internal 
op amp. 

DESIGN EQUATIONS 
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V R4 ^ R2 
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MODE 4: Allpass, Bandpass and 
Lowpass 

Utilizing the S1 a (S1b) terminal as a signal input, an allpass 
function can be obtained. An allpass can provide a linear 
phase change with frequency which results in a constant 
time delay. This configuration restricts the gain at the allpass 
output to be unity. 

DESIGN EQUATIONS 
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100 50 

fz (frequency of complex zero pair) = fo 
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CIRCUIT DYNAMICS 

Hqbp = Hqlp X Q - (Hqap + 1)0 
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MODE 4: Allpass, Bandpass and Lowpass (Continued) 

MODE 4 



MODE 5: Complex Zeros (C.z), 
Bandpass and Lowpass 

This mode features an improved allpass design over that of 
Mode 4, in that it maintains a more constant amplitude with 
frequency at the complex zeros (C.z) output. The frequen¬ 
cies of the pole pair and zero pair are resistor tunable. 

DESIGN EQUATIONS 


MODE 6A: Single Pole, Highpass 
and Lowpass 

By using only one of the internal integrators, this mode is 
useful for creating odd-ordered cascaded filter responses by 
providing a real pole that is clock tunable to track the reso¬ 
nant frequency of other 2nd order MF10 sections. The cor¬ 
ner frequency is resistor tunable. 

DESIGN EQUATIONS 
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MODE 6A: Single Pole, Highpass and Lowpass (Continued) 


MODE 6A 



MODE 6B: Single Pole Lowpass 
(Inverting and Non- Inverting) 

This mode utilizes only one of the integrators for a single 
pole lowpass, and the input op amp as an inverting amplifier, 
to provide non-inverting lowpass output. Again, this mode is 
useful for designing odd-ordered lowpass filters. 

DESIGN EQUATIONS 


I, (cut-ofl „ec,uencv) = ^ (^) or^ 

Holp (inverting output) = 

Holp (non-inverting output) = +1 


MODE 6B 



Some Specific Application Examples 

For single-supply operation, it is important for several termi¬ 
nals to be biased to half supply. A single-supply design for a 
4th order 1 kHz Butterworth lowpass (24 dB/octave or 80 
dB/decade rolloff) Is shown using Mode 1 in Figure 5. Note 
that the analog ground terminal (pin 15), the summer inputs 
SI A and SIb (pins 5 and 16) and the clock switching control 
pin (pin 12) are all biased to Vqc/ 2. For symmetrical split 
supply operation these pins would be grounded. An input 
coupling capacitor is optional, as it is needed only if the input 
signai is not also biased to Vcc/2. For a two-stage Butter- 
worth response, both stages have the same corner fre¬ 
quency, hence the common clock for both sides. The resistor 
values shown are the nearest 5% tolerance values used to 
set the overall gam of the filter to unity and to set the required 
Q of the first stage (side A) to 0.504 and the second stage 
(side B) Q to 1.306 for a fiat passband response. 

A unique advantage of the switched capacitor design of the 
MF10 is illustrated in Figure 6. Here the MF10 serves double 


duty in a data acquisition system as an input filter for simple 
bandlimiting or anti-aliasing and, as a sample and hold to 
allow larger amplitude, higher frequency input signals. By 
gating OFF the applied clock, the switched capacitor integra¬ 
tors will hold the last sampled voltage value. The droop rate 
of the output voltage during the hold time is approximately 
0.1 mV per ms. 

A useful non-filtering application of the MF10 is shown in 
Figure 7. In this circuit, the MF10, together with an LM311 
comparator, are used as a resonator to generate stable 
amplitude sine and cosine outputs without using AGC cir¬ 
cuitry. The MF10 operates as a Q of 10 bandpass filter which 
will ring at its resonant frequency in response to a step input 
change. This ringing signal is fed to the LM311 which creates 
a square wave input signal to the bandpass to regenerate 
the oscillation. The bandpass output is the filtered funda¬ 
mental frequency of a 50% duty cycle square wave. A 90° 
phase shifted signal of the same amplitude is available at the 
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Some Specific Application 
Examples (Continued) 

lowpass output through the second integrator in the MF10. 
The frequency of oscillation is set by the center frequency of 


the filter as controlled by the clock and the 50:1/100: 1 
control pin. The output amplitude is set by the peak to peak 
swing of the square wave input, which in this circuit is 
defined by the back to back diode clamps at the LM311 
output. 



FIGURE 5. Only 6 resistors required for this 4th order, 1 kHz Butterworth 
lowpass filter. This example also illustrates single-supply biasing. 


9 Ik 



IN HOLD MODE 

00503514 


FIGURE 6. An MF10 as an Input Filter and Sample/Hold 
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Some Specific Application Examples (Continued) 
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FIGURE 7. Generating Quadrature Sine Waves from a T^L Ciock 


Finally, as a graphic illustration of the simplicity of filter 
implementation using the MF10, Figure 8 is a complete 300 
baud, full-duplex modem filter. The filter is an 8th order, 1 dB 
ripple Chebyshev bandpass which functions as both an 1170 
Hz originate filter and a 2125 Hz answer filter. Control of 
answer or originate operation is set by the logic level at the 
50/100/CL input so that only one clock frequency is required. 
The overall filter gain is 22 dB. 


Construction of this filter on a printed circuit board would 
obviously be more compact than an RC active filter ap¬ 
proach and much more cost effective for the level of preci¬ 
sion required. An even more attractive implementation from 
a space savings point of view would be a hybrid circuit 
approach. A film resistor array connecting to two MF10 die 
could produce the entire filter in one package requiring only 
7 external connections for input, output, supplies, etc. 



FIGURE 8. A Complete Full-Duplex 300 Baud Modem Filter 
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The Switched Capacitor 
Integrator—How it Works 

The most important feature of the MF10 is that it requires no 
external capacitors, yet can implement filters over a wide 
range of frequencies. A clock is used to control the time 
constant of two non-inverting integrators. To feel comfortable 
with the operation of the MF10, it is important to understand 
how this control is accomplished. 

It IS easiest to discuss an inverting integrator {Figure 9) and 
how its input resistor can be replaced by 2 switches and a 
capacitor {Figure 10). In Figure 9 the current which flows 
through feedback capacitor C is equal to Vi^/R and the 
circuit time constant is RC. This time constant accuracy 
depends on the absolute accuracy of two completely differ¬ 
ent discrete components. In Figure 10, switches S1 and S2 
are alternately closed by the clock. When switch S1 Is closed 
(S2 is opened), capacitor C1 charges up to V|n. At the end of 
half a clock period, the charge on C1 (QC1) is equal to 
V||s,xC1. When the clock changes state, S1 opens and S2 
closes. During this half of the clock period all of the charge 
on Cl gets transferred to the feedback capacitor C2. 

The amount of charge transferred from the input, V,n, to the 
summing junction [the (-) input] of the op amp during one 
complete clock period is V|nC 1. Recall that electrical current 
IS defined as the amount of charge that passes through a 
conduction path during a specific time interval (1 ampere=1 
coulomb per second). For this circuit, the current which flows 
through C2 to the output is: 


where T is equal to the clock period. 

The effective resistance from V|n to the (-) input is therefore: 

n V'N 1 
1 C1 fcLK 

This means that S1, S2 and C1, when clocked in Figure 10, 
act the same as the resistor in Figure 9 to yield a clock 
tunable time constant of: 


C2 

C1 fCLK 

Note that the time constant of the switched capacitor Inte¬ 
grator is dependent on a ratio of two capacitor values, which, 
when fabricated on the same die, is very easy to control. 
This can provide precise filter resonant frequency control 
both from part to part and with changes in temperature. 

The actual integrators used in the MF10 are non-inverting, 
requiring a slightly more elegant switching scheme, as 
shown in Figure 11. In this circuit, 81^ and 81 b are closed 
together to charge Cl to V,n. Then 82^ and 82 b are closed 
to connect Cl to the summing junction with the capacitor 
plates reversed, to provide the non-inverting operation. If V|n 
is positive, Vqut will move positive as C2 acquires the 
charge from Cl. 




FIGURE 9. 


C2 
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The Switched Capacitor integrator—How it Works (Continued) 
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FIGURE 11. The Non-Inverting Integrator Used in the MF10 




A SPICE Compatible 
Macromodel for CMOS 
Operational Amplifiers 

Abstract 

A SPICE macromodel that captures the “personality” of Na¬ 
tional Semiconductor's CMOS op-amps has been devel¬ 
oped. The salient features of the macromodel are a 
MOSFET input stage, Miller compensation, and a 
current-source output stage. A description of the model will 
be given along with correlation to actual device behavior. 

Introduction 

Recently, there has been a major thrust in lowering power 
dissipation and supply voltages for analog system level de¬ 
sign. In response to this, National Semiconductor has devel¬ 
oped a family of CMOS op-amps which feature rail-to-rail 
output swing, extremely low input bias current (10 fA typ.), 
single supply operation, low power consumption, and an 
input common-mode range that includes the negative supply 
rail [1]. Due to the unique topology that makes these features 
possible, a new SPICE macromodel was required in order to 
achieve accurate simulation results. 

Macromodeling Philosophy 

The philosophy used in creating this macromodel was a 
desire to design a model that would accurately simulate the 
typical behavior of a CMOS op-amp while executing much 
faster than a device level model (commonly referred to as a 
micromodel). The “personality” of an op-amp can be cap¬ 
tured by individually hand crafting and thoroughly testing 
each model to ensure that it accurately simulates the behav¬ 
ior of the real device. 

CMOS Macromodel Input Stage 

The input stage performs several important functions includ¬ 
ing non-linear input transfer characteristics, offset voltage, 
input bias currents, second pole, and quiescent power sup¬ 
ply current. The heart of the input stage consists of a differ¬ 
ential amplifier which is made up of two simplified MOSFET 
models (see Figure 1) [2]. input common-mode range can be 
modeled by properly setting the zero bias threshold voltage 
(Vjo) in the MOSFET model. In the case of the LMC6484, 
which has rail-to-rail Input common-mode range, Vjq is left 
at its default value of zero Offset voltage is modeled with an 
ideal voltage source, Eqs. while input bias/offset currents 
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are modeled by properly setting the leakage currents on the 
input protection diodes DP1-DP4. Quiescent current is mod¬ 
eled with the combination of 12 and the R8-R9 series resis¬ 
tors. As the supply voltage increases, the current through R8 
and R9 will increase, effectively simulating that behavior in 
the real device. Resistors R8 and R9 also act as a voltage 
divider and establish a common-mode voltage (Vh) for the 
model directly between the rails. If the supply rails are sym¬ 
metrical, i.e. ±5V, node 49 will be at OV. Voltage-controlled 
voltage-source, EH, measures the voltage across R8 and 
subtracts an equal voltage from the positive supply rail to 
provide a stiff point between the rails (node 98) to which 
many other stages in the model are referenced. Voltage- 
controlled current-source GO and resistor RO model the gain 
of the input stage. The signal is then passed to the frequency 
shaping stages for further conditioning. 

Frequency Shaping Stages 

In keeping with the philosophy of providing a macromodel 
that is as accurate as possible, it has been determined that 
the model must be capable of easily accommodating as 
many poles and zeros that are necessary to precisely shape 
the magnitude and phase response of the model [3]. This is 
accomplished with telescopic frequency shaping stages that 
each have unity DC gain, making it easier to add poles and 
zeros without changing the low-frequency gam of the model. 
Each of the three types of frequency-shaping stages is 
shown in Figure 1. 

Common-Mode Stage 

Common-mode gam is modeled with a common-mode zero 
stage whose gain increases as a function of frequency. A 
voltage-controlled current-source, G4, is controlled with a 
polynomial equation which adds the voltage at each input 
(nodes 1 and 2) and divides the sum by two. This result is the 
input common-mode voltage. The DC gain of the stage is set 
to the reciprocal of the CMRR for the amplifier. An inductor, 
L2, increases the gain of the stage at 20 dB/decade to model 
the roll-off of CMRR that occurs m most amplifiers. The 
output of the common-mode zero stage (node 16) is re¬ 
flected to the Eqs source to provide an input-referred 
common-mode error. 



Characteristics of National Semiconductor’s CMOS Operational Amplifiers 


Common 

Characteristics 

Rail-to-rail output swing, ultra-low input bias current (10 fA typ.), low drift (1.3 |jV/°C), single supply 
operation, input common-mode range includes ground, low power consumption, and high voltage 
gain. 

LMC660 

Drives 60012 load, high bandwidth (1.4 MHz), high slew rate (1.1 V/ps), comes in quad and dual 
(LMC662). 

LPC660 

Low power (215 pW/amp), comes in quad and dual (LPC662). 

LMC6044 

Low power (70 pW/amp), comes in quad, single (LMC6041) and dual (LMC6042). 

LMC6062 

High precision dual (Vqs = 100 pV), low power (80 pW/amp). 

LMC6082 

High precision dual (Vqs = 150 pV), drives 60012 loads, high bandwidth (1.3 MHz). 

LMC6484 

Rail-to-rail input common-mode range, operates on 3V single supply, drives 60012 loads, high 
bandwidth (1.3 MHz), comes in quad and dual (LMC6482). 
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Common-Mode Stage (Continued) 


National’s CMOS Op-Amp Macromodel 






ZERO/POLE POLE POLE/ZERO COMMON-MODE ZERO 


01171201 


FIGURE 1. 


Output Stage 

After the last frequency-shaping stage, the intermediate sig¬ 
nal is sent to the output stage. The output stage performs 
several important functions including dominant pole, slew 
rate limiting, dynamic supply current, short-circuit current 
limiting, the balance of the open-loop gain, output swing 
limiting, and output impedance. The output stage of the 
macromodel incorporates several new innovations in order 
to accommodate the unique topology of National’s CMOS 
op-amps. To understand the unique features of this topology, 
a description of the actual amplifier output stage is in order. 
The main feature of National’s CMOS amplifiers is that the 
output can swing rail-to-rail. This is accomplished by remov¬ 
ing the traditional output buffer and taking the output directly 
from the integrator. The output portion of the integrator is a 
common-source complementary push-pull gain stage which 
functions as a current source. Depending on load resistance, 
the output stage can have a considerable amount of gain. 
However, since the internal compensation capacitor is refer¬ 
enced to the output node, the slew rate does not significantly 
change as the output is loaded. Also, loading the output will 
reduce the open-loop gain of the amplifier so that the first 
pole will increase in frequency in order to maintain the gain- 
bandwidth product of the amplifier. 

In the model. Miller compensation was used to obtain an 
additional degree of freedom in setting the open-loop gain, 
slew rate, and first pole. The slew rate is defined by; 


while the first pole is determined with the equation: 

2 X 3TX R5 X C3 X (1 +AyQyy ) 

where Avout is the gain of the output stage. Note that the 
slew rate can be set with C3 while the first pole can be 
independently set with the gain of the output stage. A gam 
stage consisting of a voltage-controlled current-source G1 
and resistor R5 takes the signal from the last 
frequency-shaping stage and amplifies it by the balance of 
the open-loop gain (G1 x R5 = Avol - Avin - Avout)- A 
voltage clamp made of D1, V2, D2, and V3 limits the drive to 
the output current-source, G6, to provide short-circuit current 
limiting. Since the output stage has gam, output swing limit¬ 
ing is performed at the output node with a clamp consisting 
of D5, V4, D6, and V5. A resistor, R17, models the slight 
degradation in output swing as the amplifier is loaded. 

Dynamic Supply Current 

A behavior that is often not included in op-amp macromodels 
is dynamic supply current. If the output of the model is an 
ideal current source, the simulated output current of the 
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Dynamic Supply Current (Continued) 

model appears to come from nowhere, i.e., the supply cur¬ 
rents do not change. This apparent violation of the second 
law of thermodynamics has been solved with diodes D7-D8, 
current sources F5-F6, and associated circuitry. Since it is 
important to keep non-linear devices, such as diodes, out of 
the signal path, only an ideal ammeter, VA8, was inserted in 
the output driver to sense the sinking or sourcing of output 
current. Current-controlled current-source, F5, mirrors the 
current sensed by VA8 and forces an equal current through 
either D7 or D8 depending on its polarity. If current is being 
sourced into the load, the current flows from the positive rail 
through E1, VA8, and G6 to the output node and no supply 
current correction is necessary. However, if the output stage 
is sinking current from the load, the current flows from the 
output node up through G6, VA8 and E1 into the positive rail. 
To compensate for this, F5 forces an equal current through 
D7 and ammeter VA7. This current is then mirrored to 
current-source F6 which pulls an equal amount of current out 
of the positive rail and forces it into the negative rail. There¬ 
fore, if the output stage is sourcing current, it appears to 
come from the positive rail, whereas current that is sinking 
from the load appears to go into the negative rail. The net 
result of all these extra devices is an output stage which 
closely models the behavior of the real amplifier. 

Simulation Accuracy 

To ensure the accuracy of the macromodel, the simulation 
results are compared to lab data taken from an actual de¬ 
vice. Figure 2 shows a typical voltage follower transient 
response test circuit and Figure 3 shows a SPICE netlist [4] 
for simulating the small-signal transient response of the 
LMC6484. Notice that the simulated response shown in 
Figure 5 compares quite closely with the actual response 
shown in Figure 4 with the correct amount of over-shoot and 
frequency of ringing. 

Figures 6, 7 demonstrate the rail-to-rail input and ouput 
capabilities of the actual LMC6484 and the model respec¬ 
tively. The amplifier was configured as a voltage follower and 
powered from a 3V single supply. Then, a 3 Vpp 
square-wave was applied to the non-inverting input. The 
amplifier is clearly capable of handling this rail-to-rail input 
and reproducing it on the output while driving a 4.7 ki2 load. 
The simulation results show that the macromodel accurately 
models the slew rate and output swing of the amplifier. 



Note: It IS very important to include a model of the scope probe on the 
output of the amplifier to obtain reasonable results from the simulation 


FIGURE 2. Non-Inverting Amplifier (Ay = +1) 


* LMC6484 S.S. Pulse Response. V(6) 

* Cload = scope 

XAR1 3 6 7 4 6 LMC6484 
VP 7 0 7.5V 
VN 4 0 -7.5V 

VIN 3 0 PULSE (-.1V .1V 3U 20N 20N 5U) 

Rout 6 0 lOMEGohm 
Gout 6 0 8.7pF 
.LIB CMOSOA.LIB 
.TRAN/OP .1N 10U 
.PROBE 

.END _ 

FIGURE 3. Non-Inverting Amplifier Netlist to Simulate 
the Small-Signal Response of the LMC6484 [4] 
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FIGURE 4. LMC6484 Small-Signal Transient Response 
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Simulation Accuracy (Continued) 
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FIGURE 5. Simulated Small-Signal Transient Response 


LMC6484 L.S. Pulse Response 
(Av = +1, VsuPP = 0, +3, R1 = 4.7k) 
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FIGURE 7. LMC6484 Simulated Large-Signal Transient 
Response 


I'v 

_L_ 




n 























i_ 

1 











: 

J 

_ 











. 



j 





J 


1— 














r 





IV 





: 



10 




1 0 /is/div 

01171205 

Note: This image demonstrates the rail-to-rail input/output capabilities of 
the LMC6484 while powered from a 3V single supply and driving a 4 7 kfii 
load Don’t try this with an ordinary op-amp 


Conclusion 

An accurate SPICE macromodel has been developed that 
captures the “personality” of National Semiconductor’s 
CMOS operational amplifiers. The macromodel includes ef¬ 
fects such as rail-to-rail output swing, input common-mode 
range, MOSFET input stage transfer characteristics, accu¬ 
rate frequency and transient response, slew rate and output 
short-circuit current. The model is not capable of simulating 
PSRR, thermal effects, or noise at this time. 

Since the macromodels are much less complex and have 
fewer p-n junctions than a transistor level micromodel, simu¬ 
lation speed is much faster. For example, an LMC6484 
macromodel simulation executed 34 times faster than its 
transistor level model. With accurate macromodels, the de¬ 
signer can quickly determine the dominant effects of a circuit 
and explore effects that are difficult to obtain with lab bench 
evaluation. 


FIGURE 6. Large-Signal Transient Response RoforGIlCGS 
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An 1C Voltage Comparator 
for High Impedance 
Circuitry 

The 1C voltage comparators available in the past have been 
designed primarily for low voltage, high speed operation. As 
a result, these devices have high input error currents, which 
limit their usefulness in high impedance circuitry. An 1C is 
described here that drastically reduces these error currents, 
with only a moderate decrease in speed. 

This new comparator is considerably more flexible than the 
older devices. Not only will it drive RTL, DTL and TTL logic; 
but also It can interface with MOS logic and FET analog 
switches. It operates from standard ±15V op amp supplies 
and can switch 50V, 50 mA loads, making it useful as a driver 
for relays, lamps or light-emitting diodes. A unique output 
stage enables it to drive loads referred to either supply or 
ground and provide ground isolation between the compara¬ 
tor inputs and the load. 

Another useful feature of the circuit is that it can be powered 
from a single 5V supply and drive DTL or TTL integrated 
circuits. This enables the designer to perform linear functions 
on a digital-circuit card without using extra supplies. It can, 
for example, be used as a low-level photodiode detector, a 
zero crossing detector for magnetic transducers, an inter¬ 
face for high-level logic or a precision multivibrator. 



FIGURE 1. Simplified schematic of the LM111 

Figure 1 shows a simplified schematic of this versatile com¬ 
parator. PNP transistors buffer the differential input stage to 
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get low input currents without sacrificing speed. Because the 
emitter base breakdown voltage of these PNPs is typically 
70V, they can also withstand a large differential input volt¬ 
age. The PNPs drive a standard differential stage. The out¬ 
put of this stage is further amplified by the Q 5 -Q 6 pair. This 
feeds a lateral PNP, Qg, that provides additional gam and 
drives the output stage. 

The output transistor is Q-n which is driven by the level 
shifting PNP. Current limiting is provided by Rq and Q 10 to 
protect the circuit from intermittent shorts. Both the output 
and the ground lead are isolated from other points within the 
circuit, so either can be used as the output. The V“ terminal 
can also be tied to ground to run the circuit from a single 
supply. The comparator will work in any configuration as long 
as the ground terminal is at a potential somewhere between 
the supply voltages. The output terminal, however, can go 
above the positive supply as long as the breakdown voltage 
of Q 11 is not exceeded. 




100 Ik 10k 100k 1M 10M 

INPUT RESISTANCE (O) 
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FIGURE 2. Illustrating the influence of source 
resistance on worst case, equivalent input offset 
voltage 

Figure 2 sho\NS how the reduced error currents of the LM111 
improve circuit performance. With the LM710 or LM106, the 
offset voltage is degraded for source resistances above 
2QQQ. The LM111, however, works well with source resis¬ 
tances in excess of 30 kQ Figure 2 applies for equal source 
resistances on the two inputs. If they are unequal, the deg¬ 
radation will become pronounced at lower resistance levels. 
Tabie 1 gives the important electrical characteristics of the 
LM111 and compares them with the specifications of older 
ICs. 

A few, typical applications of the LM111 are illustrated in 
Figure 3. The first is a zero crossing detector driving a MOS 
analog switch. The ground terminal of the 1C is connected to 
V~; hence, with ±15V supplies, the signal swing delivered to 
the gate of Q-, is also ±15V. This type of circuit is useful 
where the gain or feedback configuration of an op amp 
circuit must be changed at some precisely-determined signal 
level. Incidentally, it is a simple matter to modify the circuit to 
work with junction FETs. 
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TABLE 1. Comparing the LM111 with earlier IC comparators. Values given are worst case over a -55°C to +125°C 

temperature range, except as noted. 


Parameter 

LM111 

LM106 

LM710 

Units 

Input Offset 

Voltage 

4 

3 

3 

mV 

Input Offset 

Current 

0.02 

7 

7 

pA 

Input Bias 

Current 

0.15 

45 

45 

pA 

Common Mode 

Range 

±14 

±5 

±5 

V 

Differential Input 
Voltage Range 

±30 

±5 

±5 

V 

Voltage Gain 
(Note 1) 

200 

40 

1.7 

V/mV 

Response Time 
(Note 1) 

200 

40 

40 

ns 

Output Drive 

Voltage 

Current 

50 

50 

24 

100 

2.5 

1.6 

> 1 

Fan Out 

(DTL/TTL) 

8 

16 

1 


Power 

Consumption 

80 

145 

160 

mW 


Note 1: Typical at 25”C 

The second circuit is a zero crossing detector for a magnetic 
pickup such as a magnetometer or shaft-position pickoff. It 
delivers the output signal directly to DTL or TTL logic circuits 
and operates from the 5V logic supply. The resistive divider, 
Ri and Rg, biases the inputs 0.5V above ground, within the 
common mode range of the device. An optional offset bal¬ 
ancing circuit, Rg and R 4 , is included. 

The next circuit shows a comparator for a low-level photo¬ 
diode operating with MOS logic. The output changes state 
when the diode current reaches 1 pA. At the switching point, 
the voltage across the photodiode is nearly zero, so its 
leakage current does not cause an error. The output 
switches between ground and -10V, driving the data inputs 
of MOS logic directly. 

The last circuit shows how a ground-referred load is driven 
from the ground terminal of the LM111. The input polarity is 


reversed because the ground terminal is used as the output. 
An Incandescent lamp, which is the load here, has a cold 
resistance eight times lower than it is during normal opera¬ 
tion. This produces a large inrush current, when it is 
switched on, that can damage the switch. However, the 
current limiting of the LM111 holds this current to a safe 
value. 

The applications described above show that the 
output-circuit flexibility and wide supply-voltage range of the 
LM111 opens up new fields for IC comparators. Further, its 
low error currents permit its use in circuits with impedance 
levels above 1 kQ. Although slower than older devices, it is 
more than an order of magnitude faster than op amps used 
as comparators. 

The LM111 has the same pin configuration as the LM710 
and LM106. It is interchangeable with these devices in ap¬ 
plications where speed is not of prime concern. 
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a. zero crossing detector driving analog switch 



c. comparator for low level photodiode 



PICKUP 


= 5V 


TO TTL 
LOGIC 


00846304 

b. detector for magnetic transducer 


'"Input polarity is reversed when using pin 1 as output 



d. driving ground—referred load 


FIGURE 3. Typical applications of the LM111 
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LM118 

Op Amp Slews 70 V/psec 


One of the greatest limitations of today’s monolithic op amps 
is speed. With unity gain frequency compensation, general 
purpose op amps have 1 MHz bandwidth and 0.3 V/ps slew 
rate. Optimized compensation as well as feedforward com¬ 
pensation can improve op amp speed for some applications. 
Specialized devices such as fast, unity-gain buffers are 
available which provide partial solutions. This paper will 
describe a new high speed monolithic amplifier that offers an 
order of magnitude increase in speed with no loss in flexibil¬ 
ity over general purpose devices. 

The LM118 is constructed by the standard six mask mono¬ 
lithic process and features 15 MHz bandwidth and 70 V/ps 
slew rate. It operates over a ±5 to ± 18V supply range with 
little change in speed. Additionally, the device has internal 
unity-gain frequency compensation and needs no external 
components for operation. However, unlike other internally 
compensated amplifiers, external feedforward compensation 
may be added to approximately double the bandwidth and 
slew rate. 


Design Concepts 
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with emitter degeneration and resistive collector loads. Qg 
and Q 4 form the second stage which further amplify the 
signal and level shift the signal towards V“. The collectors of 
Qg and Q 4 drive a current inverter, Q^q and to convert 
from differential to single ended. Qg, which has a current 
source load for high gain, drives a class B output. The 
collectors of the input stage and the base of Qg are available 
for offset balancing and external compensation. 

Frequency compensation is accomplished with three internal 
capacitors. C-, rolls off on half the differential input stage so 
that the high frequency signal path is single-ended. Also, at 
high frequencies, the signal is fed forward around the lateral 
PNP transistors by a 30 pF capacitor, Cg. This eliminates the 
excessive phase shift. Overall frequency response is then 
set by capacitor, Cg, which rolls off the amplifier at 6 dB/ 
octave. As previously mentioned feedforward compensation 
for inverting applications can be applied to the base of Qg. 
Figure 2 shows the open loop frequency response of an 
LM118. Table 1 gives typical specifications for the new am¬ 
plifier. 


In general purpose amplifiers the unity-gain bandwidth is 
limited by the lateral PNP transistors used for level shifting. 
The response above 2 MHz is so poor that they cannot be 
used in a feedback amplifier. If the PNP transistors are used 
for level shifting only at DC or low frequencies and the signal 
is fed forward around the PNP transistors at high frequen¬ 
cies, wide bandwidth can be obtained without the excessive 
phase shift of the PNP transistors. 



10 100 Ik 10k 100k 1M IOM IOOM 

FREQUENCY (Hz) 


FIGURE 2. Open Loop Voltage Gain as a 
Function of Frequency for LM118 


TABLE 1. Typical Specifications for the LM118 


Input Offset Voltage 

2 mV 

Input Bias Current 

200 nA 

Offset Current 

20 nA 

Voltage Gain 

200 k 

Common Mode Range 

±11.5V 

Output Voltage Swing 

±13V 

Small Signal Bandwidth 

15 MHz 

Slew Rate 

70 V/ps 


FIGURE 1. Simplified Circuit of the LM118 

Figure 1 shows a simplified schematic of the LM118. Tran¬ 
sistors Qi and Qg are a conventional differential input stage 


Operating Configuration 

Although considerable effort was taken to make the LM118 
trouble free, high frequency amplifiers are more prone to 
oscillations than low frequency devices such as the LM101 A. 
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Operating Configuration (Continued) 

Care must be taken to minimize the stray capacitance at the 
inverting input and at the output; however the LM118 will 
drive a 100 pF load. Good power supply bypassing is also in 
order—0.1 pF disc ceramic capacitors should be used 
within a few inches of the amplifier. Additionally, a small 
capacitor is usually necessary across the feedback resistor 
to compensate for unavoidable stray capacitance. 

Figure 3 shows feedforward compensation of the LM118 for 
fast inverting applications. The signal is fed from the sum¬ 
ming junction to the output stage driver by C-, and R 4 . 
Resistors R 5 , Rq and Ry have two purposes: they increase 
the internal operating current of the output stage to increase 
slew rate and they provide offset balancing. The current 
boost is necessary to drive internal stray capacitance at the 
higher slew rate. Mismatch of the external resistors can 
cause large voltage offsets so offset balancing is necessary. 
For supply voltages other than ±15V, R 5 and Rq should be 
selected to draw about 500 pA from Pins 1 and 5. 


R2 

5K 



00683103 

tSIew rate typically 120 V/ps 


FIGURE 3. Feedforward Compensation 
for Greater Inverting Slew Ratet 

When using feedforward resistor R 4 should be optimized for 
the application. It is necessary to have about 8 kll in the path 
from the output of the amplifier through the feedback resistor 
and through feedforward network to Pin 8 of the device. The 
series resistance is needed to limit the bandwidth and pre¬ 
vent minor loop oscillation. 


At high gains, or with high value feedback resistors R 4 can 
be quite low—but not less than 100Q. When the LM118 is 
used as a fast integrator, with a large feedback capacitor or 
with low values of feedback resistance, R 4 must be in¬ 
creased to 8 kQ to ensure stability over a full -55°C to 
-i-125°C temperature range. 

One of the more important considerations for a high speed 
amplifier is settling time. Poor settling time can cancel the 
advantages of having high slew rate and bandwidth. For 
example—an amplifier can have severe ringing after a step 
input. A relatively long time is then needed before the output 
voltage can be read accurately. Settling time is the time 
necessary for the output to slew through a defined voltage 
change and settle to within a defined error of its final output 
voltage. Figure 4 shows optimized compensation for settling 
to within 0.1% error. Typically the settling time is 800 ns for a 
simple inverter circuit as shown. Settling time is, of course, 
subject to operating conditions external to the 1C such as 
closed loop gain, circuit layout, stray capacitance and source 
resistance. An optional offset balancing circuit, R 3 and R 4 is 
included. 


R2 

5K 



00683104 

tSIew and settling time to 0 1 % for a 10V step change is 800 ns 

FIGURE 4. Compensation for Minimum Settlingt Time 

The LM118 opens up new fields for 1C operational amplifiers 
It is more than an order of magnitude faster than general 
purpose amplifiers while retaining the ease of use features. It 
IS ideally suited for analog to digital converters, active filters, 
sample and hold circuits and wide band amplification. Fur¬ 
ther, the LM118 has the same pin configuration as the 
LM101A or LM741 and is interchangeable with these de¬ 
vices when speed is of prime concern. 
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Specifying Seiected Op 
Amps and Comparators 
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It is not infrequent that commercially available standard 1C 
components do not fit a particular application as they are 
specified. Often, however, a standard device selected to 
tighter limits will work. Thereupon, the 1C manufacturer may 
be requested to supply a specially tested device. 

The usual chain of events for a selected part is as follows: A 
specification is sent to the manufacturer with a request for 
quote. It is evaluated at the manufacturer for feasibility, yield, 
and testing requirements. Then price and delivery are 
quoted to the customer. (Sometimes this route is shortened 
by calling the manufacturer—but this does not always 
work.) 

Some insight into the 1C design and 1C testing can help both 
the manufacturer and 1C user with special selection. Proper 
specification helps the manufacturer test as well as reduce 
1C costs. Ambiguous or impossible specs will usually result 
in the return of the specification to the customer for clarifica¬ 
tion and delay the delivery of the required parts. 

The manufacturer is usually familiar with the product and 
production spread of devices. Further, test equipment is 
available for measuring parameters specified by the data 
sheet. In general, tightening selected data sheet parameters 
causes no problems. Further, no additional test equipment is 
needed for these tests—only the limits need be changed. 
Perhaps one of the largest problems is over-specification. 
Each tightened specification reduces the number of parts 
available to the specification. For example, tightening sev¬ 
eral specifications at once could result in a 1% or 0.1% yield; 
to supply 100 parts at this yield, between 10,000 and 
100,000 parts might have to be tested, and that gets expen¬ 
sive. 

Of course, spec limits cannot be tightened to any desired 
value. This is due to limitations on the 1C design. For ex¬ 
ample, bias current, which depends on transistor Hfei can 
not be tightened by a factor of 10. This would require beta’s 
10 times higher than normal. Also, some specifications are 
not independent, such as op amp bandwidth and slew-rate. 

Op Amp and Comparators 

These are the two most popular linear 1C components re¬ 
quiring selection. Since many of the same specifications 
apply to both types of devices, they will be covered together. 
Table 1 shows the most common parameters tested on 
these devices and the relative difficulty of testing on high 
speed equipment. 

Selected offset voltage and drift are very commonly specified 
parameters. Offset voltage and drift depends on component 
matching. In general, drift is not usually tested on general 
purpose devices; although, it may be guaranteed. Offset 
voltage can be correlated to drift, and the offset limits are set 
to guarantee the standard drift specification. Of course, very 
low drift devices must be 100% tested for drift, making them 


relatively expensive. Drift testing requires measuring the 
offset voltage at three or more temperatures; then subtract¬ 
ing and dividing by the temperature change to obtain the 
drift—a long and tedious measurement. 

In some cases tightened offset voltage specifications over 
the operating temperature range offer the same performance 
as a drift tested device, but are less expensive. This is 
because offset voltage measurement can be a go/no-go 
measurement. For example, 15 pV/°C can be guaranteed 
over a 100°C range by limiting the maximum offset voltage to 
±0.75 mV or a 1.5 mV band. If the application has an error 
budget of ± “X” volts, it may be better to tighten the offset 
voltage rather than have the manufacturer to drift test. Drift 
testing a comparator is virtually impossible since they are not 
designed to operate closed loop. 

Other parameters dependent upon matching are: offset cur¬ 
rent, common mode rejection, and supply rejections. These 
can be greatly tightened at the expense of yield. 

Bias current, supply current, gain, slew rate, and response 
time are dependent upon both device design and process¬ 
ing. The limits for tighter parameters on these specifications 
are more restrictive. 7ab/e2gives reasonable special selec¬ 
tion limits. This is only a guideline and, of course, depends 
on the device. 

Noise testing is in a class by itself. Op amp noise will vary 
between manufacturers of the same device. Further, noise 
will vary between different types of devices from the same 
manufacturer. Since noise on a particular device is mostly 
process dependent, it will be relatively consistent from a 
single 1C producer. 

Noise can be broken into two categories: white noise, and 
popcorn noise. Both of these noise sources can be either 
voltage or current noise. It is possible with advanced pro¬ 
cessing to make 1C transistors as good as the best discrete 
low noise transistors. With good processing only a very small 
percentage of op amps will have any popcorn noise. 

Noise measurements are time consuming and costly. Pop¬ 
corn noise testing may take as much as 30 seconds per unit 
which limits production to about 100 devices per hour. This 
low production rate will increase costs. If not absolutely 
necessary—do not specify noise. 

As a final note, some mention should be made of other 
special testing. Anything reasonable can be done; however, 
it should be kept in mind that accurate specification in terms 
of the 1C parameters is necessary. It is unlikely a positive 
result will come from a specification showing a system sche¬ 
matic, system output, and stating “select devices to produce 
desired outputs.” Although this is an exaggeration, it points 
out the type of specification to be avoided. Performance 
specification should apply to the 1C not to a circuit using the 
1C. Many manufacturers have circuits available showing the 
various electrical tests and the way they are done. 
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Op Amp and Comparators (Continued) 


TABLE 1. Relative Ease of Parameter Testing 


Parameter 

Op Amp 

Comparator 

Cost 

Offset Voltage 

Easy 

Easy 

Low 

Offset Current 

Easy 

Easy 

Low 

Bias Current 

Easy 

Easy 

Low 

Supply Current 

Easy 

Easy 

Low 

Common Mode/Supply Rejection 

Easy 

Easy 

Low 

Gam 

Moderate 

Moderate 

Low 

Input Resistance 

Guaranteed by 

Guaranteed by 

Not Tested 


Bias Current 

Bias Current 



Measurement 

Measurement 


Slew Rate 

Moderate 

Moderate 

Relatively Low 

Bandwidth/Response Time 

Difficult 

Difficult 

Moderate 

Offset Voltage Drift 

Very Difficult 

Very Difficult 

High 

Offset Current Drift 

Very Difficult 

Very Difficult 

High 


TABLE 2. Guideline to Tightened Specifications 


Parameters 

Limit 

Comments 

Offset Voltage 

0.1 mV 

Matching 

Offset Current 

-50% of Nominal 

Matching 

Bias Current 

-50% of Nominal 

Depends on Hfe 

Supply Current 

-25% of Nominal 

Depends on Various Process 

Parameters 

Gain 

-1-100% of Nominal 

Set by Design 

Common Mode/Supply Rejection 

-1-200% of Nominal 

Matching 

Slew Rate 

-1-30% of Nominal 

Set by Design 

Bandwidth 

-1-30% of Nominal 

Set by Design 

Response Time 

-30% of Nominal 

Set by Design and Processing 

Offset Voltage Drift 

0.2 pV/°C to 5 mV/°C 

Lower Limit May Not Apply 
to Many Op Amps 

Offset Current Drift 

Guarantee by Offset 

Current Limit 
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Section 2 

Amplifiers and Signal 
Conditioning: System 
Applications 
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Introduction 

The general utility of the operational amplifier is derived from 
the fact that it is intended for use in a feedback loop whose 
feedback properties determine the feed-forward characteris¬ 
tics of the amplifier and loop combination. To suit it for this 
usage, the ideal operational amplifier would have infinite 
input impedance, zero output impedance, infinite gain and 
an open-loop 3 dB point at infinite frequency rolling off at 6 
dB per octave. Unfortunately, the unit cost-in quantity- 
-would also be infinite. 

Intensive development of the operational amplifier, particu¬ 
larly in integrated form, has yielded circuits which are quite 
good engineering approximations of the ideal for finite cost. 
Quantity prices for the best contemporary integrated ampli¬ 
fiers are low compared with transistor prices of five years 
ago. The low cost and high quality of these amplifiers allows 
the implementation of equipment and systems functions im¬ 
practical with discrete components. An example is the low 
frequency function gerterator which may use 15 to 20 opera¬ 
tional amplifiers in generation, wave shaping, triggering and 
phase-locking. 

The availability of the low-cost integrated amplifier makes it 
mandatory that systems and equipments engineers be famil¬ 
iar with operational amplifier applications. This paper will 
present amplifier usages ranging from the simple unity-gain 
buffer to relatively complex generator and wave shaping 
circuits. The general theory of operational amplifiers is not 
within the scope of this paper and many excellent references 
are available in the literature.The approach will be 
shaded toward the practical, amplifier parameters will be 
discussed as they affect circuit performance, and application 
restrictions will be outlined. 

The applications discussed will be arranged in order of in¬ 
creasing complexity in five categories; simple amplifiers, 
operational circuits, transducer amplifiers, wave shapers and 
generators, and power supplies. The integrated amplifiers 
shown in the figures are for the most part internally compen¬ 
sated so frequency stabilization components are not shown; 
however, other amplifiers may be used to achieve greater 
operating speed in many circuits as will be shown in the text. 
Amplifier parameter definitions are contained in Appendix I. 

The Inverting Amplifier 

The basic operational amplifier circuit is shown in Figure 1. 
This circuit gives closed-loop gain of R2/R1 when this ratio is 
small compared with the amplifier open-loop gain and, as the 
name implies, is an inverting circuit. The input impedance is 
equal to R1. The closed-loop bandwidth is equal to the 
unity-gain frequency divided by one plus the closed-loop 
gain. 

The only cautions to be observed are that R3 should be 
chosen to be equal to the parallel combination of R1 and R2 
to minimize the offset voltage error due to bias current and 
that there will be an offset voltage at the amplifier output 
equal to closed-loop gam times the offset voltage at the 
amplifier input. 


R2 



For minimum error due to input bias current 

FIGURE 1. inverting Amplifier 

Offset voltage at the input of an operational amplifier is 
comprised of two components, these components are iden¬ 
tified in specifying the amplifier as input offset voltage and 
input bias current. The input offset voltage is fixed for a 
particular amplifier, however the contribution due to input 
bias current is dependent on the circuit configuration used. 
For minimum offset voltage at the amplifier input without 
circuit adjustment the source resistance for both inputs 
should be equal. In this case the maximum offset voltage 
would be the algebraic sum of amplifier offset voltage and 
the voltage drop across the source resistance due to offset 
current. Amplifier offset voltage is the predominant error term 
for low source resistances and offset current causes the 
main error for high source resistances. 

In high source resistance applications, offset voltage at the 
amplifier output may be adjusted by adjusting the value of 
R3 and using the variation in voltage drop across it as an 
input offset voltage trim. 

Offset voltage at the amplifier output is not as important in 
AC coupled applications. Here the only consideration is that 
any offset voltage at the output reduces the peak to peak 
linear output swing of the amplifier. 

The gain-frequency characteristic of the amplifier and its 
feedback network must be such that oscillation does not 
occur. To meet this condition, the phase shift through ampli¬ 
fier and feedback network must never exceed 180° for any 
frequency where the gain of the amplifier and its feedback 
network is greater than unity. In practical applications, the 
phase shift should not approach 180° since this is the situa¬ 
tion of conditional stability. Obviously the most critical case 
occurs when the attenuation of the feedback network is zero. 
Amplifiers which are not internally compensated may be 
used to achieve increased performance in circuits where 
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The Inverting Amplifier (Continued) 

feedback network attenuation is high. As an example, the 
LM101 may be operated at unity gain in the inverting ampli¬ 
fier circuit with a 15 pF compensating capacitor, since the 
feedback network has an attenuation of 6 dB, while it re¬ 
quires 30 pF in the non-inverting unity gain connection 
where the feedback network has zero attenuation. Since 
amplifier slew rate is dependent on compensation, the 
LM101 slew rate in the inverting unity gain connection will be 
twice that for the non-inverting connection and the inverting 
gain of ten connection will yield eleven times the slew rate of 
the non-inverting unity gain connection. The compensation 
trade-off for a particular connection is stability versus band¬ 
width, larger values of compensation capacitor yield greater 
stability and lower bandwidth and vice versa. 

The preceding discussion of offset voltage, bias current and 
stability is applicable to most amplifier applications and will 
be referenced in later sections. A more complete treatment is 
contained in Reference 4. 

The Non-Inverting Amplifier 

Figure 2 shows a high input impedance non-inverting circuit. 
This circuit gives a closed-loop gain equal to the ratio of the 
sum of R1 and R2 to R1 and a closed-loop 3 dB bandwidth 
equal to the amplifier unity-gain frequency divided by the 
closed-loop gam. 

The primary differences between this connection and the 
inverting circuit are that the output is not inverted and that 
the input impedance is very high and is equal to the differ¬ 
ential input impedance multiplied by loop gain. (Open loop 
gain/Closed loop gain.) In DC coupled applications, input 
impedance is not as important as input current and its volt¬ 
age drop across the source resistance. 

Applications cautions are the same for this amplifier as for 
the inverting amplifier with one exception. The amplifier out¬ 
put will go into saturation if the input is allowed to float. This 
may be important if the amplifier must be switched from 
source to source. The compensation trade off discussed for 
the inverting amplifier is also valid for this connection. 


The Unity-Gain Buffer 

The unity-gain buffer is shown in Figure 3. The circuit gives 
the highest input impedance of any operational amplifier 
circuit. Input impedance is equal to the differential input 
impedance multiplied by the open-loop gain. In parallel with 
common mode input impedance. The gain error of this circuit 
is equal to the reciprocal of the amplifier open-loop gain or to 
the common mode rejection, whichever is less. 



VoUT = V|N 
R1 = Rsource 

For minimum error due to input bias current 

FIGURE 3. Unity Gain Buffer 

Input impedance is a misleading concept in a DC coupled 
unity-gain buffer. Bias current for the amplifier will be sup¬ 
plied by the source resistance and will cause an error at the 
amplifier input due to its voltage drop across the source 
resistance. Since this is the case, a low bias current amplifier 
such as the LH102® should be chosen as a unity-gain buffer 
when working from high source resistances. Bias current 
compensation techniques are discussed in Reference 5. 
The cautions to be observed in applying this circuit are three: 
the amplifier must be compensated for unity gain operation, 
the output swing of the amplifier may be limited by the 
amplifier common mode range, and some amplifiers exhibit 
a latch-up mode when the amplifier common mode range is 
exceeded. The LM107 may be used in this circuit with none 
of these problems; or, for faster operation, the LM102 may 
be chosen. 




• Vqut 


R1+R2., 
VouT ---ViN 


R1 II R2 = RsoURCE 

For minimum error due to input bias current 


Vout--R4(^ + ^^ 


R5 = R1 II R2 II R3 || R4 

For minimum offset error due to input bias current 


FIGURE 2. Non-Inverting Amplifier 


FIGURE 4. Summing Amplifier 
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Summing Amplifier 

The summing amplifier, a special case of the inverting am¬ 
plifier, IS shown in Figure 4. The circuit gives an inverted 
output which IS equal to the weighted algebraic sum of all 
three inputs. The gain of any input of this circuit is equal to 
the ratio of the appropriate input resistor to the feedback 
resistor, R4. Amplifier bandwidth may be calculated as in the 
inverting amplifier shown in Figure 1 by assuming the input 
resistor to be the parallel combination of R1, R2, and R3. 
Application cautions are the same as for the inverting ampli¬ 
fier. If an uncompensated amplifier is used, compensation is 
calculated on the basis of this bandwidth as is discussed in 
the section describing the simple inverting amplifier. 

The advantage of this circuit is that there is no interaction 
between inputs and operations such as summing and 
weighted averaging are implemented very easily. 

The Difference Amplifier 

The difference amplifier is the complement of the summing 
amplifier and allows the subtraction of two voltages or, as a 
special case, the cancellation of a signal common to the two 
inputs This circuit is shown in Figure 5 and is useful as a 
computational amplifier, in making a differential to 
single-ended conversion or in rejecting a common mode 
signal. 


Differentiator 

The differentiator is shown in Figure 6 and, as the name 
implies, is used to perform the mathematical operation of 
differentiation. The form shown is not the practical form, it is 
a true differentiator and is extremely susceptible to high 
frequency noise since AC gam increases at the rate of 6 dB 
per octave. In addition, the feedback network of the differen¬ 
tiator, R1C1, IS an RC low pass filter which contributes 90° 
phase shift to the loop and may cause stability problems 
even with an amplifier which is compensated for unity gam. 



00682206 

VoUT = -R1C1 ^(V|n) 



V0UT = 


R1 + R2 \ R4,, R2^, 

R3 + R4/Rl'^^ R1 


For R1 = R3 and R2 = R4 


Vout = ^(V2-Vi) 


R1 II R2 = R3 II R4 

For minimum offset error due to input bias current 


FIGURE 5. Difference Amplifier 

Circuit bandwidth may be calculated in the same manner as 
for the inverting amplifier, but input impedance is somewhat 
more complicated. Input impedance for the two inputs is not 
necessarily equal, inverting input impedance is the same as 
for the inverting amplifier of Figure 1 and the non-inverting 
input impedance is the sum of R3 and R4. Gam for either 
input is the ratio of R1 to R2 for the special case of a 
differential input single-ended output where R1 = R3 and R2 
= R4. The general expression for gain is given m the figure. 
Compensation should be chosen on the basis of amplifier 
bandwidth. 

Care must be exercised in applying this circuit since input 
impedances are not equal for minimum bias current error. 


R1 = R2 

For minimum offset error due to input bias current 

FIGURE 6. Differentiator 


C2 



1 

27rR2Cl 


^ 27rR1C1 27rR2C2 

^unity gain 


FIGURE 7. Practical Differentiator 

A practical differentiator is shown in Figure 7. Here both the 
stability and noise problems are corrected by addition of two 
additional components, R1 and C2. R2 and C2 form a 6 dB 
per octave high frequency roll-off in the feedback network 
and R1C1 form a 6 dB per octave roll-off network m the input 
network for a total high frequency roll-off of 12 dB per octave 
to reduce the effect of high frequency input and amplifier 
noise. In addition R1C1 and R2C2 form lead networks in the 
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Differentiator (Continued) 

feedback loop which, if placed below the amplifier unity gain 


frequency, provide 90° phase lead to compensate the 90' 
phase lag of R2C1 and prevent loop instability. A gain fre¬ 
quency plot is shown in Figure 8 for clarity. 



00682208 


FIGURE 8. Differentiator Frequency Response 


integrator 

The integrator is shown in Figure 9 and performs the math¬ 
ematical operation of integration. This circuit is essentially a 


low-pass filter with a frequency response decreasing at 6 dB 
per octave. An amplitude-frequency plot is shown in Figure 
10 . 



R1 = R2 

For minimum offset error due to input bias current 


FIGURE 9. Integrator 
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Integrator (Continued) 



f lOf lOOf lOOOf lOOOOf 

RELATIVE FREQUENCY 


FIGURE 10. Integrator Frequency Response 


The circuit must be provided with an external method of 
establishing initial conditions. This is shown in the figure as 
S-,. When S is in position 1, the amplifier is connected in 
unity-gam and capacitor Cl is discharged, setting an initial 
condition of zero volts. When is in position 2, the amplifier 
is connected as an integrator and its output will change in 
accordance with a constant times the time integral of the 
input voltage. 

The cautions to be observed with this circuit are two: the 
amplifier used should generally be stabilized for unity-gain 
operation and R2 must equal R1 for minimum error due to 
bias current. 


Simple Low-pass Filter 

The simple low-pass filter is shown in Figure 11. This circuit 
has a 6 dB per octave roll-off after a closed-loop 3 dB point 
defined by fc- Gam below this corner frequency is defined by 
the ratio of R3 to R1. The circuit may be considered as an AC 
integrator at frequencies well above f^,; however, the time 
domain response is that of a single RC rather than an 
integral. 



FIGURE 11. Simple Low Pass Filter 


R2 should be chosen equal to the parallel combination of R1 
and R3 to minimize errors due to bias current. The amplifier 
should be compensated for unity-gain or an internally com¬ 
pensated amplifier can be used. 
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Simple Low-pass Filter (Continued) 
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FIGURE 12. Low Pass Filter Response 

A gain frequency plot of circuit response is shown in Figure 
12Xo illustrate the difference between this circuit and the true 
integrator. 


The only design constraints are that scale factors must be 
chosen to minimize errors due to bias current and since 
voltage gain and source impedance are often indeterminate 
(as with photocells) the amplifier must be compensated for 
unity-gain operation. Valuable techniques for bias current 
compensation are contained in Reference 5. 



FIGURE 14. Amplifier for Photoconductive Cell 


The Current-to-Voltage Converter 

Current may be measured in two ways with an operational 
amplifier. The current may be converted into a voltage with a 
resistor and then amplified or the current may be injected 
directly into a summing node. Converting into voltage is 
undesirable for two reasons: first, an impedance is inserted 
into the measuring line causing an error; second, amplifier 
offset voltage is also amplified with a subsequent loss of 
accuracy. The use of a current-to-voltage transducer avoids 
both of these problems. 

The current-to-voltage transducer is shown in Figure 13. The 
input current is fed directly into the summing node and the 
amplifier output voltage changes to extract the same current 
from the summing node through R1. The scale factor of this 
circuit is R1 volts per amp. The only conversion error in this 
circuit is lb,as which is summed algebraically with I|n. 


R1 
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VouT = 'in RI 


FIGURE 13. Current to Voltage Converter 


Photocell Amplifiers 

Amplifiers for photoconductive, photodiode and photovoltaic 
cells are shown in Figures 14, 15, 16 respectively. 

All photogenerators display some voltage dependence of 
both speed and linearity. It is obvious that the current 
through a photoconductive cell will not display strict propor¬ 
tionality to incident light if the cell terminal voltage is allowed 
to vary with cell conductance. Somewhat less obvious is the 
fact that photodiode leakage and photovoltaic cell internal 
losses are also functions of terminal voltage. The 
current-to-voltage converter neatly sidesteps gross linearity 
problems by fixing a constant terminal voltage, zero in the 
case of photovoltaic cells and a fixed bias voltage in the case 
of photoconductors or photodiodes. 



00682215 

VouT = Rl b 


This basic circuit is useful for many applications other than FIGURE 15. Photodiode Amplifier 

current measurement. It is shown as a photocell amplifier in 
the following section. 
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Photocell Amplifiers (Continued) 

Photodetector speed is optimized by operating into a fixed 
low load impedance. Currently available photovoltaic detec¬ 
tors show response times in the microsecond range at zero 
load impedance and photoconductors, even though slow, 
are materially faster at low load resistances. 


R1 
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VOUT = ICELL Rl 

FIGURE 16. Photovoltaic Cell Amplifier 

The feedback resistance, R1, is dependent on cell sensitivity 
and should be chosen for either maximum dynamic range or 
for a desired scale factor. R2 is elective: in the case of 
photovoltaic cells or of photodiodes, it is not required in the 
case of photoconductive cells, it should be chosen to mini¬ 
mize bias current error over the operating range. 

Precision Current Source 

The precision current source is shown in Figures 17, 18. The 
configurations shown will sink or source conventional current 
respectively. 


Caution must be exercised in applying these circuits. The 
voltage compliance of the source extends from BVcer the 
external transistor to approximately 1 volt more negative 
than V|N. The compliance of the current sink is the same in 
the positive direction. 

The impedance of these current generators is essentially 
infinite for small currents and they are accurate so long as 
V|N IS much greater than Vqs and Iq is much greater than I 

bias. 

The source and sink illustrated in Figures 17, 18 use an FET 
to drive a bipolar output transistor. It is possible to use a 
Darlington connection in place of the FET-bipolar combina¬ 
tion in cases where the output current is high and the base 
current of the Darlington input would not cause a significant 
error. 


R1 



V|N < ov 
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V|N > OV 

FIGURE 17. Precision Current Sink 


FIGURE 18. Precision Current Source 

The amplifiers used must be compensated for unity-gain and 
additional compensation may be required depending on load 
reactance and external transistor parameters. 


01 

1N4611 
6 6V 
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FIGURE 19. Positive Voitage Reference 
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Adjustable Voltage References 

Adjustable voltage reference circuits are shown in Figures 
19,20,21,22. The two circuits shown have different areas of 
applicability. The basic difference between the two is that 
Figures 19, 20 illustrate a voltage source which provides a 
voltage greater than the reference diode while Figures 21, 
22 illustrates a voltage source which provides a voltage 
lower than the reference diode. The figures show both posi¬ 
tive and negative voltage sources. 


01 

1N4611 
6 6V 



FIGURE 20. Negative Voltage Reference 

High precision extended temperature applications of the cir¬ 
cuit of Figures 19, 20 require that the range of adjustment of 
Vqut be restricted. When this is done, R1 may be chosen to 
provide optimum zener current for minimum zener T.C. Since 
Iz is not a function of reference T.C. will be independent 
of 



FIGURE 21. Positive Voltage Reference 



FIGURE 22. Negative Voltage Reference 

The circuit of Figures 21, 22 are suited for high precision 
extended temperature service if is reasonably constant 
since Iz is dependent on V"^. R1, R2, R3, and R4 are chosen 
to provide the proper Iz for minimum T.C. and to minimize 
errors due to lb,as- 

The circuits shown should both be compensated for 
unity-gain operation or, if large capacitive loads are ex¬ 
pected, should be overcompensated. Output noise may be 
reduced in both circuits by bypassing the amplifier input. 
The circuits shown employ a single power supply, this re¬ 
quires that common mode range be considered in choosing 
an amplifier for these applications. If the common mode 
range requirements are in excess of the capability of the 
amplifier, two power supplies may be used. The LH101 may 
be used with a single power supply since the common mode 
range is from to within approximately 2 volts of V~. 
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The Reset Stabilized Amplifier 

The reset stabilized amplifier is a form of chopper-stabilized 
amplifier and is shown in Figure 23. As shown, the amplifier 
IS operated closed-loop with a gam of one. 


R1 

100K 



FIGURE 23. Reset Stabilized Amplifier 

The connection is useful in eliminating errors due to offset 
voltage and bias current. The output of this circuit is a pulse 
whose amplitude is equai to V,n. Operation may be under¬ 
stood by considering the two conditions corresponding to the 
position of Si. When S ^ is in position 2, the amplifier is 
connected in the unity gam connection and the voltage at the 


output will be equal to the sum of the input offset voltage and 
the drop across R2 due to input bias current The voltage at 
the inverting input will be equal to input offset voltage. Ca¬ 
pacitor Cl will charge to the sum of input offset voltage and 
V|N through R1. When C1 is charged, no current fiows 
through the source resistance and R1 so there is no error 
due to input resistance Si is then changed to position 1. The 
voltage stored on C1 is inserted between the output and 
inverting input of the ampiifier and the output of the amplifier 
changes by V|n to maintain the amplifier input at the input 
offset voltage. The output then changes from (Vqs + Ibias^^) 
to (V|N + lb.asR2) as Si is changed from position 2 to position 
1 Amplifier bias current is supplied through R2 from the 
output of the amplifier or from C2 when is in position 2 
and position 1 respectiveiy. R3 serves to reduce the offset at 
the amplifier output if the amplifier must have maximum 
linear range or if it is desired to DC coupie the amplifier. 

An additional advantage of this connection is that input 
resistance approaches infinity as the capacitor C1 ap¬ 
proaches full charge, eliminating errors due to loading of the 
source resistance. The time spent in position 2 should be 
long with respect to the charging time of C1 for maximum 
accuracy. 

The amplifier used must be compensated for unity gain 
operation and it may be necessary to overcompensate be¬ 
cause of the phase shift across R2 due to C1 and the 
amplifier input capacity. Since this connection is usually used 
at very low switching speeds, slew rate is not normally a 
practical consideration and overcompensation does not re¬ 
duce accuracy. 



VoUT = 


Vl V2 
10 


FIGURE 24. Analog Multiplier 


The Analog Multiplier 

A simple embodiment of the analog multiplier is shown in 
Figure 24. This circuit circumvents many of the problems 
associated with the iog-antiiog circuit and provides three 


quadrant analog multiplication which is relatively tempera¬ 
ture insensitive and which is not subject to the bias current 
errors which piague most multipliers. 
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The Analog Multiplier (Continued) 

Circuit operation may be understood by considering A2 as a 
controlied gain amplifier, ampiifying V 2 , whose gain is depen¬ 
dent on the ratio of the resistance of PC2 to R5 and by 
considering A1 as a control amplifier which establishes the 
resistance of PC2 as a function of V 1 . in this way it is seen 
that Vqut is a function of both V-, and 
A1, the control amplifier, provides drive for the lamp, L1. 
When an input voltage, V-,, is present, L1 is driven by A1 until 
the current to the summing junction from the negative supply 
through PC1 is equal to the current to the summing junction 
from Vi through R1. Since the negative supply voltage is 
fixed, this forces the resistance of PC1 to a value propor¬ 
tional to R1 and to the ratio of V-, to V L1 also illuminates 
PC2 and, if the photoconductors are matched, causes PC2 
to have a resistance equal to PC1. 

A2, the controlled gain amplifier, acts as an inverting ampli¬ 
fier whose gain is equal to the ratio of the resistance of PC2 
to R5. If R5 is chosen equal to the product of R1 and V", then 
V OUT becomes simply the product of V-, and Vg. R5 may be 
scaled in powers of ten to provide any required output scale 
factor. 

PC1 and PC2 should be matched for best tracking over 
temperature since the TC. of resistance is related to resis¬ 
tance match for cells of the same geometry. Small mis¬ 
matches may be compensated by varying the value of R5 as 
a scale factor adjustment. The photoconductive cells should 
receive equal illumination from L1, a convenient method is to 
mount the cells in holes in an aluminum block and to mount 
the lamp midway between them. This mounting method 
provides controlled spacing and also provides a thermal 
bridge between the two cells to reduce differences in cell 
temperature. This technique may be extended to the use of 
FET’s or other devices to meet special resistance or envi¬ 
ronment requirements. 

The circuit as shown gives an inverting output whose mag¬ 
nitude is equal to one-tenth the product of the two analog 


inputs. Input V 1 is restricted to positive values, but V 2 may 
assume both positive and negative values. This circuit is 
restricted to low frequency operation by the lamp time con¬ 
stant. 

R2 and R4 are chosen to minimize errors due to input offset 
current as outlined in the section describing the photocell 
amplifier. R3 is included to reduce in-rush current when first 
turning on the lamp, L1. 

The Full-Wave Rectifier and 
Averaging Filter 

The circuit shown in Figure 25 is the heart of an average 
reading, rms calibrated AC voltmeter. As shown, it is a 
rectifier and averaging filter. Deletion of C2 removes the 
averaging function and provides a precision full-wave recti¬ 
fier, and deletion of C1 provides an absolute value generator. 
Circuit operation may be understood by following the signal 
path for negative and then for positive inputs. For negative 
signals, the output of amplifier A1 is clamped to +0.7V by D1 
and disconnected from the summing point of A2 by D2. A2 
then functions as a simple unity-gain inverter with input 
resistor, R1, and feedback resistor, R2, giving a positive 
going output. 

For positive inputs, A1 operates as a normal amplifier con¬ 
nected to the A2 summing point through resistor, R5. Ampli¬ 
fier A1 then acts as a simple unity-gain inverter with input 
resistor, R3, and feedback resistor, R5. A1 gain accuracy is 
not affected by D2 since it is inside the feedback loop. 
Positive current enters the A2 summing point through resis¬ 
tor, R1, and negative current is drawn from the A2 summing 
point through resistor, R5. Since the voltages across R1 and 
R5 are equal and opposite, and R5 Is one-half the value of 
R1, the net input current at the A2 summing point is equal to 
and opposite from the current through R1 and amplifier A2 
operates as a summing inverter with unity gam, again giving 
a positive output. 


R1 R2 



DC 

OUTPUT 


FIGURE 25. Full-Wave Rectifier and Averaging Filter 
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The Full-Wave Rectifier and 
Averaging Filter (Continued) 

The circuit becomes an averaging filter when C2 is con¬ 
nected across R2. Operation of A2 then is similar to the 
Simple Low Pass Filter previously described. The time con¬ 
stant R2C2 should be chosen to be much larger than the 
maximum period of the input voltage which is to be aver¬ 
aged. 

Capacitor C1 may be deleted If the circuit is to be used as an 
absolute value generator. When this is done, the circuit 
output will be the positive absolute value of the input voltage. 
The amplifiers chosen must be compensated for unity-gain 
operation and R6 and R7 must be chosen to minimize output 
errors due to input offset current. 

Sine Wave Oscillator 

An amplitude-stabilized sine-wave oscillator is shown in Fig¬ 
ure 26. This circuit provides high purity sine-wave output 


down to low frequencies with minimum circuit complexity. An 
important advantage of this circuit is that the traditional 
tungsten filament lamp amplitude regulator is eliminated 
along with its time constant and linearity problems. 

In addition, the reliability problems associated with a lamp 
are eliminated. 

The Wien Bridge oscillator is widely used and takes advan¬ 
tage of the fact that the phase of the voltage across the 
parallel branch of a series and a parallel RC network con¬ 
nected in series, is the same as the phase of the applied 
voltage across the two networks at one particular frequency 
and that the phase lags with increasing frequency and leads 
with decreasing frequency. When this network—the Wien 
Bridge—is used as a positive feedback element around an 
amplifier, oscillation occurs at the frequency at which the 
phase shift is zero. Additional negative feedback is provided 
to set loop gain to unity at the oscillation frequency, to 
stabilize the frequency of oscillation, and to reduce harmonic 
distortion. 



FIGURE 26. Wien Bridge Sine Wave Oscillator 


The circuit presented here differs from the classic usage only 
in the form of the negative feedback stabilization scheme. 
Circuit operation is as follows: negative peaks in excess of 
-8.25V cause D1 and D2 to conduct, charging C4. The 
charge stored in C4 provides bias to Q1, which determines 
amplifier gain. C3 is a low frequency roll-off capacitor in the 
feedback network and prevents offset voltage and offset 
current errors from being multiplied by amplifier gam. 
Distortion is determined by amplifier open-loop gain and by 
the response time of the negative feedback loop filter, R5 


and C4. A trade-off is necessary in determining amplitude 
stabilization time constant and oscillator distortion. R4 is 
chosen to adjust the negative feedback loop so that the FET 
is operated at a small negative gate bias. The circuit shown 
provides optimum values for a general purpose oscillator. 
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Triangle-Wave Generator 

A constant amplitude triangular-wave generator is shown in 
Figure 27. This circuit provides a variable frequency triangu¬ 
lar wave whose amplitude is independent of frequency. 


INTEGRATOR 

Cl 

OlpiF 



00682227 

FIGURE 27. Triangular-Wave Generator 

The generator embodies an integrator as a ramp generator 
and a threshold detector with hysterisis as a reset circuit. 
The integrator has been described in a previous section and 
requires no further explanation. The threshold detector is 
similar to a Schmitt Trigger in that it is a latch circuit with a 
large dead zone. This function is implemented by using 
positive feedback around an operational amplifier. When the 
amplifier output is in either the positive or negative saturated 
state, the positive feedback network provides a voltage at 
the non-inverting input which is determined by the attenua¬ 
tion of the feedback loop and the saturation voltage of the 
amplifier. To cause the amplifier to change states, the volt¬ 
age at the input of the amplifier must be caused to change 
polarity by an amount in excess of the amplifier input offset 
voltage. When this is done the amplifier saturates in the 
opposite direction and remains in that state until the voltage 
at its input again reverses. The complete circuit operation 
may be understood by examining the operation with the 
output of the threshold detector in the positive state. The 
detector positive saturation voltage is applied to the integra¬ 
tor summing junction through the combination R3 and R4 
causing a current r to flow. 

The integrator then generates a negative-going ramp with a 
rate of r/C1 volts per second until its output equals the 
negative trip point of the threshold detector. The threshold 
detector then changes to the negative output state and 


supplies a negative current, r, at the integrator summing 
point. The integrator now generates a positive-going ramp 
with a rate of r/C1 volts per second until its output equals 
the positive trip point of the threshold detector where the 
detector again changes output state and the cycle repeats. 
Triangular-wave frequency is determined by R3, R4 and C1 
and the positive and negative saturation voltages of the 
amplifier A1. Amplitude is determined by the ratio of R5 to 
the combination of R1 and R2 and the threshold detector 
saturation voltages. Positive and negative ramp rates are 
equal and positive and negative peaks are equal if the 
detector has equal positive and negative saturation voltages. 
The output waveform may be offset with respect to ground if 
the inverting input of the threshold detector, A1, is offset with 
respect to ground. 

The generator may be made independent of temperature 
and supply voltage if the detector is clamped with matched 
zener diodes as shown in Figure 28. 

The integrator should be compensated for unity-gain and the 
detector may be compensated if power supply impedance 
causes oscillation during its transition time. The current into 
the integrator should be large with respect to lb,as for maxi¬ 
mum symmetry, and offset voltage should be small with 
respect to Vqut peak. 



FIGURE 28. Threshold Detector with Regulated Output 

Tracking Regulated Power Supply 

A tracking regulated power supply is shown in Figure 29. 
This supply IS very suitable for powering an operational 
amplifier system since positive and negative voltages track, 
eliminating common mode signals originating in the supply 
voltage. In addition, only one voltage reference and a mini¬ 
mum number of passive components are required. 
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Tracking Regulated Power Supply (Continued) 



Output voltage is variable from ±5V to ±35V 


Negative output tracks positive output to within the ratio of R6 to R7 


FIGURE 29, Tracking Power Supply 


Power supply operation may be understood by considering 
first the positive regulator. The positive regulator compares 
the voltage at the wiper of R4 to the voltage reference, D2. 
The difference between these two voltages is the input volt¬ 
age for the amplifier and since R3, R4, and R5 form a 
negative feedback loop, the amplifier output voltage 
changes in such a way as to minimize this difference. The 
voltage reference current is supplied from the amplifier out¬ 
put to increase power supply line regulation. This allows the 
regulator to operate from supplies with large ripple voltages. 
Regulating the reference current in this way requires a sepa¬ 
rate source of current for supply start-up. Resistor R1 and 
diode D1 provide this start-up current. D1 decouples the 
reference string from the amplifier output during start-up and 
R1 supplies the start-up current from the unregulated posi¬ 
tive supply. After start-up, the low amplifier output impedance 
reduces reference current variations due to the current 
through R1. 

The negative regulator is simply a unity-gam inverter with 
input resistor, R6, and feedback resistor, R7. 


The amplifiers must be compensated for unity-gam opera¬ 
tion. 

The power supply may be modulated by injecting current into 
the wiper of R4. in this case, the output voltage variations will 
be equal and opposite at the positive and negative outputs. 
The power supply voltage may be controlled by replacing 
D1, D2, R1 and R2 with a variable voltage reference. 

Programmable Bench Power 
Supply 

The complete power supply shown in Figure 30 is a pro¬ 
grammable positive and negative power supply. The regula¬ 
tor section of the supply comprises two voltage followers 
whose input is provided by the voltage drop across a refer¬ 
ence resistor of a precision current source. 
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Programmable Bench Power Supply (Continued) 



+41V 



b. 


-41V 



FIGURE 30. Low-Power Supply for 
Integrated Circuit Testing 


Programming sensitivity of the positive and negative supply 
is 1V/1000Q of resistors R6 and R12 respectively. The out¬ 
put voltage of the positive regulator may be varied from 


approximately +2V to +38V with respect to ground and the 
negative regulator output voltage may be varied from -38V 
to OV with respect to ground. Since LM107 amplifiers are 
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Programmable Bench Power 

Supply (Continued) 

used, the supplies are inherently short circuit proof. This 
current limiting feature also serves to protect a test circuit if 
this supply IS used in integrated circuit testing. 

Internally compensated amplifiers may be used in this appli¬ 
cation if the expected capacitive loading is small. If large 
capacitive loads are expected, an externally compensated 
amplifier should be used and the amplifier should be over¬ 
compensated for additional stability. Power supply noise 
may be reduced by bypassing the amplifier inputs to ground 
with capacitors in the 0.1 to 1 0 pF range 

Conclusions 

The foregoing circuits are illustrative of the versatility of the 
integrated operational amplifier and provide a guide to a 
number of useful applications. The cautions noted in each 
section will show the more common pitfalls encountered in 
amplifier usage. 

Appendix I 
Definition of Terms 

Input Offset Voltage: That voltage which must be applied 
between the input terminals through two equal resistances to 
obtain zero output voltage. 

Input Offset Current: The difference in the currents into the 
two input terminals when the output is at zero. 

Input Bias Current: The average of the two input currents. 
Input Voltage Range: The range of voltages on the input 
terminals for which the amplifier operates within specifica¬ 
tions. 

Common Mode Rejection Ratio: The ratio of the input 
voltage range to the peak-to-peak change in input offset 
voltage over this range. 


Input Resistance: The ratio of the change in input voltage to 
the change in input current on either input with the other 
grounded. 

Supply Current: The current required from the power sup¬ 
ply to operate the amplifier with no load and the output at 
zero. 

Output Voltage Swing: The peak output voltage swing, 
referred to zero, that can be obtained without clipping. 
Large-Signal Voltage Gain: The ratio of the output voltage 
swing to the change in input voltage required to drive the 
output from zero to this voltage. 

Power Supply Rejection: The ratio of the change in input 
offset voltage to change in power supply voltage producing 

It. 

Slew Rate: The internally-limited rate of change in output 
voltage with a large-amplitude step function applied to the 
input. 
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Log Converters 


Note: National Semiconductor recommends replacing 
2N2920 and 2N3728 matched pairs with LM394 in all appli¬ 
cation circuits. 

One of the most predictable non-linear elements commonly 
available is the bipolar transistor. The relationship between 
collector current and emitter base voltage is precisely loga¬ 
rithmic from currents below one picoamp to currents above 
one miliiamp. Using a matched pair of transistors and inte¬ 
grated circuit operational amplifiers, it is relatively easy to 
construct a linear to logarithmic converter with a dynamic 
range in excess of five decades. 

The circuit in Figure 1 generates a logarithmic output voltage 
for a linear input current. Transistor Q-, is used as the 
non-linear feedback element around an LM108 operational 
amplifier. Negative feedback is applied to the emitter of Q-, 
through divider, R-, and Rg, and the emitter base junction of 
Qg. This forces the collector current of to be exactly equal 
to the current through the input resistor. Transistor Q 2 is 
used as the feedback element of an LM101A operational 
amplifier. Negative feedback forces the collector current of 
Q 2 to equal the current through R 3 . For the values shown, 
this current is 10 pA. Since the collector current of Q 2 
remains constant, the emitter base voltage also remains 
constant. Therefore, only the Vb^ of Qi varies with a change 
of input current. However, the output voltage is a function of 
the difference in emitter base voltages of Q-, and Qg'. 


Equt = ^ ^ (Vbe2 " Vbei). 

( 1 ) 

For matched transistors operating at different collector cur¬ 
rents, the emitter base differential is given by 

AVbe = — loge 

q IC2 

( 2 ) 

where k is Boltzmann’s constant, T is temperature in de¬ 
grees Kelvin and q is the charge of an electron. Combining 
these two equations and writing the expression for the output 
voltage gives 


National Semiconductor 
Application Note 30 



-kT 

Ri + R 2 

loge 

E|N R 3 

q 

R 2 

.ErefRiN. 


(3) 

for E|n > 0. This shows that the output is proportional to the 
logarithm of the input voltage. The coefficient of the log term 
is directly proportional to absolute temperature. Without 
compensation, the scale factor will also vary directly with 
temperature. However, by making R 2 directly proportional to 
temperature, constant gain is obtained. The temperature 
compensation is typically 1 % over a temperature range of 
-25°C to 100°C for the resistor specified. For limited tem¬ 
perature range applications, such as 0°C to 50°C, a 430iQ 
sensistor in series with a 570^1 resistor may be substituted 
for the 1 k resistor, also with 1 % accuracy. The divider, R^ 
and R 2 , sets the gain while the current through R 3 sets the 
zero. With the values given, the scale factor is IV/decade 
and 


Eout= -[logiojlj^l + s] 

(4) 

where the absolute value sign indicates that the dimensions 
of the quantity inside are to be ignored. 

Log generator circuits are not limited to inverting operation. 
In fact, a feature of this circuit is the ease with which 
non-inverting operation is obtained. Supplying the input sig¬ 
nal to A 2 and the reference current to A^ results in a log 
output that is not inverted from the input. To achieve the 
same 100 dB dynamic range in the non-inverting configura¬ 
tion, an LM108 should be used forA 2 , and an LMIOIAforA^. 
Since the LM108 cannot use feedforward compensation, it is 
frequency compensated with the standard 30 pF capacitor. 
The only other change is the addition of a clamp diode 
connected from the emitter of Q-, to ground. This prevents 
damage to the logging transistors if the input signal should 
go negative. 
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*1 kQ (±1%) at 25°C, +3500 ppm/”C 

Available from Vishay Ultronix, Grand Junction, CO, Q81 Series 
tOffset Voltage Adjust 


FIGURE 1. Log Generator with 100 dB Dynamic Range 


The log output is accurate to 1% for any current between 
10 nA and 1 mA. This is equivalent to about 3% referred to 
the input. At currents over 500 pA the transistors used devi¬ 
ate from log characteristics due to resistance in the emitter, 
while at low currents, the offset current of the LM108 is the 
major source of error. These errors occur at the ends of the 
dynamic range, and from 40 nA to 400 pA the log converter 
IS 1 % accurate referred to the input. Both of the transistors 
are used in the grounded base connection, rather than the 
diode connection, to eliminate errors due to base current. 
Unfortunately, the grounded base connection increases the 
loop gain. More frequency compensation is necessary to 
prevent oscillation, and the log converter is necessarily slow. 
It may take 1 to 5 ms for the output to settle to 1 % of its final 
value. This is especially true at low currents. 

The circuit shown in Figure 2 is two orders of magnitude 
faster than the previous circuit and has a dynamic range of 
80 dB. Operation is the same as the circuit in Figure 1, 
except the configuration optimizes speed rather than dy¬ 
namic range Transistor Q., is diode connected to allow the 
use of feedforward compensation^ on an LM101A opera¬ 
tional amplifier. This compensation extends the bandwidth to 
10 MHz and increases the slew rate. To prevent errors due to 
the finite hpE of and the bias current of the LM101A, an 
LM102 voltage follower buffers the base current and input 
current. Although the log circuit will operate without the 
LM102, accuracy will degrade at low Input currents. Amplifier 
As is also compensated for maximum bandwidth. As with the 
previous log converter, R-, and Rs control the sensitivity; and 
Rg controls the zero crossing of the transfer function. With 
the values shown the scale factor is IV/decade and 

Eout = - [logic 1^1 + 

( 5 ) 


from less than 100 nA to 1 mA. 

Anti-log or exponential generation is simply a matter of rear¬ 
ranging the circuitry. Figure 3 shows the circuitry of the log 
converter connected to generate an exponential output from 
a linear input. Amplifier A^ in conjunction with transistor Q-, 
drives the emitter of Qs in proportion to the input voltage. 
The collector current of Qs varies exponentially with the 
emitter-base voltage. This current is converted to a voltage 
by amplifier Ag. With the values given 

Eout= 10-t^'NJ. (6) 

Many non-linear functions such as XV 2 , X^, X^, 1/X, XY, and 
X/Y are easily generated with the use of logs. Multiplication 
becomes addition, division becomes subtraction and powers 
become gain coefficients of log terms. Figure 4 shows a 
circuit whose output is the cube of the input. Actually, any 
power function is available from this circuit by changing the 
values of R 9 and R -,0 in accordance with the expression: 

167R9 

( 7 ) 

Note that when log and anti-log circuits are used to perform 
an operation with a linear output, no temperature compen¬ 
sating resistors at all are needed. If the log and anti-log 
transistors are at the same temperature, gain changes with 
temperature cancel. It is a good idea to use a heat sink which 
couples the two transistors to minimize thermal gradients. A 
rc temperature difference between the log and anti-log 
transistors results in a 0 3% error. Also, in the log converters, 
a 1 °C difference between the log transistors and the com¬ 
pensating resistor results in a 0.3% error. 
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*1 k£2 (±1%) at 25°C, +3500 ppm/°C. 

Available from Vishay Ultronix, Grand Junction, CO, Q81 Series 


FIGURE 2. Fast Log Generator 


Either of the circuits in Figure 1 or Figure 2 may be used as 
dividers or reciprocal generators. Equation 3 shows the out¬ 
puts of the log generators are actually the ratio of two 
currents; the input current and the current through R 3 . When 
used as a log generator, the current through R 3 was held 
constant by connecting R 3 to a fixed voltage. Hence, the 
output was just the log of the input. If R 3 is driven by an input 
voltage, rather than the 15V reference, the output of the log 
generator is the log ratio of the input current to the current 
through R 3 . The anti-log of this voltage is the quotient. Of 
course, if the divisor is constant, the output is the reciprocal. 
A complete one quadrant multiplier/divider is shown in Fig¬ 
ure 5. It is basically the log generator shown in Figure 1 
driving the anti-log generator shown in Figure 3. The log 
generator output from A-, drives the base of Q 3 with a voltage 
proportional to the log of E^/Eg. Transistor Q 3 adds a voltage 


proportional to the log of E 3 and drives the anti-log transistor, 
Q4. The collector current of Q4 is converted to an output 
voltage by A 4 and Ry, with the scale factor set by Ry at E-, 
E3/IOE2. 

Measurement of transistor current gams over a wide range 
of operating currents is an application particularly suited to 
log multiplier/dividers. Using the circuit in Figure 5, PNP 
current gains can be measured at currents from 0.4 pA to 
1 mA. The collector current is the input signal to A^, the base 
current is the input signal to Ag, and a fixed voltage to R 5 sets 
the scale factor. Since A 2 holds the base at ground, a single 
resistor from the emitter to the positive supply is all that is 
needed to establish the operating current. The output is 
proportional to collector current divided by base current, or 
hpE- 
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Available from Vishay Ultronix, Grand Junction, CO, Q81 Series 


FIGURE 3. Anti-Log Generator 


15V 



In addition to their application in performing functional opera¬ 
tions, log generators can provide a significant increase in the 
dynamic range of signal processing systems. Also, unlike a 
linear system, there is no loss in accuracy or resolution when 
the input signal is small compared to full scale. Over most of 
the dynamic range, the accuracy is a percent-of-signal rather 
than a percent-of-full-scale. For example, using log genera¬ 
tors, a simple meter can display signals with 100 dB dynamic 


range or an oscilloscope can display a 10 mV and 10V pulse 
simultaneously. Obviously, without the log generator, the low 
level signals are completely lost. 

To achieve wide dynamic range with high accuracy, the input 
operational amplifier necessarily must have low offset volt¬ 
age, bias current and offset current. The LM108 has a maxi¬ 
mum bias current of 3 nA and offset current of 400 pA over 
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a -55°C to 125°C temperature range. By using equal source 
resistors, only the offset current of the LM108 causes an 
error. The offset current of the LM108 is as low as many FET 
amplifiers. Further, it has a low and constant temperature 
coefficient rather than doubling every 10°C. This results in 
greater accuracy over temperature than can be achieved 
with FET amplifiers. The offset voltage may be zeroed, If 
necessary, to improve accuracy with low input voltages. 

The log converters are low level circuits and some care 
should be taken during construction. The input leads should 
be as short as possible and the input circuitry guarded 
against leakage currents. Solder residues can easily conduct 
leakage currents, therefore circuit boards should be cleaned 


2N2920 



FIGURE 5. Multiplier/Divider 


before use High quality glass or mica capacitors should be 
used on the inputs to minimize leakage currents. Also, when 
the +15V supply is used as a reference, it must be well 
regulated. 
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Op Amp Circuit Collection 


National Semiconductor 
Application Note 31 




Note: National Semiconductor recommends replacing 2N2920 and 2N3728 matched pairs with LM394 in all application 
circuits. 


Section 1 —Basic Circuits 


Inverting Amplifier 


Non-Inverting Amplifier 




V0UT= 


R1 + R2,, 
VqUT --- ViN 


Difference Amplifier 


Inverting Summing Amplifier 




\R3 + R4jR1^^ Rl'^^ 

For R1 = R3 and R2 = R4 

Vqut = ^(^2 - Vi) 


R1//R2 = R3//R4 




R5 = R1//R2//R3//R4 

For minimum offset error due to input bias current 


For minimum offset error due to input bias current 
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Section 1—Basic Circuits (Continued) 


Non-Inverting Summing Amplifier 



Inverting Ampiifier with High Input Impedance 


Cl 

3pF 



*Source Impedance less than 100k gives less than 1% gam error 


Fast Inverting Amplifier with High input Impedance 


Cl 

5pF 



Non-Inverting AC Amplifier 


R1 R2 

1M 10M 



R|N = R3 
R3 = R1//R2 
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Section 1—Basic Circuits (Continued) 


Practical Differentiator 

C2 



2irR2C1 


27rR1C1 27rR2C2 

tc ^ th funity gain 


Integrator 

SI 



00705710 


27rR1Cl 
R1 = R2 


For minimum offset error due to input bias current 


Fast Integrator 



150 pF 


Current to Voltage Converter 

R1 



00705712 

VoUT = l|N R1 

*For minimum error due to bias current R2 = R1 
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Section 1—Basic Circuits (Continued) 


Circuit for Operating the LM101 
without a Negative Suppiy 


R1 R2 



Circuit for Generating the 
Second Positive Voltage 



Neutralizing Input Capacitance 
to Optimize Response Time 

R1 R2 



Integrator with Bias Current Compensation 



*Adjust for zero integrator drift 

Current drift typically 0.1 n/A'C over -55'C to 125°C temperature range. 


Voltage Comparator for Driving 
DTL or TTL Integrated Circuits 



00705717 


Threshold Detector for Photodiodes 



00705718 
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Section 1 —Basic Circuits (Continued) 


Offset Voltage Adjustment for Inverting Amplifiers Using Offset Voitage Adjustment for Non-inverting Amplifiers 
Any Type of Feedback Element Using Any Type of Feedback Eiement 


R3 



00705721 


R5 



RANGE =±V(^) 


GAIN = 1 


R5 

R4 + R2 


range =±v(^) 


Offset Voitage Adjustment for Voltage Followers 

^ R1 R3 



00705723 


RANGE- ±v(^) 


Offset Voltage Adjustment for Differential Amplifiers 

R2 



R2 = R3 + R4 
RANGE = ±V 

VR4/ \R1 + R3/ 

GAIN = ^ 

R1 
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Section 1—Basic Circuits (Continued) 

Offset Voltage Adjustment for Inverting Amplifiers Using 10 kQ Source Resistance or Less 



00705725 


R1 = 2000 R3//R4 
R4//R3 ^ 10 kft 



Section 2 — Signai Generation 

Low Frequency Sine Wave Generator with Quadrature Output 


C2 

QQZnf 

1 % 



00705726 


> 


2 
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Section 2 — Signal Generation (Continued) 


High Frequency Sine Wave Generator with Quadrature Output 



• COSINE OUTPUT 


Free-Running Multivibrator 


Wein Bridge Sine Wave Oscillator 


R1 

160K 


R3 

750 



‘Chosen for oscillation at 100 Hz 



R1 = R2 
Cl = C2 
1 


f = : 


*Elclema 1869 10V, 14 mA Bulb 
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Section 2 — Signal Generation (Continued) 


Function Generator 


Cl 



82 K 


Triangle Wave 
Output 


00705730 


Pulse Width Modulator 


R1 R2 

100K tOOK 
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Section 3 — Signal Processing 

Differential-Input Instrumentation Amplifier 



Av 


51 

R2 


Variable Gain, Differential-Input Instrumentation Amplifier 


*Gain adjust 
Av = 10-4 Re 
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Section 3 — Signal Processing (Continued) 


Instrumentation Amplifier with ±100 Volt Common Mode Range 


R3 

0 1% R6 



tMatching determines common mode rejection 


00705744 


R1 

= R5 = 

10R2 

R2 

= R3 


R3 

= R4 


R1 

= R6 = 

10R3 


_ R7 


Av 

" R6 



2 
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Section 3 — Signal Processing (Continued) 

Instrumentation Amplifier with ±10 Volt Common Mode Range 



R1 = R4 
R2 = R5 
R6 = R7 

t’Matching Determines CMRR 



High Input Impedance Instrumentation Amplifier 


R1* R2t R3t R4* 

100K IK IK 100K 

01 % 0 . 1 % 01 % 01 % 



OUTPUT 


00705746 


R1 = R4; R2 = R3 


Av = 


1 + 


m 

R2 


*tMatching Determines CMRR 
$May be deleted to maximize bandwidth 
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Section 3 — Signal Processing (Continued) 


Bridge Amplifier with Low Noise Compensation 


V* 



00705747 

‘Reduces feed through of power supply noise by 20 dB and makes supply bypassing unnecessary 
tTrim for best common mode rejection 
tGain adjust 


Bridge Amplifier Precision Diode 



00705749 



R1 R2 
Rsi Rs 2 


Precision Clamp 

R|N 



00705750 

*Eref must have a source impedance of less than 200Q if D2 is used 


Fast Half Wave Rectifier 


C2 

3pF 
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Section 3 — Signal Processing (Continued) 
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Section 3 — Signal Processing (Continued) 


Sample and Hold 



C2 

30 pF 


00705756 

‘Worst case drift less than 2 5 mV/sec 

tTeflon, Polyethylene or Polycarbonate Dielectric Capacitor 


Low Drift Integrator 

R2 

100K 



00705757 

*Q1 and Q3 should not have internal gate-protection diodes 
Worst case drift less than 500 pV/sec over -55'C to +125°C 
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Fast Integrator with Low Input Current 


R5 

D1 2K 



00705759 
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Section 3 — Signal Processing (conti 

Adjustable 





R1 = 
Cl = 


www.national.com 





Section 3 — Signal Processing (Continued) 


Easily Tuned Notch Filter 


Tuned Circuit 



Two-Stage Tuned Circuit 



00705763 
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Section 3 — Signal Processing (Continued) 

Simulated Inductor 


Capacitance Multiplier 



R2 

10M 



L > R1 R2 C1 
Rs = R2 
Rp = R1 


R3 


II = 


Vqs + Iqs 


Rs = R3 


High Pass Active Filter 


R1 

110K 



‘Values are for 100 Hz cutoff Use metalized polycarbonate capacitors for good temperature stability 

Low Pass Active Filter 

Cl* 

940 pF 



‘Values are for 10 kHz cutoff Use silvered mica capacitors for good temperature stability 


2-47 


WWW national.com 


AN-31 




AN-31 


Section 3 — Signal Processing (Continued) 


Nonlinear Operational Amplifier with Temperature Compensated Breakpoints 


R5 R6 

187 5K 50K 



00705773 


Current Monitor 



VOUT = 


R1 R3. 
R2 
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Section 3 — Signal Processing (Continued) 

Saturating Servo Preamplifier with Rate Feedback 



Power Booster 



2 
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Section 3 — Signal Processing (Continued) 


Analog Multiplier 



VoUT 


R5 = R1 
Vi ^ 0 
VOUT 


(S) 


. Vi V2 


Long Intervai Timer Fast Zero Crossing Detector 



00705778 Propagation delay approximately 200 ns 

*Low leakage -0 017 pF per second delay IDTL or TTL fanout of three 


Minimize stray capacitance 
Pin 8 


OUTPUT^ 


03 

LM103 
3 3V 


00705779 
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Section 3 — Signal Processing (Continued) 


Amplifier for Piezoelectric Transducer 



T 


Low frequency cutoff = R1 C1 

Photodiode Amplifier 


00705780 



00705782 

VouT = Rt b 


Temperature Probe 



*Set for OV at 0°C 
tAdjust for 100 mV/°C 


Photodiode Amplifier 


R1 

5M 

1 % 



VouT= 10 v/|jA 

*Operating photodiode with less than 3 mV across it eliminates leakage 
currents 


High Input Impedance AC Follower 
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Section 3 — Signal Processing (Continued) 


Temperature Compensated Logarithmic Converter 



00705785 

10 nA < liN < 1 mA 

Sensitivity is 1V per decade 

t1 kQ (±1%) at 25°C, +3500 ppm/°C 

Available from Vishay Ultronix, Grand Junction, CO, Q81 Series 
‘Determines current for zero crossing on output 10 pA as shown 


Root Extractor 


R8 

1S0K 



*t2N3728 matched pairs 
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Section 3 — Signal Processing (Continued) 

Fast Log Generator 


Eref 15V 



300 pF 75 pF IpF 

00705789 

t1 kQ (±1%) at 25”C, +3500 ppm/”C 

Available from Vishay Ultronix, Grand Junction, CO, Q81 Series 

Anti-Log Generator 


Eref 15V 



t1 kO (±1%) at 25'C, +3500 ppm/'C 

Available from Vishay Ultronix, Grand Junction, CO, 081 Series 
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Micropower Circuits Using 
the LM4250 Programmable 
Op Amp 

Introduction 

The LM4250 is a highly versatile monolithic operational am¬ 
plifier. A single external programming resistor determines the 
quiescent power dissipation, input offset and bias currents, 
slew rate, gain-bandwidth product, and input noise charac¬ 
teristics of the amplifier. Since the device is in effect a 
different op amp for each externally programmed set current. 
It is possible to use a single stock item for a variety of circuit 
functions in a system. 

This paper describes the circuit operation of the LM4250, 
various methods of biasing the device, frequency response 
considerations, and some circuit applications exercising the 
unique characteristics of the LM4250. 

Circuit Description LM4250 

The LM4250 has two special features when compared with 
other monolithic operational amplifiers. One is the ability to 
externally set the bias current levels of the amplifiers, and 
the other is the use of PNP transistors as the differential 
input pair. 


National Semiconductor 
Application Note 71 
George Cleveland 


Referring to Figure 1, Q-, and Q 2 are high current gain lateral 
PNPs connected as a differential pair. R-, and Rg provide 
emitter degeneration for greater stability at high bias cur¬ 
rents. Q 3 and Q 4 are used as active loads for and Q 2 to 
provide high gain and also form a current inverter to provide 
the maximum drive for the single ended output into Q 5 . Qg is 
an emitter follower which prevents loading of the input stage 
by the succeeding amplifier stage. 

One advantage of this lateral PNP input stage is a common 
mode swing to within 200 mV of the negative supply. This 
feature is especially useful in single supply operation with 
signals referred to ground. Another advantage is the almost 
constant input bias current over a wide temperature range. 
The input resistance R|n is approximately equal to 2 p (Re + 
re) where j3 is the current gam, re Is the emitter resistance of 
one of the input lateral PNPs, and Re is the resistance of one 
of the 10 kQ emitter resistor. Using a DC beta of 100 and the 
norma! temperature dependent expression for re gives: 




FIGURE 1. LM4250 Schematic Diagram 
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Circuit Description LM4250 

(Continued) 


kT 

R|N ~ 2Mft + 2 — 

qiB 


( 1 ) 

where Ig is input bias current. At room temperature this 
formula becomes: 


R|N 


~ 2Ma + 


52 mV 
•b 


( 2 ) 



.1 1.0 10 100 
•set (mA) 

00738202 


FIGURE 2. Input Resistance vs Iset 

Figure 2 gives a typical plot of R,n vs Uet derived from the 
above equation. 

Continuing with the circuit description, Qg level shifts down¬ 
ward to the base of Qq which is the second stage amplifier. 
Qq is run as a common emitter amplifier with a current 
source load (Q 12 ) to provide maximum gain. The output of 
Qq drives the class B complementary output stage com¬ 
posed of Qi 5 and Q^g- 

The bias current levels In the LM4250 are set by the amount 
of current (Iget) drawn out of Pin 8 . The constant current 
sources Q^o, Qn, and are controlled by the amount of 
Iset current through the diode connected transistor Qg and 
resistor Rg. The constant collector current from Q^o biases 
the differential input stage. Therefore, the level Q -,0 is set at 
will control such amplifier characteristics as input bias cur¬ 
rent, input resistance, and amplifier slew rate. Current 
source biases Q 5 and Qq. The current ratio between Qg 
and Qg is controlled by constant current sink Qy. Current 


source sets the currents in diodes and Q 14 which 
bias the output stage to the verge of conduction thereby 
eliminating the dead zone in the class B output. also 
acts as the load for Qg and limits the drive current to Q^g. 
The output current limiting is provided by Q^g and Q^y and 
their associated resistors R^g and R^y. When enough current 
is drawn from the output, Q^g turns on and limits the base 
drive of Q^g. Similarly Q^y turns on when the LM4250 at¬ 
tempts to sink too much current, limiting the base drive of 
Qig and therefore output current. Frequency compensation 
is provided by the 30 pF capacitor across the second stage 
amplifier, Qg, of the LM4250. This provides a 6 dB per octave 
rolloff of the open loop gain. 

Bias Current Setting Procedure 

The single set resistor shown in Figure 3a offers the most 
straightforward method of biasing the LM4250. When the set 
resistor is connected from Pin 8 to ground the resistance 
value for a given set current is; 

V+ -0.5 
Rset = —;- 

•SET 

(3) 

The 0.5 volts shown in Equation 3 is the voltage drop of the 
master bias current diode connected transistor on the inte¬ 
grated circuit chip. In applications where the regulation of the 
supply with respect to the V“ supply (as in the case of 
tracking regulators) is better than the V+ supply with respect 
to ground the set resistor should be connected from Pin 8 to 
V”. Rqet is then: 


Rset = 


y-f 4- |v-|-0.5 

•set 


(4) 


The transistor and resistor scheme shown in Figure 3b al¬ 
lows one to switch the amplifier off without disturbing the 
main and V“ power supply connections. Attaching Ci 
across the circuit prevents any switching transient from ap¬ 
pearing at the amplifier output. The dual scheme shown in 
Figure 3c has a constant set current flowing through Rgi and 
a variable current through Rgg- Transistor Qg acts as an 
emitter follower current sink whose value depends on the 
control voltage Vc on the base. This circuit provides a 
method of varying the amplifier’s characteristics over a lim¬ 
ited range while the amplifier is in operation. The FET circuit 
shown in Figure 3d covers the full range of set currents in 
response to as little as a 0.5V gate potential change on a low 
pinch-off voltage FET such as the 2N3687. The limit resistor 
prevents excessive current flow out of the LM4250 when the 
FET is fully turned on. 
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Bias Current Setting Procedure (Continued) 


TO PIN 8 

0 


Rset 


O 

V- OR 
GROUNO 


3a 


TO PIN 8 



V-OR 

GROUND 


00738204 

3b 


TO PIN 8 



00738205 

3c 


TO PIN 8 



3d 


FIGURE 3. Biasing Schemes 


Frequency Response of a 
Programmable Op Amp 

This section provides a method of determining the sine and 
step voltage response of a programmable op amp. Both the 
sine and step voltage responses of an amplifier are modified 
when the rate of change of the output voltage reaches the 
slew rate limit of the amplifier. The following analysis devel¬ 
ops the Bode plot as well as the small signal and slew rate 
limited responses of an amplifier to these two basic catego¬ 
ries of waveforms. 

Small Signal Sine Wave Response 

The key to constructing the Bode plot for a programmable op 
amp is to find the gain bandwidth product, GBWP, for a given 
set current. Quiescent power drain, input bias current, or 
slew rate considerations usually dictate the desired set cur¬ 
rent. The data sheet curve relating GBWP to set current 


provides the value of GBWP which when divided by one 
yields the unity gain crossover of fu- Assuming a set current 
of 6 pA gives a GBWP of 200,000 Hz and therefore an fy of 
200 kHz for the example shown in Figure 4. Since the device 
has a single dominant pole, the rolloff slope is -20 dB of gain 
per decade of frequency (-6 dB/octave). The dotted line 
shown on Figure 4 has this slope and passes through the 
200 kHz fu point. Arbitrarily choosing an inverting amplifier 
with a closed loop gain magnitude of 50 determines the 
height of the 34 dB horizontal line shown in Figure 4. Graphi¬ 
cally finding the intersection of the sloped line and the hori¬ 
zontal line or mathematically dividing GBWP by 50 deter¬ 
mines the 3 dB down frequency of 4 kHz for the closed loop 
response of this amplifier configuration. Therefore, the am¬ 
plifier will now apply a gain of -50 to all small signal sine 
waves at frequencies up to 4 kHz. For frequencies above 
4 kHz, the gain will be as shown on the sloped portion of the 
Bode plot. 
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Small Signal Sine Wave Response 

(Continued) 



FREQUENCY 
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FIGURE 4. Bode Plot 

Smaii Signai Step input Response 

The amplifier’s response to a positive step voltage change at 
the input will be an exponentially rising waveform whose rise 
time is a function of the closed loop 3 dB down bandwidth of 
the amplifier. The amplifier may be modeled as a single pole 
low pass filter followed by a gain of 50 wideband amplifier. 
From basic filter theory*, the 10% to 90% rise time of a 
single pole low pass filter is: 


_ 0.35 
tr - 

h dB 

( 5 ) 

For the example shown in Figure 4 the 4 kHz 3 dB down 
frequency would give a rise time of 87.5 ps. 

Note: *See reference 

Slew Rate Limited Large Signai 
Response 

The final consideration, which determines the upper speed 
limitation on the previous two types of signal responses, is 
the amplifier slew rate. The slew rate of an amplifier is the 
maximum rate of change of the output signal which the 
amplifier is capable of delivering. In the case of sinusoidal 
signals, the maximum rate of change occurs at the zero 
crossing and may be derived as follows: 

Vo = Vp sin 27cf t (6) 

d Vo 

= 2^fVDCOs27rft 
d t ^ 

( 7 ) 


where: 


dVp 
d t t 


= 27rfVp 

o ^ 


Sr - 271: f^AX Vp 


( 8 ) 

( 9 ) 


Vo = output voltage 

Vp = peak output voltage 

e . dVo 

Sf = maximum —— 


The maximum sine wave frequency an amplifier with a given 
slew rate will sustain without causing the output to take on a 
triangular shape is therefore a function of the peak amplitude 
of the output and is expressed as: 


^MAX = 


Sr 

27r Vp 


( 10 ) 


Figure 5 shows a quick reference graphical presentation of 
this formula with the area below any Vpeak line representing 
an undistorted small signal sine wave response for a given 
frequency and amplifier slew rate and the area above the 
Vpeak line representing a distorted sine wave response due 
to slew rate limiting for a sine wave with the given Vpeak- 
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FIGURE 5. Frequency vs Slew Rate Limit vs Peak 
Output Voltage 

Large signal step voltage changes at the output will have a 
rise time as shown in equation 5 until a signal with a rate of 
output voltage change equal to the slew rate of the amplifier 
occurs. At this point the output will become a ramp function 
with a slope equal to S^. This action occurs when: 
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Slew Rate Limited Large Signal 
Response (Continued) 

o ^ Y st ep 

( 11 ) 



t, in sec) 10% TO 90% 
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FIGURE 6. Slew Rate vs Rise Time vs Step Voltage 


the 12 MQ set resistor. The current into the -1.0V supply is 
only 210 nA since the set resistor is tied to ground rather 
than V“. Total quiescent power dissipation is: 

Pd = (260 nA) (IV) + (210 nA) (IV) (13) 

Pd = 470 nW (14) 

The slew rate determined from the data sheet typical perfor¬ 
mance curve is 1 V/ms for a .05 pA set current. Samples of 
actual values observed were 1.2 V/ms for the negative slew 
rate and 0.85 V/ms for the positive slew rate. This difference 
occurs due to the non-symmetry in the current sources used 
for charging and discharging the internal 30 pF compensa¬ 
tion capacitor. 

The 3 dB down (gain of -7.07) frequency observed for this 
configuration was approximately 300 Hz which agrees fairly 
closely with the 3.5 kHz GBWP divided by 10 taken from an 
extrapolation of the data sheet typical GBWP versus set 
current curve. 

Peak-to-peak output voltage swing into a 100 kQ load is 
0.7V or ±0.35V peak. An increase in supply voltage to 
±1.35V such as delivered by a pair of mercury cells directly 
increases the output swing by ±0.35V to 1.4V peak-to-peak. 
Although this increases the power dissipation to approxi¬ 
mately 1 pW per battery, a power drain of 15 pW or less will 
not affect the shelf life of a mercury cell. 


Figure 6 graphically expresses this formula and shows the 
maximum amplitude of undistorted step voltage for a given 
slew rate and rise time. The area above each step voltage 
line represents the undistorted low pass filter type response 
mode of the amplifier. If the intersection of the rise time and 
slew rate values of a particular amplifier configuration falls 
below the expected step voltage amplitude line, the rise time 
will be determined by the slew rate of the amplifier. The rise 
time will then be equal to the amplitude of the step divided by 
the slew rate S^. 

Full Power Bandwidth 

The full power bandwidth often found on amplifier specifica¬ 
tion sheets is the range of frequencies from zero to the 
frequency found at the intersection on Figure 5 of the maxi¬ 
mum rated output voltage and the slew rate Sr of the ampli¬ 
fier. Mathematically this is: 

f Sr 

ffullpower-2^V^^^^^ 

( 12 ) 

The full power bandwidth of a programmable amplifier such 
as the LM4250 varies with the master bias set current. 

The above analysis of sine wave and step voltage amplifier 
responses applies for all single dominant pole op amps such 
as the LM101A, LM1107, LM108A, LM112, LM118, and 
LM741 as well as the LM4250 programmable op amp. 

500 Mano-Watt X10 Amplifier 

The XI0 inverting amplifier shown in Figure 7 demonstrates 
the low power capability of the LM4250 at extremely low 
values of supply voltage and set current. The circuit draws 
260 nA from the +1 .OV supply of which 50 nA flows through 


3.3M 



FIGURE 7. 500 nW x 10 Amplifier 


Micro-Power Monitor with High 
Current Switch 

Figure 8 shows the combination of a micro-power compara¬ 
tor and a high current switch run from a separate supply. 
This circuit provides a method of continuously monitoring an 
input voltage while dissipating only 100 pW of power and still 
being capable of switching a 500 mA load if the input ex¬ 
ceeds a given value. The reference voltage can be any value 
between -i-8.5V and -8.5V. With a minimum gain of approxi¬ 
mately 100,000 the comparator can resolve input voltage 
differences down into the 0.2 mV region. 
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Micro-Power Monitor with High Current Switch (Continued) 


v+ 
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FIGURE 8. |j-Power Comparator with 
High Current Switch 


The bias current for the LM4250 shown in Figure 8 is set at 
0.44 |jA by the 200 Rget resistor. This results in a total 
comparator power drain of 100 pW and a slew rate of 
approximately 11 V/ms in the positive direction and 12.8 
V/ms in the negative direction. Potentiometer provides 
input offset nulling capability for high accuracy applications. 
When the input voltage is less than the reference voltage, 
the output of the LM4250 is at approximately -9.5V causing 
diode D-, to conduct. The gate of is held at - 8 . 8 V by the 
voltage developed across R 3 . With a large negative voltage 
on the gate of it turns off and removes the base drive from 
Qg. This results in a high voltage or open switch condition at 
the collector of Q 2 . When the input voltage exceeds the 
reference voltage, the LM4250 output goes to +9.5V causing 
D-, to be reverse biased. Q-, turns on as does Qg, and the 
collector of Q 2 drops to approximately IV while sinking the 
500 mA of load current. 

The load denoted as Zl can be resistor, relay coil, or indica¬ 
tor lamp as required; but the load current should not exceed 
500 mA. For V"^ values of less than 15V and II values of less 
than 25 mA both and Rg may be omitted. With only the 
2N4860 JFET as an output device the circuit is still capable 
of driving most common types of indicator lamps. 

IC Meter Amplifier Runs on Two 
Flashiight Batteries 

Meter amplifiers normally require one or two 9V transistor 
batteries. Due to the heavy current drain on these supplies, 
the meters must be switched to the OFF position when not in 
use. The meter circuit described here operates on two 1.5V 
flashlight batteries and has a quiescent power drain so low 
that no ON-OFF switch is needed. A pair of Eveready No. 
950 “D” cells will serve for a minimum of one year without 
replacement. As a DC ammeter, the circuit will provide cur¬ 
rent ranges as low as 100 nA full-scale. 

The basic meter amplifier circuit shown in Figure 9 is a 
current-to-voltage converter. Negative feedback around the 
amplifier insures that currents I|n and If are always equal. 


and the high gain of the op amp insures that the input 
voltage between Pins 2 and 3 is in the microvolt region. 
Output 

If 

-► R, 
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FIGURE 9. Basic Meter Amplifier 

voltage Vq is therefore equal to -IfRf. Considering the ± 1 .5V 
sources (±1.2V end-of-life) a practical value of Vq for full 
scale meter deflection is 300 mV. With the master 
bias-current setting resistor (Rg) set at 10 MQ, the total 
quiescent current drain of the circuit is 0.6 pA for a total 
power supply drain of 1.8 pW. The input bias current, re¬ 
quired by the amplifier at this low level of quiescent current, 
is in the range of 600 pA. 

The Complete Nanoammeter 

The complete meter amplifier shown in Figure 10 is a differ¬ 
ential current-to-voltage converter with input protection, ze¬ 
roing and full scale adjust provisions, and input resistor 
balancing for minimum offset voltage. Resistor R’f (equal in 
value to Rf for measurements of less than 1 pA) insures that 
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The Complete Nanoammeter 

(Continued) 

the input bias currents for the two input terminals of the 
amplifier do not contribute significantly to an output error 
voltage. The output voltage Vq for the differential 
current-to-voltage converter is equal to -2 IfRf since the 
floating input current 1,^ must flow through Rf and RV R’f may 


With an Rf resistor value of 1.5M the circuit in Figure 10 
becomes a nanommeter with a full scale reading capability 
of 100 nA. Reducing Rf to 3 kQ in steps, as shown in Figure 
10 increases the full scale deflection to 100 pA, the maxi¬ 
mum for this circuit configuration. The voltage drop across 
the two input terminals is equal to the output voltage Vq 
divided by the open loop gain. Assuming an open loop gain 
of 10,000 gives an input voltage drop of 30 pV or less. 




1 
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FIGURE 10. Complete Meter Amplifier 


Resistance Values for 
DC Nano and Micro Ammeter 


1 FULL SCALE 

Rf [Q] 

R’f [Q] 

100 nA 

1.5M 

1.5M 

500 nA 

300k 

300k 

1 pA 

300k 

0 

5 pA 

60k 

0 

10 pA 

30k 

0 

50 pA 

6k 

0 

100 pA 

3k 

0 


be omitted for Rf values of 500 kQ or less, since a resistance 
of this value contributes an error of less than 0.1% in output 
voltage. Potentiometer R 2 provides an electrical meter zero 
by forcing the input offset voltage Vqs to zero. Full scale 
meter deflection is set by R^. Both Rf and R 2 only need to be 
set once for each op amp and meter combination. For a 50 
microamp 2 k^2 meter movement, R^ should be about 4 kQ 
to give full scale meter deflection in response to a 300 mV 
output voltage. Diodes and D 2 provide full input protec¬ 
tion for overcurrents up to 75 mA. 


Circuit for Higher Current 
Readings 

For DC current readings higher than 100 pA, the inverting 
amplifier configuration shown in Figure 11 provides the re¬ 
quired gain. Resistor Ra develops a voltage drop in re¬ 
sponse to input current Ia- This voltage is amplified by a 
factor equal to the ratio of R/Rb- Rb iTiust be sufficiently 
larger than Ra, so as not to load the input signal. Figure 11 
also shows the proper values of Ra, Rb and Rf for full scale 
meter deflections of from 1 mA to 10A. 


Resistance Values for DC Ammeter 


1 FULL SCALE 

RaE^] 

Rb 

R,[a] 

1 mA 

3.0 

3k 

300k 

10 mA 

.3 

3k 

300k 

100 mA 

.3 

30k 

300k 

1A 

.03 

30k 

300k 

10A 

.03 

30k 

30k 


Rf 



FIGURE 11. Ammeter 


A 10 mV to 100V Full-Scale 
Voltmeter 

A resistor inserted in series with one of the input leads of the 
basic meter amplifier converts it to a wide range voltmeter 
circuit, as shown in Figure 12. This inverting amplifier has a 
gain varying from -30 for the 10 mV full scale range to 
-0.003 for the 100V full scale range. Figure 12 also lists the 
proper values of R^, Rf, and R’f for each range. Diodes D^ 
and D 2 provide complete amplifier protection for input over¬ 
voltages as high as 500V on the 10 mV range, but if over¬ 
voltages of this magnitude are expected under continuous 
operation, the power rating of R^ should be adjusted accord¬ 
ingly. 
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A 10 mV to 100V Full-Scale 
Voltmeter (Continued) 


Resistance Values for a DC Voltmeter 


V FULL SCALE 

Rv [^] 

Rf m 

R’f [Q] 

10 mV 

100 k 

1.5M 

1.5M 

100 mV 

1M 

1.5M 

1.5M 

IV 

10M 

1.M 

1.5M 

10V 

10M 

300k 

0 

100 V 

10M 

30k 

0 





FIGURE 12. Voltmeter 
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Low Frequency Pulse Generator 
Using a Single +5V Supply 

The variable frequency pulse generator shown in Figure 13 
provides an example of the LM4250 operated from a single 
supply. The circuit is a buffered output free running multivi¬ 
brator with a constant width output pulse occurring with a 
frequency determined by potentiometer Rg. 

The LM4250 acts as a comparator for the voltages found at 
the upper plate of capacitor Ci and at the reference point 
denoted as Vr on Figure 13. Capacitor C-, charges and 
discharges with a peak-to-peak amplitude of approximately 
IV determined by the shift in reference voltage at Pin 3 of 
the op amp. The charge path of Ci is from the amplifier 
output, which is at its maximum positive voltage Vhigh (ap¬ 
proximately V"^ -0.5V), through and through the potenti¬ 
ometer Rg. Diode is reverse biased during the charge 
period. When C^ charges to the V^ value determined by the 
net result of Vhigh through resistor Rg and V'^ through the 


voltage divider made up of resistors Rg and R 4 the amplifier 
swings to its lower limit of approximately 0.5V causing Ci to 
begin discharging. The discharge path is through the forward 
biased diode D^, through resistor R^, and into Pin 6 of the op 
amp. Since the impedance in the discharge path does not 
vary for Rg settings of from 3 k^2 to 5 Mn, the output pulse 
maintains a constant pulse width of 41 ps ±1.5 ps over this 
range of potentiometer settings. Figure 14 shows the output 
pulse frequency variation from 6 kHz down to 360 Hz as Rg 
places from 100 kQ up to 5 MQ of additional resistance in the 
charge path of Ci. Setting Rg to zero ohms will short out 
diode Di and cause a symmetrical square wave output at a 
frequency of 10 kHz. Increasing the value of C^ will lower the 
range of frequencies available in response to the Rg varia¬ 
tion shown on Figure 14. Electrolytic capacitors may be used 
for the larger values of since it has only positive voltages 
applied to it. 

The output buffer Q-, presents a constant load to the op amp 
output thereby preventing frequency variations caused by 
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Low Frequency Pulse Generator 
Using a Single +5V Supply (Continued) 

Vhigh Vlow voltages changing as a function of load 
current. The output of Q-, will interface directly with a stan¬ 
dard TTL or DTL logic device. Reversing diode D1 will invert 
the polarity of the generator output providing a series of 
negative going pulses dropping from +5V to the saturation 
voltage of . 

The change in output frequency as a function of supply 
voltage is less than ±4% for a change of from 4V to 10V. 
This stability of frequency versus supply voltage is due to the 
fact that the reference voltage and the drive voltage for 
the capacitor are both direct functions of V"^. 

The power dissipation of the free running multivibrator is 
300 pW and the power dissipation of the buffer circuit is 
approximately 5.8 mW. 



100k 1M 5M 

R2(n's) 
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FIGURE 14. Pulse Frequency vs Rg 


+1.5V 



-t 5V 


00738219 

Notes: 

Quiescent Pq = 10 [jW 

R2, R3, R4, R5, R6 and R7 are 1 % resistors 

R11 and Cl are for DC and AC common mode rejection adjustments 


FIGURE 15. X 100 Instrumentation Amplifier 


X100 Instrumentation Amplifier 

The instrumentation amplifier circuit shown in Figure 15 has 
a full differential input center tapped to ground. With the bias 
current set at approximately 0.1 pA, the impedance looking 
into either V|n-, or V,n 2 is 100 with respect to ground, and 
the input bias current at either terminal is 0.2 nA. The two 


non-inverting input stages A-, and Ag apply a gain of 10 to the 
input signal, and the differential output stage applies an 
additional gain of -10 for a net amplifier gain of -100: 

Vo = -100(V,Ni -V,N2). (15) 

The entire circuit can run from two 1.5V batteries connected 
directly (no power switch) to the and V" terminals. With a 
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X100 Instrumentation Amplifier 

(Continued) 

total current drain of 2.8 |jA the quiescent power dissipation 
of the circuit is 8.4 pW. This is low enough to have no 
significant effect on the shelf life of most batteries. 
Potentiometer provides a means for matching the gains 
of Ai and Ag to achieve maximum DC common mode rejec¬ 
tion ratio CMRR. With R-i-, adjusted to its null point for DC 
common mode rejection the small AC CMRR trimmer ca¬ 
pacitor Ci will normally give an additional 10 to 20 dB of 
CMRR over the operating frequency range. Since C^ actu¬ 
ally balances wiring capacitance rather than amplifier fre¬ 
quency characteristics, it may be necessary to attach It to 
Pin 2 of either A^ or A 2 as required. Figure 16 shows the 
variation of CMRR (referred to the input) with frequency for 
this configuration. Since the circuit applies a gain of 100 or 
40 dB to an input signal, the actual observed rejection ratio 



1 10 100 1,000 10,000 

FREQUENCY (Hz) 

00738220 

FIGURE 16. Av and CMRR vs Frequency 

is the difference between the CMRR curve and Ay curve. For 
example, a 60 Hz common mode signal will be attenuated by 
67 dB minus 40 db or 27 dB for an actual rejection ratio of 
V|nA/o equal to 22.4. 

The maximum peak-to-peak output signal into a 100 kQ load 
resistor is approximately 1. 8 V. With no input signal, the noise 
seen at the output is approximately 0.8 mVpMs e'' 8 mVrms 


referred to the input. When doing power dissipation mea¬ 
surements on this circuit, it should be kept in mind that even 
a 1 MQ oscilloscope probe placed between + 1 .5V and -1.5V 
will more than double the power drawn from the batteries. 

5V Regulator for Cmos Logic 
Circuits 

The ideal regulator for low power CMOS logic elements 
should dissipa(te essentially no power when the CMOS de¬ 
vices are running at low frequencies, but be capable of 
delivering full output power on demand when the CMOS 
devices are running in the 0.1 MHz to 10 MHz region. With a 
10V input voltage, the regulator shown in Figure 17 will 
dissipate 350 pW in the stand-by mode but will deliver up to 
50 mA of continuous load current when required. 

The circuit is basically a boosted output voltage-follower 
referenced to a low current zener diode. The voltage divider 
consisting of Rg and R 3 provides a 5V tap voltage from the 
6.5V reference diode to determine the regulator output. 
Since a standard 6.5V zener diode does not exhibit good 
regulation in the 2 pA to 60 pA reverse current region, Qg 
must be a special device. An NPN transistor with its collector 
and base terminals grounded and its emitter tied to the 
junction of R-, and Rg exhibits a well-controlled base emitter 
reverse breakdown voltage. A National Semiconductor pro¬ 
cess 25 small signal NPN transistor sorted to a 2N registra¬ 
tion such as 2N3252 has a BVebo at 10 pA specified as 5.5V 
minimum, 6.5V typical, and 7.0V maximum. Using a diode 
connected 2N3252 as a reference, the regulator output volt¬ 
age changed 78 mV in response to an 8 V to 36V change in 
the input voltage. This test was done under both no load and 
full load conditions and represents a line regulation of better 
than 1 . 6 %. 

A load change from 10 pA to 50 mA caused a 1 mV change 
in output voltage giving a load regulation value of 0.05%. 
When operating the regulator at load currents of less than 
25 mA, no heat sink is required for Q^. For load currents in 
excess of 50 mA, Q-, should be replaced by a Darlington pair 
with the 2N3019 acting as a driver for a higher power device 
such as a 2N3054. 

References 
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FIGURE 17. 350 pW Quiescent Drain 5 Volt Regulator 
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Noise Specs Confusing? 


It’s really all very simple—once you understand it. Then, 
here’s the inside story on noise for those of us who haven’t 
been designing low noise amplifiers for ten years. 

You hear all sorts of terms like signal-to-noise ratio, noise 
figure, noise factor, noise voltage, noise current, noise 
power, noise spectral density, noise per root Hertz, broad¬ 
band noise, spot noise, shot noise, flicker noise, excess 
noise, l/F noise, fluctuation noise, thermal noise, white 
noise, pink noise, popcorn noise, bipolar spike noise, low 
noise, no noise, and loud noise. No wonder not everyone 
understands noise specifications. 

In a case like noise, it is probably best to sort It all out from 
the beginning. So, in the beginning, there was noise; and 
then there was signal. The whole idea is to have the noise 
very small compared to the signal; or, conversely, we desire 
a high signal-to-noise ratio S/N. Now it happens that S/N is 
related to noise figure NF, noise factor F, noise power, noise 
voltage ep, and noise current ip. To simplify matters, it also 
happens that any noisy channel or amplifier can be com¬ 
pletely specified for noise in terms of two noise generators e^ 
and ip as shown in Figure 1. 


I-1 



FIGURE 1. Noise Characterization of Amplifier 

All we really need to understand are NF, ep, and ip. So here 
is a rundown on these three. 

NOISE VOLTAGE, Cp, or more properly, EQUIVALENT 
SHORT-CIRCUIT INPUT RMS NOISE VOLTAGE is simply 
that noise voltage which would appear to originate at the 
input of the noiseless amplifier if the input terminals were 
shorted. It is expressed in nanovolts per root Hertz nV/>/Hz 
at a specified frequency, or in microvolts in a given frequency 
band. It is determined or measured by shorting the input 
terminals, measuring the output rms noise, dividing by am¬ 
plifier gain, and referencing to the input. Hence the term, 
equivalent noise voltage. An output bandpass filter of known 
characteristic is used in measurements, and the measured 
value is divided by the square root of the bandwidth S if 
data is to be expressed per unit bandwidth or per root Hertz. 
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The level of Op is not constant over the frequency band; 
typically it increases at lower frequencies as shown in Figure 
2. This increase is 1/f NOISE. 




10 100 1.0k 10k 

FREQUENCY (Hz) 

00741402 

FIGURE 2. Noise Voltage and Current for an Op Amp 

NOISE CURRENT, ip, or more properly, EQUIVALENT 
OPEN-CIRCUIT RMS NOISE CURRENT is that noise which 
occurs apparently at the input of the noiseless amplifier due 
only to noise currents. It is expressed in picoamps per root 
Hertz pA/n/Rz at a specified frequency or in nanoamps in a 
given frequency band. It is measured by shunting a capacitor 
or resistor across the input terminals such that the noise 
current will give rise to an additional noise voltage which is ip 
X R,p (or Xcp). The output is measured, divided by amplifier 
gain, r^erenced to input, and that contribution known to be 
due to Op and resistor noise is appropriately subtracted from 
the total measured noise, if a capacitor is used at the input, 
there is only ep and ip Xcn- The ip is measured with a 
bandpass filter and converted to 

pA>/Hz 


If appropriate; typically it increases at lower frequencies for 
op amps and bipolar transistors, but increases at higher 
frequencies for field-effect transistors. 

NOISE FIGURE, NF is the logarithm of the ratio of input 
signal-to-noise and output signal-to-noise. 


NF = 10 Log 


(S/N),n 

(S/N)out 


where: S and N are power or (voltage)^ levels 


( 1 ) 
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This is measured by determining the S/N at the input with no 
amplifier present, and then dividing by the measured S/N at 
the output with signal source present. 

The values of Rgen and any Xgen as well as frequency must 
be known to properly express NF in meaningful terms. This 
is because the amplifier in x Zgen as well as Rgen itself 
produces input noise. The signal source in Figure 1 contains 
some noise. However es.g is generally considered to be 
noise free and input noise is present as the THERMAL 
NOISE of the resistive component of the signal generator 
impedance Rgen- This thermal noise is WHITE in nature as it 
contains constant NOISE POWER DENSITY pei^unit band¬ 
width. It IS easily seen_from Equation 2 that the ep^ has the 
units V^/Hz and that (e^) has the units V/v/Rz 

ep 2 = 4kTRB (2) 

where: T is the temperature in °K 
R IS resistor value in Q 
B IS bandwidth in Hz 
k IS Boltzman’s constant 

Relation Between e^, NF 

Now we can examine the relationship between ep and ip at 
the amplifier input. When the signal sourcejs connected, the 
en appears in series with the eg.g and ep. The ip flows 
through Rgen thus producing another noise voltage of value 
in x Rgen- This noise voltage is clearly dependent upon the 
value of Rgen- All of these noise voltages add at the input in 
rms fashion; that is, as the square root of the sum of the 
squares. Thus, neglecting possible correlation between en 
and in, the total input noise is 

+ + 'n^ Rgen^ (3) 

Further_examination of the NF equation shows the relation¬ 
ship of e^i, in, and NF. 


NF = 10 log 


Sin X Nput 
Sout ^ 


= 10 log 


3in Qp 

3in Gp epj2 


where: Gp = power gam 


Calculating Total Noise, 

We can generate a plot of On for various values of Rgen if 
noise voltage and current are known vs frequency. Such a 
graph is shown in Figure 3 drawn from Figure 2. To make this 
plot, the thermal noise ep of the input resistance must be 
calculated from Equation 2 or taken from the graph of Figure 
4. Remember that each term in Equation 3 must be squared 
prior to addition, so the data from Figure 4 and from Figure 2 
IS squared. A sample of this calculation follows: 



10 100 1.0k 10k 

FREQUENCY (Hz) 

00741403 


FIGURE 3. Total Noise for the Op Amp of Figure 2 



100 1.0k 10k 100k 1 OM 10M 100M 


R (OHMS) 

00741404 


= 10 log 


e^ 


= 10 log 

eR 2 


©R^ in^ ^gen^ 


FIGURE 4. Thermal Noise of Resistor 

Example 1: Determine total equivalent input noise per unit 
bandwidth for an amplifier operating at 1 kHz from a source 
resistance of 10 kQ. Use the data from Figures 2, 4. 

1. Read ep from Figure 4 at 10 kQ; the value is 


V eR 2 / 

( 4 ) 

Thus, for small Rg^n, noise voltage dominates; and for large 
Rgen. ^o'©© ©urrent becomes important. A clear advantage 
accrues to FET input amplifiers, especially at high values of 
Rgen, as the FET has essentially zero ip. Note, that for an NF 
value to have meaning, it must be accompanied by a value 
foi' Rgen ©s Well as frequency. 


12.7nV/VHz. 


2. Read ep from Figure 2 at 1 kHz; the value is 


9.5 nV/VRz. 
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Calculating Total Noise, (Continued) 

3. Read from Figure 2 at 1 kHz; the value is 
Multiply by 10 kQ to obtain 

0.68 pA/ViHz. 

6.8 nVA/Hz. 

4. Square each term individually, and enter into Equation 3. 

©N “ + eR2 + j^2 RgQp2 

= ^ 9.52 + 122 + 6.82 = 

ON = 17.4nV/ViHz 


6. Sum all entires in the last column, and finally take the 
square root of this sum for the total rms noise in the 50 
Hz-10,000 Hz band. 

7. Total Op is 1.62 pV in the 50 Hz-10,000 Hz band. 

Calculating S/N and NF 

Signal-to-noise ratio can be easily calculated from known 
signal levels once total rms noise in the band is determined. 
Example 3 shows this rather simple calculation from Equa¬ 
tion 6 for the data of Example 2. 

®siq 

S/N = 20 log-^ 

©N 

( 6 ) 

Example 3: Determine S/N for an rms es,g = 4 mV at the 
input to the amplifier operated in Example 2. 

1. RMS signal is es,g = 4 mV 

2. RMS noise from Example 2 is 1.62 pV 

3. Calculate S/N from Equation 6 


This IS total rms noise at the input in one Hertz bandwidth at 
1 kHz. If total noise in a given bandwidth is desired, one must 
integrate the noise over a bandwidth as specified. This is 
most easily done in a noise measurement set-up, but may be 
approximated as follows: 

1. If the frequency range of interest is in the flat band; i e., 
between 1 kHz and ^[0 kHz in Figure 2, it is simply a 
matter of multiplying On by the square root of the band¬ 
width. Then, in the 1 kHz-10 kHz band, total noise is 

eN = 17.4v/9000 
= 1.65 jLiV 

2. If the frequency band of interest is not in the flat band of 
Figure 2, one must break the band into sections, calcu¬ 
lating average noise in each section, squaring, multiply¬ 
ing by section bandwidth, summing all sections, and fi¬ 
nally taking square root of the sum as follows: 

®N = + 

( 5 ) 

where: i is the total number of sub-blocks. 

For most purposes a sub-block may be one or two octaves. 
Example 2 details such a calculation. 

Example 2: Determine the rms noise level in the frequency 
band 50 Hz to 10 kHz for the amplifier of Figure 2 operating 
from Rgen_= 2k. 

1. Read Cr from Figure 4 at 2k, square the value, and 
multiply by the entire bandwidth. Easiest way is to con¬ 
struct a table as shown on the next page. 

2. Read the median value of in a relatively small fre¬ 
quency band, say 50 Hz-100 Hz, from Figure 2, square it 
and enter into the table. 

3. Read the median value of In in the 50 Hz-100 Hz band 
from Figure 2, multiply by Rgen = 2k, square the result 
and enter in the table. 

4. Sum the squared results from steps 2 and 3, multiply the 
sum by Af = 100-50 = 50 Hz, and enter in the table. 

5. Repeat steps 2-4 for band sections of 100 Hz-300 Hz, 
300 Hz-1000 Hz and 1 kHz-10 kHz. Enter results in the 
table. 


S/N = 20 log 


4 mV 
1.62 jaV 


= 20 log (2.47 x 10^) 

= 20 (log 10^ + log 2.47) 

= 20 (3 -h 0.393) 

S/N = 68 dB 

It is also possible to plot NF vs frequency at various Rgen for 
any given plot of On and ip. However there is no specific 
all-purpose conversion plot relating NF, ep, ip, Rgen and f. If 
either ep or ip is neglected, a reference chart can be con¬ 
structed. Figure 5 is such a plot when only Op is considered. 
It is useful for most op amps when Rgen is less than about 
200Q and for FETs at any Rgen (because there is no signifi¬ 
cant ip for FETs), however actual NF for op amps with Rgep > 
200n is higher than indicated on the chajl. The graph of 
Figure 5 can be_used to find spot NF if Sp and Rgen are 
known, or to find Op if NF and Rgen are known. It can also be 
used to find max Rgen allowed for a given max NF when ep 
is known. In any case, values are only valid if ip is nejiigible 
and at the specific frequency of interest for NF and Sp, and 
for 1 Hz bandwidth. If bandwidth increases, the plot is valid 
so long as ep is multiplied by ^ 



10 100 1.0k 10k 100k 1.0M 10M 

Rgen (OHMS) 

00741405 


FIGURE 5^ Spot NF vs Rgen when Considering OnlyOn 
and ep (not valid when ip Rgen is significant) 
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The Noise Figure Myth 

Noise figure is easy to calculate because the signal level 
need not be specified (note that eg.g drops out of Equation 4) 
Because NF is so easy to handle in calculations, many 
designers tend to lose sight of the fact that signal-to-noise 
ratio (S/N)out is what is important in the final analysis, be it an 
audio, video, or digital data system One can, in fact, choose 
a high Rg^n to reduce NF to near zero if in is very small, jn 
this case ep is the major source of noise, overshadowing 
completely. The result is very low NF, but very low S/N as 
well because of very high noise. Don’t be fooled into believ¬ 
ing that low NF means low noise per se' 

Another term is worth considering, that is optimum source 
resistance Rqpt This is a value of Rgen which produces the 
lowest NF in a given system. It is calculated as 


TABLE 1. Noise Calculations for Example 2 


B(Hz) 

Af (Hz) 

ep2 (nV/Hz) 

-f in2 Rgen^ 



SUM X Af 

= (nV2) 

50-100 

50 

(20)2 = 400 

(8.7 X 2.0k)2 

= 

302 

702* X 50 

35,000 

100-300 

200 

(13)2 ^ 

(8 X 2.0k)2 

= 

256 

425 X 200 

85,000 

300-1000 

700 

( 10)2 = 100 

(7 X 2.0k)2 

= 

196 

296 X 700 

207,000 

I.Ok-lOk 

9000 

11 

00 

( 6 x 2 0 k )2 


144 

225 X 9000 

2 , 020,000 

50-10,000 

9950 

ep2 = (5.3)2 ^ 28 




28 X 9950 

279,000 

Total On = V2,626,000 

= 1620 nV = 1.62 pV 







Rqpt = 7 - 

•n 

(7) 

This has been arrived at by differentiating Equation 4 with 
respect to Rgen and equating it to zero (see Appendix). Note 
that this does not mean lowest noise. 

For example, using Figure 2 to calculate Rqpt at say 600 Hz, 


10nV _ 

Rqpt “-— 1 4 kn 

' 0 7 pA 


‘The units are as follows (20 nV/NHz)2 = 400 {nV)2/Hz 
(8 7 pAAHz X 2.0 kn)2 = (174 nA/VHzj2 = 302 (nV)2/Hz 
Sum = 702 (nV)2/Hz x 50 Hz = 35,000 (nV)2 

Then note in Figure 3, that eN is in_the neighborhood of 
20 nV/Vidz for Rgen of 14k, while eN = 10 nV/^Hz for 
Rgen = 0-1OOQ. STOP' Do not pass GO. Do not be fooled. 
Using Rgen = Rqpt does not guarantee lowest noise UN¬ 
LESS es,g^ = kRgen as in the case of transformer coupling. 
When esig^ > kRgen, as is the case where signal level is 
proportional to Rgen (©sig = kRgen), 't makes sense to use the 
highest practical value of Rgen- When es.g^ < kRgen, makes 
sense to use a value of Rgen < Rqpt- These conclusions are 
verified in the Appendix. 

This all means that it does not make sense to tamper with 
the Rgen of existing signal sources in an attempt to make 
Rgen = Rqpt- Especially, do not add series resistance to a 
source for this purpose. It does make sense to adjust Rgen in 
transformer coupled circuits by manipulating turns ratio or to 
design Rgen of a magnetic pick-up to operate with pre-amps 
where Rqpt 's known. It does make sense to increase the 
design resistance of signal sources to match or exceed Rqpt 
so long as the signal voltage increases with Rgen m at least 
the ratio es,g^ <5‘’C Rgen- It does not necessarily make 
sense to select an amplifier with Rqpt to match Rgen be¬ 
cause one amplifier operating at Rgen = Rqpt may produce 
lower S/N than another (quieter) amplifier operating with 
Rgen RqpT- 

With some amplifiers it is possible to adjust Rqpt over a 
limited range by adjusting the first stage operating current 
(the National LM121 and LM381 for example). With these, 
one might increase operating current, varying Rqpt, fo find a 
condition of minimujm S/N. Increasing input stage current 
decreases Rqpt Sp is decreased and ip is simultaneously 
increased. 

Let us consider one additional case of a fairly complex 
nature just as a practical example which will point up some 
factors often overlooked. 


Example 4: Determine the S/N apparent to the ear of the 
amplifier of Figure 2 operating over 50-12,800 Hz when 
driven by a phonograph cartridge exhibiting Rg^n = 1350Q, 
Lgen = 0-5H, and average 63,9 = 4.0 mVrms. The cartridge is 
to be loaded by 47k as in Figure 7. This is equivalent to using 
a Shure VI5, Type 3 for average level recorded music. 

1. Choose sectional bandwidths of 1 octave each, listed in 
the following table. 

2. Read e^ from Figure 2 as average for each octave and 
enter in the table. 

3. Read ip from Figure 2 as average for each octave and 
enter in the table. 

4. Read ip for the Rggp = 1350Q from Figure 4 and enter in 
the table. 

5. Determine the values of Zgep at the midpoint of each 
octave and enter in the table. 

6 . Determine the amount of ip which reaches the amplifier 
input; this is 

- R1 
R1 + Zgen 

7. Read the noise contribution 647 ^ of R1 = 47k from 
Figure 4. 

8 . Determine the amount of e 47 K which reaches the ampli¬ 
fier input; this is 

^gen 

R1 + Zgen 
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The Noise Figure Myth (Continued) 



FREQUENCY (Hz) 


00741407 


FIGURE 6. Relative Gain for RiAA, 
ASA Weighting A, and H-F Boost Curves 



00741406 


FIGURE 7. Phono Preamp Noise Sources 


9. Determine the effective noise contributed by flowing 
through the parallel combination of R1 and Zgen- This is 

Zgen 


10. Square all noise voltage values resulting from steps 2, 
6, 8 and 9; and sum the squares. 

11. Determine the relative gain at the midpoint of each 
octave from the RIAA playback response curve of 
Figure 6. 

12. Determine the relative gain at these same midpoints 
from the A weighted response curve of Figure 6 for 
sound level meters (this roughly accounts for variations 
in human hearing). 


13. Assume a tone control high frequency boost of 10 dB at 
10 kHz from Figure 6. Again determine relative re¬ 
sponse of octave midpoints. 

14. Multiply all relative gam values of steps 11-13 and 
square the result. 

15. Multiply the sum of the squared values from step 10 by 
the resultant relative gain of step 14 and by the band¬ 
width in each octave. 

16. Sum all the values resultant from step 15, and find the 
square root of the sum. This is the total audible rms 
noise apparent in the band. 

17. Divide egig = 4 mV by the total noise to find S/N = 
69.4 dB. 
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Steps for Example 


1 

Frequency Band (Hz) 

50-100 

100-200 


Bandwidth, B (Hz) 

50 

100 


Bandcenter, f (Hz) 

75 

150 

5 

Zgen at f (£2) 

1355 

1425 


Zgen R1 (il) 

1300 

1360 


Zgen(R^ Zgen) 

0.028 

0.030 


R1/(R1 + Zgen) 

0.97 

0.97 

11 

RIAA Oain, Apiyc^^ 

5.6 

3.1 

12 

Corr for Hearing, A^ 

0.08 

0.18 

13 

H-F Boost, Aboost 

1 

1 

14 

Product of Gains, A 

0.45 

0.55 


A 2 

0.204 

0.304 

4 

ep (nV/£/Hz) 

4.74 

4.74 

7 

i 47 k(nV/VHi) 

29 

29 

3 

in (pA/M) 

0.85 

0.80 

2 

in (nVA/Hi) 

19 

14 

9 

®1 — in (Zgen Rt ) 

1.1 

1.09 

6 

ig = ep, R1/(R1 + Zgen) 

4.35 

4.35 

8 

63 = ®47k Zger/(R'I + Zgen) 

0.81 

0.87 

10 


360 

195 


1,2 (from I„) 

1 21 

1.2 


(from Br) 

19 

19 


63 ^ (from i 47 k) 

0.65 

0.76 


le„^ (nV^/Hz) 

381 

216 

15 

BA2 (Hz) 

10.2 

30.4 


BA^Xe^ (nV^) 

3880 

6550 

16 

X(in,^ + i + 53 ") B,A,2 = 

= 1,815,930 nV^ 


eN = Vs = 1.337 ftV 



17 

S/N = 20 log (4.0 mV/1.337 pV) 

= 69.4 dB 


Note the significant contributions of in and the 47k resistor, 
especially at high frequencies. Note also that there will be a 
difference between calculated noise and that noise mea¬ 
sured on broadband meters because of the A curve em¬ 
ployed in the example. If it were not for the A curve attenu¬ 
ation at low frequencies, the ep would add a very important 
contribution below 200 Hz. This would be due to the RIAA 
boost at low frequency. As it stands, 97% of the 1.35 pV 
would occur in the 800-12.8 kHz band alone, principally 
because of the high frequency boost and the A measurement 
curve. If the measurement were made without either the high 
frequency boost or the A curve, the would be 1.25 pV. In 
this case, 76% of the total noise would arise in the 50 
Hz-400 Hz band alone. If the A cun^ were used, but the 
high-frequency boost were deleted, ep would be 0.91 pV; 
and 94% would arise in the 800-12,800 Hz band alone. 
The three different methods of measuring would only pro¬ 
duce a difference of +3.5 dB in overall S/N, however the 
prime sources of the largest part of the noise and the fre¬ 
quency character of the noise can vary greatly with the test 
or measurement conditions. It is, then, quite important to 
know the method of measurement in order to know which 
individual noise sources in Figure /must be reduced in order 
to significantly improve S/N. 


200-400 

400-800 

800-1600 

1.6-3.2k 

3.2-6.4k 

6.4-12.8k 

200 

400 

800 

1600 

3200 

6400 

300 

600 

1200 

2400 

4800 

9600 

1665 

2400 

4220 

8100 

16k 

32k 

1600 

2270 

3900 

6900 

11 9k 

19k 

0.034 

0.485 

0.082 

0.145 

0.255 

0.400 

0.97 

0.95 

0.92 

0.86 

0.74 

0.60 

2.0 

1.4 

1 

0.7 

0.45 

0.316 

0.45 

0.80 

1 

1.26 

1 

0.5 

1 

1 

1.12 

1.46 

23 

3.1 

0.9 

1.12 

1.12 

1.28 

1.03 

0.49 

0.81 

1.26 

1.26 

1.65 

1.06 

0.241 

4.74 

4.74 

4.74 

4.74 

4.74 

4.74 

29 

29 

29 

29 

29 

29 

0.77 

0.72 

0.65 

0.62 

0.60 

0.60 

11 

10 

9.5 

9 

9 

9 

1.23 

1.63 

2.55 

4.3 

7.1 

11.4 

4.35 

4.25 

4.15 

3.86 

3.33 

2.7 

0.98 

1.4 

2.4 

4.2 

7.4 

11.6 

121 

100 

90 

81 

81 

81 

1.5 

2.65 

6.5 

18.5 

50 

150 

19 

18 

17 

15 

11 

7.2 

0.96 

2 

5.8 

18 

55 

135 

142 

122 

120 

133 

147 

373 

162 

504 

1010 

2640 

3400 

1550 

23000 

61500 

121000 

350000 

670000 

580000 


Conclusions 

The main points in selecting low noise preamplifiers are: 

1 Don’t pad the signal source; live with the existing Rgen- 

2. Select on the basis of low values of ip and especially ip if 
Rgen's over about a thousand Q. 

3. Don’t select on the basis of NF or Rqpt in most cases. NF 
specs are all right so long as you know precisely how to 
use them and so long as they are valid over the frequency 
band for the Rgen or Zgen with which you must work. 

4. Be sure to (root) sum all the noise sources Sp, ip and ep 
in your system over appropriate bandwidth. 

5. The higher frequencies are often the most important un¬ 
less there is low frequency boost or high frequency at¬ 
tenuation in the system. 

6 . Don’t forget the filtering effect of the human ear in audio 
systems. Know the eventual frequency emphasis or filter¬ 
ing to be employed. 


2-71 


WWW national com 


AN-104 




AN-104 


Appendix I 

Derivation of Ropt^ 

eR2 + en2 + In2 Rgen^ 

NF =10 log-=- - — 

CrZ 




SNF 0.435 4 kTRB (2R i;;2) - (e;;;2 + R2)4 kTB 


SR (4 kTRB)2 1 + (e;;2 + i;;! R2)/4 kTRB 

where: R = Rgen 

Set this = 0, and 

4 kTRB(2R i^) = 4 kTB R2) 


2 R2 = + ijjji R2 

i;;2R2 = i;;2 


R2 = 


n - 

Ropt - T- 

•n 

Appendix il 

Selecting Rg^n for highest S/N. 

B(eR2 + en2 + in2 R2) 

For S/N to increase with R, 


SS/N 

> 0 

8R 

SS/N 

20sig (^Osig^(®R2 "1" 0^2 + 1^2 R2) — Csjg^ (4 kT + 2 in2R) 

SR 

B(e^ + ^ + i;;2 R2)2 

If we set > 0, then 

2 (Sfisig/8 R) (eR2 + e„2 + in2 R2) > esig (4 kT + 2 in2 R) 

For Ogig — k-j \/R, Scsig/SR — 2 ^ 


(2 k1/2^/R) (eR2 + en2 + In2 R2) > ki^R (4 kT + 2 in2 R) 


e^ + + ifji R2 > 4 kTR + 2 ij^2 R2 


e;;2>i;;2R2 


R < en/in 
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Appendix II (Continued) 

Therefore S/N increases with Rgen so long as Rgen ^ Rqpt 
F or es,g = ki R, 8 e 3 ,g/ 5 R = 

2 ki (Or ^ + 6^2 + in^ R^) > kiR (4 kT + 2 R) 

2 ep^ + 2 en^ + 2 R^ > 4 kTR + 2 R^ 

Or^ + 2 e,^^ > 0 

Then S/N increases with Rgen for any amplifier. 

For any eg.g an optimum Rgen may be determined. Take, for example, 
(0.8 ki/R° ®) (Or^ + en^ + 1^2 r2 ) > ki RO 4 (4 kT + 2 in^ R) 

0.8 + 0.8 en^ + 0.8 in^ R^ > 4 kTR + 2 in^ R^ 

0.8 en^ > 02 Gr^h- 1.2 in^ R^ 

Then S/N increases with Rgen until 
0 25 Gr^ + 1.5 in^ R2 = i ^2 
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New Op Amp Ideas 


Abstract 

An op amp and voltage reference capable of single supply 
operation down to 1.1V is introduced. Performance Is un¬ 
compromised and compares favorably with standard, 
state-of-the-art devices. In a departure from conventional 
approaches, the circuit can operate in a floating mode, pow¬ 
ered by residual voltages, independent of fixed supplies. A 
brief description of the 1C design is given, but emphasis is on 
applications. Examples are given for a variety of remote 
comparators and two-wire transmitters for analog signals. 
Regulator designs with outputs ranging from a fraction of a 
volt to several hundred volts are discussed, in general, 
greater precision is possible than with existing ICs. Designs 
for portable instruments are also looked into. These applica¬ 
tions serve to emphasize the flexibility of the new part and 
can only be considered a starting point for new designs. 

Introduction 

Integrated circuit operational amplifiers have reached a cer¬ 
tain maturity in that there no longer seems to be a pressing 
demand for better performance. Devices are available at low 
cost for all but the most exacting needs. Of course, there is 
always room for improvement, but even substantial changes 
in specifications cannot be expected to cause much excite¬ 
ment. 

A new approach to op amp design and application has been 
taken here. First, the amplifier has been equipped to function 
in a floating mode, independent of fixed supplies. This, how¬ 
ever, in no way restricts conventional operation. Second, it 
has been combined with a voltage reference, since these 
two functions are often interlocked in equipment design. 
Third, the minimum operating voltage has been reduced to 
nearly one volt. It will be seen that these features open broad 
new areas of application. 
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FIGURE 1. Functional diagram of the new 1C 

Afunctional diagram of the new device is shown in Figure 1. 
Even though a voltage reference and a reference amplifier 
have been added, it can still be supplied in an eight-pin TO-5 
or mini-DIP. The pin connections for the op amp are the 
same as the industry standards. And offset balancing that 
tends to minimize drift has been provided. Both the op amp 
and the reference amplifier are internally compensated for 
unity-gain feedback. 

Table 1 shows that, except for bias current, the general 
specifications are much as good as the popular LM108. But 
the new circuit has a common mode range that includes V" 
and the output swings within 50 mV of the supplies with 
50 pA load, or within 0.4V with 20 mA load. These param¬ 
eters are specified in Table 1 as the conditions under which 
gain and common-mode rejection are measured. Table 2 
indicates that the reference compares favorably with the 
better ICs on the market today. 


TABLE 1. Typical Performance of the 
Operational Amplifier at 25°C 


Parameter 

Conditions 

Value 

Input Offset Voltage 


0.3 mV 

Offset Voltage Drift 

-55“C<Ta< 125°C 

2 pV/°C 

Input Offset Current 


0.25 nA 

Offset Current Drift 

-55“C<Ta< 125“C 

2 pA/°C 

Input Bias Current 


10 nA 

Bias Current Drift 

-55“C<Ta< 125°C 

40 pA/“C 

Common-Mode 

V- < VcM ^ V-^ -.85V 

102 dB 

Rejection 

Supply-Voltage 

1.2V <Vs< 40V 

96 dB 

Rejection 

Unloaded 

Vs = ±20V, 

400V/mV 

Voltage Gain 

Vo = ± 19.95 V, 
lo ^ 50 pA 


Loaded 

Vs = ±20V, 

130V/mV 

Voltage Gain 

Vo = ±19.6V, 

Rl = 980a 
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TABLE 1. Typical Performance of the 
Operational Amplifier at 25°C (Continued) 


Parameter 

Conditions 

Value 

Unity-Gain 

1.2V <Vs< 40V 

0.3 MHz 

Bandwidth 

Slew Rate 

1.2V < Vs < 40V 

0.15V/PS 

TABLE 2. 

Typical Performance of the 
Reference at 25°C 

Parameter 

Conditions 

Value 

Line Regulation 

1.2V < Vs < 40V 

0.001 %A/ 

Load Regulation 

0 < Iq ^ 1 mA 

0.01% 

Feedback Sense 


200 mV 

Voltage 

Temperature Drift 

-55°C < Ta < 125°C 

0.002%rC 

Feedback Bias 


20 nA 

Current 

Amplifier Gain 

0.2V < Vo < 35V 

75V/mV 

Total Supply 

12.V < Vs < 40V 

270 pA 

Current 


Since worst-case internal dissipation can easily exceed 1W better protected than conventional op amps with lesser out- 

under overload conditions, thermal overload protection is put capabilities 

included. Thus at higher ambient temperatures, this circuit is 
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FIGURE 2. Essential details of the Op Amp 


f 





Figure 2 and Figure 5 are simplified schematics of the op 
amp, the reference and the internal current regulator. A 
complete circuit description is a subject in itself and is cov¬ 
ered in detail elsewhere [1]. However, a brief run through the 
circuit IS in order to give some understanding of the details 
that affect application 

The Op Amp 

Referring to Figure 2, lateral PNPs are used for the op amp 
input because this was the only reasonable way to get V“ 
included in the common-mode range while meeting the 
minimum-voltage requirement. These transistors typically 
have hpE> 100 at Ic = 1 pA and appear to match better than 
their NPN counterparts. Current gam is less affected by 
temperature, resulting in a fairly flat bias current over tem¬ 
perature {Figure 3). At elevated temperature the sharp de¬ 
crease in bias current for Vqm > is caused by the same 
substrate leakage that affects bi-FET op amps. 

Protective resistors have been included in the input leads so 
that current does not become excessive when the inputs are 
forced below the negative supply, forward biasing the base 
tubs of the lateral PNPs. 

Offset nulling is accomplished by connecting the balance 
terminal to a variable voltage derived from the reference 
output, as shown in Figure 4. Both the input stage collector 
voltage and the reference are well regulated and have a low 
temperature drift. The resistance of the adjustment potenti¬ 
ometer can be made very much lower than the resistance 
looking back into the balance pin. Therefore, no matching of 
temperature coefficients is required and offset nulling will 
tend to produce a minimum-drift condition. 

With 200 mV on the balance control, the balance range is 
asymmetrical. Standard parts are trimmed to bring them into 
the -1 mV to 8 mV adjustment range. Null sensitivity can be 
reduced for low-offset premium parts by adding a resistor on 
the top end of R1. 

Proceeding through the circuit, the input stage is buffered by 
vertical PNP followers, Q3 and Q4. From here, the differen¬ 
tial signal is converted to single ended and fed to the base of 
the second stage amplifier, Q7. 

This configuration is not inherently balanced in that the 
emitter-base voltage of the PNP transistors is required to 
match that of the NPNs. The final design includes circuitry to 
correct for the expected variations. 
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FIGURE 3. Variation of input current with temperature 


From the collector of Q7, the signal splits, driving separate 
halves of the complementary class-B output stage The NPN 
output transistor, Q25, is driven through Q13 and Q14 



FIGURE 4. Op Amp offset adjustment 

This complementary emitter follower arrangement provides 
the necessary current gain without requiring the extra bias 
voltage of the Darlington connection. 

Base drive for the NPN output transistor is initially supplied 
by Q12, but a boost circuit has also been added to increase 
the available drive as a function of load current. This is 
accomplished by Q24 in conjunction with a current inverter. 
Drive for the PNP half of the output is somewhat more 
complicated. Again, a compound buffer, Q15 and Q16, is 
used, although to maintain circuit balance rather than for 
current gain. The signal proceeds through two inverters, Q17 
and Q19, to obtain the correct phase relationship and DC 
level shift before it is fed to the PNP output transistor, Q28. 
This path has three common-emitter stages and, potentially, 
much higher gam than the NPN side. The gain is equalized, 
however, by the shunting action of Q18-R19 and Q21-R22 
as well as negative feedback through Q23. 

When the output PNP saturates, Q20 serves to limit its base 
overdrive with a feedback path to the base of Q17. As will be 
seen, Q20 is also important to floating-mode operation in 
that it disables the PNP drive circuitry when the op-amp 
output is shorted to 

The Reference 

A simplified version of the reference circuitry and internal 
current regulator is shown in Figure 5. The design of the 
band-gap reference is unconventional both in its configura¬ 
tion and because it compensates for the second-order non- 
linearities in the emitter-base voltage as well as those intro¬ 
duced by resistor drift. Thus, the bowed characteristic of 
conventional designs is eliminated, with better temperature 
stability resulting. 

The reference element iself is formed by Q40 and Q41, with 
the output on the emitter of Q41 The Vbe component of the 
output is developed across R30, while the AVbe component 
IS obtained by operating Q41 at a much lower current density 
than Q40. The output is made less sensitive to variations in 
biasing current by the action of R29. Curvature correction 
results from the different temperature coefficients of bias 
current for the two transistors. 

The 200 mV reference voltage is fed to both the reference 
amplifier and the internal current regulator. The reference 
amplifier design is straight-forward, consisting of two stages 
with an emitter follower output. Unlike the op amp, the output 
can only swing within 0.8V of the positive supply. This should 
be kept in mind when designing low-voltage circuitry. 
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FIGURE 5. Simplified Schematic of the Reference and Internal Current Regulator 



The Reference (Continued) 

A minimal sink current (~20 pA) is supplied by Q34. And 
since the reference is not included in the thermal protection 
control loop, conventional current limit is included on the final 
circuit to limit maximum output current to about 3 mA. 

The current regulator is also relatively uncomplicated. A 
control loop drives the current source bias bus so that the 
output of one current source (Q51) is proportional to the 
reference voltage. The remaining current sources are slaved 
into regulation by virtue of matching. 

The remaining circuitry generates a trickle current for 
start-up and biases internal circuitry. 

An analysis of the complete circuit would serve only to bring 
into focus a multitude of detail such as second-order DC 
compensation terms, minor-loop frequency stabilization, 
clamps, overload protection, etc. Although necessary, these 
particulars tend to obscure the principles being put forward. 
So, having gained some insight into circuit operation, it is 
appropriate to proceed to some of the novel applications 
made possible with this new IC. 

Floating Comparators 

The light-level detector in Figure 6 illustrates floating-mode 
operation of the IC. Shorting the op-amp outut to V'^ disables 
the PNP half of the class-B output stage, as mentioned 
earlier. Thus, with a positive input signal, neither half of the 
output conducts and the current between the supply termi¬ 
nals is equal to the quiescent supply current. With negative 
input signals, the NPN portion of the output begins to turn on, 
reaching the short circuit current for a few hundred micro¬ 
volts overdrive. This is shown in Figure 7. 

Figure / also shows the terminal characteristics for the case 
where the output is shorted to V " so that only the PNP side 
can be activated. This mode of operation has not been so 
thoroughly investigated, but it gives a slightly lower ON 
voltage at moderate currents and the gain is generally higher 
below 70°C. With ON currents less than about 1 mA, the 
terminal voltage drops low enough to disrupt the internal 
regulators and the reference, producing some hysteresis. 
Further, there is a tendency to oscillate over about a 50 pV 
range of input voltage in the linear region of comparator 
operation. 

The above is not intended to preclude operation with the 
output connected to V“, if there is a good reason for doing 
so. It IS meant only to draw attention to the problems that 
might be encountered. 

In Figure 6, the internal reference supplies the bias that 
determines the transition threshold. At crossover, the voltage 
across the photodiode is equal to the offset voltage of the op 
amp, so leakage is negligible. The circuit can directly drive 
such loads as logic circuits or silicon controlled rectifiers. The 
IC can be located remotely with the sensor, with the output 
transmitted along a twisted-pair line. Alternatively, a common 
ground can be used if there is sufficient noise immunity; and 
the signal can be transmitted on a single line. 

It should be remembered that this particular design is fully 
compensated as a feedback amplifier. As such it is not 
particularly fast in comparator applications. With low-level 


signals, delays a few hundred microseconds can be ex¬ 
pected; and once in the linear region, the maximum change 
of terminal voltage is 0.15/ps. This is illustrated in the plots of 
Figure 8 and Figure 9. In general, high accuracy cannot be 
obtained with switch frequencies above 100 Hz. 

Hysteresis can be provided as shown in Figure 6 by feed¬ 
back to the balance terminal. About 1 mV of hysteresis is 
obtained for a 5V output swing. However, this disappears 
near 10 Hz operating frequency because of gain loss. 
Figure 10 shows a flame detector that can drive digital 
circuitry directly. The platinum-rhodium thermocouple gives 
an 8 mV output at 800°C. This threshold is established by 
connecting the balance pin to the reference output 

Linear Operation 

The IC can also operate linearly in the floating mode. The 
simplest examples of this are the shunt voltage regulator in 
Figure 11 and the current regulator in Figure 12. The voltage 
regulator is straightforward, but the current regulator is a bit 
unusual in that the supply current of the IC flows through the 
sense resistor and does not affect accuracy as long as it is 
less than the desired output current. 

It is also possible to use remote amplifiers with two-wire 
signal transmission, as was done with the comparators. 
Remote sensors can be particularly troublesome when 
low-level analog signals are involved. Transmission prob¬ 
lems include induced noise, ground currents, shunting from 
cable capacitance, resistance drops and thermoelectric po¬ 
tentials. These problems can be largely eliminated by ampli¬ 
fying the signal at the source and altering impedances to 
levels more suitable for transmission. 

Figure 13 is an example of a remote amplifier. It boosts the 
output of a high-impedance crystal transducer and provides 
a low impedance output. No extra wires are needed because 
DC power is fed in on the signal line. 

Figure 14 is a remote signal conditioner that operates in the 
current mode. A modification of the current source in Figure 
12, it delivers an output current inversely proportional to 
sensor resistance. The output can be transmitted over a 
twisted pair for maximum noise immunity or over a single line 
with common ground if the signal is slow enough that suffi¬ 
cient noise bypass can be put on the line. 

A current-mode signal conditioner for a thermocouple is 
shown in Figure 15. A thermocouple is in reality a 
two-junction affair that measures temperature differential. 
Absolute temperature measurements are made by control¬ 
ling the temperature of one junction, usually by immersing it 
in an ice bath. This complication can be avoided with 
cold-junction compensation, which is an absolute thermom¬ 
eter that measures cold-junction temperature and corrects 
for any deviation from the calibration temperature. 

In Figure 15, the IC temperature sensor (SI) generates an 
output proportional to absolute temperature. This current 
flows through R2, which is chosen so that its voltage drop 
has the same temperature coefficient as the thermocouple. 
Thus, changes in cold-junction temperature will not affect 
calibration as long as it is at the same temperature as SI. 
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*provides hysteresis 


FIGURE 6. Two Terminal Light-Level Detector with 
Hysteresis 
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FIGURE 8. Comparator Response Times for Various 
Input Overdrives 
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FIGURE 7. Terminal Characteristics Above and Below 
Threshold 


FIGURE 9. Comparator Response Times for Various 
Input Overdrives 



FIGURE 10. Flame Detector 
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FIGURE 14. Two-Wire Transmitter for 
Variable-resistance Sensor 


FIGURE 11. Shunt Voltage Regulator 



(R2 + R3)Vref 
'out --- 


FIGURE 12. Current Regulator 

R2 



FIGURE 13. Remote Amplifier 



200°C < Tp < 700°C 
1 mA < Iqut ^ 5 mA 
tgain trim 

FIGURE 15. Current Transmitter for Thermocoupie 
Including Cold Junction Compensation 

In addition to powering SI, the reference is used to generate 
an offset voltage such that the output current is within oper¬ 
ating limits for temperatures of interest. It is important that 
the reference be stable because drift will show up as signal. 
The indicated output-current range was chosen because it is 
one of the standards for two-wire transmission. With the new 
1C, the dynamic range can be increased by a factor of five in 
some cases (0.8 mA-20 mA) because the supply current is 
low. This could be used to advantage with a unidirectional 
signal where zero must be preserved: the less the offset 
required to put zero on scale, the less the offset-drift error. 
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Linear Operation (Continued) 

The circuit in Figure 16 \s the same thermocouple amplifier 
operating in the voltage mode. The output voltage range was 
chosen arbitrarily in that there are no set standards for 
voltage-mode transmission. 

The choice between voltage- and current-mode operation 
will depend on the peculiarities of the application, although 
current mode seems to be favored overall. If there is suffi¬ 
cient supply voltage, the dynamic range of both approaches 
is about equal, provided the transmitter is capable of working 
at both low voltage and current. This situation could be 
modified by the voltage and current requirements of the 
sensor or conditioning circuitry. 



120 

1 % 
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4V < Vqut ^ 20V 
200°C < Tp < 700°C 
tspan trim 
tievel-shift trim 
*cold-junction trim 


FIGURE 16. Voltage Transmitter for Thermocouple, 
Including Cold Junction Compensation 

With voltage-mode operation, the line resistance can cause 
error because the DC current that powers the amplifier and 
sensor circuitry must flow through it. Ground potentials, if 
they cannot be swamped out with signal swing, would re¬ 
quire that twisted pair lines be used. This is not so with 
current mode. 

An important consideration is that cable capacitance does 
not affect the loop stability of the current-mode amplifier. 
However, large-amplitude noise appearing across the output 
can give problems. Figure 77 shows the noise rejections of 
the LM10. The negative supply rejection applies in 
current-mode operations with the output connected to V 
The rejection in this mode is not overly impressive, but 
transmission can be reduced by bypassing the load resistor. 
This done, noise slew limiting is the restricting factor in that 
excessive slew can give rise to a DC error. The maximum 
noise amplitude that can be tolerated for a 100 pV 
input-referred DC error is plotted In Figure 18. These limits 
are not to be pushed as error increases rapidly above them. 



1 10 100 Ik 10k 100k inA 


FREQUENCY (Hz) 
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FIGURE 17. Noise Rejection for the Various Elements 
of the Circuit 
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FIGURE 18. Noise Frequency and Ampiitude Required 
to give Indicated Error 

With voltage-mode, the circuit reacts to capacitive loading 
like any other op amp. If there are problems, the load should 
be isolated with a resistor, taking DC feedback from the load 
and AC feedback from the op amp output. With the LM10, it 
is also possible to bypass the output with a single, large 
capacitor (20 pF electrolytic) if speed is no consideration. 
With bridge sensors, these techniques not only reduce noise 
problems but only require two leads to both power the bridge 
and retrieve the signal. 

The relevant circuit is shown in Figure 19. The op amp is 
wired for a high-impedance differential input so as not to load 
the bridge. The reference supplies the offset to put the 
amplifier in the center of its operating range when the bridge 
is balanced. It also powers the bridge. The low voltage 
available from the reference regulator is ideal for driving wire 
strain gauges that usually have low resistances. 

Another form of remote signal processing is shown in Figure 
20. A logarithmic conversion is made on the output current of 
a photodiode to compress a four-decade, light-intensity 
variation into a standard transmission range. The circuit is 
balanced at mid-range, where R3 should be chosen so that 
the current through it equals the photodiode current. The 
log-conversion slope is temperature compensated with R6. 
Setting the reference output to 1.22V gives a current through 
R2 that is proportional to absolute temperature, because of 
D1, so that this level-shift voltage matches the temperature 
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Linear Operation (Continued) 

coefficient of R6. C1 has been added so that large area 
photodiodes with high capacitance do not cause frequency 
instabilities. 

Figure 21 shows a setup that optically measures the tem¬ 
perature of an incandescent body. It makes use of the shift in 
the emission spectrum of a black body toward shorter wave¬ 
lengths as temperature is increased. Optical filters are used 
to split the emission spectrum, with one photodiode being 
illuminated by short wavelengths (visible light) and the other 
by long (infrared). The photocurrents are converted to loga¬ 


rithms by Q1 and Q2. These are subtracted to generate an 
output that varies as the log of the ratio of the illumination 
intensities. Thus, the circuit is sensitive to changes in spec¬ 
tral distribution, but not intensity. Otherwise, the circuit is 
quite similar to that in Figure 20. 

The laws of physics dictate that the output is not a simple 
function of temperature, so point-by-point calibration is nec¬ 
essary. Sensitivity for a particular temperature range is opti¬ 
mized with the crossover point of the optical filter, longer 
wavelengths giving lower temperatures. 



FIGURE 19. Two-Wire Transmitter for Resistive Bridge 


2-83 


www.national.com 


AN-211 





AN-211 


Linear Operation (Continued) 



$50 |jA < 1q < 500 pF 
ttCenter scale trim 
tScale factor trim 
■^Copper wire wound 

FIGURE 20. Log Converter/Transmitter for a Photodiode 

1 mA Iqut ^ 5 mA 

0 01 ^ ^ 100 
>D1 

00720040 

VOUT = 

ttLevel-shift trim 
*Scale factor trim 
tCopper wire wound 


FIGURE 21. Optoelectric Pyrometer with Transmitter 
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FIGURE 22. Precision Thermocouple Amplifier/Transmitter 


Figure 22 shows how a low-drift preamplifier can be added to 
improve the measurement resolution of a thermocouple. The 
preamp is powered from the reference regulator, and bridge 
feedback is used to bias the preamp input within its 
common-mode range. Cold-junction compensation is pro¬ 
vided with the offset voltage set into A1, it being directly 
proportional to absolute temperature. 

The maximum drift specification for the preamp is 0.2 pV/°C. 
For this particular circuit, an equal drift component would 
result for 0.004%/°C on the reference, 0.001 %/°C mismatch 
on the bridged-feedback resistors (R2-R4) or 3 pV/°C on the 
op amp offset voltage. The op amp drift might be desensi¬ 
tized by raising the preamp gam (lowering R7-R9), but this 
would require raising the output voltage of the reference 
regulator and the minimum terminal voltage. 

In this application, the preamp is run at a lower voltage than 
standard parts are tested with, and the maximum supply 
current specified is high. However, there should be no prob¬ 
lem with the voltage; and a lower, maximum supply current 
can be expected at the lower voltage. Even so, some testing 
may be in order. 

Regulators 

The op amp and voltage reference are combined in Figure 
23 to make a positive voltage regulator. The output can be 
set between 0.2V and the breakdown voltage of the IC by 
selecting an appropriate value for R2. The circuit regulates 
for input voltages within a saturation drop of the output 
(typically 0.4V @ 20 mA and 0.15V @ 5 mA). The regulator is 
protected from shorts or overloads by current limiting and 
thermal shutdown. 

Typical regulation is about 0.05% load and 0.003%A/ line. A 
substantial improvement in regulation can be effected by 
connecting the op amp as a follower and setting the refer¬ 
ence to the desired output voltage. This has the disadvan¬ 
tage that the minimum input-output differential is increased 


to a little more than a diode drop. If the op amp were 
connected for a gain of 2, the output could again saturate. 
But this requires an additional pair of precision resistors. 
The regulator in Figure 23 could be made adjustable to zero 
by connecting the op amp to a potentiometer on the refer¬ 
ence output. This has the disadvantage that the regulation at 
the lower voltage settings is not as good as it might other¬ 
wise be. 





00720023 


FIGURE 23. Adjustable Positive Regulator 

It IS also possible to make a negative regulator with this 
device, as can be seen from Figure 24. A discrete transistor 
IS used to level shift the reference current. This increases the 
minimum operating voltage to about 1.8V. 

Output voltage cannot be reduced below 0.85V because of 
the common-mode limit of the op amp. The minimum 
input-output differential is equal to the voltage across R1 
plus the saturation voltage of Q1, about 400 mV. 

It is necessary that Q1 has a high current gain, or line 
regulation and thermal drift will be degraded. For example, 
with a nominal current gain of 100, a 1% drift will be intro- 
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Regulators (Continued) 

duced between -55°C and 125°C. With the device specified, 
drift contribution should be less than 0.3% over the same 
range; but operation is limited to 30V on the input. 
Floating-mode operation can also be useful in regulator 
applications. In Figure 25, the op amp controls the turn-on 
voltage of the pass transistor in such a way that it does not 


see either the output voltage or the supply voltage. There¬ 
fore, maximum voltages are limited only by the external 
transistors. 

A three-stage emitter follower is used for the pass transistor 
primarily to insure adequate bias voltage for the IC under 
worst-case, high-temperature conditions. With lower output 
currents Q2 and R4 could be replaced with a diode. 


^ R2 
^ 150k 
S 1 % 



*electrolytic 
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FIGURE 24. Negative Regulator 


Load regulation is better than 0.01%. Worst-case line regu¬ 
lation is better than ±0.1% for a ±10V change in input 
voltage. If the op amp output were buffered with a discrete 
PNP, load and line regulation could be made essentially 
perfect, except for thermal drift. 

Current limiting, although not shown, could easily be pro¬ 
vided by the addition of a sense resistor and an NPN tran¬ 
sistor. A foldback characteristic could be obtained with two 
more resistors. 

A fully adjustable voltage and current regulator is shown in 
Figure 26. A second IC (A2) is added to provide regulation in 
the current-limit mode. Both the regulated voltage and the 
current can be adjusted close to zero. 


The circuit has a tendency to overshoot when a short circuit 
is removed. This is suppressed with Q2, R5 and C3, which 
limit the rate at which the output can rise. Low-level oscilla¬ 
tions at the dropout threshold are eliminated with C2 and R4. 
The current-limit amplifier takes about 100 ps to respond to 
a shorted output. Therefore, Q6 has been added to limit the 
peak current during this interval. 
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FIGURE 25. Bootstrapped Regulator 
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FIGURE 26. Detailed Schematic of an Adjustable Voltage and Current Regulator 


With high-voltage regulators, powering the IC through the 
drive resistor for the pass transistors .can become quite 
inefficient. This is avoided with the circuit in Figure 27. The 
supply current for the IC is derived from Q1. This allows R4 
to be increased by an order of magnitude without affecting 
the dropout voltage. 


Selection of the output transistors will depend on voltage 
requirements. For output voltages above 200V, it may be 
more economical to cascade lower-voltage transistors. 
Figure 28 shows a more detailed circuit for a high-voltage 
regulator. Foldback current limiting has been added to pro¬ 
tect the pass transistors from blowout caused by excessive 
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Regulators (Continued) 

heating or secondary breakdown. This limiting must be fairly 
precise to obtain reasonable start-up characteristics while 
conforming to worst case specifications for the transistors. 
This accounts for the complexity of the circuit. 



FIGURE 27. High-Voltage Regulator 
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FIGURE 28. High Voltage Regulator with Foldback Current Limit 


The output current is sensed across R8. This is delivered to 
the current limit amplifier through R7, across which the fold- 
back potential is developed by R6 with a threshold deter¬ 
mined by D4. The values given limit the peak power below 
20W and shut off the pass transistors when the voltage 
across them exceeds 310V. With unregulated input voltages 
above this value, start-up is initiated solely by the current 
through R5 Q4 is added to provide some control on current 
before A2 has time to react. 

The design could be considered overly conservative, but this 
may not be inappropriate considering the start of the art for 
high-voltage power transistors. Their maximum operating 
current is in the tens of milliamperes at maximum voltage. 
Cutting off the power transistor before the maximum 
input-output voltage differential is reached can cause 
start-up problems, depending on the nature of the load 
(those that tend toward a constant-current characteristic be¬ 
ing worst). 

If a tighter design is required for start-up, the values of R6 
and D4 can be altered. In addition, R5 can be lowered, 
although it may be necessary to add a PNP buffer to A2 in 
place of D3. 

The leakage current of Q3 can be more than several milli- 
amperes. That is why a hard turn-off is provided with D2. 
The circuit is stable with an output capacitor greater than 
about 2 pF. Spurious oscillations in current limit are sup¬ 
pressed by C2 and R4, while a strange, latch-mode oscilla¬ 
tion coming out of current limit is killed with Cl and R1. 
Switching regulators operating directly from the power lines 
are seeing increased usage not only because of the reduced 
weight and size when compared to a 60 Hz transformer but 


also because they operate over a wide voltage range giving 
a regulated output with reasonable efficiency. Electrical iso¬ 
lation of the load is generally required in these applications 
for reasons of safety. Therefore, if precise regulation is 
needed on the secondary, there must be some way of trans¬ 
mitting the error signal back to the primary. 

Figure 29 shows a design that provides this function. The 1C 
serves as a reference and error amplifier, transmitting the 
error signal through an optical coupler. The loop gain may be 
controlled by the addition of R1, and Cl and R5 may be 
added to develop the phase lead that is helpful in frequency 
stabilizing the feedback. 
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Vth = 6V 

LED dims below 7V 

FIGURE 30. Battery Status Indicator 


FIGURE 29. Isolated Sensor for an Off-Line 
Switching Regulator 

Voltage Level Indicators 

In battery-powered circuitry, there is some advantage to 
having an indicator to show when the battery voltage is high 
enough for proper circuit operation. This is especially true for 
instruments that can produce erroneous data. 

The battery status indicator drawn in Figure 30 is designed 
for a 9V source. It begins dimming noticeably below 7V and 
extinguishes at 6V. If the warning of incipient battery failure is 
not desired, R3 can be removed and the value of R1 halved. 
A second circuit that also regulates the current through the 
light-emitting diode is shown in Figure 31. This is important 
so that adequate current is available at minimum voltage, but 
excessive current is not drawn at maximum voltage. Current 
regulation is accomplished by using the voltage on the bal¬ 
ance pin (5) as a reference for the op amp. This is controlled 
at approximately 23 mV, independent of temperature, by an 
internal regulator. When the voltage on the 
reference-feedback terminal (8) drops below 200 mV, the 
reference output (1) rises to supply the feedback voltage to 
the op amp through D2, so the LED current drops to zero. 
The minimum threshold voltage for these circuits is basically 
limited by the bias voltage for the LEDs. Typically, this is 
1.7V for red, 2V for green and 2.5V for yellow. These two 
circuits can be made to operate satisfactorily for threshold 
voltages as low as 2V If a red diode is used. However, the 
circuit in Figure 31 Is preferred in that difficulties caused by 
voltage change across the diode biasing resistor are elimi¬ 
nated. 



Vth = 6V 
Iq-) = 5 mA 


FIGURE 31. Battery Level Indicator with Regulated LED 
Current 

When operating with a single cell, it is necessary to incorpo¬ 
rate switching circuitry to develop sufficient voltage to drive 
the LED. A circuit that accomplishes this is drawn in Figure 
32. Basically, it is a voltage-controlled asymmetrical multivi¬ 
brator with a minimum operating threshold given by 


Vth = 


R4 (R1 + R2) 
R1 (R3 + R4) 


( 1 ) 


Above this threshold, the flash frequency increases with 
voltage. This is a far more noticeable indication of a deterio¬ 
rating battery than merely dimming the LED. In addition, the 
indicator can be made visible with considerably less power 
drain. With the values shown, the flash rate is 1.4 sec at 
1.2V with a 300 pA drain and 5.5 sec~^ at 1.55V with 800 pA 
drain. Equivalent visibility for continuous operation would 
require more than 5 mA drain. 


The maximum threshold voltage of this circuit is limited 
because the LED can be turned on directly through R5. 
Once this happens, the full supply voltage is not delivered to 
R2, which is how the threshold is determined. This problem 
can be overcome with the circuit illustrated in Figure 33. This 
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design repositions the indicator diode, requiring an input 
voltage somewhat greater than the diode bias voltage 
needed. 


flashes about 1 2V, rate increases with voltage 



FIGURE 32. Undervoltage Indicator for Single Call 



Vth' = 15V 
VjH = 6V 

flash rate increases above 6V and below 15V 


FIGURE 33. Double-Ended Voltage Monitor 


This circuit has the added feature that it can sense an 
overvoltage condition. The lower activation threshold is 
given by equation (1), but above a threshold, 

V R4(R1 + R2)Vref 

R1 (R3 + R4) - R3 (R1 + R2)’ 

( 2 ) 

oscillation again ceases. (Below Vyn the op amp output is 
saturated negative while above Vjh' it is saturated positive.) 
The flash rate approaches zero near either limit. 

The minimum/maximum limits possible with this circuit along 
with the possibility of estimating the proximity to the limit and 
the low power drain (~ 500 pA) make it attractive for a variety 


of simple, low-cost test equipment. This could include every¬ 
thing from the measurement of power-line voltage to 
in-circuit testers for digital equipment. 

Meter Circuits 

One obvious application for this IC is a meter amplifier. 
Accuracy can be maintained over a 15°C to 55°C range for a 
full-scale sensitivity of 10 mV and 100 nA using the design in 
Figure 34. In fact, initial tests indicate negligible zero drift 
with 1 mV and 10 nA sensitivities, although balancing is 
troublesome with low-cost potentiometers. Offset voltage 
error is nulled with R5, and the bias current can be balanced 
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Meter Circuits (Continued) 

out with R4. The zeroing circuits operates from the reference 
output and are essentiaily unaffected by changes in battery 
voitage, so frequent adjustments should not be necessary. 


R1 R2 

IQOk 8.5M 

1 % 1 % 



Under overload conditions, the current delivered to the meter 
is kept well in hand by the limited output swing of the op 
amp. The same is true for polarity reversals. Input clamp 
diodes protect the circuit from gross overloads. 

Total current drain is under 0.5 mA, giving an approximate 
life of 3-6 months with an “AA” cell and over a year with a 
“D” cell. With these lifetimes an ON/OFF switch may be 
unnecessary. A test switch that converts to a battery-test 
mode may be of greater value. 

If the meter amplifier is used in building a multimeter, the 
internal reference can also be used in measuring resistance. 
This would make the usual frequent recalibration with falling 
cell voltage unnecessary. 

A portable light-level meter with a five-decade dynamic 
range is shown in Figure 36. The circuit is calibrated at 
mid-range with the appropriate illumination by adjusting R2 
such that the amplifier output equals the reference and the 
meter is at center scale. The emitter-base voltage of Q2 will 
vary with supply voltage; so R4 is included to minimize the 
effect on circuit balance. If photocurrents less than 50 nAare 
to be measured, it is necessary to compensate the bias 
current of the op amp. 

The logging slope is not temperature compensated. With a 
five-decade response, the error at the scale extremes will be 
about 40% (a half stop in photography) for a ±18°C tempera¬ 
ture change. 

If temperature compensation is desired, it is best to use a 
center-zero meter to introduce the offset, rather than the 
reference voltage. This done, temperature compensation 
can be obtained by making the resistor in series with the 
meter a copper wire-wound unit. 

If this design is to be used for photography, it is important to 
remember that silicon photodiodes are sensitive to near 


infrared, whereas ordinary film is not. Therefore, an 
infrared-stop filter is called for. A blue-enhanced photodiode 
or an appropriate correction filter would also give best re¬ 
sults. 

An electronic thermometer design, useful in the range of 
-55°C to 150°C, is shown in Figure 35. The sensor, S1, 
develops a current that is proportional to absolute tempera¬ 
ture. This is given the required offset and range expansion 
by the reference and op amp, resulting in a direct readout in 
either °C or °F. 



*trim for span 
ttrim for zero 


FIGURE 35. Electronic Thermometer 
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Meter Circuits (Continued) 



FIGURE 36. Logarithmic Light-Level Meter 


Although it can operate down to 1V with better than 0.5°C 
accuracy, the LM134 is not tested below 1.5V. Maverick units 
were observed to develop a TC error going from 1.5V to 
1.2V This should be kept in mind for high-accuracy applica¬ 
tions. 

The thermocouple transmitter in Figure 15 can easily be 
modified to work with a meter if a broader temperature range 
is of interest. It would likewise be no great problem adapting 
resistance or thermistor sensors to this function. 

Audio Circuits 

As mentioned earlier, the frequency response of the LM10 is 
not as good as might be desired. The frequency-response 
curve in Figure 37 shows that only moderate gains can be 
realized in the audio range. However, considering the refer¬ 
ence, there are two independent amplifiers available, so that 
reasonable overall performance can be obtained. 



0.1 1.0 10 100 Ik 10k 100k 1M 


FREQUENCY (Hz) 

00720037 


FIGURE 37. Open Loop Frequency Response 


2-93 


www.national.com 


AN-211 



AN-211 


Audio Circuits (Continued) 

This is iilustrated with the microphone ampiifier shown in 
Figure 38. The reference, with a 500 kHz unity-gain band¬ 
width, is used as a preamplifier with a gain of 100. Its output 
is fed through a gain-control potentiometer to the op amp 
which is connected for a gain of 10. The combination gives a 
60 dB gain with a 10 kHz bandwidth, unloaded, and 5 kHz 
loaded at 500Q. Input impedance is 10 kQ. 

Potentially, using the reference as a preamplifier in this 
fashion can cause excess noise. However, because the 
reference voltage is low, the noise contribution, which adds 
root-mean-square, is likewise low. The Input noise voltage in 
this connection is 40-50 nV/^Hz , about equal to that of 
the op amp. 

One point to observe with this connection is that the signal 
swing at the reference output is strictly limited. It cannot 
swing much below 150 mV nor closer than 800 mV to the 


supply. Further, the bias current at the reference feedback 
terminal lowers the output quiescent level and generates an 
uncertainty in this level. These facts limit the maximum 
feedback resistance (R5) and require that R6 be used to 
optimize the quiescent operating voltage on the output. Even 
so, the fact that limited swing on the preamplifier can reduce 
maximum output power with low settings on the gain control 
must be considered. 

In this design, no DC current flows in the gain control. This is 
perhaps an arbitrary rule, designed to insure long life with 
noise-free operation. If violations of this rule are acceptable, 
R5 can be used as the gain control with only the bias current 
for the reference amplifier (<75 nA) flowing through the 
wiper. This simplifies the circuit and gives more leeway on 
getting sufficient output swing from the preamplifier. 

The circuit in Figure 38 can also be modified to provide 
two-wire transmission for a microphone output. 



00720038 

ZouT ~ 680Q, @5 kHz, Ay < 1k, fi ~ 100 Hz, 
f 2 ~ 5 kHz, Rl ~ 500, *max gain trim 


FIGURE 38. Microphone Amplifier 


Conclusions 

The applications described here show that some truly unique 
functions can be performed by the LM10 because of the 
low-voltage capability and floating mode operation. Among 
these are accurate, two-terminal comparators that interface 
directly with most logic forms. They can also drive SCRs in 
control circuits using low-level sensors like photodiodes or 
thermocouples, although this was not explored here. 
Two-wire transmitters for analog signals were shown to work 
with a variety of transducers, even to the extent of remotely 
performing computational functions. These might be used for 
anything from a microphone preamplifier to a strain gauge 
measuring stress at some remote location in an aircraft. The 
power requirements of this 1C are modest enough to insure a 
wide dynamic range and permit operation with lower-voltage 
supplies. 

The 1C also proves to be quite useful in regulator circuits, as 
might be expected from a combined op amp and voltage 
reference. It makes an efficient series regulator at low volt¬ 
ages. And as a low-level, on-card regulator, it offers greater 
precision than existing devices. It is also easily applied as a 
shunt regulator or current regulator. 


In the floating mode, it operates with the precision required 
of laboratory supplies, as either a voltage or current regula¬ 
tor. Maximum output voltage is limited only by discrete pass 
transistors, because the control circuit sees, at most, a 
couple volts. Therefore, output voltages of several hundred 
volts are entirely practical. 

A few examples were given of amplifiers and signal condi¬ 
tioners for portable instruments. Emphasis was placed on 
single-cell operation as this gives the longest life at lowest 
cost from the smallest power source. The 1C is well suited to 
single-supply operation, where it can be used in any number 
of standard applications. This can be put to use in digital 
systems where some linear functions must be performed. 
The availabiiity of a reference allows precise ievel shifting or 
comparisons even when the supply is pooriy regulated. The 
reference can also be used to create an elevated 
pseudo-ground so that split-supply techniques can be used. 
Even when split supplies are available, the increased output 
capability (40V @ 20 mA) coupled with lower power con¬ 
sumption could well recommend the LM10. This is combined 
with the more satisfactory fault protection provided by ther¬ 
mal limiting. 
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IC Temperature Sensor 
Provides Thermocouple 
Cold-Junction 
Compensation 

Introduction 

Due to their low cost and ease of use, thermocouples are still 
a popular means for making temperature measurements up 
to several thousand degrees centigrade. A thermocouple is 
made by joining wires of two different metals as shown In 
Figure 1. The output voltage is approximately proportional to 
the temperature difference between the measuring junction 
and the reference junction. This constant of proportionality Is 
known as the Seebeck coefficient and ranges from 5 pV/°C 
to 50 pV/°C for commonly used thermocouples. 



Vout = ~(Tm -Tref) 


FIGURE 1. Thermocouple 

Because a thermocouple is sensitive to a temperature differ¬ 
ence, the temperature at the reference junction must be 
known in order to make a temperature measurement. One 
way to do this is to keep the reference junction in an ice bath. 
This has the advantage of zero output voltage at 0°C, mak¬ 
ing thermocouple tables usable. A more convenient ap¬ 
proach, known as cold-junction compensation, is to add a 
compensating voltage to the thermocouple output so that the 
reference junction appears to be at 0°C independent of the 
actual temperature. If this voltage is made proportional to 
temperature with the same constant of proportionality as the 
thermocouple, changes in ambient temperature will have no 
effect on output voltage. 

An IC temperature sensor such as the LM135/LM235/ 
LM335, which has a very linear voltage vs. temperature 
characteristic, is a natural choice to use in this compensation 
circuit. The LM135 operates by sensing the difference of 
base-emitter voltage of two transistors running at different 
current levels and acts like a zener diode with a breakdown 
voltage proportional to absolute temperature at 10mV/°K. 
Furthermore, because the LM135 extrapolates to zero out¬ 
put at 0°K, the temperature coefficient of the compensation 
circuit can be adjusted at room temperature without requiring 
any temperature cycling. 
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nothing to do with nonlinearity. Tolerance is typically ±%% of 
reading for J, K, and T types or ±V 2 % for S and R types, so 
that a measurement of 1000°C may be off by as much as 
7.5°C. Special wire is available with half this error guaran¬ 
teed. 

Additional error can be introduced by the compensation 
circuitry. For perfect compensation, the compensation circuit 
must match the output of an ice-point-referenced thermo¬ 
couple at ambient. It is difficult to match the thermocouple’s 
nonlinear voltage vs. temperature characteristic with a linear 
absolute temperature sensor, so a “best fit” linear approxi¬ 
mation must be made. In Figure 2 Xh\s nonlinearity is plotted 
as a function of temperature for several thermocouple types. 
The K type is the most linear, while the S type is one of the 
least linear. When using an absolute temperature sensor for 
cold-junction compensation, compensation error is a func¬ 
tion of both thermocouple nonlinearity and also the variation 
in ambient temperature, since the straight-line approximation 
to the thermocouple characteristic is more valid for small 
deviations. 



0 10 20 30 40 50 60 70 

TEMPERATURE (°C) 

00747102 

FIGURE 2. Thermocouple Nonlinearity 

Of course, increased error results if, due to component 
inaccuracies, the compensation circuit does not produce the 
ideal output. The LM335 is very linear with respect to abso¬ 
lute temperature and introduces little error. However, the 
complete circuit must contain resistors and a voltage refer¬ 
ence In order to obtain the proper offset and scaling. Initial 
tolerances can be trimmed out, but the temperature coeffi¬ 
cient of these external components is usually the limiting 
factor (unless this drift is measured and trimmed out). 


Sources of Error 

There will be several sources of error involved when mea¬ 
suring temperature with thermocouples. The most basic of 
these is the tolerance of the thermocouple itself, due to 
varying composition of the wire material. Note that this tol¬ 
erance states how much the voltage vs. temperature char¬ 
acteristic differs from that of an ideal thermocouple and has 


Circuit Description 

A single-supply circuit is shown in Figure 3. R3 and R4 divide 
down the 10 mV/°K output of the LM335 to match the See¬ 
beck coefficient of the thermocouple. The LM329B and its 
associated voltage divider provide a voltage to buck out the 
0°C output of the LM335. To calibrate, adjust R1 so that 
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Circuit Description (Continued) 

V1 = <5°C T, where <5°C is the Seebeck coefficient 
(Note 1) and T is the ambient temperature in degrees Kelvin. 
Then, adjust R2 so that VI-V2 is equal to the thermocouple 
output voltage at the known ambient temperature. 

To achieve maximum performance from this circuit the resis¬ 
tors must be carefully chosen. R3 through R6 should be 
precision wirewounds, Vishay bulk metal or precision metal 
film types with a 1% tolerance and a temperature coefficient 
of ±5 ppm/°C or better. In addition to having a low TCR, 
these resistors exhibit low thermal emf when the leads are at 
different temperatures, ranging from 3 pvrc for the TRW 
MAR to only 0.3 pV/°C for the Vishay types. This is espe¬ 
cially important when using S or R type thermocouples that 
output only 6 pV/°C. R7 should have a temperature coeffi¬ 
cient of ±25 ppm/°C or better and a 1 % tolerance. Note that 
the potentiometers are placed where their absolute resis¬ 
tance is not important so that their TCR is not critical. How¬ 
ever, the trim pots should be of a stable cermet type. While 
multi-turn pots are usually considered to have the best reso¬ 
lution, many modern single-turn pots are just as easy to set 
to within ±0.1% of the desired value as the multi-turn pots. 
Also single-turn pots usually have superior stability of set¬ 
ting, versus shock or vibration. Thus, good single-turn cer¬ 
met pots (such as Allen Bradley type E, Weston series 840, 
or CTS series 360) should be considered as good candi¬ 
dates for high-resolution trim applications, competing with 
the more obvious (but slightly more expensive) multi-turn 
trim pots such as Allen Bradley type RT or MT, Weston type 
850, or similar. 


With a room temperature adjustment, drift error will be only 
±V 2 °C at 70°C and ±V4°C at 0°C. Thermocouple nonlinearity 
results in additional compensation error. The chromel/alumel 
(type K) thermocouple is the most linear. With this type, a 
compensation accuracy of ±%°C can be obtained over a 
0°C-70°C range. Performance with an iron-constantan ther¬ 
mocouple is almost as good. To keep the error small for the 
less linear S and T type thermocouples, the ambient tem¬ 
perature must be kept within a more limited range, such as 
15°C to 50°C. Of course, more accurate compensation over 
a narrower temperature range can be obtained with any 
thermocouple type by the proper adjustment of voltage TC 
and offset. 

Standard metal-film resistors cost substantially less than 
precision types and may be substituted with a reduction in 
accuracy or temperature range. Using 50 ppm/°C resistors, 
the circuit can achieve V 2 °C error over a 10°C range. Switch¬ 
ing to 25 ppm resistors will halve this error. Tin oxide resis¬ 
tors should be avoided since they generate a thermal emf of 
20 pV for rc temperature difference in lead temperature as 
opposed to 2 pV/°C for nichrome or 4.3 pV/°C for cermet 
types. Resistor networks exhibit good tracking, with 
50 ppm/°C obtainable for thick film and 5 ppm/°C for thin film. 
In order to obtain the large resistor ratios needed, one can 
use series and parallel connections of resistors on one or 
more substrates. 

Note 1 : See Appendix A for calculation of Seebeck coefficient 
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Circuit Description (Continued) 



O 



THERMOCOUPLE 


OUTPUT 
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Thermocouple 

Seebeck 

R4 

R6 

Thermocouple 

Seebeck 

R4 R6 

Type 

Coefficient 

(Q) 

(Q) 

Type 

Coefficient 

(Q) (Q) 


(Mvrc) 




(Mvrc) 


J 

52.3 

1050 

385 

S 

6.4 

128 46.3 

T 

42.8 

856 

315 




K 

40.8 

816 

300 





*R3 thru R6 are 1%, 5 ppm/°C. (10 ppm/°C tracking.) 
^R7 is 1%, 25 ppm/°C. 


choose R4 = • R3 

10 mV/'C 

choose R6 = - — — • (0 9R5) 

Vz 

choose R7 = 5 • R5 

where Tq is absolute zero (-273 16’C) 

Vz IS the reference voltage (6 95V for LM329B) 


FIGURE 3. Thermocouple Cold-Junction Compensation Using Single Power Supply 


A circuit for use with grounded thermocouples is shown in 
Figure 4. If dual supplies are available, this circuit is prefer¬ 
able to that of Figure 3 since it achieves similar performance 
with fewer low TC resistors. To trim, short out the LM329B 
and adjust R5 so that Vq = <5°C T, where <5°C is the 
Seebeck coefficient of the thermocouple and T is the abso¬ 
lute temperature. Remove the short and adjust R4 so that Vq 
equals the thermocouple output voltage at ambient. A good 
grounding system is essential here, for any ground differen¬ 
tial will appear in series with the thermocouple output. 

An electronic thermometer with a 10 mV/°C output from 0°C 
to 1300°C is seen in Figure 5. The trimming procedure is as 


follows: first short out the LM329B, the LM335 and the 
thermocouple. Measure the output voltage (equal to the 
input offset voltage times the voltage gain). Then apply a 50 
mV input voltage and adjust the GAIN ADJUST pot until the 
output voltage is 12.25V above the previously measured 
value. Next, short out the thermocouple again and remove 
the short across the LM335. Adjust the TC ADJUST pot so 
that the output voltage equals 10 mV/°K times the absolute 
temperature. Finally, remove the short across the LM329B 
and adjust the ZERO ADJUST pot so that the output voltage 
equals 10 mV/°C times the ambient temperature in °C. 
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Circuit Description (Continued) 


R4 

10k 

ZERO AOJ 

, - r 

R5 ^ 

10k 

TCADJ ^2 

* 1 

Rlt^ 

1 



► THERMOCOUPLE 


Thermocouple R1 
Type (n) 


Seebeck 

Coefficient 

(pvrc) 

52.3 

42.8 

40.8 


Thermocouple R1 Seebeck 
Type (Q) Coefficient 

(pvrc) 

S 45.8 6.4 


*R2 and R3 are 1%, 10 ppm/°C. (20 ppm/°C tracking.) 

^R1 and R6 are 1%, 50 ppm/°C. 

FIGURE 4. Cold-Junction Compensation for Grounded Thermocouple 
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Circuit Description (Continued) 


15V 



All fixed resistors ±1%, 25 ppm/’C unless otherwise indicated 
A1 should be a low drift type such as LM308A or LH0044C See text 


FIGURE 5. Centigrade Thermometer with Cold-Junction Compensation 


The error over a 0°C to 1300°C range due to thermocouple 
nonlinearity is only 2.5% maximum. Table 1 shows the error 
due to thermocouple nonlinearity as a function of tempera¬ 
ture. This error is under 1 °C for 0°C to 300°C but is as high 
as 17°C over the entire range. This may be corrected with a 
nonlinear shaping network. If the output is digitized, correc¬ 
tion factors can be stored in a ROM and added in via 
hardware or software. 

The major cause of temperature drift will be the input offset 
voltage drift of the op amp. The LM308A has a specified 
maximum offset voltage drift of 5 pV/°C which will result in a 
1 “C error for every 8°C change in ambient. Substitution of an 
LH0044C with its 1 pV/°C maximum offset voltage drift will 
reduce this error to 1 °C per 40°C. If desired, this temperature 
drift can be trimmed out with only one temperature cycle by 
following the procedure detailed in Appendix B. 


Construction Hints 

The LM335 must be held isothermal with the thermocouple 
reference junction for proper compensation. Either of the 
techniques of Figure 6a or Figure 6b may be used. 
Hermetic ICs use Kovar leads which output 35 pV/°C refer¬ 
enced to copper. In the circuit of Figure 5, the low level 
thermocouple output is connected directly to the op amp 
input. To avoid this from causing a problem, both input leads 
of the op amp must be maintained at the same temperature. 
This is easily achieved by terminating both leads to identi¬ 
cally sized copper pads and keeping them away from ther¬ 
mal gradients caused by components that generate signifi¬ 
cant heat. 
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Construction Hints (Continued) 



I_ 

Tref 



""Has no effect on measurement 


FIGURE 6. Methods for Sensing Temperature of Reference Junction 


TABLE 1. Nonlinearity Error of Thermometer Using Type K Thermocouple (Scale Factor 25.47“C/pV) 


c 

Error (”0) 

“C 

Error (“C) 

10 

-0.3 

200 

-0.1 

20 

-0.4 

210 

-0.2 

30 

-0.4 

220 

-0.4 

40 

-0.4 

240 

-0.6 

50 

-0.3 

260 

-0.5 

60 

-0.2 

280 

-0.4 

70 

0 

300 

-0.1 

80 

02 

350 

1.2 

90 

04 

400 

2.8 

100 

0.6 

500 

7.1 

110 

0.8 

600 

11.8 

120 

0.9 

700 

15.7 

130 

0.9 

800 

176 

140 

0.9 

900 

17.1 

150 

0.8 

1000 

14.0 

160 

0.7 

1100 

8.3 

170 

0.5 

1200 

-0.3 

180 

0.3 

1300 

-13 

190 

0.1 
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Construction Hints (Continued) 

Before trimming, all components should be stabilized. A 
24-hour bake at 85°C is usually sufficient. Care should be 
taken when trimming to maintain the temperature of the 
LM335 constant, as body heat nearby can introduce signifi¬ 
cant errors. One should either keep the circuit in moving air 
or house it in a box, leaving holes for the trimpots. 

Conclusion 

Two circuits using the LM335 for thermocouple cold-junction 
compensation have been described. With a single room 
temperature calibration, these circuits are accurate to ±%°C 
over a 0°C to 70°C temperature range using J or K type 
thermocouples. In addition, a thermocouple amplifier using 
an LM335 for cold-junction compensation has been de¬ 
scribed for which worst case error can be as low as 1 °C per 
40°C change in ambient. 

Appendix A 

Determination of Seebeck 
Coefficient 

Because of the nonlinear relation of output voltage vs. tem¬ 
perature for a thermocouple, there is no unique value of its 
Seebeck coefficient <5°C. Instead, one must approximate 


the thermocouple function with a straight line and determine 
<5°C from the line’s slope for the temperature range of 
interest. On a graph, the error of the line approximation is 
easily visible as the vertical distance between the line and 
the nonlinear function. Thermocouple nonlinearity is not so 
gross, so that a numerical error calculation is better than the 
graphical approach. 

Most thermocouple functions have positive curvature, so 
that a linear approximation with minimum mean-square error 
will intersect the function at two points. As a first cut, one can 
pick these points at the Vs and % points across the ambient 
temperature range. Then calculate the difference between 
the linear approximation and the thermocouple. (Note 2) This 
error will usually then be a maximum at the midpoint and 
endpoints of the temperature range. If the error becomes too 
large at either temperature extreme, one can modify the 
slope or the intercept of the line. Once the linear approxima¬ 
tion IS found that minimizes error over the temperature 
range, use its slope as the Seebeck coefficient value when 
designing a cold-junction compensator. 

An example of this procedure for a type S thermocouple is 
shown in Table 2. Note that picking the two intercepts (zero 
error points) close together results in less error over a nar¬ 
rower temperature range. 

Note 2: A collection of thermocouple tables useful for this purpose is found 
in the Omega Temperature Measurement Handbook published by Omega 
Engineering, Stamford, Connecticut 


TABLE 2. Linear Approximations to Type S Thermocouple 
\ Approximation #1 I 


Centigrade 

Temperature 


Type S 

Thermocouple 
Output (pV) 


Zero Error 
at 25°C and 60°C 


Approximation #2 
Zero Error 
at 30°C and 50°C 


Linear 

Error | 

Linear 

Error | 

Approx. 

mV 

°C 

Approx. 

mV 

°C 

-17 

-17 

-2.7° 

-16 

-16 

-2.8° 

15 

-12 

-1.9° 

16 

-11 

-1.7° 

46 

-9 

-1.4° 

47 

-8 

-1.3° 

78 

-6 

-0.9° 

78 

-6 

-0.9° 

110 

-3 

-0.5° 

110 

-3 

-0.5° 

142 

0 

0 

142 

-1 

-0.2° 

174 

1 

0.2° 

173 

0 

0 

206 

3 

0.5° 

204 

1 

0.2° 

238 

3 

0.5° 

236 

1 

0.2° 

270 

4 

0.6° 

268 

2 

0.3° 

301 

2 

0.3° 

299 

0 

0 

333 

2 

0.3° 

330 

-1 

-0.2° 

365 

0 

0 

362 

-3 

-0.5° 

397 

-1 

-0.2° 

394 

-4 

-0.6° 

429 

-3 

-0.5° 

425 

-7 

-1.1° 


<5°C = 6.4 pV/°C 
error for 

20-0 < T < 70°C 


<5°C = 6.3 mV/°C 
0.3°C error for 
25°C < T < 50“C 


Note 3: Error is the difference between linear approximation and actual 
thermocouple output in pV To convert error to °C, divide by Seebeck coeffi¬ 
cient. 
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Appendix B Technique for 
Trimming Out Offset Drift 

Short out the thermocouple input and measure the circuit 
output voltage at 25°C and at 70°C. Calculate the output 
voltage temperature coefficient, (3 as shown. 

O _ VQUT (70°C) ~ VoUT(25°C) 


Next, short out the LM329B and adjust the TC ADJ pot so 
that Vqut = (20 mV/°K - p) x 298°K at 25°C. Now remove the 
short across the LM329B and adjust the ZERO ADJUST pot 
so that Vqut = 246 mV at 25°C (246 times the 25°C output 
of an ice-point-referenced thermocouple). 


This procedure compensates for all sources of drift, includ¬ 
ing resistor TC, reference drift (±20 ppm/°C maximum for the 
LM329B) and op amp offset drift. Performance will be limited 
only by TC nonlinearities and measurement accuracy. 
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Circuitry for inexpensive 
Reiative Humidity 
Measurement 

Of all common environmental parameters, humidity is per¬ 
haps the least understood and most difficult to measure. The 
most common electronic humidity detection methods, albeit 
highly accurate, are not obvious and tend to be expensive 
and complex (See Box). Accurate humidity measurement is 
vital to a number of diverse areas, including food processing, 
paper and lumber production, pollution monitoring and 
chemical manufacturing. Despite these and other applica¬ 
tions, little design oriented material has appeared on circuitry 
to measure humidity. This is primarily due to the small num¬ 
ber of transducers available and a generally accepted notion 
that they are difficult and expensive to signal condition. 
Although not as accurate as other methods, the sensor 
described by the response curve {Figure 1) is inexpensive 
and provides a direct readout of relative humidity. The curve 
reveals a close exponential relationship between the sensor 
and relative humidity spanning almost 4 decades of resis¬ 
tance. Linearization of this curve may be accomplished by 
taking the logarithm of the resistance value and utilizing 
breakpoint approximation techniques to minimize the re¬ 
sidual non-linearities. A further consideration in signal condi¬ 
tioning is that the manufacturer specifies that no significant 
DC current component may pass through the sensor. This 
device must be excited with an unbiased AC waveform to 
preclude detrimental electrochemical migration. In addition, 
it has a 0.36 RH unit/°C positive temperature coefficient. The 
sensor is a chemically treated styrene copolymer which has 
a surface layer whose resistivity varies with relative humidity. 
Because the humidity sensitive portion of the sensor is at its 
surface, time response is reasonably rapid and is on the 
order of seconds. 
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FIGURE 1. Phys-Chemical Research Corp. Model 
PCRC-55 Humidity Sensor 

A block diagram of the concept chosen to instrument the 
sensor appears in Figure 2. An amplitude stabilized square 
wave which is symmetrical about zero volts is used to pro¬ 
vide a precision alternating current through the sensor, sat¬ 
isfying the requirement for a zero DC component drive. The 
current through the sensor is fed into a current sensitive (e.g. 
the input is at virtual ground) logarithmic amplifier, which 
linearizes sensor response. The output of the logarithmic 
amplifier is scaled, rectified and filtered to provide a DC 
output which represents relative humidity. Residual 
non-linearity due to the sensors non-logarithmic response 
below RH = 40% is compensated by breakpoint techniques 
in this final stage. 
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FIGURE 2. 


The detailed circuitry appears in Figure 3. It is worth noting 
that the entire function described in Figure 2 requires a small 
number of inexpensive ICs. This is accomplished by novel 
circuitry approaches, especially in the design of the logarith¬ 
mic amplifier. The stabilized symmetrical square wave is 
generated by A1, V4 of an LF347 quad amplifier. A1 is set up 
in a positive feedback configuration, causing it to oscillate. 
The output of A1 is current limited and clamped to ground for 
either polarity output by the LM334 current source diode 
bridge combination. The LM334 is programmed by the 15^2 
resistor to current limit at about 5 mA. This forces the voltage 
across the 120^2-1.5 kQ resistor string to stabilize at about 


±8V. Each time ATs output changes state the charging 
current into the 0.002 pF capacitor reverses, causing the 
amplifier to switch again when the capacitor reaches a 
threshold established by the 120^2-1.5 kQ divider (wave¬ 
forms, Figure 4). This circuit’s output is buffered by the A1 
follower. The amplitude stability of the waveform is depen¬ 
dent upon the -i-0.33%/°C temperature coefficient of the 
LM334. This T.C. has been intentionally designed into the 
LM334 so that it may be used in temperature sensing and 
compensation applications. Here, the negative 0.3%/°C tem¬ 
perature dependence of the humidity sensor is reduced by 
more than an order of magnitude by the LM334’s T.C. and 
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thermally induced inaccuracy in the humidity sensor’s re¬ 
sponse drops out as an error term. In practice, the LM334 
should be mounted in proximity to the humidity sensor. The 
residual -0.03%/°C temperature coefficient is negligibly 
small compared to the sensors ±1% accuracy specification. 
The output square wave is used to drive current through the 
sensor and into the summing junction of another Va of A1, 
which is connected as a logarithmic amplifier. On negative 
cycles of the input waveform the transistor (Q1) in the feed¬ 
back loop provides logarithmic response, due to the well 


known relationship between and collector current in 
transistors. During positive excursions of the input waveform 
the diode provides feedback to the amplifier’s summing junc¬ 
tion. In this manner the summing junction always remains at 
virtual ground while the input current is expressed in loga¬ 
rithmic form by the negative going square wave at the tran¬ 
sistor emitter. Since the summing junction is always at 
ground potential the sensor sees the required symmetrical 
drive (waveforms. Figure 5). 



LF347 and LF353 run on ±15V supply 
Q1, Q2, Q3 are on LM389 chip 
* =1% Metal Film 

H =1N4148 


Sensor = PCRC-55 - Phys-Chemical Research Corporation 
A1 = LF347 
A2 = LF353 
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FIGURE 3. 


The output of this stage is fed to another Va of A1. This 
amplifier is used to sum in the 40% RH trim and provide 
adjustable gain to set the 100% RH trim. The output is 
filtered to DC and routed to one half of A2, an LF353, which 
unloads the filter and provides additional gain and the final 
output. 

The other Va of A2 is used to compensate the sensor depar¬ 
ture from logarithmic conformity below 40% RH {Figure 1). 
This is accomplished by changing the gain of the output 
amplifier for RH readings below 40%. The input to the output 
amplifier is sensed by the breakpoint amplifier. When this 
input goes below RH = 40% (about 0.36V at the output 
amplifiers “+” terminal) the breakpoint amplifier swings posi¬ 


tive. This turns on the 2N2222A, causing the required gain 
change to occur at the output amplifier. For RH values above 
40% the transistor is off and the circuits linearizing function is 
determined solely by the logarithmic amplifier. 

In logarithmic configurations such as this, QTs DC operating 
point will vary wildly with temperature and the circuit nor¬ 
mally requires careful attention to temperature compensa¬ 
tion, resulting in the expense associated with logarithmic 
amplifiers. Here, A3, an LM389 audio amplifier IC which also 
contains three discrete transistors, is used in an unorthodox 
configuration to eliminate all temperature compensation re¬ 
quirements. In addition, the cost of the log function is re¬ 
duced by an order of magnitude compared to available ICs 
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and modules. Q3 functions as a chip temperature sensor 
while Q2 serves as a heater. The amplifier senses the tem¬ 
perature dependent Vbe of Q3 and drives Q2 to servo the 
chip temperature to the set-point established by the 
10 kO-1 divider string. The LM329 reference ensures 
power supply independence of the temperature control. Q1 
operates in this tightly controlled thermal environment (typi¬ 
cally 50°C) and is immune to ambient temperature shifts. 
The LM340L 12V regulator ensures safe operation of the 
LM389, a 12V device. The zener at the base of Q2 prevents 
servo lock-up during circuit start-up. Because of the small 
size of the chip, warm-up is quick and power consumption 
low. Figure 6 shows the thermal servo’s performance for a 
step function of 7°C change in set-point. The step is shown in 
trace A while the LM389 output appears in trace B. The 
output responds almost instantaneously and complete set¬ 
tling to the new set-point occurs within 100 ms. 

To adjust this circuit, ground the base of Q2, apply circuit 
power and measure the collector potential of Q3, at known 
room temperature. Next, calculate what Q3’s collector po¬ 
tential will be at 50°C, allowing -2.2 mV/°C. Select the 1 k 
value to yield a voltage close to the calculated 50”C potential 
at the LM389’s negative input. This can be a fairly loose trim, 
as the exact chip temperature is unimportant so long as it is 
stable. Finally, unground Q2’s base and the circuit will servo. 
This may be functionally checked by reading Q3’s collector 
voltage and noting stability within 100 pV (0.05°C) while 
blowing on A3. 

To calibrate the circuit for RH, place a 35 kQ. resistor in the 
sensor position and trim the 150 kl2 pot for an output of 10V. 
Next, substitute an 8 MQ resistor for the sensor and trim the 
10k potentiometer for an output of 4V. Repeat this procedure 
until the adjustments do not interfere with each other. Finally, 
substitute a 60 MQ resistor for the sensor and select the 
nominal 40 kQ value in the breakpoint amplifier for a reading 
of RH = 24%. It may be necessary to select the 1.5 MQ 
value to minimize “hop” at the circuit output when the break¬ 
point is activated. The circuit is now calibrated and will read 
ambient relative humidity when the PCRC-55 sensor is con¬ 
nected. 
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FIGURE 4. 
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FIGURE 5. 



FIGURE 6. 
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Humidity 

Humidity is simply water gas. In air the humidity may vary 
from zero percent for 90°F dry air to as much as 4.5 percent 
for heavily water laden air at 90°F. The amount of water air 
will hold is dependent upon temperature. Relative humidity is 
an expression denoting the ratio of water vapor in the air to 
the amount possible in saturated air at the same tempera¬ 
ture. 

Some of the more common ways of expressing humidity 
related information include wet bulb temperature, dew point 
and frost point. Wet bulb temperature refers to the minimum 
temperature reached by a wetted thermometer bulb in a 
stream of air. The dew point is the point at which water 
saturation occurs in air It is evidenced by water condensa¬ 
tion. When temperatures below 0°C are required to produce 
this phenomenon it is called the frost point. 

Other measurements and ways of expressing humidity exist 
and are useful in a variety of applications. For additional 
information consult the bibliography. 
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Applying Dual and Quad 
FET Op Amps 


National Semiconductor 
Application Note 262 
Michael X. Maida 



The availability of dual and quad packaged FET op amps 
offers the designer all the traditional capabilities of FET op 
amps, including low bias current and speed, and some ad¬ 
ditional advantages. The cost-per-amplifier is lower because 
of reduced package costs. This means that more amplifiers 
are available to implement a function at a given cost, making 
design easier. At the same time, the availability of more 
amplifiers-per-dollar means that relatively self contained and 
sophisticated functions can be designed around a single 
FET dual or quad package. In addition, duals and quads 
require less board space, fewer bypass capacitors and less 
power supply bussing. An inventive designer can capitalize 
on all of these advantages to produce complex circuit func¬ 
tions at low cost. An example is shown in Figure 1. 

High Efficiency Precision Oven 
Temperature Controiier 

In this circuit, a complete, high efficiency pulse width modu¬ 
lating temperature controller is built around a single LF347 
package. In Figure 1, A1 functions as an oscillator whose 
output (Trace A, F/gure 2) periodically resets the A2 integra¬ 
tor output (Trace B, Figure 2) back to zero volts. Each time 
ATs output goes high, a large positive current is forced into 
A2’s summing junction, overcoming the negative current that 
flows through the 100 kQ resistor into the LM129 reference. 
This forces A2’s output to head in a negative-going direction 


ultimately limited by the diode feedback-bound. Another di¬ 
ode provides bias at A2’s “+” input to compensate the bound 
diode and A2’s output settles very near zero volts. When the 
positive output pulse from A1 ends, the positive current into 
A2’s summing junction ceases and A2’s output ramps lin¬ 
early until the next reset pulse. 

A3 functions as a current summing servo-amplifier which 
compares the currents derived from the LM135 temperature 
sensor and the LM129 reference. In this example A3 oper¬ 
ates at a gain of 1000 with a 1 pF capacitor providing 0.1 Hz 
servo response. A3’s output represents the amplified differ¬ 
ence between the LM135’s temperature and the desired 
control setpoint, which may be varied by altering the 21.6k 
value. In this circuit the 21.6k resistor provides a setpoint of 
49°C. A3’s output IS compared to the ramp output of A2 and 
A4, which IS set up as a comparator. A4’s output will only be 
high during the time A3’s output is greater than the ramp 
voltage. The ramp reset pulse is diode-summed with the 
ramp output (Trace C, Figure 2) at A4 to prevent A4’s output 
from going high during the period of the reset pulse. A4’s 
output biases the LM395 power transistor which switches 
power to the heater (Trace D, Figure 2). If the LM135 sensor 
IS tightly coupled to the heater and the oven is well insulated, 
this controller will easily hold 0.05°C over wide excursions of 
ambient temperature. 


t20k 



All diodes = 1N4148 
* = Low TC, metal-film types 
A1-A4 = LF347 quad 


FIGURE 1. Connecting appropriate components to an LF347 quad FET op amp 1C produces 
a high efficiency precision oven temperature controller. This design can hold 
a temperature within 0.05°C despite wide ambient temperature fluctuations. 
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High Efficiency Precision Oven 
Temperature Controiier (Continued) 



01258702 
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A 
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FIGURE 2. Oven-controller waveforms from Figure 1 
circuit show A1 ’s oscillator output (Trace A) and A2’s 
integrator output (B) as the latter resets periodically to 
OV. Trace C displays A4’s ramp input, and (D) indicates 
the LM395’s power input to the oven heater. 


Piatinum RTD High Temperature 
Thermometer with Anaiog and 
Digitai Outputs 

Another temperature related circuit appears in Figure 3 In 
this circuit an LF347 is used to signal condition a Platinum 
RTD and provide simultaneous analog and frequency out¬ 
puts. These outputs are accurate to ±rc over a range of 
300°C-600°C (572T-1112T). Although the circuit maintains 
linearity over a much wider range the non-linear response of 
the RTD over wide range is the limitation to accurate, wide 
range operation (see graph, Figure 4). 

A1 functions as a negative gam inverter to drive a constant 
current through the platinum sensor. The LM129 and the 
5.1k resistor provide the current reference. Because A1 
operates at negative gam the voltage across the sensor is 
extremely low and self-heating induced errors are elimi¬ 
nated. ATs output potential, which varies with the platinum 
sensor’s temperature, is fed to A2. A2 provides scaled gam 
and offsetting so that its output will swing from 3.00V to 
6.00V for a 300°C to 600°C temperature swing at the plati¬ 
num sensor. 

A3 and A4 form a voltage-to-frequency converter which gen¬ 
erates a 300 Hz to 600 Hz output from A2’s 3V to 6V analog 
output. A3 integrates m a negative-going direction at a slope 
which IS linearly dependent upon A2’s output voltage. A4 
compares A3’s negative ramp to the LM129’s positive refer¬ 
ence voltage by current summing in the 10 resistors. 
When the negative value of the ramp just exceeds the 
LM129 voltage A4’s output goes positive, turning on the 
2N4393 FET and resetting the A3 integrator. AC feedback at 
A4 causes it to “hang up” m the positive state long enough to 
completely discharge the integrator capacitor. 
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Platinum RTD High Temperature Thermometer with Analog and Digital 
Outputs (Continued) 



01258703 

^PLATINUM = Rosemount 118 MG 
= 214 2Q at 300°C (572T) 

= 318 2Qat600°C (1112T) 

All diodes = 1N4148 
A1-A4 = LF347 quad 
* = Low TC, metal-film types 


FIGURE 3. Generate simultaneous analog level and frequency outputs using one LF347 package 
by signal-conditioning a platinum RTD sensor. You can calibrate this high temperature (300°C to 600°C) 
measuring circuit to ±rc by using three trimming pots. 
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Platinum RTD High Temperature 
Thermometer with Analog and 
Digital Outputs (Continued) 
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Temperature(°C) 

Resistance(Q) 

600 

318.2 

500 

284.7 

400 

249.8 

300 

219.2 

200 

177.3 

100 

139.2 

0 

100.0 


FIGURE 4. A platinum RTD sensor’s resistance 
decreases linearly from 600°C to 300°C. Then, from 
300°C to 0°C, the sensor’s resistance deviates from a 
straight line slope and degrades the Figure 3 circuit’s 
accuracy beyond ±1°C. 


To calibrate this circuit, substitute a high quality decade box 
(e.g., General Radio #1432-K) for the sensor. Alternately 
adjust the zero (300°C) and full-scale (600°C) potentiom¬ 
eters for the resistance values noted in Figure 4 until A2’s 
output is calibrated. Next, adjust the 200 kQ frequency out¬ 
put trim so the frequency output corresponds to the analog 
value at A2’s output. 


Voltage Controlled Sine Wave 
Oscillator 

Figure 5 diagrams a very high performance voltage con¬ 
trolled sine wave oscillator which uses a single LF347 pack¬ 
age. For a 0V-10V input the circuit produces sine wave 
outputs of 1 Hz to 20 kHz with better than 0.2% linearity. In 
addition, distortion is about 0.4% and the sine wave output 
frequency and amplitude settle instantaneously to a step 
input change. The circuit’s sine wave output is achieved by 
non-linearly shaping the triangle wave output of a 
voltage-to-frequency converter. 

Assume the 2N4393 FET is on and A1 ’s output has just gone 
low. With the FET on, A1’s “+” input is grounded and A1 
functions as a unity gain inverter. In this state its output will 
be equal to -E in (Trace A, Figure 6). This negative voltage 
IS applied to the A2 integrator which responds by ramping in 
a positive direction (Trade B, Figure 6). This positive-going 
ramp is compared by A3 to the LM329 7V reference which is 
contained within its symmetrically bounded positive feed¬ 
back loop. The paralleled diodes compensate the diodes in 
the bridge. When the positive-going ramp voltage just nulls 
out the -7V produced by the LM329, diode bound A3’s 
output goes positive (Trace D, Figure 6). The 100 pF capaci¬ 
tor provides a frequency adaptive trim to A3’s trip point, 
aiding V/F linearity at high frequencies by compensating A3’s 
relatively slow response time when used as a comparator. 
The 10 pF capacitor provides AC positive feedback to A3’s 
positive Input (Trace C, Figure 6). The positive output of A3 
is inverted by the 2N2369 transistor which also has the effect 
of further shortening A3’s response time. It does this by 
using a heavy feed-forward capacitor in its base drive line. 
This allows the transistor to complete switching just barely 
after the A3 output has begun to move! (Trace E, Figure 6). 
The 2N2369’s negative output turns off the 2N4393 FET. 
This lifts Al’s “+” input from ground and causes A1 to be¬ 
come a unity gain follower. This forces Al’s output to imme¬ 
diately slew to the value of E|n. This causes the A2 integrator 
to reverse in direction, forming a triangle wave. When A2 
ramps far enough negative A3 will again switch and the 
entire cycle will repeat. The triangle output at A2 is fed to the 
discrete transistors which form a sine shaper. This configu¬ 
ration uses the logarithmic relationship between collector 
current and Vbe in transistors to smooth the triangle wave. 
The last amplifier in the quad package provides gain and 
buffering and furnishes the sine wave output (Trace F, Figure 
S). 
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Voltage Controlled Sine Wave Oscillator (Continued) 


LOW FREQUENCY 

DISTORTION TRIM ZERO TRIM 


SOk 50k 



* = 1% metal-film resistors 
** = Match to 0 1% 

All diodes = 1N4148 
A1-A4 = LF347 quad 

FIGURE 5. An LF347-based voltage-controlled sine wave oscillator combines high performance with versatiiity. For 
OV to 10V inputs, this circuit generates 1 Hz to 20 kHz outputs with better than 0.2% linearity and oniy 0.4% 

distortion. 
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Voltage Controlled Sine Wave 
Oscillator (Continued) 
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FIGURE 6. Waveforms from the oscillator shown in 
Figure 5 show that upon receiving A1 ’s negative 
voltage (Trace A), A2 ramps in a positive direction (B). 

This ramp joins the AC feedback delivered to A3’s 
positive input (C); Trace D depicts A3’s positive-going 
output. This output in turn is inverted by the 2N2369 
transistor (E), which turns off the 2N4393 and drives 
Al’s positive input above ground. A2’s triangle output 
also connects to four sine-shaper transistors and A4 
and finally emerges as the circuit’s sine wave output 
(F). A distortion analyzer’s output (G) shows the 
circuit’s minimum distortion products after trimming. 

To calibrate the circuit apply 10V to the input and adjust the 
wave shape trim and symmetry trim for minimum distortion 
on a distortion analyzer. Next, adjust the input voltage for an 
output frequency of 10 Hz and trim the low frequency distor¬ 
tion potentiometer for minimum indication on the distortion 
analyzer. Finally, alternately adjust the zero and full-scale 
potentiometers so that inputs of 500 pV and 10V yield re¬ 
spective outputs of 1 Hz and 20 kHz. Distortion products are 
shown in Trace G, Figure 6. 


This circuit provides an unusually clean and wide ranging 
response to rapidly changing inputs, something most sine 
wave oscillators cannot do. Figure 7 shows the circuit’s 
response to a 10V ramp applied to the input. The output is 
singularly clean, with no untoward dynamics, even during or 
following the high speed reset of the ramp. 



Ims/DIV 


01258707 

FIGURE 7. Applying a 10V ramp input (top trace) to the 
Figure 5 circuit’s input produces an extremeiy ciean 
output (bottom trace) with no giitches, ringing or 
overshoot, even during or after the ramp’s high speed 
reset. 


Sine Wave Voltage Reference 

Figure 8 depicts a simple and economical sine wave circuit 
which provides a fixed 1 kHz output with a precise 2.50 Vrms 
amplitude. The circuit may be used as inexpensive AC cali¬ 
bration source or anywhere an amplitude stabilized AC 
source is required. Q1 is set up in a phase shift oscillator 
configuration and oscillates at 1 kHz. The sine wave at Q1 ’s 
collector is AC coupled to A1, which has a closed loop gam 
of about 5. Al’s output, which is the circuit’s output, is 
half-wave rectified by the diode and a DC potential appears 
across the 1 pF capacitor. 

This positive voltage is compared by A2 to a voltage derived 
from the LM329 reference. The diode in the potentiometer 
wiper arm compensates the rectifying diode. The diode in 
A2’s feedback loop prevents negative voltages from being 
applied to Q1 (and the feedback capacitor, an electrolytic) on 
start-up. A2 amplifies the difference of the reference and 
output signals at a gain of 10. The output of A2 is used to 
provide collector bias for Q1, completing an amplitude sta¬ 
bilizing feedback loop around the oscillator. The 2 pF elec¬ 
trolytic provides stable loop compensation. The 5 kt^ poten¬ 
tiometer is adjusted so that the circuit output is exactly 2.50V. 
This output will show less than 1 mV shift for ±5V variation in 
either supply. Drift is typically 250 pV/°C and distortion is 
inside 1%. 
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Sine Wave Voltage Reference (Continued) 


0.02 



01258708 

All diodes = 1N4148 
All capacitors in pF 
* = 1% metal-film types 
A1, A2 = LF353 dual 


FIGURE 8. Reduce parts count and save money by basing this precision sine wave voltage reference on an LF353 
dual FET op amp 1C. This circuit generates a 1 kHz sine wave at 2.50 Vrms. The 2N2222A transistor functions as a 
phase-shift oscillator. The A1, A2 combination amplifies and amplitude stabilizes the circuit’s sine wave output. 


Analog-to-Digital Converter 

An extremely versatile integrating analog-to-digital converter 
appears in Figure 9. A single LF347 quad implements the 
A/D converter which can be either internally or externally 
triggered. As shown, the converter provides a 10-bit serial 
output word with a 10 ms full-scale conversion time. 

To understand this circuit assume the mode select switch is 
in the “free run with delay” position and the 2N4393 FET has 
just been turned off. The A2 Integrator, biased from the 
LM129 reference, begins to ramp in a negative-going direc¬ 
tion (Trace B, Figure 10). The 2N2222A transistor provides a 
-0.6V or a -i-7V feedback output bound for A4, keeping its 
output from saturating and aiding high speed response. AC 
positive feedback assures clean transitions. A3 is set up as a 
100 kHz oscillator. The LM329 and the diodes provide a 
temperature compensated bipolar switching threshold refer¬ 
ence for the oscillator. During the time A4 is low the pulses 
from A3’s output are passed by the 2N3904 transistor. When 
A4 goes high the 2N3904 is biased on and no more pulses 
appear (Trace D, Figure 10). Since A2’s output ramp is linear 
the length of time A4 spends low is directly proportional to 
the value of Ejn- The number of pulses at the 2N3904 output 
provides a digital indication of this information. A2’s ramp 
continues to run after A4 goes high and the actual conver¬ 


sion ends. When the time constant associated with the “free 
run with delay” mode charges to 2V Al’s output goes high 
(Trace A, Figure 10), turning on the 2N4393 FET, which 
resets the integrator. A1 stays high until the AC feedback 
provided by the 150 pF capacitor decays below 2V. At this 
point A1 goes low, A2 begins to ramp and a new conversion 
cycle starts. False data at the converter output is prevented 
during the time A1 is high by resistor diode gating at the 
2N3904 base. 

Normally, a ±1 count uncertainty at the output will be intro¬ 
duced because the 100 kHz clock runs asynchronously with 
the conversion cycle. This problem is eliminated by the diode 
and 4.7k resistor which run between Al’s output and the A3 
negative input. These components force the oscillator to 
synchronize to the conversion cycle at each falling edge of 
A1 ’s output. The length of time between conversions in the 
“free run with delay” mode is adjustable by varying the RC 
combination associated with this switch position. The con¬ 
verter may be triggered externally by any source with a 
greater than 2V amplitude. In the “free run” mode the con¬ 
verter self triggers immediately after A4 goes high. Thus, the 
conversion time will vary with the input voltage. 

This is graphically illustrated In the photo of Figure 11. Here, 
a positive biased sine wave (Trace B, Figure 11) is fed into 
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Analog-to-Digital Converter 

(Continued) 

the A/D input. Because the A/D resets and self triggers 
immediately after converting, the A2 ramp output shapes a 
ramp constructed envelope of the input signal (Trace C, 
Figure 11). Trace A shows this in time expanded form. Note 
that the -120 ppm/°C temperature coefficients of the Poly¬ 


styrene capacitors in the integrator and oscillator will tend to 
track, aiding drift performance in this circuit. From 15°C to 
35“C this circuit achieves 10-bit absolute accuracy. To cali¬ 
brate this circuit apply 10.00V to the input and adjust the FS 
trim for 1000 pulses out per conversion. Next, apply 0.05V 
and adjust zero trim for 5 pulses out per conversion. Repeat 
this procedure until the adjustments converge. 


39k 



*** = 2 kQ to 20 MO typ for delays up to 20 sec 
= Polystyrene types 

* = Metal-film types A1-A4 = LF347 quad 


FIGURE 9. Three mode select switch positions offer a choice of internal or external trigger 
conditions for this integrating A/D converter. Over 15°C to 35°C, this trimmable converter 
provides a 10-bit serial output, converts in 10 ms and accepts OV to 10V inputs. 
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Analog-to-Digital Converter 

(Continued) 
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A 
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B 
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1 ms/Div 

C 

10V/Div 


D 

5V/Div 



FIGURE 10. Depicting the operation of Figure 9 A/D 
circuit in “free run with delay” mode, Trace A shows 
A1 ’s output low. In this state, integrator A2 starts to 
ramp in a negative-going direction (Trace B). When 
A2’s ramp potential barely exceeds the input voltage’s 
negative value, A4’s output goes high (C). This 
transition turns on the 2N3904 transistor, which shuts 
off the TTL output pulse train (D). 
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FIGURE 11. Illustrating the MD converter’s operation in 
the “free run” mode. Trace B shows a positively 
biased sine wave input. Because reset and self trigger 
occur instantly after conversion. A2’s output produces 
a ramp-constructed envelope of the input (Trace C). 
Trace A shows a time expanded form of the envelope 
waveform. 


High Output Current Amplifier 

Figure 12 shows a scheme for obtaining high output current 
into a load by using all 4 amplifiers in an LF347 to supply 
output power. It operates on the principle that all the ampli¬ 
fiers have to supply the same current as A1, whether that 
current is plus, minus or zero. A single LF347 can be used to 
drive a 60012 load to ±11V in this fashion. Two LF347 
packages permit ±40 mA of output current. The series RC 
damper prevents oscillations. The circuit of Figure 13 is 
similar but features a gain of 10 and output to a floating load. 
A1 amplifies the signal and A2 helps it drive the load. A3 
operates as a unity gain inverter and A4 helps it to drive the 
load. This circuit will easily drive a 20000 floating load to 
±20V. 
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High Output Current Amplifier (Continued) 




01258712 


A1-A4 = LF347 quad 

FIGURE 12. Utilizing current-amplifying capabilities, one LF347 can drive a 6001^ load to ±11V. 
For additional power, two LF347’s can supply an output current of ±40 mA. 
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01258713 

*= 1% types 
A1-A4 - LF347 quad 


FIGURE 13. Configured as a high output current ampiifier with a gain 
of 10, this LF347 circuit can drive a 200n fioating ioad to ±20V. 
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Sine Wave Generation 
Techniques 


National Semiconductor 
Application Note 263 
Michael X. Maida 



Producing and manipulating the sine wave function is a 
common problem encountered by circuit designers. Sine 
wave circuits pose a significant design challenge because 
they represent a constantly controlled linear oscillator. Sine 
wave circuitry is required in a number of diverse areas, 
including audio testing, calibration equipment, transducer 
drives, power conditioning and automatic test equipment 
(ATE). Control of frequency, amplitude or distortion level is 
often required and all three parameters must be simulta¬ 
neously controlled In many applications. 

A number of techniques utilizing both analog and digital 
approaches are available for a variety of applications. Each 
individual circuit approach has inherent strengths and weak¬ 
nesses which must be matched against any given applica¬ 
tion (see table). 

Phase Shift Oscillator 

A Simple inexpensive amplitude stabilized phase shift sine 
wave oscillator which requires one 1C package, three tran¬ 
sistors and runs off a single supply appears in Figure 1. Q2, 
in combination with the RC network comprises a phase shift 


configuration and oscillates at about 12 kHz. The remaining 
circuitry provides amplitude stability. The high impedance 
output at Q2’s collector is fed to the Input of the LM386 via 
the 10 pF-1M series network. The 1M resistor in combination 
with the internal 50 kQ unit in the LM386 divides Q2’s output 
by 20. This is necessary because the LM386 has a fixed gain 
of 20. In this manner the amplifier functions as a unity gain 
current buffer which will drive an 8Q load. The positive peaks 
at the amplifier output are rectified and stored in the 5 pF 
capacitor. This potential is fed to the base of Q3. Q3’s 
collector current will vary with the difference between its 
base and emitter voltages. Since the emitter voltage is fixed 
by the LM313 1.2V reference, Q3 performs a comparison 
function and its collector current modulates Q1 ’s base volt¬ 
age. Q1, an emitter follower, provides servo controlled drive 
to the Q2 oscillator. If the emitter of Q2 is opened up and 
driven by a control voltage, the amplitude of the circuit output 
may be varied. The LM386 output will drive 5V (1.75 Vrms) 
peak-to-peak into 8i2 with about 2% distortion. A ±3V power 
supply variation causes less than ±0.1 dB amplitude shift at 
the output. 



FIGURE 1. Phase-shift sine wave oscillators combine simplicity with versatility. 
This 12 kHz design can deliver 5 Vp-p to the 8Q load with about 2% distortion. 
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Sine-Wave-Generation Techniques 


Type 

Typical 

Frequency 

Range 

Typical 

Distortion 

(%) 

Typical 

Amplitude 

Stability 

(%) 

Comments 

Phase Shift 

10 Hz-1 MHz 

1-3 

3 (Tighter 

with Servo 

Control) 

Simple, inexpensive technique. Easily amplitude servo 
controlled. Resistively tunable over 2:1 range with 
little trouble. Good choice for cost-sensitive, moderate- 
performance applications. Quick starting and settling. 

Wein Bridge 

1 Hz-1 MHz 

0.01 

1 

Extremely low distortion. Excellent for high-grade 
instrumentation and audio applications. Relatively 
difficult to tune—requires dual variable resistor with 
good tracking Take considerable time to settle after 
a step change in frequency or amplitude. 

LC 

Negative 

Resistance 

1 kHz-10 MHz 

1-3 

3 

Difficult to tune over wide ranges. Higher Q than RC 
types. Quick starting and easy to operate in high 
frequency ranges. 

Tuning Fork 

60 Hz-3 kHz 

0.25 

0.01 

Frequency-stable over wide ranges of temperature and 
supply voltage. Relatively unaffected by severe shock 
or vibration. Basically untunable. 

Crystai 

30 kHz-200 MHz 

0.1 

1 

Highest frequency stability. Only slight (ppm) tuning 
possible. Fragile. 

Triangle- 

Driven Break¬ 
point Shaper 

< 1 Hz-500 kHz 

1-2 

1 

Wide tuning range possible with quick settling to new 
frequency or amplitude. 

Triangle- 

Driven 

Logarithmic 

Shaper 

< 1 Hz-500 kHz 

0.3 

0.25 

Wide tuning range possible with quick settling to new 
frequency or amplitude. Triangle and square wave also 
available. Excellent choice for general-purpose 
requirements needing frequency-sweep capability with 
low-distortion output. 

DAC-Driven 

Logarithmic 

Shaper 

<1 Hz-500 kHz 

0.3 

0.25 

Similar to above but DAC-generated triangle wave 
generally easier to amplitude-stabilize or vary. Also, 

DAC can be addressed by counters synchronized to a 
master system clock. 

ROM-Driven 

DAC 

1 Hz-20 MHz 

0.1 

0.01 

Powerful digital technique that yields fast amplitude 
and frequency slewing with little dynamic error. Chief 
detriments are requirements for high-speed clock (e.g., 

8-bit DAC requires a clock that is 256 x output sine 
wave frequency) and DAC glitching and settling, which 
will introduce significant distortion as output 
frequency increases. 


Low Distortion Oscillation 

In many applications the distortion levels of a phase shift 
oscillator are unacceptable. Very low distortion levels are 
provided by Wein bridge techniques. In a Wein bridge stable 
oscillation can only occur if the loop gain is maintained at 
unity at the oscillation frequency. In Figure 2a this is 
achieved by using the positive temperature coefficient of a 
small lamp to regulate gain as the output attempts to vary. 
This is a classic technique and has been used by numerous 
circuit designers* to achieve low distortion. The smooth 
limiting action of the positive temperature coefficient bulb in 
combination with the near ideal characteristics of the Wein 


network allow very high performance. The photo of Figure 3 
shows the output of the circuit of Figure 2a. The upper trace 
is the oscillator output. The middle trace is the downward 
slope of the waveform shown greatly expanded. The slight 
aberration is due to crossover distortion in the FET-input 
LF155. This crossover distortion is almost totally responsible 
for the sum of the measured 0.01% distortion in this oscilla¬ 
tor. The output of the distortion analyzer is shown in the 
bottom trace. In the circuit of Figure 2b, an electronic equiva¬ 
lent of the light bulb is used to control loop gain. The zener 
diode determines the output amplitude and the loop time 
constant is set by the 1M-2.2 pF combination. 
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Low Distortion Osciiiation (Continued) 

The 2N3819 FET, biased by the voltage across the 2.2 |jF 
capacitor, is used to control the AC loop gain by shunting the 
feedback path. This circuit is more complex than Figure 2a 
but offers a way to control the loop time constant while 
maintaining distortion performance almost as good as in 
Figure 2. 

Note: * Including William Hewlett and David Packard who built a few of these 
type circuits in a Palo Alto garage about forty years ago 

High Voltage AC Calibrator 

Another dimension in sine wave oscillator design is stable 
control of amplitude. In this circuit, not only is the amplitude 
stabilized by servo control but voltage gain is included within 
the servo loop. 

A 100 Vrms output stabilized to 0.025% is achieved by the 
circuit of Figure 4. Although complex in appearance this 
circuit requires just 3 IC packages. Here, a transformer is 
used to provide voltage gain within a tightly controlled servo 
loop. The LM3900 Norton amplifiers comprise a 1 kHz am¬ 


430 



00748302 

(a) 


plitude controllable oscillator. The LH0002 buffer provides 
low impedance drive to the LS-52 audio transformer. A volt¬ 
age gain of 100 is achieved by driving the secondary of the 
transformer and taking the output from the primary. A 
current-sensitive negative absolute value amplifier com¬ 
posed of two amplifiers of an LF347 quad generates a 
negative rectified feedback signal. This is compared to the 
LM329 DC reference at the third LF347 which amplifies the 
difference at a gain of 100. The 10 pF feedback capacitor is 
used to set the frequency response of the loop. The output of 
this amplifier controls the amplitude of the LM3900 oscillator 
thereby closing the loop. As shown the circuit oscillates at 1 
kHz with under 0.1% distortion for a 100 Vrms (285 Vp-p) 
output. If the summing resistors from the LM329 are re¬ 
placed with a potentiometer the loop is stable for output 
settings ranging from 3 Vrms to 190 Vrms (542 Vp-p!) with 
no change in frequency. If the DAC1280 D/A converter 
shown in dashed lines replaces the LM329 reference, the AC 
output voltage can be controlled by the digital code input with 
3 digit calibrated accuracy. 


0 068mF 



FIGURE 2. A basic Wein bridge design (a) empioys a iamp’s positive temperature coefficient 
to achieve amplitude stability. A more complex version (b) provides 
the same feature with the additional advantage of loop time-constant control. 
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High Voltage AC Calibrator (Continued) 
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FIGURE 3. Low-distortion output (top trace) is a Wein bridge oscillator feature. The very 
low crossover distortion level (middle) results from the LF155’s output stage. A distortion 
analyzer’s output signal (bottom) indicates this design’s 0.01% distortion level. 


100k 



A1-A3 = 1/4 LM3900 

A4 = LH0002 

A5-A7 = 1/4 LF347 

T1 = UTC LS-52 

All diodes = 1N914 

* = low-TC, metal-film types 

FIGURE 4. Generate high-voltage sine waves using iC-based circuits by driving a transformer in a step-up mode. 

You can realize digital amplitude control by replacing the LM329 voltage reference with the DAC1287. 
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Negative Resistance Osciiiator 

All of the preceding circuits rely on RC time constants to 
achieve resonance. LC combinations can also be used and 
offer good frequency stability, high Q and fast starting. 

In Figure 5 a negative resistance configuration is used to 
generate the sine wave. The Q1-Q2 pair provides a 15 pA 
current source. Q2’s collector current sets Q3’s peak collec¬ 
tor current. The 300 kQ resistor and the Q4-Q5 LM394 


matched pair accomplish a voltage-to-current conversion 
that decreases Q3’s base current when its collector voltage 
rises. This negative resistance characteristic permits oscilla¬ 
tion. The frequency of operation is determined by the LC in 
the Q3-Q5 collector line. The LF353 FET amplifier provides 
gain and buffering. Power supply dependence is eliminated 
by the zener diode and the LF353 unity gain follower. This 
circuit starts quickly and distortion is inside 1.5%. 



SINE- 

WAVE 

OUTPUT 


00748306 


FIGURE 5. LC sine wave sources offer high stability and reasonable distortion levels. Transistors Q1 through Q5 
implement a negative-resistance amplifier. The LM329, LF353 combination eliminates power-supply dependence. 


Resonant Element 
Oscillator—Tuning Fork 

All of the above oscillators rely on combinations of passive 
components to achieve resonance at the oscillation fre¬ 
quency. Some circuits utilize inherently resonant elements to 
achieve very high frequency stability. In Figure 6 a tuning 
fork is used in a feedback loop to achieve a stable 1 kHz 
output. Tuning fork oscillators will generate stable low fre¬ 
quency sine outputs under high mechanical shock condi¬ 
tions which would fracture a quartz crystal. 

Because of their excellent frequency stability, small size and 
low power requirements, they have been used in airborne 
applications, remote instrumentation and even watches. The 


low frequencies achievable with tuning forks are not avail¬ 
able from crystals. In Figure 6, a 1 kHz fork is used in a 
feedback configuration with Q2, one transistor of an LM3045 
array. Q1 provides zener drive to the oscillator circuit. The 
need for amplitude stabilization is eliminated by allowing the 
oscillator to go into limit. This is a conventional technique in 
fork oscillator design. Q3 and Q4 provide edge speed-up 
and a 5V output for TTL compatibility. Emitter follower Q5 is 
used to drive an LC filter which provides a sine wave output. 
Figure 7, trace A shows the square wave output while trace 
B depicts the sine wave output. The 0.7% distortion in the 
sine wave output is shown in trace C, which is the output of 
a distortion analyzer. 
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Resonant Element Oscillator—Tuning Fork (Continued) 



SINE- 

WAVE 

OUTPUT 


00748307 

Q1-Q5 = LM3045 array 

Y1 = 1 kHz tuning fork, Fork Standards Inc 

All capacitors in pF 


FIGURE 6. Tuning fork based oscillators don’t inherently produce sinusoidal outputs. But when you do use 
them for this purpose, you achieve maximum stability when the oscillator stage (Q1, Q2) limits. 

Q3 and Q4 provide a TTL compatible signal, which Q5 then converts to a sine wave. 



Trace 

Vertical 
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5V/DIV 

50V/DIV 

0.2V/DIV 

500 ps/DIV 


FIGURE 7. Various output levels are provided by the tuning fork osciliator shown in Figure 6. 
This design easily produces a TTL compatible signal (top trace) because the oscillator is allowed 
to limit. Low-pass filtering this square wave generates a sine wave (middle). The oscillator’s 
0.7% distortion level is indicated (bottom) by an analyzer’s output. 
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Resonant Element 
Oscillator—Quartz Crystal 

Quartz crystals allow high frequency stability in the face of 
changing power supply and temperature parameters. Figure 
8a shows a simple 100 kHz crystal oscillator. This Colpitts 
class circuit uses a JFET for low loading of the crystal, aiding 
stability. Regulation will eliminate the small effects (~ 5 ppm 
for 20% shift) that supply variation has on this circuit. Shunt¬ 
ing the crystal with a small amount of capacitance allows 
very fine trimming of frequency. Crystals typically drift less 
than 1 ppmrc and temperature controlled ovens can be 
used to eliminate this term {Figure 8b). The RC feedback 
values will depend upon the thermal time constants of the 
oven used. The values shown are typical. The temperature 
of the oven should be set so that it coincides with the 
crystal’s zero temperature coefficient or “turning point” tem¬ 
perature which is manufacturer specified. An alternative to 
temperature control uses a varactor diode placed across the 


crystal. The varactor is biased by a temperature dependent 
voltage from a circuit which could be very similar to Figure 8b 
without the output transistor. As ambient temperature varies 
the circuit changes the voltage across the varactor, which in 
turn changes its capacitance. This shift in capacitance trims 
the oscillator frequency. 

Approximation Methods 

All of the preceding circuits are inherent sine wave genera¬ 
tors. Their normal mode of operation supports and maintains 
a sinusoidal characteristic. Another class of oscillator is 
made up of circuits which approximate the sine function 
through a variety of techniques. This approach is usually 
more complex but offers increased flexibility in controlling 
amplitude and frequency of oscillation. The capability of this 
type of circuit for a digitally controlled interface has markedly 
increased the popularity of the approach. 
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FIGURE 8. Stable quartz-crystal oscillators can operate with a single active device (a). You can achieve 
maximum frequency stability by mounting the oscillator in an oven and using a temperature-controlling 
circuit (b). A varactor network (c) can also accomplish crystal fine tuning. Here, the varactor replaces the 
oven and retunes the crystal by changing its load capacitances. 
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Sine Approximation—Breakpoint 
Shaper 

Figure 9 diagrams a circuit which will “shape” a 20 Vp-p 
wave input into a sine wave output. The amplifiers serve to 
establish stable bias potentials for the diode shaping net¬ 
work. The shaper operates by having individual diodes turn 
on or off depending upon the amplitude of the input triangle. 
This changes the gam of the output amplifier and gives the 
circuit Its characteristic non-linear, shaped output response. 
The values of the resistors associated with the diodes deter¬ 
mine the shaped waveform’s appearance. Individual diodes 
in the DC bias circuitry provide first order temperature com¬ 


pensation for the shaper diodes. Figure 10 shows the cir¬ 
cuit’s performance. Trace A is the filtered output (note 1000 
pF capacitor across the output amplifier). Trace B shows the 
waveform with no filtering (1000 pF capacitor removed) and 
trace C is the output of a distortion analyzer. In trace B the 
breakpoint action is just detectable at the top and bottom of 
the waveform, but all the breakpoints are clearly identifiable 
in the distortion analyzer output of trace C. In this circuit, if 
the amplitude or symmetry of the input triangle wave shifts, 
the output waveform will degrade badly. Typically, a D/A 
converter will be used to provide input drive. Distortion in this 
circuit is less than 1.5% for a filtered output. If no filter is 
used, this figure rises to about 2.7%. 


15V 



SINE- 

WAVE 

OUTPUT 
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All diodes = 1N4148 
All op amps = Va LF347 


FIGURE 9. Breakpoint shaping networks employ diodes that conduct in direct proportion to an input triangle wave’s 
amplitude. This action changes the output amplifier’s gain to produce the sine function. 
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FIGURE 10. A clean sine wave results (trace A) when Figure 9 circuit’s output inciudes a 1000 pF capacitor. 
When the capacitor isn’t used, the diode network’s breakpoint action becomes apparent (trace B). 

The distortion analyzer’s output (trace C) clearly shows all the breakpoints. 
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Sine Approximation—Logarithmic 
Shaping 

Figure 11 shows a complete sine wave oscillator which may 
be tuned from 1 Hz to 10 kHz with a single variable resistor. 
Amplitude stability is inside 0.02%/°C and distortion is 
0.35%. In addition, desired frequency shifts occur instanta¬ 
neously because no control loop time constants are em¬ 
ployed. The circuit works by placing an integrator inside the 
positive feedback loop of a comparator. The LM311 drives 
symmetrical, temperature-compensated clamp arrange¬ 
ment. The output of the clamp biases the LF356 integrator. 


The LF356 integrates this current into a linear ramp at its 
output. This ramp is summed with the clamp output at the 
LM311 input. When the ramp voltage nulls out the bound 
voltage, the comparator changes state and the integrator 
output reverses. The resultant, repetitive triangle waveform 
is applied to the sine shaper configuration. The sine shaper 
utilizes the non-linear, logarithmic relationship between Vb© 
and collector current in transistors to smooth the triangle 
wave. The LM394 dual transistor is used to generate the 
actual shaping while the 2N3810 provides current drive. The 
LF351 allows adjustable, low impedance, output amplitude 
control. Waveforms of operation are shown in Figure 14. 



SINE- 
) WAVE 
OUTPUT 


All diodes = 1N4148 


Adjust symmetry and wave¬ 
shape controls for minimum distortion 
* LM311 Ground Pin (Pin 1) at -15V 


FIGURE 11. Logarithmic shaping schemes produce a sine wave oscillator that you can 
tune from 1 Hz to 10 kHz with a single control. Additionally, you can shift frequencies rapidly 
because the circuit contains no control-loop time constants. 


Sine Approximation—Voitage 
Controiied Sine Osciliator 

Figure 12 details a modified but extremely powerful version 
of Figure 11. Here, the input voltage to the LF356 integrator 
is furnished from a control voltage input instead of the zener 
diode bridge. The control input is inverted by the LF351. The 
two complementary voltages are each gated by the 2N4393 
FET switches, which are controlled by the LM311 output. 


The frequency of oscillation will now vary in direct proportion 
to the control input. In addition, because the amplitude of this 
circuit is controlled by limiting, rather than a servo loop, 
response to a control step or ramp input is almost instanta¬ 
neous. For a OV-1OV input the output will run over 1 Hz to 30 
kHz with less than 0.4% distortion. In addition, linearity of 
control voltage vs output frequency will be within 0.25%. 
Figure 13 shows the response of this circuit (waveform B) to 
a 10V ramp (waveform A). 
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Sine Approximation—Voltage Controlled Sine Oscillator (Continued) 


ZERO-FREQUENCY 

TRIM 



Adjust distortion for 
minimum at 1 Hz to 10 Hz 
Adjust full-scale for 30 kHz 
at 10V input 
All diodes = 1N4148 
* Match to 0 1% 


FIGURE 12. A voltage-tunable oscillator results when Figure 11’s design is modified to include signal-level- 
controlled feedback. Here, FETs switch the integrator’s input so that the resulting summing-junction current is a 
function of the input control voltage. This scheme realizes a frequency range of 1 Hz to 30 kHz for a OV to 10V input. 
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FIGURE 13. Rapid frequency sweeping is an inherent 
feature of Figure 12’s voltage-controlled sine wave 
oscillator. You can sweep this VCO from 1 Hz to 30 kHz 
with a 10V input signal; the output settles quickly. 


Sine Approximation—Digitai 
Methods 

Digital methods may be used to approximate sine wave 
operation and offer the greatest flexibility at some increase in 
complexity. Figure 75 shows a 10-bit 1C D/A converter driven 
from up/down counters to produce an amplitude-stable tri¬ 
angle current into the LF357 FET amplifier. The LF357 is 


used to drive a shaper circuit of the type shown in Figure 11. 
The output amplitude of the sine wave is stable and the 
frequency is solely dependent on the clock used to drive the 
counters. If the clock is crystal controlled, the output sine 
wave will reflect the high frequency stability of the crystal. In 
this example, 10 binary bits are used to drive the DAC so the 
output frequency will be 1/1024 of the clock frequency. If a 
sine coded read-only-memory is placed between the counter 


2-127 


WWW national.com 


AN-263 



AN-263 


Sine Approximation—Digitai 

Methods (Continued) 

outputs and the DAC, the sine shaper may be eliminated and 
the sine wave output taken directly from the LF357. This 
constitutes an extremely powerful digital technique for gen¬ 
erating sine waves. The amplitude may be voltage controlled 
by driving the reference terminal of the DAC. The frequency 
is again established by the clock speed used and both may 
be varied at high rates of speed without introducing signifi¬ 


cant lag or distortion. Distortion is low and is related to the 
number of bits of resolution used. At the 8-bit level only 0.5% 
distortion is seen (waveforms, Figure 16\ graph, Figure 17) 
and filtering will drop this below 0.1%. In the photo of Figure 
16 the ROM directed steps are clearly visible in the sine 
waveform and the DAC levels and glitching show up in the 
distortion analyzer output. Filtering at the output amplifier 
does an effective job of reducing distortion by taking out 
these high frequency components. 
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FIGURE 14. Logarithmic shapers can utilize a variety of circuit waveforms. The input to the 
LF356 integrator {Figure 11) appears here as trace A. The LMSIl’s input (trace B) is the 
summed result of the integrator’s triangle output (C) and the LM329’s clamped waveform. 
After passing through the 2N3810/LM394 shaper stage, the resulting sine wave is amplified 
by the LF351 (D). A distortion analyzer’s output (E) represents a 0.35% total harmonic distortion. 
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Sine Approximation—Digitai Methods (Continued) 



MM74C00 = NAND 
MM74C32 = OR 
MM74C74 = D flip-flop 
MM74193 = counters 

FIGURE 15. Digitai techniques produce triangular waveforms that methods employed in Figure 11 can then 
easily convert to sine waves. This digital approach divides the input clock frequency by 1024 and uses the 
resultant 10 bits to drive a DAC. The DAC’s triangular output—amplified by the LF357—drives the log shaper 
stage. You could also eliminate the log shaper and place a sine-coded ROM between the counters’ outputs 
and the DAC, then recover the sine wave at point A. 
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Sine Approximation—Digital Methods (Continued) 
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FIGURE 16. An 8-bit sine coded ROM version of Figure 15's circuit produces 
a distortion level less than 0.5%. Filtering the sine output—shown here with a 
distortion analyzer’s trace—can reduce the distortion to below 0.1%. 
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FIGURE 17. Distortion levels decrease with increasing 
digital word length. Although additional filtering can 
considerably improve the distortion levels (to 0.1% from 
0.5% for the 8-bit case), you’re better off using a long digital word. 
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Circuit Applications of 
Sample-Hold Amplifiers 


National Semiconductor 
Application Note 266 
Michael X. Maida 



Most designers are familiar with the sample-hold amplifier as 
a system component which is utilized in high speed data 
acquisition work. In these applications, the sample-hold am¬ 
plifier is used to store analog data which is then digitized by 
a relatively slow A/D converter. In this fashion, high speed or 
multiplexed analog data can be digitized without resorting to 
complex and expensive ultra-high speed A/D converters. 

The use of sample-hold amplifiers as circuit oriented com¬ 
ponents is not as common as the class of application de¬ 
scribed above. This is unfortunate, because sampling tech¬ 
niques allow circuit functions which are sophisticated, low 
cost and not easily achieved with other approaches. An 
excellent example is furnished by the fiber optic data link 
intrusion alarm of Figure 1. 

Fiber Optic Data Link intrusion 
Aiarm 

The circuit of Figure 1 will detect an attempt to tap a fiber 
optic data link. It may be used with any fiber optic commu¬ 


nication system which transmits data in pulse coded form. 
The circuit works by detecting any short-term change in the 
loss characteristics of the fiber optic line. Long term changes 
due to temperature and component aging do not affect the 
circuit. The amplitude of the pulses at the LH0082 fiber optic 
receiver IC (A6) will depend upon the characteristics of the 
photocomponents and the losses in the optical line. Any 
attempt to tap the fiber optic will necessitate removal of 
some amount of light energy. This will cause an instanta¬ 
neous drop in the pulse amplitude at A6’s output. The am¬ 
plitude of each of A6’s output pulses is sampled by the 
LF398 sample-hold amplifier (A3), A1 and A2 provide a 
delayed sample-hold control pulse to A3, which insures that 
A6’s output is sampled well after its output has settled. 
Under normal conditions, the pulse-to-pulse amplitude varia¬ 
tions at A6’s output will be negligible, and the output of A3 
will be at a DC level. A4 is AC coupled and its output will be 
zero. During an intrusion attempt, energy will be removed 
from the line and A6’s output will shift, causing A3 to jump to 
a new DC level. This shift will be AC amplified by A4 and the 
A5 comparator will trip, activating the latch circuitry. 


I5V 



00562701 


FIGURE 1. Fiber optic link eavesdropping attempts are immediately detected by this design. Working on a 
pulse-by-pulse comparison basis, A3 samples each input pulse and holds its output amplitude value at a DC 
level. Anything that disturbs the next input’s amplitude causes a jump in this level; because A4 is an AC-coupled 
amplifier, the comparator and latch then activate. 
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Fiber Optic Data Link Intrusion 
Alarm (Continued) 

Note that the circuit is not affected by siow drifts in circuit 
components over time and temperature because it is only 
sensitive to AC disturbances on the line. In addition, the 
frequency and pulse widths of the data may vary over wide 
ranges. The photo of Figure 2 shows the circuit in operation. 
Trace A is A6’s output. Trace B is the sample-hold control pin 
at A3 and Trace C is the latch-alarm output. In this figure, a 
disturbance on the fiber optic line has occurred just past the 
midpoint of the photo. This is reflected by the reduced am¬ 
plitude of A6’s output at this point. The latch-alarm output 
goes high just after the sample command rises, due to the 
sample-hold amplifier jumping to the new value at A6’s out¬ 
put. In the photo, the disturbance has been made large 
(e 10%) for viewing purposes. In practice, the circuit will 
detect an energy removal as small as 0.1% from the line. 
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FIGURE 2. An intrusion attempt occurring just past the 
midpoint of Trace A is immediately detected by 
Figure Vs circuit. The photodetector’s amplifier output 
(A) shows a slight amplitude drop. The next time the 
S-H amplifier samples this signal (B), the alarm latch 
sets (C). 


Proportional Pulse Stretcher 

The circuit of Figure 3 aWows high accuracy measurement of 
short width pulse durations. The pulses may be either repeti¬ 
tive or single-shot events. Using digital techniques, a 1% 
width measurement of a 1 ps event requires a 100 MHz 
clock. This circuit gets around this requirement by linearly 
amplifying the width of the input pulse with a time multiplying 
factor of 1000 or more. Thus, a 1 ps input event will yield a 
1 ms output pulse which is easy to measure to 1%. This 
measurement capability is useful in high energy physics and 
nuclear instrumentation work, where short pulse width sig¬ 
nals are common. 

Figure 4, Trace A shows a 350 ns input pulse applied to the 
circuit of Figure 3. The A1 comparator output goes low 
{Figure 4, Trace B), triggering the DM74121 one shot, which 
resets the 100 pF capacitor to OV via Q1 with a 50 ns pulse 
(Trace C). Concurrently, Q2 is turned off, allowing the A3 
current source to charge the 100 pF capacitor in a linear 
fashion {Figure 4, Trace C). This charging continues until the 
circuit input pulse ends, causing ATs output to return high 
and cutting off the current source. The voltage across the 
100 pF capacitor at this point in time is directly proportional 
to the width of the circuit input pulse. This voltage Is sampled 
by the LF398 sample-hold amplifier (A2) which receives its 
sample-hold command from A3 {Figure 4, Trace E—note 
horizontal scale change at this point). A3 is fed from a delay 
network which is driven by ATs inverting output. The output 
of A2 IS a DC voltage, which represents the width of the most 
recently applied pulse to the circuit’s input. This DC potential 
is applied to A4, which along with A5 comprises a voltage 
controlled pulse width modulator. A5 ramps positive 
{Figure 4, Trace G) until it is reset by a pulse from A6, which 
goes high for a short period {Figure 4, Trace F) each time 
A3’s output {Figure 4, Trace E) goes low. The ramps at A6’s 
output are compared to A2’s output voltage by A4, which 
goes high for a period linearly dependent on A2’s output 
value {Figure 4, Trace H). This pulse is the circuit’s output. 
In this particular circuit, the time amplification factor is about 
2000 with a 1 ps full-scale width giving a 1.4 ms output pulse. 
Absolute accuracy of the time expansion is 1% (10 ns) 
referred to input with resolution down to 2 ns. The 50 ns 
DM74121 reset pulse limits the minimum pulse width the 
circuit can measure. 
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Proportional Pulse Stretcher (Continued) 


200 pF 
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FIGURE 3. Pulse width measurement accuracy is enhanced by this pulse stretching circuit. A short input pulse 
triggers the 74121 one-shot and (via Q1) discharges the 100 pF capacitor while concurrently turning on the 
recharging current source, Q3. So long as the input pulse is present, the capacitor charges; when the pulse ends, 
the capacitor’s voltage is proportional to the pulse’s width. S-H amplifier A2 samples this voltage, and the resultant 
DC level controls the ON duration of the A4/A5 pulse width modulator. 
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Proportional Pulse Stretcher (Continued) 
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FIGURE 4. A sequence of events in Figure 3’s circuit stretches a 350 ns input pulse (A) by a factor of 2000. When 
triggered, comparator A1 goes low (B). This action starts the recharging of a capacitor (C) after its previously stored 
charge has been dumped (D). When the input pulse ends, the capacitor’s voltage is sampled under control of a 
delayed pulse (E) derived from the input amplifier’s inverting output (F). The sampled and held voltage then turns off 
a voltage controlled pulse width modulator (G), and a stretched output pulse results (H). 


Controlled Amplitude Pulser 

Figure 5 depicts a circuit which converts an input pulse train 
into an amplitude stabilized pulse output which will drive a 
20Q load. The output pulse amplitude is adjustable from OV 
to 10V and is stable over time, temperature and load 
changes. This circuit function is useful in automatic test 
equipment and general laboratory applications. 

The circuit works by storing the sampled amplitude of the 
output pulse as a DC level, and supplying this information to 
a feedback loop which controls the voltage applied to the 
output switch. Each time a pulse is applied at the circuit in¬ 
put, the Q2-Q3 combination turns on and drives the load. 


Simultaneously, the A1 sample-hold amplifier is placed in the 
sample mode. When the pulse ends, Al’s output is at a DC 
level equal to the amplitude of the output pulse. This level is 
compared to the amplitude set DC reference by A2, whose 
output drives Q1. Ql’s emitter provides the DC supply level 
to the Q2-Q3 switch. This servo action forces the amplitude 
of the output pulse to be the same as the DC potential at the 
amplitude set potentiometer wiper, regardless of Q3 switch 
losses or loading. In Figure 6, Trace A is the circuit output. 
Traces B and C detail the rising and falling edges of the 
output (note horizontal sweep time change for B and C) with 
clean 50 ns transitions into the 20Q load. 
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Controlled Amplitude Pulser (Continued) 


47/iF 

TANTALUM 



CONTROLLED 
) AMPLITUDE 
OUTPUT 


FIGURE 5. Pulse amplitude control results when this circuit samples an output pulse’s amplitude and compares it 
with a preset reference level. When the output exceeds this reference, A2 readjusts switching transistor Q3’s supply 

voltage to the correct level. 
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FIGURE 6. A 10V, 0.5A pulse (A) is amplitude stabilized by the S-H technique depicted in Figure 5. Note the clean 50 

ns rise (B) and fall (C) times. 


Isolated Input Signal Conditioning 
Amplifier 

Figure 7 is a logical and very powerful extension of the 
controlled amplitude pulser shown in Figure 5. This circuit 
permits measurement of a small amplitude signal, e.g., ther¬ 
mocouples, in the presence of common-mode noise or volt¬ 
ages as high as 500V. This is a common requirement in 
industrial control systems. Despite the fact that the input 
terminals are fully galvanically isolated from the output, a 


transfer accuracy of 0.1% may be expected. With the op¬ 
tional low-level pre-amplifier shown, inputs as low as 10 mV 
full-scale may be measured. 

The circuit works by converting the input signal into a pulse 
tram whose amplitude is linearly dependent on the input 
signal value. This pulse train drives a transformer which 
provides total galvanic isolation of the input circuitry from 
ground. The transformer output is then demodulated back to 
a DC level to provide the circuit’s system ground referenced 
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Isolated Input Signal Conditioning 
Ampiifier (Continued) 

output. The amplitude of the pulse train which drives the 
transformer is controlled by a loop very similar to the one 
described in Figure 5. The amplitude set potentiometer has 
been deleted, and the servo amplifier’s V’ input becomes 
the circuit input. A1, a low drift X1000 amplifier, may be 
employed for boosting low-level inputs. The pulse train is 
supplied by A2, which is set up as an oscillator (A2 output 
shown in Figure 8, Trace A). The feedback to the pulse 


amplitude stabilizing loop is taken from an isolated second¬ 
ary of the transformer, which insures high accuracy ampli¬ 
tude information transfer. The amplitude coded information 
at the transformer’s secondary {Figure 8, Trace B) is de¬ 
modulated back to a DC level by sample-hold amplifier, A7. 
A5 (output. Figure 8, Trace C) and A6 (“+” input. Figure 8, 
Trace D; output. Figure 8, Trace E) provide a delayed 
sample command to A7, ensuring accurate acquisition of the 
transformer’s output pulse amplitude. A8 provides gain trim¬ 
ming and filtering capability. 



T1 = TRW TC-SSO-32 
Cr =0 33 ^lF typical 
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FIGURE 7. Obtain input signal isolation using this circuit’s dual S-H scheme. Analog input signals amplitude 
modulate a pulse train using a technique similar to that employed in Figure 5’s design. This modulated data is 
transformer coupled, and thereby isolated, to a DC filter stage, where it is resampled and reconstructed. 
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Isolated Input Signal Conditioning 
Amplifier (Continued) 
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FIGURE 8. Figure 7s in-circuit oscillator (A2) 
generates both the sampling pulse (A) and the 
switching transistor’s drive. Modulated by the analog 
input signal, Q2’s (and therefore T1’s) output (B) is 
demodulated by S-H amplifier A7. A5’s output (C) and 
A6’s input (D) and output (E) provide a delayed sample 
command. 


Figure 9 provides very graphic evidence of the circuit at 
work. Here, a DC biased sine wave {Figure 9, Trace A) is fed 
into the circuit input. Trace B is the clock from A2’s output. 
Trace C is the transformer secondary (input of A7 
sample-hold amplifier) and Trace D is A7’s output. Trace E 
shows the filter’s output at A8. 


Precision, High Efficiency 
Temperature Controiier 

The sample-hold amplifier in Figure 10 \s used to provide 
very high stability in an oven temperature control circuit. In 
this circuit, the output signal of the pulse driven 
thermistor-bridge is ten times greater than the usual DC 
driven bridge. In thermistor-bridges, power dissipation in the 
resistors and thermistor is the limiting factor in how much DC 
bridge drive may be used. However, if the bridge drive is 
applied in the form of high voltage pulses at very low duty 
cycle, average power dissipation will be low and a high 
bridge output signal will result. 
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FIGURE 9. Completely input-to-output isolated, Figure 
7s circuit’s analog input signal (A) is sampled by a 
clock pulse (B) and converted to a pulse amplitude 
modulated format (C). After filtering and resampling, 
the reconstructed signal (D) is available smoothed (E). 
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Precision, High Efficiency Temperature Controiier (Continued) 



R Thermister = Yellow Springs 
Inst Co #44014 


00562710 


FIGURE 10. Tight temperature control results when high voltage pulses synchronously drive a thermistor-bridge—a 
trick that increases signal level—and are then sampled and used to control a pulse width modulated heater driver. 


In Figure 10, this operation is implemented by having the A1 
oscillator drive Q1 to energize a common 24V transformer 
used “backwards”. The transformer’s floated output is a 
100V pulse which is applied directly across the 
thermistor-bridge. With one side of the bridge output 
grounded, the bridge drive with respect to ground appears 
as complementary 50V pulses {Figure 11, Traces A and B). 
A2 provides amplification of the bridge’s pulsed output {Fig¬ 
ure 11, Trace C). A3, a sample-hold amplifier, samples the 
middle of A2’s output pulses and has a DC output equal to 
the amplitude of these pulses. Proper timing for A3’s sample 
command {Figure 11, Trace D) is provided by the A4-A5 pair 
and their associated RC networks. The DC output of A3 is 
low-pass filtered and fed to A6, which combines with A7 to 
form a simple pulse width modulator. The output of A7 is a 
ramp {Figure 11, Trace F—note horizontal scale change) 
which is periodically reset by A5’s output {Figure 11, Trace 
E). This ramp is compared at A6 to A3’s output, and the 
resultant pulse at A6’s output {Figure 11, Trace G) Is used to 


drive the Q2 heater control switch. In this fashion, the ON 
time of the pulse applied to the heater will be proportional to 
the sensed offset at the thermistor-bridge. Thermal feedback 
from the heater to the thermistor completes a loop around 
the circuit. The 5 MQ potentiometer is used to adjust the time 
constant of this loop, and the 2.5k potentiometer at A2 sets 
the gain. 

In operation, with the thermistor and heater tightly coupled, 
the time constant of the loop is adjusted by applying small 
step changes in the temperature setpoint. This is done by 
alternately opening and closing a switch across a 100Q 
resistor in series with one of the bridge resistors. For the 
thermistor shown, this represents a 0.02“C step. The re¬ 
sponse of the loop to these steps can be monitored at A3’s 
output. With the loop time constant and gain properly ad¬ 
justed, A3’s output will settle in a minimum amount of time in 
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Precision, High Efficiency 
Temperature Controiier (Continued) 

response to the steps. Figure 12 shows settling for both 
and steps, with settling inside 2 seconds for either polar¬ 
ity step. 




FIGURE 12. Tight heater to thermistor coupling and 
careful calibration can provide rapid temperature 
restabilization. Here the controlled oven recovers 
within 2 seconds after ±0.002°C steps. 
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FIGURE 11. Driving a thermistor-bridge with 
complementary high voltage pulses (A and B) permits 
high gain amplification without drift problems (C). 
Driven by a delayed sample command (D), a S-H 
amplifier converts the bridge’s error signal to a DC 
level (E) that controls a pulse width modulated heater 
driver (F and G). 


Once adjusted, and driving a well insulated and designed 
oven, the circuit’s control stability can be monitored. The 
high output signal levels from the bridge, in combination with 
the gain provided by A2, yield extremely good performance. 

Sample-Hold Amplifier Terms 

Acquisition Time: The time required to acquire a new ana¬ 
log input voltage with an output step of 10V. Note that 
acquisition time is not just the time required for the output to 
settle, but also includes the time required for all internal 
nodes to settle so that the output assumes the proper value 
when switched to the hold mode. 

Aperture Time: The delay required between hold command 
and an input analog transition, so that the transition does not 
affect the held output. 

Dynamic Sampling Error: The error introduced into the 
held output due to a changing analog input at the time the 
hold command is given. Error is expressed in mV with a 
given hold capacitor value and input slew rate. Note that this 
error term occurs even for long sample times. 

Gain Error: The ratio of output voltage swing to input volt¬ 
age swing in the sample mode expressed as a percent 
difference. 

Hold Settling Time: The time required for the output to 
settle within 1 mV of final value after the hold logic com¬ 
mand. 

Hold Step: The voltage step at the output of the sample-hold 
when switching from sample mode to hold mode with a 
steady (DC) analog input voltage. Logic swing is specified, 
usually 5V. 
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Sample-Hold Amplifier Terms (Continued) 



FIGURE 13. Typical Sample-Hold 1C Amplifier 
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Op Amp Booster Designs 


Although modern integrated circuit operational amplifiers 
ease linear circuit design, 1C processing limits amplifier out¬ 
put power. Many applications, however, require substantially 
greater output voltage swing or current (or both) than 1C 
amplifiers can deliver. In these situations an output “booster,” 
or post amplifier, is required to achieve the needed voltage 
or current gain. Normally, this stage is placed within the 
feedback loop of the operational amplifier so that the low drift 
and stable gam characteristics of the amplifier are retained. 
Because the booster is a gain stage with its own inherent AC 
characteristics, the issues of phase shift, oscillation, and 
frequency response cannot be ignored if the booster and 
amplifier are to work well together. The design of booster 
stages which achieve power gain while maintaining good 
dynamic performance is a difficult challenge. The circuitry for 
boosters will change with the application’s requirements, 
which can be very diverse. A typical current gam stage is 
shown in Figure 1. 

200 mA Current Booster 

The circuit of Figure 1 boosts the LF356 unity gam inverter 
amplifier’s output current to a ±200 mA level while maintain¬ 
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ing a full ±12V output swing. The LM334 current sources are 
used to bias complementary emitter-followers. The 200Q 
resistors and D1-D4 diodes associated with the LM334s 
provide temperature compensation for the current sources, 
while the 20n resistor sets the current value at 3.5 mA. Q1 
provides drive for positive LF356 output swings, while Q2 
sinks current for negative amplifier outputs. Crossover dis¬ 
tortion is avoided by the D2-D3 diodes which compensate 
the Vb^s of Q1 and Q2. For best results, D2 and D3 would 
be thermally coupled to the TO-5 type heat sinks used for Q1 
and Q2. Amplifier feedback is taken from the booster output 
and returned to the LF356 summing junction. D5 and D6 
achieve short circuit protection for the output by shunting 
drive from Q1 or Q2 when output current exceeds about 275 
mA. This value is derived from the output 2.5^2 resistors 
value divided by the 0.7V drop across the diodes. The 15 
pF-lOk feedback values provide a roll-off above 2 MHz. 
Figure 2 sho\NS the circuit at work driving a 100 kHz 20 Vp-p 
sine wave into a 50t2 load paralleled by 10,000 pF. Trace A 
is the input, while Trace B is the output. Despite the heavy 
load, response is clean below and quick with overall circuit 
distortion 0.05% (Trace C). 




Use TO-5 heat sinks on transistors 

All capacitor values in pF unless otherwise noted 


FIGURE 1. 
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200 mA Current Booster (Continued) 
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FIGURE 2. 

Ultra High Speed Fed-Forward 
Current Booster 

The schematic of Figure 3 features the same output speci¬ 
fications as the previous current booster, but provides much 
greater speed. The speed of the booster in Figure 1 is limited 


by the response of the op amp which drives it. Because that 
booster resides in the op amp’s feedback loop, it cannot go 
any faster than the op amp, even though it has inherently 
greater bandwidth. In Figure 3 we employ a feed-forward 
network which allows AC signals to bypass the LM308 op 
amp and directly drive a very high bandwidth current boost 
stage. At DC and low frequencies the LM308 provides the 
signal path to the booster. In this fashion, a very high speed, 
high current output is achieved without sacrificing the DC 
stability of the op amp. The output stage is made up of the 
Q1 and Q2 current sources which bias complementary 
emitter-followers, Q3-Q6 and Q4-Q7. Because the stage 
inverts, feedback is returned to the non-inverting input of the 
LM308. The actual summing junction for the circuit is the 
meeting point of the 1k resistors and the 10k unit at the 
LM308. The 10k-15 pF combination prevents the LM308 
from seeing high frequency inputs. Instead, these inputs are 
source-followed by the Q8 FET and fed directly to the output 
stage via the two 0.01 pF capacitors. The LM308, therefore, 
is used to maintain loop stability only at DC and low frequen¬ 
cies. Although this arrangement is substantially more com¬ 
plex than Figure 1, the result is a breathtaking increase in 
speed. This boosted amplifier features a slew rate of 750V 
per microsecond, a full power bandwidth over 6 MHz and a 
3 dB point beyond 11 MHz while retaining a ±12V, 200 mA 
output. Figure 4 shows the amplifier-booster at work. Trace A 
is the input, while Trace B is the output. The booster drives a 
10V pulse into 50Q, with rise and fall times inside 15 ns and 
clean settling characteristics. 
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PNP=2N2905 
NPN=2N2219 unless noted 
TO-5 heat sinks for Q6-Q7 

FIGURE 3. 
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FIGURE 4. 


Voltage-Current Booster 

In many applications it is desirable to obtain voltage gain 
from a booster stage. Most monolithic amplifiers will only 
swing ±12V, although some types, such as the LM143, can 
swing ±35V. The circuit of Figure 5 shows a simple way to 
effectively double the voltage swing across a load by stack¬ 
ing or “bridging” amplifier outputs. In the circuit shown, 
LF0002 current amplifiers are included in each LF412 output 
to provide current drive capability. Because one amplifier 
inverts and the other does not, the load sees 24V across it 
for ±12V swings from each amplifier. With the LH0002 cur¬ 
rent buffers, 24V can be placed across a 250^2 load. Al¬ 
though this circuit is simple and no high voltage supplies are 
needed, it requires that the load float with respect to ground. 


10k 



±120V Swing Booster 

In Figure 7the load does not have to float from ground to be 
driven at high voltage. This booster will drive a 2000Q load to 
±100V with good speed. In this circuit, voltage gain is ob¬ 
tained from the complementary common base stage, 
Q1-Q2. Q3 and Q4 provide additional gain to the Q7-Q8 
complementary emitter-follower output stage. Q5 and Q6 
provide bias, and crossover distortion is minimized by the 
diodes in OS’s collector line. For ±10V input signals, A1 must 
operate at a minimum gain of 10 to achieve a ±100V swing 
at the output. In this case, lOk-IOOk feedback values are 
used for a gain of ten, and the 20 pF capacitor provides loop 
roll-off. Because the booster contains an inverting stage 
(Q3-Q4), overall feedback is returned to ATs positive input. 
Local AC feedback at Al’s negative input provides circuit 
dynamic stability. With its ±50 mA output, this booster yields 
currents as well as voltage gain. In many applications, such 
as CRT deflection plate driving, this current capability is not 
required. If this is the case, Q5 through Q8 and their asso¬ 
ciated components can be eliminated and the output and 
feedback taken directly from the Q3-Q4 collector line. Under 
these conditions, resistive output loading should not exceed 
1 or significant crossover distortion will appear. Since 
deflection plates are a pure capacitive load, this is usually 
not a problem. Figure 7 shows the boosted amplifier driving 
a ±100V square wave into a 2000Q load at 30 kHz. 
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±120V Swing Booster (Continued) 

120V 



A1 = LF357 
PNP = 2N5415 
NPN = 2N3440 


FIGURE 6. 
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FIGURE 7. 


High Current Booster 

High current loads are well served by the booster circuit of 
Figure 8. While this circuit does provide voltage gain, its 
ability to drive 3A of current into an load at 25V peak 
makes it useful as a current booster. In this circuit, the 
LM391-80 driver chip and its associated power transistors 
are placed inside the LF411’s feedback loop. The 5 pF 
capacitor at pin 3 of the LM391-80 sets the booster band¬ 
width well past 250 kHz. The 100k-10k feedback resistors 
set a gain of ten, and the 100 pF feedback capacitor rolls off 
the loop gam at 100 kHz to insure stability for the 
amplifier-booster combination. The 2.7£2-0.1 pF damper net¬ 
work and the 4 pH inductor prevent oscillations. The zero 
signal current of the output stage is set with the 10k poten¬ 
tiometer (pins 6-7 at the LM391) while a DVM is monitored 
for 10 mV across the 0.22Q output resistors. 
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High Current Booster (Continued) 



Adjust 10k pot 
for 25 mA zero signal 
current through the 
0 22iQ resistors 
* High frequency ground 
** Input Ground 

Note; All grounds should be tied together 
only at power supply ground. 

5 0" C/W heat sink on BD348 and BD349 
3.0” C/W heat sink on BD360 and BD361 


FIGURE 8. 


Indestructible, Floating Output 
Booster 

Figure 9 shows how a high quality audio amplifier can be 
used as a current-voltage booster for AC signals. The audio 
amplifier, specified as the booster, is a venerable favorite in 
research labs, due to its transformer isolated output and 
clean response. The LF356 op amp’s loop is closed locally at 
a DC gain of 100, and rolled off at 50 kHz by the 200 pF 
capacitor. The audio amplifier booster’s output is fed back 


via the 100k resistor for an overall AC gam of 100 with 
respect to the booster amplifier output. The arrangement is 
ideal for laboratory use because the vacuum tube driven 
transformer isolated output is extremely forgiving and almost 
Indestructible. AC variable frequency power supplies, shaker 
table drives, motors and gyro drives, as well as other difficult 
inductive and active loads, can be powered by this booster. 
Power output is 75W into 4Q-160, although loads of Itl can 
be driven at reduced power output. 
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Indestructible, Floating Output Booster (Continued) 


100k 



Power Output —75 watts RMS 16 Hz-60 kHz 

Output Impedance — Less than 10% of rated output load Z 

Frequency Response —10 Hz-100 kHz-1 dB 

16 Hz-40 kHz-0.1 dB 

16 Hz-60 kHz-0 5 dB 


FIGURE 9. 


1000V-300 mA Booster 

Figure diagrams a very high voltage, high current booster 
which will allow an op amp to control up to 300W for positive 
outputs up to a staggering 1000V. This performance is 
achieved without sacrificing efficiency because this booster, 
in contrast to all the others shown, operates in a switching 
mode. In addition, this booster runs off ±15V supplies and 
has the highly desirable property of not requiring a high 
voltage power supply to achieve its high potential outputs. 
The high voltage required for the output is directly generated 
by a switching DC-DC converter which forms an integral part 
of the booster. The LM3524 switching regulator chip is used 
to pulse width modulate the transistors which provide 
switched 20 kHz drive to the TY-85 step-up transformer. The 
transformer’s rectified and filtered output is fed back to the 
LF411, which controls the input to the LM3524 switching 
regulator. In this manner, the high voltage booster, although 
operating switched mode, is controlled by the op amp’s 
feedback action in a similar fashion to all the other designs. 
Q5 and the diode act as clamps to prevent the LF411’s 
output swing from damaging the LM3524’s 4V input on 


start-up. The diode at the LF411 swing junction prevents 
high voltage transients coupled through the feedback ca¬ 
pacitor from destroying the amplifier The 1 MO-lOk feed¬ 
back resistors set the gam of the amplifier at 100 so that a 
10V input will give a 1000V output. Although the 20 kHz 
torroid switching rate places an upper limit on how fast 
information can be transmitted around the loop, the 1 pF 
filter capacitor at the circuit output restricts the bandwidth. 
For the design shown, full power sine wave output frequency 
is 55H. Figure 11 shows the response of the boosted LF411 
when a 10V pulse (Trace A) is applied to the circuit input. 
The output (Trace B) goes to 1000V in about 1 ms, while fall 
time is about 10 ms because of capacitor discharge time. 
During the output pulse’s rise time the booster is slew rate 
limited and the switching action of the torroid is just visible in 
the leading edge of the pulse. 

The reader is advised that the construction, testing and use 
of this circuit must be approached with the greatest care. 
The output potentials produced are many times above the 
level which will kill. Repeating, the output of this circuit is 
lethal. 
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1000V-300 mA Booster (Continued) 


1 M 



00563015 

T1 = Triad TY-85 
Q1, Q3 = 2N3468 
Q2, Q4 = 2N4399 
Q5 = 2N2907 


CAUTION: 

LETHAL OUTPUT POTENTIALS _ 

FIGURE 10. Son of Godzilla Booster 



HORIZONTAL = 10 ms/DIV 

00563009 


FIGURE 11. 


300V Output Booster 

The circuit of Figure 12 is another high voltage booster, but 
will only provide 10 mA of output current. This 
positive-output-only circuit will drive 350V into a 30k load, 
and is almost immune to load shorts and reverse voltages. A 
solid state output requires substantial protection against 
these conditions. Although the circuit shown has a 350V 
limit, tubes (remember them?) with higher plate voltage rat¬ 
ings can extend the output capacity to several kilovolts. In 
this circuit, our thermionic friends are arranged in a common 
cathode (V2B) loaded-cathode-follower (V2A) output, driven 
from a common cathode gain stage (VI). The booster output 
is fed back to the LF357 via the 1 MO resistor. Local feed¬ 
back is used to stabilize the LF357, while the pF-1 MO pair 
rolls off the loop at 1 MHz. Because the VI stage inverts, the 
feedback summing junction is placed at the LF357 positive 
input. The parallel diodes at the summing junction prevent 
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300V Output Booster (Continued) 

high voltage from destroying the amplifier during circuit 
start-up and slew rate limiting. Tubes are inherently much 
more tolerant of load shorts and reverse voltages than tran¬ 
sistors, and are much easier to protect. In this circuit, an 
LM335 temperature sensor is in contact with V2. This sen¬ 
sor’s output is compared with another LM335 which senses 
ambient temperature. Under normal operating conditions, V2 
operates about 45°C above ambient and the “+” input of the 
LF311 is about -100 mV, causing its output to be low. When 
a load fault occurs, V2’s plate dissipation increases, causing 


Its associated LM335’s output to rise with respect to ambient 
temperature. This forces the LF31Ts output high, which 
makes the LF357 output go low, shutting down the output 
stage. Adequate hysteresis is provided by the thermal time 
constant of V2 and the 10 MQ-I pF delay in the LF311 input 
line. Figure 13 shows the response of this amplifier booster 
at a gain of about 25. With a 15V input pulse (Trace A), the 
output (Trace B) goes to 350V in 1 ps, and settles within 5 
ps. The falling edge slews equally fast and settling occurs 
within 4 ps. 
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300V Output Booster (Continued) 



FIGURE 13. 


Figure 14 is a table which summarizes the information in this 
article and will help you to pick the right booster for your 
particular application. 


Figure 

Voltage Gain 

Current Gain 

Bandwidth 

Comments 

1 

No 

Yes—200 mA 

Depends on 
op amp. Typi¬ 
cal 1 MHz 

Full V’ and output swing. Stable into 

50^2-10,000 pF load. Inverting or non-inverting 
operation. Simple. 

3 

No 

Yes—200 mA 

Full output to 

5 MHz-3dB. 

Point at 

11 MHz. 

Ultra fast. 750V/ps. Full bipolar output. Inverting 
operation only. 

5 

Yes—24V swing 

No 

Depends on 

op amp. 

Requires that load float from ground. 

6 

Yes—±100V 

Yes—50 mA 

50 kHz typical. 

Full “+” and output swing. Allows inverting 
or non-inverting operation. Simplified version 
ideal for CRT deflection plate driving. More com¬ 
plex version drives full 200V swing into 2 kQ and 

1000 pF. 

8 

Yes—±30V 

Yes—3 A 

50 kHz 

Full V’ and output swing. Allows inverting 
or non-inverting operation. 

9 

Yes—70V swing 

Yes—3 A 

100 kHz 

Output extremely rugged. Well suited for driving 
difficult loads in lab. Set-ups. Full bipolar output. 

AC only. 

10 

Yes—1000V 

Yes—300 mA 

50 Hz 

High voltage at high current. Switched mode 
operation allows operation from ±15V supplies 
with good efficiency. Limited bandwidth with 
asymmetrical slewing. Positive outputs only. 

12 

Yes—350V 

No 

500 kHz 

Output very rugged. Good speed. Positive out¬ 
puts only. 


FIGURE 14. 
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Applications of the LM392 
Comparator Op Amp 1C 


National Semiconductor 
Application Note 286 
Michael X. Maida 



The LM339 quad comparator and the LM324 op amp are 
among the most widely used linear ICs today. The combina¬ 
tion of low cost, single or dual supply operation and ease of 
use has contributed to the wide range of applications for 
these devices. 

The LM392, a dual which contains a 324-type op amp and a 
339-type comparator, is also available. This device shares all 
the operating features and economy of 339 and 324 types 
with the flexibility of both device types in a single 8-pin 
mini-DIP. This allows applications that are not readily imple¬ 
mented with other devices but retain simplicity and low cost. 
Figure 2 provides an example. 

Sample-Hold Circuit 

The circuit of Figure 2 is an unusual implementation of the 
sample-hold function. Although its input-to-output relation¬ 
ship is similar to standard configurations, its operating prin¬ 
ciple IS different. Key advantages include simplicity, no hold 
step, essentially zero gain error and operation from a single 
5V supply. In this circuit the sample-hold command pulse 
(Trace A, Figure 1) is applied to Q3, which turns on, causing 
current source transistor Q4’s collector (Trace B, Figure 1) to 
go to ground potential. Amplifier A1 follows Q4’s collector 
voltage and provides the circuit’s output (Trace C, Figure 1). 
When the sample-hold command pulse falls, Q4’s collector 
drives a constant current into the 0.01 pF capacitor. When 
the capacitor ramp voltage equals the circuit’s input voltage, 
comparator Cl switches, causing Q2 to turn off the current 


source. At this point the collector voltage of Q4 sits at the 
circuit’s input voltage. Q1 insures that the comparator will not 
self trigger if the input voltage increases during a “hold” 
interval. When a DC biased sine wave is applied to the circuit 
(Trace D, Figure 1) the sampled output (Trace E, Figure 1) is 
available at the circuit’s output. The ramping action of the Q4 
current source during the “sample” states is just visible in the 
output. 


A=10V/DIV 


B=2V/DIV 

C=2V/DIV 


D=2V/DIV 

E=2V/DIV 










A, B,C H0RIZ0NTAL=20/is/DIV 
D, E H0RIZ0NTAL=1ms/DIV 


FIGURE 1. 



1= SAMPLE 
0=H0LD 

00749302 

Q1, Q2, Q3 = 2N2369 
Q4 = 2N2907 

Cl, A1 = LM392 amplifier-comparator dual 
* 1 % metal film resistor 


FIGURE 2. 
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“Fed-Forward” Low-Pass Filter 

In Figure 3 the LM392 implements a useful solution to a 
common filtering problem. This single supply circuit allows a 
signal to be rapidly acquired to final value but provides a long 
filtering constant. This characteristic is useful in multiplexed 
data acquisition systems and has been employed in elec¬ 
tronic infant scales where fast, stable readings of infant 
weight are desired despite motion on the scale platform. 
When an input step (Trace A, Figure 4) is applied, C1’s 
negative input will immediately rise to a voltage determined 
by the 1k pot-10 kQ divider. Cl’s V’ input is biased through 
the 100 kQ-O.OI pF time constant and phase lags the input. 
Under these conditions Cl’s output will go low, turning on 


Q1. This causes the capacitor (Waveform B, Figure 1) to 
charge rapidly towards the input value. When the voltage 
across the capacitor equals the voltage at Cl’s positive 
input. Cl’s output will go high, turning off Q1. Now, the 
capacitor can only charge through the 100k value and the 
time constant will be long. Waveform B clearly shows this. 
The point at which the filter switches from short to long time 
constant is adjustable with the 1 kQ potentiometer. Normally, 
this is adjusted so that switching occurs at 90%-98% of final 
value, but the photo was taken at a 70% trip point so circuit 
operation is easily discernible. A1 provides a buffered output. 
When the input returns to zero the 1N933 diode, a low 
forward drop type, provides rapid discharge for the capacitor. 



A1, C1 = LM392 amplifier-comparator dual 


FIGURE 3. 


A=1V/DIV 


B=1V/DIV 


00749304 

FIGURE 4. 
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H0RIZ0NTAL=ms/DIV 


Variable Ratio Digital Divider 

In Figure 5 the circuit allows a digital pulse input to be 
divided by any number from 1 to 100 with control provided by 
a single knob. This function is ideal for bench type work 
where the rapid set-up and flexibility of the division ratio is 
highly desirable. When the circuit input is low, Q1 and Q3 are 
off and Q2 is on. This causes the 100 pF capacitor to 
accumulate a quantity of charge (Q) equal to 


Q = CV 

where C = 100 pF 

and V = the LM385 potential (1.2V) minus the Vce(sat) 
of Q2. 

When the input goes high (Trace A, Figure 6) Q2 goes off 
and Q1 turns on Q3. This causes Q3 to displace the 100 pF 
capacitor’s charge into ATs summing junction. Al’s output 
responds (Waveform B, Figure 6) by jumping to the required 
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Variable Ratio Digital Divider 

(Continued) 

value to maintain the summing junction at OV. This sequence 
is repeated for every input pulse. During this time A1 ’s output 
will form the staircase shape shown in Trace B as the 
0.02 pFfeedback capacitor is pumped up by the charge 
dispensing action into ATs summing junction. When ATs 
output IS great enough to just bias CTs “+” input below 


ground, CTs output (Trace C, Figure 6) goes low and resets 
A1 to OV. Positive feedback to CTs “+” input (Trace D, Figure 
6) comes through the 300 pF unit, insuring adequate reset 
time for A1. The 1 potentiometer, by setting the number 
of steps in the ramp required to trip C1, controls the circuit 
input-output division ratio. Traces E-G expand the scale to 
show circuit detail. When the input (Trace E) goes high, 
charge is deposited into ATs summing junction (Trace F) 
and the resultant staircase waveform (Trace G) takes a step. 


15V 



A1, Cl = LM392 comparator amplifier dual 


00749305 


FIGURE 5. 



00749306 


FIGURE 6. 


Trace 

Vertical 

Horizontal 

A 

10V 

500 ps 

B 

IV 

500 ps 

C 

50V 

500 ps 

D 

50V 

500 ps 

E 

10V 

50 ps 


Trace 

Vertical 

Horizontal 

F 

10 mA 

50 ps 

G 

0.1V 

50 ps 


Exponential V/F Converter for 
Electronic Music 

Professional grade electronic music synthesizers require 
voltage controlled frequency generators whose output fre¬ 
quencies are exponentially related to the input voltages. 
Figure /diagrams a circuit which performs this function with 
0.25% exponential conformity over a range from 20 Hz to 
15 kHz using a single LM392 and an LM3045 transistor 
array. The exponential function is generated by Q1, whose 
collector current will vary exponentially with its base-emitter 
voltage in accordance with the well known relationship be¬ 
tween BE voltage and collector current in bipolar transistors. 
Normally, this transistor’s operating point will vary wildly with 
temperature and elaborate and expensive compensation is 
required. Here, Q1 is part of an LM3045 transistor array. Q2 
and Q3, located in the array, serve as a heater-sensor pair 
for A1, which servo controls the temperature of Q2. This 
causes the entire LM3045 array to be at constant tempera¬ 
ture, eliminating thermal drift problems in QTs operation. Q4 
acts as a clamp, preventing servo lock-up during circuit 
start-up. 
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Exponential V/F Converter for Electronic Music (Continued) 


3 3M 



A1, C1 = LM392 amplifier-comparator dual 
=1N4148 


00749307 


FIGURE 7. 


Q1’s current output is fed into the summing junction of a 
charge dispensing l/F converter. C1 ’s output state is used to 
switch the 0.001 pF capacitor between a reference voltage 
and Cl’s input. The reference voltage is furnished by the 
LM329 zener diode bridge. The comparator’s output pulse 
width is unimportant as long as it permits complete charging 
and discharging of the capacitor. In operation, Cl drives the 
30 pF-22k combination. This RC provides regenerative feed¬ 
back which reinforces the direction of Cl’s output. When the 
30 pF-22k combination decays, the positive feedback 
ceases. Thus, any negative going amplifier output will be 
followed by a positive edge after an amount of time governed 
by the 30 pF-22k time constant (Waveforms A and B, Figure 
8). The actual integration capacitor in the circuit is the 2 pF 


electrolytic. This capacitor is never allowed to charge beyond 
10 mV-15 mV because it is constantly being reset by charge 
dispensed from the switching of the 0.001 pF capacitor 
(Waveform C, Figure 8). Whenever the amplifier’s output 
goes negative, the 0.001 pF capacitor dumps a quantity of 
charge (Waveform D) into the 2 pF capacitor, forcing it to a 
lower potential. The amplifier’s output going negative also 
causes a short pulse to be transferred through the 30 pF 
capacitor to the “+” input. When this negative pulse decays 
out so that the “+” input is higher than the input, the 0.001 
pF capacitor is again able to receive a charge and the entire 
process repeats. The rate at which this sequence occurs is 
directly related to the current into CTs summing junction 
from Q1. Since this current is exponentially related to the 
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Exponential V/F Converter for 
Electronic Music (Continued) 

circuit’s input voltage, the overall l/F transfer function is 
exponentially related to the input voltage. This circuit can 
lock-up under several conditions. Any condition which would 
allow the 2 pF electrolytic to charge beyond 10 mV-20 mV 
(start-up, overdrive at the input, etc ) will cause the output of 
the amplifier to go to the negative rail and stay there. The 
2N2907A transistor prevents this by pulling the input 


towards -15V. The 10 pF-33k combination determines when 
the transistor will come on. When the circuit is running 
normally, the 2N2907 is biased off and is effectively out of 
the circuit. To calibrate the circuit, ground the input and 
adjust the zero potentiometer until oscillations just start. 
Next, adjust the full-scale potentiometer so that frequency 
output exactly doubles for each volt of input (e.g., IV per 
octave for musical purposes). Repeat these adjustments 
until both are fixed. Cl provides a pulse output while Q5 AC 
amplifies the summing junction ramp for a sawtooth output. 


A=20V/DIV 

B=10V/DIV 

C=10mV/DIV 

D=20mA/DIV 
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HORIZONTAL=20AiS/DIV 


00749308 

FIGURE 8. 


Linearized Piatinum RTD 
Thermometer 

In Figure 9 the LM392 is used to provide gain and lineariza¬ 
tion for a platinum RTD in a single supply thermometer 
circuit which measures from 0°C to 500°C with ±1°C accu¬ 
racy. Q1 functions as a current source which is slaved to the 
LM103-3.9 reference. The constant current driven platinum 
sensor yields a voltage drop which is proportionate to tem¬ 
perature. A1 amplifies this signal and provides the circuit 
output. Normally the slight nonlinear response of the RTD 
would limit accuracy to about ±3 degrees. Cl compensates 
for this error by generating a breakpoint change in ATs gain 


for sensor outputs above 250°C. When the sensor’s output 
indicates 250°C, CTs “+” input exceeds the potential at the 
input and CTs output goes high. This turns on Q2 whose 
collector resistor shunts ATs 6.19k feedback value, causing 
a gam change which compensates for the sensor’s slight 
loss of gam from 250°C to 500°C. Current through the 220k 
resistor shifts the offset of A1 so no “hop” occurs at the circuit 
output when the breakpoint is activated. A precision decade 
box is used to calibrate this circuit. With the box inserted m 
place of the sensor, adjust 0°C for 0.1 OV output for a value of 
1000Q. Next dial in 2846Q (500°C) and adjust the gain trim 
for an output of 2 60V. Repeat these adjustments until both 
zero and full-scale are fixed at these points. 
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Linearized Platinum RTD Thermometer (Continued) 


5V 100 



Sensor = Rosemount 

118 MF-1000-A 
lOOOa at 0”C 
Q1 = 2N2907 
Q2 = 2N2222A 

A1, Cl = LM392 amplifier-comparator dual 
*metal film resistor 

FIGURE 9. 


Temperature Controller 

Figure 10 details the LM392 in a circuit which will 
temperature-control an oven at 75°C. This is ideal for most 
types of quartz crystals. 5V single supply operation allows 
the circuit to be powered directly from TTL-type rails. A1, 
operating at a gain of 100, determines the voltage difference 
between the temperature setpoint and the LM335 tempera¬ 
ture sensor, which is located inside the oven. The tempera¬ 
ture setpoint is established by the LM103-3.9 reference and 


the 1k-6.8k divider. Al’s output biases Cl, which functions 
as a pulse width modulator and biases Q1 to deliver 
switched-mode power to the heater. When power is applied, 
Al’s output goes high, causing CTs output to saturate low. 
Q1 comes on and delivers DC to the heater. When the oven 
warms to the setpoint, ATs output falls and Cl begins to 
pulse width modulate the heater in servo control fashion. In 
practice the LM335 should be in good thermal contact with 
the heater to prevent servo oscillation. 
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Temperature Controller (Continued) 


5V 



47 fiF 
SOLID 
TANTALUM 


A1, C1 = LM392 amplifier-comparator dual 


00749310 


FIGURE 10. 


RoforCnCGS Ultra-Unear Voltage-to-Frequency Converter”, 

Pease, R. A.; 1973 NEREM Record Volume 1, page 

1. Transducer Interface Handbook, pp. 220-223, Analog 
Devices, Inc. 
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Isolation Techniques for 
Signai Conditioning 


National Semiconductor 
Application Note 298 
Michael X. Maida 



Industrial environments present a formidable challenge to 
the electronic system designer. In particular, high electrical 
noise levels and often excessive common mode voltages 
make safe, precise measurement difficult. One of the best 
ways to overcome these problems is by the use of isolated 
measurement techniques. Typically, these approaches uti¬ 
lize transformers or opto isolators to galvanically Isolate the 
input terminals of the signal conditioning amplifier from its 
output terminal. This breaks the common ground connection 
and eliminates noise and dangerous common mode volt¬ 
ages. The conflicting requirements for good accuracy and 
total input/output galvanic isolation requires unusual circuit 
techniques. A relatively simple isolated signal conditioner 
appears in Figure 1. 


lOOpF 



OUTPUT= INPUT ^100 & ISOLATED T1=UTC #P2 


To AC Line From Full Wave Bridge 


FIGURE 1. 

Floating Input High Voltage Motor 
Monitor 

In this inexpensive circuit, a wideband audio transformer 
permits safe, ground referenced monitoring of a motor which 
is powered directly from the 115VAC line. Figure 2 6eXa\\s the 
measurement arrangement. The floating amplifier inputs are 
applied directly across the brush-type motor. The 100k-10k 
string, in combination with the transformer ratio, provides a 
nominal 100:1 division in the observed motor voltage while 
simultaneously allowing a ground referenced output. The 
NE-2 bulb suppresses line transients while the 10k potenti¬ 
ometer trims the circuit for a precise 100:1 scale factor. To 
calibrate the circuit, apply a 10-volt RMS 1kHz sine wave to 
the floating inputs, and adjust the potentiometer for 100 
millivolts RMS output. Full power bandwidth extends from 


15Hz to 45kHz ± .25dB with the -3dB point beyond 85kHz. 
Risetime is about 10 microseconds. Figure 3 shows the 
motor waveform at the ground referenced circuit output. The 
isolated, wideband response of the circuit permits safe moni¬ 
toring of the fast rise SCR turn-on as well as the motor’s 
brush noise. 


Note: 

These 

points 

“Hot" 



TO PHASE FIRING 
TRIGGER CKT 


AC Line From Full Wave Bridge 


FIGURE 2. 



NORIZ ^ Sms/DIV 


00563903 

FIGURE 3. 

Isolated Temperature 
Measurement 

Figure 4 shows a scheme which allows an LM135 tempera¬ 
ture sensor to operate in a fully floating fashion. In this 
circuit, the LM311 puts out a 100 microsecond pulse at about 
20Hz. This signal biases the PNP transistor, whose collector 
load is composed of the 1 kO. unit and the primary of T1. The 
voltage that develops across TVs primary (waveform A, 
Figure 5) will be directly dependent upon the value that the 
LM135 temperature sensor clamps the secondary at. Wave¬ 
form B, Figure 5 details the transformer primary current. 
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Isolated Temperature Measurement (Continued) 


>15 



This voltage value, of course, varies with the temperature of 
the LM135 in accordance with its normal mode of operation. 
The LF398 sample-and-hold IC is used to sample the trans¬ 
former primary voltage and presents the circuit output as a 
DC level. The 100 pF-39k-1Mn combination presents a 
trigger pulse (waveform C, Figure 5) to the LF398, so that 
the sampling period does not finish until well after the LM135 
has settled. The LM340 12-volt regulator provides power 
supply rejection for the circuit. To calibrate, replace the 
LM135 with an LM336 2.5-volt diode of known breakdown 
potential. Next, select the 1 kQ valve until the circuit output is 
the same as the LM336 breakdown voltage. Replace the 
LM336 with the LM135 and the circuit is ready for use. 



N0RIZ = 20/iS4)IV 


00563905 

FIGURE 5. 


Fully Isolated Pressure Transducer 
Measurement 

Strain gauge-based transducers present special difficulties if 
total isolation from ground is required. They need excitation 
power in addition to their output signal. Some industrial 
measurement situations require that the transducer must be 
physically connected to a structure which is floating at a high 
common mode voltage. This means that the signal condi¬ 
tioning circuitry must supply fully floating drive to the strain 
gauge bridge, while also providing isolated transducer output 
signal amplification. Figure 6 details a way to accomplish 
this. Here, the strain bridge is excited by a transformer which 
generates a pulse of servo-controlled amplitude. The pulse 
is generated by storing the sampled amplitude of the output 
pulse as a DC level, and supplying this information to a 
feedback loop which controls the voltage applied to the 
output switch. A2 functions as an oscillator which simulta¬ 
neously drives Q2-Q3 and the LF398 (A3) sample mode pin. 
When A2’s output pulse ends, A3’s output is a DC level equal 
to the amplitude of the output pulse which drives the strain 
bridge. The dual secondary of T1 allows accurate magnetic 
sampling of the strain bridge output pulse without sacrificing 
electrical isolation. A3’s output is compared to the LH0070 
10-volt reference by A4, whose output drives Q1. Ql’s emit¬ 
ter provides the DC supply level to the Q2-Q3 switch. This 
servo action forces the pulses applied to the strain gauge 
transducer (waveform A, Figure 7) to be of constant ampli¬ 
tude and equal to the 10-volt LH0070 reference output. 
Some amount of the pulse’s energy is stored in the lOOpF 
capacitor and used to power the LM358 dual (A1) followers. 
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Fully Isolated Pressure Transducer 
Measurement (Continued) 

These devices unload the output of the transducer bridge 
and drive the primary of T2. T2’s secondary output amplitude 


(waveform B, Figure 7) represents the transducer output 
value. This potential is amplified by A5 and fed to A6, a 
sample-and-hold circuit. A6’s sample command is a short¬ 
ened version of the A2 oscillator pulse. The 74C221 gener¬ 
ates this pulse (waveform C, Figure 7). 




HORiZ = IOOmS/OIV 


00563907 

FIGURE 7. 

Because the A6 sample command falls during the settled 
section of T2’s output pulse, A6’s output will be a DC repre¬ 
sentation of the amplified strain gauge pressure transducer 
output. The LH0070 output may be used to ratiometrically 
reference a monitoring A/D converter. To calibrate this circuit, 
insert a strain bridge substitution box (e.g., BLH model 625) 
In place of the transducer and dial in the respective values 
for zero and full-scale output (which are normally supplied 


with the individual transducer). Adjust the circuit “zero” and 
“gain” potentiometers until a 0- to 10-volt output corresponds 
to a 0 to lOOOpsi pressure input. 

1.5-Volt Powered Isolated Pressure 
Measurement 

Figure 8 diagrams another pressure measurement circuit. 
This circuit presents a frequency output which is fully iso¬ 
lated by the transformer indicated. The entire circuit may be 
powered from a 1.5-volt supply, which may be derived from 
a battery or solar cells. The potentiometer output of the 
pressure transducer used is fed to a voltage-to-frequency 
converter circuit. In this V-F circuit, an LM10 op amp acts as 
an input amplifier, and forces the collector current of Q1 to be 
linearly proportional to V|n for a range of 0 to +400 millivolts. 
Likewise, the reference amplifier of the LM10 causes Q2’s 
output current to be stable and constant under all conditions. 
The transistors Q3-Q10 form a relaxation oscillator, and 
every time the voltage across Cl reaches 0.8-volt, Q6 is 
commanded to reset it to zero volts differential. This basic 
circuit is not normally considered a very accurate technique, 
because the dead time, while Q6 is saturated, will cause a 
large (1%) nonlinearity in the V-to-F transfer curve. However, 
the addition of Rx causes the reference current flowing 
through Q2 to include a term which is linearly proportional to 
the signal, which corrects the transfer nonlinearity. 
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1.5-Volt Powered Isolated Pressure Measurement (Continued) 



00563908 


FIGURE 8. 


The NSC MM74C240 inverters are employed because this 
1C has the only uncommitted inverters with such a low (0.6 to 
0.8V) threshold that they can operate on a supply as low as 
1.2 volts. 

The 49.9k resistors which feed into Q2’s emitter act as a gam 
tempco trim, as Q12’s Vbe is used as a temperature sensor. 
If the output frequency is 10Oppm/C too fast/hot, you can cut 
the resistor to 20k. If f is too slow/hot, add more resistance in 
series with the 49 9k. Total current dram for this circuit is 
about 1 milliampere. 

Fully Isolated “Zero Power” 
Complete A/D Converter 

Figure 9 shows a complete 8-bit A/D converter, which has all 
input and output lines fully floating from system ground. In 
addition, the A/D converter requires no power supply for 
operation! Circuit operation is initiated by applying a 
convert-command pulse to the “convert-command” input 
(trace A, Figure 11). This pulse simultaneously forces the 
“Data Output” line low (trace B, Figure 11) and propagates 
across the isolation transformer. The pulse appears at the 
transformer secondary {Figure 10, trace A) and charges the 
100 pF capacitor to five volts. This potential is used to supply 
power to the floating A/D conversion circuitry. The pulse 
appearing at the transformer secondary is also used to start 
the A/D conversion by biasing comparator As negative input 
low. This causes comparator As output to go low, discharg¬ 
ing the .06pF capacitor (waveform B, Figure 10) Simulta¬ 


neously, the 10kHz oscillator {Figure 10, trace D), formed by 
comparator D and its associated components, is forced off 
via the 22k diode path. A second diode path also forces 
comparator D’s output low {Figure 10, trace E). Note the 
cessation of oscillation during the time the convert command 
pulse is high. When the convert command pulse falls, the 
Q1-Q2 current source begins to charge the .06 pF capacitor. 
During this time, the 10 kHz comparator C oscillator runs, 
and comparator D’s output is a stream of 10 kc clock pulses. 
When the ramp (trace B, Figure 10) across the .06 pF 
capacitor exceeds the circuit input voltage, comparator B’s 
output goes high (trace C, Figure 10), forcing comparator D’s 
output low. The number of pulses which appeared at com¬ 
parator D’s output is directly proportional to the value of the 
circuit’s input voltage. These pulses are amplified by the two 
NPN transistors which are used to modulate the data pulse 
stream back across the transformer. The six series diodes 
insure that the modulated data does not appear at compara¬ 
tor As input and trigger it. The pulses appear at the primary 
{Figure 11, trace A) as small amplitude spikes and are then 
amplified by the data output transistor, whose collector 
waveform is trace B or Figure 11. In this example a 
0- to 3-volt input produces 0- to 300 pulses at the output. The 
22k diode path averts a -i-l count uncertainty error by syn¬ 
chronizing the 10kHz clock to the conversion sequence at 
the beginning of each conversion. The 500k potentiometer in 
the current source adjusts the scale factor. The circuit drifts 
less than 1LSB over 25‘’C±20°C and requires 45 millisec¬ 
onds to complete a full scale 300 count conversion. 
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Fully Isolated “Zero Power” 
Complete A/D Converter (Continued) 


A = 5V/0IV 

B = 2V/0IV 

C = 5V/0IV 
0 = 5V/0IV 

£ = 5V/DIV 


HORIZ = Sms/OIV 
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FIGURE 10. 


A = 10V/DIV 
B = 5V/0IV 



HORIZ = Ims/OIV 
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FIGURE 11. 


Complete, Floating Multiplexed 
Thermocouple Temperature 
Measurement 

Figure 12 shows a complete, fully floating multiplexed ther¬ 
mocouple measurement system. Power to the floating sys¬ 
tem is supplied via T2, which runs in a self oscillating DC-DC 
converter configuration with the 2N2219 transistors. T2’s 
output is rectified, filtered, and regulated to ±15 volts. An 
eight channel LF13509 multiplexer is used to sequentially 
switch 7 inputs and a ground reference into the LM11 ampli¬ 
fier. The LM11 provides gain and cold junction compensation 
for the thermocouples. The multiplexer is switched from the 
74C93 counter, which is serially addressed via the 4N28 
opto isolator. The ground referenced channel prevents moni¬ 
toring instrumentation from losing track of the multiplexer 
state The LMITs output is fed into a unity gam isolation 
amplifier. Oscillator drive for the isolation amplifier is derived 
by dividing down T2’s pulsed output, and shaping the 
74C90’s output with A4 and its associated components. This 
scheme also prevents unwanted interaction between the T2 
DC-DC converter and the isolation amplifier. This circuit, 
similar to the servo-controlled amplitude pulser described in 
Figure 6, puts a pulse across TVs primary. The amplitude of 
the pulse is directly dependent on the LMII’s output value. 
Tl’s secondary receives the pulse and feeds into an LF398 
sample-hold-amplifier. The LF398 is supplied with a delayed 
trigger pulse, so that T1 ’s output is sampled well after settling 
occurs. The LF398 output equals the value of the LM11. In 
this fashion, the fully floating thermocouple information may 
be connected to grounded test equipment or computers. 
Effective cold-junction compensation results when the ther¬ 
mocouple leads and the LM335 are held isothermal. To 
calibrate the circuit, first adjust R3 for an LM11 gam of 245.7. 
Next, short the V’ input of the LM11 and the LM329 to 
floating common, and adjust R1 so that the circuit output is 
2.982 volts at 25°C. Then, remove the short across the 
LM329 and adjust R2 for a circuit output of 246 millivolts at 
25°C. Finally, remove the short at the LM11 input, and the 
circuit is ready for use. 
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Complete, Floating Multiplexed Thermocouple Temperature Measurement 

(Continued) 
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FIGURE 12. 
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Simple Circuit Detects 
Loss of 4-20 mA Signal 


National Semiconductor 
Application Note 300 
Robert A. Pease 



Four-to-twenty milliampere current loops are commonly 
used in the process control industry. They take advantage of 
the fact that a remote amplifier can be powered by the same 
4-20 mA current that it controls as its output signal, thus 
using a single pair of wires for signal and power Circuits for 
making 4-20 mA transmitters are found in the LM10, LM163, 
and LH0045 data sheets 

In general, an expensive isolation amplifier would be re¬ 
quired to detect the case of a 4 mA signal falling out of spec 
(e.g , 3.7 mA) without degrading the isolation of the 4-20 mA 
current loop 

But this new circuit {Figure 1) can detect a loss or degrada¬ 
tion of signal below 4 mA, with simplicity and low cost The 
LM10 contains a stable reference at pins 1 and 8, 200 mV 
positive referred to pin 4 As long as the loop current is larger 
than 4 mA, the I x R drop across the 47.6Q resistor, R4, is 
sufficient to pull the LMIO’s amplifier input (pin 2) below pm 
3 and keep its output (pin 6) turned OFF. 

The 4-20 mA current will flow through the LED in the optoiso- 


lator and provide a LOW output at pin 5 of the optoisolator. 
When the current loop falls below 3.7 mA, the LMIO’s input 
at pin 2 will rise and cause the pin 6 output to fall and steal 
all the current away from the LED in the optoisolator. Pin 5 of 
the 4N28 will rise to signify a fault condition This fault flag 
will fly for any loop current between 3 7 mA and 0.0 mA (and 
also in case of reversal or open-circuit). R1 is used to trim 
the threshold point to the desired value. CR2 is added in 
series with the LED to make sure it will turn OFF when the 
LMIO’s output goes LOW. (While the LM10 is guaranteed to 
saturate to 1.2V, the forward drop of the LED in the 4N28 
may be as low as 1 .OV, so a diode is added in series with the 
LED, to insure that it can be shut off.) Note that most 
operational amplifiers will not respond in a reasonable way if 
the output pm (6) is connected to the positive supply pm (7), 
but the LM10 was specifically designed and is specified to 
perform accurately in this “shunt” mode (Refer to AN-211 
application note, TP-14 technical paper, and the LM10 data 
sheet.) 



DETECTOR DETECTOR 


CR1 = 1N4001, optional, m case of signal reversal 
LM10 = NSC LM10CLN or LM10CLH amp/reference 
IC2 = 4N28 or similar, optoisolator 
V2 = Normally low, high signifies fault (I <3 7 mA) 

V3 = Normally high, low signifies fault (I <3 7 mA) (buffered output) 

*C1 = 1 /tF optional, to avoid false output when large AC current is superimposed on 4 0 mA 
Disconnect this capacitor when using with circuit of Figure 2 
= 1/6 MM74C04 or similar, CMOS inverter 


00564001 


FIGURE 1. Current Loop Fault Detector 


While you could manually adjust R1 while observing the 
status of V3 output, this would be a coarse and awkward trim 
procedure Figure 2 shows an improved test circuit which 
servos the current through the detector circuit, forcing it to be 


at the threshold value. Then that current can be monitored 
continuously, and the circuit can be trimmed easily. If the 
current through R107 starts out too small, the output of the 
4N28 will be HIGH too much of the time, and the op amp 
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output will integrate upwards until the current is at the actual 
threshold of the detector. The integrator’s output will stop at 
the value where the duty cycle of the 4N28 output is exactly 
50%. This occurs when the current through R107 is strad¬ 
dling the threshold value. 

The positive feedback via R108 assures that the loop oscil¬ 
lates at approximately 50 cycles per second, with a small, 


well-controlled sawtooth wave at its output. This mode of 
operation was chosen to insure that the loop does not oscil¬ 
late at some high, uncontrolled frequency, as it would be 
difficult in that case to be sure the duty cycle was exactly 
50%. This test circuit is advantageous, because you can 
measure the trip point directly. 


15Vdc 



A101 = LM308 or similar 

= 1/6 MM74C04 or similar, CMOS inverter 
Q101 =2N2907 or similar, PNP 

00564002 


FIGURE 2. Test Circuit for Threshold Detector 


The test circuit of Figure 2 is necessary for trimming the 
detector in Figure 3. This circuit does not have a trim pot, 
and thus avoids the problem of someone mis-adjusting the 
circuit after it is once trimmed correctly. It also avoids the 
compromises between good but expensive trim pots and 
cheap but unreliable, drifty trim pots. By opening one or 
more of the links, L1-L4, according to the following proce¬ 
dure, it is easy to trim the threshold level to be within 1% of 
3.70 mA (or as desired). 

• Observe the DC current through R107 in Figure 2 

• If Ithreshold is larger than 3.950 mA, open link L1; 

—if not, don’t 

• If Ithreshold 'S larger than 3.830 mA, open link L2; 

—if not, don’t 


• If Ithreshold 'S larger than 3.760 mA, open link L3; 

—if not, don’t 

• Then, if Ithreshold 'S larger than 3.720 mA, open link 
L4; 

—if not, don’t 

This procedure provides a circuit trimmed to much better 
than 1% of 3.70 mA, without using any trim pots. Of course, 
this circuit can be used to detect drop-out of regulation of 
other floating signals, while maintaining high isolation from 
ground, good accuracy, low power dissipation (2 mA x 2.5V 
typical) and low cost. 

Other standard values of current loop are 1 mA-5 mA and 
10 mA-50 mA. The version shown in Figure 4 uses higher 
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resistance values to trip at 0.85 mA. The circuit in Figure 5 
has an additional transistor, to accommodate currents as 
large as 50 mA without damage or loss of accuracy, and 
provide an 8.5 mA threshold. 
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FIGURE 5. Current Loop Fault Detector 
(•threshold = 8.5 mA, for 10 mA-50 mA Current Loops) 
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Signal Conditioning for 
Sophisticated Transducers 


National Semiconductor 
Application Note 301 
Robert A. Pease 



A substantial amount of information is available on signal 
conditioning for common transducers Fortunately, most of 
these devices, which are used to sense common physical 
parameters, are relatively easy to signal condition. Further, 
most transducer-based measurement requirements are well 
served by standard transducers and signal conditioning 
techniques. 

Some situations, however, require sophisticated transduc¬ 
tion techniques with their attendant special signal condition¬ 
ing requirements This application note details signal condi¬ 
tioning and applications information for a diverse group of 
sophisticated and unusual tranducers. Because these de¬ 
vices are unusual or somewhat difficult to signal condition, 
relatively little material has appeared on how to design cir¬ 
cuitry for them. Many of these devices permit measurements 
which cannot be accomplished in any other way. For this 
reason it is worthwhile to have a basic famiiiarity with their 
capabilities and what is required to signal condition them. 
The circuits shown are intended as instructive examples 
only, although each one has been constructed and tested. 
Every individual transducer application has a set of specifi¬ 
cations and constraints which will require modification or 
revision of the circuits presented. Sources of additional in¬ 
formation which feature more vigorous treatment are pre¬ 
sented in a reference section at the end of the application 
note. 

Photomultiplier Tube (PMT) 

Perhaps the most versatile light detector available is the 
photomultipiier tube (PMT). These sensors allow single pho¬ 
ton detection, sub-nanosecond rise time, bandwidths ap¬ 
proaching 1 GHz and linearity of response over a range of 
10^. In addition, they feature extremely low noise, stable 
characteristics and very long life. Figure 1 details a typical 
PMT along with a signal conditioning circuit. The tube is 
composed of a photosensitive cathode, an anode, a focusing 
electrode and ten dynode stages. In operation, the photo¬ 
cathode, which is high voltage biased with respect to the 
dynodes, emits photoelectrons when it is struck by light. 
These are focused into a beam and directed to the first 
dynode stage by the focus electrode. These arriving elec¬ 
trons impinge on the dynode, causing secondary emission to 
occur. As a result, a greater number of electrons leave the 
dynode and are then directed to the second dynode. In this 
fashion, a number (e.g.,10) of dynode stages are used to 
achieve overail gains of 10® to 10®. The electrons from the 
final dynode are collected by the anode, which provides the 
output current of the tube. In contrast to other vacuum tubes, 
the PMT does not use a filament to thermionically generate 
electrons. Instead, the photocathode, in combination with 
incident light, initiates the electrons. The absence of a fila¬ 
ment means there are no degradation, heat or outgassing 
problems and the life of a PMT is very long. 

Signal conditioning invoives generating a stable high voltage 
supply and accomplishing a low noise current-to-voltage 
conversion at the anode. In this example, a DC-DC con¬ 
verter is used to supply the dynode potentials to the tube. 


The supply is stabilized by the LF412 amplifier which drives 
the Q3-Q5 combination to complete a feedback loop around 
the Q1-Q2 driven transformer The LM329 provides a stable 
servo reference In general, the regulation of a PMT supply 
should be at least ten times greater than the required mea¬ 
surement gam stability because of the relationship between 
a PMT’s gain slope and the high voltage applied. The cath¬ 
ode and dynodes are biased from the high voltage supply via 
divider resistors. The resistors distribute the dynode poten¬ 
tials in proportion to a ratio which is specified for each tube 
type. To prevent non-linear response, the current through the 
divider string should be at least ten times the maximum 
expected current out of the tube. Some high speed pulse 
applications can generate transient high tube currents which 
may require the small capacitors shown in dashed lines. The 
anode is the tube output and appears as an almost ideal 
current source. The LF412 amplifier performs a 
current-to-voltage conversion with the 1 MQ resistor setting 
the output scale factor. 

The PMT’s combination of high speed and extreme sensitiv¬ 
ity suits It to a variety of difficult light measurement chores. 
The remarkable photograph of Figure 2 shows the actual 
rise and fall time characteristics (inverted) of a fast pulse of 
light produced by an LED. This photo was taken with a high 
speed PMT which was terminated directly into a 1 GHz 
bandwidth, 50Q sampling oscilloscope. 

Another PMT application exchanges speed for sensitivity in 
a nuclear medical instrument, the Gamma camera. 

The Gamma camera operates by using the scintillation prop¬ 
erties of special crystals which are placed in front of an array 
of PMTs. Small quantities of radioactive isotopes are intro¬ 
duced into the patient either by oral ingestion or injection. 
Specific isotopes collect at certain organs within the body. As 
the radioactive isotopes decay, gamma rays are emitted 
from the isotope concentration area. These rays are colli¬ 
mated by a lead plate containing many small holes which 
forms the front of the camera {Figure 3). This collimator 
allows only those rays which are at right angles to pass 
through the plate. The rest are absorbed in the lead In this 
fashion the geometric shape of the gamma source is pre¬ 
served and is presented to the scintillation crystal. The array 
of PMTs is located behind the crystal. The individual tubes 
respond to any given scintillation anywhere in the crystal 
with a distribution of signal strengths. This distribution is 
used by a processor to determine the precise point of scin¬ 
tillation in the crystal. Each of these scantillation locations is 
recorded on a CRT After a length of time, this 
counting-integration process produces a picture of the organ 
on the CRT. Figure 4 shows 7 such pictures of a pair of 
human lungs, taken 30 seconds apart over a 150 second 
period In photo A, the administered radioactive isotope be¬ 
gins to collect in the lungs. In photo B, the lungs are satu¬ 
rated. During photos C, D, E, F and G, the isotope progres¬ 
sively decays. Normally, human lungs will clear after 120 
seconds. This particular sequence shows evidence of an 
obstructive puimonary disease which is most pronounced in 
the lower right lung. 
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Photomultiplier Tube (PMT) 

(Continued) 


TO PROCESSING 
ELECTRONICS 
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FIGURE 3. 


Pyroelectric Detector 

The pyroelectric detector represents another class of sophis¬ 
ticated photodetector. These ceramic-based radiation detec¬ 
tors feature an extraordinary light sensitivity range from mi¬ 
crowatts to watts with excellent linearity. Their bandwidth Is 
flat from the ultraviolet to the far infrared. Response is 
sub-nanosecond and the devices may be operated at room 


temperature: no cooling is required. A major difficulty and 
source of confusion with signal conditioning pyroelectrics is 
that they do not respond at DC. This limitation, which is in 
keeping with all ceramic-based transducers, is surmounted 
by using a light chopper in front of the detector. In this 
fashion, DC light inputs to the detector appear as a modu¬ 
lated carrier. These devices are used in industrial tempera¬ 
ture measurement, spectroscopy and laser power meters 
They are also used to measure high speed laser pulse 
characteristics. 

For signal conditioning purposes, pyroelectrics can be mod¬ 
eled as either a current source with parallel capacitance or a 
voltage source with series capacitance Because there is no 
resistive component, there is no resistive Johnson noise. 
Figure 5a shows a simple voltage mode set-up which can be 
used for fast pulses of high energy. In this circuit, the detec¬ 
tor is terminated directly into a high speed 50Q oscilloscope. 
In Figure 5b, a slower detector terminates into 1 and is 
unloaded by the LH0052 low bias FET amplifier. For 
response time much longer than a few milliseconds, the 
optical chopper provides a modulated light signal to the 
detector. The amplifier output may be rectified to recover the 
DC component of the signal. Figure 5c shows a current 
mode signal conditioning circuit. The optical chopper is re¬ 
tained, but the detector is loaded directly into the summing 
junction of a low bias op amp composed of an LF411 and a 
pair of sub-picoamp bias FETs. The low bias current allows 
low energy light measurement. 
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FIGURE 4. 
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Pyroelectric Detector (Continued) 
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FIGURE 5. 


Piezoelectric Ultrasonic 
Resonators 

Piezoelectric ultrasonic tranducers are generically related to 
pyroelectrics in that they are also ceramic-based. These 
devices are used for both generation and reception of nar¬ 
row band ultrasonic information. The characteristic reso¬ 
nance of these transducers, in a similar fashion to quartz 
crystals, is extremely narrow, allowing high Q, noise reject¬ 
ing systems to be built around them. As transmitters, they 
are often driven very hard by steps several hundred volts 
high at low duty cycles. This permits substantial ultrasonic 
power to be generated and eases the burden of the receiver 
in the system (which could be the same transducer as the 
transmitter). Ultrasonic resonators are used in a wide variety 
of applications including liquid level detection, intrusion 
alarms, automatic camera focusing, cardiac ultrasonic pro¬ 
filing (echocardiography) and distance measuring equip¬ 
ment. Figure 6 shows a signal conditioning circuit which 
capitalizes on the high Q, noise rejection characteristics and 
fast response of ultrasonic transducers to accomplish a dif¬ 
ficult thermal measurement. This circuit is similar to a type 
developed to measure high speed temperature shifts in a 
gas medium. 

In contrast to almost all other temperature sensors, it does 
not rely on its sensing element to come into thermal equality 
with the measurand. Instead, the relationship between the 


speed of sound and the temperature of the medium in which 
the sound is propagating is utilized to determine tempera¬ 
ture. The speed of response is therefore very fast and the 
measurement is also non-invasive. The relationship between 
the speed of sound in any medium and temperature may be 
described by equations. As an example, the relationship in 
dry air is: 


C = 331.5 



meters/second. 


where C = speed of sound. 

For any given value of C the absolute temperature is: 


T = 


273 

(331.5)2 


X C2. 


It is clear that because sound speed and the medium in 
which it travels have a predictable relationship, a tempera¬ 
ture transducer can be composed of the medium itself. If the 
characteristics of the medium can be defined (e.g., its make 
up) the transmit time of a sonic pulse through it can be used 
to determine its temperature. If narrow band ultrasonic trans¬ 
ducers are used, they will reject sonic noise that may be 
occurring in the medium. 
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Piezoelectric Ultrasonic 
Resonators (Continued) 

A1 periodically generates a short pulse (waveform A, Figure 
7) that drives the 2N3440 into conduction, forcing the ultra¬ 
sonic 40 kHz transducer to emit a short burst at its resonant 
frequency. The 150V pulse amplitude allows substantial ul¬ 
trasonic energy to be coupled into the medium. As this pulse 
IS generated, the DM7474 flip-flop is set low (waveform C, 
Figure 7). After a length of time, determined by the distance 
between the ultrasonic transducers and the temperature of 
the gas, the sonic pulse arrives at the receiving transducer 
and is amplified by A3 and A4 (A4’s output is waveform B, 
Figure 7) This amplified output triggers A6, which resets the 
flip-flop high. During the time the flip-flop was low, the 
2N3810 current source was allowed to charge the 0.01 pF 
capacitor (waveform D, Figure 7). When the flip-flop Is reset 
high, Q2 comes on and the charging ceases. The A2 follower 
output sits at the capacitor’s DC potential, which is related to 
the sonic transit time in the gas stream. The LF398 


sample-hold is triggered by the “B” DM74121 one shot and 
samples A2’s output. The LF398’s output feeds two LH0094 
multi-function non-linear converters which are arranged to 
linearize the speed of sound versus temperature relation¬ 
ship. The output of this configuration is the gas temperature 
which is displayed on the meter. Gain and zero trims are 
provided via the A7 and A8 networks When A1 issues 
another pulse, the DM74121 “A” one shot resets the 0.01 pF 
capacitor to OV and the entire process repeats. 

It is worth noting that no bandwidth limiting of any kind is 
employed at the A3-A4 receiver despite their compound gain 
of 1000. This would seem to invite noise sensitivity problems 
in a sonic system, but the high Q ultrasonic transducer 
provides almost ideal noise rejection Figure 8 shows the 
amplified output of the received pulse superimposed on the 
output of a boardband microphone placed in the sonic path. 
Boardband noise 100 dB greater than the 40 kHz pulse is 
pumped into the sonic path. Virtually complete noise rejec¬ 
tion occurs and signal integrity is maintained. 



FIGURE 6. 
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Piezoelectric Ultrasonic 
Resonators (Continued) 



FIGURE 7. 
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FIGURE 8. 

Piezoelectric Accelerometer 

Another piezoelectric-based transducer is the piezoelectric 
accelerometer. These devices utilize the property of certain 
ceramic materials to produce charge when subject to me¬ 
chanical excitation. These accelerometers use a mass 
coupled to the piezoelectric element to generate a force on 
the element in response to an acceleration’s frequency and 
amplitude. Calibration and sensitivity can be varied by se¬ 
lecting the piezoelectric materal and altering the configura¬ 
tion and amount of the mass. The best way to signal condi¬ 
tion these devices is to employ an amplifier configuration 
that is directly sensitive to their charge-type output. Charge 
amplifiers use low bias current op amps with capacitive 
feedback. Output voltage will depend upon the charge out of 
the accelerometer which is related to the applied accelera¬ 
tion. 

In Figure 9, the transducer looks directly into the ground 
potential summing junction of an op amp. Because of this, 
there is no voltage difference between the interconnecting 
cable center conductor and its shield. This eliminates cable 
capacitance effects on the transducer output and allows long 
cable runs. It is advisable to use cable specified for low 


triboelectric charge effects for best performance, although 
this is usually only a factor with relatively low output devices. 
The resistor provides a DC feedback path, while the 

variable capacitor sets the sensitivity of the 
charge-to-voltage conversion. When the accelerometer 
shown is mounted on a hand-held voltmeter and dropped on 
the floor, the instantaneous acceleration to which the volt¬ 
meter is subjected can be determined. In Figure 10, the 
stored trace display shows an instantaneous force of almost 
1000G with smaller forces generated as the voltmeter 
bounces 3 times over 60 ms. (It is recommended that this 
experiment be performed with a borrowed voltmeter.) 
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FIGURE 10. 

Linear Variable Differential 
Transformer (LVDT) 

The linear variable differential transformer (LVDT) offers 
zero-friction position sensing with good precision. Although 
potentiometers are easy to signal condition and allow high 
precision they cannot match the nearly infinite life and 
zero-friction of the LVDT approach. LVDTs are available in 
both rotary and stroke mechanical configurations. The LVDT 
is basically a transformer {Figure 11) with a movable core. 
The primary is driven with a sine wave which is usually 
amplitude stabilized. The two matched secondaries are con¬ 
nected in series-opposed fashion. When the movable core is 
positioned in the magnetic (and usually geometric) center of 
the transformer, the secondaries’ outputs cancel and no net 
secondary voltage appears. This is called the null position. 
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Linear Variable Differential 
Transformer (LVDT) (Continued) 

As the core is moved from null, the differential in flux coupled 
to the two secondaries produces a net voltage difference 
across them. 


MOVABLE 

CORE 



00564110 


FIGURE 11. 

This is the output of transducer. Good transducer perfor¬ 
mance (e.g., null cancellation characteristics, linearity, etc.) 
requires manufacturer attention to winding techniques, mag¬ 
netic shielding, material choices and other issues. Rectifying 
and filtering the output signal will yield only amplitude infor¬ 
mation. Optimum signal conditioning requires a phase sen¬ 
sitive demodulation scheme. This gives the amplitude and 
also polarity information necessary to determine on which 
side of null the LVDT core is. 

Figure 12 shows a circuit which does this. Waveforms of 
operation are given in Figure 13. In this circuit, Q1 and its 
associated components from a phase shift oscillator which 
runs at 2.5 kHz, the manufacturer’s specified transducer 
operating frequency. A1A amplifies and buffers Ql’s output 
and drives the LVDT (waveform A, Figure 13). Since the 
transducer’s output will vary with drive level, feedback Is 
used to stabilize the 2.5 kHz amplitude. A1C and A1D full 
wave rectify a sample of the drive waveform. AlC’s filtered 
output IS applied to A1D, a servo amplifier. A1D compares 
AlC’s output to the LM329 reference and drives the Q1 
oscillator to complete an amplitude stabilization loop. The 
LVDT’s output is amplified by A2C and fed to A2A. A2A is a 
unity gain ampilifer whose sign alternates between “+” and 
Synchronous switching for A2A comes from C1 (wave¬ 
form B, Figure 13), which is driven by the modulation sine 
wave output via a phase shift network. The phase trim 
network compensates phase shift in the LVDT and ensures 
that Cl switches at the zero crossings relative to A2A’s 
output. When Cl’s output is low, the 2N4393 FET is off and 
A2A’s positive input (waveform C, Figure 13) receives signal. 
When the sine wave reverses polarity, Cl’s output goes 
high, turning on the FET, which grounds A2A’s “+” input. 
Linder these conditions A2A is always switching its amplifi¬ 


cation’s sign from to in synchronism with the sine 
wave output from the LVDT. A2A’s phase sensitive output, in 
this case positive, appears in trace D, Figure 13. A2B pro¬ 
vides a scaled and filtered DC output. To trim the circuit, set 
the LVDT to at least V 2 physical displacement and adjust the 
phase trim for maximum output indication. Next, adjust the 
gam trim for the desired circuit output at full-scale LVDT 
displacement. 

Force-Balanced Pendulous 
Accelerometer 

The operating principles of the LVDT are applied in the 
force-balanced pendulous accelerometer. Transducers of 
this type feature wide dynamic range, high linearity and very 
high accuracy. Figure 14 shows one form of a conceptual 
force-balanced pendulous accelerometer. The device oper¬ 
ates by using an LVDT-type pick-off to determine the position 
of the pendulum. The DC output of the LVDT is fed to a servo 
amplifier which drives the torque coil. The magnetic output of 
the torque coil completes a servo loop around the pendulum, 
forcing it to become immobile. Because the torque coil’s field 
can attract only the pendulum, a second bias coil provides a 
steady force for the torque coil to work against. When an 
input acceleration occurs along the sensitive axis, the servo 
applies the necessary current to the torque coil to keep the 
pendulum from moving. The amount of current required is 
directly proportional to the value of the input acceleration. 
Because the pendulum never moves, transducer linearity 
and accuracy can be very high. In addition, wide dynamic 
range is possible. Force-balanced accelerometers are 
widely applied in aircraft inertial guidance systems, aero¬ 
space applications, seismic monitoring, shock and vibration 
studies, oil drilling platform stabilization and similar applica¬ 
tions. In recent years these accelerometers have become 
available in complete signal conditioned packages, although 
there are a number of applications where it is desirable to 
independently signal condition the transducer. Figure 15 
shows a detailed schematic of such signal conditioning. The 
pick-off circuitry is similar to the LVDT shown in Figure 12 
and does not require further comment. The bias coil is driven 
by the LH0002 boosted LF347 (A1A) which is in a current 
sensing feedback configuration. For the accelerometer 
shown, the manufacturer specifies 

60 mA of bias coil current. Torque pulses are applied by 
servo amplifier A3B, which is biased from the LVDT demodu¬ 
lator output. The output of the circuit is taken across the 
lOOil resistor in series with the torque coil. Servo gain is set 
at A3B while damping for the loop is provided by the 1 pF 
unit in A3B’s feedback loop. In addition, accelerometer 
damping is controlled by stabilizing the temperature of the 
mechanical assembly. This is accomplished by A3C, which is 
set up as a simple on-off temperature controller. The interior 
of the accelerometer is filled at manufacture with a liquid 
whose viscosity provides appropriate damping characteris¬ 
tics at a specified temperature, in this case 180T. Acceler¬ 
ometers of this type routinely yield lOOppm accuracy from 
ranges of 20 mG to 100G. 
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Force-Balanced Pendulous Accelerometer (Continued) 



TserVO = 180°F 
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* Adjust to 60 mA bias loop current 
A1, A2, A3 = LF347 


FIGURE 15. 
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Rate Gyro 

The rate gyro is another form of high performance inertial 
measuring transducer. It consists of an electrically driven 
gyroscope with a captive spin axis. Normal gyros are free of 
restraint and maintain position when moved. The rate gyro is 
held captive and forced to move with the physical input. By 
measuring the force generated as the gyro opposes its 
restraining mechanism, rate-of-angle change information 
can be deduced. Figure 16 shows signal conditioning for a 
typical rate gyro. An LVDT-type pick-off is used and synchro¬ 
nous demodulation-type circuitry very similar to Figure 15 is 
employed. Note the high voltage drive to the gyro motor (26 
Vrms) supplied by the boosted LM143. Because of their long 
life and high precision rate, gyros are frequently employed in 
inertial guidance systems, drilling platform stabilization sys¬ 
tems and other critical applications. 

Flux Gate 

A flux gate transducer converts an external magnetic field 
(such as that of the earth’s) into an electric output. A variety 
of flux gate configurations exist, the simplest being a piece of 
easily saturable ferrous material wrapped around a cylinder 
{Figure 17). An alternating current is passed along the axis of 
the cylinder which periodically saturates the material, first 
clockwise and then counter-clockwise. 

A pick-up winding is wrapped around the cylinder. While the 
ferrous material is between saturation extremes, it maintains 
a certain average permeability. While in saturation, this per¬ 
meability (p = dB/dH) becomes one (an increase in driving 
field H produces the same increase in flux B). If there is no 
component of magnetic field along the axis of the cylinder, 
the flux change seen by the pick-up winding is zero since the 
excitation flux is normal to the axis of the winding. If, on the 
other hand, a field component is present along the cylindrical 
axis, then each time the ferrous material goes from one 
saturation extreme to the other it produces a pulse output on 
the signal pick-up winding that is proportional to the external 


magnetic field and the average permeability of the material. 
Since this saturation-to-saturation transition occurs twice 
each excitation period (fundamental), the frequency of signal 
out of the pick-up windings is twice the excitation frequency. 
These transducers find use in metal detectors, submarine 
locating gear, electronic compasses, oil surveys, and other 
areas where measurement of the strength or locally caused 
disturbance of the earth’s magnetic field is of interest. Flux 
gate transducers are capable of measuring variations in the 
earth’s magnetic field within one gamma (10“^ oersteds). 
Two axis flux gates can be used to construct an electronic 
compass. More recent flux gate design employs a 
core-shaped transducer, which is essentially two cylinder 
types bent together at the ends to form a closed magnetic 
path. This permits lower driving power and allows the use of 
commercially available tape-wound cores to be used to con¬ 
struct the transducer. A simple flux gate and its signal con¬ 
ditioning appears in Figure 18. Excitation to the flux gate is 
provided by the complementary signal output from the 
CD4047S. The transistor drives a transformer which is tuned 
for resonance. This converts the square wave output of the 
CMOS oscillator into a sinusoidal waveform. This sinusoidal 
excitation voltage is then converted by the transformer into a 
high level AC drive current at the excitation frequency which 
IS used to drive the sensor. 

The output of the sensor signal winding is an AC signal at 
twice the excitation frequency and is directly proportional in 
amplitude to the external axial magnetic field. This 
second-harmonic of the excitation frequency is then phase 
detected with a circuit similar to the demodulators shown in 
Figures 12, 15. A portion of the DC output signal may be fed 
back (shown in dashed lines) to the signal winding to provide 
a closed loop negative feedback system. This feedback 
signal produces a field in the sensor which opposes the 
signal being measured. The high forward gain of the signal 
channel along with the closed loop negative feedback sys¬ 
tem ensure good stability and linearity of the output signal. 



FIGURE 16. 
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Flux Gate (Continued) 





FERROUS MATERIAL 

(TYPICAL 4-79 MOLYBDENUM PERMALLOY 
11/2" LONG-1000 Hz EXCITATION) 






00564128 


FIGURE 18. 


Low Power Strain Gauge Bridge 
Signal Conditioning 

In most cases, strain gauge bridges do not require unusual 
signal conditioning techniques. When low power consump¬ 
tion is necessary, special circuitry must be employed to 
eliminate the high current consumption of strain 
gauge-based transducers. Normally, the 350^1 input imped¬ 
ance of these devices requires substantial drive to achieve a 


usable output. For a typical 10V drive level, 35 mA are 
required; hardiy compatible with low power or battery opera¬ 
tion. The circuit shown in Figure 19 provides complete signal 
conditioning for strain gauge transducers while using only 
1.8 mA average current out of a 9V transistor radio battery. 
The output of the circuit is an 8-bit word produced by an A-D 
converter. The key to achieving iow power operation is to 
pulse power at low duty cycles to the transducer and its 
signai conditioning circuitry. In Figure 20, A1A oscillates at 
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Low Power Strain Gauge Bridge 
Signai Conditioning (Continued) 

about 1 Hz. Each time A1 A’s output goes high (waveform A, 
Figure 20), Q1 comes on, turning on the LM330 5V regulator. 
This places 5V at Q2’s collector. Concurrently, A1B amplifies 
the output of the pulse-edge shaping network at its input and 
provides voltage overdrive to emitter-follower Q2, forcing it 
into saturation. This causes an edge shaped pulse to be 
applied to the strain gauge bridge (waveform B, Figure 20). 
This pulse is also used to power A2 and the ADC0804 A-D 
converter. The slow edge shaping limits the DV/DT seen by 
the transducer as it is pulsed. This eliminates possible del¬ 
eterious effects on transducer performance over time, due to 


the continuous abrupt step functions being applied. The 
transducer bridge output is monitored by the A2 quad, which 
serves as a differential input (A2A and A2B), single-ended 
output (A2C and A2D) amplifier. A2D’s output (waveform C, 
Figure 20) feeds the ADC0804 A-D converter. The A-D is 
triggered by a delayed pulse generated by the A1C and A1D 
pair (waveform D, Figure 20). This pulse is positioned so that 
it occurs after A2D’s output has settled to final value. To 
calibrate the circuit, apply zero physical load to the trans¬ 
ducer shown and adjust the zero trim so the A-D converter is 
just below indicating 1 LSB output. Next, apply (or electri¬ 
cally simulate) 10,000 lbs. and adjust the gain trim for a full 
output code at the A-D converter. 


9V 



* 1% metal film resistor 
A1, A2=LM324 quad 
Q1,Q2, Q3 = 2N2222A 
=1N4148 


00564116 


FIGURE 19. 
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Low Power Strain Gauge Bridge 
Signai Conditioning (Continued) 



H0RIZ0NTAL=2OO/(S/DIV 


FIGURE 20. 
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Theory and Applications of 
Logarithmic Amplifiers 


A number of instrumentation applications can benefit from 
the use of logarithmic or exponential signal processing tech¬ 
niques. The design and use of logarithmic/exponential cir¬ 
cuits are often associated with involved temperature com¬ 
pensation requirements and difficult to stabilize feedback 
loops. For these considerations and others, designers tend 
to avoid these circuits. Hybrid and modular logarithmic/ 
exponential devices are available commercially, but are quite 
expensive and earn very high profits for their manufacturers. 
The theory and construction of these circuits are actually 
readily understood. Figure 1 shows an amplifier which pro¬ 
vides a logarithmic output for a linear input current or volt¬ 
age. For input currents, the circuit will maintain 1% logarith¬ 
mic conformity over almost 6 decades of operation. This 
circuit IS based, as are most logarithmic circuits, on the 
inherent logarithmic relationship between collector current 
and Vbe in bipolar transistors. Q1A functions as the logging 
transistor in this circuit and is enclosed within A1A’s feed¬ 
back loop, which includes the 15.7 kQ-1 k^2 divider. The 
circuit’s input will force AlA’s output to achieve whatever 
value is required to maintain its summing junction at zero 
potential. Because QIA’s response is dictated by the loga¬ 
rithmic relationship between collector current and Vbe. the 
output of A1A will be the logarithm of the circuit input. A1B 
and Q1B provide compensation for QIA’s Vbe temperature 
dependence. A1B servos QIB’s collector current to equal 
the 10 pA current established by the LM329 reference diode 
and the 700 kQ resistor. Since QIB’s collector current can¬ 
not vary, its Vbe is also fixed. Under these conditions only 
QIA’s Vbe will be affected by the circuit’s input. The circuit’s 
output is a function of: 

15.7k + Ik 

Equt =- — -(VbeQIB - VbeQIA) 


National Semiconductor 
Application Note 311 
Robert A. Pease 


For Q1A and Q1B operating at different collector currents, 
the Vbe difference is: 



AV/ iCQIA 

AVbe = - 

q 'CQIB 


where K=Boltzmann’s constant 
T=temperature °K 
q=charge of an electron. 

If both equations are combined, the circuit output for a 
voltage input is: 


Equt = 


-KT 15.7k -f- Ik E|n * 700k 
q Ik 6.9V •100k 


where 6.9V=Vz of LM329 
100k=input resistor 
E|n^0. 

This confirms that the circuit output voltage is logarithmically 
related to the circuit’s input. Without some form of compen¬ 
sation, the scale factor will change with temperature. The 
simplest way to avoid this is to have the 1 kQ value vary with 
temperature. For the device shown, compensation is within 
1% over -25°C to +100°C. The circuit’s gain is set by the 
15.7 ki^-1 kO. divider to a factor of IV/decade. 



*1% film resistor 

^1 k^2 (±1%) at 25“C, +3500 ppm/'C 
Available from Vishay Ultronix, 

Grand Junction, CO, Q81 Series 
A1A, A1B = LF412 dual 
Q1A, Q1B = LM394 dual 



00504501 


FIGURE 1. 




www.national.com 


2-182 



This circuit may be easily turned around to generate expo¬ 
nentials. In Figure 2, Q1Ais driven from the input via the 15.7 
divider. Q1 B’s collector current varies exponentially with 
Its Vbe, and A1B provides a voltage output representation of 
this action. 

These circuits are easy to construct and use if a few consid¬ 
erations are kept in mind. Because of the Vb^ and scale 
factor temperature dependences, it is important that Q1A, 
Q1B and the 1 kQ resistor be kept at the same temperature. 
Since Q1 is a dual monolithic device, both halves will track. 
The resistor should be mounted as closely as possible to Q1, 
and these components should be kept away from air cur¬ 
rents or drafts The KT/q factor for which the resistor com¬ 
pensates varies at about 0.3%/°C, so a few degrees differ¬ 
ence between Q1 and the resistor will introduce significant 
error. 

Once the theory and construction techniques are under¬ 
stood, the circuits can be applied. Figure 3 shows a way to 
achieve very precise control of a rotary pump, used to feed a 
biochemical fermentation process. In this example, the ex- 
ponentiator, composed of Q1 and A1A, is driven from input 
amplifier AID. QIB’s collector current, instead of biasing a 
voltage output amplifier as in Figure 2, pulls current from the 
A1B integrator which ramps up (trace A, Figure 4) until it is 
reset by level triggered A1C (A1C output is trace B, Figure 
4). The 100 pF capacitor provides AC positive feedback to 
A3C’s “+” input (trace C, Figure 4). The magnitude of the 
current that Q1 B’s collector pulls from A1 B’s summing junc¬ 
tion will set the frequency of operation of this oscillator. Note 
that the operation of the exponentiator is similar to the basic 
circuit in Figure 3 because A1 B’s summing junction is always 
at virtual ground. AlC’s output drives the MM74C76 flip-flop 
to bias the output transistors with 4-phase drive for a stepper 


motor which runs the pump head. In practice, the exponen¬ 
tiator allows very fine and predictable control for very slow 
pump rates (e.g., 0.1 rpm-10 rpm of the stepper motor), 
aiding tight feedback control of the fermentation process. 
When high pump rates are required, such as during process 
start-up or when a wide feedback control error exists, the 
exponentiator can be voltage directed to the top of its range. 
To calibrate the circuit, ground V,n and adjust the 0.1 Hz trim 
until oscillation just ceases. Next, apply 7.5V at V|n and 
adjust the 600 Hz trim for 600 Hz output frequency. Figure 5 
shows a circuit similar to Figure 3, except that a more 
accurate V-F converter is used. This circuit is intended for 
laboratory and audio studio applications requiring an oscilla¬ 
tor whose frequency changes exponentially with an applied 
input sweep voltage. Applications include swept distortion 
measurements (where this circuit’s output is used to drive a 
sine coded ROM-DAC combination or analog shaper) and 
music synthesizers. The V-F converter employed allows bet¬ 
ter than 0.15% total conformity over a range of 10 Hz-30 
kHz. The voltage reference used to drive A1 As input resistor 
IS derived from the LM331A’s internal reference and is 
scaled by A1B, which also biases the zero trim setting. The 
DM74C74 provides a square wave output for applications 
requiring a waveform with substantial fundamental fre¬ 
quency content. The 0.15% conformity performance 
achieved by this circuit will meet almost any synthesizer or 
swept distortion measurement and the scale factor may be 
easily varied. To trim, apply OV to the input and adjust zero 
until oscillation (typically 2 Hz-3 Hz) just starts. Next, apply 
-8V and adjust the 5k unit for an output frequency of 30 kHz. 
For the values given, the K factor of the exponentiator will 
yield a precise doubling in frequency for each volt of input 
(e.g., IV in per octave out). 



FIGURE 2. 
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*1% film resistor 

^1 kQ (±1%) at 25”C, +3500 ppm/”C 
Available from Vishay Ultronix, 

Grand Junction, CO, Q81 Series 
A1A, A1B = LF412 dual 
Q1A, Q1B = LM394 dual 


FIGURE 5. 


Figure 6 shows a way to use the exponentiator circuit in a 
non-invasive, high reliability gas gauge which was designed 
for use in irrigation pump arrangements in remote locations. 
The application calls for a highly reliable gas gauge to be 
retrofitted to large fuel tanks which supply pump motors. It is 
desirable to run the gas tanks down as closely to empty as 
possible to eliminate condensation build-up without running 
out of fuel. This acoustically-based scheme operates by 
bouncing an ultrasonic pulse off the liquid level surface and 
using the elapsed time to determine the fuel remaining. This 
time is converted to a voltage, which is exponentiated to 
provide a readout with high resolution for nearly empty 
tanks. The 60 Hz derived clock pulse (trace A, Figure 7) 
drives the transistor pair to bias the ultrasonic transducer 
with a 100V pulse. Concurrently, the DM74C74 flip-flop is set 


high (trace C, Figure 7) and the DM74C221 one-shot (trace 
D, Figure 7) is used to disable the output of the receiver 
amplifier. The acoustic pulse bounces off the gasoline’s sur¬ 
face and returns to the transducer. By this time, the disable 
pulse has gone low and the A1 A, A1B, A1C and Cl receiver 
responds (trace B, Figure 7) to the transducer’s output. Cl’s 
output resets the flip-flop low via the DM74C04 inverter. The 
width of the 60 Hz flip-flop output pulse represents the transit 
time and the fuel remaining. This width is voltage clamped 
and integrated at A1D, whose output drives the exponentia¬ 
tor. The 1 V/decade scale factor of the exponentiator means 
that the last 20% of the meter scale corresponds to a tank 
with only 2% fuel remaining. The first 10% of the meter 
indicates 80% of the tank’s capacity. 


2 


2-185 


www.nationai.com 


AN-311 






C=20V/DIV 

0=20V/DIV 


H0RIZ0NTAL=1 ms/DIV 


FIGURE 7. 


The last application determines density by using photometry. 
In this arrangement, a light source is optically split {Figure 8) 
and the resultant two beams drive light through a sample 
and an optical density reference. In this case, the optical 
sample is a grape, and the photometric set-up is used to 
correlate the optical density of the grape with its ripeness. 


Two photomultiplier tubes detect the light passed by the 
sample and the reference. The ratio of the photomultiplier 
outputs, which may vary over a wide range, is dependent 
upon the optical density difference of the sample and the 
reference. The tubes’ output feed a log ratio amplifier. This 
configuration dispenses with the fixed current reference nor- 
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mally employed, and substitutes the output of the reference 
channel photomultiplier. In this fashion, the log amplifier’s 
output represents the ratio between the densities of the 
sample and reference channels over a wide dynamic range. 
Variations in the light source intensity have no effect. Strictly 
speaking, the LF356 inputs are not at virtual ground, and an 
imperfect current-to-voltage conversion should result. In fact, 
the output impedance of the photomultipliers is so high that 
errors are minimal. The most significant log conformance 
error source in this simple log circuit is the fact that the 
transistor’s collectors are at slightly different potentials. For 
the application shown, this uncertainty is not significant. 
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*^% film resistor^l kQ (±1%) at 25”C, +3500 ppm/°C 
Available from Vishay Ultronix, 

Grand Junction, CO, 081 Series 
10 pA nominal but may vary from 
10"4 a to 10“^A 


FIGURE 8. 
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Unlimited Capacitive Load 
Drive Op Amp Takes Guess 
Work Out of Design 

Whether or not an Op Amp circuit is capable of driving a 
capacitive load successfully, depends on several factors: 

1 . Op Amp internal architecture (e.g. Rqut. Phase Margin, 
Compensation, etc.) 

2. Closed loop gain and output loading 

3. Load capacitance value 

Driving a capacitor also entails the Op Amp’s output current 
capability since changing the voltage across a capacitor 
requires an adequate supply of current from the Op Amp. 
This article will present a lab method to measure amplifier 
stability under closed loop condition. In addition, a new Op 
Amp architecture will be presented that would ease this 
class of applications by using an internal mechanism to 
improve stability. 


National Semiconductor 
Application Note 1245 
Hooman Hashemi 



Closed Loop Phase Margin 
Measurement 

One of the internal Op Amp parameters which effects cap 
load drive performance is Rqut. output impedance. In fact, 
an ideal Op Amp with zero output impedance will be able to 
drive "any" capacitance with no Phase Margin degradation. 
However, in reality, for almost all cases, Rqut cannot be 
ignored. By using a Network Analyzer (HP4195A or equiva¬ 
lent) and the circuit shown in Figure 1, it is possible to 
measure closed loop performance under capacitive loading: 



FIGURE 1. Circuit to Measure PM Under Capacitive Loading 


The DUT (device under test) will operate under closed loop 
DC and open loop AC conditions. Therefore, the measured 
results will be a true representation of Loop Gain including 
the effect of CL. The resultant T/R measurement (magnitude 
and phase) will aid in determining the PM for a given CL. 
One such plot done for LM8272, unlimited capacitance load 
drive Op Amp, is shown in Figure 2: 
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FIGURE 2. LM8272 Loop Gain vs. Frequency 


This plot has been corrected for 26dB gain loss through Rs 
and the RHS axis is made to read Phase Margin directly. In 
fact, with the LM8272, the PM stays positive for any and all 
capacitors, as can be seen from Figure 3 plot below: 



10 100 Ik 10k 100k 1M 

Cl (PF) 

20050103 

FIGURE 3. LM8272 PM vs. CL 

It can be shown that the PM degradation for LM8272 with the 
chosen capacitor values is less than what would be ex¬ 
pected if the Op Amp open loop parameters (i.e. dominant 
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Closed Loop Phase Margin 
Measurement (Continued) 

pole frequency) stayed fixed. The LM8272 has specifically 
been designed such that a heavy capacitive load will inter¬ 
nally shift the dominant pole frequency higher. This feature is 
intended to keep the phase shift around the loop to less than 
180° under any capacitive load The LM8272 architecture is 
explained further below. 

However, it is important to remember that as in most Op 
Amps, addition of a series isolation resistor between the 
output and the load improves the settling and overshoot 
performance 


LM8272 Architecture 

To understand how LM8272 achieves "unlimited capacitive 
load" drive capability, its internal block diagram is shown in 
Figure 4 below: 



The output stage is comprised of complementary NPN and 
PNP common-emitter stages to permit voltage swing to 
within a Vce (sat) of either supply rail. Q9 supplies the 
sourcing and Q10 supplies the sinking current load. Output 
current limiting is achieved by limiting the Vce si^cI 

Q10. The frequency compensation circuit includes Miller 
capacitors from collector to base of each output transistor 
(Ccompg and Ceompio)- At light capacitive loads, the high 
frequency gain of the output transistors is high, and the Miller 
effect increases the effective value of the capacitors thereby 
stabilizing the Op Amp. Large capacitive loads greatly de¬ 
crease the high frequency gam of the output transistors thus 
lowering the effective internal Miller capacitance. The inter¬ 
nal pole frequency increases at the same time a low fre¬ 
quency pole IS created at the Op Amp output due to the large 
load capacitor. In this fashion, the internal dominant pole 


compensation, which works by reducing the loop gam to less 
than OdB when the phase shift around the feedback loop is 
more than 180°, varies with the amount of capacitive load 
and becomes less dominant when the load capacitor has 
increased enough Hence, the Op Amp is very stable even at 
high values of load capacitance resulting in the uncharacter¬ 
istic feature of stability under all capacitive loads. 

Conclusion 

Readily available Op Amp’s have always suffered from in¬ 
ability to drive capacitive loads and instabilities associated 
with that. A new Op Amp design, LM8272 (Dual) and 
LM8261 (Single) have mostly alleviated this problem to the 
extent that these devices can even be used as voltage 
buffers with heavy capacitors sitting right at their output. 
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1C op amps are widely accepted as a universal analog 
component. Although the circuit designs may vary, most 
devices are functionally interchangeable. However, offset 
voltage balancing remains a personality trait of the particular 
amplifier design. The techniques shown here allow offset 
voltage balancing without regard to the internal circuitry of 
the amplifier. 





00846001 

R1 = 2000 R3 II R4 
R4 II R3 < 10 ka 


FIGURE 1. Offset Voltage Adjustment for Inverting 
Amplifiers Using 10 kQ Source Resistance or Less 

The circuit shown in Figure 1 is used to balance out the 
offset voltage of inverting amplifiers having a source resis¬ 
tance of 10 or less. A small current is injected into the 
summing node of the amplifier through R-,. Since Ri is 2000 
times as large as the source resistance the voltage at the 
arm of the pot is attenuated by a factor of 2000 at the 
summing node. With the values given and ±15V supplies the 
output may be zeroed for offset voltages up to ±7.5 mW. 

If the value of the source resistance is much larger than 10 
kQ, the resistance needed for Ri becomes too large. In this 
case it is much easier to balance out the offset by supplying 
a small voltage at the non-inverting input of the amplifier. 
Figure 2 shows such a scheme. Resistors R^ and Rs divide 
the voltage at the arm of the pot to supply a ±7.5 mW 
adjustment range with ±15V supplies. 

This adjustment method is also useful when the feedback 
element is a capacitor or non-linear device. 


R3 



RANGE. ±v(^) 


FIGURE 2. Offset Voltage Adjustment for Inverting 
Amplifiers Using Any Type of Feedback Element 

This technique of supplying a small voltage effectively in 
series with the input is also used for adjusting non-inverting 
amplifiers. As is shown in Figure 3, divider R^, Rg reduces 
the voltage at the arm of the pot to ±7.5 mW for offset 
adjustment. Since Rg appears in series with R 4 , Rg should 
be considered when calculating the gain. If R 4 is greater than 
10 kQ the error due to Rg is less than 1 %. 
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FIGURE 3. Offset Voltage Adjustment for 
Non-Inverting Amplifiers 

A voltage follower may be balanced by the technique shown 
in Figure 4. injects a current which produces a voltage 
drop across Rg to cancel the offset voltage. The addition of 
the adjustment resistors causes a gam error, increasing the 
gain by 0.05%. This small error usually causes no problem. 
The adjustment circuit essentially causes the offset voltage 
to appear at full output, rather than at low output levels, 
where it is a large percentage error. 


FIGURE 4. Offset Voltage Adjustment for 
Voltage Followers 

Differential amplifiers are somewhat more difficult to bal¬ 
ance. The offset adjustment used for a differential amplifier 
can degrade the common mode rejection ratio. Figure 5 
shows an adjustment circuit which has minimal effect on the 
common mode rejection. The voltage at the arm of the pot is 
divided by R 4 and R 5 to supply an offset correction of ±7.5 
mV. R 4 and R 5 are chosen such that the common mode 
rejection ratio is limited by the amplifer for values of Rg 
greater than 1 kO. If Rg is less than 1 k the shunting of R 4 by 
R 5 must be considered when choosing the value of Rg. 


R2 



R2 = R3 + R4 


RANGE = ±V ( —) (— ) 

VR4/ VRI + R3/ 


GA,N = ^ 


FIGURE 5. Offset Voltage Adjustment for 
Differential Amplifiers 


The techniques described for balancing offset voltage at the 
input of the amplifier offer two main advantages: First, they 
are universally applicable to all operational amplifiers and 
allow device interchangeability with no modifications to the 
balance circuitry. Second, they permit balancing without in¬ 


terfering with the internal circuitry of the amplifier. The elec¬ 
trical parameters of the amplifiers are tested and guaranteed 
without balancing. Although it doesn’t usually happen, bal¬ 
ancing could degrade performance. 
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The following analysis of sine and step voltage responses 
applies to all single dominant pole op amps such as the 
LM101A, LM107, LM108A, LM112, LM118 and the LM741. 
Each of these op amps has an open loop response cun/e 
with a shape similar to the one shown in Figure 1. The 
distinguishing feature of this curve is the single low fre¬ 
quency turnover from a flat response to a uniform -20 dB per 
decade of frequency (-6 dB/octave) drop in gain, at least 
until the curve passes through the 0 dB line. Closing the loop 
to 40 dB (XI00) as shown with a dotted line on Figure 1 does 
not change the shape of the curve, but it does move the 
turnover to a higher frequency. These open loop and closed 
loop response curves determine the gain applied to small 
signal inputs. The logical question then arises as to when a 
signal can no longer be treated as a small signal and the 
amplifier response begins to deviate from this curve. 



FREQUENCY (Hz) 

00872601 


FIGURE 1. Open and Closed Loop Frequency 
Response 

The answer lies in the slew rate limit of the op amp. The slew 
rate limit is the maximum rate of change of the amplifier’s 
output voltage and is due to the fact that the compensation 
capacitor inside the amplifier only has finite currents^ avail¬ 
able for charging and discharging. A sinusoidal output signal 
will cease being a small signal when its maximum rate of 
change equals the slew rate limit Sr of the amplifier. The 
maximum rate of change for a sine wave occurs at the zero 
crossing and may be derived as follows: 

Vo = Vp sin 27 c ft ( 1 ) 


where: 

Vo = output voltage 
Vp = peak output voltage 

where: = output voltage 

Vp = peak output voltage 

- . ''''o 

= maximum- 

dt 


The maximum sine wave frequency an amplifier with a given 
slew rate will sustain without causing the output to take on a 
triangular shape is therefore a function of the peak amplitude 
of the output and is expressed as: 


^max “ 


Sr 

27r Vp 


(5) 


Equation (5) demonstrates that the borderline between small 
signal response and slew rate limited response is not just a 
function of the peak output signal but that by trading off 
either frequency or peak amplitude one can continue to have 
a distortion free output. Figure 2 shows a quick reference 
graphical presentation of Equation (5) with the area above 
any Vpeak representing an undistorted small signal re¬ 
sponse and the area below a given Vpeak representing 
a distorted sine wave response due to slew rate limiting. 



100 Ik 10k 100k 1M 

SINE WAVE FREQUENCY (Hz) 
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FIGURE 2. Sine Wave Response 


dv. 


-— = 27r f Vp cos 2 TT ft 
dt 


dv 


0 


dt 


= 2:tfV 
t = 0 


P 


Sr 


= 2n f 


max 


V 


p 


As a matter of convenience, amplifier manufacturers often 
give a “full-power bandwidth” or “large signal response” on 
^ 2 ^ their specification sheets. 

This frequency can be derived by inserting the amplifier slew 
rate and peak rated output voltage into Equation (5). The 
bandwidth from DC to the resulting f^ax's the full-power 
bandwidth or “large signal response” of the amplifier. For 
example the full-power bandwidth of the LM741 with a 0.5V 
(4) 
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MS Sr is approximately 6 kHz while the full-power bandwidth 
of the LM118 with an Sr of 70 V/ps is approximately 900 kHz. 



_ VsTEP 

S, 

( 8 ) 

Subsituting Equation (6) into Equation (7) gives the critical 
value of Vqtep directly in terms of face: 

VSTEP fsdb ^ o 
0.35 ^ 

(9) 

which can be graphed as shown in Figure 4. Any point in the 
area above a Vstep line represents an undistorted low pass 
filter type response and any point in the area below a given 
Vstep line represents a slew rate limited response. 


FIGURE 3. Small Signal Op Amp Model 

The step voltage response at the output of an op amp can 
also be divided into a small signal response and a slew rate 
limited response. The signal turnover and uniform -20 dB/ 
decade slope shown in the small signal frequency response 
curve of Figure 1 are also characteristic of a low pass filter 
and one can in fact model an op amp as a low pass RC filter 
followed by a very wideband amplifier. Figure 3 shows a 
model of a X100 circuit with a 3 dB down rolloff frequency of 
10 kHz. From basic filter theory^ the 10% to 90% rise time of 
single pole low pass filter is: 


- ^ 
^3dB 


( 6 ) 


which for this example would be 35 ps. Again this small 
signal or low pass filter response ceases when the required 
rate of change of the output voltage exceeds the slew rate 
limit Sr of the amplifier. Mathematically stated: 


Vstep ^ o 

■tt 

(7) 

This means that as soon as the amplitude of the output step 
voltage divided by the rise time of the circuit exceeds the Sr 
of the amplifier, the amplifier will go into slew rate limiting. 
The output will then be a ramp function with a slope of Sr and 
a rise time equal to: 
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FIGURE 4. Step Voltage Response 

The above equations and graphs should allow one to avoid 
the pitfalls of slew rate limiting and also provide a means of 
using engineering tradeoffs to extend the response of the 
single dominant pole type of amplifier. 
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Introduction 

One of the most useful analog subsystems is the true instru¬ 
mentation amplifier. It can faithfully amplify low level signals 
in the presence of high common mode noise. This aspect of 
its performance makes it especially useful as the input am¬ 
plifier of a signal processing system. Other features of the 
instrumentation amplifier are high input impedance, low input 
current, and good linearity. 

It has never been easy to design a high performance instru¬ 
mentation amplifier; however, the availability of high perfor¬ 
mance IC’s considerably simplifies the problem. IC op amps 
are available today that can give very low drifts as well as 
low bias currents; however, most of the circuits have some 
drawbacks. 

The most commonly used instrumentation amplifier designs 
utilize either 2 or 3 op amps and several precision resistors. 
These are capable of excellent performance; however, for 
high performance they require very precisely matched resis¬ 
tors. The common mode rejection of these designs depends 
on resistor matching and overall gain. Since op amps are 
now available with exceedingly high CMRR, this is no longer 
a problem. The CMRR of the instrumentation amplifier is 
approximately equal to half resistor mismatch plus the gain. 
For a 1% resistor mismatch the CMRR is limited to 46 dB 
plus the gain—referred to the input. 


Referred to the output, the common mode error is indepen¬ 
dent of gain and fixed by the resistor mismatch. For 1% 
match the error is 0.5%, and for 0.1% match the error is 
0.05%. These errors are not trivial in high precision systems. 
An instrumentation amplifier is shown here that compares 
favorably with multiple op amp designs, yet does not require 
precisely matched resistors. Further, the design allows a 
single resistor to adjust the gain. In comparing this instru¬ 
mentation amp to multiple op amp types there are of course 
some drawbacks. The gain linearity and accuracy are not as 
good as the multiple op amp circuits. 

The errors appearing in multiple op amp circuits are inde¬ 
pendent of the output signal level. For example, a common 
mode error at the output of 0.5% of full scale is a 33% error 
if the desired output signal is only 1.5% of full scale. With the 
new circuit maximum errors at full scale output and the 
percentage of output error decreases at lower output levels. 
Figure 1 shows a general purpose instrumentation amplifier 
optimized for wide bandwidth. It can provide gains from 
under 1 to over 1000 with a single resistor adjustment. Gain 
linearity is worst for unity-gain at 0.4%, and gain stability is 
better than 1.5% from -55°C to +125°C. Typically over a 0°C 
to +70°C range gain stability is 0.2%. Common mode rejec¬ 
tion ratio is about 100 dB—independent of gam. 



Note: Since the LM114 is an obsolete part, substitution of the LM194 is recommended, along with the removal of the two LM194 diodes This circuit has 
not been tested with the LM194 included. 

Also, the LM185-1 2 could be substituted for the LM113. 


FIGURE 1. Instrumentation Amplifier 
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Transistor pair, Q1 and Q2, are operated open-loop as the 
input stage to give a floating, fully differential input. Current 
sources, Q3 and Q4, set the operating current of the input 
pair. To obtain good linearity the output current of Q3 and Q4 
are set at about twice the current in R8 at full differential 
voltage. The temperature sensitivity of the transconductance 
of Q1 and Q2 is compensated by making their operating 
current directly proportional to absolute temperature. It has 
been shown that by biasing the base of transistor current 
sources at 1.22V, the output current varies as absolute tem¬ 
perature. The LM113 diode provides a constant 1.22V to the 
current sources. Both the compensated gm of Q1 and Q2 
and the large degeneration from R8 give the amplifier stable 
gain over a wide temperature range. 


In operation, transistors Q1 and Q2 convert a differential 
input voltage to a differential output current at their collec¬ 
tors. This is fed into a standard differential amplifier to obtain 
a single ended output voltage. Since the diff amp does not 
see the common mode input voltage, 1% resistors are ad¬ 
equate. Gain is set by the ratio of R8 (plus the re of Q1 and 
Q2) to the sum of R6 and R7. 

As mentioned previously this circuit is optimized for wide 
bandwidth: however, it is easily modified for other applica¬ 
tions. If low bias current is needed, all resistors can be 
increased by a factor of 100 and an LM108 substituted for 
the LM318. Other possible improvements are cascaded cur¬ 
rent sources and a modified Darlington input stage. 
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Low Drift Amplifiers 


Introduction 

Since the introduction of the monolithic 1C amplifier, there 
has been a continued improvement in DC accuracy. Bias 
currents have been decreased by five orders of magnitude 
over the past five years. Low offset voltage drift is also 
necessary in high-accuracy circuits. This is evidenced by the 
popularity of low-drift amplifier types as well as requests for 
selected low-drift op amps. However, little has been written 
about the problems associated with handling microvolt sig¬ 
nals with a minimum of errors. 

A very low drift amplifier poses some uncommon application 
and testing problems. Many sources of error can cause the 
apparent circuit drift to be much higher than would be pre¬ 
dicted. In many cases, the low drift of the op amp is com- 
pietely swamped by external effects while the amplifier is 
blamed for the high drift. 

Thermocouple effects caused by temperature gradient 
across dissimilar metals are perhaps the worst offenders. 
Whenever dissimilar metals are joined, a thermocouple re¬ 
sults. The voltage generated by the thermocouple is propor¬ 
tional to the temperature difference between the junction and 
the measurement end of the metal. This voltage can range 
between essentially zero and hundreds of microvolts per 
degree, depending on the metals used. In any system using 
integrated circuits, a minimum of three metals are found: 
copper, solder, and kovar (lead material of the 1C). 
Nominally, most parts of the circuit are at the same tempera¬ 
ture. However, a small temperature gradient can exist across 
even a few inches—and this is a big problem with the low 
level signals. Only a few degrees gradient can cause hun¬ 
dreds of microvolts of error. Two places where this shows up, 
generally, are the package-to-printed-circuit-board interface 
and temperature gradients across resistors. Keeping pack¬ 
age leads short and the two input leads close together help 
greatly. 

For example, a very low drift amplifier was constructed and 
the output monitored over a 1-minute period. During the one 
minute it appeared to have input referred offset variations of 
±5.0 pV. Shielding the circuit from air currents reduced this 
to ±0.5 pV. The 10 pV error was due to thermal gradients 
across the circuit from air currents. 

Resistor choice as weil as physical placement Is important 
for minimizing thermocouple effects. Carbon, oxide film, and 
some metal-film resistors can cause large thermocouple 
errors. Wirewound resistors of evenohm or managanin are 
best since they only generate about 2.0 pV/°C referenced to 
copper. Of course, keeping the resistor ends at the same 
temperature is important. Generally, shielding a low-drift 
stage electrically and thermally yields good results. 
Resistors can cause other errors besides gradient generated 
voltages. If the gain setting resistors do not track with tem¬ 
perature, a gain error will result. For example, a gain-of-1000 
amplifier with a constant 10 mV input will have 10V output. If 
the resistors mistrack by 0.5% over the operating tempera¬ 
ture range, the error at the output is 50 mV. Referred to input. 
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this is a 50 pV error. Most precision resistors use different 
material for different ranges of resistor values. It is not un¬ 
expected that a resistor differing by a factor of 1000 does not 
track perfectly with temperature. For best results, ensure 
that the gain fixing resistors are of the same material or have 
tracking temperature coefficients. 

It is appropriate to mention offset balancing as this can have 
a large effect on drift. Theoretically, the drift of a transistor 
differential amplifier depends on the offset voltage. For every 
millivolt of offset voltage the drift is 3.6 pV/°C. Therefore, if 
the offset is nulled, the drift should be zero. When working 
with 1C op amps, this is not the case. Other effects, such as 
second stage drift and internal resistor TC, make the drift 
nontheoretical. 

Certain types of amplifiers are optimized to have lower drift 
with offset balancing such as the LM121 and LM725. With 
this type of device offset, nulling improves the drift, and offset 
nulling should be used. Other types of devices, such as 
selected LM741’s or LM308’s, are selected for the drift with¬ 
out offset nulling connected to the device. The addition of a 
balancing network changes the internal currents and thus 
changes the drift—probably for the worse—so any offset 
balancing should be done at the input. 

No matter which null network is applied, highly stable resis¬ 
tors must be used. They should have low TC and track. 
Wirewound pots are usually a good choice. Finally, when the 
null network reduces a drift, the balancing of the amplifier as 
close to zero offset as possible minimizes the drift. 

Testing low-drift amplifiers is also difficult. Standard drift 
testing techniques such as heating the device in an oven and 
having the leads available through a connector, thermo¬ 
probe, or the soldering iron method do not work. Thermal 
gradients can cause much greater errors than the amplifier 
drift. Coupling microvolt signal through connectors is espe¬ 
cially bad since the temperature difference across the con¬ 
nector can be 50°C or more. The device under test, along 
with the gain setting resistor, should be isothermal. The 
circuit in Figure 1 will yield good results if well constructed. 


50k 



CONNECTOR 


Vos XI000 


^~1 

AMBIENT 


FIGURE 1. Drift Measurement Circuit 
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Conclusion 

Low-drift amplifiers need extreme care to achieve reprodu- 
cable low drift. Thermal and electrical shielding minimize 


thermocouple effects. Resistor choice is also important as 
they can introduce large errors. Careful attention to circuit 
layout offset balancing circuitry is also necessary 
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Precise Tri-Wave 
Generation 


Introduction 

The simple Tri-wave generator has become an often used 
analog circuit. Tri-wave oscillators are more easily designed, 
require less circuitry, and are more easily stabilized than sine 
wave oscillators. Further, the highly linear output of today’s 
Tri-wave generators make them useful in many “sweep” 
circuits and test equipment. 

This article describes a triangle wave generator with an 
easily controlled peak-to-peak amplitude. The positive and 
negative peak amplitude is controllable to an accuracy of 
about ±0.01 V by a DC Input. Also, the output frequency and 
symmetry are easily adjustable. 

Circuit Description 

The Tri-wave oscillator consists of an integrator and two 
comparators—one comparator sets the positive peak and 
the other the negative peak of the Tri-wave. To understand 
the operation, assume that the output of the comparator is 
low (-5V). Then -5.0V is applied through R1 to the input of 
the integrator. The LM118 will integrate positive until its 
output is equal to the positive reference on pin 9 of the 
LM119. Since the comparator outputs are low, D1 is reverse 
biased and the full output of the integrator is applied to the 
non-inverting input of comparator A. As the integrator output 
crosses the positive reference, comparator A switches “plus” 
and latches “plus” from positive feedback through D1 and 
R4. Now the polarity of the current to the integrator has 
changed and the integrator starts ramping negative. When 
the output reaches the negative reference voltage, compara¬ 
tor B swings negative. This forces the output of comparator 
A negative, also, and stops the positive feedback through D1 
from holding the comparator’s outputs positive. Once the 
positive feedback loop is broken, the outputs of the com¬ 
parators stay low. With the comparator’s outputs low, the 
integrator ramps positive again. 

The frequency of operation is dependent upon R1, Cl and 
the reference voltages. Frequency is given by: 

P __5^oy_ 

2 R1 C1 (Vref"^ - Vref“) 
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The maximum frequency of operation is limited by the circuit 
delay to about 200 kHz. Also, the maximum difference in 
reference voltages is 5.0V. 

Applications 

Regular or op amp testing is made easier with precise tri¬ 
angle waves. For example, IC voltage regulators are usually 
specified to operate over a certain input voltage range such 
as 7.0V to 25V. The Tri-wave generator can be set to deliver 
a 0.7V to 2.5V output. This output is then amplified by a 
factor of 10 by an op amp and used to sweep the regulator 
input over its operating range. With op amps, the generator 
can be used to sweep common mode voltages, power sup¬ 
ply voltages, or even to test output swing. The output of the 
device can be displayed on an oscilloscope and perfor¬ 
mance monitored over the entire operating range. 

Another application is a voltage controlled oscillator. Since 
the frequency depends on the input reference voltage, vary¬ 
ing the reference varies the frequency. The useful VCO 
range is about 2 decades. The output is then taken from the 
comparators as the Tri-wave changes in amplitude. 

Many sine wave oscillators use a non-linear network to 
convert triangle wave to sines. It is usually necessary to set 
triangle amplitude precisely for minimum distortion. If R1 is 
replaced by a pot, frequency can be varied over at least 10 
to 1 range without affecting amplitude. 

Symmetry is also easily adjustable. Current can be injected 
into the inverting input of the LM118 to change ramp time. 
The easiest way to achieve this is to connect a 50 kQ resistor 
from the inverting input of the LM118 to the arm of a 1 k^^ 
pot. The ends of the pot are connected across the supplies. 
Current from the resistor either adds or subtracts from the 
current through R1, changing the ramp time. 
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Applications (Continued) 
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FIGURE 1. Precision Tri-Wave Generator 
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Versatile 1C Preamplifier 
Makes Thermocouple 
Amplifier with Cold 
Junction Compensation 

Introduction 

Accurate electronic temperature measurements are not 
simple. There exists a large array of temperature sensors; 
each with its own peculiarities. The major sensors are ther¬ 
mistors, resistance sensors, and thermocouples. (Diodes 
and transistors have been used but they are not normally 
sold for this purpose.) Thermistors are highly non-linear, 
making wide range measurements difficult. Resistance sen¬ 
sors are large, require a bridge, and tend to be relatively 
costly. Thermocouples are small, relatively linear, inexpen¬ 
sive, but require reference junction temperature compensa¬ 
tion. 

Thermocouples are made when wires of different metals are 
joined. A voltage is produced proportional to the temperature 
difference between the junction and the output ends of the 
wire. This voltage is the Seebeck coefficient and is usually 
specified in volts (or microvolts) per degree. Commercially 
available thermocouples produce an output of between 10 
pV/°C and 50 pV/°C. 

Since the output voltage of thermocouples is proportional to 
temperature difference, the ambient temperature or mea¬ 
surement end of the thermocouple must be known. Alterna¬ 
tively, compensation can be applied for temperature 
changes. This is done either by terminating the thermo¬ 
couple in a temperature controlled environment or with elec¬ 
trical compensation circuitry. The amplifier shown here pro¬ 
vides a direct reading output of 10 mV/°C and automatically 
compensates for reference junction temperature changes. 
Further, calibration is relatively simple. 

+15V 


R11 

10k 
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Circuit Description 

An LM321 preamp is used in conjunction with an LM308Aop 
amp to form a precision, low-drift, operational amplifier. The 
LM321 is specifically designed for use with general purpose 
op amps to obtain drifts of 1 pV/°C. When the offset voltage 
is nulled, the drift is also nulled. There Is a theoretical rela¬ 
tionship between the offset voltage and drift when the offset 
is not nulled to zero. The drift of the amplifier is then used to 
compensate the thermocouple for ambient temperature 
variations. Drift given by: 

d Vqs ^ Vqs 
dT T 

where T is in degrees Kelvin. 

Resistors R1, R2, and R3 set the operating current of the 
preamp, and R3 is used to adjust the offset. The offset and 
drift are amplified by the ratio of the feedback resistors R4 
and R5 and appear at the output. R6 and R7 attenuate the 
thermocouple’s output to 10 pV/°C to match the amplifier drift 
and set the scale factor at 10 mV/°C. The LM113 provides a 
temperature stable reference for offsetting the output to read 
directly in degrees centigrade. 
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Calibration 

Calibration is independent of thermocoupie type; however, 
circuit values are for chromel alumel. R6 and R7 must be 
changed for different thermocouples. First, the thermocouple 
is repiaced by a short of copper wire and the LM113 is 
shorted to ground. Then the offset is adjusted so the output 
reads the ambient temperature at 10 mV/°k—for 25°C this is 
2.98V. The short across the LM113 is removed and R9 is 
adjusted for the correct output in degrees centigrade. Con¬ 
nect the thermocoupie, and it’s ready to go. 

Performance 

It should be mentioned that for stable performance, good 
construction techniques are necessary. Resistors R4, R6, 
and R7 should be wirewound so they contribute a minimum 


of error due to thermocouple effects from temperature gra¬ 
dients across the circuit. The entire circuit should be en¬ 
closed in a box with the end of the thermocoupie terminated 
in the box near the LM321. This will minimize temperature 
gradients across the circuit and insure close thermal cou¬ 
pling between the LM321 and the reference end of the 
thermocoupie. 

Typicaily, the LM321 wiii track temperature changes with 
iess then 0.03°C error per degree change. Self-heating of 
the LM321 will change its temperature by about 2°C; this is 
calibrated out initially. Reference and resistor drift can be 
expected to contribute about 0.02°C/°C. Of course, no com¬ 
pensation is made for nonlinearities of the thermocouple 
output voltage as a function of temperature. Over a wide 
measurement range with relativeiy stable ambient tempera¬ 
ture, thermocouple error will be the major inaccuracy. 
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Introduction 

The op amp precision rectifier circuits have greatly eased the 
problems of AC to DC conversion. It is possible to measure 
millivolt AC signal with a DC meter with better than 1% 
accuracy. Inaccuracy due to diode turn-on and nonlinearity is 
eliminated, and precise rectification of low level signals is 
obtained. 

Once the signal is rectified, it is normally filtered to obtain a 
smooth DC output. The output is proportional to the average 
value of the AC input signal, rather than the root mean 
square. With known input waveforms such as a sine, tri¬ 
angle, or square; this is adequate since there is a known 
proportionality between rms and average values. However, 
when the waveform is complex or unknown, a direct readout 
of the rms value is desirable. 

The circuit shown will provide a DC output equal to the rms 
value of the input. Accuracy is typically 2% for a 20 Vp.p input 


signal from 50 Hz to 100 kHz, although it’s usable to about 
500 kHz. The lower frequency is limited by the size of the 
filter capacitor. Further, since the input is DC coupled, it can 
provide the true rms equivalent of a DC and AC signal. 
Basically, the circuit is a precision absolute value circuit 
connected to a one-quadrant multiplier/divider. Amplifier A1 
is the absolute value amplifier and provides a positive input 
current to amplifiers A2 and A4 independent of signal polar¬ 
ity. If the input signal is positive, A1’s output is clamped at 
-0.6V, D2 is reverse biased, and no signal flows through R5 
and R6. Positive signal current flows through R1 and R2 into 
the summing junctions of A2 and A4. When the input is 
negative, an inverted signal appears at the output of A1 
(output is taken from D2). This is summed through R5 and 
R6 with the input signal from R1 and R2. Twice the current 
flows through R5 and R6 and the net input to A2 and A4 is 
positive. 



Notes: 

All operational amplifiers are LM118. All resistors are 1% unless otherwise specified All diodes are 1N914 Supply voltage ±15V. 
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Amplifiers A2 through A5 with transistors Q1 through Q4 
form a log multiplier/divider. Since the currents into the op 
amps are negligible, all the input currents flow through the 
logging transistors. Assuming the transistors to be matched, 
the Vbe of Q4 is: 

Vbe (Q4) = Vbe (Q1) + Vbe (Q3) - Vbe (Q2) 
TheVbe’s of these transistors are logarithmically proportional 
to their collector currents so 

log (lc4) = log (Id) + log (Ics) - log (Ic 2 ) 


where lci, Ic 2 ) lea. snd Ic 4 are the collector currents of 
transistors Q1-Q4. 

Since lci equal Ics and is proportional to the input, the 
square of the input signal is generated. The square of the 
input appears as the collector current of Q4. Averaging is 


done by C4, giving a mean square output. The filtered output 
of Q4 is fed back to Q2 to perform continuous division where 
the divisor is proportional to the output signal for a true root 
mean square output. 

Due to mismatches in transistors, it is necessary to calibrate 
the circuit. This is accomplished by feeding a small offset into 
amplifier A2. A 10V DC input signal is applied, and RIO is 
adjusted for a 10V DC output. The adjustment of RIO 
changes the gam of the multiplier by adding or subtracting 
voltage from the log voltages generated by the transistors. 
Therefore, both the resistor inaccuracies and Vbe 
matches are corrected. 

For best results, transistors Q1 through Q4 should be 
matched, have high beta, and be at the same temperature. 
Since dual transistors are common, good results can be 
obtained if Q1, Q2 and Q3, Q4 are paired. They should be 
mounted in close proximity or on a common heat sink, if 
possible. As a final note, it is necessary to bypass all op 
amps with 0.1 pF disc capacitors. 
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Introduction 

Comparison of dc signal levels within microvolts of each 
other can be made by using an LM121A pre-amp and an 
LM111 comparator IC. Implementing this with two separate 
IC’s decreases noise, eliminates troublesome thermal ef¬ 
fects, and achieves a maximum offset drift of 0.22 pV/°C 
{Figure 1). 

Designing a practical comparator with a voltage gain of 10 
million involves protecting the input stage from temperature 
changes or gradients, and avoiding problems of including 
the noise filter within the positive feedback loop. The circuit 
as shown has a 5 pV hysteresis which can be trimmed to 
1 pV under certain conditions. Further, delays decrease with 
increasing overdrive (see chart) due to elimination of input 
stage thermal effects, saturating stages, and dielectric soak 
or polarization effects on signal filter capacitors Tabie 1. 

Designing with a Pre-Amp 

With the bias network shown, the LM121A input stage has 
an open-loop temperature stable voltage gain of close to 


100. The 100k output impedance of the LM121A is shunted 
by Cs to filter out pickup and internally generated noise. No 
feedback to the inputs of the pre-amp is employed to avoid 
degrading common-mode rejection of the system. 

The separate pre-amp with a gain of 100 provides two major 
advantages over single comparator designs. First, Vqs and 
other small errors attributed to the LM111 are reduced by the 
100 gain factor. More important, temperature gradient 
changes which occur within the LM111 when switching any 
output load, are completely isolated by the separate pack¬ 
ages and do not affect the pre-amp. If the entire microvolt 
comparator were on a single silicon chip, a temperature 
variation of as little as 1/1000°C across the input stage could 
have a significant effect. 

This effect is a major reason for designing circuits sensitive 
and stable to microvolt dc signals with a separate 
pre-amplifier. Further, the special 4-transistor input stage, 
when adjusted to zero offset with the “balance” control be¬ 
tween pins 5 and 6, automatically reduces Vqs change with 
temperature to almost zero. 


TABLE 1. Typical Overdrive Delays 


Hyst. 

Set 

Rh 

Rs 

Cs 

Delays with Various Overdrives 

25% 

100% 

1000% 

100 mV 

5 pV 

75 wa 

10 kQ. 

Max. 

6800 pF 

2 ms 

1.8 ms 

600 ps 

560 ps 



FIGURE 1. Schematic Diagram 


Filtering 

The pre-amp/comparator system generates a continuous 
stream of very fast pulses if assembled without a filter, even 
with positive feedback for hysteresis. This is caused by both 
stray output-input feedback, and noise. The noise is both 


thermal and pickup from the environment, including power 
switching transients and fluorescent light hash. To cure this, 
shunt filter capacitor Cs is used. 

Placing this capacitor outside the positive feedback loop has 
two advantages. It eliminates a tendency for the comparator 


WWW national.com 


2-204 





Filtering (Continued) 

to oscillate during slow transitions. Also, response time to 
small signals is halved since the positive hysteresis feed¬ 
back signal is not stored on the filter capacitor. 

A higher frequency filter (Cf) is needed to provide a low 
impedance shunt to any high frequency noise and stray 
feedback that may be picked up between LM111 terminals 5 
and 6. These two terminals have almost the same voltage 
sensitivity as the normal input terminals. The positive feed¬ 
back to terminal 5, as described below, is only delayed 
slightly by this filter. 

Feedback 

The positive feedback provided by the 5.1k/33Q voltage 
divider with Rh is needed to insure clean, rapid changes of 
state. It IS applied to one of the “balance” terminals (pin 5) of 
the LM111 to simplify the circuit over a balanced feedback 
network, and to minimize signal stored on Cg as previously 
described. The current fed back to terminal 5 is single ended 
with respect to the balance adjust network between these 
terminals, and hence injects a dc offset of the desired polar¬ 
ity and amplitude for a few microvolts of latching. 

Performance 

A tabulation is shown for one of the many possible combi¬ 
nations of input circuits, filters, etc. For large amplitude 
signals, Cg can be decreased and hysteresis increased for 
greater speed. Conversely, to obtain hysteresis as low as 
1 pV, trim Rh (to about 300k) use a Cg of 0.01 pF to 0.1 pF 
and have a low impedance source of signals. 

For reduced ambient range and drift specifications, an 
LM321 can be paired with the LM311 for a cost saving while 
maintaining the same comparison sensitivity. 

Design Tips for Microvoit Signals 

Even with high performance devices such as the LM121, 
microvolts of error can occur from thermocouple effects. 


common-mode signals, “microphonics,” or unbalances in the 
input or nulling circuits. As pointed out in Application Note 
AN-79, Kovar lead to copper circuit board thermocouple 
effects can cause a 3.5 pV offset voltage for only 0.1 °C 
difference across the input leads. A compact layout of input 
connections and shielding from air currents will minimize this 
problem. 

Although the LM121A has excellent common-mode rejection 
(> 120 dB), a IV change in common-mode voltage can 
induce up to 1 pV of error voltage. For this reason 
common-mode voltage changes should be kept to a mini¬ 
mum. Also, common-mode voltages allow mechanical vibra¬ 
tions in the probe cable to induce “microphonic” noise sig¬ 
nals Short, stiff, low capacitance and symmetrical input 
shielded wires are recommended. 

If It IS possible to have a signal source balanced with regard 
to ground, it will help decrease errors due to bias currents, 
and noise due to common-mode and microphonic effects. 
Matched, low temperature coefficient parts should be used in 
the balance network, and care should be exercised in shield¬ 
ing input circuits and eliminating ground-loops. 

Applications 

The microvolt comparator is particularly well suited to con¬ 
trollers or test equipment having thermocouples or strain 
gauges as inputs. This includes wind speed indicators, RMS 
to dc converters, vacuum gauges, gas analysis equipment, 
conductivity gauges, and hot wire controls. The strain 
gauges can be used in materials testing, electronic weigh¬ 
ing, pressure transducers, and load limiting sensors for 
cranes, hoists, and rolling mills. 

As a temperature controller. Vs degree or less on-off differ¬ 
ential can be obtained using thermocouple types E, J, T or K. 
Other microvolt signals used for control may come from Hall 
effect sensors. Bolometers, slide-wires, and heat-flow ther¬ 
mopiles. A microvolt comparator will be useful in “Go/No-Go” 
testing of low resistances such as switch and relay contacts, 
RTDs, coil and fuse resistances, and 
pressure-sensitive-plastic conductors. 
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A Micropower Voltage 
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A iow-drift voltage reference can be easily made by convert¬ 
ing a zero temperature coefficient current to a voltage. 
JFETs biased slightly below pinch-off exhibit a zero tempera¬ 
ture coefficient drain current (!□) as shown in Figure 1. With 
the above property and a micropower operationai amplifier, 
used to convert the drain current to a voitage, a low power 
consumption voltage reference can be built as shown in 
Figure 2. The consumption of LM4250 op amp is pro¬ 
grammed through resistor Rset- Potentiometer P1 should be 
adjusted for low output (Vref) temperature coefficient. Actu¬ 
ally, it can be trimmed for positive, negative or zero tempera¬ 
ture coefficient. The output voltage is trimmed through P2 
and it is expressed by: 

Vref = Idi (Pz + R1 + R2), 

R2 = R3.Idi = IdSs[i 

With the values shown in Figure 2, the temperature coeffi¬ 
cient of the output is 0.002%/°C and the overall standby 
current less than 100 pA. The characteristics of the LM4250 


are a function of its supply current, which depends on Rset. 
and V"^. can be provided by Vr^f through the addition of 
a second FET, J2, shown in Figure 3. This way the param¬ 
eters of the op amp will be independent of the unreguiated 
input. The reference voltage can be taken from the wiper of 
the potentiometer P2 (Vref = V'^) or from the source of J2 
(Vref > In the first case, the output impedance of the 
circuit is quite high and buffering may be required according 
to the application. The output impedance in the second case 
is low, essentially the 1/gm of (J2) divided by the loop gain of 
the circuit. In this case, a small temperature coefficient due 
to the supply current of the LM4250 is going to be added and 
be compensated for by an additional trimming of PI. Vref is 
computed by: 


Vref = iDi [P2 + R1 + R2] + P^ [Ig + Idi). 


R2 = R3. Is = 


6 (V+ - Vbe) 
Rset 



FIGURE 1. FET Transfer Characteristics 
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P1 = Drift Adjust 
P2 = Vref Adjust 

FIGURE 2. Basic Voltage Reference 



00873403 

FIGURE 3. Improved Voltage Reference 
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Circuit Techniques for 
Avoiding Oscillations in 
Comparator Applications 

When a high-speed comparator such as the LM111 is used 
with fast input signals and low source impedances, the out¬ 
put response will normally be fast and stable, assuming that 
the power supplies have been bypassed (with 0.1 pF disc 
capacitors), and that the output signal is routed well away 
from the inputs (pins 2 and 3) and also away from pins 5 
and 6. 

However, when the input signal is a voltage ramp or a slow 
sine wave, or if the signal source impedance is high (1 kQ to 
100 kQ), the comparator may burst into oscillation near the 
crossing-point. This is due to the high gain and wide band¬ 
width of comparators like the LM111. To avoid oscillation or 
instability in such a usage, several precautions are recom¬ 
mended, as shown in Figure 1 below. 

1. The trim pins (pins 5 and 6) act as unwanted auxiliary 
inputs. If these pins are not connected to a trimpot, they 
should be shorted together. If they are connected to a 
trim-pot, a 0.01 pF capacitor Cl between pins 5 and 6 
will minimize the susceptibility to AC coupling. A smaller 
capacitor is used if pin 5 is used for positive feedback as 
in Figure 1. 

2. Certain sources will produce a cleaner comparator out¬ 
put waveform if a 100 pF to 1000 pF capacitor C2 is 
connected directly across the input pins. 

3. When the signal source is applied through a resistive 
network, Rg, it is usually advantageous to choose an Rg' 
of substantially the same value, both for DC and for 
dynamic (AC) considerations. Carbon, tin-oxide, and 
metal-film resistors have all been used successfully in 
comparator input circuitry. Inductive wirewound resistors 
are not suitable. 

4. When comparator circuits use input resistors (e.g. sum¬ 
ming resistors), their value and placement are particu¬ 
larly important. In all cases the body of the resistor 
should be close to the device or socket. In other words 
there should be very little lead length or printed-circuit 
foil run between comparator and resistor to radiate or 
pick up signals. The same applies to capacitors, pots, 
etc. For example, if Rs = 10 kQ, as little as 5 inches of 
lead between the resistors and the input pins can result 
in oscillations that are very hard to damp. Twisting these 
input leads tightly is the only (second best) alternative to 
placing resistors close to the comparator. 

5. Since feedback to almost any pin of a comparator can 
result in oscillation, the printed-circuit layout should be 
engineered thoughtfully. Preferably there should be a 
groundplane under the LM111 circuitry, for example, one 
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side of a double-layer circuit card. Ground foil (or, posi¬ 
tive supply or negative supply foil) should extend be¬ 
tween the output and the inputs, to act as a guard. The 
foil connections for the inputs should be as small and 
compact as possible, and should be essentially sur¬ 
rounded by ground foil on all sides, to guard against 
capacitive coupling from any high-level signals (such as 
the output). If pins 5 and 6 are not used, they should be 
shorted together. If they are connected to a trim-pot, the 
trim-pot should be located, at most, a few inches away 
from the LM111, and the 0.01 pF capacitor should be 
installed. If this capacitor cannot be used, a shielding 
printed-circuit foil may be advisable between pins 6 and 
7. The power supply bypass capacitors should be lo¬ 
cated within a couple inches of the LM111. (Some other 
comparators require the power-supply bypass to be lo¬ 
cated immediately adjacent to the comparator.) 

6. It is a standard procedure to use hysteresis (positive 
feedback) around a comparator, to prevent oscillation, 
and to avoid excessive noise on the output because the 
comparator is a good amplifier for its own noise. In the 
circuit of Figure 2, the feedback from the output to the 
positive input will cause about 3 mV of hysteresis. How¬ 
ever, if the value of Rg is larger than 100Q, such as 50 
kQ, it would not be reasonable to simply increase the 
value of the positive feedback resistor above 510 kQ. 
The circuit of Figure 3 could be used, but it is rather 
awkward. See paragraph 7, below, for the alternative. 

7. When both inputs of the LM111 are connected to active 
signals, or if a high-impedance signal is driving the 
positive input of the LM111 so that positive feedback 
would be disruptive, the circuit of Figure 1 is ideal. The 
positive feedback is to pin 5 (one of the offset adjust¬ 
ment pins). It is sufficient to cause 1 to 2 mV hysteresis 
and ensure sharp output transitions with input triangle 
waves from a few Hz to hundreds of kHz. The positive 
feedback signal across the 82Q resistor swings 240 mV 
below the positive supply. This signal is centered around 
the nominal voltage at pin 5, so this feedback does not 
add to the Vqs of the comparator. As much as 8 mV of 
Vqs can be trimmed out, using the 5 kQ pot and 3 kQ 
resistor as shown. 

8. These application notes apply specifically to the LM111, 
LM211, LM311, and LF111 families of comparators, and 
are applicable to all high-speed comparators in general, 
(with the exception that not all comparators have trim 
pins). 
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Pin connections shown are for LM111H in 8-lead TO-5 hermetic package 


FIGURE 1. Improved Positive Feedback 



Pm connections shown are for LM111H in 8-lead TO-5 hermetic package 

FIGURE 2. Conventional Positive Feedback 



FIGURE 3. Positive Feedback with High Source 
Resistance 
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Increasing interest in battery-operated analog and digital 
circuitry in recent years has created the need for a 
micro-power voltage reference. In particular, the reference 
should draw 10 pA or less and operate from a single 5V 
supply. These requirements eliminate zener diodes which 
tend to have unpredictable temperature drift and are noisy at 
low currents and low voltages. One possibility is the LM103 
series of punch-through diodes which have break-down volt¬ 
ages of 1.8V to 5.6V and operate well at 10 pA. Unfortu¬ 
nately, these devices drift at -5 mV/°C and extra circuitry 
must be added to create a low-drift reference. Non-linearity 
in the drift characteristic limits usable drift compensation to 
about 50 ppm/”C. Variations in slope from device to device 
can be up to ±0.5 mV/°C, so each reference must be indi¬ 
vidually corrected for temperature drift in an oven test. 

The LM134 current source can provide an interesting solu¬ 
tion to the low-power-drain reference problem. This device is 
a 3-terminal current source which has a compliance of IV to 
40V and is programmable over a current range of 1 pAto 10 
mA. Current is determined by an external resistor. With a 
zero drift resistor, the LM134 current is directly proportional 
to absolute temperature (°K). Untrimmed accuracy of the 
current is ±3%, but the key to the success of the LM134 Is 
that initial errors are gain errors which are trimmed to zero 
when the external resistor is adjusted. Independent of initial 
current, if the current is adjusted to 298 pA at T = 25°C 
(298°K), all devices will have a current dependence of 1 
±0.01 pA/°C. 

A voltage reference can be made by combining the positive 
temperature coefficient of the LM134 with the negative TC of 
a forward-biased diode. The 1C terminology for such a refer¬ 
ence is “bandgap reference” because the total voltage of the 
reference is equal to the extrapolated (0°K) bandgap voltage 
of silicon. An important characteristic of bandgap references 
is that the zero TC voltage is independent of diode current 
even though the diode voltage and TC are not. This means 
that by adjusting the total voltage of the reference to a fixed 
value, TC. will be adjusted to near zero at the same time. 
The zero TC voltage for most bandgap references falls 
between 1.20V and 1.28V. 

The circuit in Figure 1 is a micropower reference using the 
LM134 and an MPSA43 transistor connected as a diode with 
collector-base shorted. A transistor is used in place of a 
diode because the transistor characteristics as a 
double-diffused structure are more consistent than a diode. 
In particular, the emitter-biased voltage drift of wide-base 
high-voltage transistors connected as diodes Is very linear 
with temperature. 

In Figure 1, the LM134 controls the voltage between its R 
and V" terminals to « 64 mV. About 5.5% of the current out 
of the R terminal flows out of the V" terminal. The total 
current flowing through R2 is then determined by 67.7 mV/ 
R1. Output voltage is the sum of the diode voltage, plus the 
voltage across R2, plus 64 mV. The voltage TC across R2 
and the 64 mV is positive and directly proportional to abso¬ 
lute temperature while the diode TC is negative. The overall 
TC of the output will be near zero (< 50 ppm/°C) when the 


output is adjusted to 1.253V by trimming R2. To obtain this 
level of performance, R1 and R2 must track well over tem¬ 
perature. 1% metal film resistors are suggested. 


2.5V<V|m<30V 



FIGURE 1. 

For optimum results with a single point adjustment of voltage 
and temperature coefficient, an additional error term must be 
accounted for. Internal to the LM134 are low l^ss FETs used 
for starting the control loop. This FET current adds directly to 
the V” pin current and therefore creates an additional output 
voltage equal to (ldss)(Fl2). Typical l^ss 'S 200 nA, causing 
Vouxfo be 14 mV high. Temperature coefficient of l^ss is low, 
typically 0.1%/°C. For best results in a single point adjust¬ 
ment, Vqut should be adjusted to 1.253V + Idss (FI2). I^ss 
can be easily measured by open circuiting R1 and measur¬ 
ing the drop across R2. The resulting voltage must be di¬ 
vided by 2 due to an internal action which causes 2 Icssfo 
flow when no current flows from the R pin. Example: with R1 
open, 32 mV is measured across R2. Set Vqut SQual to 
1.253V + 32 mV/2 = 1.269V. Even lower TC can be obtained 
by measuring the output at 2 temperatures and using the 
following formula to calculate the exact zero TC output volt¬ 
age for each reference. 

Vout(0TC) = V1-I^^^ 

Where: 

VI = Output voltage at T1 
V2 = Output voltage at T2 
T = Absolute temperture (°K) 
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The limitation on temperature drift after a 2 point calibration 
IS non-linearity This reference circuit has a non-reducible 
bow error of = 10 ppm/°C over a temperature range of -25°C 
to +100°C and =5 ppm/°C from 0°C to +70°C. At 125°C, 
leakage creates significant error, causing the output voltage 
to droop about 5 mV. 

Noise of the reference consists primariiy of theoretical shot 
noise current from the LM134. At the 10 pA level, this is 
about 6pA/VHzrms from 10 Hz to 10 kHz. Total output 
noise would be 0.4 jLtV/^/Hz rms over this frequency range, 
except that Cl bypasses most of the noise above 2 kHz. 
Measured output noise was 25 pVrms over a 10 Hz to 10 
kHz bandwidth with Cl = 1000 pF. Larger values of Cl may 
be used if lower broadband noise is needed Low frequency 
noise is about 25 pV peak-to-peak from 0.1 Hz to 10 Hz. 
The LM134 has a negative output resistance at the R pin 
when resistance is inserted in series with the V~ pin. The 
value of this negative resistance is approximately -Rx/19, 
where Rx is the equivalent resistance from V“to ground. In 
this reference circuit Rx is 72 kQ, yielding a negative output 
resistance of 3.8 kQ. Resistor R2 sums with this resistance 
to give the reference a net zero output resistance (±400Q). 
Loading should be limited to about 5 pA. Line regulation for 
the reference is typically less than 0.5 mV with an input 
voltage of 5V ±2V. Minimum input voltage for a 2 mV drop in 
output voltage is 2.5V at -55°C, 2.4V at 25°C and 2.3V at 
125°C. 


Although this reference was designed for ultra-low operating 
current, there is no reason that it cannot be used at higher 
current levels as well. All resistor values are simply scaled 
downward. Higher operating current will give lower output 
resistance, more drive capability, less sensitivity to FET Idss. 
lower noise, and less droop at 125°C. 
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FIGURE 2. Output Voltage Drift 
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Get Fast Stable Response 

From Improved Unity-Gain R°bertA pease 

Followers 



In many applications, a unity-gain follower (e.g. any opera¬ 
tional amplifier with tight feedback to the inverting input) may 
oscillate or exhibit bad ringing when required to drive heavy 
load capacitance. For example, the LM110 follower will nor¬ 
mally drive a 50 pF load capacitor, but will not drive 500 pF, 
because the open-loop output impedance is lagged by such 
a large capacitive load. The frequency at which this lag 
occurs is comparable to the gain-bandwidth product of the 
amplifier, and when the phase margin is decreased to zero, 
oscillation occurs. 



FIGURE 1. Unity-Gain Foiiower Attempting to Drive 
Capacitive Load 

While the solution to this problem is not widely known, an 
analysis of the general problem shown in Figure 2 can lead 
to a useful approach. It is generally known that increasing 
the noise gain of an op amp’s feedback network will improve 
tolerance of capacitive load. In Figure 2, adding a resistor R2 
= Rp/IO will do this. (A moderate capacitor C2 is usually 
inserted in series with R2, to prevent the DC noise gain from 
increasing also—to avoid degrading DC offset, drift and 
inaccuracy.) If the op amp has a 1 MHz gain bandwidth 
product, and R1 = Rp, the closed-loop frequency response 
will be 1/2 MHz. Adding R2 = Rp/IO will drop the closed-loop 
frequency response to 90 kHz, where the amplifier can 
usually tolerate a much larger Cl! 


Noise Gain = 


R1 


+ 


R2 


+ 1 (AC) 


Noise Gain “ ^ ^ 


R1 Rj: 



FIGURE 2. Stabilizing an Operational Amplifier for 
Capacitive Load 

A similar result will occur if you install R3 and C3, instead of 
R2. Now the (AC) noise gain will be: 


1 


R4 

'^R3 





As a simplification, if R1 is an open circuit, the AC noise gain 
will be; (R4/R3 + Rp/R3 + 1). Now it can be seen that noise 
gain can be raised by having a low value of R3 and a high 
value of R4 or Rp (or both). 

In particular, where Rp is required to be OQ, as in a follower, 
the noise gain can be raised by adding a large R4 and a 


WWW national.com 


2-212 





small R5, as shown in Figure 3. If Rq is low, the AC noise 
gain will be R4/R5 + 1, (If Rg is large and constant, R4 may 
be unnecessary, and the noise gain would then be Rg/RS + 
1.) For LM110/LM310’s R4 = 10 kQ is recommended and 
when R5 = 3.3 kQ, C5 = 200 pF, the LM110 will stably drive 
Cl up to 600 pF. 



00849103 


FIGURE 3. Stabilizing a Unity-Gain Follower for 
Capacitive Load 

Another application of this technique is for making a fast 
follower with a high slew rate. An LF356 is specified as a 
follower, but an LF357 must be applied at an = 5” 
minimum, because it has been “decompensated” with a 
smaller internal capacitor. Most people do not realize how 
easy it is to apply an LF357 as a follower. In Figure 4, an 
LF357 will have fast, stable response just like an LF356 
does, when Rg is < 1 kQ, but it will have a 50V/ps slew rate 
(typical) vs. 12V/ps for an LF356. 


Similarly, an LM348 is a fast decompensated quad op amp. 
Its bipolar input stage has a finite bias current, 200 nA max. 
For best results, the resistance which makes up the noise 
gain should be put equally in the plus and minus input 
circuits, as shown in Figure 5. The LM349 can slew at 2V/ps 
typical, and is much faster for handling audio signals without 
distortion than the LM348 (which at 0.5V/ps Is only as fast as 
an ordinary LM741). The same approach can be used for an 
LM101 with a 5 pF damping capacitor. While these circuits 
give faster slewing, the bandwidth may degrade if the source 
impedance Rg increases. Also, when the AC noise gain is 
raised, the AC noise will also be increased. While most 
modern op amps have low noise, a noise gain of 10 may 
make a significant increase in output noise, which the user 
should check to insure it is not objectionable. 


R9 

3.9k 



00849105 

FIGURE 5. Application of Fast Follower With Baianced 
Resistors, R9 = R7 + Rg, A = 1/4 LM349 (or LM101 with 
5 pF Capacitor) 



If the series capacitor is much larger than necessary, noise 
will be increased more than necessary. In general, choose 
the C5 for Figure 3, (e.g.) per these guidelines: (where fy = 
unity-gain bandwidth of op amp) 


C5 Min 



2'7rR6 • fy 


R4 + R5 


|.fv»(R5)2 


FIGURE 4. Unity-Gain Follower With Fast Slew Rate 


For best results, choose the design center value of C5 to be 
2 or 3 times C5 min. 
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Get More Power Out of 
Dual or Quad Op-Amps 


National Semiconductor 
Linear Brief 44 
Bob Pease 



Although simple brute-force paralleling of op-amps is a bad 
scheme for driving heavy loads, here is a good scheme for 
dual op-amps. It is fairly efficient, and will not overheat if the 
load is disconnected. It Is not useful for driving active loads 
or nonlinear loads, however. 

In Figure 1, an LF353N mini-DIP can drive a 600Q load to 
±9V typical (±6V min guaranteed) and will have only a 47°C 
temperature rise above free air. If the load R is removed, the 
chip temperature will rise to +50°C above free air. Note that 
A2’s task is to drive half of the load. A1 could be applied as 
a unity-gain follower or inverter, or as a high-gain or 
low-gain amplifier. Integrator, etc. 

While Figure 1 is suitable for sharing a load between 2 
amplifiers, it is not suitable for 4 or more amplifiers, because 
the circuit would tend to go out of control and overheat if the 
load is disconnected. 

Instead, Figure 2 is generally recommended, as it is capable 
of driving large output currents into resistive, reactive, non¬ 
linear, passive, or active loads. It is easily expandable to use 
as many as 2 or 4 or 8 or 20 or more op-amps, for driving 
heavier loads. 

It operates, of course, on the principle that every op-amp has 
to put out the same current as A1, whether that current is 
plus, minus, or zero. Thus if the load is removed, all ampli¬ 
fiers will be unloaded together. A quad op-amp can drive 
600Q to ±11 or 12 volts. Two quads can put out ±40 mA, but 
they get only a little warm. A series R-C damper of 15Q in 


series with 0.047 pF is useful to prevent oscillations (al¬ 
though LM324’s do not seem to need any R-C damper). 

Of course, there is no requirement for the main amplifier to 
run only as a unity-gain amplifier. In the example shown in 
Figure 3, A1 amplifies a signal with a gain of +10. A2 helps it 
drive the load. Then A3 operates as a unity-gain inverter to 
provide V2 = -VI, and A4 helps it drive the load. This circuit 
can drive a floating 2000n load to ±20V, accurately, using a 
slow LM324 or a quick LF347. 


10R1 m 

100k 10k 



A1, A2 = 1/2 LM747 or 1/2 LF353 or any op-amp 

FIGURE 1. A1 and A2 Share the Load 



FIGURE 2. Improved Load-Sharing Circuit 
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Simple Voltmeter Monitors 

TTL Supplies M,chaelMa,da 



Using a National Semiconductor LM3914 bar/dot display 
driver chip, a few resistors and some LEDs, a simple 
expanded-scale voltmeter is easily constructed. Further¬ 
more, it runs from the same single 5V ± 10% supply it 
monitors and can provide TTL-compatible undervoltage and 
overvoltage warning signals. 

The complete circuit is shown in Figure 1 Resistors R1 and 
R2 attenuate Vcc by a factor of three at the LM3914 signal 
input, ensuring proper biasing of the 1C with Vcc as low as 
4V The IC’s internal reference sets the voltage across the 
series combination of R3, R4 and R5 at 1.25V, establishing a 
reference load current of about 1 mA. This current is joined 
by the small, constant current from the reference adjust pin 
(75 pA, typ) and flows to ground through R6 and R7, devel¬ 
oping a voltage drop. Adjusting R6 varies this voltage drop 
and, consequently, the voltage at pin 7, nominally 1.803V 
(= 5.41 V/3). 

Pin 7 is connected to the top of the LM3914’s internal 
ten-step voltage divider (pin 6) The bottom of this divider 
(pin 4) IS connected to the center tap of potentiometer R4. By 
varying the pot setting this voltage can be set to 1.47V 
(= 4.41 V/3) without significantly affecting the potential at pin 
7. The optional diode D1 protects against damaging the 1C 
by connecting the leads backwards 


In operation, the LM3914’s ten internal voltage comparators 
compare the signal input, Vcc/3, to the reference voltage on 
the divider, lighting each successive LED for every 100 mV 
increase in Vcc above 4.5V as shown The LM3914 regu¬ 
lates the LED currents at 10 times the reference load cur¬ 
rent, here about 10 mA, so external current-limiting resistors 
are not required. With pin 9 left open circuit, the LM3914 
functions in Dot mode (only one LED on at a time). If desired, 
a Bar mode display could be obtained by connecting pin 9 to 
Vcc. but the dot display seems more suitable in this appli¬ 
cation. 

To calibrate, set Vcc 5.41V and adjust R6 until LED #9 
and LED #10 are equally illuminated (A built-in overlap of 
about 1 mV ensures all LEDs won’t go out at a threshold 
point) There’s no need to vary the system supply voltage to 
perform this adjustment Instead, disconnect R1 from Vcc 
and connect it to an accurate reference. Then, at 4.5V, adjust 
R4 until LED #1 just barely turns on. There is a slight 
interaction caused by the finite resistance (10k, typ) of the 
LM3914’s voltage divider, so that repeating the above pro¬ 
cedure once IS advised. 



Vcc(V) 

LED 

Illuminated 


4.51-4.60 

#1 


4.61-4.70 

#2 


4.71-4.80 

#3 


4.81-4.90 

#4 


4.91-5.00 

#5 


5 01-5.10 

#6 


5.11-5.20 

#7 


5.21-5.30 

#8 

All fixed resistors are ± 1% 

tolerance 

5.31-5.40 

#9 

All potentiometers are ± 20% 

5.41-up 

#10 

Cl; 2.2 pF tantalum or 10 pF 


aluminum electrolytic 


FIGURE 1. 5V Power Supply Monitor 


The LED driver outputs can directly drive a TTL gate, so that 
the LED #1 and LED #10 outputs may be used for under¬ 
voltage and overvoltage warning signals. These may be 
used to initiate a soft shutdown or summon an operator, for 
example. The interfacing circuitry is shown in Figure 2. The 
470Q resistor R8 ensures that the LM3914 output will satu¬ 
rate to provide the proper TTL low level. Pull-up resistor R9 
provides the logic high level. 


In the previous circuit the undervoltage LED goes out when 
Vcc 'S less than 4.51V, a deficiency that is corrected here. 
Transistors Q1 and Q2 shut off LED #1 whenever any other 
LED IS turned on by the LM3914. Q2’s output will directly 
drive TTL. 

Calibration procedure is the same as before. The LM3914 
output thresholds have been shifted up by 100 mV and 


WWW. national com 


2-216 



output #10 IS or-tied with output #9 Other outputs may be 
wire-or’d together if 100 mV resolution is not necessary If 
desired, the outputs can be color coded by making LED #1 
and LED #10 red, LED #2 and LED #9 amber, and the rest 
of the LEDs green to ease interpretation 
This circuit is useful where quick and easy voltage adjust¬ 
ments must be made, such as in the field or on the produc¬ 


tion line. The circuit’s low cost makes it feasible to incorpo¬ 
rate It into the system, where the overvoltage and 
undervoltage warning signals provide an attractive extra. Of 
course, these techniques can be used to monitor any higher 
voltages, positive or negative. 



'LED #1 IS illuminated for 3V < Vqc ^ 4 51V 
Q1 2N3906, 2N2907 or similar 
Q2 2N3904, 2N2222 or similar 


FIGURE 2. Power Supply Monitor with TTL Interface and Extended Undervoltage Range 
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A Low-Noise Precision Op 
Amp 


National Semiconductor 
Linear Brief 52 
Robert A. Pease 



It is well known that the voltage noise of an operational 
amplifier can be decreased by increasing the emitter current 
of the input stage. The signal-to-noise ratio will be improved 
by the increase of bias, until the base current noise begins to 
dominate. The optimum is found at: 

KT '/hFi 

'e(optimum) ~ „ 

q Tg 

where is the output resistance of the signal source. For 
example, in the circuit of Figure 1, when rg = 1 kQ and hp^ = 
500, the le optimum is about 500 pA or 560 pA. However, at 
this rich current level, the DC base current will cause a 
significant voltage error in the base resistance, and even 
after cancellation, the DC drift will be significantly bigger than 
when le is smaller. In this example, lb = 1 pA, so lb x rg = 1 
mV. Even if the lb and rg are well matched at each input, it is 
not reasonable to expect the lb x rg to track better than 5 or 
10 pV/°C versus temperature. 

A new amplifier, shown in Figure 2, operates one transistor 
pair at a rich current, for low noise, and a second pair at a 
much leaner current, for low base current. Although this 
looks like the familiar Darlington connection, capacitors are 
added so that the noise will be very low, and the DC drift is 
very good, too. In the example of Figure 2, Q2 runs at 
le = 500 pA and has very low noise. Each half of Q1 is 


operated at 11 pA = Iq. It will have a low base current (20 nA 
to 40 nA typical), and the offset current of the composite op 
amp, Ibi-lb 2 . will be very small, 1 nA or 2 nA. Thus, errors 
caused by bias current and offset current drift vs. tempera¬ 
ture can be quite small, less than 0.1 pV/°C at rg = 10000. 
The noise of Q1A and Q1B would normally be quite signifi¬ 
cant, about 6 ny/ylHz, but the 10 pF capacitors completely 
filter out the noise. At all frequencies above 10 Hz, Q2A and 
Q2B act as the input transistors, while Q1A and Q1B merely 
buffer the lowest frequency and DC signals. 

For audio frequencies (20 Hz to 20 kHz) the voltage noise of 
this amplifier is predicted to be 1.4 nV/>/Hz, which is quite 
small compared to the Johnson noise of the 1 kQ source, 
4.0 nV//H z . A noise figure of 0.7 dB is thus predicted, and 
has been measured and confirmed. Note that for best DC 
balance R6 = 976Q is added into the feedback path, so that 
the total Impedance seen by the op amp at its negative input 
is 1 k^2. But the 976Q is heavily bypassed, and the total 
Johnson noise contributed by the feedback network is below 
V 2 nV/,/Hz . 

To achieve lowest drift, below 0.1 pV/°C, R1 and R2 should, 
of course, be chosen to have good tracking tempco, below 5 
ppm/°C, and so should R3 and R4. When this is done, the 
drift referred to input will be well below 0.5 pV/°C, and this 
has been confirmed, in the range +10°C to -h50°C. 



00849901 

VouT S (n + 1) V|N + Vos X (n + 1) + - Ibi) x rg x (n + 1) + ^noise x(n + 1) + •noise X (rs + R|n) X (n + 1) 


FIGURE 1. Conventional Low-Noise Operational Amplifier 


Overall, we have designed a low-noise op amp which can 
rival the noise of the best audio amplifiers, and at the same 
time exhibits drift characteristics of the best low-drift ampli¬ 


fiers. The amplifier has been used as a precision pre-amp 
(gain = 1000), and also as the output amplifier for a 20-bit 
DAC, where low drift and low noise are both important. 
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To optimize the circuit for other levels, the emitter current 
for Q2 should be proportional to 1 /VF^. The emitter current of 
Q1A should be about ten times the base current of Q2A. The 
base current of the output op amp should be no more than 
1/1000 of the emitter current of Q2 The values of R1 and R2 
should be the same as R7. 

Various formulae for noise: 

Voltage noise of a transistor, 


per ^/Hz, ep = KT 



Current noise of a transistor, 


per ^/H 2 . ip 



Voltage noise of a resistor, per Jhz, ep = v/4 KTRg 
For a more complete analysis of low-noise amplifiers, see 
AN-222, “Super Matched Bipolar Transistor Pair Sets New 
Standards for Drift and Noise”, Carl T. Nelson. 


OFFSET 

ADJUST 



“^Tracking TC < 5 ppm/°C 
**Solid tantalum 

*'^'*'Tracking TC < 5 ppm/°C, Beckman 694-3-R100K-D or similar 


FIGURE 2. New Low-Noise Precision Operational Amplifier as Gain-of-1000 Pre-Amp 
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CLC to LMH Conversion Table 

The following table shows the list of LMH products already * Replacement Device column shows closest equivalent to 

released For the complete conversion roadmap please visit CLC NSIDs 

www.national.eom/see/LMH2CLC. 


CLC NSIDs 

Replacement Device* 

Pin Compatible? 

Key Features 

CLC109 

LMH6559 

YES 

Single Closed Loop Buffer 

CLC110 

LMH6559 

YES 

Single Closed Loop Buffer 

CLC111 

LMH6559 

YES 

Single Closed Loop Buffer 

CLC114 

LMH6560 

YES 

Quad Closed Loop Buffer 

CLC115 

LMH6560 

YES 

Quad Closed Loop Buffer 

CLC400 

LMH6714 

NO 

No offset adjustment 

CLC401 

LMH6714 

YES 

Single Current Feedback Amplifier 

CLC402 

LMH6714 

YES 

Single Current Feedback Amplifier 

CLC404 

LMH6714 

YES 

Single Current Feedback Amplifier 

CLC405 

LMH6720 

YES 

Single Current Feedback Amplifier -f- Shutdown 

CLC406 

LMH6714 

YES 

Single Current Feedback Amplifier 

CLC407 

LMH6559 

NO 

Programmable Gain Buffer vs. Opamp or Buffer 

CLC409 

LMH6702 

YES 

Single Current Feedback Amplifier 

CLC410 

LMH6720 

YES 

Single Current Feedback Amplifier + Shutdown 

CLC411 

LMH6720 

YES 

Single Current Feedback Amplifier + Shutdown 

CLC412 

LMH6715 

YES 

Dual Current Feedback Amplifier 

CLC414 

LMH6722 

YES 

Quad Current Feedback 

CLC415 

LMH6722 

YES 

Quad Current Feedback 

CLC416 

LMH6715 

YES 

Dual Current Feedback Amplifier 

CLC417 

LMH6718 

YES 

Dual Programmable Gain Buffer 

CLC425 

LMH6624 

YES 

Single VFB, No Adjustable Current Pin on SOIC-8 

CLC428 

LMH6628 

YES 

Dual Voltage Feedback Amplifier 

CLC430 

LM6181 or LM7171 

NO 

Single Current Feedback Amplifier 

CLC431 

LM7372 

NO 

No Disables, different package 

CLC432 

LM7372 

YES 

Dual Current Feedback Amplifier 

CLC446 

LMH6705 

YES 

Single Current Feedback Amplifier 

CLC449 

LMH6705 

YES 

Single Current Feedback Amplifier 

CLC505 

LMH6732 

YES 

Single Current Feedback Amplifier + Shutdown 

CLC5612 

LMH6718 

YES 

Dual Programmable Gam Buffer 

CLC5623 

LMH6683 

YES 

Voltage vs. Current Feedback 

CLC5632 

LMH6718 

YES 

Dual Programmable Gain Buffer 

CLC5633 

LMH6683 

YES 

Voltage vs. Current Feedback 

CLC5644 

LMH6722 

YES 

Quad Current Feedback Amplifier 

CLC5654 

LMH6722 

YES 

Quad Current Feedback Amplifier 

CLC5665 

LM6181 or LM7171 

NO 

Single Current Feedback Amplifier 

CLC5801 

LMH6624 

YES 

Single Voltage Feedback Amplifier 

CLC5802 

LMH6628 

YES 

Dual Voltage Feedback Amplifier 

LM7131 

LMH6642 

YES 

Single Voltage Feedback Amplifier 
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LM6361/LM6364/LM6365 
Fast VIP™ Op Amps Offer 
High Speed at Low Power 
Consumption 

The LM6361/LM6364/LM6365 family of op amps are 
wide-bandwidth monolithic amplifiers which offer improved 
speed and stability over many other op amps, at low cost, 
with little-to-no penalty in power supply consumption. 

These advantages are due to a new process, developed by 
National Semiconductor, which provides lateral PNP transis¬ 
tors with nearly the gain and speed characteristic of NPN 
transistors—while the NPNs maintain their usual high per¬ 
formance. This allows the use of both NPN and PNP tran¬ 
sistors in the signal path, where previously the PNP transis¬ 
tors severely limited the speed of linear devices. (Standard 
lateral PNPs have 1/10th the gam and 1/200th the bandwidth 
of standard NPN transistors.) 

Traditional high-speed op amps often either used all-NPN 
circuitry (which usually severely limits the input, output, and 
power supply voltage ranges); used feed-forward techniques 
(which reduce stability); or resorted to costly hybrid design. 
Amplifiers made from this new process (dubbed VIP, for 
“Vertically-Integrated PNP”) operate from a 5V to 30V (total) 
supply voltage, and have standard input and output voltage 
ranges. In addition, they require comparatively little supply 
current, and are available in standard 8-pin dual-in-line pack¬ 
ages. 

The first devices produced with this process are three op 
amps—each with the same basic design but compensated 
to different degrees. The schematic of the unity-gain-stable 


National Semiconductor 
Application Note 549 
Wanda Garrett 


LM6361 (see Figure 1) has a simple but effective form. The 
VIP transistors can now be used in the signal path, so a fairly 
traditional NPN differential input stage can be followed by a 
folded cascode wide-bandwidth gain stage. The input stage 
uses emitter-degeneration resistors to reduce its transcon¬ 
ductance (Gm). The bandwidth of the amplifiers is then set 
by the ratio of G^ to compensation capacitance. This also 
determines the stability of the amplifier. 

The compensation capacitance is stray capacitance (about 
0.5 pF) which IS seen lumped together at the front of the 
output stage. This output stage has a classic AB design, but 
since it contains a VIP transistor it has the speed necessary 
for a high speed amplifier. Additional capacitance on the 
output effectively increases the total compensation capaci¬ 
tance, increasing the stability of the amplifier but also reduc¬ 
ing the bandwidth. This “compensation” is not ideal, how¬ 
ever, so transient response may be degraded. 

The step response {Figure 2) demonstrates the stability of 
the LM6361. The amplifier was set up as a unity-gam fol¬ 
lower, with a 6V input step. The output has a small overshoot 
and settles quickly to its final value. This well-behaved re¬ 
sponse is due to the simplicity of the compensation, which 
can be seen in the frequency response {Figure 3). It shows 
a smooth one-pole rolloff beyond 50 MHz, where the gam 
has dropped to unity, with a phase margin of 45°; the next 
pole is introduced after 100 MHz 




FIGURE 1. LM6361 Simplified Schematic. For LM6364, R1 and R2 are 150^; for LM6365, R1 and R2 are Omitted. 
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FIGURE 2. Step Response of LM6361 in Unity-Gain 
(Foilower) Configuration 



FIGURE 3. Frequency Response of LM6361 
(Closed Loop Gain = 45 dB) 

The LM6364 and LM6365 are based on the LM6361 design 
The LM636TS 600n emitter degeneration resistors are re¬ 
duced to 150^2 in the 6364 to produce an op amp with 
gain-bandwidth product of 175 MHz, stable to a minimum 
gam of 5 In the 6365 the resistors are eliminated altogether, 
for a GBW of 725 MHz and minimum gam of 25. All three 
devices have slew rates guaranteed (and 100% tested) to be 
over 200 V/ps (the slew rates are typically 300 V/ps) 

Since the emitter degeneration resistors contribute to offset 
voltage and input voltage noise, the device with the widest 
bandwidth also has the best DC specs. The high gain of the 
transistors used m the common design, combined with the 
configuration used, give these op amps their high speed 
without consuming a lot of power Supply current is guaran¬ 
teed to be less than 6.8 mA (with ±15V supplies) for each of 
the three devices. 

The LM6361, LM6364, and LM6365 are guaranteed for op¬ 
eration over the commercial temperature range (O^C to 
70°C). In addition, there are two other versions of each 
amplifier available- LM62XX, rated for operation over the 
industrial -25°C to -i-85°C range, and delivering improved DC 
input specifications over the LM63XX parts; and LM61XX, 


which IS rated for the military temperature range (-55°C to 
-i-125°C), with the same improved DC specifications as the 
industrial versions 

These VIP amplifiers were optimized for high AC 
performance at low power consumption, while offering an 
ease of use previously found only m low speed parts They 
are expected to bring a new level of performance and afford¬ 
ability to applications such as filtering, 8-bit data acquisition, 
video and communications, and general high frequency sig¬ 
nal processing 

General High-Speed Circuit Design 
Techniques 

The LM6361/LM6364/LM6365 op amp family can tolerate 
circuit-buildmg techniques appropriate for op amps of much 
lower bandwidth However, for best performance, any high¬ 
speed circuit (and many DC precision circuits) should be 
built using what is often called “good RF design.” Power 
supply bypassing is very important: most op amps will re¬ 
quire 0 01 pF to 0.1 pF good ceramic capacitors at each 
power supply pin, and an additional 2.2 pF to 10 pF tantalum 
nearby for extra noise reduction These VIP op amps do not 
require as much bypassing as other op amps in their speed 
class, for most applications, 0.01 pF bypass capacitors are 
adequate. However, their stability (especially that of the 
wider gain-bandwidth LM6365) is enhanced when good by¬ 
passing IS used. 

Power supply bypassing is added to negate the effects of 
lead inductance from the power supply wires. This induc¬ 
tance causes “glitches” on the power supply lines every time 
the op amp has to deliver power to a transient load, these 
glitches normally work their way into other sensitive parts of 
your circuit. In addition, the inductance can create small tank 
circuits with stray capacitance, which often will cause a 
marginally stable circuit to oscillate 
For these reasons, keep all leads short (especially to the 
input pins), and make sure the ground paths are low- 
impedance, especially where larger currents will be flowing 
Minimize stray capacitance (especially in the forms of sock¬ 
ets and parallel board traces) Stray capacitance allows 
signal coupling from one pin or input or lead to another, 
which can cause noise and/or oscillation. 

All of the circuits shown here were built on copper-clad board 
(used as a ground plane), with the op amps in sockets for 
convenience—except for the input and output pins, which 
were soldered directly into the circuits 

1 MHz Voltage-to-Frequency 
Converter 

The classic charge-pump voltage-to-frequency converter is 
limited in maximum frequency by the integrator amplifier. For 
example, op amps with 1 MHz gain-bandwidth products limit 
converters to a maximum frequency of about 10 kHz (for 
0 1% accuracy or better). Higher-speed converters (500 kHz 
and up) must either incorporate the very-high-speed (usually 
hybrid) op amps, or turn to another, more complex, design 
The LM6365 can be used in the charge-pump V-to-F to 
produce a 1 MHz (at 10V) output signal, as shown in Figure 
4. Offset and full-scale trims allow more than two-decade 
operation with 0.1% linearity, as shown in Figure 5. Careful 
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1 MHz Voltage-to-Frequency 
Converter (Continued) 

power supply bypassing and layout are important to reduce 
noise and stray capacitance which will degrade perfor¬ 
mance. 

The wide-bandwidth nature of the LM6365 provide the fast 
switching necessary for 1 MHz operation, with little degrada¬ 
tion in accuracy for inputs up to 11V (10% overrange). Like¬ 
wise, the 0.1% linearity holds for inputs down to 50 mV. 


The circuit gain is described by the equation: 

= lOOkHz/V 

where V^ is the output clamp voltage, 3.5V, and Rm and Cfb 
are the components noted on the schematic {Figure 4). 


V" 



FIGURE 4.1 MHz V-to-F Converter 



INPUT VOLTAGE (V) 

00977305 

FIGURE 5. Nonlinearity of LM6365 Voltage-to- 
Frequency Converter (of Figure 4) is 0.1% 

To calibrate the circuit, first adjust the gain potentiometer 
until a 10.00V input produces a 1.000 MHz output. Then 
adjust the offset potentiometer until a 50 mV input produces 
a 5.0 kHz signal. Repeat adjustments until both ends of the 


input range produce the correct output frequencies. The 
0.15 pF input capacitance improves the linearity of the cir¬ 
cuit. 

All leads must be kept very short, especially those con¬ 
nected to the inputs of the LM6365, to minimize stray ca¬ 
pacitance which affects the gain and linearity. In addition, the 
LM6365 power supply pins must be bypassed with 4.7 pF 
tantalum and 0.01 pF ceramic capacitors to keep lead induc¬ 
tance from affecting the circuit’s stability. 

High-Frequency Active Fiiters 

The LM6361 can be used in active filters at frequencies 
which often require special designs to achieve even 
adequate performance. For example, even though a 1 MHz 
low-pass filter could be constructed taking advantage of the 
natural bandwidth of an op amp such as a 741, the designer 
would find the cutoff varying with the unit-to-unit variation of 
741 bandwidths, and the filter would only have a one-pole 
slope. A two-pole active filter with good performance at this 
frequency is difficult to realize with most standard op amps. 
Either the amplifier’s own bandwidth is too low, or in the case 
of many decompensated fast op amps, the low gain needed 
for the wide bandwidth may render the amplifier unstable. 


wwwnational.com 


3-6 




High-Frequency Active Fiiters 

(Continued) 

However, the LM6361 can easily be used to provide a 1 MHz 
cutoff with a 2-pole rolloff, as shown in Figure 6. And be¬ 
cause the cutoff frequency is not set by amplifier bandwidth, 
but by the R-C network, it can be trimmed for accuracy. 



t1% tolerance 

^matching determines filter precision 


Figure 7shows the frequency response of the low-pass filter. 
The gam rolls off at a steady 12 dB/octave until 6 MHz, 
where the gain is down 35 dB. 



FIGURE 6. 1 MHz Low-Pass Filter 


FIGURE 7. Frequency Response of Low-Pass Filter 
(Reference Figure 6) 


+ 12V 



FIGURE 8. Modulator with Single-Ended Output Centered about Ground 


Video/Communications 

Applications 

In systems such as some local area networks, where a 
signal is modulated onto a carrier for transmission, and is 
demodulated for use, an amplifier may have to pass this 
multiplexed signal. The carrier frequency depends on the 
system in which it’s used—some LANs have 10 MHz base¬ 
bands, and radio and other broadcasting systems often use 
carriers of 10 MHz or less. Signals transmitted may be 
AM-audio, or perhaps some analog information from a trans¬ 
ducer or sensor. 


Special video circuits which are often used in these systems, 
such as the LM1496 modulator/demodulator and LM733/ 
LM592 differential amplifiers, have differential outputs with 
common-mode voltage several volts above ground. This 
differential signal may be fine for transmitting on a twisted 
pair, but for sending through coax or for observation/ 
monitoring, it would be better if it were single-ended. To 
convert the outputs to a signal which is single-ended, refer¬ 
enced to ground, requires a wide-bandwidth amplifier. Unity- 
gain stability is helpful if no additional gain is needed, but a 
less stable amplifier could be used if it is allowed sufficient 
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Video/Communications 
Applications (Continued) 

noise gain. The LM6361 works well in this circuit, having a 
bandwidth of 50 MHz at unity gain. When higher gain is 
required, the LM6364 may be used. 

In the circuit of Figure 8, an LM1496 is used to modulate an 
analog signal (lower trace. Figure 9) with a 2.5 MHz 
sine-wave carrier. The output of the LM1496 is a differential 
signal with a common-mode voltage of 8V. An LM6361 is 
used to convert this signal to a single-ended one centered 
about ground (upper trace. Figure 9). 


The LM1496 requires quite a bit of balancing, using the two 
potentiometers shown, to obtain the lowest possible distor¬ 
tion. The LM1496 is the dominant source of distortion, which 
is caused by the application of an unbalanced carrier or 
modulating signal to the LM1496. The balance of the system 
can be checked on a scope, but for most accurate measure¬ 
ments a spectrum analyzer should be used. 


0 


0 


TIME (2 ps/div.) 

00977309 



FIGURE 9. Bottom Trace: Signal Input to Multiplexer of Figure 8 ( 200 mV/div) 
Top Trace: Output of Multiplexer (2 V/div) 


Video Amplifier 

The LM6361/LM6364/LM6365 series of amplifiers is also 
suitable for use in video amplifier systems. A key parameter 
of any amplifier used in video applications, especialy NTSC 
color television systems, is the differential gain and phase it 
adds to the circuit (Note 1). An NTSC Vectorscope can be 
used to check these parameters, analyzing the output of an 
amplifier whose input is from an NTSC signal generator. 


Note 1: Differential gam, in an NTSC color television system, is a change in 
color subcarrier amplitude due to a change in the luminance signal while hue 
and saturation of the original signal are held constant In an amplifier, it 
relates to the variation of closed-loop gam with common-mode input voltage 
It should be (ideally) zero. 

Differential phase is a phase change of the chrominance signal by the 
luminance signal while the original chrominance signal is held constant. In an 
amplifier, it relates to the variation of phase shift with common-mode input 
voltage. It should also be (ideally) zero. 



00977310 


FIGURE 10. Test Circuit for Differentiai Gain, Differentiai Phase Measurements 
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Video Amplifier (Continued) 



00977311 


FIGURE 11. Differential gain of four cascaded LM6361s pius buffer (see Figure 10). Differentiai gain, measured by 
change in ievei from the 1st (ieftmost) horizontai bar to the 6th (rightmost), is iess than 0.5% for the network. 



00977312 


FIGURE 12. Differential phase of four cascaded LM6361s plus buffer (see Figure 10). Differential phase, based on the 
spread in the two iines at point B when the spread at point A is nulled, is 0.1° for the network. 


To adequately measure the differential gain and phase of 
these op amps, the error produced by four LM6361 voltage 
followers, connected in series (see Figure 10), was mea¬ 
sured. A Tektronix 144 NTSC Signal Generator provided the 
input signal, and a Tektronix 520 NTSC Vectorscope was 
used to monitor the error. Since the Vectorscope input 
needed 75Q, termination, an LM6321 buffer was added to 
prevent ioading of the LM6361s. The LM6321 added less 


than 0.1% differential gam, and less than 0.02° differential 
phase, to the measurement. 

Figure 11 shows the differential gain of the four LM6361 
followers (plus buffer) of Figure 10 to be less than 0.5%, or 
an average of less than 0.12% for each LM6361. The differ¬ 
ential phase measurement for the same circuit is made with 
the Vectorscope displaying the picture of Figure 12, with one 
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Video Amplifier (Continued) 

side of the dispiay zeroed as shown (point A). The spread of 
lines at point B represents the differential phase, which is 
0.1° for the network (0.02° for each follower)^ as measured 
with the Vectorscope. These measurements indicate that a 
video signal will suffer very little degradation when amplied 
with one of these devices. 
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Topics on Using the 
LM6181—A New Current 
Feedback Ampiifier 

Use your imagination . . . that’s what jazz is all about If you 
make a mistake, make It loud so you won’t make it next 
time.— Art Biakey 

Introduction 


National Semiconductor 
Application Note 813 
Wanda Garrett 


The high-speed demonstration board can be used to either 
examine the time domain, or frequency domain. However, 
the discussion will focus on using this board for the purpose 
of compensating the time domain response of the LM6181 
for popular applications. 



High-speed analog system design can often be a daunting 
task Typically, after the initial system definition and the 
design approach is established, the task of component se¬ 
lection commences. Unfortunately, simple reliance on data 
sheet parameters provides only a partial feel for the device’s 
actual operating nuances. This is unfortunately true no mat¬ 
ter how complete a high-speed amplifier data sheet is writ¬ 
ten Only by experimenting i e , spending some time on the 
bench with the part, will the requisite experience be obtained 
for reliably using high-speed amplifiers. The high-speed 
demonstration board, described herein, can be effectively 
used to accelerate this process. In developing the LM6181 
application program, the key focus areas for making high¬ 
speed design a little easier included: 

• Designing a product that is more forgiving—for example 
it can directly drive backmatched cables (a heavy dc 
load), and significant capacitive loads (without oscillat¬ 
ing). 

• Developing a high-speed demonstration board that is 
easily reconfigurable for either inverting or non-inverting 
amplifier operation. 

• Incorporate a highly accurate SPICE macromodel of the 
LM6181 into National’s macromodeling library. This mac¬ 
romodel can be used in conjunction with bench results to 
more quickly converge on a reliable high-speed design. 

Although it may seem that evaluation of high-speed circuit 
operation can be more quickly performed with computer 
simulation, full bench evaluation cannot be supplanted. By 
integrating both of these complementary tools, the cycle time 
from component selection to finalized design can be re¬ 
duced. 

Some Background Information on 
the LM6181 

The LM6181 is a high-speed current feedback amplifier with 
typical slew rates of 2000 V/ps, settling time of 50 ns for 
0.1%, and IS fully specified and characterized for ±5V, and 
±15V operation. Current feedback operational amplifiers, 
like the LM6181, offer two significant advantages over the 
more popular voltage feedback topology. These advantages 
include a bandwidth that is relatively independent of closed- 
loop gam (see Figure 1), and a large signal response that is 
closer to ideal. “Ideal” specifically means that the large signal 
response is not overtly dominated by non-linear slewing 
behavior (Ref. 1), as is typically found for voltage feedback 
amplifiers. An obvious consequence is dramatic improve¬ 
ment in distortion performance versus the signal amplitude, 
and settling time 


LM6181 Closed-Loop Frequency Response 
Vs = ±15V; Rf = 820^2; Rl = 1 kQ 



1M 10M 100M 


FREQ. 

01140801 

FIGURE 1. Unlike voltage feedback amplifiers which 
directly trade bandwidth for gain, current feedback 
amplifiers provide consistently wideband performance 
regardless of moderate closed-loop gain levels. 

Examples of this includes driving cables, dealing with ca¬ 
pacitive loads, and generally obtaining a user specified fidel¬ 
ity to the pulse response. Essentially, the demonstration 
board simplifies the evaluation of high speed operational 
amplifiers in either the inverting, or the non-inverting circuit 
configurations. Appendix A includes the board schematic 
with the associated configuration options Layout of the 
board included a host of mandatory high speed design con¬ 
siderations. These principles have been summarized in Ap¬ 
pendix B (also see Ref. 2 to 4). 

A popular application for high speed amplifiers includes driv¬ 
ing backmatched cables as illustrated in Figure 2. Due to 
loading and typical bandwidth requirements this particular 
application places heavy demands on an amplifier. The 
LM6181 output stage incorporates a high-current-gain out¬ 
put stage that provides a lower output impedance into heavy 
loads, such as 100Q and 15^. This enhances the amplifier’s 
ability to drive backmatched cables (±10V, into 100^^) since 
the internal current drive to the amplifiers output stage is 
used more efficiently. Additionally, the benefits of the current 
feedback topology of the LM6181 allows for wideband op¬ 
eration of 100 MHz, even when configured in closed-loop 
gain configuration of +2. 
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Some Background Information on the LM6181 (Continued) 


+ 15V 



01140802 


FIGURE 2. Backmatching of a cable is a clean way of terminating the source to the characteristic impedance. The 
LM6181 can deliver ±10V into the resulting dc load of 100Q, at 100 MHz, typically. 


Experimenting with the Time 
Domain 

Some consideration needs to be addressed for the test 
signal chosen to evaluate the transient response of a linear 
system. By the properties of Laplace transforms, if a unit 
impulse input is used and the measured output response is 
integrated, the result of applying an inverse Laplace trans¬ 
form will yield the systems frequency response This ap¬ 
proach IS not typically useful since pulse generators do not 
generate impulses and the integration becomes unduly com¬ 
plex. Additionally, this technique does not serve to establish 
an intuitive feel. Alternatively, if a slowly time-varying input 
signal is used as the test input, the high-frequency compo¬ 
nents in the system are not significantly excited. The step 
response often provides a meaningful evaluation of amplifier 
performance, and represents a more practical signal. Other 
advantages of using a step response is that it directly pro¬ 
vides the dc gain, and the high-frequency nature of the step 
excites the high-frequency poles in the amplifier’s system 
transfer function. 

When evaluating step response performance of wideband 
amplifiers it is important to use a pulse generator that pro¬ 
vides a sufficiently fast risetime. A step response, in relation 
to the system that is being evaluated, must have a risetime 
relationship of; 

_ 0 ^ 3_5 _ 

risetime (Bandwidth of Amplifier) 

Therefore, evaluating the step response of the LM6181 am¬ 
plifier, where the typical bandwidth for gains of +2 is 
100 MHz, will require a step input signal with a maximum 
risetime of 3.5 ns. Since there will always be a certain 
amount of risetime degradation due to the oscilloscope 
probe and the oscilloscope, use the same measurement 
equipment for evaluating both the integrity of the input signal 
and for measuring the output response of the system. Figure 
3 illustrates a satisfactory input pulse for evaluating the 
LM6181. 



01140803 


FIGURE 3. Always start the dynamic characterization 
of high-speed amplifiers with an input signal that 
maintains adequate speed, with little aberration. 
Measuring the input signal, from a fast pulse 
generator, (a Hewlett-Packard 8082A pulse generator 
was used), also provides a check of correct 
terminations of the probe—oscilloscope combination. 

Probably the largest area of difficulty in high-speed design is 
when amplifiers drive capacitive loads. Unfortunately, many 
amplifiers on the marketplace are specified to handle a 
maximum of a meager 20 pF of capacitive load before 
oscillation occurs. This maximum limitation equivalently im¬ 
plies that the amplifiers pulse response will be sensitive to 
typical oscilloscope capacitance—the probe becomes an 
integral part of the overall circuit, which makes meaningful 
judgements on measurements very difficult. 

Although direct capacitive loading should typically be mini¬ 
mized in general practice. Figure 4 illustrates that for mod¬ 
erate values of capacitive load, due to the oscilloscope 
probe, the LM6181 is still very well behaved. Figure 5 illus¬ 
trates the simulation using SPICE and the LM6181 macro¬ 
model. The LM6181 SPICE macromodel has superb ac and 
transient response characteristics. For availability informa¬ 
tion concerning the complete macromodeling library, includ¬ 
ing the LM6181, along with an outline of the model’s capa¬ 
bilities, refer to Appendix C. 
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Experimenting with the Time Domain (Continued) 



01140804 


FIGURE 4. Output response of a real LM6181, Av = +2, Rf = = 820Q. Output load is oscilloscope probe, Tektronix 

P6106A, 10 MQ, 8.7 pF. 



□ V(6) 


Time 

01140805 


FIGURE 5. Simulated output response of the circuit in Figure 3 using the LM6181 macromodel. See Appendix C for 
more information regarding the LM6181 macromodel and National’s Macromodel library. 


Compensating the Pulse Response 

Degradation in the phase margin, due to direct capacitive 
loading of high-speed amplifiers can potentially induce oscil¬ 
lation. The output impedance of the amplifier, coupled with 
the load capacitance, forms a lag network in the loop trans¬ 
mission of the amplifier. Since this network delays the feed¬ 
back, phase margin is reduced such that even when a 
system is not oscillating excessive ringing can occur, as 
illustrated in Figure 6 where the capacitive load is 48 pF. 


A direct solution to reducing the ringing for driving capacitive 
loads IS to indirectly drive the load i.e., isolate the load with a 
real impedance, such as a moderately small value of resis¬ 
tance. In Figure 7 a 47Q resistor was used to isolate the 
capacitor’s complex impedance from the amplifier’s output, 
thereby presen/ing the amplifier’s phase margin. An obvious 
trade-off exists between taming the time domain response, 
and maintaining the amplifier’s bandwidth, since this form of 
compensation directly slows down the amplifier’s response. 
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Compensating the Pulse Response (Continued) 



01140806 


FIGURE 6. Direct capacitive loading will reduce the phase margin and resulting pulse fidelity of any amplifier. A pole 
is created by the combination of the op amp’s output impedance and the capacitive load. This results in delaying the 
feedback or loop transmission, in this example the LM6181 is directly driving a 48 pF load. High-speed 
current-feedback amplifiers can handle capacitive loads, and maintain pulse fidelity, by indirectly driving them. This 

is illustrated in Figure 7. 
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FIGURE 7. A small resistor can be used, such as 4712, at the output of the amplifier to indirectly drive capacitive 

loads. 


For general applications of the LM6181, the suggested feed¬ 
back resistance, Rf, is 82012. However, a characteristic 
unique to current-feedback amplifiers is that they will have 
different bandwidths depending on the feedback resistor Rf. 
This results in current-feedback amplifiers maintaining a net 
closed-loop bandwidth that remains (this is of course an 
approximation; second order effects do take their toll, of 


course) the same for moderate variations of closed-loop 
gain. This feature of current feedback amplifiers actually 
makes them relatively easy to compensate. By simply scal¬ 
ing the gain setting and the feedback impedance, the appro¬ 
priate bandwidth can be obtained at the desired value of 
closed-loop gain. Figure 8 was cut from the LM6181 data 
sheet, and describes this relationship. 
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Compensating the Pulse Response (Continued) 



Bandwidth vs Rp and Rs 
Av = -1, Rl = 1 



0.5 1.0 1.5 2.0 2.5 3.0 3.5 


Rf & Rs (kA) 


FIGURE 8. By scaling both Rp and Rs the closed-loop gain stays constant but the bandwidth changes. 

A practical application of using altered feedback values for bandwidth of the amplifier, the resulting degradation of 

compensating the LM6181 when driving a 100 pF capacitive phase margin is reduced, thereby improving the pulse re¬ 

load is illustrated in Figure 9. By reducing the open-loop sponse fidelity. 
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Compensating the Pulse Response (Continued) 



01140811 




F 

r 








1 / 

r 








U 

\r 








'. 











: 






1 


Lj 









1 ; 

: 







200 n 

iV 


20 

ns 




01140812 


FIGURE 9. Normally, if Rp = Rs = 820^, the LM6181 would oscillate with 100 pF of capacitive ioad. In this example 
the feedback, Rp and Rg values are scaled to 1.2 kQ so that the closed-loop gain is Ay = +2, but the open-loop band 
width decreases, maintaining adequate phase margin. 


An often overlooked factor in dynamically understanding 
high-speed amplifiers is the effect that dc loading has on 
amplifier speed. When driving backmatched cables, for ex¬ 
ample, the Thevenin equivalent load is usually either 100Q, 
or 150Q. Figure 10 (from the LM6181 data sheet) provides 
bandwidth versus dc load information. Figure 11 illustrates 


the step response for the LM6181 in a gain of +2, with a dc 
equivalent load of lOOi^. When the step response is com¬ 
pared against Figure 4 it is obvious that dc loading will affect 
amplifier bandwidth. Additionally, since amplifier dynamics is 
also affected by supply voltage, the LM6181 is fully charac¬ 
terized for both ±5V and ±15V operation. 
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Compensating the Pulse Response 

(Continued) 


Inverting Gain Frequency Response 
Vs = ±15V; Av = -1; Rf = 820^1 



180° 
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01140816 


FIGURE 11. Output step response of LM6181 when 
driving backmatched cables. Comparing this step 
response to Figure 4 iilustrates the bandwidth 
reduction due to the 100^2 resistive ioad. 


Non-Inverting Gain Frequency Response 
Vs = ±15V; Av = +2; R, = 820Q 
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FREQ, (b) 

01140814 


Compensating Non-Inverting CF 
Amplifiers 

Often, for the inverting amplifier configuration, simply scaling 
the feedback and gain setting resistor is the easiest way of 
compensating for peaking and overshoot in the step re¬ 
sponse. The non-inverting configuration, however, can alter¬ 
natively be compensated by adding a series input resistor, 
as shown in Figure 12. This resistor, in combination with the 
input and stray input capacitances of the amplifier bandwidth 
limit the input step response, and accordingly reduce peak¬ 
ing in the output response. This effect is equivalent to in¬ 
creasing the risetime of the leading edge of the input pulse 
(some pulse generators have this adjustment). 


Inverting Gain Frequency Response 
Vs = ±15V; Av = -10; Rp = 8200 
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FIGURE 10. DC loading of a high-speed amplifier will 
affect bandwidth. (Refer to the LM6181 data sheet for 
±5V bandwidth vs loading characteristic curves.) 
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FIGURE 12. Peaking and ringing for non-inverting 
amplifier configurations can be reduced by adding a 
series input resistor, Rseries- This resistor interacts 
with the amplifiers input capacitance to provide a low 
pass bandwidth limit for the input pulse. If more 
bandwidth reduction is required Coptionai can be used. 
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Compensating Non-Inverting CF 
Amplifiers . (Continued) 



01140818 


FIGURE 13. Resulting pulse response for LM6181 
using Rseries “ 6800, Ay + 2 , R 3 — Rp — 820^, ^load 
== 8.7 pF. Compare this response with Figure 4, 
overshoot and ringing has been dramatically reduced. 

Snake Oil and Spice Macromodels 
Cure All Evils 

Not all amplifier macromodels are created equal. For ex¬ 
ample, driving capacitive loads with high-speed amplifiers is 
a good way of evaluating and comparing op-amp macro¬ 
models. Capacitive loading directly affects the loop dynam¬ 
ics of a closed-loop amplifier system. And since this capaci¬ 


tive load interacts with the output impedance of the amplifier 
to delay the feedback (or loop transmission), the phase 
margin is reduced, as stated earlier. 

Simulating high-speed systems when driving capacitive 
loads places a demand on the amplifier’s macromodel. Con¬ 
structing an accurate macromodel is not simple. Unfortu¬ 
nately, parameterized models (an efficient method of using a 
computer to generate many inaccurate models per a typical 
workday) lack the extensive software testing and bench 
measurement analysis required for sophisticated simulation 
work. The amplifier’s output stage, the frequency response, 
and the input parasitic structures need to be carefully mea¬ 
sured on the bench, then accurately mimicked in the macro¬ 
model. The moral is to be aware, and: 

ALWAYS TEST YOUR MACROMODEL! 

Compare the similarity between results in Figure 14 with the 
bench results of Figure 6. Increased confidence in using a 
specific high-speed amplifier macromodel can be obtained 
by corresponding bench results of driving capacitive loads 
with simulation results. 

Driving reactive loads, such as capacitive loads, can be used 
not only to indicate limitations for the associated SPICE 
macromodel, but also to reveal some of the amplifier’s high¬ 
speed personality. Never assume that a macromodel of an 
operational amplifier includes characteristics that are ger¬ 
mane to your particular simulation. 

Summing Things Up 

The focus has been on high-speed analog design method¬ 
ology, as opposed to generating a plethora of varied appli¬ 
cation circuits. By establishing a foundation—understanding 
the amplifier, referring to the typical characterization curves, 
using correct high-speed layout techniques, knowing the 
SPICE macromodels limitations, and adopting some basic 
compensation techniques, a large fraction of everyday high¬ 
speed design challenges can be addressed confidently. 
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Appendix A 


(Note 2) 



The LM6181 high speed demonstration board can be con¬ 
figured for either inverting or non-inverting amplifier configu¬ 
rations. This board was intentionally embellished with op¬ 
tions so that it can be used as a general-purpose 8-pin 
op-amp evaluation board. 

Note 1 : Terminate this BNC connection with the appropriate connector Oth¬ 
erwise ringing due to high-frequency reflections will occur 
Note 2: Do not lead compensate current feedback amplifiers—oscillation 
will result Lead compensation uses a feedback capacitor, C 4 
Note 3: C3 and R7 are optional lag-compensation network points 
Note 4: R 6 is for back matched driving of cables 

Appendix B: High Speed Board 
Design Caveats 

1. Good high frequency termination is always required for 
the input signal. It is important, for evaluating any ampli¬ 
fier, to check the integrity of the input signal. 


2. RF quality, ceramic capacitors are used for bypassing 
and are placed close to the amplifiers supply pins. 

3. The feedback network is placed in close proximity to the 
amplifier. 

4. The entire top side of the board is ground planed. This 
lowers the high-frequency impedance for ground return 
signals. 

5. The amplifier inputs have ground plane voids since 
these amplifier nodes are sensitive to parasitic stray 
capacitance. This is specifically a key issue for the non¬ 
inverting amplifier configuration. 

6. All leads are kept as short as possible, using the most 
direct point-point wiring techniques. 
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Appendix C: Features Modeled For 
LM6181 Macromodel 

Supply-Voltage-Dependent Input Offset Voltage (Vqs) 
Temperature-Dependent Input Offset Voltage (TCVqs) 
Supply-Voltage-Dependent Input Bias Current (lb+ & Ib- 
PSR) 

Temperature-Dependent Input Bias Current (TCIg^. & TCIb_) 

Input-Voltage-Dependent Input Bias Current (lb_ CMRR) 

Non-Inverting Input Resistance 

Asymmetrical Output Swing 

Output Short Circuit Current (Igc) 

Supply-Voltage-Dependent Supply Current 

Quiescent and Dynamic Supply Current 

Input-Voltage-Dependent Input Slew Rate 

Input-Voltage-Dependent Output Slew Rate 

Multiple Poles and Zeroes in Open-Loop Transimpedance 

(Zt) 

Supply-Voltage-Dependent Input Buffer Impedance 

Supply-Voltage-Dependent Open-Loop Voltage Gain (Avol) 

Feedback-Resistance-Dependent Bandwidth 

Accurate Small-Signal Pulse Response 

Large-Signal Pulse Response 

DC and AC Common Mode Rejection Ratio (CMRR) 

DC and AC Power Supply Rejection Ratio (PSRR) 

White and 1/f Voltage Noise (e^) 


White and 1/f Current Noise (in) 

For information related to obtaining National’s SPICE mac¬ 
romodeling library, including the LM6181, call a National 

sales office. 
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Development of an 
Extensive SPICE 
Macromodel for 
“Current-Feedback” 
Amplifiers 

Abstract 

A current-feedback amplifier macromodel has been devel¬ 
oped which simulates the more common small-signal effects 
such as small-signal transient response and frequency re¬ 
sponse as well as temperature effects, noise, and power 
supply rejection ratio. Also modeled are large-signal effects 
such as non-linear input transfer characteristics and input/ 
output slew rate limiting. 

Detailed descriptions of each stage in the model will be 
presented with examples of model performance and corre¬ 
lation to actual device behavior. 

Introduction 

With the increasing complexity and shorter design cycles of 
today’s designs, computer modeling with SPICE (Simulation 
Program with Integrated Circuit Emphasis) is becoming 
more popular. This is especially true with high-speed designs 
utilizing the latest in current-feedback amplifiers. However, 
an accurate, detailed macromodel for current-feedback am¬ 
plifiers with good convergence characteristics has not yet 
been available. 

Macromodeling Philosophy 

The philosophy used in creating this macromodel was a 
desire to design a model that would simulate the typical 
behavior of a current-feedback amplifier to within 10% of 
typical parameters while executing much faster than a de¬ 
vice level model Also, the macromodel would act as a 
development platform for effects not normally included in 
other models such as temperature effects, noise, and many 


National Semiconductor 
Application Note 840 



of the other second and third order effects that are charac¬ 
teristic in current-feedback amplifiers such as the LM6181. 

The LM6181 

National Semiconductor’s monolithic current-feedback am¬ 
plifier, the LM6181, offers the designer an amplifier with the 
high-performance advantages of current-feedback topology 
without the high cost associated with hybrid devices. The 
LM6181 has a bandwidth of 100 MHz, slew rate of 
2000 V/ps, settling time of 50 ns (0.1%), and 100 mA of 
output current drive. A special output stage allows the 
LM6181 to directly drive a 50n or 75^2 back-terminated coax 
cable. To understand how this device functions, a description 
of current-feedback amplifiers is in order. 

Current-Feedback Amplifiers 

Figure 1 shows the block diagram for the current-feedback 
amplifier The mam difference when compared to voltage- 
feedback amplifiers (VFA’s) is that in the current-feedback 
topology, a unity gain buffer drives the inverting input. Since 
this is an inherently low impedance, the feedback error 
signal is treated as a current rather than a voltage. During 
input transients, an error current will flow into or out of the 
input buffer. This current is then mirrored to a current-to- 
voltage converter (Zt(s)) which consists of a large (= 2 MH) 
transimpedance and an output buffer. Since the large 
transimpedance is analogous to the large voltage gain of 
VFA’s, the output voltage is servo’ed to a value which causes 
the current through Rf and Rg to cancel the current in the 
input buffer. 
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Current-Feedback Amplifiers (Continued) 



FIGURE 1. Block Diagram of a Current-Feedback Amplifier 


Analysis of Current-Feedback 
Topology 

From the simplified current-feedback amplifier schematic in 
Figure 2, it can be observed that the inverting (-IN) terminal 
IS driven by a unity gam buffer stage. Transistors Q3 and Q4 
make up the high-impedance input (+IN) to the buffer while 
Q5 and Q9 comprise a push-pull stage whose low output 
impedance is determined by Vt/(IcQ 5 -h lcQ9) = Vt/(I 1 + I2) 
assuming 11 and I2 are equal. The function of the input buffer 
is to drive the inverting input to the same voltage as the 
non-inverting input much like a voltage-feedback amplifier 
does via negative feedback. Transistors Q6, Q7, Q8, Q10, 
Q11 and Q12 form a pair of Wilson current mirrors which 
transfer the output current of the input buffer to a high- 
impedance (Zt) node. The equivalent capacitance (Cc) at 
this node is charged to the value of the output voltage. This 
voltage is then conveyed to a second buffer made up of Q14, 
Q15, Q17 and Q18 which drives the output pin of the ampli¬ 
fier. Short-circuit current limiting is performed by transistors 
Q19 and Q20. Back on the input of the amplifier, Q1 and Q2 
provide a slew rate enhancement effect. For low closed-loop 
gains and large input steps these transistors turn on and 
increase the current available to the input buffer. This causes 
a transient increase in the current available to charge the 
compensation capacitor via the current mirrors, resulting in a 
faster slew rate for low gams. Now that the simplified circuit 
has been described, it will be informative to analyze the 
block diagram for the model. 

By summing the currents at node Vx in Figure 1 and using 
the fact that Vq = Ibuf x Zt(s), the transfer function of the 
non-inverting configuration can be determined to be: 


V:„ 



r 1 1 

1 + • 


xRb 


Zt(s) 



( 1 ) 


where Zt(s) is the open-loop transimpedance as a function of 
complex frequency. Notice, m Equation (1), the 1 -i- Rf/Rg 
term on the left is the standard closed-loop voltage gain 
equation for non-inverting amplifiers while the term on the 
right is an error term. The 1 -i- Rf/Rg in the error term is the 
noise gain of the amplifier and Rb is the input buffer’s 
quiescent output impedance (= 30Q for the LM6181). If Zt(s) 
is assumed to be large, the error term goes to 1. The 
closed-loop bandwidth is defined as the frequency at which 
the magnitude of the error term equals 1/V2 (-3 dB). If Zt(s) 
is approximated to be a single pole function, then: 


^ Zt(dc) 

^ 1 + s X Zt(dc) X Cq 

( 2 ) 

where Cc is the value of the internal compensation capacitor 
in Figure 2. By substituting Equation (2) for Zt(s) in Equation 
(1) and assuming Zt(dc) is much larger than Rf, the closed- 
loop bandwidth can now be found to be: 


bw 


_ 1 _ 

2xnxCc Rf+ (l + xRb] 


( 3 ) 
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Analysis of Current-Feedback 
Topology (Continued) 

If the input buffer output resistance (Rb) times the noise gain 
of the amplifier (1 + Rf/Rg) is assumed to be small compared 
to Rf, Equation (3) reduces to: 

“ 2xjtxCcxRf 

( 4 ) 

Notice that the ideal closed-loop bandwidth in Equation (4) is 
dependent only on the value of the internal compensation 
capacitor (Cc) and the feedback impedance (Rf). A recom¬ 
mended value for Rf is usually specified in the manufactur¬ 
er’s datasheet (Rf = 820Q for the LM6181). Therefore, if the 
above assumptions are valid, there is theoretically no reduc¬ 
tion in bandwidth as Rg is decreased to increase closed-loop 
gain. 

Another special feature of the current-feedback amplifier is 
the theoretical absence of slew-rate limiting. Since the total 


output current of the input buffer is available to charge the 
compensation capacitor (Cc), the slew rate is proportional to 
the output voltage [4]. 

W _ ^OUT 
" Cc " CcxRf 

( 5 ) 

This simplified analysis is adequate for small closed-loop 
gains; however, since Rb is typically several tens of ohms, 
the bandwidth and slew rate will be less than Ideal for large 
gains. Also, there are slew-rate characteristics associated 
with the input buffer that are dominated by the slew-rate 
enhancement transistors (Q1 and Q2 in Figure 2) and stray 
package capacitances. All these second order effects are 
included in the macromodel input stage to achieve accurate 
simulation results. 



The Input Stage 

Figure 3 shows the macromodel input stage which performs 
many important functions such as the simulation of input 
buffer output impedance, input/output slew rate, supply volt¬ 
age dependent input bias current and offset voltage, input 
capacitance, CMRR and noise [2]. Voltage-controlled 


current-sources GI1 and GI2 establish the input buffer’s 
output impedance depending on supply voltage. For a given 
supply voltage, these current-sources can be determined by 
rearranging the standard bipolar transistor output resistance 
equation: 
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The Input Stage (Continued) 


( 6 ) 

Rb is the output impedance of the input buffer and may be 
approximated with 


( 7 ) 

where Avol is the differential open-loop voltage gam of the 
amplifier from input to output. Equation (7) can be derived by 
shorting Rg and solving the transfer function in Equation (1) 
The input stage slew rate is controlled by R1, R2, C1 and C2. 
The total current available to charge the capacitors C1 and 
C2 determines the maximum slew rate of the input stage. To 
reduce the number of PN junctions in the model, the slew 
rate enhancement transistors were modeled with diodes 
DS1 and DS2 and current-sources FI1 and FI2. 

Input bias currents are simulated with polynomial-controlled 
current-sources Gb1 and Gb2 which are dependent on both 
supply voltage and temperature. Current-source Gb2 also 
models the residual input current (lb) caused by imbalances 
in the input buffer as well as the error current caused by the 
input common mode voltage. The latter is called Inverting 
Input Bias Current Common Mode Rejection and is desig¬ 
nated IbCMR on most datasheets Fn1 and Fn2 transfer the 
current from the noise-current sources to the inputs of the 
amplifier 

The offset voltage-source, Eos, provides a supply voltage 
dependent input offset voltage and reflects the error voltages 
from the power supply rejection ratio stage, the thermal 
effect stage, and the noise-voltage source. Below is a dia¬ 
gram of the Eos polynomial-source and the effects that 
correspond to each term. 


Eos 3 1 P0LY(5) 99 50 45 0 47 0 57 0 59 61 -2 8E-3 9 3E-5 1111 

Input Offset Voltage Constant-! 

Input Offset Voltage Supply Dependence _ 

Positive Power Supply Rejection Ratio (PSRR+)_ 

Negative Power Supply Rejection Ratio (PSRR-)- 

Inpuy Offset Voltage Temperature Dependence_ 

Input Referred Noise Voltage- 

01148830 


Stray capacitance at the inputs of the amplifier modeled by 
C,n1 and C,n2 has a dramatic effect on the peaking in the 
amplifier’s high frequency response. Common Mode Rejec¬ 
tion Ratio can be modeled in the input stage by properly 
setting the early voltage (Vaf) of the input transistor models 
A good starting point for the value of the early voltage is 
given by: 


2x Vx 
rCMRR(dB)1 

1oL 20 J 

( 8 ) 

Also, in the transistor model, a value for beta (BF) should be 
chosen. It should be large enough so that the base currents 
do not interfere with the input bias currents of the model, but 
not so large as to cause convergence problems during simu¬ 
lation. 

The output of the input stage is the sum of the currents 
flowing through R3 and R4 The voltage across R3 and R4 is 
softly clamped by the V1, RE1, D1 and V2, RE2, D2 strings 
respectively. This effectively limits the current to the second 
stage yet still allows the second stage slew rate to increase 
for large input signals. 
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The Input Stage (Continued) 
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FIGURE 3. Macromodel Input Stage. Simulates Input Impedance, Input Errors, CMRR, Input/Output Slew Rate, Input 

Capacitance, and Noise. 


The Second Stage 


The second stage of the macromodel ( Figure 4) provides 
the open-loop transimpedance, the first pole, output clamp¬ 
ing and supply dependent quiescent supply current. The 
voltage-controlled current-source G1 is controlled by a sec¬ 
ond order polynomial equation which calculates the current 
through R3 and R4 and reflects the sum directly into the 
second stage. By making the polynomial coefficients equal 
to the reciprocal of R3 and R4, the DC transimpedance of 
the model is simply equal to the value of R5. The dominant 
pole and output slew rate is established with capacitor C3 
which is comparable in function to Cc in the LM6181 simpli¬ 
fied circuit. Output clamping is performed with two diodes 
(D3-D4) each in series with a voltage-source (V3-V4). 
Clamping should be done here at the gain stage to prevent 
node 15 from reaching several thousands of volts which 
could cause convergence problems during simulation. Qui¬ 
escent current is modeled with the combination of I3 and the 
R8-R9 series resistors. As the supply voltage increases, the 
current through R8 and R9 will increase effectively simulat¬ 
ing that behavior in the real device. The value for resistors 


R8 and R9 can be calculated by dividing the change in 
supply voltage by the change in supply current (AVg/Als) 
anywhere within the operating range of the amplifier. 
Current-source I3 is evaluated by taking the total supply 
current at a given voltage and subtracting off the current 
through all other significant supply loads. These loads are 
R8, GI1, GI2, and R3 so that: 

13 = Ivs @ 15V - -3x11 

Ko 

(9) 

The 3 X II comes from the fact that the currents through GI1, 
GI2 and R3 are equal. Resistors R8 and R9 also act as a 
voltage divider and establish a common-mode voltage (Vh) 
for the model directly between the rails. If the supply rails are 
symmetrical, i.e., ±15V, node 49 will be at zero volts. 
Voltage-controlled voltage-source EH measures the voltage 
across R8 and subtracts an equal voltage from the positive 
supply rail to provide a stiff point between the rails (node 98) 
to which many other stages in the model are referenced. 
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The Second Stage (Continued) 


99 



FIGURE 4. The Macromodel Second Stage Models Open-Loop Transimpedance, First Pole, Output Swing Limiting, 

and Quiescent Supply Current. 


Frequency-Shaping Stages 

In keeping with the philosophy of providing a macromodel 
that IS as accurate as possible, it has been determined that 
the model must be capable of easily accommodating as 
many poles and zeros that are necessary to precisely shape 
the magnitude and phase response of the model [5]. This is 
accomplished with telescopic frequency-shaping stages that 
each have unity DC gain making it easier to add poles and 
zeros without changing the DC gain of the model. The 
LM6181 macromodel has four high frequency pole stages 
and no zero stages, however, each of the three types of 
frequency-shaping stages will be discussed in detail should 
the reader wish to develop macromodels for other amplifiers. 
The first type of frequency-shaping stage is a pole. In Figure 
5 (a), resistor R14 is set to 1 k^2. This value is chosen to 
reduce the thermal noise associated with this resistor and to 
simplify the calculations for the other components in the 
stage. Current-source G2 is controlled by the output voltage 
from the previous stage and its g^ is set to the reciprocal of 
R14 or 10~^ to maintain unity DC gam of the stage. Capacitor 


C4 rolls off the gam at high frequencies and is set with the 
standard pole equation: C = 1/(2 x tt x fp x R) where fP is the 
-3 dB frequency of the pole m Hz. 

Even though SPICE will attempt to process a bare zero 
stage, m the real world, such a circuit is actually non-causal 
and SPICE may not converge because an ideal inductor can 
generate an infinite voltage if the current though it changes 
instantaneously. To introduce a zero in the frequency re¬ 
sponse of the model, a pole must be combined with the zero 
to form a zero/pole or a pole/zero stage. The circuit for the 
zero/pole stage is shown m Figure 5 (b). This stage will have 
unity DC gain if the g^ of G5 is set to the reciprocal of R19. 
As the frequency increases, Li’s impedance starts to in¬ 
crease until R18 dominates causing the gam to level off. 
The last type of frequency-shaping stage is the pole/zero 
circuit shown in Figure 5 (c). As the frequency increases, the 
gain starts at unity and decreases until the impedance of the 
capacitor is negligible compared to its series resistor. For 
more information on poles and zeros, see references [7] and 
[8]. 
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Frequency-Shaping Stages 

(Continued) 
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FIGURE 5. Macromodel Frequency-Shaping Stages 


PSRR Stage 

Power supply rejection ratio is a parameter that many ven¬ 
dors have previously neglected in their SPICE models. Since 


AC power supply impedance is extremely critical in high¬ 
speed amplifier designs, both DC and AC PSRR were in¬ 
cluded in this model so that the designer can explore the 
effects of supply bypassing. The PSRR stage (see Figure 6) 
consists of two attenuation circuits controlled by the voltage 
from each rail to ground whose gains increase at 20 dB per 
decade. 




01148808 


FIGURE 6. Macromodel PSRR Stage 

The signals generated at nodes 45 and 47 are directly 
reflected to the input of the amplifier via the second and third 
terms of the Eos polynomial-controlled source. Since the 
PSRR stages are referenced to ground, a large offset volt¬ 
age will be developed if the model is operated from asym¬ 
metrical supplies. This compromise was necessary in order 
to include the PSRR effects; however, if operation on asym¬ 
metrical supplies IS required, the PSRR effects can be dis¬ 
abled by changing the second and third polynomial terms in 
Eos from 1 to 0. For example, change: 

Eos 3 1 POLY(5) 99 50 45 0 47 0 57 0 59 61 -2.8E-3 9.3E-5 
1111 
to- 

Eos 3 1 POLY(5) 99 50 45 0 47 0 57 0 59 61 -2.8E-3 9.3E-5 
0 0 11 

To set the component values in the PSRR stages, R25 and 
R26 are arbitrarily chosen to be lOQ. The g^’s of the current 
sources are set so that the DC gam of each stage is equal to 
the DC value of the PSRR or: 


1 

R25 

( 10 ) 

where PSRR is the typical DC rejection ratio in dB. The 
inductors, L3 and L4, determine the 3 dB frequency of each 
stage and can be set with: 


G10 = 10 X 


( 11 ) 

Resistors RL3 and RL4 cancel the zeros associated with the 
inductors at a frequency above the unity gain frequency of 
the amplifier. This helps with transient convergence when 
simulating inductive or resistive power supply lines. 


Thermal Effects 

The predominant thermal effects of a current-feedback am¬ 
plifier are the change in offset voltage and input bias current 
as a function of temperature. The macromodei stages in 
Figure 7 are used to simulate these effects by utilizing the 
SPICE temperature dependent resistor model which is con¬ 
trolled with the Equation (9): 
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Thermal Effects (Continued) 

R(i:2) = <value> x (1 + TCI x (T - Tnom) 

+ TC2 X (T - Tnom)2) (12) 

where <vaiue> is the value of the resistor at Tnom (usually 
27°C), T IS the temperature in °C, TCI is the linear tempera¬ 
ture coefficient, and TC2 is the quadratic temperature coef¬ 
ficient The equation will fit a quadratic curve through three 
points in a temperature graph by solving three equations 
with three unknowns Since SPICE will give an error mes¬ 
sage if a resistor goes negative at any temperature, an offset 
bias IS added to the resistor value whose voltage is then 
subtracted from the respective input error source (Gb1, Gb2, 
or Eos) 
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FIGURE 7. Macromodei Thermal Effect Stages 

The voltages generated at nodes 55, 56, and 57 are scaled 
and used to control the input error sources Gb2, Gbi, and 
Eos respectively. The simulated results compare quite 
closely to the typical curves for the actual device as can be 
seen in Figures 16, 17 

Noise Stages 

The addition of noise effects to any macromodel is similar to 
the techniques used for input offset voltage and drift. The 
total amplifier noise is lumped together and referred to the 
input of the model. Before noise sources are added, how¬ 
ever, the model has to be rendered essentially noiseless. 
This IS easier than it sounds, though, because noise adds 
vectorially. The total contribution of several noise sources 
can be found by: 

En,„ta| = V(Enl)2 +(En2)2 +(En3)2 ... 

So, a latent noise source within the model will have to be 
reduced to only V4 of the desi red noise level to maintain an 
accuracy of less than 3% (^1 + 0.25^ = 1.03). 
the latent amplifier model noise comes from thermal noise 
generated by large-value resistors commonly used in mac¬ 
romodels. To reduce this noise, the resistor values are 
scaled so their thermal noise is negligible compared to the 
desired noise of the amplifier. If resistor scaling is not pos¬ 
sible, as was the case with several resistors in the input 
stage of the LM6181 macromodel, a noiseless res/sfor can 
be used. A noiseless resistor is created by utilizing a voltage- 
controlled current-source (G device) with the same input and 
output terminals whose gm is set to the reciprocal of the 
required value of resistance (see Figure 3 and the LM6181 
netlist). The only caveat with using noiseless resistors is that 
a current- source is considered an open circuit when SPICE 
calculates the initial bias point of the circuit. Therefore, at 
least one other device must be connected to the nodes of the 
noiseless resistor to avoid “floating node” errors. 


Now that the macromodel is rendered essentially noiseless, 
lumped noise sources can be added and referred to the input 
sources. Figure 8 shows the equivalent noise model which 
consists of an ideal noiseless amplifier, two noise-current 
generators (in+ and in_), from each input to ground and a 
noise-voltage generator (On) in series with non-inverting in¬ 
put. 



FIGURE 8. Equivalent Amplifier Noise Model 

The noise-current generators are called Fnl and Fn2 in the 
macromodei input stage {Figure 3 ), while the noise-voltage 
generator is included in the Eos polynomial-controlled 
source. The noise voltage or current which is actually re¬ 
ferred to the input generators comes from separate noise 
source stages in the macromodei. 

The noise-voltage circuit {Figure 9) generates both 1/f and 
white noise by using a 0.1V voltage-source which lightly 
biases a diode-resistor series combination. White noise is 
simply the thermal noise-current generated in the resistor 
which follows the spectral power density (per unit bandwidth) 
equation below 

, o 4 X k X T 

I z = - 

n Resistance 

(13) 

58 60 




FIGURE 9. Macromodei Noise Voltage Stage 

where in is the noise-current through the resistor, k is 
Boltzmann’s constant (1 381 x 10“^®), and T is the tempera¬ 
ture in °K (°C + 273.2°). By taking the square root of both 
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Noise Stages (Continued) 

sides of the equation and multipiying by resistance, the 
required value of resistance can be found for a given noise- 
voltage spectral density with: 


R = 


2 


n 

2 X 4 X k X T 


(14) 

where en is the white noise voltage of the amplifier per VFE. 
The “2” in the denominator comes from the fact that the 
voltage is taken differentially across two identical circuits of 
the noise-voltage source (nodes 58 and 60). The reason for 
using two identical circuits is so that a DC voltage would not 
be created which would be seen as an offset voltage on the 
input. 


Flicker noise or 1/f noise-voltage comes from the SPICE 
diode model. By setting the flicker noise exponent (AF) to 1 
and properly setting the flicker noise coefficient (KF), the 
resulting noise voltage will accurately simulate the 1/f noise- 
voltage spectral density with the correct “corner frequency”. 
Equation (15) shows the noise-current that results from the 
SPICE diode model where Id is the DC diode current and the 
2 X q X Id term is negligible compared to the 1/f noise of the 
amplifier. 


IcjAF 

\2 = 2xqxld + KFx 

(15) 

To determine the value for KF in the macromodel, the follow¬ 
ing equation can be used: 


r\r — 

R^x Id x2 

(16) 

where Ea is the noise-voltage spectral density of the ampli¬ 
fier at 1 Hz and Id is the DC current through the diode which 
can be determined with the standard Schottky diode equa¬ 
tion. Again, the “2” in the denominator comes from the fact 
that the noise output is taken differentially across two iden¬ 
tical circuits. 

The white portion of the amplifier’s noise current Is modeled 
by utilizing the thermal noise current of a resistor in series 
with a zero volt voltage-source (see Figure 10). 




the respective current-controlled current-source on the input, 
the value for each resistor can be found by rearranging 
Equation (13) or: 


p, _ 4 X kxT 

(17) 

The in term is the broad-band or white noise-current spectral 
density at the respective input of the amplifier. 

To simulate the 1/f component of the noise-current, the 
flicker noise coefficient (KF) in the model for each pair of 
input transistors is set to obtain the correct corner frequency. 
In the LM6181 macromodel, KF is set to 4.13 x 10“''® for Q1 
and Q2 while KF is set to 6.7 x 10"^"^ for Q3 and Q4. The 
flicker noise exponent (AF) is left at its default value of 1. 
The macromodel’s noise cun/es are compared to the actual 
amplifier’s curves in Figures 18, 19, 20, 21. The simulation 
results are quite close to the actual noise characteristics of 
the amplifier. For more information on calculating and mod¬ 
eling amplifier noise, see references [3] and [9]. 

Output Stage 

After the input signal is amplified and frequency shaped, it is 
further processed by the output stage shown in Figure 11. 
The output stage performs three important functions, 
namely, simulation of output impedance, short-circuit current 
limiting, and dynamic supply current. 

The intermediate output signal appears at the output of the 
last frequency-shaping stage as a high-source-impedance 
voltage referenced to Vh. Voltage-controlled voltage-source, 
El, level shifts the intermediate output signal down from the 
positive rail and provides the output drive for the model. 
Output impedance is modeled with the combination of R35 
and L5. Resistor R35 simulates the DC output impedance 
which determines the behavior of the model when driving 
heavy loads. Additionally, inductor L5 models the character¬ 
istic rise in output impedance as a function of frequency 
which is common to the emitter-follower output stage found 
In many amplifiers. Since an ideal inductor as modeled by 
SPICE has infinite Q, a bare inductor in the signal path can 
cause convergence problems if the current through it can 
change Instantaneously. To lower the Q of the inductor and 
prevent convergence problems during simulation, a large 
value resistor, RL5, is placed across L5. Capacitor CF1 
models stray capacitance across the feedback resistor which 
dramatically affects the high frequency response of the am¬ 
plifier. 

Short-circuit current limiting is also a necessary feature of 
any good amplifier macromodel. The diodes D5 and D6 each 
In series with a voltage-source V5 and V6 accomplish this 
function by effectively clamping the maximum voltage across 
R35. The value of the voltage-sources can be set with the 
following equation which was derived with the Schottky di¬ 
ode equation and summing the currents at node 40 assum¬ 
ing the output is shorted to ground. 


FIGURE 10. Macromodel White Noise-Current 
Generators 

Since the noise-current through each of the resistors is 
measured with the voltage-sources and directly referred to 


R35xl 


SC 


■R35xlo 


+ 1 


xV-r 


(18) 
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Output Stage (Continued) 

The term Zofr is the output impedance of the last frequency 
shaping stage (1 in this case), Ig is the saturation current 
of the diode, and Vy is the thermal voltage k x T/q. Although 
It appears that the appropriate parameters are included in 
the equation, no attempt was made to model the depen¬ 
dence of short-circuit current on supply voltage or tempera¬ 
ture. 

Another behavior that is often not included in op-amp mac¬ 
romodels is dynamic supply current. If the output of the 
model IS driven by an ideal voltage-source, the simulated 
output current of the model appears to come from nowhere, 
i.e , the supply currents do not change This apparent viola¬ 
tion of the second law of thermodynamics has been solved 
with diodes D7-D8, current-sources F5-F6, and associated 
circuitry. Since it is important to keep non-linear devices, 
such as diodes, out of the signal path, only an ideal amme¬ 
ter, VA8, was inserted in the output driver to sense the 


sinking or sourcing of output current. Current-controlled 
current-source F5 mirrors the current sensed by VA8 and 
forces an equal current through either D7 or D8 depending 
on Its polarity. If current is being sourced into the load, the 
current flows from the positive rail through E1 and VA8 to the 
output node and no supply current correction is necessary 
However, if the output stage is sinking current from the load, 
the current flows from the output node up through VA8 and 
E1 into the positive rail. To compensate for this, F5 forces an 
equal current through D7 and ammeter VA7. This current is 
then mirrored to current-source F6 which pulls an equal 
amount of current out of the positive rail and forces it into the 
negative rail. Therefore, if the output stage is sourcing cur¬ 
rent, It appears to come from the positive rail, whereas 
current that is sinking from the load appears to go into the 
negative rail. The net result of all these extra devices is an 
output stage which closely models the behavior of the real 
amplifier 


99 



FIGURE 11. Macromodel Output Stage 


LM6181 Macromodel Netlist 

******************************************* 
*LM6181 CURRENT FEEDBACK OP-AMP MACRO-MODEL 

‘k'k’k'k'^h'k'k'k'k'k-k'k'k'k'k-k-k'k'k'k'k'k'k'k'k'k'k'k'k'k-k'k'kic'kic'kic'kic'k'k-k 

•k 

*connections: non-inverting input 

* I inverting input 

* I I positive power supply 

* III negative power supply 

* I I I I output 


.SUBCKT LM6181 1 2 99 50 41 


*Features: (TYP.) 

*High bandwidth = 100 MHz 

*High slew rate = 2000 V/microseconds 

^Current Feedback Topology 
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LM6181 Macromodel Netlist (Continued) 

*NOTE: Due to the addition of PSRR effects, model must be operated 

* with symmetrical supply voltages. To avoid this limitation 

* and disable the PSRR effects, see Eos below. 

********** INPUT STAGE ********** 

GIl 99 5 POLY(l) 99 50 243.75U 2.708E-6 

GI2 4 50 POLY(l) 99 50 243.75U 2.708E-6 

FIl 99 5 VA3 100 

FI2 4 50 VA4 100 

Q1 50 3 5 QPN 

Q2 99 3 4 QNN 

GRl 5656 2.38E-4 

*^4.2K noiseless resistor 

Cl 6 99 .468P 

GR2 4747 2.38E-4 

*''4.2K noiseless resistor 

C2 7 50 .468P 

GR3 99 8 99 8 1.58E-3 

*'"633ohm noiseless resistor 

VI 99 10 .3 

REl 10 30 130 

D1 30 8 DX 

GR4 50 9 50 9 1.58E-3 

*^633ohm noiseless resistor 

V2 11 50 .3 

RE2 11 31 150 

D2 9 31 DX 

Q3 8 6 2 QNI 

Q4 972 QPI 

DSl 3 12 DY 

VA3 12 5 0 

DS2 13 3 DY 

VA4 4 13 0 

GR6 1 99 1 99 5E-8 

*"'20MEG noiseless resistor 

GR7 1 50 1 50 5E-8 

*'^2 0MEG noiseless resistor 

GBl 1 99 POLY(2) 99 50 56 0 -1.2E-6 4E-8 lE-3 
FNl 1 0 V18 1 

GB2 99 2 POLY(3) 99 50 1 49 55 0 18.5E-6 -1.5E-7 -lE-7 -lE-6 

FN2 2 0 V17 1 

EOS 3 1 POLY(5) 99 50 45 0 47 0 57 0 59 61 -2.8E-3 9.3E-5 1111 

*To run on asymmetrical supplies, change to 0. ^ ^ 

CINl 1 0 2P 
CIN2 2 0 5.75P 

******** SECOND STAGE ********** 

* 

13 99 50 4.47M 
R8 99 49 7.19K 
R9 49 50 7.19K 
V3 99 16 1.7 
D3 15 16 DX 
D4 17 15 DX 
V4 17 50 2.0 
EH 99 98 99 49 1 

G1 98 15 POLY(2) 99 8 50 9 0 1.58E-3 1.58E-3 
*Fpl = 27.96 KHz 
R5 98 15 2.372MEG 
C3 98 15 2.4P 
* 

********* POLE STAGE *********** 

*Fp = 250 MHz 
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LM6181 Macromodel Netlist (Continued) 

G2 98 20 15 49 lE-3 
R14 98 20 IK 
C4 98 20 .692P 

********* POLE STAGE *********** 

*Fp = 250 MHz 
G3 98 21 20 49 lE-3 
R15 98 21 IK 
C5 98 21 .692P 
* 

********* POLE STAGE *********** 

*Fp = 275 MHz 
G4 98 22 21 49 lE-3 
R16 98 22 IK 
C6 98 22 .5787P 

********* POLE STAGE *********** 

* 

*Fp = 500 MHz 
G5 98 23 22 49 lE-3 
R17 98 23 IK 
C7 98 23 .3183P 
* 

********* PSRR STAGE *********** 

* 

GIO 0 45 99 0 1.413E-4 

L3 44 45 26.53U 

R25 44 0 10 

RL3 44 45 lOK 

Gll 0 47 50 0 1.413E-4 

L4 46 47 2.27364U 

R26 46 0 10 

RL4 46 47 lOK 

******** thermal EFFECTS ********** 

112 0 55 1 

R27 0 55 10 TC = 3.453E-3 7.93E-5 

113 0 56 lE-3 

R28 0 56 1.5 TC = 9.303E-4 8.075E-5 

114 0 57 lE-3 

R29 0 57 3.34 TC = 3.111E-3 
* 

********* noise sources *********** 


VI5 

58 

0 

.1 

D9 

58 

59 

DN 

R3 0 

59 

0 

726.4 

VI6 

60 

0 

.1 

DIO 

60 

61 

DN 

R31 

61 

0 

726.4 

VI7 

62 

0 

0 

R32 

62 

0 

73.6 

VI8 

63 

0 

0 

R33 

■k 

63 

0 

1840 

k k k k 

* * * 

** 

OUTPUT STAGE 


* 


F6 99 50 VA7 1 
F5 99 35 VA8 1 
D7 36 35 DX 
VA7 99 36 0 
D8 35 99 DX 
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LM6181 Macromodel Netlist (Continued) 


El 99 37 99 23 1 
VA8 37 38 0 
R35 38 40 50 
V5 33 40 5.3V 
D5 23 33 DX 
V6 40 34 5.3V 
D6 34 23 DX 
CFl 41 2 2.IP 
L5 40 41 31N 
RL5 40 41 lOOK 


MODELS USED 


.MODEL QNI NPN(IS = lE-14 BE = 10E4 VAF =62.5 

.MODEL QPI PNPdS = lE-14 BE = 10E4 VAF = 62.5 

.MODEL QNN NPN(IS = lE-14 BF = 10E4 VAF =62.5 

.MODEL QPN PNP(IS = lE-14 BF = 10E4 VAF =62.5 

.MODEL DX D(IS = lE-15) 

.MODEL DY D(IS = lE-17) 

.MODEL DN D(KF = 1.667E-9 AF = 1 XTI = 0 EG = 
.ENDS 

Simulation Accuracy 

The real test of a macromodel is how the simulation results 
compare with the real-world device. The table below shows 
some of the amplifier parameters and how the simulation 
compares to actual device behavior. As can be seen, the 
goal of a 10% match between the model and the actual 
device was achieved. 

A good figure of merit for a macromodel is the accuracy of its 
small-signal transient response. Figures 14, 15 show the 
small-signal response of the real LM6181 and the simulation 
output. Notice that the simulated over-shoot and frequency 
of ringing closely match that of the actual device. This is due 
to the accurate modeling of the frequency response and 
output impedance capabilities of the model 

Conclusion 

A truly comprehensive SPICE compatible macromodel for 
current-feedback amplifiers has been developed. The mac- 


62.9 KF 
62.9 KF 
62.9 KF 
62.9 KF 


6.7E-14) 

6.7E-14) 

4.13E-13) 

4.13E-13) 


romodel includes effects such as accurate input transfer 
response, accurate AC response, temperature effects, DC 
and AC PSRR, and noise. Even with the addition of all these 
features, the macromodel’s simulation speed is still more 
than twice as fast as a device level micromodel. The speed 
advantage of this macromodel mainly comes from the fact 
that it converges extremely well. Since careful attention was 
paid to convergence during the development of the model, 
there is no difficulty establishing a bias point or dealing with 
large input signals. With detailed and accurate vendor sup¬ 
plied macromodels such as the one described in this paper, 
the designer can easily verify the effects of strays and am¬ 
plifier limitations in his circuit. 


Parameter 

Rl = 1 k a 
, Av = -1 Rl 


Pulse Resp. Overshoot 
Slew Rate V.n = ±10V 


Typical Value 

Simulation Results 

% Error 

127 6Ba 

126.6 dBQ 

4.5% 

100 MHz 

103 9 MHz 

3.9% 

1.5 pA 

1.5 pA 

0.0% 

-4.0 pA 

-4.0 pA 

0.0% 

-3.4 mV 

-3.3 mV 

1.2% 

7.5 mA 

7.7 mA 

2.7% 

35% 

34.8% 

0.6% 

1400 V/ps 

1468 V/ps 

4.8% 

130 mA 

136.8 mA 

5.2% 

5 nV/VFE 

4.9 nV/VFli 

2.0% 

3pA/ViHz 

2.96 pA/a/Hz 

1.3% 

16pA/VHz 

15.1 pA/VHz 

5.6% 
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Conclusion (Continued) 


820 




FIGURE 12. Non-inverting amplifier. Av = +2. It is very oiussai 

important to include a model of the scope probe on 

the output of the amplifier to obtain reasonable results FIGURE 14. LM6181 Small-Signal Transient Response 

from the simulation. 


*LM6181 Small-Signal Response. Av = +2. 

*Rf = Rg = 820ohm. 

* 

XAR1 3 2 74 6 LM6181 
VP 7 0 15V 
VN 4 0 -15V 

VIN 3 0 PULSE (-.2V .2V 40N .2N .2N) 

RF 6 2 820ohm 
Rl 2 0 820ohm 
RL6 0 10MEG 
CL 6 0 8 7pF 
.LIB CF.LIB 

.OPTIONS RELTOL = .0001 CHGTOL = IE-20 

.TRAN/OP .IN 200N 

.PROBE 

■END _ 

FIGURE 13. Non-Inverting Amplifier Netlist [9] 


LM6181 Small-Signal Response 
Av = + 2 
Rf = Rg = 820a 


800 mV 


400 mV 


VouT 


-400 mV 


-800 mV 

0ns 50ns 100ns 150ns 200ns 



















TIME 


01148815 


FIGURE 15. LM6181 SimulatedTransient Response 
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Conclusion (Continued) 


LM6181 

Vos» +Ib» -Ib vs Temperature 



-55 -35 -15 5 25 45 65 85 105 125 

TEMP (oc) 

01148822 

FIGURE 16. LM6181 Temperature Effects 



-55 -40 0 40 80 120 

TEMP (°C) 

01148816 

FIGURE 17. LM6181 Simulated Temperature Effects 



1 10 100 Ik 10k 100k 

FREQUENCY (Hz) 

01148819 

FIGURE 18. LM6181 Voltage-Noise Response 


LM6181 Voltage Noise vs Frequency 



1 OH 10H 100H IkH lOkH lOOkH 

FREQUENCY 

01148817 

FIGURE 19. LM6181 Simulated Voltage-Noise 
Response 
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Conclusion (Continued) 

LM6181 Current Noise vs Frequency 



1 10 100 Ik 10k 100k 


FREQUENCY (Hz) 

01148820 

FIGURE 20. LM6181 Current-Noise Response 



1 OH 10H 100H IkH lOkH lOOkH 

FREQUENCY 


01148818 

FIGURE 21. LM6181 Simulated Current-Noise 
Response 
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CLC5506 Evaluation Board 


National Semiconductor 
Application Note 1138 



The CLC5506PCASM is a fully assembled and tested evalu¬ 
ation module for CLC5506 Gam Trim Amplifier. The evalua¬ 
tion module simplifies the task of making frequency re¬ 
sponse and noise figure performance evaluation of the 
CLC5506 Gain Trim Amplifier (GTA). 


The evaluation circuit is carefully designed and laid out on an 
FR4 printed circuit board (part number; CLC730102). Refer 
to Figure 1 for the schematic diagram of the 
CLC5506PCASM. 


Vdd 



PI-18 

PI-19 

PI-20 

PI-21 

PI-22 



Note NS Not Stuffed 


10121203 


FIGURE 1. CLC5506PCASM Schematic Diagram 


The differential input impedance of CLC5506 between pins 
IN+ and IN“ is 200Q. The differential output impedance 
between pins OUT+ and OUT_ is set to 200Q'by resistor R2. 
Two 4:1 impedance ratio transformers (T1 and T2) are used 
for wide band matching to a single ended 500 system to 
simplify evaluation. The 3.3pH inductor at LI and L2 are 
used as RF chokes for the open collector outputs. Resistor 
R1 and Vccd is used to reduce noise cross-talk between the 
VccA si^cl Vqcd- The low pass RC networks (R3, R4, R5 and 
Cl4, Cl 5, Cl 6) at LE, Clock and Data In pins are used to 
reduce AC feed-through to the RF circuitry. 


Windows-95/98/NT GTA control software, developed by Na¬ 
tional Semiconductor can be used to send control data to the 
CLC5506 Gain Trim Amplifier. This software along with the 
CLC5506 Datasheet can be downloaded from National 
Semiconductor Corporation Web site at 
http;//www.national.com. 

Figure 2, shows the typical test setup block diagram for the 
measurement of frequency response parameters. 
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RF 

Network 

Analyzer 

RF RF 


«-H CLC5506PCASM I-' 

Input I I Output 


□ 


Centronics Printer Cable 


Windows-95/98/NT 


FIGURE 2. Test Setup Block Diagram for 
Frequency Response Measurement 


Figure 3, shows the typical test setup block diagram for the 
measurement of noise figure parameter. A RF noise source 
was used. During the noise figure measurement, the Cen¬ 


tronics™ printer cable connected to P1 should be discon¬ 
nected from the evaluation module and removed from the 
measurement area to reduce PC EMI noise pick-up. 


RF 

Noise Figure 
Meter 


RF 

J1 

Noise Source 

Input 


CLC5506PCASM 


□ 


Centronics'^ Printer Cable 


Windows-95/98/NT 


Disconnect And Remove 
the printer cable during measurement 


FIGURE 3. Test Setup Block Diagram for 
Noise figure Measurement 


RF transformers T1 and T2 have intrinsic losses, the actual 
RF performance of the CLC5506 per se, could be calculated 
by accounting for T1 and T2 losses in the evaluation module. 


Refer to Table 1 for correction factor for gain measurement 
and noise figure measurement based on typical losses mea¬ 
sured on the transformers specified in Table 2. 
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TABLE 2. Bill of Materials for CLC5506PCASM 


Reference 

Description 

Part No. or 

Note 

Distributor 

Qty. 

T1,2 

Transformer 

Mini-Circuits 

TC4-1W 

Mini-Circuits 

2 

PI 

Connector 

Norcomp, 

TT57-LE40360 

DigiKey/ 

1036RF-ND 

1 

J1,2 

SMA connector 

Femal Right 
Angle 

PCB Mount 

DigiKey/ 

ARFX1232-ND 

2 

C4,8 

Cap, 100pF, 5% 

0805 SMD 
package 

Generic 

3 

C6,7,10,11 

Cap, lOOOpF, 10% 

1206 SMD 
package 

Generic 

4 

05,9,14,15,16 

Cap, 0.1 pF, 20% 

0805 SMD 
Package 

Generic 

6 

C1 

Cap, 6.8pF, Tant., 16V 

3528 SMD 
package 

Generic 

1 

R1.3,4,5 

Res 1K, 5%, 1/8W 

1206 SMD 
Package 

Generic 

4 

R2 

REs, 200, 5%, 1/8W 

1206 SMD 
Package 

Generic 

1 

LI ,2 

Inductor, 3 3pH 

1008 SMD 
Package 

CoilCraft 

2 

VCC, GND 

Single Header 

0.1" header 

Generic 

2 

U1 

CLC5506IM 

14-PIN SOIC 

National Semiconductor 

1 


PCB 

CLC730102 

National Semiconductor 

1 


For insertion gain measurement of the frequency response, 
the correction factor is the total insertion loss of T1 and T2. 

This correction factor shall be added back to the insertion 
gain reading of network analyzer to get the actual gam 
performance of CLC5506. 

For the noise figure measurement, the correction factor is 
the insertion loss of T1 (or half the total loss of T1 and T2). 

This correction factor shall be deducted from the noise figure 
reading of noise figure meter. 

Figure 4 and Figure 5 on the following page, illustrate the top 
and bottom side layout of the CLC730102. Figure 6, also on 
the following page, is the assembly drawing of 
CLC5506PCASM. 

10121206 

FIGURE 4. CLC730102 (Top Side) 
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FIGURE 5. CLC730102 PCB (Bottom Side) 



FIGURE 6. CLC5506PCASM 
Component Layout (Top Side) 

In order to achieve the same performance as specified in the 
CLC5506 datasheet, components should be chosen from 
the bill of material attached and installed per Figure 6. 

Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoleted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 
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An OrCAD PSPICE Library 
for the VIP10 High-Speed 
Op Amp 

Creating the op amp SPICE model from ground-up for simu¬ 
lation is esoteric and often time consuming. 

National Semiconductor Corporation has an OrCAD Capture 
library (nationaihighspeed.oib) and PSPICE (nationai- 
highspeed.iib) model library for the industry-leading 
VIP10™ process high-speed operational amplifiers. These 
libraries contain behavior models of the LMH series high¬ 
speed operational amplifiers and the schematic symbols of 
op amp. These libraries are available for download from 
amplifiers.nationai.com. Libraries are created from OrCAD 
PSPICE A/D version 9.1 and have been verified to match the 
performance in the datasheet 

The VIP10 IS a high-speed, dielectrically-isolated, comple¬ 
mentary bipolar 1C process that utilizes deep trench technol¬ 
ogy on a bonded wafer for complete dielectric isolation and 
optimal high-speed amplifier performance. Trench technol¬ 
ogy with bonded wafers helps minimize parasitic capaci¬ 
tance for optimal power-to-bandwidth performance, lower 
distortion and decreased die size. 

When doing the simulation, the path of nationaihighspeed- 
.iib needs to be added under either the “Include Files” option 
or the “Libraries” option in the “Simulation Profile”. 


National Semiconductor 
Application Note 1255 
Barry Yuen 



RECEIVE PRE-AMP 



FILTER DRIVER 

20054501 

FIGURE 1. Block Diagram of ADSL CPE 
Analog Front End 


The ADSL Analog Front End for 
Customer Premises Equipment 

One of the very popular applications for LMH high-speed 
operational amplifiers is the DSL analog front end in the 
customer premises equipment side. The new LMH6643 rail- 
to-rail output, LMH6672 line driver, and LMH6622 low-noise 
op amps form a robust chipset solution that maximizes the 
ADSL baseband DSP performance as shown in Figure 1. 


The LMH6643 as a Buffer Amplifier 
for the D/A Converter 

A pair of LMH6643 is used as a differential buffer amplifier at 
the outputs of digital-to-analog converter for providing im¬ 
pedance matching, isolation, and driving capability to an 
optional low pass filter between the LMH6643 and the 
LMH6672. Figure 2 shows the OrCAD schematic to demon¬ 
strate the use of SPICE model. The voltage gain of this 
inverting buffer amplifier is simply defined as -Rbi+/FIb 2 + 
and —R 0 .i_/Rg 2 —■ 
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The LMH6643 as a Buffer Amplifier 
for the D/A Converter (Continued) 


Cl RB2+ 


350 




FREQ = 130k 
Vn.=c: = 0 




^0 R9 

125 


FIGURE 3. LMH6672 as a Differential Driver 
to a 50Q Differential Load 


FIGURE 2. LMH6643 as an ADC Buffer in 
ADSL CPE Analog Front End 

The LMH6672 as an Upstream Line 
Driver 

The LMH6672 is used as an upstream DSL line driver be¬ 
cause of its high-output drive with low distortion and single 
supply features. When connected as a differential output 
driver, the LMH6672 can drive a 50n load to 16.8 Vpp swing 
with only -93 dBc distortion and fully supports the peak 
upstream power levels for full-rate ADSL. Figure 3 is a 
typical line driver circuit driving the lOOQ twisted-pair trans¬ 
mission line through a 1:2 transformer. The voltage gam of 
this non-inverting driver amplifier is simply defined as 
(1-i-2*Rf-i-/Rg) or (1+2*Rf-/Rg). The capacitor Cq is in¬ 
serted to set a DC gam of 1 VA/. 


The LMH6622 as a Downstream 
Low-Noise Pre-Amp 

The LMH6622 is used as a low-noise pre-amp in the down¬ 
stream link because of its low noise and low-distortion per¬ 
formance. This twin personality ensures the receiving path 
has high dynamic range to meet the stringent linearity and 
noise requirements of the ADSL standard. 

In Figure 4, the LMH6622 is used as an inverting summing 
amplifier to provide both receive pre-amp channel gam and 
driver echo signal cancellation. In order to cancel the un¬ 
wanted driver echo signal m the receive path, Ri+ is set to be 
2 *R 2 + and is set to be 2 *R 2 _. 

In reality, the hybrid rejection is about 12 dB due to imperfect 
matching. The resistors values m the simulation can be 
adjusted to experience the real performance of the receive 
circuit. 
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The LMH6622 as a Downstream Low-Noise Pre-Amp (Continued) 


R20 R1+ 

1500 Ik 



0^ R22 R2- 

1500 500 


20054504 

FIGURE 4. LMH6622 as a Low-noise Pre-amp in the ADSL Downstream 

Figure 5 shows the differential output voltage across the twisted-pair-transmission line and the unwanted echo signal at the 
pre-amp’s outputs. Perfect cancellation of the unwanted echo signal is possible only if perfect matching is achieved. 



° V(+Vi.oad) - V(-VuoAD> <>V(RX+) - V(RX-) 


20054505 


FIGURE 5. Simulation Results at the Transmission Line and Pre-amp’s Output 

In conclusion, PSPICE models and Capture symbols for National’s high-speed op amps can be downloaded from 
amplifiers.national.com and used for simulation. 
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Simulation SPICE Models 
for Comlinear’s Op Amps 

National Semiconductor Corporation is a manufacturer and 
supplier of high-performance analog signal processing com¬ 
ponents. National’s broad signal conditioning product line 
includes high-speed hybrid and monolithic operational am¬ 
plifiers, buffers, video amplifiers, multiplexers, automatic 
gain control integrated circuits, track/hold amplifiers, and 
analog-to-digital converters. National continues as a leader 
in developing products offering exceptional performance, 
speed, quality, reliability and service. 

Introduction 

This IS a collection of PSpice compatible models for National 
Semiconductor Corporation amplifiers. For additional infor¬ 
mation about SPICE Models supporting existing or new 
products, customers can visit National’s web site at 
http://www.national.com. These SPICE Models are created 
for use on an IBM compatible computer using analysis pro¬ 
grams that accept Spice formats. National assumes no re¬ 
sponsibility for designs created from these SPICE Models. 
These SPICE Model files model typical performance at room 
temperature. AC response is dominated by board layout and 
package parasitics at frequencies above 500MHz. Before 
designs are released to production. National suggests that 
topologies be verified by prototyping the circuit. The part-to- 
part and over-temperature performance variations of Na¬ 
tional amplifiers are specified in current data sheets found on 
National’s web site. The changes from the last SPICE Model 
version are listed in this table: 


TABLE 1. Updates to Spice Models 


File Name 

Description 

CLC405.CIR 

A new SPICE Model. 

CLC406.CIR 

A revised SPICE Model. 

CLC407.CIR 

A new SPICE Model. 

CLC412.CiR 

A new SPICE Model. 

CLC430.CIR 

A revised SPICE Model that improves 
disabled output response. 

CLC440.CIR 

A new SPICE Model. 

CLC449.CIR 

A new SPICE Model. 

CLC450.MOD 

A new SPICE Model. 


TABLE 2. Spice Model Subcircuit Files 


File Name 

Description 

CLC109.CIR 

A Low-Power, Wideband, Closed-Loop 
Buffer. 

CLC111.CIR 

A Very Wideband, Ultra-High Slew Rate, 
Closed-Loop Buffer. 

CLC400.CIR 

A Wideband, Low-Gain Monolithic 

Current Feedback Op Amp with Fast 
Settling (0.05% in 12 ns). Low Power, 
and an Input Offset Adjustment Pin. 
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File Name 

Description 

CLC401.CIR 

A Wideband, High-Gain Monolithic 

Current Feedback Op Amp with Fast 
Settling (0.01% in 10 ns) and Low 

Power. 

CLC402.CIR 

A Low-Gain Monolithic Current 

Feedback Op Amp with Fast 14-bit 
Settling (0.0025% in 25 ns) and Low 
Power. 

CLC404.CIR 

A Wideband Monolithic Current 

Feedback Op Amp with High Slew Rate. 

CLC405.CIR 

A Low-Cost, Low Power, and 110 MHz 

Op Amp with Disable. 

CLC406.CIR 

A Wideband, Low-Cost, Low-Power 
Monolithic Current Feedback Op Amp. 

CLC407.CIR 

A Low-Cost, Low Power, Programmable 
Gain Buffer with Disable. 

CLC409.CIR 

A Very Wideband, Low Distortion 
Monolithic Current Feedback Op Amp. 

CLC410.CIR 

A Video Monolithic Current Feedback 

Op Amp with disable. Fast Settling 
(0.05% in 12 ns) and an Input Offset 
Adjust Pin. 

CLC412.CIR 

A Dual Wideband Video Op Amp. 

CLC414.CIR 

A Quad, Low-Power Monolithic 
Current-Feedback Op Amp. 

CLC415.CIR 

A Quad Wideband Monolithic Current 
Feedback Op Amp. 

CLC420.CIR 

A High-Speed, Unity Gain Stable 
Monolithic Voltage Feedback Op Amp. 

CLC425.CIR 

An Ultra Low-Noise, Wideband 

Monolithic Voltage Feedback Op Amp 
with Current Supply Adjust. 

CLC426.CIR 

An Ultra Low-Noise, Wideband 

Monolithic Voltage Feedback Op Amp 
with Current Supply Adjust and External 
Compensation. 

CLC428.CIR 

An Ultra Low-Noise, Wideband, Dual 
Monolithic Voltage Feedback Op Amp. 

CLC430.CIR 

A Wideband Monolithic Current 

Feedback Op Amp with disable and 
±5V to ±15V supply capability. 

CLC431.CIR 

A Dual, Wideband Monolithic Current 
Feedback Op Amp with High Slew Rate. 

CLC432.CIR 

A Dual, Wideband Monolithic Current 
Feedback Op Amp with Disable and 
±5V to ±15V Supply Capability. 
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Introduction (Continued) 


TABLE 2. Spice Model Subcircuit Files (Continued) 


File Name 

Description 

CLC440.CIR 

A High-Speed, Low-Power Voltage 
Feedback Op Amp. 

CLC449.CIR 

A 1.2 GHz Ultra-Wideband Monolithic 

Op Amp. 

CLC450.MOD 

A Single Supply, Low Power, High 

Output, Current Feedback Amplifier. 

CLC501.CIR 

A High-Speed Output Clamping 

Monolithic Current Feedback Op Amp 
for High Gams. 

CLC502.CIR 

A High-Speed Output Clamping 

Monolithic Current Feedback Op Amp 
with Fast 14-bit Settling (0.0025% in 

25 ns) for Low Gam. 

CLC505.CIR 

A High-Speed, Programmable-Supply 
Current, Monolithic Current Feedback 

Op Amp. 

CLC520.CIR 

A Monolithic Amplifier with Voltage 
Controlled Gain (AGC). 

CLC522.CIR 

A Monolithic Wideband Variable Gain 
Amplifier. 

CLC532.CIR 

A High-Speed, 2:1 Analog Multiplexer 
with fast 12-bit settling (0.01% m 17 ns). 
Low Noise, Low Distortion, and 
Adjustable Noise Bandwidth. 

CLC5644.CIR 

A Quad, Low-Power Monolithic Current- 
Feedback Op Amp. 

CLC5655.CIR 

A Quad Wideband Monolithic Current 
Feedback Op Amp. 

CLC5665.CIR 

A Wideband Monolithic Current 

Feedback Op Amp with Disable and 
±5V to ± 15V Supply Capability. 

CLC5801.CIR 

An Ultra Low-Noise, Wideband 

Monolithic Voltage Feedback Op Amp 
with Current Supply Adjust. 

CLC5802.CIR 

An Ultra Low-Noise, Wideband, Dual 
Monolithic Voltage Feedback Op Amp. 


start Up Instructions 

Download all SPICE Model files of interest to a library on the 
hard disk. If the library directory is not in the SPICE pro¬ 
gram’s path, the user should set that path in the autoexec¬ 
.bat for easier excess. The .INC statement in PSpice should 
be used in the simulation file to include the SPICE Models 
subcircuit. 

Example: “.INC CLC400.CIR” 

Amplifier Spice Models 

These SPICE Model files are written in ASCII file format for 
IBM-compatible PC’s. They are compatible with PSpice and 
other Spice 2G simulators. For additional detailed informa¬ 
tion about using PSpice please contact MicroSim (See Ref¬ 
erence below). National amplifier SPICE Models are written 


in a subcircuit format for easy incorporation into larger cir¬ 
cuits. A listing of any amplifier subcircuit may be obtained by 
printing its CLC*.CIR file to a local printer. The subcircuit 
node assignments match the device pin-outs as shown in 
the individual device data sheets. An example is an 8 pin op 
amp. 

• Connections: NON-INVERTING INPUT PIN 

• I INVERTING INPUT PIN 

• I I OUTPUT 

• III +Vqq 

• I I I I —Vqq 

• 11111 

• SUBCKT (NAME) 3 2 6 7 4 

Some schematic capture software packages require a differ¬ 
ent pin connection other than what National uses. Changing 
the pin order in the .SUBCKT statement will not affect the 
SPICE Model performance. 

Performance Results 

When substitutions of current feedback op amps are made 
for voltage feedback op amps, results may not be accept¬ 
able. Refer to National’s application note OA-13 for a tutorial 
on current feedback op amp design. 

Parameters Modeled 

The following typical performance parameters are modeled 
by the SPICE Models. 

DC EFFECTS 

• VIO, IBI, IBN 

• Supply current vs. supply voltages 

• Common mode input/output voltage range 

• Load current from supplies 

• CMRR 

AC EFFECTS < 500 MHz 

• Frequency response vs. gain & load 

• Open loop gain & phase 

• Noise 

• Small signal input/output impedance 

TIME DOMAIN 

• Rise/fall times 

• Slew rates 

SPECIAL FEATURES (WHERE APPLICABLE) 

• Output clamping 

• Supply current adjustment 

• Offset voltage adjust 

• Disable/enable times 

• External compensation 

Parameters Not Modeled 

• Differential gain and phase 

• PSRR 

• Harmonic distortion 

• Fine scale settling performance 

• Thermal tail 
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Parameters Not Modeled (continued) • variation in performance vs. temperature 

• Part-to-part performance variation 

• Overdrive recovery time (Except for the CLC501and the 
CLC502) 

Notice 

The information provided within these files and documents is believed to be reliable and correct. National assumes no 
responsibility for alterations, omissions or inaccuracies. National assumes no responsibility for the use of this 
information, and all use of such information shall be entirely at the user’s own risk. National does not grant licenses or 
patent rights to any of the circuits described within this document. 


CLC109 



CLC111 


© 



(42) 



(44) 



(45) 


Note: Circled number denotes PIN number and number in parenthesis denotes NODE number 
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CLC402 



01278405 

Note: Circled number denotes PIN number and number in parenthesis denotes NODE number 
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CLC415 


( 7 ) 



01278414 

Note: Circled number denotes PIN number and number m parenthesis denotes NODE number 
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Note: Circled number denotes PIN number and number in parenthesis denotes NODE number 
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Note: Circled number denotes PIN number and number in parenthesis denotes NODE number 







CLC5802 


© 



(41) (43) (45) 


01278433 

Note: Circled number denotes PIN number and number in parenthesis denotes NODE number. 

The circuits included in this application note have been 
tested with National Semiconductor parts that may have 
been obsoleted and/or replaced with newer products. Please 
refer to the CLC to LMH conversion table to find the appro¬ 
priate replacement part for the obsolete device. 

References 

1. National’s 1993/1994 Databook and 1995 Databook 
Supplement of standard products. 

2. MicroSim Corporation, 20 Fairbanks, Irvine, CA 92718 
USA, (714) 770-3022, (800) 245-3022. 
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Wideband Op Amp Capable “Semiconductor 
of p Power Operation 



The CLC505 is a current-feedback operational amplifier with 
an externally-adjustable supply current whose AC perfor¬ 
mance can be tuned to meet the precise requirements of 
many high-speed applications. The CLC505 provides a 
small-signal bandwidth of 150MHz (A^ = +6) while drawing 
9mA supply current from ±5V power supplies. Reducing the 
supply current to 1mA decreases the bandwidth by only a 
third; 50MHz (A^ = +6). Please refer to the CLC505 data 
sheet for a full performance description over the 1 mA to 9mA 
supply current range. The following application note is in¬ 
tended to supplement the CLC505 data sheet describing its 
operation with quiescent supply currents at or below 1mA. 

Frequency Response Dependence 
on Supply Current 

Application note OA-13 describes the internal topology of a 
current-feedback amplifier and the dependence of its loop 
gain (and hence bandwidth) on the inverting-input imped¬ 
ance. For an ideal current-feedback amplifier, this imped¬ 
ance is zero and the amplifier’s frequency response is com¬ 
pletely independent of the signal gam. As the supply current 
of the CLC505 is reduced below the 1mA region, the 
inverting-input impedance increases to such a degree that 
Its effect on the loop-gam begins to dominate. To understand 
the impact of this impedance, as well as a similar increase m 
the output impedance (Rq) at low supply currents, the am¬ 
plifier’s internal block diagram, Figure 1, and resulting trans¬ 
fer function are shown. This analysis considers only the 
non-mvertmg op amp configuration but a similar result is 
obtained for the inverting configuration. 



tier’s inputs, while Rq represents the output impedance of 
the output voltage buffer. Z(s) is the frequency-dependent 
transimpedance gam which converts the error current (igrr). 
flowing through the inverting input, to a voltage which is 
buffered to the output. 

Both the inverting input and the output pins are voltage- 
output structures consisting of symmetric (PNP and NPN) 



z(s) 


( 1 ) 


where 

1 + — ^ desired noninverting signal gam 
Rg 


Ro will set a limit to the high frequency 

' ^ attenuation as the forward 

1 + — z(s) transimpedance gam, Z(s), become 

J very small. 



z(s} Loop Gam 


emitter followers (ref. 1), very similar to a Class AB power 
buffer (ref. 2, p 293). Emitter-follower outputs show an output 
impedance that is directly proportional to the operating tem¬ 
perature (K) and inversely proportional to the transistor’s 
quiescent current (Re = V/lc, = kT/q, ref. 2, p 398). As the 
supply current decreases, the portion of the supply current 
allocated to these stages also decreases causing an in¬ 
crease in both the inverting input impedance, R„ and the 
output impedance, Rq. Decreasing the supply current will 
also increase the DC open-loop gam, Zql, while decreasing 
the dominant pole frequency, Wq. However, the product of 
ZoL*Wo remains relatively constant over supply current and 
temperature. 

From the transfer function shown in Equation 1 
Rewriting Equation 1 m these terms 
Manipulating this into standard form 


FIGURE 1. Low Current CLC505 Analysis Topology 

An understanding of the transfer function given in Equation 1 
IS the central point of this discussion. The supply current’s 
dependence enters into this equation through the three in¬ 
ternal terms, R„ Rq, and Z(s). R, represents the output 
impedance of the unity-gain buffer found between the ampli- 
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Frequency Response Dependence 
on Supply Current (Continued) 


Let 1 + ^ = At desired signal gam 


2(S) = 


■ single pole, forward transimpedance gam 


zt = 


RlJ 


-Ro 1 + 


feedback transimpedance, this is the inverting 


error current, lerr resulting from Vq 


Loop gam 


z(s) 

zt 


( 2 ) 


V+ '' ^ ^ Zt(s + a)o) 

Zql^O 



^ fAtzoL 

S + Wn —r:; +1 

_Ro 

1 

1 

V+ “ Zf 

S + 0>o^-^ + 1 


then 



Vo Ro 

f At ^ 

s+ — ZolCOo 

V ° ) 


V+ Zf 

ZolCOo 

Zt 



^ y 


as s -> 0, DC gam, -^ = At 



V R 

high frequency gam, 


?2t»1 

Zt 


(3) 


Note that the zero frequency shown in Equation 3 is at a 
significantiy higher frequency than the poie frequency. Once 
the operating frequency approaches this zero frequency, 
Equation 3 predicts a minimum gain, Amm- This is generaliy 
not observed in practice, since the zero frequency of Equa¬ 
tion 3 is typicaiiy much higher than the frequencies at which 
R, and Rq start to show a normai emitter-foiiower inductive 
characteristic. To simpiify this anaiysis, the inductive charac¬ 
teristics of R, and Rq have been neglected. It should be 
noted that the inductive characteristics will continue to roll off 
the closed-loop response with attenuations much greater 
than that predicted by Am,n af high frequencies. The zero 
shown in the transfer function of Equation 3 will be neglected 
with the rest of this discussion focused on the ciosed-loop 
pole frequency. 

Looking at equation 3 again, the ciosed-loop response pole 
will be set by (ZoL*Wo)/Zt. As the supply current is changed, 
the ZoL*Wo product remains relativeiy constant. Figure 2 
shows the typicai open-ioop forward transimpedance gain, 
(20*iog(IZ(s)l)), piotted over frequency as the supply current 
is varied. Figure 3 shows this same forward ooen-looD qain 
at 1mA supply current plotted over the full military tempera¬ 
ture range. As iong as these forward gain responses fall on 
the same line in the 20dB/decade roil-off region, the Zol*Wo 
product remains constant. 


With a constant Zol*Wo term, the only element setting the 
bandwidth in the transfer function of equation 3 is the 
expression, equation 2. In general, it is advantageous to 
make Zt as smail as possible which wiil increase the loop 
gain and as a result improve harmonic distortion and extend 
the bandwidth. The iimit to the reduction of Zt comes when 
higher order poles of Z(s) degrade the phase margin at the 
unity-gain crossover of the ioop gain. For a given suppiy 
current and desired gain, decreasing Rf and increasing Rl 
wiii decrease Zt. An important limitation on decreasing Rf is 
the avaiiable output current drive. For the non-inverting con¬ 
figuration, Rf+Rg appears as an additionai ioad in paraiiel 
with Rl, while for the inverting configuration, only Rf appears 
as an additional load in parailei with Rl- 
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FIGURE 2. 20loglZ(s)i at Deferent Supply Currents 
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FIGURE 3. 20loglZ(s)l at 1mA = Ice Over Temperature 


Letting 1 + ^ = At, andRg = 
F»a 


Rf 

At-1 


Zf can be rewritten as 




AtR, 



+ Rf + Rq 




(4) 


Equation 4 emphasizes the gain dependence of Zf. At iow 
supply currents, R, becomes so large (SOOQ at 1 mA) as to 
cause the first term of Equation 4 to dominate. This part of 
the feedback transimpedance expression is directiy reiated 
to the desired signal gain, A"^v . As the gain is increased, Zf 
increases, decreasing the bandwidth. This bandwidth de- 
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Frequency Response Dependence 
on Supply Current (Continued) 

pendence on gain is analogous to that observed with 
voltage-feedback amplifiers. As such, for configurations 
which set the first term of equation 4 to be the dominant 
contributor to Zj, a gain-bandwidth (GBW) product charac¬ 
teristic will be observed. Figure 4 shows a test circuit used to 
measure the GBW as the supply current is decreased from 
1mA to 100mA over gains of +5, +10, and +20. At very low 
supply currents, slight DC-output currents due to offsets can 
change the AC performance. For this reason, the output 
DC-blocking capacitor was used to limit output DC currents. 

+5V 



20032906 


FIGURE 4. Test Circuit for Gain Bandwidth Product 
Measurement 

For the 1 mA case. Equations 2 and 3 were used to predict 
the small-signal -3dB bandwidth at the three gains of 
+5,+10, &+20. With Rp = 300kQ, l^c - 1mA, R, ^SOOQ, ^ 
500. and approximate Zol*Wo product = 27r120E9. Compute 
Zt from Equation 2 and expected -3dB bandwidth from 
Equation 3. 

The computed and measured results are shown in Table 1. 
Figure 5 shows the small-signal frequency responses for 
each of these gains normalized to enter the graph at the 
same point on the y-axis. 


TABLE 1. 


Gam 

Computed 

Zt 

Expected 
-3dB BW 

Measured 

-3dB BW 

Measured 

GBW 

Av" = 5 

3.78kQ 

32MHz 

57MHz 

285MHz 

> 

11 

o 

650kQ 

18.5MHz 

26MHz 

260MHz 

o 

<M 

II 

+ 

< 

11.9kQ 

10MHz 

11.5MHz 

230MHz 


The test results are in good agreement with the simplified 
analysis of Figure 5 at the highest gain tested, A^ = +20. At 
lower gains, several effects combine to extend the band¬ 
width beyond that predicted by this simplified analysis. Spe¬ 
cifically, all of the additional higher frequency poles of the 


open loop response can come into play at lower gams. 
These include both the inductive characteristics of the two 
output impedances and higher order poles for Z(s). This has 
the effect of decreasing the phase margin from the theoreti¬ 
cal 90° assumed by the single pole analysis Phase margins 
less than 90° but greater than 60° will extend the closed-loop 
bandwidth without peaking. 



10 ® 10 ® 10 ^ 10 ® 
Frequency (Hz) 
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FIGURE 5. Small Signal Frequency Response vs. Gain 
(Ice = 1mA) 

An additional effect serves to increase the measured band¬ 
width as the desired signal level is increased. As the fre¬ 
quency of operation increases (or as fast rise time signals 
are applied), an increase in the steady-state inverting-stage 
current is observed due to the increased Urr required when 
operating at these higher frequencies with reduced loop 
gain. This increasing error current, as the input is swept over 
higher frequencies, decreases the inverting input imped¬ 
ance. This frequency and signal level dependence of R, will 
decrease the value for Z^, increasing the loop gain and 
extending the bandwidth. This effect is particularly pro¬ 
nounced when the R*A^ term becomes a large part of the 
total Zt expression, at relatively high non-inverting or invert¬ 
ing gains. Under these conditions, the bandwidth actually 
increases as the signal level is increased. Figure 6 shows 
this effect for the A^ = +20 case of Figure 4 with l^c = 1 mA. 



0 Frequency (MHz) 15 

20032908 


FIGURE 6. Frequency Response vs. Signal Level 

For a given desired supply current, load impedance and 
signal gain, a close inspection of the feedback transimped¬ 
ance expression of Equation 4 shows that an optimum Rf 
can be found that will minimize Z^, maximizing the bandwidth 
and loop gain. This is a relatively shallow minimum with the 
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Frequency Response Dependence 
on Supply Current (Continued) 

resulting -3dB bandwidth not significantly different than for a 
fixed ^kQ = Rf. Nevertheless, solving for this optimum Rf 
yields the following. 

Table 2 on page 6 shows the required information to predict 
a gain-bandwidth product vs. supply current. At each supply 
current, the internal parameters (R„ Rq, and Zol*Wo) are 
shown. From this, an optimum Rf can be calculated using 
Equation 5. The measured small-signal bandwidth and GBW 
are then recorded. The measured -3dB bandwidths shown 
in table 2 agree very closely with those predicted from 
ZoL*Wo/Zt (evaluating this expression from the data given in 
this table and Equation 2 for Zf). 





(5) 

This estimate of GBW vs. supply current represents a very 
conservative estimate. As the signal gam is decreased from 
Ay = +2QNN, the GBW will increase as shown in Table 1. In 
addition, the measured bandwidth would increase as signal 
level IS increased, as discussed earlier, up to the point that 
output-stage drive current and slew limits come into consid¬ 
eration. The supply current and resulting GBW of Table 2 are 
plotted in Figure 7. This GBW should be taken as a minimum 
achievable value and a good starting point for estimating the 
bandwidth capability of the CLC505 at very low supply cur¬ 
rents. A PSPICE simulation macromodel available from Na¬ 
tional can be used to test the performance under different 
operating conditions. This macromodel reasonably simu¬ 
lates most of the effects discussed earlier. Transient simula¬ 
tion will even show the improved rise times at higher gains 
as the signal swing is increased. 



20032910 


FIGURE 7. Gain Bandwidth Product and Current Set 
Resistor vs. \cc 

A common way to illustrate the wideband capability of low- 
power amplifiers is through a MHz-per-mA figure of merit. 
Figure 8 shows the same data as Figure 7 with boundary 
regions for decades of MHz/mA shown. Two low-power 
Maxim op amps are also shown that claim superior MHz/ mA 
performance. Although certainly capable parts, the Maxim 
amplifiers are about a decade lower in performance than the 
CLC505. The CLC505, along with several other National 
wideband current-feedback amplifiers (such as the 
CLC406), push strongly above the 100MHz/mA barrier. The 
discussion thus far has assumed ±5 volt supplies. As will be 
discussed later, single supply operation is also possible. 



1MHz lOMHz 100MHz 1GHz 
Gain Bandwidth Product (GBW) 


FIGURE 8. GBW vs. Supply Current 


TABLE 2. Performance vs. Supply Current (Vgc = ±5V, T^ = 25°C, Rl = 1kl^) 


Rp 

^cc 

Ri 

Ro 

ZOL 

Wo 

ZolWo 

A^ = +20 
Optimum Rf 

A^ = +20 
-3d BW 

GBW 

300kn 

1mA 

50oa 

47a 

1.93Ma 

27r62kHz 

271120E9 

653a 

11.4MHz 

228MHz 

400ka 

800pA 

620Q 

64a 

2.46Ma 

27r49kHz 

27t121E9 

842a 

7.9MHz 

158MHz 

500kQ 

eoopA 

920Q 

8ia 

2.92Ma 

27r42kHz 

271123E9 

1.14ka 

60MHz 

120MHz 

eooka 

480mA 

1.16kn 

looa 

3.35vMHz 

27t38kHz 

27C127E9 

1.42ka 

4.6MHz 

92MHz 

900kQ 

260|jA 

1.97kQ 

139a 

1.76Ma 

27r26kHz 

27C123E9 

2.14ka 

2.7MHz 

54MHz 

iMa 

260pA 

2.27k^2 

185a 

5.13Ma 

27i25kHz 

27x128E9 

260ka 

2.6MHz 

46MHz 

1.3MQ 

160pA 

3.27kQ 

258a 

6.80Ma 

27c20kHz I 

27x136E9 

3.57ka 

1.6MHz 

32MHz 
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Secondary Effects of Low Supply 
Current Operation 

Besides having a profound effect on the small signal AC 
performance, low supply current operation of the CLC505 
will also modify most other performance characteristics. The 
most drastic effect is on the available output current. At 1mA 
supply current, the CLC505 data sheet guarantees ±5mA at 
25°C. This specification should be scaled down proportion¬ 
ately for operation below 1 mA. The non-inverting slew rate is 
retained with very low power levels due to a slew enhance¬ 
ment circuitry in the input buffer stage (e.g. at 1mA supply 
current, SR = 500V/ps for the particularly demanding condi¬ 
tion of Ay = +2) Both of the input bias currents will decrease 
with supply current but the input offset voltage and tempera¬ 
ture drift will become more pronounced. Recall that, for a 
current-feedback topology, the two input bias current terms 
are unrelated in both magnitude and polarity. Bias current 
cancellation to an offset-current specification is therefore 
ineffective. Please refer to the CLC505 data sheet for more 
information on these DC error terms at 1 mA. 

The most subtle effect is perhaps found with the noise 
performance. As Ice is reduced, all of the amplifier’s input 
referred noise terms show an increase in their 1/f noise 
corner frequencies. Also, an additional gain term for the 
inverting noise current becomes appreciable. Specifically, 
the inverting input impedance acts as an additional imped¬ 
ance gam for the inverting bias current noise. The noise 
model discussed in application note OA-12 (Noise Analysis 
for National’s Current-Feedback Amplifier’s) does not con¬ 
sider this effect and would therefore understate the total 
output noise. The simulation macromodel will, however, 
show the correct output noise including this effect. 

Taking Advantage of Voltage 
Feedback Characteristics 

Most of the design techniques developed for voltage- 
feedback amplifiers are applicable to the CLC505 operating 
at or below 1 mA supply current. One of the standard appli¬ 
cations for a voltage-feedback amplifier, that is not directly 
possible with a current-feedback part, is a simple integrator 
with direct capacitive feedback. Changing the feedback re¬ 
sistor to a capacitor and moving to the inverting integrator 
configuration will result in the following circuit. Figure 9, and 
transfer function. 



FIGURE 9. Analysis Circuit for Inverting Integrator 


Neglecting the high frequency zero due to Rq. Should set 
feedback transimpedance zero < higher order poles of Z(s). 
Also, high frequency feedback impedance should be > 1k^2 
Figure 10 shows a test circuit to demonstrate this integrator 
operation, while Figure 11 shows the resulting integration of 
a square wave (100kHz) input to an output triangle wave. 
Again the simulation macromodel for the CLC505 is very 
effective for analyzing the performance of these types of 
circuits. 


Vo 

V| 


-1 

sRgCf 


z(s) 


Jr [ +i] + R ] 

'■"c,(r,||r,h.r„||r,) 

'I iR'-h j J 

s 


Cf(R,||Rg+RoiRL) 


< 2 jt(l 0 20 MHz) for Ice ^ ImA 


R| —n^ + 1 I + Rq > Iko 
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Figure 12 shows the simulated gain and phase for the inte¬ 
grator shown in Figure 10. Note that the DC gain of 66dB is 
comparable to other high-speed voltage-feedback amplifiers 
(such as the CLC420) while the supply current for this inte¬ 
grator is a very low 500pA. 
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FIGURE 10. Low Power Integrator Test Circuit 
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Taking Advantage of Voltage 
Feedback Characteristics (Continued) 



FIGURE 11. Integrator Output to Square Wave Input 


this case. The capacitors also prevent any DC currents from 
flowing in the output pin and reduce the DC amplifier gam to 
1, which will hold the output pin DC operating point equal to 
the non-inverting input (centered between the supply pins.) 
At least 6 volts across the part’s supply pins is required to 
give some signal swing capability at the input stage from 
common-mode input range considerations. The amplifier’s 
AC gain has been set for +2 and the filter components have 
been adjusted to allow for the amplifier’s bandwidth (ref. 3). 
Figure 14 shows the frequency response for just the ampli¬ 
fier. At this very low power and gain some peaking due to a 
loss of phase margin is observed. This will not effect the filter 
performance however. The 9MHz bandwidth is more than 
adequate to implement the desired 400kHz Butterworth low- 
pass filter. Figure 15 shows the measured filter frequency 
response. The desired cutoff was achieved precisely. The 
loss in rolloff at higher frequencies arises from a direct signal 
coupling to the output through the filter components after the 
amplifier has stopped controlling the output voltage. 



FIGURE 12, Integrator Frequency Response 

To implement the Sallen-Key type of active filters, it is gen¬ 
erally desirable to have an amplifier bandwidth at least 
twenty times the desired cutoff frequency. It is also desirable 
to operate the amplifier at reiatively iow gains. Figure 13 
shows a test circuit used to demonstrate the CLC505’s 
capability of implementing very low-power single-supply 
high-frequency active filters 


+6V 
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FIGURE 13. Single Supply pPower Active Filter 

hor low-power singie-suppiy operaiion, aii of ihe signal 
nodes need to be AC coupled. The three 0.1 pF capacitors 
provide this function. This allows the non-inverting input pin 
to be biased at a midpoint between the supply pins, +3V in 


FIGURE 14. Very Low Power, Single Supply, Amplifier 
Frequency Response 
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FIGURE 15. Very Low Power, Single Supply, Active 
Filter Frequency Response 


Conclusions and Caveats 

The CLC505 adjustable supply current op amp offers one of 
the highest MHz-per-mA performance levels available in a 
monolithic amplifier. A simplified analysis can do a good job 
of predicting the gain-bandwidth product under a variety of 
supply current, gain, feedback resistor, and loading condi¬ 
tions. A PSPICE simulation model available from National 
does an even better job of predicting performance over a 
wide variety of conditions. Although the internal topology of 
the CLC505 uses a current-feedback approach, at very low 
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Conclusions and Caveats (Continued) 

supply currents this part may be treated more like a voltage- 
feedback amplifier having a gain-bandwidth product. Very 
high-speed integrators and active filters may be imple¬ 
mented at exceptionally low supply currents. 

Due to leakage effects, the part-to-part tolerance on supply 
current for a fixed Rp becomes greater as the desired nomi¬ 
nal supply current is decreased. At Rp = 300kn, National 
guarantees a maximum 1.3mA supply current at 25°C from a 
nominal 1 mA value. If a closer tolerance at this, or lower, 
supply currents is required, please contact National for fur¬ 
ther information. 
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find the appropriate replacement part for the obsolete 
device. 
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One question continuously troubles the analog design engi¬ 
neer: "Which amplifier topology is better for my application, 
current feedback or voltage feedback?" In most applications, 
the differences between current feedback (CFB) and voltage 
feedback (VFB) are not apparent. Today’s CFB and VFB 
amplifiers have comparable performance, but there are cer¬ 
tain unique advantages associated with each topology. In 
general, VFB amplifiers offer: 

• Lower Noise 

• Better DC Performance 

• Feedback Freedom 

Aside from the well-known attribute of CFB amplifiers, 
gain-bandwidth independence, CFB amplifiers also tend to 
offer: 

• Faster Slew Rates 

• Lower Distortion 

• Feedback Restrictions 

With these common attributes known, the design engineer 
may still ask: "Why?" This article will examine the basics of 
the CFB amplifier in comparison with the VFB amplifier. The 
following aspects of each topology will be examined: 


• Closed loop characteristics 

• Open loop characteristics 

• Input stage differences and advantages 

Once these aspects are examined, it will become apparent 
why VFB amplifiers have better DC specifications and why 
CFB amplifiers have higher bandwidths for the same power 
and better linear phase performance over wider bands. Fi¬ 
nally, an Internal look at the CFB amplifier will explain why 
distortion and slew rate are enhanced by its topology. 

Closed Loop Characteristics 

The basic amplifier design schematics and their equations 
hold true for both amplifier topologies. Figure 1 shows the 
basic circuit topologies and transfer functions for inverting 
and non-inverting gain configurations. These hold true for 
both CFB and VFB amplifiers. One point to remember is that 
the value of the feedback resistor is limited for CFB amplifi¬ 
ers. The CFB amplifier data sheet will provide the recom¬ 
mended Rf value. 


Rf Rf 




FIGURE 1. Basic Inverting and Non-Inverting Gain Topologies Hold True for CFB and VFB Amplifiers 


These transfer functions assume ideal conditions. Linder 
ideal conditions, the open loop gain A(s) of a VFB amplifier 
and the open loop transimpedance gain Z(s) of a CFB 
amplifier are infinite. Therefore, the ideal transfer function, 
for the non-inverting topology, is generated as follows: 


The output is equal to the input multiplied by the gain, G. 


Vo Rf " Rg 
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VFB Open Loop Characteristics 

The fundamental differences between VFB and CFB ampli¬ 
fiers begin to show when comparing their open-loop charac¬ 
teristics. Figure 2 illustrates the open-loop characteristics of 
a VFB amplifier. 
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FIGURE 2. VFB Open-loop Characteristics 

The ideal open-loop terminal characteristics are: 

• Infinite non-inverting and inverting input impedances 

• Zero output impedance 

The output is a voltage source that is controlled by the 
potential difference between the two input terminals of the 
amplifier, also called the error voltage (Vp = - V 2 ). The 

output is equal to this error voltage multiplied by the open 
loop gain, A(s). Once the loop is closed, feedback will at¬ 
tempt to drive the error voltage to zero, hence the term 
voltage feedback. 


Gain Bandwidth Product 

Refer to the non-inverting gam topology of Figure 1. Remem¬ 
ber that the open loop gam of a non-ideal amplifier is finite. 
Reevaluating, the non-ideal transfer function for a VFB am¬ 
plifier becomes; 
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As long as A>>G then the denominator becomes 1 and the 
amplifier behaves as it did in the ideal case. 

The actual open loop gam is large at DC and rolls off at a 
rate of 6dB per octave, through most of the frequency range. 
As the frequency increases, the value of A(s) decreases. 
When A(s) = G, the overall gain of the circuit will be half its 
DC value. This is commonly referred to as the -3dB band¬ 


width of the amplifier. The rate at which the bandwidth de¬ 
creases IS proportional to 1/G. For most of the frequency 
range, the product of gain and bandwidth becomes constant. 
This IS referred to as the gam-bandwidth product (GBP). 
GBP prevents VFB amplifiers from obtaining high gam and 
high bandwidths simultaneously. This is illustrated in Figure 
3. 




lx. 


Bandwidth B Bandwidth A 
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FIGURE 3. Open-Loop Gain A(s) and Illustration of the 
GBP for VFB Amplifiers 


CFB Open-Loop Characteristics 

Figure 4 illustrates the open-loop characteristics of a CFB 
amplifier 



FIGURE 4. CFB Open-Loop Characteristics 

There is a unity-gain buffer between the two inputs of the 
CFB amplifier. Ideally, this buffer has infinite input imped¬ 
ance and zero output impedance. Therefore, the ideal open- 
loop terminal characteristics are. 

• Infinite non-mvertmg input impedance 

• Zero inverting input impedance 

• Zero output impedance 

The output is a voltage source controlled by the error cur¬ 
rent, lerror. out of the inverting input. Once the loop is closed, 
feedback will attempt to drive the error current to zero, hence 
the term current feedback. 

Gain Bandwidth Independence 

CFB amplifiers are known for their gain-bandwidth indepen¬ 
dence. The reason for this attribute is explained by calculat¬ 
ing the transfer function of a non-ideal CFB amplifier. The 
evaluation of the transfer function for non-inverting configu- 
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Gain Bandwidth Independence 

(Continued) 

ration is shown. The transfer function for an inverting con¬ 
figuration also Illustrates the gain-bandwidth independence. 

I - Vm-Vo , V.n 

R, Rg 
Vq = Z(s) Igrror 

Vq V.n-Vo ,V.n 

Z(S) R, Rg 
Vg _ R| Rg 

v,„'_L+JL 

Z(s) R, 


• Good common mode rejection ratio (CMRR) 

A close look at the input stages of both topologies will explain 
why VFB amplifiers tend to have better DC specifications. 



01501409 

function looks very similar to the VFB 
transfer function. As long as Z>>Rf then the amplifier be¬ 
haves as in the ideal case. Once Z(s) drops to where it 
equals Rf, then the gain is lowered to 1/2 its DC value. This 
differs from the VFB case where gain is determined by both 
Rf and Rg . For CFB amplifiers, if the gain is increased by 
lowering Rg, rather than increasing Rf, then the bandwidth is 
independent of gain. 

This expression explains the importance of Rf for CFB am¬ 
plifiers. CFB amplifier data sheets provide the recommended 
Rf values for various gain settings. An excessively large or 
small Rf will compromise stability. Within reason, the feed¬ 
back resistor can be used to adjust the frequency response. 
As a rule of thumb, if the value of the recommended Rf Is 
doubled, then the bandwidth will be cut in half. 

An Internal look at the VFB 
Topology 

By observing the open-loop characteristics of both amplifier 
topologies, the differences begin to become apparent. How¬ 
ever, a closer look at the input stages will shed more insight 
into the battle, CFB vs. VFB. A typical VFB amplifier input 
stage is shown in Figure 5. It is a common fact that VFB 
amplifiers tend to have better DC specifications than CFB 
amplifiers. Most VFB amplifiers have: 

• Low input offset voltage (V,o) 

• Matched input bias currents (If,) 

• High power supply rejection ratio (PSRR) 


01501410 

FIGURE 5. Typical VFB Input Stage 

The structure of the VFB input stage is the reason for better 
DC specifications. A VFB input stage is often a simple differ¬ 
ential pair, two identical bipolar transistors at the same bias 
current and voltage. This configuration is often called a 
balanced circuit because of the symmetry between the two 
inputs. Because of this symmetry, there will be no input offset 
voltage unless the devices do not match. 

The inputs are the bases of the two transistors. Although the 
absolute base currents, or input bias currents, may vary 
considerably due to process variation and temperature, 
again unless the devices are not identical, the input bias 
currents will match. 

When either the supply voltage or the common mode input 
voltage is altered, the change in the collector to emitter 
voltages is matched for both of the input transistors. 
Changes in the devices bias point could effect offset, but 
again due to the balanced topology, the bias currents match 
and offset voltage is little effected. The result of this is good 
CMRR and PSRR. 

An Internal Look at the CFB 
Topology 

The input stage of a CFB amplifier will also describe a few 
inherent DC traits of the CFB amplifier: 

• Nonzero V,o 

• Unmatched I 5 

The input stage of a typical CFB amplifier is illustrated in 
Figure 6. It is a voltage buffer. For the offset voltage to be 
zero, the Vg© of the NPN transistors would have to match the 
Vgg of the PNP. Since these devices are constructed differ¬ 
ently, there is no reason why they would inherently match. 
Bias currents in CFB amplifiers are also fundamentally mis¬ 
matched. The non-inverting bias current is the difference 
between two base currents where the inverting bias current 
depends on the errors produced in the next stage. 


V|n Z(s) + Rf 
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An Internal Look at the CFB 
Topology (Continued) 



FIGURE 6. Typical CFB Amplifier Input Stage 


Advantages of the CFB Topology 

One hidden advantage of current feedback amplifiers is that 
they usually require fewer internal gain stages than their 
voltage feedback counterparts. Often a current feedback 
amplifier consists of merely an input buffer, one gain stage 
and an output buffer. Having fewer stages means less delay 
through the open-loop circuit. This translates into higher 
bandwidths for the same power. 

The basic CFB topology in Figure 7 is a single-stage ampli¬ 
fier. The only high impedance node in the circuit is at the 
input to the output buffer. VFB amplifiers usually require two 
or more stages for sufficient loop-gain. These additional 
stages add delay and yield lower stable bandwidths. 

Distortion 

The distortion of an amplifier is impacted by the open-loop 
distortion of the amplifier and the overall speed of the closed- 
loop circuit. The amount of open-loop distortion contributed 
by a CFB amplifier is small due to the basic symmetry of the 
topology. Figure 7 illustrates a typical CFB topology. For 
every NPN transistor, there is a complimentary PNP transis¬ 
tor. Speed is the other main contributor to distortion. In many 
gain configurations, a CFB amplifier has a greater bandwidth 


than its VFB counterpart. So at a given signal frequency, the 
faster part has greater loop-gam and therefore lower distor¬ 
tion 
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FIGURE 7. Basic CFB Topology 

Slew Rate 

Slew rate performance is also enhanced by the CFB topol¬ 
ogy. Refer to the typical CFB topology of Figure 7. The slew 
rate is determined by the rate at which the second two 
transistors can charge the compensation capacitors, Cg. The 
current that can be sourced by these transistors is dynamic. 
It IS not limited to any fixed value as is often the case in VFB 
topologies. With a step input or overload condition, the cur¬ 
rent flowing through the transistors is increased and the 
overdriven condition is quickly removed. To the first order, 
there is no slew rate limit in this architecture. Some VFB 
amplifiers have input structures similar to CFB amplifiers in 
order to take advantage of the higher slew rate possibilities. 
The combination of higher bandwidths and slew rate allows 
CFB devices to have respectable distortion performance 
while doing so at a lower power. 

The basic current feedback amplifier has no fundamental 
slew-rate limit. Limits only come about by parasitic transistor 
capacitances and many strides have been made to reduce 
even their effects. 

The availability of high-speed operational amplifiers in both 
CFB and VFB topologies allows design engineers to select 
the best amplifier to fit his/her needs. A CFB amplifier com¬ 
pliments an application that requires high slew rates, low 
distortion, or the ability to set gain and bandwidth indepen¬ 
dently. While a VFB amplifier compliments an application 
where low offset voltage or low noise specifications are 
required. 
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In their effort to approximate the ideal op amp, manufactur¬ 
ers must not only maximize the open-loop gam and minimize 
input-referred errors such as offset voltage, bias current, and 
noise, but must also ensure adequate band-width and 
settling-time characteristics. Amplifier dynamics are particu¬ 
larly important in applications like high-speed DAC buffers, 
subranging ADCs, S/H circuits, ATE pin drivers, and video 
and IF drivers. (Reference 1) 

Being basically voltage-processing devices, op amps are 
subject to the speed limitations inherent to voltage-mode 
operation, stemming primarily from the stray capacitances of 
nodes and the cutoff frequencies of transistors. Particularly 
severe is the effect of the stray capacitances between the 
input and output nodes of high-gain inverting stages be¬ 
cause of the Miller effect which multiplies the stray capaci¬ 
tance by the voltage gain of the stage. 

On the other hand, it has long been recognized that current 
manipulation is inherently faster than voltage manipulation. 
The effect of stray inductances in a circuit is usually less 
severe than that of its stray capacitances, and BJTs can 
switch currents much more rapidly than voltages. These 
technological reasons form the basis of emitter-coupled 
logic, bipolar DACs, current conveyors, and the high-speed 
amplifier topology know as current-feedback. (Reference 2) 
For true current-mode operation, all nodes in the circuit 
should ideally be kept at fixed voltages to avoid the 
slow-down effect by their stray capacitances. However, since 
the output of the amplifier must be a voltage, some form of 
high-speed voltage-mode operation must also be provided at 
some point. This is achieved by employing gain configura¬ 
tions that are inherently immune from the Miller effect, such 
as the common-collector and the cascode configurations, 
and by driving the nodes with push-pull stages to rapidly 
charge/discharge their stray capacitances. 

To ensure symmetric rise and fall times, the npn and pnp 
transistors must have comparable characteristics in terns of 
cutoff frequency ft. Traditionally, monollthics pnp’s have been 
plagued by much poorer performance characteristics than 
their npn counterparts. However, the recent development of 
truly complementary high-speed processes makes it pos¬ 
sible to achieve monolithics speeds that were hitherto avail¬ 
able only in hybrid form. 

The advantages of the current-feedback topology are best 
appreciated by comparing it against that of the conventional 
op amp. (Reference 3, Reference 4) 

The Conventional Op Amp 

The conventional op amp consists of a high input-impedance 
differential stage followed by additional gain stages, the last 
of which is a low output-impedance stage. As shown in the 
circuit model of Figure 1 A, the op amp transfer characteristic 
is 

Vo = a(jf)Vd (1) 

where Vq is the output voltage; = Vp - Vp is the differen¬ 
tial input voltage; and a (jf), a complex function of frequency 
ft, is the open-loop gain. 


Connecting an external network as in Figure 1B creates a 
feedback path along which a signal in the form of a voltage 
is derived from the output and applied to the non-inverting 
input. By inspection. 


( 2 ) 



(a) 



(b) 


FIGURE 1. Circuit modei of the conventionai op amp, 
and connection as a non-inverting ampiifier. 

Substituting into Eq. (1), collecting, and solving for the ratio 
Vc/V, yields the familiar non-inverting amplifier transfer char¬ 
acteristic 

( 3 ) 




WWW. national com 


3-90 




The Conventional Op Amp (Continued) 

where A (jf) represents the closed-loop gam, and 


TOO = 


apt) 

1 + R2/R^ 


represents the loop gam. 


( 4 ) 


The designation loop gain stems from the fact that if we 
break the loop as in Figure 2a and inject a test signal with 
V, suppressed, the circuit will first attenuate to produce Vp 
= W(1 + Rg/Ri)! and then amplify Vp to produce Vq = - 
aVp Hence, the gam experienced by a signal m going 
around the loop is V^/Vx = -a/(1 + R 2 /R 1 ). The negative of 
this ratio represents the loop gam , T = -(VoA/x). Hence, Eg. 
( 4 ). 


The loop gain gives a measure of how close A is to the ideal 
value 1 + R 2 /R 1 , also called the noise gain of the circuit By 
Eq. (3), the larger T, the better. To ensure substantial loop 
gam over a wide range of closed-loop gains, op amp manu¬ 
facturers strive to make a as large as possible. Conse¬ 
quently, Vd will assume extremely small values since = 
Vp/a. In the limit a we obtain ^ 0, that is, Vp Vp. 
This forms the basis of the familiar op amp rule: when 
operated with negative feedback, an op amp will provide 
whatever output voltage and current are needed to ideally 
force Vp to follow Vp. 




FIGURE 2. Test circuit to find the loop gain, and grapnical method to determine the closed-loop bandwidth 


Gain Bandwidth Tradeoff 

Large open-loop gams can physically be realized only over a 
limited frequency range. Past this range, gain rolls off with 
frequency. Most op amps are designed for a constant rolloff 
of -20dB/dec, so that the open-loop response can be ex¬ 
pressed as 


( 5 ) 

where represents the dc gain, and f^ is the -3dB fre¬ 
quency of the open-loop response. Both parameters can be 
found from the data sheets. For example, the 741 op amp 
has ao = 2 X 10® and f^ s 5Hz. 

Substituting Eq. (5) into Eq. (4) and then into Eq. (3), and 
exploiting the fact that (1 + R 2 /R 1 ) Bq <<, we obtain 


AOf) = 


1+R2/R1 


where 


( 6 ) 


( 7 ) 


represents the closed-loop bandwidth, and ft = apfa repre¬ 
sents the open-loop unity-gain frequency, that is the fre¬ 
quency at which I a I = 1. For instance, the 741 op amp has 
ft = 2x10®x5 = 1 MHz. 

Equation (7) reveals a gam-bandwidth tradeoff. As we raise 
the R 2 /R 1 ratio to increase the closed-loop gain, we also 
decrease its bandwidth in the process. Moreover, by Eq. (4), 
the loop-gain is also decreased, thus leading to a greater 
closed-loop gam error. 

The above concepts can also be visualized graphically. 
Since Eq. (4) implies I T I dB = 20 log I T I = 20 log I a I - 20 
log (1 + R 2 /R 1 ) = I a I dB - (1 + R 2 /Ri)dB> it follows that the 
loop gain can be found graphically as the difference between 
the open-loop gain and the noise gam. This is shown m 
Figure 2b. The frequency at which the two curves meet is 
called the crossover frequency. At this frequency we have T 
= -j, that IS, I A I = (1 + R 2 /R 1 )/ ^2. Thus, the crossover 
frequency represents the - 3dB frequency of the closed-loop 
response, that is, the closed-loop bandwidth fA- 
We now see that increasing the closed-loop gain shifts the 
noise-gain curve upward, thus reducing the loop gain, and 
causes the crosspoint to move up the I a I curve, thus 
decreasing the closed-loop bandwidth. Clearly, the circuit 
with the widest bandwidth and the highest loop gain is also 
the one with the lowest closed-loop gain. This is the voltage 
follower, for which R 2 /R 1 = 0, so that A = 1 and fA = ff 
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Slew-Rate Limiting 

To fully characterize the dynamic behavior of an op amp, we 
also need to know its transient response. If an op amp with 
the response of Eq. (5) is operated as a unity-gain voltage 
follower and is subjected to a suitably small voltage step, its 
dynamic behavior will be similiar to that of an RC network. 
Applying an input step AV, will cause the output to undergo 
an exponential transition with magnitude AVq = AV„ and with 
time-constant x = 1/(27ift). For the 741 op amp we have x = 
1/(2tcx 10 ®) = 170ns. 

The rate at which the output changes with time is highest at 
the beginning of the exponential transition, when its value is 
AVq/t. Increasing the step magnitude increases this initial 
rate of change, until the latter will saturate at a value called 
the slew-rate (SR). This effect stems from the limited ability 
of the internal circuitry to charge/discharge capacitive loads, 
especially the compensation capacitor responsible for 
open-loop bandwidth f^. 

To illustrate, refer to the circuit model of Figure 3, which is 
typical of many op amps (Reference 4). The input stage is a 
transconductance block consisting of differential pair Q-,-Q2 
and current mirror Q3-Q4. The remaining stages are lumped 
together as an integrator block consisting of an inverting 
amplifier and the compensation capacitor C. Slew-rate limit¬ 
ing occurs when the transconductance stage is driven into 
saturation, so that all the current available to 
charge/discharge C is the bias current / of this stage. For 
example, the 741 op amp has I = 20pA and C = 30 pF, so 
that SR = I/C = 0.67 V/ps. 

The step magnitude corresponding to the onset of slew-rate 
limiting is such that AV/x = SR, that is, AV, = SR x x = (0.67 
V/ps) X (170ns) = 116mV. As long as the step is less than 
116 mV, a 741 voltage follower will respond with an expo¬ 
nential transition governed by x = 170 ns, whereas for a 
greater input step the output will slew at a constant rate of 
0.67 V/ps. 



FIGURE 3. Simplified slew-rate model of a 
conventional op amp 

In many applications the dynamic parameter of greatest 
concern is the settling time, that is, the time it takes for the 


output to settle and remain within a specified band around its 
final value, usually for a full-scale output transition. Clearly, 
slew-rate limiting plays an important role in the settling-time 
characteristic of the device. 

The Current-Feedback Amplifier 

As shown in the circuit model of Figure 4, the architecture of 
the current-feedback amplifier (CF amp) differs from the 
conventional op amp in two respects: (Reference 2) 

1. The input stage is a unity-gain voltage buffer connected 
across the inputs of the op amp. its function is to force Vp 
to follow Vp, very much like a conventional op amp does 
via negative feedback. However, because of the low out¬ 
put impedance of this buffer, current can easily flow in or 
out of the inverting input, though we shall see that in 
normal operation this current is extremely small. 




(b) 


FIGURE 4. Circuit model of the current -feedback 
amplifier, and connection as a non-inverting amplifier 

2. Amplification is provided by a transimpedance amplifier 
which senses the current delivered by the buffer to the 
external feedback network, and produces an output volt¬ 
age Vo such that 

Vo = z(jf)lo (8) 

where A z(jf) represents the transimpedance gain of the 
amplifier, in V/A or Q, ind In is the current out of the inverting 
input. 
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The Current-Feedback Amplifier 

(Continued) 

To fully appreciate the inner workings of the CF amp, it is 
instructive to examine the simplified circuit diagram of Figure 
5a. The input buffer consists of transistors through Q 4 . 
While and Qg form a low output-impedance push-pull 
stage, Q 3 and Q 4 provide compensation for the 
push-pull pair, as well as a Darlington function to raise the 
input impedance. 

Summing currents at the Inverting node yields I 1 - I 2 = Ip, 
where li and Ig are the push-pull transistor currents. Two 
Wilson current mirrors, consisting of transistors Q 9 -Q 10 -Q 11 
and Q 13 -Q 14 -Q 15 , reflect these currents and recombine 
them at a common node, whose equivalent capacitance to 
ground has been designated as C. By mirror action, the 
current through this capacitance is l^ = l^ - I 2 , that is 


Ic = In (9) 

The voltage developed by C in response to this current is 
then conveyed to the output via a second buffer, consisting 
of Qg through Qq. The salient features of the CF amp are 
summarized in block diagram form in Figure 5b. 

When the amplifier loop is closed as in Figure 4b, and 
whenever an external signal tries to imbalance the two in¬ 
puts, the input buffer will begin sourcing (or sinking) an 
imbalance current to the external resistances. This imbal¬ 
ance is the conveyed by the Wilson mirrors to capacitor C, 
causing Vq to swing in the positive (or negative) direction 
until the original imbalance is neutralized via the negative 
feedback loop, thus. In plays the role of error signal in the 
system. 




FIGURE 5. Simplified circuit diagram and block diagram of a current-feedback amplifier 


To obtain the closed-loop transfer characteristic, refer again 
to Figure 4b. Summing currents at the inverting node yields 


n-Ri R2 


( 10 ) 


Since the buffer ensures Vp Vp V, we can rewrite as 


( 11 ) 


confirming that the feedback signal V 0 /R 2 is now in the form 
of a current. Substituting into Eq. ( 8 ), collecting and solving 
for the ratio Vq/V, yields 



1 

1 + 1 /TOf) 


( 12 ) 


where A (jf) represents the closed-loop gain of the circuit, 
and 



(13) 

represents the loop gain. This designation stems again from 
the fact that if we break the loop as in Figure 6 a, and inject 
a test voltage with the input V, suppressed, the circuit will 
first convert to the current Ip = - Vx/R 2 , and then convert 
Ip to the voltage Vq = zip, so that T = -(VqA/x) = Z/R 2 , as 
expected. 

In an effort to ensure substantial loop gain to reduce the 
closed-loop gain error, manufacturers strive to make z as 
large as possible relative to the expected values of R 2 . 
Consequently, since Ip = Vq/z, the inverting-input current will 
be very small, though this input is a low-impedance node 
because of the buffer. In the limit z we obtain Ip -> 0, 
indicating that a CF amp will provide whatever output voltage 
and current are needed to ideally drive to zero. Thus, the 
conventional op amp conditions Vp = Vp and Ip = Ip = 0 hold 
for CF amps as well. 
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The Current-Feedback Amplifier (Continued) 




(a) (b) 

FIGURE 6. Test circuit to find the loop gain, and graphicai method to determine the close-loop bandwidth 


No Gain-Bandwidth Tradeoff 

The transimpedance gain of a practical CF amp rolls off with 
frequency according to 


(14) 

where Zq is the dc value of the transimpedance gain, and fa 
is the frequency at which rolloff begins. For instance, from 
the data sheets of the CLC401 CF amp (Comlinear Co.) we 
find Zq = 710 kQ, and fa = 350 kHz. 

Substituting Eq. (14) into Eq. (13) and then into Eq. (12), and 
exploiting the fact that R^/Zq << 1 , we obtain 


A(|f) = 


1 + R2/R1 

1 +j(f/fA) 


where 


(15) 



(16) 

represents the closed-loop bandwidth, for Rg in the WQ, 
range, f^ is typically in the 100MHz. Retracing previous 
reasoning, we see that the noise-gain curve is now Rg, and 
that f^ can be found graphically as the frequency at which 
this curve meets the I z I curve, see Figure 6b. 

Comparing with Eq. (6) and (7), we note that the closed-loop 
gain expressions are formally identical. 

However, the bandwidth now depends only on Rg rather than 
on the closed-loop gain 1 - 1 - R 2 /R 1 . Consequently, we can 
use R 2 to select the bandwidth, and R-, to select the band¬ 
width, and R-i to select the gain. The ability to control gam 
independently of bandwidth constitutes a major advantage 
of CF amps over conventional op amps, especially in auto¬ 
matic gain control applications. This important difference is 
highlighted in Figure 7. 


GAIN GAIN 




FIGURE 7. Comparing the gain-bandwidth relationship of conventional op amps and current-feedback amplifiers. 
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Absence of Slew-Rate Limiting 

The other major advantage of CF amps is the inherent 
absence of slew-rate limiting. This stems from the fact that 
the current available to charge the internal capacitance at 
the onset of a step is proportional to the step regardless of its 
size. Indeed, applying a step AV, induces, by Eq. (11), an 
initial current imbalance In = AV,/(Ri II R 2 ), which the Wilson 
mirrors then convey to the capacitor. The initial rate of 
charge is, therefore, l^/C = In/C = AV/[(R-, II R2)C]=[AV,(1 + 
R 2 /R 1 )] / (R 2 C) = AVo/(R 2 C), indicating an exponential out¬ 
put transition with time-constant x = R 2 C Like the frequency 
response, the transient response is governed by R 2 alone, 
regardless of the closed-loop gain. With R 2 in the kQ range 
and C in the pF range, x comes out in the ns range. 

The rise time is defined as the amount of time tr it takes for 
the output to swing from 10% to 90% of the step size For an 
exponential transition, tr = x x In (0.9/0.1) = 2.2x. 

For example, the CLC401 has tr = 2.5 ns for a 2V output 
step, indicating an effective x of 1.14 ns. The time it takes for 
the output to settle within 0.1% of the final value is tg = x In 
1000 s 7x. For the CLC401, this yields tg = 8 ns, in reason¬ 
able agreement with the data sheet value of 10 ns. 

The absence of slew-rate limiting not only allows for faster 
settling times, but also eliminates slew-rate related nonlin- 
earities such as intermodulation distortion, this makes CF 
amps attractive in high-quality audio amplifier applications. 


Second-Order Effects 

The above analysis indicates that once Rg has been set, the 
dynamics of the amplifier are unaffected by the closed-loop 
gam setting In practice it is found that bandwidth and rise 
time do vary with gain somewhat, though not as drastically 
as with conventional op amps. 

The mam cause is the non-zero output impedance of the 
input buffer, whose effect is to alter the loop gain and, hence, 
the closed-loop dynamics. 

Referring to Figure 8a and denoting this impedance as Rq, 
we note that the circuit first converts to a current Ir 2 = 
Vx/(R 2 + Ri I Rq). then it divides If ,2 to produce = Ir 2 Ri/(Ri 
- h Rq), and finally it converts to the voltage = zip. 
Eliminating Ir 2 and Ip and letting T = -Vq/Vx yields T = 2 JZ 2 , 
where 

(17) 

Thus, the effect of Rq is to increase the noise gain from R 2 to 
R2[1 + Ro/(Ri I R 2 )]> see Figure 8b, curve 1. Consequently, 
both bandwidth and rise time will be reduced by a propor¬ 
tional amount. 




FIGURE 8. Test circuit to investigat the effect of Rq, and noise-gain curves for the case of: (1) purely resistive 
feedback, (2) a capacitance in parallel with R 2 , and (3) the same capacitance in parallel of R-,. 


Replacing R 2 with in Eq. (16) yields, after simple manipu¬ 
lation. 



(18) 

where ft = Zofa/R 2 represents the extrapolated value of fA in 
the limit Rq ->0. This equation indicates that bandwidth 
reduction due to Rq will be more pronounced at high 
closed-loop gams. As an example, suppose a CF amp has 
Ro = 50a. R 2 = 1.5 ka, and ft = 10OMHz, so that fA = 10®/[1 
+ (50/1500)A°] = 10®/ (1 + Ao/30), where Ao = 1 + R 2 /R 1 . 
Then, the bandwidths corresponding to Aq = 1, 10, and 100 
are, respectively, ft = 96.8 MHz, f^o = 75.0 MHz, and ftoo = 
23.1 MHz. Note that these values still compare favorably 
with a conventional op amp, whose bandwidth would be 
reduced, respectively, by 1, 10, and 100 


If so desired, the external resistance values can be predis¬ 
torted to compensate for the bandwidth reduction at high 
gains, turning Eq. (18) around yields the required value of R 2 
for a given bandwidth fA and gain Aq. 


(19) 

while the required value of R-i for the given gain Aq is 


( 20 ) 

As an example, suppose we want the above amplifier to 
retain its 100 MHz bandwidth at a closed-loop gain of 10. 
Since with R 2 = 1.5k^2 this device has Zofa/R 2 = 100 MHz, it 
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Second-Order Effects (Continued) 

follows that ZqP = 10® X 1500 = 1.5 x 10^^ ^2 x Hz. Then, the 
above equations yield R 2 = 1.5 x 10^"* /10® - 50 x 10 = 1 kQ, 
and Ri = 1000/(10- 1) = 111 a. 

Besides the dominant pole at fa, the open-loop response of a 
practical amplifier presents additional poles above the cross¬ 
over frequency. As shown in Figure 8b, the effect of these 
poles is to cause a stepper gain rolloff at this frequency, 
further reducing the closed-loop bandwidth. 

Moreover, the additional phase-shift due to these poles de¬ 
creases the phase margin somewhat, thus causing a small 
amount of peaking in the frequency response, and ringing in 
the transient response. 

Finally, it must be said that the rise time of a practical CF 
amp does increase with the step size somewhat, due prima¬ 
rily to transistor current gain degradation at high current 
levels. For instance, the rise time of the CLC401 changes 
from 2.5 ns to 5 ns as the step size is changed from 2V to 5V. 
In spite of second-order limitations, CF amps still provide 
superior dynamics. 

CF Applications Considerations 

Although, the above treatment has focused on the noninvert¬ 
ing configuration, the CF amp will work as well in most other 
resistive feedback configurations, such as the inverting am¬ 
plifier, the summing and differencing amplifier, l-V and V-l 
converters, and KRC active filters (Reference 4). In fact, the 
derivation of the transfer characteristic of any of these cir¬ 
cuits proceeds along the same lines as conventional op 
amps. Special consideration, however, require the cases in 
which the feedback network includes reactive elements, ei¬ 
ther intentional or parastic. 

Consider first the effect of a feedback capacitance C 2 in 
parallel with R 2 in the basic circuit of Figure 8a. Letting Z = 
R2ll(1/sC2), the noise gain, becomes Z 2 = Z [1 -i- RJ (RJIZ)]. 
After expanding, it is readily seen that the noise-gain curve 
has a pole at fp = 1/(27rR2C2) and a zero at f^ = 
1/[27 c(RoIIR-,IIR 2)C2], as shown in Figure 8b, curve 2. Con¬ 
sequently, the crossover frequency will be pushed into the 
region of substantial phase shift due to the higher-order 
poles of z. If the overall shift reaches -180° at this frequency 
then T = -1 there, indicating that A will become infinite by Eq. 
(12), and the circuit will oscillate. Even if the phase shift fails 
to reach -180°, the closed-loop response may still exhibit 
intolerable peaking and ringing. Hence, capacitive feedback 
must be avoided with CF amps. To minimize the effect of 
stray feedback capacitances, manufacturers often provide 
R 2 internally. 


CF Integrators 


To synthesize the integrator function in CF form, which pro¬ 
vides the basis for dual-integrator-loop filters and oscillators 
as well as other popular circuits, we must use configurations 
that avoid a direct capacitance between the output and the 
inverting input. One possibility is offered by the Deboo inte¬ 
grator (Reference 4), which belongs to the class of KRC 


filters and is therefore amenable to CF realization. Its draw¬ 
back is the need for tightly matched resistances, if lossless 
integration is desired. The alternative of Figure 9 not only 
meets the given constraint, but also provides active compen¬ 
sation, a highly desirable feature to cope with 
Q-enhancement problems in dual-integrator-loop filters (Ref¬ 
erence 4). Using standard op amp analysis techniques, it is 
readily seen that the unity-gain frequency of this integrator is 
fo = (R2/R1) / (27iRC). 



FIGURE 9. Actively-compensated CF integrator. 

stray Input-Capacitance 
Compensation 

Next, consider the effect of an input capacitance Ci in par¬ 
allel with Ri in the basic circuit of Figure 8a. Letting Z = R-, 
II (1/sCi), the noise gain is now Z 2 = R2[1 + Rq/ (Z II R 2 )]- 
After expanding, it is readily seen that the noise-gain curve 
has a zero at f^ = 1/ [27c(Ro II Ri II R 2 ) C^], as shown in 
Figure 8b, curve 3. If C-, is sufficiently large, the phase of T 
at the crossover frequency will again approach -180°, bring¬ 
ing the circuit on the verge of instability. This is of particular 
concern in current-mode DAC output buffering, where Ci is 
the output capacitance of the DAC, typically in the range of a 
few tens to a few hundreds of picofarads, depending on the 
DAC type. 

Like a conventional op amp, the CF amp can be stabilized by 
using a feedback capacitance C 2 to introduce sufficient 
phase-lead to compensate for the phase-lag due to the input 
capacitance C-,. For a phase margin of 45°, choose the value 
of C 2 so that the noise-gain pole fp = 1/ (27rR2C2) coincides 
with the crossover frequency fA. as shown in Figure 10a. 
Using asymptotic Bode-plot reasoning (Reference 4), it is 
easily seen that fA = [Zofay(Ro + R 2 )] where f^ = 1/ [27r(Ro 
II R 2 )Ci]. Imposing fp = f^ yields 
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stray Input-Capacitance Compensation (Continued) 



FIGURE 10. DAC output capacitance compensation. 


To cope with impractically low values of Cg, it is convenient 
to drive C 2 with a voltage divider as in Figure 10b, since this 
will scale the value of C 2 to the more practical value. 



( 22 ) 

It can be shown that for this technique to be effective we 
must choose Rb << R 2 - As an example, suppose a DAC 
having Ci = 100 pF feeds the CF amp considered earlier. 
Then, Eq. (21) yields C 2 = [50 x 100 x lO'^^/ (2;^ x 1 5 x 10=* 
X 1.5 X 10 '''')]v2 = 1.88 pF. To scale it to a more practical value 
use (Reference 5) Ra = 50Q and Rg = 500Q Then, Cq = (1 
+ 500/50) 1.88 s 21 pF. This estimate may require some fine 
tuning to optimize the transient response. 


Additional useful application hints can be found in (Refer¬ 
ence 5). 
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Designing with a New 
Super Fast Duai Norton 
Ampiifier 

Why Another Norton Amplifier? 

The current differencing Norton amplifier has been widely 
applied over the last 5 years because of the versatility and 
availability of quad Norton amplifiers (the LM3900) These 
low cost quads are found today in a wide variety of analog 
systems, but primarily in medium frequency and single sup¬ 
ply AC applications Today, a brand new dual current differ¬ 
encing amplifier, the LM359, offers spectacular speed im¬ 
provements which can be used in circuits operating well 
beyond the video frequencies 


National Semiconductor 
Application Note 278 
Timothy T Regan 


there is no Miller effect on the collector-to-base capacitance 
of the input transistor Also, there is no collector-to-emitter 
parasitic feedback in the common base configured transis¬ 
tor, Q2, so the high frequency signal appearing at the output 
of the cascode does not reflect back into the input. Further¬ 
more, note that band-limiting PNP transistors are eliminated 
from the signal path, here PNPs are used only for collector 
loads, so not only is high speed maintained, but high gam is 
also obtained without additional amplification stages. 



HOW THE SPEED iS iMPROVED 

The speed improvement of the new Norton amplifier is due 
to the cascode circuit {Figure 1). Cascode circuits are used 
in high frequency single-ended amplifier designs because 


v+ 



FiGURE 1. Basic Cascode Circuit 


ADDiNG A MiRROR TO GET DiFFERENTiAL iNPUTS 

To make the high frequency single-ended amplifier more 
versatile differential inputs should be provided. An easy way 
IS to add a current mirror across the negative (inverting) input 
terminal {Figure 2). This method provides current differenc¬ 
ing, as the current entering the non-inverting input is ex¬ 
tracted from the inverting input current The LM359 is then a 
current differencing, as opposed to a voltage differencing, op 
amp. 

THE PROGRAMMABLE FEATURES EXTEND 
VERSATiLiTY 

An additional feature of the LM359 is the programmability of 
its speed, its input impedance, and its output current sinking 
capability for line driver applications and for control of overall 
power consumption {Figure 3). An internal compensation 
capacitor is adequate compensation for all inverting applica¬ 


tions where the gam is 10 or higher. An additional compen¬ 
sation capacitor can be added externally to reduce undes¬ 
ired bandwidth or to fit any particular application, as will be 
discussed later The following sections illustrate some new 
design ideas using this fast Norton amplifier. 

A New High Frequency Active 
Filter Structure 

Multiple op amp active filter building blocks are very popular 
because of their low sensitivities and their tunability. The 
basic element of such a filter is the inverting integrator 
Usually two inverting integrators are cascaded and a third 
inverter allows closing the overall loop with the proper 
phase. This is the idea behind the state variable and bi-quad 
filter structures which today are fully available m low cost 
hybrid forms 
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A New High Frequency Active Fiiter Structure (Continued) 





FIGURE 2. Adding a Current Mirror to Provide Current Differencing Inputs 


v+ 



FIGURE 3. A Simplified Schematic of the LM359, a High Speed, Current Differencing Amplifier. The Input, Output and 
Speed Characteristics are Externally Programmable. 


The op amp count in these filters could be reduced by one 
(allowing use of a dual op amp instead of 3 op amps or a 
quad) if a true non-inverting integrator could be built with a 
single op amp. Unfortunately, this cannot be done with stan¬ 
dard op amps but is a trivial task with current differencing 
amplifiers {Figure 4). Combining a non-inverting integrator 
with an inverting one, a new high frequency and low sensi¬ 
tivity active filter building block can be made {Figure 5). Table 
1 shows the 3 particular filter structures, together with their 


design equations, which are derived from Figure 5. The 
frequency compensation for the 2 amplifiers is asymmetric to 
optimize performance. Also, since the LM359 is a wide band¬ 
width amplifier, high frequency circuit layout is strongly rec¬ 
ommended. The circuit works with a single supply, and the 
output DC biasing of each filter type is provided with 2 
resistors, R1 and Rb, which should be chosen according to 
Table 2. 
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A New High Frequency Active Filter Structure (Continued) 


ype Vqi Vo 2 C, R|2 Rii 

BP LP O R,p - 


HP BP C. 


Notch or 

Band- 

Reject 


TABLE 1. Analysis and Design Equations 
^ ^ U (Notch) n 


Qo 

fz (Notch) 

Ho (LP) 

Ho (BP) 

Rq 

R 


R 

Ri2 

Rq 

R,2 

Rq 

R 



RqC, 

RC 

Rq 

R 

1 

2 TT RR, CC, 

- 

- 


TABLE 2. DC Biasing Equations for 
Voi (DC)-Vo2 (DC)-VV2 


Type I 

2 V|n(DC) 112 ^ 

V+ (R,2 ) R Rq " Rb 

Type II 

^ ^ R1 = 2R 

R Rq Rb 

Type III 

1 I 1 2 1 V|N (DC) I 1 

R Rq Rb’RI V+(Rii) 2R 


Ho (HP) 


—asf 0 

Ri 


1 


Cc (EXTERNAL COMPENSATION 
REQUIRED) 


FIGURE 4. A True Non-Inverting Integrator 
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A New High Frequency Active Filter Structure (Continued) 


c 



FIGURE 5. High Performance 2 Amplifier Bi-Quad Filter. Half of the LM359 Acts as a Non-Inverting Integrator and the 
Other Half Acts as an Inverting One. No Extra inversion is Necessary to Provide Proper Phase. 


The operating range of an active filter can be estimated by 
comparing its Qq, center frequency product (fo x Qq), with the 
gain bandwidth product (GBW) of its active elements. The fo 
X Qq should be less than the active element GBW by a factor 
of at least 20 ; a higher factor will yield less sensitive filters. 
For instance, with a 5 MHz op amp, the fo x Qo product of the 
filter should not exceed 250 kHz, and in reality should be 
even less. The filters tested with the LM359 could extend 
their fo x Qo product up to 2 MHz. 

Voltage-Controlled Low Pass Filter 

A most unique feature of the LM359 is that it provides the 
user with complete control of its frequency response over a 
very wide range. The combination of both programmable 
input stage current and external compensation capability is 
the key to this flexibility. 

One of the most simple, yet illustrative, examples of the 
usefulness of this capability is the voltage-controlled low 
pass filter shown in Figure 6. The corner frequency of this 
filter is determined by the closed loop corner frequency of 
the inverting, gain of 100 amplifier. This frequency is directly 
controlled by the frequency of the dominant pole of the 
amplifier’s open loop response, which can be approximated 
by the expression: 

f ^ 3 IsETIN 

P 2 TT CcOMP AvOL Vt 

where Avol is the amplifier’s DC open loop gain, Vy is equal 
to KT/q or 0.026V at room temperature, Iq^t in is the input 
stage programming current, and Ccomp is the total compen¬ 
sation capacitance. 


R 2 

10k 



FIGURE 6. Voltage-Controlled Low Pass Filter. 
Minimum Input Frequency is Determined 
by Cl and R1. 

The closed loop corner frequency, which, as stated is also 
the corner frequency of the filter, is: 

fo = p • GBW = p • Avol * fp 

where p is the feedback factor, R1/(R1-i-R2), and a single 
pole open loop frequency response is assumed. Combining 
these two expressions, the corner frequency is: 

f = 3 isET IN * ^ 

^ 2 TT Ccomp Vt‘ 
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Voltage-Controlled Low Pass Filter 

(Continued) 

The simplest method to dynamically control fc is to vary Iset 
IN through a control voltage, Vc, where: 

I = Vc ~ Vbe 

SET IN 

In this manner, Ccomp should be chosen for the highest 
desired corner frequency at maximum Iq^j in. Two curves 
illustrating the dependence of the corner frequency on Iset in 
for two different compensation capacitors are shown in Fig¬ 
ure 7. 


of using standard operational amplifiers. The most obvious 
application area for this amplifier is in the video area where 
a fair amount of gain is required at frequencies much higher 
than monolithic op amps can provide. 

A specific application is the amplification or buffering of a 
composite video signal for a distributed monitor system. 
Figure 8 shows a typical connection for a non-inverting video 
amplifier whose signal source may be either detected video 
from a receiver, or possibly a camera signal. The output 
stage of the LM359 can be programmed, as shown, to drive 
a terminated 75Q cable to 4 Vp-p for use as a video iine 
driver. For color signals, the differential phase error and 
differential gain error at 3.58 MHz are desirabiy low, as noted 
in Table 3. 



0.01 0 1 12 10 100 
•set in ("lA) 

00749007 

FIGURE 7. Amplifier Closed Loop Corner 
Frequency vs Uet in 

It should be noted that as the compensation capacitor is 
increased, or Iqet in is decreased, the maximum slew rate of 
the amplifier is decreased. To prevent slew rate induced 
distortion of sinusoidal input signals, the following restriction 
applies: 

3 IcFT IN 

Slew rate max = —-^ ^ a> Vq peak, 

Ccomp 

where Vq peak is the peak output voltage of the filter and co 
is 2 71 f|N, where f|N is the signai frequency. The output 
voltage for signal frequencies less than the corner frequency 
of the filter (within the passband) should then be restricted 
to: 


Vo peak <: —. 


Video Amplifiers 

The basic principle behind the design of the LM359 is to 
provide amplification of high frequency signals with the ease 


TABLE 3. Typical Video Amplifier Performance 


Av = 20 dB 


-3 dB Bandwidth -> 

2.5 Hz to 25 MHz 

Differential Phase Error <1° 

at 3.58 MHz 

Differential Gain Error < 2% 

at 3.58 MHz 

Amplifier Output Swing = 

4 Vp-p Max 


For general purpose wideband amplifiers, the availability of 
two amplifiers in a single package allows cascading two gam 
stages to achieve very high gain bandwidth products as 
shown in Figure 9. 

Disc and Magnetic Tape Memory 
Sensing 

In digital data recovery from a magnetic storage medium, 
such as a disc or magnetic tape, there exists a need for high 
gain bandwidth amplifiers to convert the low level voltage 
transients from the output of the playback head (caused by a 
magnetic flux reversal on the tape or disc) to digital pulses 
that can be processed by data separating or decoding cir¬ 
cuitry. The two amplifiers in a single LM359 package can be 
combined in a variety of ways to provide the basic blocks of 
a playback channel. 

a) For very high bit rates and low level signals they can be 
cascaded to optimize overall gain bandwidth product, as 
already shown in Figure 9. 

b) For single-ended playback signals (non center-tapped 
head), one amplifier can be used as a gam stage and the 
other as a differentiating stage to convert recovered sig¬ 
nal peaks into bi-directional zero crossing signals, and 
then properly drive a comparator with regard to direction 
of flux changes on the disc or tape; this simplifies decod¬ 
ing of phase-encoded data. 

c) For differential playback signals (center-tapped head), 
one amplifier can be used to provide gain for each output 
signal individually to retain the differential signal, or a 
single amplifier difference amp can perform a differential 
to single-ended conversion and the other amplifier can 
perform differentiation of the single-ended signal. For 
multi-channel, parallel recorded data, the overall compo¬ 
nent count of the playback system can be minimized by 
using one amplifier of the LM359 per channel. 
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Disc and Magnetic Tape Memory Sensing (Continued) 



00749008 

FIGURE 8. A Typical Application of this Fast Norton Amplifier 
as a High Perfomance Video Amplifier Driving a 75Q Line 
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FIGURE 9. General Purpose, High Gain, Wideband Amplifiers Can Be Obtained by 
Cascading the 2 Norton Amplifiers Available on a Single Chip 


Combining gain with constant delay filtering: Another 
important application of the LM359 in data recovery systems 
is that of filtering. It is most desirable to prevent high fre¬ 
quency noise spikes from being coupled through the sensing 
stage causing erroneous readings, but the low pass filter 
used must not induce time delays to valid data signals which 
will be decoded by their time relationship to each other. This 
immediately implies a constant group delay low pass filter or 
a Bessel filter approximation which, if implemented with 
active components, can also provide signal gain. Figure 10 
shows a fourth order, 250 kHz, gain of 100 Bessel filter. 
Here, because of the low Qq requirements of the Bessel 
filter, a simple (Sallen-Key) filter structure has been chosen 
over the previously discussed higher performance struc¬ 
tures. Note, however, that constant group delay filtering and 
amplification are performed with a single package. 


A Handle on Input Noise 

The programmability of the amplifier’s input stage current 
and the ability to “shut off” the non-inverting input current 
mirror allows significant improvements of the noise charac¬ 
teristics. For an inverting application where the non-inverting 
input would only be used for DC biasing purposes, an alter¬ 
nate biasing scheme, the nVeebiasing, can be used, as 
shown in Figure 11. This allows “shutting off” the input cur¬ 
rent mirror which, in itself, will reduce the input noise by a 
factor of two. 

In addition, the input stage programming current can be 
increased to further reduce the noise voltage at the expense 
of an increase in input noise current and low frequency 1/f 
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A Handle on Input Noise (Continued) 

noise, which are not a problem in low input impedance, 
wideband amplifiers. The typical effect on noise vs input 
stage current is illustrated in Figure 12. 


3 6k B 2k 



eiN 

fo = 250 kHz 
Time delay = 636 ns 
for f 250 kHz 


FIGURE 10. A Fourth Order, 250 kHz Bessel Filter for Data Recovery Systems. 
The Filtering Function is Done with a Single Package. 

7.5k 



FIGURE 11. nVsE Biasing Can Reduce Input Noise Voltage 
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A Handle on Input Noise (Continued) 



10 100 Ik 10k 100k 1M 10M 

FREQUENCY (Hz) 

00749012 

a) Effect of “Shutting Off” the Input Mirror 



10 100 Ik 10k 100k 1M 

FREQUENCY (Hz) 

00749018 

b) Noise Performance of Figure 11 


FIGURE 12. Programmability Provides a Handle on Input Noise 


Making a Fast JFET Input Op Amp 

The current mirror input stage of the LM359 can be used as 
an active load for a differential JFET stage to form a super 
fast op amp {Figure 13). This circuit combines the high 
frequency performance and programmability of the LM359 
with the high input impedance and low bias currents of a 
discrete JFET input stage. External compensation of the 


LM359 is generally required to accommodate any additional 
phase shift of the input stage, and the “pole-splitting” con¬ 
figuration shown works quite well. The speed performance is 
shown in Table 4. Note that this op amp should be mainly 
used for very high speed, single supply AC coupled circuits. 
This is because the op amp DC input offset voltage depends 
mainly on the matching of 2 discrete JFETs. 


www.national com 


4-10 






Making a Fast JFET Input Op Amp 

(Continued) 


TABLE 4. Typical Amplifier Performance 


Av 

BW 

Sr 

Cc 

1 

40 MHz 

60 V/ps 

51 pF 

10 

24 MHz 

130 V/ps 

5 pF 

100 

4 5 MHz 

150 V/ps 

2pF 


A High Common-Mode Input 
Voltage Difference Amplifier 

An inherent feature of a current differencing input stage is 
that the voltages from which the input currents are derived 


are limited only by the maximum input current (or mirror 
current) of the amplifier and the size of the input resistors. An 
application that takes advantage of this is a high 
common-mode voltage difference amplifier {Figure 14). In 
this circuit, the LM359 will amplify the difference in voltage 
between inputs V1 and V2, but both inputs can be riding on 
a common-mode level as high as approximately 250 Vdc 
without exceeding the maximum mirror current of 10 mA. 
The addition of resistor R1 in Figure 14 allows an adjustment 
of the common-mode rejection ratio by adjusting the invert¬ 
ing input bias current, via the programmable input stage 
current, Iqet in- This bias current error is most significant at 
lower common-mode input voltage levels. By making the 
bias current directly proportional to the input level, a 20 dB 
CMRR improvement is possible by adjusting R1 for maxi¬ 
mum CMRR at the maximum input common-mode voltage. 


12V 



*Vos null (Vos IS typically < 25 mV) 
■bias < 50 pA 


FIGURE 13. Combining the Norton Amplifier with Discrete 
P-Channel JFETs to Make a Fast Voltage Mode Op Amp 



FIGURE 14. A High Input Common-Mode 
Voltage Difference Amplifier 


PHASE 







MEDIUM FREQUENCY 
V/F 


ERROR AMP 

AND 

FILTER 



f|N 4 


I- -J" VCO — J 

^0UT= "^IN 

00749015 

FIGURE 15. Using a Fast PLL to Make a 
High Frequency, Ultra Linear V/F 
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A High Common-Mode Input Voltage Difference Amplifier (Continued) 



00749017 

All diodes 1N914 
*Metal film, 1% 

**Polypropylene 

***Mylar 

Q1-^2N5038 

Full-scale adjust made with V|n = -10V 
Zero adjust made with Vim = -0 IV 


FIGURE 16. Complete Schematic of an Ultra Linear, Two Decade (50 kHz->5 MHz) VCO 


Building a Fast and Ultra Linear 
V/F Converter 

Linear and fast voltage-to-frequency (V/F) converters are 
very difficult to build, especially when standard V/F design 
techniques are used. A solution to this problem is the use of 
a fast phase locked loop (PLL) which is driven by a medium 
frequency and ultra linear V/F IC (the LM331), Figure 15. 
This high frequency operation is obtained via a frequency 
divider inserted into the loop, and the linearity of the overall 


circuit closely approximates the linearity of the medium fre¬ 
quency input V/F. The high frequency, quasi linear VCO, and 
the error amplifier of the PLL are designed by using the 2 
sections of the LM359. The output frequency of the VCO, 
which is also the output of the system, is divided by 100 and 
is compared with the output of the driving V/F via a digital 
phase detector. The overall circuit is shown in Figure 16. 
Following a zero and a full-scale adjust, the V/F works well 
over 2 decades of frequency and its non-linearity is below 
0.03%, as shown in Figure 17. 
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Building a Fast and Ultra Linear V/F Converter (Continued) 


50 kHz - 5 MHz VCO 
TYP LINEARITY ERROR <0.03% 
0 040 -JITTER (Afo) 0.02% 

RESPONSE TIME 50 ms/5 MHz 


10k 100k 1M 10M 


FIGURE 17. Typical Performance 
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Video Transmission Over 
Twisted Pair Wire 


National Semiconductor 
Application Note 1240 
John Bittner 



The circuits in Figure 1 and Figure 2 transmit NTSC video 
signals over twisted pair wire. They were designed and 
tested for transmitting video on inexpensive CAT-3 twisted 
pair wire. Even when transmitting on 1000 feet of wire, good 
quality color video was displayed on a monitor with an NTSC 
input. Both the transmit and receive circuits use the 
LMH6643 dual op-amp which has the proper bandwidth and 
slew rate for this application. 

The Video Driver is shown in Figure 1. It converts a 
single-ended input signal from a camera or DVD player into 
a differential signal that drives the twisted-pair line. The input 
receives an NTSC composite video signal with IVpp ampli¬ 
tude, and the output drives the twisted-pair with a 2Vpp 
differential signal. A 5012 source resistor is in series with the 
outputs of both op-amps, matching the Video Driver output 
resistance to the twisted-pair characteristic impedance. 



FIGURE 1. Twisted Pair Video Driver 

In the receiver circuit of Figure 2, R2 is adjusted so that the 
overall gain of the system is unity (gain of the last op-amp is 
greater than one to compensate for signal loss). Cl and R1 
provide a zero-pole function that compensates for attenua¬ 
tion of higher frequency signals in the twisted pair. The 
proper values for R1, Cl, and R2 can be set by transmitting 
a 1 Vpp square wave with a frequency of about 300KHz, and 
adjusting these components for an optimized square wave at 
the output. This can be done with the following procedure. 
First, adjust R2 so that the square wave at the receiver 
output has an amplitude of IVpp (with the output driving a 
75Q load). Next, set Cl and R1 to optimize the risetime/ 
falltime and damping of this square wave. In the demonstra¬ 
tion circuit that transmits video on 1000 feet of wire, R1 = 
3.9k, Cl = 68pF, and R2 = 3.6k. 


TWISTED PAIR 



FIGURE 2. Twisted Pair Video Receiver 

Figure 3 shows the response of this system when transmit¬ 
ting a square wave. The transitions of the output signal have 
rise and fall times of 160ns with about 5% of overshoot. Note 
that 1,000 feet of twisted pair wire delays the input signal by 
1.4ps. 



20048303 


FIGURE 3. System Square Wave Response 

Differential gain and phase of the system was measured with 
an HP3577A Network Analyzer. A 0.55Vpp sinewave test 
signal was applied to the input, and the gain and phase were 
measured at 3.58MHz (NTSC reference frequency). When 
the DC offset of the test signal changed from 0 to IV, the 
gam changed -0.028dB (differential gain), and phase 
changed 0.23° (differential phase). 
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Photo-Diode 
Current-to-Voltage 
Converters 


National Semiconductor 
Application Note 1244 
Hooman Hashemi 



Converting the small output current of a photo-diode trans¬ 
ducer to a fast responding voltage is often challenging. Here 
are some ways to use high-speed Current Feedback and 
Voltage Feedback op amps to do the job 

Current Feedback Amplifier 
Soiution 

Current Feedback Amplifiers (CFA) are especially suited to 
implement this function, as shown in Figure 1. With an 
effective internal buffer on the inverting node of the op amp, 
the output impedance Rq (internal to U1, not shown) and the 
photo-diode’s output capacitance C|n (typically 10-200pF) 
introduce a zero in the noise gain at approximately 1/2jr x 
(Rq X C|n). In comparison, the zero produced by a Voltage 
Feedback op amp in a similar configuration [1/27c x 
(RinIIRfIIRbias) X C|n] tends to be much lower in frequency 


and more troublesome. This being the case, C,n has less of 
an effect on reduction of the converter bandwidth, and 
achieving stability is easier when using a CFA. 

If C|N is sufficiently large, the closed loop phase shift will 
approach - 180° at the cross-over frequency (where open 
loop transimpedance gain crosses the noise gam function). 
As with Voltage Feedback Amplifiers, the closed loop ampli¬ 
fier can be compensated by adding a small capacitor (Cp) 
across Rp. In the case of Figure 1, using the CLC450 CFA, 
Cp was experimentally determined to be around 2pF for 
about 10% overshoot in the step response. Cp improves 
stability by counteracting the effect of the zero discussed in 
the paragraph above by introducing a low frequency pole 
(1/27C X Rp X Cp) and an inconsequential zero (1/27r x Rq x 
Cf). 



FIGURE 1. Single-Supply Photo-Diode Amplifier Using CLC450 Current-Feedback Amplifier 


It is possible to change the required 2pF compensation 
capacitor to a more practical value, by adding Ra and Rg in 
a voltage divider, as shown in Figure 2 The new value of Cf 
is (1 +Rb/Ra) X Cp. This relationship holds true as long as 
Rg^^ Rp- 


For this example, select R^ = 50Q, and Rg = 5000.. There¬ 
fore, Cf = (1+500/50) x2pF = ~22pF which is a much more 
practical component value. This value needs to be "fine 
tuned" in the real application for proper step response. 
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Current Feedback Amplifier 

Soiution (Continued) 



FIGURE 2. Ra -Rb Resistor Divider Allows Use of 
Practical Value for C'f 


Voitage Feedback Ampiifier 
Soiution 

It’s more difficult to design a good current-to-voltage con¬ 
verter using a Voltage Feedback Amplifier (VFA). As dis¬ 
cussed above, phase shift caused by photo-diode capaci¬ 
tance is often a source of instability. Furthermore, wide 
bandwidth usually comes at the expense of supply currents 
and higher supply voltage. However, the new LMH6642 
high-speed low-voltage VFA op amp has excellent perfor¬ 
mance in a transimpedance gain block, as shown '\nFigure 3. 
This device can operate down to 2.7V single supply and its 
-3dB BW (Av = +1) is more than 100MHz (with a supply 
current of only 2.7mA)! Because of the "Dielectric Isolation" 
process this device is based on, the traditional supply volt¬ 
age vs. speed trade-off has been alleviated to a great extent 
allowing low power consumption and operation at lower 
supply voltages. In addition, the device has Rail-to-Rail out¬ 
put swing capability to maximize the output swing, and is 
capable of driving ±50mA into the load. 

With 5V single supply, the device common mode voltage is 
shifted to near half-supply using R 10 -R 11 as a voltage divider 
from Vcc- The common-base transistor stage (Q1) isolates 
the photo-diode’s capacitance from the inverting terminal, 
allowing wider bandwidth and easing the compensation re¬ 
quired. Note that the collector of Q1 does not have any 
voltage swing, so the Miller effect is minimized. The diode on 
the base of Q1 is for temperature compensation of its bias 
point. Q1 bias current was set to be large enough to handle 
the peak-to-peak photo-diode excitation, yet not too large as 
to shift the U1 output too far from mid-supply. The overall 
circuit draws about 4.5mA from the +5V power supply and 
achieves about 35MHz of closed loop bandwidth @1Vpp. 
Figure 4 shows the output large signal step response. Cp 
can be increased to reduce the overshoot, at the expense of 
bandwidth. 


Cp 

5pF 



FIGURE 3. Single-Supply Photo-Diode Amplifier Using LMH6642 Voitage-Feedback Op Amp 
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Voltage Feedback Amplifier Solution (Continued) 



200 mV/DIV 20 ns/DIV 


20050004 

FIGURE 4. Output Step Response 20ns/div, 0.2V/div 


4-17 


www.national.com 





OA-07 


Current Feedback Op Amp " 
Applications Circuit Guide Dav,dPotson 



Introduction 

No two high-speed application are the same - or at least it 
seems that way. Nonetheless, while every system has its 
particular requirements, many of the design techniques are 
common among different designs. This application note illus¬ 
trates design techniques utilizing current-feedback op amps 
and the practical circuits where they are used. The circuits 
should work well with any Comlinear op amp if appropriate 
adjustments are made for different feedback resistance val¬ 
ues. 

Inverting Gain 

As with voltage-feedback op amps, the ratio of the feedback 
resistor to the gain-setting resistor determines the voltage 
gam in current-feedback op amp circuits. With current feed¬ 
back, however, dynamic performance is largely independent 
of the voltage gain. (See application note AN300-1 for a 
technical discussion of current-feedback.) Also, the optimum 
feedback resistor value for a current-feedback op amp is 
indicated in the datasheet 



For input impedance of 50Q, 
select R| II Rq equal to 50Q 


Non-Inverting Gain 


Rq Rp 



Ri set the input impedance 


Summing Amplifier 

Current-feedback op amps are the natural choice in sum¬ 
ming applications since the bandwidth and other key specs 
are relatively unaffected by high gain setting. (The parallel 
combination off all the input resistors yields a small effective 
gain-setting resistance and hence a large effective gain set- 
ling.) 



Differential Amplifier 

Be sure to obey common-mode input voltage limits shown in 
the op amp datasheet. If large, saturating input signals are 
expected, use an overdrive-protected op amp and appropri¬ 
ate protection circuitry. 


250Q 2500 
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Differential Line Receiver 

This circuit provides good common mode rejection and 50Q 
termination for signals which need to be transmitted through 
coaxial lines. 


2500 2500 



01278105 

Coaxial Cable Driver 

Proper transmission line driving techniques are important 
when high-speed signals have to travel more than a few 
inches. The back-matching and terminating resistor, Rq, are 
chosen to match the characteristic impedance of the coaxial 
line. If the load is well-matched to the transmission line 
impedance, the back-matching resistor may be omitted for 
greater voltage swing. (Remember that back matching cre¬ 
ates a voltage divider which attenuates the output signal by 
50%.) 


Cable Characteristic 
Impedance Zq 



01278106 


Distribution Amplifier 



Driving Capacitive Loads 

The damping resistor, Rg, reduces pulse-response over¬ 
shoot and frequency-response peaking caused by the load 
capacitance. The value of Rg may be found on some of the 
op amp datasheet or may be found experimentally. 



Output Current Booster 

This circuits provides up to 400mA of output current. Since 
the output buffer circuit introduces additional phase lag, the 
feedback resistor, Rp, may have to be increased above the 
datasheet recommendation to decrease loop gain and thus 
improve stability. The gain-setting resistor, Rq, is then cho¬ 
sen for the desired gam. 
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Simple Offset Adjustment 

The Zener diode biasing resistor, R, should be chosen to 
provide a diode current of 7.5mA. 




Composite Amplifier for Low 
Offset and Drift (#1) 

This composite circuit provides both high speed and good 
DC performance and unlike most composite circuits, it pro¬ 
vides good settling performance (17ns to 0.1%). In opera¬ 
tion, the OP-27 op amp drives its output such that the 
summing node is driven to 0V(which is the normal case for 
an inverting gain circuits). Thus, the circuit output takes on 
the high performance DC characteristics of the OP-27. At 
high frequencies, the high-speed op amp takes over to pro¬ 
vide good AC performance. 

Rq Summing Node Rp 
249Q 249Q 


input and output. Rg is adjusted for minimum output voltage 
at the OP-27 when Vqut is a 70kHz square wave of lOVpp 
centered at OV. 




R 2 C 2 = l5(iS R = Rp|Rg|R.| 
R.|C2 = 9 09^8 RC^ = 2 5jiS 


’'OUT" ’'IN 


R^ = 10K-15K II (R^+Rb) 


Composite Amplifier for Low 
Offset and Drift (#2) 

This composite circuit is useful with those products which 
have the feedback resistor connected internally to both the 
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Non-Inverting Composite Ampiifier 

As with the previous circuit, Rg is chosen for minimum output 
voltage at the OP-27 when Vqut's a 70kHZ square wave of 
10Vpp center at OV. 



FET-Input Circuit 

A FET-input circuit is useful when a greater input impedance 
is desired or when bias currents or noise current need to be 
reduced. 



Reducing Bandwidth 

Bandwidth and loop stability is controlled by Rp. Increasing 
Rp reduces bandwidth according to the approximate rela¬ 
tionship: 

Rf2 



Adjustable Bandwidth 

By increasing the inverting input impedance (which is nor¬ 
mally very low) of a current feedback op amp, the bandwidth 
of the op amp can be reduced. The bandwidth of the circuit 
below can be varied over a range of 60MHz to 160MHz. 


250Q 250Q 



AC-coupled Amplifier (with 
Single-Supply Biasing) 

The voltage divider circuit at the non-inverting input biases 
the op amp input and output at the supply midpoint. For 
those op amps having a bias pin, these pins should also 
connect to the supply midpoint bias circuit. 


Rp 



01278117 


Reducing Frequency-Response 
Peaking 

(due to stray capacitance in parallel with Rq) 

The low-pass filter at the non-inverting input cancels the 
frequency-response zero caused by Cstray- At low 
non-inverting gains, the CLC231 or CLC400 will provide a 
flatter frequency response without the need for the low-pass 
filter (because they can be used with lower feedback resistor 
values). 
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Reducing Frequency-Response 
Peaking (Continued) 


V,M 



Adjustabie Gain Using a FET 

This circuit provides a 26dB adjustment range and a gain 
flatness of 1dB from DC to 50MHz. An SD210 FET provides 
low on-resistance with minimal capacitive loading. 


Adjustable Gain Using a 
Photoresistor 

This circuit provides a 12dB adjustment range and a gain 
flatness of 1dB from DC to 20MHz. The 741 circuit improves 
temperature stability and repeatability of the photoresistor 
circuit. 



Integrator (#1) 


With current-feedback op amps, it is importance to keep 
large capacitance values out of the inverting feedback loop 
in order to maintain stability. 



For stable operation, 


All resistors are 1 


Rp 

VrviiT“V|M Rf: 


OUT “ ''in G 

SRX 
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Integrator (#2) 

This integrator provides higher DC gain than #1. For values 
shown, the DC gam is 55dB. Higher values can be obtained 
by reducing Rq, however, the ratio of Rq to R-, should remain 
constant for adequate loop stability. Much of the output noise 
is directly proportional to R-, so that the higher DC gam is 
obtained at the expense of higher noise. This circuit does not 
have the stability problem that is related to resistor matching 
as does integrator #1. 


R 2 Ri 



Integrator with Zero 

In this circuit, feedback capacitance is acceptable because 
the op amp relies upon the value of the feedback resistor for 
stability. 


R., R 2 c 

IOOD 2500 68pF 



Low-Pass Filter (10MHz, Q = 5) 

Cl 


lOOpF 



_ 

32 + 3 ^-^ + -!-+-!— • 
VR1C1 R3C2 R3C1 


R^CJ 


+ R 2 

R1R2R3C1C2 



Rl “ Rg — R, C-j — C2 “ C 


«, -IL 

® RC 

Q=JI_ 

4-Ko 


High-Pass Filter (1MHz, Q = 2) 


Ri 

1 08kQ 



Active Fiiter Circuits 

The following five circuits illustrate how current feedback op 
amps provide high-performance active filter functions. The 
"KRC" realization is used (see references at the end of the 
app note) since it does not require reactive elements in the 
(negative) feedback path, which would compromise stability. 
When the filter cutoff frequency is small relative to the am¬ 
plifier bandwidth, the transfer functions shown will provide 
good accuracy. However, as with any active filter circuit, the 
group delay through the op amp becomes significant for 
cutoff frequencies greater than about 10% of the op amp 
bandwidth. For such designs, computer analysis tools and 
an Iterative design approach is helpful. 


'^OUT KoS^ 
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Band-Pass Filter (40MHz, Q = 4) 

The component values shown are "predistorted" from the 
nominal design values to account for the 1.6ns op amp 
group delay, which is significant relative to the filter cutoff 
frequency. 



Band-stop Filter (4MHz, Q = 4) 


2C 

200pF 

Hh 



01278133 


^OUT 
V,M ■ 


Ko S' 








rT 


_ 1 
' 2(2-Ko) 


Photodiode Amplifier 

The circuit below provides a transimpedance gain of -2.5kQ 
to convert the protodiode current into a voltage. 


2.5I<0 



D/A Converted Buffer Amplifier 

Most high-speed, current-output D/A converters provide the 
best performance when driving little or no load impedance. 
The circuit below meets this requirement while also provid¬ 
ing a transimpedance gain which converts the D/A output 
current into a Voltage. The variable capacitor in the feedback 
loop should be adjusted for desired pulse response to com¬ 
pensate for the D/A output capacitance, which otherwise 
caused frequency-response peaking or instability. The 50Q 
and 500Q resistors reduce the effective value of the feed¬ 
back capacitance so that a reasonable value capacitor may 
be used. 


500 5000 



For example, with the CLC401, Rp = 2.5ka and a D/A output 
capacitance of 20pF, C = 5pF. 
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Tunnel Diode Detector Amplifier 

See the D/A converter buffer circuit for circuit highlights. 


500 5000 



Non-Linear Transfer Functions 

Current-feedback op amps are particularly useful in 
non-linear transfer function circuits. Since bandwidth and 
other key specifications are independent of gain-the dy¬ 
namic performance is relatively independent of signal level. 
In analyzing the circuit, it is useful to identify the three input 
signal paths that contribute to the output voltage (the 1 kQ 
resistor and the two diode bridges). Each of these paths 
terminates at the inverting input-a point that is at virtual 
ground. Due to feedback, the current through the feedback 
resistor is equal to the sum of these input currents. The 
output voltage, therefore, is the product of the feedback 
resistor and the sum of the input current. 

The individual input currents are equal to the input voltage 
divided by the respective gam-setting resistor. However, in 
the signal paths containing the bridges, the current follows 
this linear relationship until it limits at 12V/16kQ. This is what 
leads to the non-linear gam. A more accurate analysis re¬ 
quires that the diode bulk and dynamic resistance be in¬ 
cluded. 



01278139 


Peak Detector 

The circuit shown in the next column can capture 50ns 
pulses over a 20mV to 1.5V input range. The circuit consists 
of three basic blocks: the op amp and diodes, the storage 
capacitor and discharge circuit, and the unity-gain buffer. 
The peak detecting action is caused by the conduction or 
non-conduction of the two diodes In the feedback loop. 
When Vqut > V|n, the op amp output swings m the negative 
direction until D2 conducts and the feedback path is com¬ 
pleted and the op amp does not saturate. 

When Vqut ^ V,n, the op amp swings In the positive direc¬ 
tion causing D1 to conduct and the storage capacitor voltage 
to be charge through the 20012 isolating resistor. This action 
continues until Vqut ^ and equilibrium is established. 
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Peak Detector (Continued) 



50ns pulses over a 
20mV to 1.5V input range. 

D1,2 1N5711 

Q1,2,3 MPSH10 
J1.2 2N5911 

J3 2N4391 


References: 

A. Budak, Passive and Active Network Analysis and Synthe¬ 
sis, Houghton Mifflin Company, Boston, 1974. 

IEEE Transactions on Circuits and Systems, Volume 
CAS-27, "Optimum Configurations for Single Amplifier Bi¬ 
quadratic Filters," number 12, pages 1155-1163, December 
1980. 

Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoieted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 
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A Tutorial on Applying Op " 
Amps to RF Applications David potson 



With operating frequencies exceeding 300MHz, National’s 
line of monolithic and hybrid current feedback operational 
amplifiers have become an attractive option for the RF (and 
IF) design engineer Typical operational amplifier specifica¬ 
tions do not, however, include many of the common specifi¬ 
cations familiar to RF engineers. To help the designer exploit 
the many advantages these amplifiers can offer, this appli¬ 
cation note will define the RF specifications of most interest 
to designers, detail what determines each of these particular 
performance characteristics for National’s current feedback 
op amps, and, where possible, discuss performance optimi¬ 
zation techniques. To apply op amps to RF applications, 
questions in three general areas must be addressed: 

1. Setting the op amp’s operating conditions 

2. Small signal AC performance in an RF context 

3. Typical limits to RF amplifier dynamic range applied to 
op amps 

Wherever possible, tested performance using the CLC404 
will be used to demonstrate performance. The CLC404 is a 
±5V power supply monolithic amplifier intended for use over 
a voltage gam range of ±1 to ±10. At its optimum gain of -i-6, 
the CLC404 offers a DC to 175MHz frequency range while 
delivering 12dBm power into a 501^ load while dissipating 
only llOmi^ quiescent power. National offers a wide range of 
additional monolithic op amps, as well as higher supply 
voltage (and hence higher power output) hybrid amplifiers. 
The best amplifier for a particular application will depend 
upon the desired gain, power output, frequency range and 
dynamic range. 

Operation of National’s Current 
Feedback Op Amps 

The current feedback op amp, developed by National Semi¬ 
conductor Corporation, provides a very wideband, DC 
coupled op amp that has the distinct advantage of being 
relatively gain-bandwidth independent. As with all op amps 
using a closed loop negative feedback structure, the fre¬ 
quency response for the National op amps is set by the loop 
gain characteristics. The key development of the National 
amplifiers is to de-couple the signal gam from the loop gam 
part of the transfer function. 

This de-coupling allows the desired signal gain to be 
changed without radically impacting the frequency response. 
If compared to voltage feedback amplifiers, which are con¬ 
strained to a gam-bandwidth product operation, the current 
feedback topology offers truly impressive equivalent gain- 
bandwidth products (e.g. the CLC401 at a gam of 20 yields a 


flat response with a -3dB bandwidth of 150MHz. To match 
this, a voltage feedback op amp would require 20*150MHz = 
3GHz gam bandwidth product). Please refer to National 
application note OA-13 for a description of the current feed¬ 
back op amp topology and transfer function. 

One of the big changes m going from a classical RF amplifier 
to using an op amp is the exceptional flexibility offered by the 
op amps The designer is now charged with setting up the 
proper operating conditions for the op amp, defining the 
gam, and determining the I/O impedances with external 
components. Op amps allow the designer the option of 
running either a non-mvertmg or an inverting gain path. For 
RF applications, the 180° phase shift provided by the invert¬ 
ing mode is often incidental. There are, however, advan¬ 
tages and disadvantages to each mode, depending on the 
desired performance, and both will be considered at each 
stage m this development. 

Most of this discussion on applying op amps to RF applica¬ 
tions applies to any type of op amp. The unique advantages 
of the current feedback topology are its higher frequency 
capabilities and its intrinsically low distortion at low operating 
currents. If not specifically stated as being unique to the 
current feedback topology, the items considered here apply 
equally as well to a voltage feedback op amp. 

As a starting point for describing op amps for RF applica¬ 
tions, it is useful to summarize some of the standard oper¬ 
ating assumptions for typical RF amplifiers. Although there 
are certainly exceptions to the typical conditions shown here, 
RF amplifiers generally have: 

1. AC coupled input and output. A DC voltage generally 
has little meaning in RF applications. 

2. Input and output impedances nominally set to 50Q (AC) 
over the frequency range of operation. This is seldom a 
physical 50^2 resister, but rather a combination of active 
element I/O impedances along with passive matching 
networks. 

3. Fixed signal gam operations over a certain band of 
frequencies. Any particular RF amp is purchased to 
provide a particular gain and is not user adjustable. A 
two decade range of operating frequencies seems typi¬ 
cal. 

4. Single power supply operation. Since both input and 
output are AC coupled, bipolar power supplies, balanced 
around ground, are not needed The DC bias point is 
maintained internally with minimal user adjustment pos¬ 
sible. 



4-27 


www.national.com 


OA-11 




OA-11 


Operation of National’s Current 
Feedback Op Amps (Continued) 

Figure 1 shows a typical RF amplifier connection, while 
Figure 2 and Figure 3 show an ideal op amp, either current 
or voitage feedback, connected for non-inverting and invert¬ 
ing gains, respectiveiy. 



source. G=10 log (R,/P,) 

01501801 

FIGURE 1. Typical RF Amplifier Connection 

For the RF amplifier, both input and output are AC coupled, 
while a single power supply biases the part through R^. 
chokes off the AC output signai from seeing the power 
supply as a load. The RF amplifier signai gain is specified 
with the output driving a 50f2 ioad and is defined as 10*log 
(power gain) 

The two ideal op amp circuits assume that the source is 
coming from a ground referenced, zero impedance voltage 
source while their outputs are intended to act as ideal (zero 
ohm output impedance) voltage sources to a ground refer¬ 
enced load. The non-inverting configuration ideally presents 
an infinite input impedance, a zero ohm output impedance, 
and a voitage gain, as shown in Figure 2, from the pius input 
to the output pin. 



01501802 

FIGURE 2. Ideal Non-Inverting Op Amp 

The ideai inverting op amp differs in several respects from 
the non-inverting. The output voltage is ideaily 180° out of 
phase from the input, which accounts for the signal inver¬ 
sion. The op amp’s (-) input ideaiiy presents a virtual ground, 
while drawing minimai current, for either voitage or current 


feedback op amps. This leaves Rg as the ideal input imped¬ 
ance seen by the source, while the voltage gain from the 
input of Rg to the output is simpiy -Rf/Rg. This signai inver¬ 
sion is usuaily of no consequence in an RF application, and 
most of this discussion wiil deai only with the magnitude of 
the inverting gain. 



01501803 

FIGURE 3. Ideal Inverting Op Amp 

When using op amps as RF amplifiers, we must first satisfy 
the I/O impedance matching requirements, recast the gain 
from a voitage gain to a power gain (in dB), and possibly 
configure for operation from a single power supply. Figure 4 
and Figure 5 show the op amps of Figure 2 and Figure 3 set 
up to provide I/O impedance matching with the resulting 
power gain equations, but still using bipolar supplies. The 
bipolar power supplies allow operation to be maintained all 
the way down to DC. Single supply operation is possible and 
will be considered next 

For the non-inverting case, setting Z, = 50Q simply requires 
a 50^2 termination resistor to ground on the non-inverting 
input, Rj . Getting Zq = 50^2 simply requires a series 50^2 
resistor in the output, Rq. 



01501804 

FIGURE 4. Non-Inverting Op Amp Configured for RF 
Appiication 

For the inverting mode of op amp operation, the (+) input is 
ground referenced, while the signal channel input imped¬ 
ance becomes the parallel combination of Rg and R^- As 
OA-13 describes, the current feedback topology depends on 
the value of the feedback resistor to determine the frequency 
response. With each particular op amp calling out a particu- 
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Operation of National’s Current 
Feedback Op Amps (Continued) 

lar optimum Rf, Rg can then be used to set the gam and Rm, 
along with Rg, will set the input impedance. Setting Rg to 
yield the desired gam and then setting R^ to satisfy Z, = 50Q 
will work until the required Rg < 50C2. Having fixed Rf to 
satisfy the amplifier’s stability requirements, going to higher 
and higher inverting gams will eventually yield Rg’s < 50Q. 
Non-inverting operation should be used if this limitation is 
reached Rf can, however, be increased beyond the recom¬ 
mended value for a current feedback op amp m order to 
allow an Rg = 50 at higher gams, but only at the expense of 
decreasing bandwidth. 





A|_ ^ neglecting the signal inversion 

G“ = 20log 9^"^ 

Given a desired G“, ^ - 2 (1 


FIGURE 5. Inverting Op Amp Configured for RF 
Application 

Note that for both topologies the gam to the matched load 
has been cut m half (-6dB), from the earlier ideal case, 
through the voltage divider action of Rq = Rl ■ It is a simple, 
but critical, conversion from any description of output voltage 
swing to and from a power (m dBm) defined at the load. 
Figure 6 shows these conversions for a purely sinusoidal 
signal. Basically, for whatever initial description of voltage 
swing given, we need to convert that into an RMS voltage, 
square it and divide by the load (Rl = 50^2 normally) to get 
the absolute power in watts. This is then divided by 0.001 to 
reference that power to ImW and 10*log of that expression 
IS taken to yield the power in dBm. 


[2/2 J 

Po =10log =:20log(8(5011)(0.001)) 

50^1 (ImW) 

-20logVLpp +4 dBm 
Conversely, for a given Pq (m dBm) 

V, =1o(Po-4)/20 
■“PP 

Peak - Peak voltage swing at load 
Vo = 2 *10<'’o 

^PP 

Peak - Peak voltage swing at output pm 
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FIGURE 6. Converting Between Voltage Swings and 
Power 

Every op amp has a specified maximum output voltage 
swing that is generally shown as a peak excursion from 
ground. This type of specification, for balanced bipolar power 
supplies, IS really inferring how close the output may come to 
the supply voltages before non-linear limiting occurs. For AC 
coupled RF applications, it is always best to hold the output 
pm DC level centered between the two supply pins m order 
to provide the maximum output Vpp . Application note OA-15 
discusses in more detail input and output voltage range 
considerations. 

Most of National’s op amps do not require a ground refer¬ 
ence for proper operation and can be easily operated from a 
single supply Generally, all that is required is to keep the DC 
voltage on the (-i-) input and the output pm centered between 
the voltages appearing on the two supply pins. For a single 
supply operation (with one supply pin held at ground) this 
translates into the (- 1 -) input and Vq being held at /2. For 
those amplifiers requiring a ground pm, that pin should also 
be driven with a low source impedance voltage midway 
between the supply pins. 

There are many possible implementations of single power 
supply op amp operation. Figure 7 an6Figure 8 show two 
simple ways to operate non-inverting and inverting op amps 
as AC coupled RF amplifiers using a single power supply. 

In the non-mvertmg case, the input termination is still DC 
coupled, while the (- 1 -) input bias is set by the two R^ ’s to 
yield V^c /2. Rb should be large enough to limit excessive 
quiescent current in the bias path, but not so large as to 
generate excessive DC errors due to the amplifier’s input 
bias current. The gain setting resistor, Rg , is also AC 
coupled to limit the DC gain to 1. Hence, the (- 1 -) input DC 
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Operation of National’s Current 
Feedback Op Amps (Continued) 

bias voltage also appears at the output pin. The output 
should be AC coupled in both circuits to limit the DC current 
that would be required if a grounded load were driven. 



01501807 

FIGURE 7. Single Supply, Non-Inverting Op Amp 
Operation 

Single Supply, Non-Inverting Op Amp Operation For the 
single supply inverting amplifier of Figure 8, we still require 
the midpoint reference to be brought in on the (+) input. A 
de-coupling capacitor on that node is also suggested to 
decrease the AC source impedance for the non-inverting 
input noise current. The gain for this non-inverting input 
reference voltage is again AC coupled to yield a unity DC 
gain to get Vcc/2 at the output pin. The inverting input imped¬ 
ance goes from at DC to 500 at higher frequencies. Rm, 
as well as Rj In Figure 7, could also be AC coupled to avoid 
DC loading on the source. 


along with impedances in each part of the circuit. All of the 
subsequent discussions assume balanced bipolar supplies, 
but apply equally as well to single supply operation. 

Small Signal AC Performance 
Characteristics 

All of the typical small signal AC parameters specified for RF 
amplifiers are derived from the S-parameters (reference 1). 
These are; 

Scattering Parameters RF Amplifier Specification 

Sii Input reflection Input VSWR 

S 22 Output reflection Output VSWR 

S 21 Forward transmission Amplifier gain and 

bandwidth 

$12 Reverse transmission Reverse isolation 

These frequency dependent specifications are measured 
using a network analyzer and an S-parameter test set. A full 
2-port calibration should be performed prior to any device 
measurements. The HP8753A, used for the measurements 
reported here, incorporates full 12 term error correction in its 
2-port calibration. This basically normalizes all measurement 
errors due to imperfections in the cabling and test hardware 
(reference 2). 

Figure 9 and Figure 10 show the two configurations for the 
CLC404 used in demonstrating the small signal AC perfor¬ 
mance parameters listed above. In each case, the 
S-parameter test set places the device into a 500 input and 
output environment. Both configurations achieve a voltage 
gain of 6 to the output pin and 3 to the 500 load. This yields 
a gain of 20*log(3) = 9.54dB measured by the network 
analyzer. Recall that one of the advantages to using op 
amps in RF applications is the exceptional flexibility in set¬ 
ting the gain. A wide range of gains could have been se¬ 
lected for the test circuits of Figure 9. and Figure 10. ±6 was 
selected to allow easy comparisons to the CLC404’s data 
sheet specifications, which are all defined at a gain of +6. 



FIGURE 8. Single Supply, Inverting Op Amp Operation 

For both of these single supply circuits, we have given up the 
DC coupling for the signal path. The low frequency limits to 
operation will now be set by the AC coupling capacitors. 


Input 



FIGURE 9. Non-Inverting Amplifier S-parameter Test 
Circuit 
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Small Signal AC Performance 
Characteristics (Continued) 

For the inverting gam configuration, along with Rg sets 
the input impedance to 5012. An Rj of 5012 is retained on the 
non-inverting input to limit the possibility of self-oscillation in 
the non-inverting input transistors (See application note OA- 
15). 



01501810 

FIGURE 10. Inverting Amplifier S-parameter Test 
Circuit 


Input/Output VSWR 

The Voltage Standing Wave Ratio (VSWR) is a measure of 
how well the input and output impedances are matched to 
the source impedance. (It is assumed throughout that the 
transmission line characteristic impedance is also equal to 
the source impedance of both ports-5012 in this case). It is 
desirable that the input and output impedances be as closely 
matched as possible to the source for maximum power 
transfer and minimum reflections. 

Z| Zo 

VSWR = ^ or- whichevei> 1 

^1 

ZI -> amplifier input or output impedance 
Z s test system source impedance 

f VSWR +1 ^ o 

Return loss = 20log^:^^^^^^^^J = 10log(S„)2 input 

or 10 log(S 22 )^ output 


Ideal VSWR = 1 

Typically, VSWR = 1.5, for RF-amps over their operating 
frequency range 

Measuring the input VSWR is simply a matter of measuring 
the ratio of the reflected power vs. incident power on Port 1 
of Figure 9 and Figure 10 (S^^). A perfect match will reflect 
no power. Output VSWR is measured similarly at Port 2 
(S22). 

As described earlier, an op amp’s input and output imped¬ 
ances are determined by external components selected by 
the designer. For this reason, I/O VSWR is never shown on 


an op amp’s data sheet. Excellent VSWR can, nevertheless, 
be achieved using the components shown in Figure 4 and 
Figure 5. 

An op amp’s gain polarity has minimal effect on the output 
VSWR. At low frequencies, Rq by itself will determine the 
output VSWR. Setting this resistor to 5012 will yield excellent 
output VSWR to reasonably high frequencies. As the test 
frequency increases, however, the op amp’s output imped¬ 
ance will begin to increase as the loop gain rolls off (refer¬ 
ence 3, page 237). This inductive characteristic can be 
partially compensated by a small shunt capacitance across 
R o- Figure 11 shows this, for either gain polarity, along with 
tested output VSWR with and without this shunt capaci¬ 
tance. The value of this capacitance will depend on the 
amplifier and, to some extent, on the gain setting, and was 
determined empirically for this test by using a small adjust¬ 
able cap (5-20pF) directly across Rq. 


^22 1.3 



FIGURE 11. Measuring and Tuning 
CLC404 Output VSWR 

The marker at 200MHz indicates an output VSWR of 1.3:1 
when CT is tuned optimally. Tuning CT also extends the 
frequency response (S 21 ) lightly and will be left in place for 
the remainder of the tests. 

The input impedance match of the non-inverting topology 
Figure 9 is principally set by Ry. As the frequency increases, 
the input capacitance of the op amp will eventually degrade 
the Input VSWR. This effect is so negligible over the ex¬ 
pected operating frequency range, however, that no tuning is 
required. 

The input impedance match of the inverting topology Figure 
10 IS, at low frequencies, set by the parallel combination of 
Rg and Rm . This holds very well as long as the amplifier’s 
inverting input acts like a low impedance over frequency. For 
current feedback amplifiers, the inverting input is actually a 
driven, low impedance buffer. It’s impedance will, however, 
increase with frequency. A voltage feedback amplifier’s ap¬ 
parent inverting input impedance will also increase with fre¬ 
quency as its loop gam rolls off. In the voltage feedback 
case, the increase in inverting input impedance will be seen 
at a lower frequency than for a current feedback amplifier 
and will depend strongly on the amplifier gain setting. 
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Input/Output VSWR (Continued) 

Figure 12 shows the tested input VSWR for the two gain 
polarities of Figure 9 and Figure 10. In this case, we are 
measuring S-,-, and allowing the HP8753A to convert the 
measurement and display VSWR directly. 
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FIGURE 12. CLC404 Input VSWR 

Note carefully the change in scale for the input VSWR vs. the 
output VSWR plot. The marker on the non-inverting test 
trace shows an exceptional input VSWR of 1.03:1 at 
200MHz, while the inverting, though higher, remains under 
1.4:1 through this range. 


The part to part variation in the frequency response is mini¬ 
mal for the hybrid amplifiers from National, with more varia¬ 
tion seen for the monolithic op amps. As application note 
OA-13 describes, the current feedback topology allows an 
easy, resistive trim for the frequency response shape that 
has no impact on the forward gain. This frequency response 
flatness trim has the same effect for either non-inverting or 
inverting topologies. Figure 13 shows this adjustment added 
to the circuit of Figure 9, along with the measured S 21 with 
and without this trim. As OA-13 describes, this resistive trim 
inside the feedback loop has the effect of adjusting the loop 
gain, and hence the frequency response, without adjusting 
the signal gain, which would still be set by only Rf and Rg . 
This particular test achieved a flatness of ±.1dB from DC to 
110MHz at a gain of 9.54dB for the non-inverting test circuit 
shown (with identical results for an inverting configuration). 



Forward Gain and Bandwidth 

Typical RF amplifier specifications show a fixed gain, as 
defined in Figure 1, with a specified frequency range for 
0.5dB gain flatness, along with -3dB cutoff frequencies. For 
the designer using a current feedback op amp, a wide range 
of possible gains are easily obtainable. With the CLC404’s 
specified voltage gain range of ±1 to ±10, and including the 
additional 6dB loss from the output to the load, -6dB to 14dB 
gains may be achieved using the CLC404. Higher gains can 
be achieved with this, or any other current feedback ampli¬ 
fier, with some sacrifice in bandwidth (see application note 
OA-13). For example, the CLC401, specified over a ±7 to 
±50 voltage gain range, translates into an IldB to 28dB gain 
range for RF applications. 

The forward gain over frequency (commonly called the fre¬ 
quency response and measured as S 21 ) always appear in 
the National data sheets over a range of gains. Small signal 
-3dB bandwidth and gain flatness are also guaranteed at a 
particular gain for each amplifier. Rarely does a voltage 
feedback op amp show the S 21 characteristics, since it so 
strongly depends upon the gain setting. Rather, these am¬ 
plifiers show an open loop gain and phase plot and leave it to 
the designer to predict closed loop gain and phase. The 
frequency response plots for the National op amps are nor¬ 
malized to show each gain coming in at the same grid on the 
plot for easier comparisons of frequency response shape 
over a wide range of gains. Another advantage of the excel¬ 
lent loop gain control of the current feedback topology is 
exceptional forward gain phase linearity. This phase is also 
shown on the frequency response plot. A maximum deviation 
from linear phase is guaranteed at a particular gain setting in 
the data sheet specifications. 


01501814 

FIGURE 13. Measuring and Adjusting the Frequency 
Response S 21 

Note that the values for Rf and Rg have been reduced from 
those used in the circuit of Figure 9, although their ratio and 
hence the gam, have remained the same. With the adjust¬ 
ment pot set to zero ohms, this lower Rf value ensures that 
the frequency response will be peaked for any particular 
CLC404 used in the circuit. Then, by increasing the resis¬ 
tance into the inverting input, the amplifier can be compen¬ 
sated and S 21 adjusted to the excellent flatness shown 
above. 

The part to part variation in frequency response becomes 
more pronounced as the desired operating frequencies and 
signal gains increase Operation of the CLC404 through 
50MHz at 9.54dB gain would, for example, have minimal 
variation relative to operation through 100MHz and 14dB 
gain. For ±.1dB flatness, and considering the rapid degra¬ 
dation in distortion performance at higher frequencies, 
100MHz IS probably a reasonable upper limit for the opera¬ 
tion of National op amps (available at the time of publication) 
in RF (or IF) applications. Higher frequency operation can be 
achieved if the degraded flatness and distortion characteris¬ 
tics are acceptable to the application. New product introduc¬ 
tions can be expected to extend this operating frequency. 

Reverse Isolation 

This small signal AC characteristic is a measure of how 
much signal injected into the output port makes it back into 
the input source. The magnitude of S 12 is the measure of 
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Reverse Isolation (Continued) 

reverse isolation. National’s current feedback op amps ex¬ 
hibit excellent reverse isolation relative to most RF amplifi¬ 
ers. This results from both the output and inverting input 
being driven, low impedance, nodes. To the extent that the 
output of the op amp and its inverting input both present very 
low impedances over wide frequency ranges, significant sig¬ 
nal attenuation can be expected in taking a signal voltage 
applied to the output matching resistor and tracing it back to 
either an inverting or non-inverting input signal. Slightly more 
attenuation can be expected for the non-inverting vs. invert¬ 
ing configurations, since the signal must also get from the 
inverting to non-inverting pin in the non-inverting case. 

The circuit of Figure 13, along with the inverting circuit of 
Figure 14 were used to measure the reverse isolation for 
both gain polarities, as shown in Figure 15. Although reverse 
isolation is generally specified as a positive number, this is 
simply the negative of the log gain in going backwards 
through the amplifier. Hence, the plot of Figure 14 shows a 
rising “gain” that would be interpreted as a decreasing re¬ 
verse isolation as we go to higher frequencies. As Figure 15 
shows, isolations in excess of 30dB are easily obtainable 
through frequencies far higher than the operating frequency 
range, with very high isolations observed at low frequencies. 



FIGURE 14. Inverting Reverse Isolation Test Circuit 
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FIGURE 15. Reverse Gain for the Circuits of Figures 13 
and 14 


Dynamic Range Limiting 
Characteristics 

The final area of concern in applying op amps to RF appli¬ 
cations are the limits to dynamic range familiar to RF ampli¬ 
fier users. These are generally limited to: 

-IdB Compression Point 

2-Tone, 3rd Order, Intermodulation Intercept 

Noise Figure 

The -1dB Compression Point is a measure of the maximum 
output power capability of the amplifier. The 2-Tone Intercept 
allows the prediction of spurious signals caused by amplifier 
non-linearities when two input signals closely spaced in fre¬ 
quency are applied to the input. The noise figure is a mea¬ 
sure of how much noise is added by the amplifier and will set 
a limit to the minimum detectable signal. 
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Dynamic Range Limiting 
Characteristics (Continued) 

Although each of these can certainly be measured for any 
particular op amp configuration, their interpretation for op 
amps may vary from RF amplifiers depending on the op amp 
being used and the specification. Each of these will be 
described generally and developed, and/or measured, for 
the CLC404 with any anomalies in interpretation noted. 

-IdB Compression Point 

Briefly stated, this is the expected output power, at a fixed 
input frequency, where the amplifier’s actual output power is 
1dBm less than expected. As Figure f 6 shows, it can also be 
interpreted as the ideal output power at which the actual 
amplifier gain has been reduced by 1dB from its value at 
lower output powers. With both the X and Y axis of Figure 16 
a dBm scale, the output power vs. the input power will have 
a slope of 1. If we shift the X-axis by the amplifier’s low 
power gain (a 20dB gam was used arbitrarily in Figure 16), 
the amplifier’s input to output transfer would ideally be a 
unity slope line through the origin. 

An additional interpretation of Figure 16 is that beyond the 
-1dB compression point the output power remains fixed as 
the input power is increased. If S 21 were measured at a fixed 
frequency, with a swept input power, we would get a hori¬ 
zontal line, showing the low power gain, that eventually 
transitions to a -1 slope line as the output power becomes 
fixed while the input power continues to increase. 

The -1dB compression power is commonly used as a maxi¬ 
mum output power limit when computing an amplifier’s dy¬ 
namic range. Standard AC coupled RF amplifiers show a 
relatively constant -1dB compression power over their oper¬ 
ating frequency range. 
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FIGURE 16. Illustration of -IdB Compression 

For an operational amplifier, the maximum output power 
depends strongly on the input frequency. The two op amp 
specifications that serve a similar purpose to -IdB compres¬ 
sion are output voltage range and slew rate. At low frequen- 
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-1dB Compression Point (Continued) 

cies, increasing the power of a fixed frequency input will 
eventually drive the output “into the rails” - a saturation limit 
typically some number of diode drops below the supply 
voltages. In addition, as the input frequency increases, all op 
amps will reach a limit on how fast the output can transition. 
This is typically specified as a slew rate Indicating the maxi¬ 
mum dV/dT at the output pin voltage. Half this slew rate is 
available at the matched load when an output series match¬ 
ing resistor is used. For a sinusoidal signal, the maximum 
slew rate occurs at the 0 crossing. This maximum dV/dT is 
simply the peak voltage exursion times the radian frequency. 
Given a slew rate in Volts/sec (SR) and a frequency, the 
maximum peak amplitude before slew limited operation is 
experienced is predicted to be SR/(2*7t*frequency). How¬ 
ever, this peak amplitude, which can be converted to a dBm 
power at the load using the expressions developed earlier, 
does not relate directly to the measured -1dB compression. 
Figure 77 shows the measured -1dB compression powers 
vs. frequency for the CLC404 in the circuits of Figure 13 and 
Figure 14. Since the maximum output power is principally a 
function of the output stage, there is very little difference 
between the non-inverting and inverting -1dB compression 
points. For the National amplifiers that show a higher invert¬ 
ing slew rate than non-inverting (e.g. CLC400), a higher 
-1dB compression power at higher frequencies In inverting 
configurations would be expected. The low frequency value, 
however, should be similar between polarities, since it is 
determined by the maximum output voltage swing (princi¬ 
pally set by the power supply voltages and the headroom 
requirements in the output stage). 



Frequency (lOMHz/Div) 
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FIGURE 17.1dB Compression for the CLC404 

Although Figure 7 7 shows the -IdB compression as defined 
in Figure 16, It is also very useful to look at the output 
waveforms and spectrums to gain an understanding of what 
is setting the measured -IdB compression power. 


Figure 18 and Figure 19 show the time waveform and the 
spectrum at the load for the input power that yields the -IdB 
compression point for the CLC404 operating at 10MHz. 
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FIGURE 18. Output Waveform at 10MHz - IdB 
Compression 
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FIGURE 19. Output Spectrum at 10MHz - IdB 
Compression 

At this low frequency, we are clearly running into an output 
voltage swing limitation. With a 17.3dBm -IdB compression 
(as shown at 10MHz In Figure 17), we would expect the 
fundamental amplitude in the spectrum to be at 16.3dBm. 
The observed 16dBm in the spectrum of Figure 79 is a 
reasonable match to this expected fundamental power. It is, 
however, incorrect to directly convert this fundamental power 
at -IdB compression into a sinusoid and expect that the 
amplifier can deliver a sinusoid of this amplitude. For the 
16.3dBm fundamental power predicted by the -IdB com¬ 
pression measurement, we might expect that the output is 
delivering an approximately 4Vpp sinusoidal swing at the 
load, or ±4V swing at the output pin. Although this would 
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-IdB Compression Point (Continued) 

exceed the maximum output swing specification for the 
CLC404 operating at ±5 volt supplies, this amplitude of 
sinusoid is in fact available if a zero loss filter is used to pass 
on only the fundamental harmonic. 

Notice that a considerable portion of the output power has 
been spread into the odd order harmonics. This is typical of 
the square wave output observed In the time domain trace of 
Figure 18. The fundamental (10MHz) power can be related 
to the output time waveform amplitude through the Fourier 
series expansion of the output waveform. If the output were 
a perfect square wave, under conditions of output voltage 
limited operation, a peak square wave amplitude of A would 
generate a fundamental frequency amplitude of 4*A/n. Going 
from the measured peak amplitude of the output time wave¬ 
form, the anticipated -1dB compression would be calculated 
as the power in a sinusoid 4/n times the square wave am¬ 
plitude +1dBm. Doing this for the measured ±1.8V swing of 
Figure 18 would predict 15.1 dBm (peak-peak square wave 
amplitude converted to dBm) + 2.1 dBm (20*log(4/7i)) + 
IdBm (reported -IdBm output power is IdBm higher than 
measured power) = 18.3dBm. This is IdBm higher than 
measured. This can be explained by the less than perfect 
square wave shape shown in the time waveform of Figure 
18. This less than perfect square wave will yield a coefficient 
for the fundamental term in the Fourier expansion that is 
actually less than the predicted A*4/7i;. 

As the operating frequency increases, the slew limit for the 
op amp will eventually restrict the achievable output swing to 
something less than the output voltage swing limit of the 
amplifier. This can be observed in Figure 11 at approximately 
30MHz for the CLC404. Again, it is instructive to look at the 
time waveform and resulting spectrum when operating at an 
input power that yielded a -IdB compression in measured 
gain at the these higher frequencies. Figure 20 and Figure 
21 show this for the non-inverting circuit {Figure 13) operat¬ 
ing at the input power necessary to produce the measured 
-IdB compression with a 50MHz sinusoidal input signal 
(From Figure 17, this input power would be 16.3dBm - 9.54 
(gain) = 6.8dBm) 
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FIGURE 20. Measured Output Waveform at 
50MHz -1 dB Compression 
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FIGURE 21. Measured Output Spectrum at 
50MHz -IdB Compression 

The measured -IdB compression power under slew limited 
conditions is dependent on the amount of power in the 
fundamental frequency generated by the time waveform 
shown in Figure 20. Although we can say that the -IdB 
compression must be related to the amplifier’s slew rate, it 
would be very difficult to relate the slew rate to the waveform 
shape and then, through the Fourier series, to the funda¬ 
mental power and hence -IdB compression. The exact dis¬ 
tribution of power into the fundamental and harmonics is 
changing over frequency. All that can really be said is that at 
these higher frequency -IdB compressions, a significantly 
distorted waveform with a peak to peak excursion less than 
that seen at lower frequencies is being generated. 

At low frequencies, the -IdB compression power can be 
predicted approximately using the analysis shown earlier by 
assuming a square wave output set by the output voltage 
swing limits shown in the op amp data sheet. Remember that 
the output voltage range specified in the data sheet is twice 
what can be delivered through the 6dB loss taken from the 
matching resistor to the load. It is not, however, possible to 
easily predict the higher frequency -IdB compression from 
the slew rate specification. As will become apparent in the 
next section, it Is also not possible to relate the -IdB com¬ 
pression to the third order intercept. Typical RF amplifiers will 
show a 3rd order intercept lOdBm higher than the -IdB 
compression point. National op amps, if they show an inter¬ 
cept characteristic, have an intercept considerably higher 
than what would be predicted by adding lOdBm to the -IdB 
compression. 

2-Tone, 3rd Order Intermodulation 
Intercept 

This specification is directed at predicting the 3rd order 
intermodulation distortion powers for any combination of two 
closely spaced (in frequency) input signals. Any amplifier 
can be modeled to have a polynomial approximation to its 
transfer function from input to output. When two input signal 
frequencies are present, the 3rd order term of this polyno¬ 
mial approximation will give rise to distortion terms at fre¬ 
quencies that can be very near the input signal frequencies. 
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2-Tone, 3rd Order Intermodulation 
Intercept (Continued) 

These closely spaced distortions are considerably more 
troublesome to narrowband IF channels than the simple 
harmonic distortion terms that appear in integer increments 
away from the input signal frequency. 

Appendix B expands all of the spurious frequency locations 
and distortion coefficients for two input signals at frequencies 
of fo-Af and fo+Af when passed through a 5th order polyno¬ 
mial. With this simple definition of equal deviations from a 
center frequency (an average frequency), all of the spurious 
frequency locations become very simple algebraic expres¬ 
sions of fo and Af. Using this approach to defining the test 
frequency locations also allows a clear illustration of the 
symmetric clusters of spurious terms around integer mul¬ 
tiples of fo- From appendix B, the 3rd order inter-modulation 
terms fall at fo ± ADfo- With an input signal defined as V, = 
Acos(2A(fo-Af)t) + Bcos(2A(fo +Af)t), and an input to output 
voltage gain transfer function of Vq = Kq + K-, V, + KgV,^ + 
KgV,^ (ignoring the higher order terms for now), a lower 3rd 
order spurious term at fo - 3Af with an amplitude of (3/4)*K3 
*A*B 2 and an upper spurious at fo + 3Af with an amplitude of 
(3/4)*K3 *A 2 *B will result. 

If equal amplitude signals were applied to the input (A = B), 
and if these were increased in an equal fashion, the two 
spurious amplitudes would increase in a cubic fashion. In 
dBm terms, if the two input, and hence output, powers were 
increased by 1dBm, this model predicts that the two output 
third order spurious powers will increase by 3dBm. It is 
interesting to note the effect of adjusting just one of the input 
frequency power’s. Changing the lower test frequency power 
by 1dBm will change the lower spurious by IdBm and the 
upper spurious by 2dBm. Conversely, changing the upper 
test frequency power by 1dBm will change the lower spuri¬ 
ous by 2dBm and the upper by 1dBm. The dependence of 
the 3rd order spurious power to output test frequency power 
(assuming equal powers for each test frequency) is shown 
graphically in Figure 22. 



Single Tone Input Power (dBm) 

01501823 

FIGURE 22. Output and 3rd Order Spurious Power vs. 
Input Power 

As shown in Figure 22, the 3rd order spurious powers, 
increasing at a 3X rate vs. the input power, will, at some 
output power, “intercept” the desired output powers that are 
increasing at a 1X rate vs. the input power. Another way of 
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2-Tone, 3rd Order Intermodulation 
Intercept (Continued) 

saying this is that there is a 2X closure rate between the 
desired output powers and the undesired 3rd order inter¬ 
modulation spurious powers. The graph of Figure 22 was 
arbitrarily set up for an amplifier gain of 20dB (the x-axis has 
been shifted to yield OdBm output power for -20dBm input 
power) and for a 30dBm 3rd order intercept. No actual 
amplifier will be able to reach the intercept point from an 
output power standpoint since this intercept typically ex¬ 
ceeds the -1dB compression power by at least lOdBm. The 
intercept is intended as a mathematical construct to allow 
the prediction of the spurious power level for a given output 
signal power. For an amplifier that shows a 3rd order inter- 
modulation intercept characteristic, a single measurement of 
output powers and spurious levels are sufficient to solve for 
the intercept point as shown by the equation in Figure 22. 
Figure 22 assumes equal output power levels for the two 
desired output signals. A more general approach, with un¬ 
equal test power levels, shows that, from one set of mea¬ 
surements, two estimates for the 3rd order intercept can be 
made. Figure 23 steps through this analysis and concludes 
with the predictive equations for each of the two 3rd order 
spurious levels. The graphical representation shown in Fig¬ 
ure 23 is modeling what would be observed for a spectrum 
analyzer measurement of the test and spurious powers. 


Pi Pa 


, ^ 3Af 



3Af 







> 

; 

Pl 



Ph 


fo 


1®^ estimate of intercept IM3i = 

2*^^ estimate of intercept IM32 = P 2 + 

A iU Fl + P2 F2~Fl Pi—P u 

Averaging these IM3 avg = ^ + 

If P^ = P 2 = Pj and Pl = Ph. define AdBg = Pq - Pl = Pq ~ Ph 
IM3 = Po + ^^ 

Solving the two intercept estimates for Pl and Ph 
Pl=P2-2(IM3-Pi) 

Ph=Pi- 2(IM3-P2) 
or, for P., = Pg = Pq 

PL = PH=2(|Po-IM3j 
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FIGURE 23. 3rd Order intermodulation intercept 
Calculations 

Typical RF amplifiers closely approximate this 3rd order 
intermodulation spurious model with an intercept that is rela¬ 
tively constant over the specified operating frequency range 
of the amplifier. Op amps, however, show significant devia¬ 
tions from this simple model. The principal difference is that 
all op amps will show a strongly frequency dependent 
2-tone, 3rd order spurious performance. The observed inter¬ 


modulation spurious levels will be a function of the intrinsic 
distortion in the forward path of the amplifier corrected by 
whatever loop gain the amplifier has at that frequency. All op 
amps show a loop gain that decreases with frequency. 
Hence, the 3rd order spurious levels will, in general, in¬ 
crease with frequency for fixed output test powers (reference 
4 discusses this loop gain dependence in detail). 

An additional concern is at what point in the circuit to define 
the 3rd order intercept. In order to make direct comparisons 
to RF amplifiers. National defines the 3rd order intercept to 
be at a 50Q load when driving from a 50Q output impedance. 
Some of the earlier National data sheets (e.g. CLC220, 
CLC221) defined the intercept for a voltage swing at the 
output pin converted into a power (as if it were driving 50Q) 
while actually applying that output swing to the series 50^2 
into a 50Q load. This has the effect of defining an intercept 
that is 6dBm higher than what is actually available at the 
load. This can be seen from the equation shown above for 
IM3. Recall that IM3, for equal test power levels for the two 
test frequencies, is simply the test power level +1/2 the 
difference between the test power levels and the spurious 
power levels. This difference does not change in going from 
the output pin to the matched load. However, the output 
voltage swing will drop by 6dB and, since the output pin 
power was erroneously defined as being a particular voltage 
swing across a 50Q load (when it in fact sees a 100^2 load), 
this will translate into a 6dBm drop in the test power level to 
the matched 50Q load Therefore, the usable intercept at the 
matched load is 6dBm lower than specified in those earlier 
data sheets that call for an output power calculation at the 
output pin. 

Given that the test power level is being defined at the 
matched load, it is important to consider the amplifier limita¬ 
tions on the maximum power and frequency of test. For a 
two tone test of equal powers and closely spaced frequen¬ 
cies, the available peak to peak voltage swing for each test 
frequency at the load is 1/4 the peak to peak output voltage 
available at the amplifier’s output pin while the available slew 
rate for each test tone can be estimated as 1/8 the amplifi¬ 
er’s specified slew rate. For a 2-tone test signal being gen¬ 
erated at a matched load, twice the peak to peak swing is 
being generated in the envelope (and twice the slew rate). 
Going back through the matching resistor to the output pin 
will double this swing and slew rate again. In addition, em¬ 
pirical testing has revealed that an overall maximum slew 
rate at the output pin that is 1/2 the specified op amp slew 
rate will show low spurious performance. As the slew rate of 
the output pin waveform exceeds this limit, additional non- 
linearities come into play rapidly increasing the 3rd order 
spurious powers. 

Using the circuit of Figure 13 and the typical specifications 
for the CLC404, the maximum test power level at the load for 
each test tone, from an output swing standpoint, would be 
(1/4)*6Vpp = I.SVpp . This translates into a maximum test 
power level for each tone of approximately 8dBm. At this 
maximum output swing, the available slew rate of (1/ 
8)*2000Vpmsec = 250V/psec will limit the frequency of op¬ 
eration to less than (SR/(2*7i*Vpp/2) = 250E6/(2*ji*.75V) = 
53MHz. As the test or operation powers decrease, this upper 
frequency limit set by the slew rate limit will increase. For 
example, dropping the power 6dB to 2dBm will push this limit 
out to 106MHz. 

Although some of the National current feedback amplifiers 
(e.g. CLC400, CLC401, CLC560) show a good approxima¬ 
tion to the 3rd order intercept model, the CLC404, used in 
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2-Tone, 3rd Order Intermodulation 
Intercept (Continued) 

the example circuits shown thus far, shows a spurious power 
vs. test power characteristic that deviates significantly from 
the simple model of Figure 22. Figure 24 shows the differ¬ 
ence between the test and spurious powers plotted as a 
function of single tone test power at the load. Note that the 
independent variable axis is output power; not the input 
power shown in Figure 22. Ideally, this would, at each fre¬ 
quency, yield a straight line with a slope of +2 (instead of the 
+3 slope shown in Figure 22). A similar plot for the CLC401, 
which more closely approximates this ideal, is shown in 
Figure 25 If an op amp closely approximated the 3rd order 
intercept model, a single measurement at one operating 
power would be adequate to predict the intercept at that 
frequency. 



-10 -5 0 5 10 15 

Single tone output power at 500 load 
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FIGURE 24. Measured 3rd Order Spurious for the 
CLC404 



Single tone output power at 50Q load 
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FIGURE 25. Measured 3rd Order Spurious for the 
CLC401 

The 3rd order spurious plot for the CLC404 is clearly show¬ 
ing some additional mechanism that is holding the spurious 
levels down as the output power level moves above OdBm. 
At lower power levels, it appears that the spurious charac¬ 
teristic is moving towards a linear slope of 2 as predicted by 
the simple intercept model. Looking again at the 5th order 
expansion of the 2-tone coefficients shown in appendix B, an 
additional 5th order term contributes to the spurious powers 


observed at the 3rd order intermodulation frequencies. Nor¬ 
mally, it would be expected that the K5 coefficient is so much 
lower than the K3 value that this 5th order contribution can 
be neglected. However, in the case of the CLC404, the K3 
coefficient is so low as to make this second term significant 
at higher operating powers. Note that the contribution of this 
5th order term increases as the 5th power of the two test 
powers vs. the more slowly increasing 3rd order term. It can 
be theorized that the 5th order coefficient is of opposite sign 
to the 3rd order coefficient. Then, as the test powers in¬ 
crease to the level that this 5th order term becomes signifi¬ 
cant in magnitude vs. the 3rd order, the spurious levels 
actually decrease for increasing output power. 

The projected intercept at very low power levels can still be 
used to predict the spurious free dynamic range. In Figure 
24, the intercept at low output powers may be estimated for 
a particular frequency as the output power minus 1/2 the 
y-axis value. However, it should be realized that wideband 
op amps like the CLC404 actually provide better spurious 
performance at high powers than would be predicted by this 
low power intercept model 

The 3rd order Intercept performance is typically very similar 
between inverting and non-inverting topologies. As dis¬ 
cussed in reference 4, anything that changes the loop gain of 
the op amp will have an effect on the 3rd order spurious 
performance. Increasing loop gain, either by going to low 
feedback resistor values for current feedback op amps or 
low signal gams for voltage feedback op amps, will decrease 
the spurious powers. In both cases, however, increasing the 
loop gain by changing the external operating point is con¬ 
strained by closed loop stability considerations. 3rd order 
distortions and intermodulations can be further reduced by 
operating any op amp at higher quiescent currents (if pos¬ 
sible) and/or driving the output into a higher impedance load 
for those situations not requiring a 50i2 matched impedance 
environment. 

Noise Figure 

Unlike the compression point and 3rd order intermodulation 
intercept, the noise figure for an op amp is always usable in 
the same way that it is for an RF amp. It is important to 
remember that, like compression and intercept, a noise fig¬ 
ure IS generally developed at a particular frequency and may 
change over frequency. Normally, however, a single value 
can be used above the op amp’s 1/f noise corner frequency 
(see application note OA-12 for an additional noise discus¬ 
sion and Its appendices for 1/f noise corner discussion and 
tabulated op amp input noise terms for National op amps). 
The noise figure can be accurately calculated from the 
equivalent input noise terms for an op amp and the resistor 
values used to achieve the desired gain and input imped¬ 
ance. Unlike an RF amplifier with a fixed gain and noise 
figure, an op amp’s noise figure will be strongly dependent 
on the gam setting We can, however, easily predict the 
noise figure with the equations developed here. 

A very general development for an op amp’s non-inverting 
noise figure will be performed in order to allow easy com¬ 
parison to noise figure expressions found in earlier National 
data sheets. The inverting op amp’s noise figure will, how¬ 
ever, proceed with the assumption normally used - that the 
input impedance is to be matched to the source impedance. 
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Noise Figure (Continued) 

An idealized schematic illustrating the definition of noise 
figure is shown in Figure 26. 



Noise Figure = NF = 10log 


S./N, 

So/No 


= 10log 


S, No 
So N, 
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FIGURE 26. Noise Figure Definition 


tributing noise sources is a matter of adding noise powers. 
This can be done by converting all current noises to a 
voltage through the appropriate impedance, then summing 
all of the squared noise voltage terms. Any impedance (nor¬ 
mally needed to define a power) or noise power bandwidth 
(used to convert from spot to integrated noise) will normalize 
out since we are developing the ratio of two powers at the 
same point in the circuit. Getting to the total spot noise power 
is then simply a matter of summing all the relevant squared 
noise voltages. 

Figure 27 below shows an op amp in the non-inverting 
configuration with all of the individual resistor and amplifier 
input noise terms detailed. 


Where; 

e^ = op amp input voltage noise 
in I = op amp non-inverting input current noise 
11 = op amp inverting input current noise 


All of the input and output noise and signal terms in the 
equation for noise figure (NF) are considered to be powers. 
Ni is the noise power delivered by the source resistor to the 
input of the amplifier. All other noise sources are considered 
to be part of the amplifier and contribute to the noise power, 
No , seen at the output. 

Looking at the two parts of the NF expression (inside the log 
function) yields: 

S, /So ^ Inverse of the power gain provided by 

the amplifier 

No /N, ^ Total output noise power, including the 
contribution of R s , divided by the noise 
power at the input due to Rs 
To simplify this, consider Na as the noise power added 
by the amplifier (reflected to its input port): 

S/So ^ 1/G 

No/N, G*(N , +M a )/N , (where G*(N , +N a) = N 

o) 


^ input terminating resistor 
e.^ = Ry’s voltage noise 
e^ = R/s voltage noise 
I = R„’s current noise 

g g 

Gg = ^ 5 ’® voltage noise 
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FIGURE 27. Non-Inverting Op Amp Noise Figure 
Anaiysis Circuit 

Recall that the noise of a resistor (Johnson Noise) can be 
defined as either a spot current or voltage noise. For a 
resister of value R, these two possible expressions are: 

voltage noise, ep = V 4kTR 

current noise, ip = 



Substituting these two expressions into the NF expression: 


NF = 10log 


1 rG[N, + Na 
G N, 


= 10iog 1 - 1 - 


(1) 

The noise figure expression has simplified to depend only on 
the ratio of the noise power added by the amplifier at its input 
(considering the source resistor to be in place but noiseless 
in getting Na) to the noise power delivered by the source 
resistor (considering ail amplifier elements to be in place but 
noiseless in getting N,). Generally, the definition for NF also 
constrains the input impedance for the amplifier to be con¬ 
jugate matched to the source resistor (this yields N, = ky with 
this constraint). We will, however, relax this constraint initially 
to allow comparison to the NF expressions found in Nation¬ 
al’s earlier datasheets. 

The NF of Equation (1) is specified in terms of a power ratio. 
The individual noise terms for the op amp are, however, 
expressed as spot noise voltages or currents (Spot means in 
a 1 Hz bandwidth, as opposed to integrated over some noise 
power bandwidth. See OA-12). Combining separately con- 


where; 

k -> Boltzman’s constant 
k = 1.38E-23 Joules/°Kelvin 
T -> “Kelvin = 290° in this analysis 
4kT = 16E-21 Joules at T = 290°K 
The 3 amplifier noise terms are available for most of Nation¬ 
al’s amplifiers in appendix 2 of OA-12. If the spot noise 
Figure below the 1/f noise corner is of interest, appendix I of 
OA-12 also shows how to approximate the low frequency 
spot noise from the high frequency flat band value and the 
1/f noise corner frequency. 

Using the circuit of Figure 27, the NF expression can be 
developed by generating an expression for N, and Na . N, is 
the noise power delivered by the source resistor noise to the 
input of the amplifier. This analysis simply proceeds by con¬ 
sidering the noise voltages as sources in normal linear circuit 
analysis, but eventually squaring the resulting noise voltage 
delivered to RT from es. Figure 28 shows the equivalent 
circuit and the resulting N,. This is considering the amplifier 
to have an infinite non-inverting input impedance, with all 
other noise sources neglected for now (superposition of 
noise voltage contributions are used throughout this 
analysis). 
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Noise Figure (Continued) 
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N, 


Rt 


Rs +R‘ 


-V4kTRs 


RT^4kTRs 

(Rs-Rt)" 


define R„ = R. 11 R-r = 

P " ^ Rs+Rt 

4kTR„RT 4kTRp 

N, =-?—!- =- 

Rg+ R j l + Rj/Rg 


FIGURE 28. Input Noise Power calculation 


To get an expression for , all other noise voltages and 
currents are referred to the non-inverting input and summed 
as voltages squared. For the noise terms on the inverting 
side of the amplifier, it is best to find each term’s gam to the 
output voltage, then reflect back to the non-inverting input by 
dividing by the non-inverting voltage gain of the amplifier. At 


this point, since we are dealing with linear voltage gains, 
define this gain as + = 1 + Rf /Rg . Table 1 tabulates each 
individual voltage and current noise and its “gam” to the input 
of Figure 27. Note that all current noise terms have an 
impedance in their gain expression to yield all voltage noise 
terms at the input of the amplifier. 


TABLE 1. Noise Terms Contributing to N^ for the Non-inverting Op Amp 
Configuration 


Noise Source 

Value 

Voltage Gain to input 

Non-inverting input voltage noise 

©n 

1 

Non-inverting input current noise 

in, 

RJI Rt^ (Rp) 

Inverting input current noise 

1. 

Rf/A/ 

Input terminating resistor voltage noise 

t/4kT/Rg 

Rs^Rs+Rj 

Gain setting resistor current noise 

i/4kT/Rg 

Rf/A/ 

Feedback resistor voltage noise 

t/4kT/Rg 

1/A/ 


One point of possible confusion is that, although we are 
trying to develop the total noise power at the input of the op 
amp, what relation does this have to the input voltage noise 
term that already appears in the op amp model, en. As 
described m OA-12, the noise model for an op amp attempts 
to lump all the internal noise sources of the actual amplifier 
into an equivalent input noise voltage at the non-inverting 
input and two input noise currents. The intent is to provide a 
means of predicting the noise performance over a wide 
range of external operating conditions. The en shown in the 
analysis model of Figure 27 is associated only with the 
internal characteristics of the op amp itself. The total ampli¬ 
fier output noise includes this and contributions from all of 
the other noise sources shown there. Having gotten to an 
expression for the total output noise voltage, an equivalent 
input noise voltage may be derived by simply dividing by the 
voltage gain of the op amp. This step of input referring each 
noise source is performed for each term in Table 1. 


To form an expression for N^, we need only to sum the 
squared product of each noise source and its associated 
gam, as shown in Table 1. 



This will simplify to. 


4kTRTRs^ , 4kTRf^ ^ 4kTRf 

(Rs+RT)^^Rg(Av^)2’^(A/)2 


Na ~ +('niFp) 



4kTRp 4kTRf 
I + Rj/Rs ^Ay 


op amp noise terms + input terminating + combined feedback 
resistor noise term and gam setting 
resistor noise terms 


( 2 ) 
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Noise Figure (Continued) 

An expression for the non-inverting noise Figure (N+) may 
now be derived by substituting the equation in Figure 28 and 
Equation (2) back into Equation (1). 


NF+= 10log+1 




N 2 

R, 4kTRp 4kTRf 

Av+ ^ l+Rj/Rs Av"^ 


4kTRp 

H-R 3 /RJ 


This will further simplify to 


NF = 10log 


1+Rs/Rt (1 + Rs/Rt 
^■^I + Rt/Rs^ 4kTRp 




Simplifying two of these terms; 


(3) 


CLC201, CLC103, CLC203, CLC220 and CLC221 ), where 
the Af term has been replaced by a 1 in Equation (5) to 
consider only spot noise figure. 

Equation (4) above is the most general expression for an op 
amp’s non-inverting spot noise figure, considering an arbi¬ 
trary input termination resister Rj and all possible contribut¬ 
ing terms (even though some may prove negligible). The 
simplified Equation (5) assumes no input terminating resister 
and neglects any noise contribution of the op amps non¬ 
inverting input bias current noise and the feedback and gain 
setting resister noises. The expression found in the CLC205 
and CLC206 data sheets include an arbitrary Rj , but still 
neglected the noise contribution of Rf and Rg. 

Having labored through all of this to clarify where some of 
the earlier noise figure expressions published by National 
came from, we can now step to the most useful form of the 
noise figure expression where R s = Rt- Doing this in Equa¬ 
tion (4) yields: 


NP-" =10log 2 + 



kTRs 


^ ^ Rs Rt +Rs 
Rt ^ Rt _ Rs 

Rj Rs +Rt Rt 
1 + ^ +—^ 

Rs Rs 

R s R T 

Recall ,ha.Rp=^^ 

♦her, I J Rt Rs +1^7 Rs 

4kTRp 4kT 4kT 

Putting these simplifications back into Equation 4 yields: 



This expression for the non-inverting noise Figure closely 
matches the equation shown in the CLC205 and CLC206 
data sheets. Equation (4) differs only in some of the variable 
names and In the addition of a term due to the Rf and Rg 
noise, which the CLC205 and CLC206 equations neglected. 


If we were to let , driving the signal directly Into the 

non-inverting input with no input termination and neglect any 
noise contribution from Rf and Rg, Equation (4) will re¬ 
duce to: 


NF + est «10log 


1 + 


+ (iiR,/A/)^ 
4kTRs 


(5) 

This expression for NF matches that appearing In several of 
the National hybrid amplifier data sheets (e.g. CLC200, 


With Rs = Rj 

( 6 ) 

This is probably the most useful formulation of the noise 
figure for the non-inverting op amp. The “2” arises from the 
signal attenuation we take in getting from the source to the 
input by using an external, noisy, resister matched to Rs 
(e.g. Rj ). Note that the noise figure will decrease as the 
signal gain is increased due to the two numerator terms 
showing an Ay + in their denominators. Also note that for 
current feedback amplifiers, the feedback resister Rf is fixed 
to satisfy the amplifier’s loop gain phase margin require¬ 
ments (application note OA-13 discusses relaxing this re¬ 
quirement somewhat). Hence, the latter two terms in Equa¬ 
tion (6)'s numerator do indeed decrease with increasing 
gain. If Rf were not particularly constrained in value, as with 
voltage feedback amplifiers, the Rf/A^ + term appearing in 
the last two terms of Equation (6) would probably make more 
sense if replaced by an RflIRg term. 

Inverting Op Amp Noise Figure 

In this case, the discussion will be simplified by constraining 
the input impedance of the op amp to be equal to Rs- Figure 
29 shows the circuit for analysis with all of the contributing 
noise sources: 

RT has been retained on the non-inverting input, along with 
its noise voltage source, for complete generality. Rg’s noise 
now appears as a voltage source instead of the current noise 
term used in the non-inverting analysis. Again, developing 
the noise figure expression for the inverting amplifier con¬ 
figuration is simply a matter of resolving Ng and N, and 
placing these expressions into Equation (1). Knowing that 
the input impedance is matched to Rs, 1/2 of the noise 
voltage attributed to Rs will be delivered to the input port of 
the amplifier. This yields a (voltage) 2 at the input. 
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Inverting Op Amp Noise Figure 

(Continued) 



FIGURE 29. Inverting Op Amp Noise Figure Analysis 


e,"=gesJ = ;j4kTRs=kTRs 

(7) 

Table II shows each individual noise terms, except e^, with 
each term’s “gain” to the inverting input. The noise terms on 
the non-inverting input have a gain of At to the inverting 
input. This represents the non-inverting gain to the output 
divided by the inverting gain back to the inverting input. The 
two resistor noise terms for and Rg are taken to have a 
voltage gain to the inverting input defined simply by the 
resistor divider networks and simplified with the constraint on 
Rm that it is to be set to yield RqIIRm = Rs • It is, perhaps, 
easiest to confirm the gain equations for Rg’s and R^ ’s 
noise by computing the current those voltages generate into 
Rg , taking this current to the output by multiplying by Rf and 
then reflecting back to the inverting input by dividing by - 
= Rf /Rg . Doing this and then substituting in for R^ , as 
shown in Table II, will (with some manipulation) yield the 
simple gain expressions found in Table II. The inverting noise 
current and Rf noise voltage are taken to the output then 
reflected back to the inverting input by dividing by the invert¬ 
ing gain. 


TABLE 2. Noise Terms Contributing to N^ for the inverting Op Amp 
Configuration 


Noise Source 

Value 

Voltage Gain to Input 

Non-inverting input voltage noise 

©n 

At 

Non-inverting input current noise 

in, 

RtAt 

Non-inverting input source resistor noise 

/4kT/R^ 

At 

Inverting input current noise 

i. 

Rf 

V 

Inverting input impedance matching 
resistor noise 

ZtkT/R^, 

1 [ Rf] 

2[ V] 

Gain setting resistor 

/4kT/Rg 

1-1-^ 

2 Rg 

Feedback resistor voltage noise 

✓4kT/Rf 

1 

V 
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where: 


Av" 


1 + Av 


- and A 7 


1 -- 


1Rs 

'2Ra 


For Av 



Rm = 


Rg -Rs 


to get R|^ II Rg = Rs 


The noise terms on the non-inverting side of the op amp 
have a gain of Aj to the inverting input. As A^' increases, this 
gain drops to < 1, which contributes to the lower noise figure 
achievable using the inverting amplifier configuration. Again, 
an expression for a noise (voltage) 2 at the input may be 
obtained by taking the sum of the squared product of each 
noise source and associated gain shown in Table II. 


ea^(enAT)^ +(lmBTAT)^ +4kTRTAT2 + 



4kTR. 


2 

2 




(Av^)^ 


Combining the two noise powers attributed to the input 
matching network will allow considerable simplification in the 
final inverting noise figure expression. Substituting in for Rm 
with the expression shown as part of Table II and expanding 
the squared gain expressions. 


4kTRgRs 
Rg -Rs 


(Rg-Rs)^ 

R ^ 




4 + 


= kT(4Rg-3Rs 


) 


Putting this back into the inverting expression and group¬ 
ing the non-inverting input noise terms together yields: 


=(e„' +(i„,Rt)' +4kTRT)AT^ +kTRs[^4i-3j+ 

( 8 ) 

Putting the expressions for inverting and e,^ {Equation 
(8) and Equation (9)) back into the noise figure expression 
(Equation 1), and recognizing that dividing each term by Rs 
will yield and N, respectively, shows that the kTRg term 
that arose in from the R^ and Rg resistor noises will 
collapse to a simple term, not including kTRg (very reminis¬ 
cent of the “2” appearing in the NF-i- expression). One differ¬ 
ence is that this part of the expression includes the contri¬ 
bution of both Rm and Rg, while the non-inverting equation 
kept the Rg noise as part of the equivalent input noise. This 
arises since Rg is now constrained by the input impedance 
matching requirement and can, therefore, be taken into this 
simplified form. The inverting noise figure NF- is then: 


NF“=10log 



(©n^ + ('niRl)^ + 4kTR7)Ay^ + 



4kTR, 


kTRs 


(9) 


To compare the non-inverting noise figure expression {Equa¬ 
tion (7)) to the inverting expressions {Equation (9)), note that 
noise terms on the non-inverting input side have a gain of 1 
for the non-inverting configuration but a gain of At for the 
inverting. Also note that the term associated with the feed¬ 
back resistor noise is divided by simply Av"^ in the non¬ 
inverting case. This arises because it also includes the Rg 
noise in the non-inverting expression. However, it is divided 
by (Av’)2 in the inverting case. This arises from the Rg noise 
term being considered part of the input termination. In this 
case, Rg and Rm’s noise, appears in 2*(2*Rg/Rs -1) as part 
of the noise figure expression. Note that this collapses to 
simply equal 2 when Rg = Rg similar to the NF-i- case. 

At low inverting gain, the non-inverting input noise terms 
have a larger Impact for the inverting configuration than for 
an equivalent non-inverting gam, yielding a higher noise 
figure. As A^' increases, however, the non-inverting noise 
terms will be attenuated in going to the inverting signal input 
reference point, yielding a lower inverting noise figure than 
for an equivalent gain non-inverting configuration. 

Figure 30 compares the noise figures over gain for the 
non-inverting vs. inverting configurations using the CLC404. 
For this comparison, Rf is assumed fixed at 500Q, Rj for the 
non-inverting case = 50Q; but is set to 25Q for the inverting 
case. With these constraints, Rg and Rm will be set by the 
desired gam and the requirement that Rg IIR^ = Rs in the 
inverting mode. Rs is assumed = 50^^ throughout. The in¬ 
verting noise figure plot simply stops at the point where Rg = 
50^2, since higher gains are not possible (with a fixed Rf) 
while retaining the input impedance matching requirement. 
Also note that log gains are shown on the x-axis to the 
matched load, while the voltage gains used in the noise 
figure calculations are the linear voltage gains to the output 
pin. 



FIGURE 30. Noise Figure vs. Gain For the CLC404 

Dynamic Range Calculation 

Having developed the 3 limits to dynamic range commonly 
used in describing RF amplifiers as they apply to op amps, it 
is now possible to combine them into a single dynamic range 
number. The usable dynamic range is typically described in 
terms of the difference between the minimum detectable 
signal at the amplifier output and either the -1dB compres¬ 
sion or the output power that would bring the 3rd order 
spurious up to this minimally detectable level. As described 
in reference 5 (page 175) the minimally detectable signal at 
the output of an amplifier is: 

POmds = kTGA(NF)BX 
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Dynamic Range Calculation 

(Continued) 

where: 

kT Noise power delivered to matched input in dBm 

GA -> Power gain in dB 

NF Noise Figure 

B -> Noise bandwidth 

X Additional margin above the noise floor for 

detectability: typically 3dBm 

Note that the kTGA(NF) term solves to yield the spot output 
noise power Substituting for NF and recalling that kj = noise 
power delivered to the input matching resistor = N 


yield a 3rd order spurious level equal to the minimum detect¬ 
able signal At this point, the amplifier generated spurious is 
just equalling what can be detected from a noise floor con¬ 
sideration. From Figure 23, the 3rd order spurious levels are: 

Ps=2[|Po-IM3j 

Setting this equal to the minimum detectable signal and 
solving for P 0 - 

Ps =2[^|Po -IM3 j = -174dBm + 10logGA +10log(B) + 3clB 
■^omax =" [-174dBm + 10logGA +NF + 10log(B) + 3dB + 2(IM3)j 


kTGA (NF) = N,Ga 


S, /N, 
So /No 


= NoGa 



Putting in the previously develop minimum detectable signal 
and pulling the 20MHz intercept from Figure 24 shows a 
maximum spurious free output power of - 


Adding 10*log(B) will then show the integrated noise floor at 
the output of the amplifier. It is important to remember that 
this bandwidth need not be the bandwidth of the amplifier 
Itself It IS advantageous to bandlimit the response as nar¬ 
rowly as possible at some point after the amplifier immedi¬ 
ately prior to the desired signal extraction. It is this later 
bandlimiting bandwidth that would be used in the equation 
for determining the minimum detectable signal 
As an example, consider the CLC404 circuit used through¬ 
out this discussion with a post-filter to yield a bandwidth of 
interest from 10MHz to 20MHz. The non-inverting, gam of 
9.54dB topology would yield a minimum detectable power 
level at the output: 

Pomds = 10log (kT) + 10log (Ga) + NF -i- 10log(10MHz) -h 
3db = -174dBm -h 9.54dB -h 18dB + 70dB -h 3dB = 
-73.5dBm 

Where the noise figure was read off of Figure 30 and 
10log j = 10 log (1000(4E - 21)) = -174dBm. 

Having determined the minimally detectable signal, at the 
output, a maximum output signal set by some constraint will 
determine the dynamic range Typically, a simple dynamic 
range specification uses the -IdB compression power as the 
maximum output power From the earlier discussion on -IdB 
compression, we know that the actual output power at the 
fundamental frequency is -IdBm less than the reported -IdB 
compression point, and, that the true achievable sinusoidal 
power IS approximately 2.1 dBm less than this due to in¬ 
crease in power showing in the fundamental when the output 
IS approaching a square wave. With these considerations, it 
would seem more realistic to use a maximum output power 
3dBm less than the measured -IdB compression power. 
Going to Figure 7Zand subtracting 3dBm from the measured 
-IdB compression at the maximum operating frequency will 
yield a maximum usable output power at the matched, load 
of 14.5dBm. Subtracting the minimum detectable signal at 
the output from this shows a 14.5 - (-73.5) = 88dB dynamic 
range. 

An alternative approach is to define a spurious free dynamic 
range. This approach sets the maximum output power to 


=|[-735 + 2(28)] = -5.8dBM 


and a spurious free dynamic range of: 

DRf = -5.8dBm - (-73.5dBm) = 67.7dB 
An additional check on this spurious free dynamic range is to 
recall that the total output power for the equal power 2-tone 
condition (that will generate the spurious level at the mini¬ 
mum detectable signal) is actually a voltage envelope that is 
twice the individual signals, or, 6dBm higher in power. This 
would imply a OdBm total output power when the spurious is 
just rising above the noise floor. This is well below the 
dynamic range set by the -IdB compression limit. 

Another way to interpret the 3rd order spurious plot of Figure 
24 IS to compute the absolute spurious power level as the 
output power is swept higher and simply compare that to the 
minimum detectable signal power at the output. The abso¬ 
lute spurious power can be derived from the data of Figure 
24 as simply the x-axis value minus the y-axis value, (Pq 
-(Pq - Ps)) = Ps • When the measured spurious free range is 
in a region of -1 slope (2^4dBm on the 20MHz line), Ps is 
remaining constant as the output power increases. Using the 
actual measured data, as opposed to an intercept, can be¬ 
come a more appropriate way to compare the spurious 
power to the noise floor when the spurious level begins to 
level out and become constant (for a part like the CLC404) 
just below the minimum detectable signal. 

For example, if the minimum detectable signal were actually 
-68dBm in the example considered earlier, the 3rd order 
spurious would equal this level at 4dBm output power in¬ 
stead of the -4dBm level that would be predicted from the 
equation used above with the low power estimate of a 
28dBm intercept. Increasing the amplifier gain by 6dB would 
raise the output noise floor to -67.5 to take advantage of this 
improved spurious performance at higher output powers. 
Doing this would actually yield a 72dB spurious free dynamic 
range vs. the 68dB calculated earlier. 

The primary determinants to dynamic range are noise power 
bandwidth, noise figure, -IdB compression, and 2- tone, 3rd 
order spurious. To maximize dynamic range, the following 
steps may be taken - 
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Dynamic Range Calculation 

(Continued) 

1. Limit the noise power bandwidth after the amplifier as 
much as possible. 

2. To reduce noise figure, run the amplifier at as high a gain 
as possible consistent with bandwidth limitations and/or 
use the amplifier at high inverting gains. Alternatively, 
using a transformer coupled non-inverting amplifier con¬ 
figuration as described in National application note 
OA-14 can typically reduce the noise figure to the 6dB 
level. 

3. If the -1dB compression limits are inadequate, use a 
higher supply voltage amplifier (such the hybrid amplifi¬ 
ers offered by National), or, increase the power supply 
voltage above the recommended value. National’s low 
voltage monolithic amplifier’s specify a maximum volt¬ 
age across the supply pins of 14 volts. Increasing the 
supplies from ±5V to ±6V (or using a single 12V supply 
and the single supply circuits described earlier) will typi¬ 
cally increase the maximum usable output power by 
2dBm. 

4. Be sure to consider the actual spurious performance if 
an intercept characteristic is not followed. Increasing the 
supply current (if possible) or increasing the load imped¬ 
ance can dramatically drop the 3rd order distortion 
terms. Recall that the feedback network remains as an 
upper limit on the output loading. Reference 4 describes 
an additional technique of loop gain shaping that can be 
used to further improve the distortion performance. 

Conclusions 

High speed current feedback amplifier’s can offer consider¬ 
able performance advantages when used in IF and RF ap¬ 
plications. The flexible gain and I/O impedance capability 
can be used to the designers benefit in tailoring the amplifier 
to the specific requirement. Last minute gain changes can be 
accommodated with resistor value changes as opposed to 
requiring a new amplifier. Exceptional I/O VSWR and re¬ 
verse isolation are easily attainable using wideband op 
amps. Although somewhat different, the dynamic range can 
be calculated, or measured, and compared between op 
amps and more typical RF amplifiers. 

One of the most significant advantages of wideband current 
feedback amplifiers is the low 3rd order spurious level for 
their relatively low quiescent power dissipation. Most of Na- 

Appendix A 

Amplifier Comparison Table 

tional’s monolithic amplifier’s dissipate less than 150mW 
while delivering in excess of 40dBm intercepts below 
10MHz. The primary drawback to the closed loop op amps 
are their rapid rolloff in distortion performance as the loop 
gain decreases at higher frequencies. Another area for im¬ 
provement are the relatively high noise figures using stan¬ 
dard op amp topologies. Using an input transformer can 
reduce the overall noise figure to around 6dB (see National 
application note OA-14). Additional external circuit tech¬ 
niques, along with a new low noise op amp (the CLC425), 
show a potential for noise figures as low as 2dB. For IF and 

RF applications below 100MHz, and particularly below 
50MHz (when a high spurious free dynamic range is re¬ 
quired), a wideband op amp solution can probably offer 
significant performance, power dissipation, and price advan¬ 
tages over more typical fixed gain amplifiers. Appendix A 
summarizes the comparison between RF amplifiers and 
wideband op amps. 
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The circuits included in this application note have been 
tested with National Semiconductor parts that may have 
been obsoleted and/or replaced with newer products. Please 
refer to the CLC to LMH conversion table to find the appro¬ 
priate replacement part for the obsolete device. 

Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoleted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 

Parameter 

RF Amplifiers 

National Semiconductor Op Amps 

Gain 

Almost always fixed gain 

Easily adjustable over wide range 

Bandwidth 

Limited capacity < 1MHz. Can be 
very high frequency. Generally, 2 
decade range . 

DC capability. Upper limit around 100MHz to match RF amp 
flatness specs 

I/O VSWR 

Typically 1.5:1 

Can be tuned to much better match through 100MHz than RF 
amps 

Reverse Isolation 

20 to 30dB considered good. Not too 
frequency dependent. 

Much better isolation possible degrades at high frequencies. 

Better non-inverting than inverting. 

Noise Figure 

Can be very low 2 to 5dB typical 

Varies with gain setting. Higher gains better but bottoming out 
about 12dB for typical op amp. Circuit can be improved to < 5dB 
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Amplifier Comparison Table (Continued) 


Parameter 

RF Amplifiers 

National Semiconductor Op Amps 

3rd Order 

Moderate levels, needs high l^c for 
excellent numbers. Relatively 
frequency independent. 

Very good intercepts for quiescent power. Strong frequency 
dependent-degrading rapidly at Can be improved at low 
frequencies. See App. Note OA-22. 

-1dB Compression 

Good levels for voltage supplies. 
Relatively frequency independent. 
-1dB - 1 - 3rd intercept are order 
related. 

Requires more head room for available output power. Drops 
rapidly with frequency due to slew rate -1dB and 3rd order not 
related. 

Supply Current 

Usually single polarity supply. High 
quiescent current vs. PoCapability. 

Bi-polar supplies Almost all can be run single supply. Much 
lower quiescent currents for PoCapability. 


Appendix B 

Harmonic & Intermodulation Terms for a 5th Order Polynomial Transfer 

Function 

For an input signal that is two sinusoidal signals 
V, = Acos27cfit + Bcos27ifit 
fi = fo - Af 
f2 = fo - Af 

Processed through a 5th order polynomial transfer function 
Vo = Ko + KiV, + K2V2 + KgV^ + K4V4 + KsV,^ 

yields the following frequencies and coefficients: 

Frequency terms and coefficients in order of ascending frequency 


Frequency 

Coefficient 


DC 

Ko + K 2 (A2/2 -I- B^/2) + K 4 (3/8 * A^ + 3/8 * B^ 3/2 * A^B^) 


2Af 

(K^ -F- AB/2) -h 2 K 4 (A 3 B 4- AB^) -h 5/4 * K 5 (A^B -h AB^) 

2nd Order Intermod 

fo 

Kg * 10/16 *A3B2 

5th Order Intermod 

fo - 3Af 

K 3 * 3/4 * AB^ -h 30/16 * KgA^B^ 

3rd Order Intermod 

fo - Af (=fi) 

Ki K 3 (3/4 * A 3 -H 3/2 * A^B) Kg (5/8 * A® + 30/8 * 

A3B2-t-15/8 * AB^) 

Lower Test Tone f^ 

fo 

No coefficient 


fo - Af (=f 2 ) 

Ki -H K 3 (3/4 * B 3 -f- 3/2 * AB^) -h Kg (5/8 * B^ 30/8 * 
A2B=^-k15/8 * A^B) 

Upper Test Tone f 2 

fo+ 3Af 

K 3 * 3/4 * A^B + 30/16 * 

3rd Order Intermod 

fo+ 5Af 

Kg * 10/16* A^B^ 

5th Order Intermod 

2fo+ 4Af 

2 K 4 A 3 B 

4th Order Intermod 

2fo+ 2Af (=2fi) 

K 2 * A 2/2 K 4 * AV2 + 3/2 * K 4 A 2 B 2 

2nd Harmonic for f^ 

2fo 

K 2 * AB/2 -f- 2 K 4 (A^B + AB^) + K^ * 5/4 * (A^B - 1 - AB^) 

2nd Order Intermod 

2fo+ 2Af (=2f2) 

K 2 * B^/2 + K 4 * B‘’/2 + 3 / 2 K 4 A 2 B 2 

2nd Harmonic for fg 

2fo+ 4Af 

2 K 4 AB 3 

4th Order Intermod 

3fo - 5Af 

5/16 * KgA^B 

5th Order Intermod 

3fo - 3Af (=3fi) 

K3/4 * A^ + Kg/16 * A® 

3rd Harmonic for f^ 

3fo - Af 

3/4 * K 3 AB 2 + 30/16 * KgA^B^ 

Higher 3rd Order Intermod 

3fo 

No Coefficient 


3fo - Af 

3/4 * KgA^B -h 30/16 * KgA^B^ 

Higher 3rd Order Intermod 

3fo - 3Af (=3f2) 

K3/4 + Kg/16 * B® 

3rd Harmonic for f 2 

3fo - 5Af 

5/16 * KgAB^ 

5th Order Intermod 

4fo - 4Af (=4fi) 

1/8 * K 4 A 4 

4th Harmonic for f^ 

< 

CM 

2 K 4 A^B 

4th Order Intermod 

4fo 

No Coefficient 
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Appendix B 

Harmonic & Intermoduiation Terms for a 5th Order Poiynomiai Transfer 
Function (Continued) 


CM 

o 

^ I 

2K4AB3 

4th Order Intermod 

4fo - 4Af (=4f2) 

1/8 * K4B'^ 

4th Harmonic for f2 

5fo - 5Af (=5fi) 

CD 

5th Harmonic for f^ 

5fo - 3Af 

5/16 * KgA^B 

5th Order Intermod 

5fo 

No Coefficient 


5fo - 3Af 

5/16 * KgAB^ 

5th Order Intermod 

5fo - 5Af (=5f2) 

1/16 * K5B® 

5th Harmonic for f2 
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Abstract 

This App Note covers the noise model for all current- 
feedback op amps, simple design techniques and useful 
approximations. This is a frequency-domain model to sim¬ 
plify circuit analysis and design. This information simplifies 
the selection of a low-noise current-feedback op amp. 

This revision obsoletes the previous revision of this App 
Note, and covers additional material. 

Contents 

The subjects covered are: 

• The noise model for current-feedback op amps 

• Converting noise densities to integrated noise 

• Interpreting integrated noise as SNR 

• Output noise improvement 

• 1/f noise calculations 

• SPICE models 

• A design example 

• A derivation of the Noise Power Bandwidth approxima¬ 
tion (Appendix A) 

• A bibliography (Appendix B) 

Scope of Noise Analysis 

The noise analysis in this App Note deals with random noise 
generated by the devices and components in a circuit. Noise 
analysis gives the greatest benefit when: 

• The signal level is low 

• The signal to noise ratio (SNR) is high 

• The signal sees a substantial gain 
Noise analysis will not help: 

• Identify and eliminate oscillation or instability problems 

• Reduce EMI (Electro-Magnetic Interference) 

• Reduce cross talk 

Noise Model 

Three in put-referred noise density (spot noise) sources 
model the noise generated by current-feedback (CFB) op 
amps. Noise power density (en^ or in^ ) is the power mea¬ 
sured in a narrow bandwidth, normalized to the load resis¬ 
tance, in units of V^/Hz or A^/Hz. Voltage noise density (ep) 
and current noise density (ip) are the square-root of noise 
power density in units of V/VHz or A/VHz. Notice that these 
noise densities are functions of frequency. 

Figure 1 shows the three input noise density sources, Sp,^ , 
ibp^ and ib,^ , in a standard amplifier circuit. The specifica¬ 


tions give densities that are constant over frequency (white 
noise). Ground Rj for inverting gam circuits, and ground Rg 
for non-inverting gam circuits 



FIGURE 1. CFB Noise Model 

The equation for the output voltage noise density is (^) 

=G^(e^, +(ibnRTf +4 /(T(Rt +(R, lIRg))) 

+ (ibiRff+(enslGnf + (ens2(Gn-l)f 

where: 


■ e^o is the voltage noise density (V/VHz) 
seen at Vq 

■ e^^ is the op amp’s input voltage noise 
density (V/VHz) 

■ ibn and ibi are the op amp’s Input current noise 
densities (A/VHz) 

■ = Tisthe 

temperature in K 

■ egg-j and ens2 are the voltage noise densities 
(V/VHz) produced by Vsi and Vs2 


The load resistor (Rl ) has a negligible contribution to the 
noise because the output resistance of the op amp is very 
small. 

The system transfer function will shape the output noise. 
See References [1 & 2] m Appendix B for information on 
how to generate noise transfer functions. The 1/f Noise 
section covers excess noise (noise that exceeds the white 
noise specifications). 
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Integrated Noise 

Convert the output voltage noise density to the integrated 
output voltage noise by integrating over frequency: 


Eno=i|j“e2o|Heno(if)fc*= 
NPBW-l.3f2-O.8 fl 


where: 

• Heno (j^) is the noise transfer function for Opo 

• fi is the lower -3dB corner frequency for AC-coupled 
systems, or the lowest frequency that affects your sys¬ 
tem’s performance 

• iz is the upper -3dB corner frequency 

• The NPBW (Noise Power Bandwidth) approximation 
holds when: 

• there is < 3dB of gain peaking 

• fi « fa 

• If the NPBW approximation does not hold, use numerical 
integration instead 

The integrated output noise, E„o , is the standard deviation 
of the output noise in units of Vrms ■ It is also a measure of 
the lower end of the useful dynamic range. Because inte¬ 
grated output noise depends on the circuit architecture, com¬ 
ponent values and the op amp, it is best to compare op 
amps based on the input noise densities 
To see how each noise source contributes to Epo , integrate 

E^O = J“Gne^,|Hen. 00 f C* + J“Gni§nRf I H,bn 00 |"d'+ • 


This information is useful for improving the amplifier’s SNR. 

Dynamic Range 

Signai to noise ratio (SNR) describes how much dynamic 
range a signal has. It compares the lower end of the useful 
dynamic range (Epo) to the signai magnitude (in units of 
Vrms)- The input and output signal to noise ratios are: 


SNR,n=20log 


SNRq =10log 


^in(rms) ) 
El.... 

Vo(rms)^I^L 


.dB 


E^o/Ri 


= 20log 


Vo(rms) 

Eno 


,dB 


where: 

• V,p(rp,s is the signal voltage at the Input (Vgi or Vsz), V^ms 

• Ep,p is the integrated voltage noise at the input (at Vsi or 
Vs2 ). Vrms 

• Vo(rms) is the signal voltage at the output, V^ms 

• Epo is the integrated voltage noise at the output, V^ms 

Improving Output Noise 

To reduce output noise, do the following: 

• Band-limit the signal after the op amp to limit the final 
output noise 

• AC couple when possible 


• Use a low-pass filter, or a band-pass filter 

• Reduce gain peaking to lower the NPBW 

• Reduce resistor values to lower thermal noise, but keep 
in mind that: 

• Rf values smaller than that recommended in the 
datasheet will cause gain peaking and increased band¬ 
width; the NPBW may increase faster than the in¬ 
tended noise reduction 

• Smaller loads at the op amp’s output increase distortion 
and power consumption 

• Resistors connected to the Input of current-sensing am¬ 
plifiers act as current noise sources; increase these 
resistor vaiues to reduce thermal noise 

For those op amps with an adjustable supply current, the 
input noise sources change with supply current. As the sup¬ 
ply current increases, the input voltage noise decreases, the 
input current noises increase, the distortion improves and 
the bandwidth increases. For the best voltage noise perfor¬ 
mance, use the highest supply current. For the best current 
noise performance, use the lowest supply current. 

1/f Noise 

At low frequencies, the three input noise density terms are 
larger than predicted by the specifications. The dominant 
source of this excess noise is 1/f (or flicker) noise. Burst 
noise also contributes to excess noise, but is not covered in 
this App Note. The input noise sources, with both the 1/f 
noise and white noise terms included, are: 

ibn(0 = ibn|^1 + -^j 
ibi(f) = ibi|^1 + -^j 


where: 

• en,^(f) is the sum of the white noise term, e^^, and the 1/f 
noise term, ^2 ^c(eni) 

• fc(eni) is the corner frequency of the 1/f noise for en,^(f); 
this is the point where en,^(f) doubles its white noise value 

• the other input noise terms are defined similarly 
Notice that flicker noise power density is proportional to 1/f; 
flicker voltage noise density and flicker current noise densi¬ 
ties are proportional to 1/>/f. 

To integrate both white noise and 1/f noise, evaluate indi¬ 
vidual noise terms separately. For each term we obtain: 

En=|“e^[l + ^)|He„(jf)fdf = e2 NPBW 
NPBW - (1.3 • fg - 0.8 • fi) + NPBWi/f 
NPBWi;, = fo 


The 1/f noise contribution is negligible when fg >> fc ■ fi is 
the largest frequency that does not affect your system’s 
performance when the amplifier is DC-coupled. 

Use metal-film resistors to minimize 1/f noise. 
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SPICE Models 

SPICE models are available for most of Comlinear’s ampli¬ 
fiers. These models support AC noise simulations at room 
temperature. We recommend simulating with Comlinear’s 
SPICE models to: 

• Predict a better value for NPBW 

• Support quicker design cycles 

To verify your simulations, we recommend breadboarding 
your circuit. Evaluation boards are available for building and 
testing Comlinear’s amplifiers. 

Design Example 

This design example demonstrates the noise design of a 
simple circuit. The CFB op amp in this example is not an 
actual product; the parameter values shown are arbitrary 
and are for illustration purposes only. 

This example uses the non-inverting gain amplifier in Figure 
2. The components shown are: 

• Vsi is the input voltage source (with very low output 
impedance). The signal at Vsi is lOOrnVrms . ^^d the 
voltage noise ensi (at Vgi) is 3.0nV/VHz. 

• A 50Q coax cable is placed between the source and the 
amplifier 

• R-p^ = 50^2 to match the coax cable’s impedance and 
prevent reflections 

• Rt 2 prevents gain peaking, and filters the input signal 
with CT 

• Cj filters the input signal (this reduces the signal’s slew 
rate) 

• Rf and Rg set the gain; the recommended Rf is 250a for 
a gain of 10 

• Rl is 10OQ 

• The op amp noise terms are: 

• ep, = 3.0nV/VHz and fc(eni) = 1.0kHz 

• ibn = 2.0pA/VHz and fc(,bn) = 5.0kHz 

• ib, = 12pA/VHz and fc(,bi) = 10kHz 

• Ambient temperature (T) is 25°C 

• Power dissipation of the op amp causes a 15°C junction 
temperature rise 



FIGURE 2. Non-Inverting Gain Amplifier 

The design goals are: 

• Provide a gam of 10 (= Gp for non-inverting gains) 

• DC-couple the signal; the lowest frequency that affects 
system performance is 10Hz (fi) 

• Set an upper 3dB corner frequency of 10MHz (fg) 

• Achieve an output SNR of 74dB 


The initial design choices we made are: 

• 20MHz pole at the input set by Cj and Rt 2 (this will cause 
reflections in the coax cable for any signal above this 
pole) 

• 10MHz filter after this amplifier (not shown); this will set f 
2 (NPBW) 

• Rt 2 ~ 1 .Okfi 

• C-j- = 8pF 

• Rf = 250n, its recommended value, to avoid gain peaking 

• Rg = 27.80. to set the gain to Gp = 10 

The resulting junction temperature of the op amp, input 
integrated noise and input SNR are: 

T = 25°C +15°C = 40°C = 313°K 
Ens1 = e„s, ^/N^ 

«(s.OnV/VFE) -(/13MHZ-8HZ 

»(l0.8nV,^s)^ 

SNR,„ = 79.3dB 

Rti does not contribute to the output noise; Vsfis a nearly 
ideal voltage source. 

The input source produces an output noise of: The individual 
white noise contributions of the op amp to the output noise 
are: 

G^ensiNPBW = (l08nV,^3f 

The individual white noise contributes of the op amp to 
output noise are: 

G" e% NPBW = (108hV,„, 3)2 
Gn i§n Rfz NPBW = (72 hV,„3)^ 

Ig, Rf.NPBW = (l1nV^3f 

The individual 1/f noise contributions of the op amp to the 
output noise are: 

(4 ei NPBW,;,.(10)2(3.0nV/VH?f[^(1kHz) 

= (3.5iiV„„3)" 

Gn ign Rt2 NPBWi„ = (5.3hV™3)" 
i Rf.NPBW,«.(1.1nV,„,3f 

The contributions of the other components to the output 
noise are: 

4kTRT2 NPBW = (10f(4.2nV/VHz)^(13MHz-8Hz) 

= (l50nV^3f 

g2 • 4/tT(R, II Rg) ■ NPBW = (24nV„„3)^ 


4-51 


www.national.com 


OA-12 




OA-12 


Design Example (Continued) 

The resulting output integrated noise, output signal and out¬ 
put SNR are: 

Eno - 227 mV,^3 

^o(rms) “ ^n^in(rms) ~ ■O^^rms 

SNRo « 72.9dB 

Reduce Rt 2 to improve SNR; this has little impact on other 
performance parameters. Changing Ryg to 200Q gives: 

Ct = 40pF 
Eno « 169pVrms 
SNRo « 75.4dB 

In an actual design, the next step would be SPICE simula¬ 
tions, then breadboarding the circuit. 

Conclusions 

The important points to remember when designing low noise 
circuits are: 

• Employ noise analysis where small signals are present 

• Select correct resistor values to reduce thermal noise 

• Select op amps based on their input noise densities 
(integrated noise is circuit-dependent) 

• Reduce NPBW and gain peaking to minimize integrated 
output noise 

• Estimate your signal’s dynamic range using SNR 

• Simulate with Comlinear’s SPICE models to estimate 
noise performance 

• Build and measure your circuit to verify the design 

• Refer to the Bibliography in Appendix B for additional 
background information 

Appendix A 

(derivation of Noise Power Bandwidth formula) 

The goal is to estimate NPBW using common, easy to 
measure parameters: the -3dB bandwidth and gain peaking. 
We assume a second-order transfer function for the op amp 
circuit’s high-frequency behavior: 


NPBW = 



Gam peaking is easy to measure, and is a strong function of 
Q for large Q. It is easy to show that: 


Q = 


^max 

Ho 






Q 


where H^ax's the peak gain magnitude. 

These results support the following approximations: 


NPBW«(1.3) f2,^^<1.5 
Ho 

Hmax t iQ<-Hrn§^ 

u 2 > ■ L, 


with a 20% maximum error. This translates to a 0.8dB maxi¬ 
mum error in the estimated SNR. 

If the amplifier transfer function has a singie poie response, 
it is easy to show that: 

NPBW = (71/2) • fg, Singie pole transfer function 
High-order filters will have: 

NPBW = fg, high-order filters 

The approximation formula includes both of these cases. 
The above results hold for the lower corner -3dB frequency 
(fi) with minor modifications. When the corner -3dB frequen¬ 
cies do not interact (f^ << f2 ), we obtain: 

NPBW « (1 3 . f2 - 0 8 • f.,), < 3.0dB 



s = jco = j27Cf 


where coo = 27ifo is the natural frequency of this transfer 
function. 

Integrating the magnitude squared of the transfer function 
gives: 

.oo 2 

NPBW = J^ |H(jf)| df 



Solving for the upper -3dB corner frequency (fg), and substi¬ 
tuting the result in the equation above, gives: 


It is easy to extend this result when there is more than 3.0dB 

of peaking, but it is better to reduce the peaking, or to 

numerically integrate the output noise. 
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Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoleted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 
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With the introduction of commercially available amplifiers 
using the current feedback topology by Comlinear Corpora¬ 
tion in the early 1980’s, previously unattainable gain and 
bandwidths in a DC coupled amplifier became easily avail¬ 
able to any design engineer. The basic achievement realized 
by the current feedback topology is to de-couple the signal 
gain from the loop gain part of the overall transfer function. 
Commonly available voltage feedback amplifiers offer a sig¬ 
nal gain expression that appears identically in the loop gain 
expression, yielding a tight coupling between the desired 
gain and the resulting bandwidth. This historically has led to 
the gain-bandwidth product idea for voltage feedback ampli¬ 
fiers. The current feedback topology transcends this limita¬ 
tion to offer a signal bandwidth that is largely independent of 
gain. This application note develops the current feedback 
transfer function with an eye towards manipulating the loop 
gain. 

Current Feedback Amplifier 
Transfer Function Development 

The equivalent amplifier circuit of Figure 1 will be used to 
develop the non-inverting transfer function for the current 
feedback topology. The current feedback topology is also 
perfectly suitable for inverting mode operation, especially 
inverting summing applications. The non-inverting transfer 
function will be developed, in preference to the inverting, 
since the inverting transfer function development is a subset 
of the non-inverting. 


dependent gain, a(s). a(s) is very neatly equal to 1 at DC 
(typically .996 or higher, but always < 1.00) and typically has 
a -3dB point beyond 500MHZ. The output of the buffer 
ideally presents a OQ output impedance at the inverting 
input, V". It actually shows a frequency dependent imped¬ 
ance, Z„ that is relatively low at DC and increases inductively 
at high frequencies. For this development, we will only con¬ 
sider that Z, is a small valued resistive impedance, R,. The 
intent of the buffer is to simultaneously force the inverting 
node voltage to follow the non-inverting input voltage while 
also providing a low impedance path for an error current to 
flow. Any small signal error current flowing in the inverting 
node, iern is passed through the buffer to a high transimped¬ 
ance gain stage and on to the output pin as voltage. This 
transimpedance gain, Z(s), senses ierr and generates an 
output voltage proportional to it. Z(s) has a very high DC 
value, a dominant low frequency pole, and higher order 
poles. When the loop is closed, the action of the feedback 
loop is to drive ierr fo zero much like a voltage feedback 
amplifier will drive the delta voltage across its inputs to zero. 
Z(s) ideally transforms the error current into a OQ output 
impedance voltage source. 

Figure 2 steps through the transfer function development 
including the effect of R,. This analysis neglects the impact of 
a finite output impedance from Z(s) to the output, output 
loading interactions with that output impedance, and the 
effect of stray capacitance shunting Rg. 

Start by summing current at the V" node of Figure 1 



Eq 1 


Vq"'/ V 
lerr + —=— = — 

We also know that, 

V = a(s)V+ -1 „ R, 

err I y 

and, i^„Z(s) = Vo then, 13,,= 

Multiply equation 1 through by and isolate V“ 

Rf'err*V„ = V-(1+R,mg) 

Now substitute in for and V from above 


err 


+ V, 


V* 


IS and solve 

“(®) ^) 


Z(s) -o V Z(s) ..g 

Gather terms and solve for V 


Rf+R,(1 +Rf/Rg) 
Z(s) 


Eq 2 


01278201 

FIGURE 1. Current Feedback Amplifier Internal 
Elements 

The amplifier’s non-inverting input presents a high imped¬ 
ance to the input voltage, V'*', so as to not load the driving 
source. Any voltage appearing at the input node Is passed 
through an open loop, unity gain, buffer that has a frequency 


FIGURE 2. Current Feedback Amplifier Transfer 
Function 

It is instructive to consider the separate part of Equation 2 
separately. 

a(S.) ^ Frequency dependent buffer gain. Normally con¬ 
sider = 1 
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Current Feedback Amplifier 
Transfer Function Development 

(Continued) 

1 + Rf/Rg Desired signal gam. Identical to voltage feed¬ 
back non-inverting amplifier gam. 

Z(s) Loop Gam 



_ internal forward transimpedance 
feedback transimpedance 

The loop gam expression is of particular interest here. If Z(s), 
the forward transimpedance, is much greater than Rf + R, (1 
+ Rf/ Rg), the feedback transimpedance, (as it is at low 
frequencies) then this term goes to zero leaving just the 
numerator terms for the low frequency transfer function. As 
frequency increases, Z(s) rolls off to eventually equal the 
feedback transimpedance expression. Beyond this point, at 
higher frequencies, this term increases m value rolling off the 
overall closed loop response. 

The key thing to note is that the elements external to the 
amplifier that determine the loop gain, and hence the closed 
loop frequency response, do not exactly equal the desired 
signal gain expression m the transfer function numerator. 
The desired signal gain expression has been de-coupled 
from the feedback expression in the loop gain. 

If the inverting input impedance were zero, the loop gain 
would depend externally only on the feedback resistor value. 
Even with small R„ the feedback resistor dominantly sets the 
loop gam and every current feedback amplifier has a recom¬ 
mended Rf for which Z(s) has been optimized. As the desired 
signal gam becomes very high, the R,(1 + Rf/Rg) term m the 
feedback transimpedance can come to dominate, pushing 
the amplifier back into a gam bandwidth type operation. 

Understand the Loop Gain 

It IS very useful, and commonly done for voltage feedback 
amplifiers, to look at the gain graphically. Figure 3 sho\NS this 
for the CLC400, a low gam part offering DC to 200MHz 
performance What has been graphed is 20*log(IZ(s)l), the 
forward transimpedance gain, along with its phase, and 20 
log(Zt). This Z, is the feedback transimpedance, Rf + R,(1 
+ Rf/Rg), and where it crosses the forward transimped¬ 
ance curve is the frequency at which the loop gain has 
dropped to 1. Note that the forward transimpedance phase 
starts out with a 180° phase shift, indicating a signal inver¬ 
sion through the part, and could have plotted as continuing 
to 360° or, shown, going to zero. Using these axis allows a 
direct reading of the phase margin at unity gain crossover. 
As with any negative feedback amplifier, the key determinant 
of the closed loop frequency response is the phase margin at 
unity gain crossover. If the phase has shifted completely 
around to 360°, or dropped to zero on the axis used above 
when the loop gain has decreased to 1, unity gam crossover 
- (where the 20 log(Zt) line intersects the 20 log(IZ(s)l) 
curve), the denominator m closed loop expression will be¬ 
come (1-1), or infinity (For the axis used above, the closed 


loop expression (Eq. 2) would have a 1-1/LG in the denomi¬ 
nator. The form developed as Equation 2 accounted for the 
inversion with the sign convention for lerr and Vq). 



10 ^* 10 ^ 10 ® 10 ^ 10 ® 
Frequency (Hz) 
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FIGURE 3. 

It is critical for stable amplifier operation to maintain ad¬ 
equate phase margin at the unity gain crossover frequency. 
The feedback transimpedance that is plotted in Figure 3 is Rf 
+ R(1 + Rf/Rg) evaluated at the specifications setup point for 
the CLC400. This yields; 

Rf = 250Q then 

Ay = 1 + (Rf /R ) = 2 Z, = 250Q + 500Q(2) = 350Q 
and 

Z, = 50Q 20log(350Q) = 50 9dB 

Looking at the unity gain crossover near 100MHz, we see 
somewhere in the neighborhood of a 60° phase margin. This 
IS Comlinear’s targeted phase margin at the gam and Rf 
used to specify any particular current feedback part. This 
phase margin, for simple 2 pole Z(s), yields a maximally flat 
Butterworth filter shape for the closed loop amplifier re¬ 
sponse (Q = .707). Note that the design targets reasonable 
flatness over a wide range of process tolerances and tem¬ 
peratures. This typically yields a nominal part that is some¬ 
what overcompensated (phase margin > 60°) at room tem¬ 
perature. 

Note that the closed loop bandwidth will only equal the open 
loop unity gain crossover frequency for 90° phase margins 
(single pole forward gain response). As the open loop phase 
margin decreases from 90°, with the impact of higher fre¬ 
quency poles m the forward transimpedance gam, the closed 
loop poles move off the negative real axis (m the s-plane) 
peaking the response up and extending the bandwidth. The 
actual bandwidth achieved by Comlinear’s amplifiers is con¬ 
siderably beyond the unity gain crossover frequency due to 
these open loop phase effects 

Controlling the Loop Gain 

One of the key insights provided by the loop gain plot is what 
happens when Zf is changed Decreasing Zf (dropping the 
horizontal line of 20 log (Zf)), will extend the unity gam 
crossover frequency but will sacrifice phase margin. This 
commonly seen in current feedback amplifiers when an er- 
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Controlling the Loop Gain (Continued) 

roneously low Rf value is used yielding an extremely peaked 
frequency response. In fact a very reliable oscillator can be 
generated with any current feedback amplifier by using Rf = 
0 in a unity gain configuration. Conversely, increasing Zf 
(raising the horizontal line of 20 log(Zt)) will drop the unity 
gain crossover frequency and increase phase margin. In¬ 
creasing Rf is in fact a very effective means of over compen¬ 
sating a current feedback amplifier. Increasing Rf will de¬ 
crease the closed loop bandwidth and/or decrease peaking 
in the frequency response. 

Computing for the design point 
used in setting the specifications 
for any particuiar current feedback 
part indicates an optimum targeted 
feedback transimpedance under 
any condition. 

In design, the internal Z(s) has been set up to yield a 
maximally flat closed loop response with the gain and Rf 
used to develop the performance specifications. If we then 
try to hold the same feedback transimpedance under differ¬ 
ent gain conditions, an option not possible with voltage 
feedback topologies, this optimum unity gain crossover for 
the open loop response can be maintained. 

If we designate this optimum feedback transimpedance as 
Zf*. 

We would like to hold Rf + R, (1 + R/Rg) = Zf* 

(where Rf and 1 + Rf/Rg are those values shown at the top of 
the part performance specification). 

Substituting Av = 1 + R/Rg, we get, Rf = Zf* - R,Av (where Rf 
is a new value to be used at a gain other than the design 
point.) Eq. 4 

This is a design equation for holding optimum unity gain 
crossover. Having computed Rf to hold Zf = Zf* Rg/Rf/(Av - 
1) Eq.5 

The Benefits of Controlling Zt 

As an example of adjusting Rf to hold a constant Zf as the 
desired signal gain is changed, consider a CLC404 at gains 
of +2, +6 and +^^.Figure 4 shows test results over these 
gains for a fixed Rf very similar to low the CLC404 datasheet 
plots were generated. 

Using the CLC404 design and specifications points (see 
Appendix 1) 

Av = +6 

Rf = soon 

R, = son 

Zf* = 500 + 30*6 = 680 n 

Figure 5 shows the same part operated with Rf adjusted as 
indicated by Equation 4. Rg in both cases is set using 
Equation 5. 



FIGURE 4. Frequency Response vs. Gain for Rf Fixed 
= soon 



0 250 

Frequency (25 MHz/DIV) 
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FIGURE 5. Frequency Response vs. Gain for Fixed Zf = 
Zf* = 680n 

The results of Figure 5 vs. Figure 4 show that adjusting Rf 
does indeed hold a more constant frequency response over 
gain than a simple fixed Rf. The low gain response has 
flattened out while the high gain response has been ex¬ 
tended. 

The remaining variability in frequency response can be at¬ 
tributed to 2nd order effects that have not yet been consid¬ 
ered. As described in application Note OA-15, parasitic ca¬ 
pacitance shunting the gain setting resistor, Rg, will 
introduce a response zero for non-inverting gain operation. 
This zero location can be easily located by substitution 
RgllCg into the numerator part of the transfer function. Equa¬ 
tion 2. This yields a zero at 1/(RfllRg)/Cg in radians. This 
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The Benefits of Controlling Z, 

(Continued) 

effect would not be observed in inverting mode operation 
yielding a much more consistent response over gains, espe¬ 
cially with Rf adjusted as shown above. 

If we assume equal parasitic capacitances on the two inputs, 
we can cancel this zero by introducing a series impedance 
into the non-inverting input that equals RflIRg. Figure 6 
shows the test circuit and table of values used to test this for 
the same CLC404 used above. Note that we must include 
the equivalent source impedance of the source matching 
and termination resistors in (250 here). Note that the table 
shows actual standard values used, rather than the exact 
calculated values. 



Rf = 680 - A^(30) 
Rg = Rf/(Av-'') 

R, = (Rfll Rg)-25Q 



Rf 

Rg 

R, 

+2 

634 

634 

287 

+6 

500 

100 

56 2 

+11 

348 

34 

6 


FIGURE 6. 
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FIGURE 7. 

Figure 7 shows the measured frequency responses under 
the conditions tabulated in Figure 6. 

Clearly, adding R, has brought the low gain response to be 
much more consistent with the higher gains. Little effect was 
observed by adding R, at gains of 6 and 11. Generally, 


adding R, is particularly effective at flattening out the fre¬ 
quency response for higher gam parts, which are designed 
using high value of feedback resistors, when they are oper¬ 
ated at low gams. 

An alternative to adding R, is simply to continue to increase 
R, until the loop gain is overcompensated enough to cancel 
the zero. This is increasingly ineffective as the resistor val¬ 
ues get larger but was developed empirically for the CLC414 
and CLC415 quad amplifiers (Refer to datasheet for details). 
An alternative approach with those part would be to adjust Rf 
using the data from Appendix 1 and then add an R as 
described above. 

Note that Equation 3 will predict negative Rf values as the 
desired gain exceeds Zt*/R,. From a loop gain standpoint, 
this is exactly correct. However, additional concerns (particu¬ 
larly distortion and output current limits) will come In to limit 
the applicable range of gains for Equation 3. Generally, the 
total loading on the amplifiers should not be allowed to drop 
below 65^2. This is the actual load in parallel with Rf -i- Rg for 
the non-inverting configuration. For a 100Q load, this limits 
the minimum Rf -i- Rg to about 20012. Lower values can be 
used if Rl is greater. For inverting mode, which has exactly 
the same loop gain expression as non-inverting, Rf alone 
appears in parallel with Rl as an additional load. This would 
limit Rf to a minimum of 20012 in inverting mode operation. 
This does not, of course, limit the amplifier’s maximum gain. 
When a minimum Rf has been reached, Rg can continue to 
decrease, yielding higher gains, with a gain bandwidth char¬ 
acteristic eventually developing as the R, (1 -i- R/Rg) part of 
Zf comes to dominate. 

Special Considerations for 
Variable Supply Current 

The inverting input impedance, R„ is essentially the output 
impedance of parallel/series combinations of emitter follow¬ 
ers for most Comlinear amplifiers. Thus, R, is some fraction 
or integer multiple of Vf/I^, where Vf = kT/q and Ic is the bias 
current in those transistors. For lower power parts, and parts 
with adjustable supply current, R, can get very large, as 1^ 
decreases quickly putting the parts into a gain bandwidth 
type operation. Appendix 1 shows the nominal design point 
Ic, along with a room temperature R„ and, for the adjustable 
supply current. Ice- Anything that adjusts the total quiescent 
supply current from its nominal design point, changing power 
supply voltage, using the bias adjust pins on some parts, 
etc., will scale the Ic listed in Appendix 1 in direct proportion 
to Uo- 

Additional Loop Gain Control 
Applications 

Recognizing that the inverting input impedance provides an 
opportunity to adjust the loop gain, without having any im¬ 
pact on the signal gain, we can add a resistor inside the loop 
that can act as an independent frequency response compen¬ 
sation element. This is very useful if a fine control over the 
frequency response shape Is desired. 

Using the same CLC404 used in the earlier tests (a part that 
is nominally overcompensated as shown by the rolloff at its 
gain of -i-6 condition in Figure 4), the circuit of Figure 8 show 
an adjustment technique for the frequency response. Since 
we are intentionally adding R, to the feedback transimped- 
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Additional Loop Gain Controi 
Appiications (Continued) 

ance expression, Zt, it is recommended to approximately set 
Rf to yield Zt* when the adjustment to R, is at midrange. This 
will yield a lower Rf as shown \nFigure 8. Figure 9 shows the 
original gain of +6 response of Figure 4, along with the 
response achieved with the circuit of Figure 8 with Rp ad¬ 
justed to yielded maximally flat frequency response. This 
circuit shows a ±.1dB gain flatness to beyond 100MHz. 
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signal gain requirements. The drawback of this, is that, like 
voltage feedback, this increases the noise gain for the 
non-inverting input voltage noise. 

Figure 10 shows an example of a transimpedance applica¬ 
tion using a CLC401 with a IkQ feedback resistor. In this 
case, the value of the feedback resistor is set by the desired 
signal gain, while Rg is used to satisfy the loop gain phase 
margin by setting the feedback transimpedance to Z* = 2.5k. 



FIGURE 10. 


FIGURE 8. Adjustable Frequency Response 
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FIGURE 9. Frequency Response with Loop Gain 
Response 

In inverting applications there is often times a conflict be¬ 
tween the required gain setting resistors from an input im¬ 
pedance and signal gain standpoint, and what the amplifier 
would like to see from a loop gain phase margin standpoint. 
In a similar fashion to voltage feedback, in this case, an 
additional resistor to ground on the inverting input can be 
used to tune the loop gain independently of the inverting 


Similarly, in an inverting summing application, once the de¬ 
sired gain and input impedance conditions are set, the loop 
gain can be independently controlled through the use of an 
additional resistor to ground on the inverting input. Figure 11 
shows an example of this using the CLC401 summing 5 
channels, at a gain of -1 for each channel, using IkQ input 
resistors. 



Vo = (Vi + V2-hV3 + V4 + V5) 




IkQ 


41 7Q 

Vi 0 -VW*HI» 

IkQ 

V2O— 

IkQ 

V3O— 

IkQ 

V4 0-AAArH» 

IkQ 

^sO-A^— 

IkQ R_ = 41.7Q 


From appendix I, for the CLC401 
Zt* = 2 5kQ, R, = 50Q 

( 

so, Rf + 50Q^1y=2 5kQ 
T' I'*^9 

with 200Q ll Rg = 34 5Q as in fig 10, 
this would be satisfied then, 
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FIGURE 11. Loop Gain Adjusted in Inverting Summing 
Application 
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Conclusions 

The current feedback topology has allowed us to de-couple 
the signal gain from the loop gam expressions. This provides 
ample opportunity for independent control of both the signal 
gams and the frequency response by using only resistive 
elements. A thorough understanding of the loop gain mecha¬ 
nisms provides the designer with a flexibility unavailable to 
the voltage feedback op amp 

Appendix 1 

The data tabulated here provide the necessary information 
to hold a constant feedback transimpedance over a wide 
range of closed loop signals gains for the current feedback 
amplifiers available from Comimear at the time of this appli¬ 
cation note’s publication. The data is broken into a set for the 
monolithic amplifiers, which generally have a higher R, due 
to their lower quiescent bias current, and a set of data for the 
hybrid amplifier products. 

The table entries show 

1. Av > Non-inverting voltage gam used to set device 
specs 

2. Rf > Feedback resistor value used to set the device 
specs. 

3. R, > Nominal inverting input impedance 

These 3 items are used to compute the optimum feedback 
transimpedance for the particular part. This is given by 
Zt* = Rf +RA^ 

This information is used to compute a more optimum Rf as 
the desired closed loop gain moves away from the design 
point A^. 

It IS important to note that, given any feedback Rf and any 
closed loop non-mvertmg signal gain, a feedback transim¬ 
pedance can be computed using the equation for Zf = Rf + 


R,Av. Zf-^ is the optimum value for open loop phase margin 
and closed loop response flatness found by evaluating the 
expression at the specific Rf and gain used m designing and 
specifying the part. 

Ic > Approximate collector current for the emmitter followers 
seen looking into the inverting input. The inverting inputs do 
not necessarily present an integer number of series/parallel 
emmitter followers. The approximate scale factors can be 
computed by solving for n in the following expression 
R, = n V/lc with Vf = kT/q (=26mV at room temperature) 
Ic/lcc ^ Ratio of inverting input stage bias current to the total 
device quiescent current. With n determined from above, the 
adjusted value for R, may be determined for a part that is 
being operated at a different quiescent current than is nor¬ 
mally specified. 

The data presented here represent a good approximation to 
the device characteristics. Several second order effects 
have been neglected for the sake of simplicity. 

The CLC505, an adjustable supply current op amp, was 
optimized at 9mA supply current. No attempt was made in 
this table, or in the datasheet, to reset the optimum Rg as the 
supply current is decreased. At very low supply current, the 
CLC505’s inverting input impedance dominates the feed¬ 
back transimpedance expression. To compensate for this 
with a reduce Rf, as has been suggested in this document, 
would require such low values as to excessively load the 
limited output drive current available. The CLC505 at 1mA 
supply current shows a gain bandwidth product performance 
due to the dominance of R, in the loop gam equation. 

Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoleted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 
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TABLE 1. Comlinear Monolithic, Current Feedback, Amplifier Optimum 
Feedback Transimpedance and Operating Point Information 

Part# 

Design Point Information 

Operating Current 

comments 

Av 

R,(n) 

Ri(Q) 

(Q) 

lc(mA) 

Ic/lcc 

CLC400 

-1-2 

250 

40 

330 

.67 

.045 


CLC401 

+20 

1500 

50 

2500 

.52 

.035 


CLC402 

+2 

250 

16 

282 

.82 

.055 


CLC404 

+6 

500 

30 

680 

.87 

.080 


CLC406 

+6 

500 

60 

860 

.43 

.09 


CLC409 

+2 

250 

25 

300 

1.05 

.08 


CLC410 

+2 

250 

35 

320 

.74 

.05 

disable left open 

CLC411 

+2 

301 

50 

400 

.52 

.05 

disable left open 

CLC414 

+6 

500 

250 

2000 

.105 

.05 

each amplifier of 
quad 

CLC415 

+6 

500 

60 

860 

.43 

.09 

each amplifier of 
quad 

CLC430 

+2 

750 

60 

870 

.43 

.04 

disable left open 

CLC500 

+2 

250 

32 

314 

.82 

.05 


CLC501 

+20 

1500 

30 

2100 

.86 

.05 

see (Note 3) 

CLC505 

+6 

1000 

50 

1300 

.52 

.06 

Ice = 9.0mA 

Rp = 33kQ 

CLC505 

+6 

1000 

150 

1900 

.175 

.06 

Ice = 3.3mA 

Rp = 33kQ 

CLC505 

+6 

1000 

490 

3950 

.053 

.06 

Ice = 1 -OmA 

Rp = 33kQ 

Note 1: Power supplies at ±5V 

Note 2: 25°C temperature assumed, yields kT/q = .26V 

Note 3: CLC501 specification point at Ay = +32, Rf = 1500Q Design point, however is at Ay = +20, Rf = 1500Q 

TABLE 2. Comlinear Hybrid, Current Feedback, Amplifier Optimum 

Feedback Transimpedance and Operating Point information 

Part # 

Design Point Information 

Operating Current 

comments 

Av 

R,(n) 

Ri(Q) 

Zt* (^) 

Ic (mA) 

'Ac 

CLC103 

20 

1500 

8.5 

1670 

1.57 

.054 

fixed internal Rf. See 
(Note 6) 

CLC203 

20 

1500 

11.8 

1736 

2.21 

.072 

fixed internal Rf. See 
(Note 6) 

CLC200 

20 

2000 

8.5 

2170 

1.54 

.053 

See (Note 7) 

CLC201 

20 

2000 

17 

2340 

1.54 

.053 

See (Note 7) 

CLC205 

20 

2000 

23Q 

2460 

.74 

.037 

see (Note 8) 

CLC206 

20 

2000 


2300 

1.10 

.038 

see (Note 8) 

CLC207 

20 

2000 

23Q 

2460 

.74 

.030 

see (Note 8) 

CLC220 

20 

1500 

8.5 

1670 

1.54 

.053 

see (Note 7) 

CLC221 

20 

1500 

17 

1840 

1.54 

.053 

see (Note 7) 
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TABLE 2. Comlinear Hybrid, Current Feedback, Amplifier Optimum 
Feedback Transimpedance and Operating Point Information (Continued) 


Part# 

Design Point Information 

Operating Current 

comments 

Av 


Ri (Q) 

Zt* (Q) 

1, (mA) 

Ic/lcc 

CLC231 

2 

250 

15 

280 

1.78 

.093 


CLC232 

2 

250 

15 

280 

1.78 

.071 


CLC300A 

20 

1500 

7.5 

1650 

1.73 

0.70 

see (Note 7) 


Note 4: Power supplies at ± 15V 

Note 5: 25°C temperature assumed, yields kT/q = 26V 

Note 6: CLC103 & CLC203 have fixed internal Rf Cannot, therefore increase the Rf value or insert additional R, for loop gam control 

Note 7: These parts include an optional internal feedback resistor that may or may not be used in applying the part Not using this internal Rf allows adjusting the 
Rf over gam and/or inserting additional R, 

Note 8: CLC205, CLC206, & CLC207 use a small shunting capacitance across the internal Rf to extend the bandwidth Using a standard RN55D external Rf, with 
lower shunt capacitance, will require a large nominal design point value for to hold optimum loop gam At Ay = +20, an external Rf = 2 1AV.Q. yields the desired 
Zt 
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Improving Amplifier Noise 
for High 3rd Intercept 
Amplifiers 

Abstract 

Wide spurious-free dynamic range certainly the goal for any 
IF amplifier. This is particularly true for OTH radar as well as 
other systems using high resolution digitizers. Recently in¬ 
troduced current feedback amplifiers offer exceptional 3rd 
order intermodulation intercepts at very low quiescent power 
ievels, but have been plagued by relatively poor noise fig¬ 
ures. Teaming these op amps with a simple transformer 
input coupling yields noise figures less than 7dB with 3rd 
order intercepts greater than 40dBm (for frequencies < 
10MHz). 

Although not commonly considered for IF amplifiers, wide¬ 
band, DC coupled operational amplifiers can offer consider¬ 
able performance advantages at the lower IF (or HF) over 
standard AC coupled amplifiers. Particularly suitable from a 
distortion standpoint are a family of recently introduced 
monolithic current feedback operational amplifiers. Similar to 
the more common voltage feedback op amps, these parts 
offer very high non-inverting input impedance, very low out¬ 
put impedance, and a very high open loop gain that is 
controlled through the use of external resistors to set a well 
controlled closed loop gain. These amplifiers are unique in 
that the inverting node presents a low impedance through 
which the amplifier senses a feedback current as opposed to 
the more common feedback voltage. (Reference 1) 

The current feedback topology, as implemented in National’s 
CLC400 and CLC401 amplifiers, is also exceptionally sym¬ 
metric. This yields intrinsically low distortion mechanisms 
internal to the amplifier which are then divided by the loop 
gain to yield the closed loop distortion. As described in 
Reference 1, the loop gain for a current feedback amplifier is 
principally set by the feedback resistor value. The loop gam 
will, of course, show a frequency dependence yielding a 
continued improvement in distortion down to the dominant 
open loop pole frequency (at approximately 350kHz for 
these parts). Conversely, the distortion will worsen moving to 
higher frequencies as the open loop gain rolls off. Measuring 
the 3rd order intermodulation intercept at 10MHz yields be¬ 
tween 40 and 45dBm for these two parts. Although theory 
indicates a continued improvement below this frequency, 
accurate measurements are difficult to perform for intercepts 
above 45dBm for output power levels within the capability of 
these two devices. 

Taking advantage of this exceptional intercept performance 
has, however, been impaired by noise figures ranging from 
11 to 20dB depending on the device and the gain setting 
used. Reflecting all op amp noise sources to the non¬ 
inverting input typically yields an equivalent input spot noise 
voltage (at frequencies above the 1/f noise corner) that 
range from 2.4nV/VHz to well over SnV/VHz (for the CLC401 
operated at low gains.) Aside from the intrinsic noise voitage 
at the non-inverting input, the effect of the inverting noise 
current also contributes strongly to this result. (See the 
appendix and Appiication Note OA-12 for a discussion of 
calculating the equivalent input noise voltage.) 

As suggested in the iiterature (Reference 2), transformer 
coupling can sometimes be used to reduce an amplifier’s 
noise figure. This is possible when the equivalent input noise 
voltage is much greater than the noise voltage generated by 
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the input noise current through the source impedance. Ref¬ 
erence 2 suggests an optimum source impedance for noise 
figure given by the ratio of noise voltage to noise current. If 
this ideal impedance is much greater than the typical 50a 
source impedance seen in IF strips (as it is for the two 
amplifiers considered here), a significant improvement in the 
noise figure can be achieved using transformer coupling. 
Conceptually, the transformer will provide a noiseless volt¬ 
age gain at the expense of increasing the source impedance 
for the input noise current. 

Using this technique with the current feedback op amps will 
sacrifice the DC coupling, with the transformer setting the 
iow frequency limit of operation. Depending on the amplifier 
to set the high frequency limit will yield poor distortion per¬ 
formance near the amplifier’s -3dB frequency. The amplifi¬ 
er’s -3dB point is largely determined by the frequency at 
which the loop gam has dropped to unity. With negligible 
loop gain, the internal distortion mechanisms are no longer 
corrected yielding poor distortion performance. Hence, it is 
preferable to have the transformer also limit the high fre¬ 
quency performance. Both amplifiers considered here offer 
-3dB bandwidths exceeding 100MHz. A transformer offering 
good performance up through 50MHz maximum and down 
to as low a frequency as is desired would probably be a 
suitable choice 

Figure 1 shows the topology to be considered 



Input Reference Point, 
Vi, Si, Ni 



FIGURE 1. 


The transformer wili provide a noiseless voltage gain from 
the voitage applied to its input to the non-inverting input of 
the amplifier. This is done at the expense of increasing the 
AC source impedance looking back out of the amplifier’s 
non-inverting input. Increasing the turns ratio of the trans¬ 
former (i.e. picking up voltage gain) wiil decrease the noise 
figure until the noise term due to the non-inverting input 
noise current times the source impedance equals the 
equivalent non-inverting input noise voltage. 

Constraints and Assumptions 

1. Input impedance matching to the source impedance (Rs) 
at the transformer input is desired. Therefore, R^ = n^Rg. 
With this assumption, going to the output side of the 
transformer, the source impedance for the non-inverting 
input noise current will equal Ri/2 or, in terms of Rs will 
be n^Rs/2. R^ will also introduce a noise voltage term 
into the analysis. 


www.national.com 


4-62 




Constraints and Assumptions 

(Continued) 

2. Since the op amp offers a low output impedance, a 
separate matching resistor must be added to drive into a 
matched load as would be typical in an IF application 
(normally, Rq = 50Q). If we assume the resistor noise of 
the output matching network is negligible compared to 
the noise at the output, no change in the S/N ratio will be 
seen in going from the output pin of the amplifier to the 
load point. Therefore, the noise figure and gain will be 
calculated to the load point neglecting any noise added 
by the output matching resistor, Rq. 

3. The various noise contributors for the amplifier are con¬ 
sidered to be uncorrelated. This allows equivalent total 
noise powers to be developed as the sum of the sepa¬ 
rate noise powers. The noise voltage and currents are 
taken to be the spot noise values yielding a spot noise 
figure value For transformer low frequency rolloff com¬ 
ers < 100kHz, some increase in spot noises at the low 
frequencies will be observed due to the 1/f noise comers 
for the amplifiers. (Refer to the individual op amp data 
sheets or Application Note OA-12 for detailed noise 
data). 

Noise Figure Computation 

To develop an expression of the noise figure for the circuit of 

Figure 1, the most elementary definition shown as Equation 

1 will be used 


NF = 10log 


S,/N, 
So/No 


( 1 ) 


This definition states that the noise figure is 10 times the log 
of the ratio of the signal/noise ratio at the input to the 
signal/noise ratio at the output. These ratios are for the 
signal and noise powers available at the input and output. 
The noise power available at the input is taken to be that 
delivered by Rs to a conjugate matched load where the noise 
of that load is separated out as being added by the system. 
Since some noise will always be added, the signal/noise 
ratio at the output will be degraded from that at the input 
yielding a noise figure always > 0. 

To evaluate the noise figure expression, the circuit of Figure 
1 is redrawn in a more idealized form in Figure 2. 



In this circuit, the transformer has been replaced by its 
equivalent elements; an input terminating impedance (Rg), a 
noiseless voltage gain given by the turns ratio (n), and an 
equivalent output impedance taken as the paraliel combina¬ 
tion of R-^ and Rg reflected through the transformer. (R-,/2). 
Note that R-, has been reflected to the input side as a 


noiseless terminating resistor, Rg . R^ ’s noise contribution is 
retained as on the output side of the transformer since this 
needs to be considered as part of the noise added by the 
system. 

The amplifier has been replaced by an infinite input imped¬ 
ance gain block (AJ with its two equivalent noise sources 
brought out as en , and ip . Note that en includes the noise 
contributions of the inverting input noise current and the 
feedback and gam setting resistor noises (This analysis is 
described in the appendix.) 

Although the gam and noise terms of Figure 2 have thus far 
been expressed as voltage gains with noise voltage and 
current terms, the noise figure development deals only with 
power gams and noise powers. Therefore, the gains and 
noises shown on Figure 2 will be modified to get the power 
gain from input to output and the noise powers delivered at 
the input and output. 

Looking at the separate parts of the argument m Equation 1, 
we can separate them as. 

3 

^ inverse of the power gain through the path 

So 

V|"/Rs 4 R„ 

(nAvfRs 

N 

— output noise power over input noise power 

N, 


The output noise power can be developed by taking each 
contributing noise voltage term through to the output then 
developing the power of that voltage across Rq and adding 
all the terms. The separate noise voltage terms at the output 
are: 


Source noise voltage -> ^4KTRs ^ nA^ ^ 

Terminating resistor noise (er) ^4KTR-| ^ ^ 

where K Boltzman's constant 

= 1.38E - 23 Joules / °Kelvm 
T ^ “Kelvin = 290° in this analysis 
then 4kT = 16E-21J 

Amplifier current noise -> in ^ Av ^ 

Amplifier voltage noise -> ep A^ 

Note that both noise voltages intrinsic to Rs and R-, are 
attenuated by 1/2 due to the impedance matching present on 
both sides of the transformer (i.e. R-, reflects to the source 
side as Rg to ground, and Rg reflects to the secondary side 
as the driving impedance for the non-inverting input termi¬ 
nating impedance, R-,). 
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Noise Figure Computation (Continued) 

Substituting with Ri = n^Rs , and adding each noise voltage 
term squared divided by the output terminating impedance, 
Rq, will yield the total output noise power. 



The input noise power may be derived as the power deliv¬ 
ered to the source matching resistor from the source resistor 
noise voltage. This is: 


N, ^ 



/Rs=KT 


Pulling an (nAv/2)^Rs out of the Nq expression, the ratio of 
input to output noise power may be rewritten as: 


No^ 

N| 


(nAyfRs 

4Ro 


KT + KT + inV^ + - 




KT 


Combining the expressions for noise power ratios and the 
inverse of the power gain through the channel, developed 
above, yields: 


S| Nq 4Ro (nRyfRs 
So N, (nRvfRs 4 Ro 


2 + 


i +_?o: 


2 


KT 


ANo 

So N, 


2 + 


■ 2 2 ®n 

4 n'^R. 


KT 


Multiplying the fraction through, top and bottom, by Rg and 
going back to the log form for noise figure yields: 



(2) 


Looking at the component parts of this expression, the “2” in 
the log argument arises from our terminating with a discrete 
(noisy) matching resistor, R^ . This increases the minimum 
achievable noise figure from OdB to 10 • log (2) = 3dB. 



parts of the fraction 


represents the 2 noise voltages (the total equivalent input 
noise voltage and the voltage generated by the noise current 


through the source impedance) at the input of the amplifier 
reflected to the transformer input and added as powers 
across Rg . The kT term in the denominator is simply the 
noise power available from the source at the input to the 
network. From this, as the turns ratio increases, the contri¬ 
bution of the noise current increases while that due to the 
noise voltage decreases As reported in Reference 1, the 
minimum value will occur when these two terms are equal. 
Solving for the optimum turns ratio to minimize the noise 
figure: 



Substituting this in Equation 2 yields a minimum noise figure: 
NF„,„ = 10log[2 + ^j 

Recognizing that transformer turns ratios are actually only 
available in integer steps, the optimum turns ratio is some¬ 
what academic. However, for a given n, it can be recognized 
that anything that will reduce ip or will improve the noise 
figure. 

Little can be done to reduce the noise current at the ampli¬ 
fier’s non-inverting input. The equivalent input noise voltage 
can, however, be reduced as the amplifier is operated at 
higher gains. The results in the appendix show that equiva¬ 
lent input noise terms due to the inverting noise current and 
resistor noises are reduced as the gain increases. However, 
once these noise terms have been reduced below the intrin¬ 
sic non-inverting input noise voltage, further improvements 
through increased gain are minimal. 

Design Procedure and Test 
Results 

To illustrate the design procedure and the resulting perfor¬ 
mance using this input transformer coupling, two possible 
designs using the CLC400 and CLC401 will be developed. 
The designs will proceed with the assumption that the maxi¬ 
mum gain consistent with broad bandwidth and good 3rd 
order intermod intercept is desired. Enough information is 
presented to allow a design to proceed from a targeted gain 
as well. 

The CLC400 is a broadband DC coupled monolithic amplifier 
intended for relatively low gain operation. Typical specifica¬ 
tions show a 200MHz bandwidth (-3dB) at a gain of +2. Both 
parts pull a nominal no load current of 15mA when operated 
from their recommended ±5 volt power supplies. For the 
current feedback topology, a low gam part corresponds to a 
part that has been optimized for a lower value of feedback 
resistor as opposed to a high gain part such as the CLC401. 
Hence, the nominal N at a gain of + 2 for the CLC400 is 
shown on the data sheet as 250^2, while the CLC401 is 
optimized to use a 1.5k feedback at a gain of +20. Most of 
the requisite information for the design can be found in 
National Application Notes OA-12 (Noise Analysis) and 
OA-13 (Current Feedback Loop Gain Analysis). 
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Non-inverting input intrinsic noise 
voltage 

Inverting input noise current 
Non-inverting input noise current 
Inverting input impedance 
Nominal feedback transimpedance 
for maximally flat frequency response 


en, = 2.5nV/VHz 

i, = 14pA/VHz 
in, = 3.2pA/VHz 
Z i = 50Q 
Zt = 350Q 


Using these numbers, and equation F in the appendix, a 
maximum amplifier gain for reduced equivalent input noise 
voltage may be derived as (this assumes an ** of 1/9) G = 
4.3 

Rounding this off to a gam of -i-4 yields a feedback resistor 
value of: 

Rf = Zt - GZi = 150^2 (Eq. D In Appendix) 

Note that taking the gain too high will eventually yield very 
low Rf values from this equation. For very low values of Rf, 
a significant degradation in both bandwidth and 3rd order 
intercept will be observed due to the added output stage 
loading presented by the feedback network. Generally, Rf + 
Rg = 20012 should be taken as a lower limit to Rf. 
Computing the equivalent input noise voltage for G = 4 using 
Eq. E of the appendix yields 


en = -^1(2 5nvf + [(14pA)(37 5i2)]^ +16E - 21(37 5Q) = 2 67 


As hoped, this total equivalent input noise voltage is nearly 
equal to the intrinsic noise voltage listed above. From these 
results, and assuming a 50Q source impedance, an opti¬ 
mum transformer turns ratio would be: 


n. 


6.67nV 


= 5.78 


I 5s ^3.2pA(250) 

2 

This yields a best case noise figure equal to 


NFf^,g=10log 2 + 


2.67nV 

'4E-21 


j = 6.2dB 


It IS, however, difficult to maintain broadband performance 
through the transformer with a turns ratio this high. For test, 
a 1:4 turns ratio transformer from Mini-Circuits was selected 
as a reasonable compromise between best noise figure and 
broadband performance (part #T16-6T) 

The resulting test circuit for the CLC400 is shown in Figure 3. 



NF = 10log 


(4(3.2pA)2512) 


2.67nV j 


(4E-21) (5012) 


= 6.2dB 


V ; 

Using this test circuit, the anticipated performance can be 
calculated to be: 

Overall gain A^ = 4 • 4 • 1/2 = + 8 (18dB) 

Noise Figure (from Eq.2) 

In test, the first step was to tune the input impedance match¬ 
ing to provide a good 5012 match over the frequency range of 
interest, after which the transfer function (S 21 ) was mea¬ 
sured. These results are shown in Figure 4. 



01 Frequency (MHz) 100 


01501719 


Transfer Function 



001 Frequency (MHz) 100 

01501720 


FIGURE 4. 
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These results show excellent input impedance matching 
over a broad frequency range with a very flat passband gain 
from about 60kHz to SOM Hz. 

The noise figure for this circuit was measured using an 
HP8970A with an HP346B noise source. Figure 4 tabulates 
those results along with the 3rd order intercept. 


Frequency 

Noise Figure 

3rd Order 
Intercept 

10MHz 

6.8dB 

44dB 

20MHz 

6.8dB 

38dB 

30MHz 

7.1dB 

33dB 

40MHz 

7.1dB 

30dB 


Building up the circuit at this gain and using the same 
transformer as for the CLC400 test circuit resulted in a 3dB 
response peaking at the higher frequency limits. 

This seemed to arise from a gain dependent non-inverting 
input impedance resonating with the transformer. Reducing 
the amplifier gain ameliorated this effect, Since the amplifier 
gain was being determined somewhat arbitrarily to reduce 
the noise figure, backing away from this gain to improve 
frequency response seemed reasonable. For test, an ampli¬ 
fier gain of G = +25 was selected. Using Eq. E of the 
appendix shows an equivalent input noise voltage with again 
of +25 given by; 


ep = ^(2AnVf + [(17pA)(37.5Q)f +16E - 21(50Q) = 2.70 


FIGURE 5. 

The measured noise figure shows excellent agreement with 
the predicted value, while the 3rd order intercept parallels 
the CLC400 data sheet plots. Note that the data sheets 
typically show intercept defined for a power level at the 
output pin as opposed to the 6dB lower value if defined at 
the matched load. Adding 6dB to the results shown above 
gets us back to the data sheet plots. This indicates that the 
intercept has not been degraded by the transformer input 
coupling. 

Note that the noise figure for just the CLC400, configured as 
shown in Figure 3 without the transformer, may be derived 
by simply letting n = 1 in the noise figure equation (Equation 
2). Doing this yields a noise figure of 15.8dB for the CLC400 
by Itself (assuming only a 50^2 non-inverting input imped¬ 
ance matching resistor). Hence, the transformer not only 
provides us with more gain but with greatly improved noise 
figure. 

In summary, this circuit shows a 50^1 in/50ilout, 18dB gain 
biock with very flat frequency response from 60kHz to 
30MHz offering an approximate 7dB noise figure with a 3rd 
order intercept greater than 33dBm over that frequency 
range, whiie dissipating only 150mW quiescent power! 
Design and Test Results for the CLC401 
The CLC401 is a monolithic, DC coupled, wideband current 
feedback amplifier optimized for higher closed loop gains. 
Typical specifications show a 150MHz -3dB bandwidth at a 
gain of +20 using a 1.5k feedback resistor while drawing only 
15mA no load current from the specified ±5 volt supplies. 
Getting the requisite design information from Application 
Notes OA-12 and OA-13, 

Non-inverting input intrinsic noise 
voltage 

Inverting input noise current 
Non-inverting input noise current 
Inverting input impedance 
Nominal feedback transimpedance 
for maximally flat frequency response 

Using these numbers, and Eq. F of the Appendix, yields a 
maximum amplifier gain for minimal equivalent input noise 
voltage of (assuming a = 1/9) G = 32.5 


e^, = 2.4nV/VHz 

I, = 17pA/VHz 
in, = 2.SpA/VHz 
Z i = 50i2 
Z, = 2.5k^2 


With this result, an optimum turns ratio for the transformer 
and a theoretical best noise figure may be calculated to be: 


■^opt - 


I 2.70nV 
^ (2.8pA)(2512) 


and 


NFn,n=10log 2 


2.70nV (2.8pA)^ 
4E-21 ^ 


= 5.9dB 


Again, the high transformer turns ratio required for optimum 
noise figure would result in an unnecessarily limited band¬ 
width. Backing off to a 1:4 turns ratio transformer yielded the 
test circuit shown in Figure 6. 



Note that for this test, the amplifier’s gain setting resistor has 
been AC coupled with a 1 mf capacitor. This is intended to 
reduce the DC gain for the ampiifier’s input offset voltage to 
1, holding the output DC as close to 0 as possible. The 
capacitor value was chosen to yield a transfer function pole 
well below the transformer low frequency cutoff. The feed¬ 
back resistor value is set using Equation D of the Appendix. 
The anticipated midband gain and noise figure performance 
can be calculated to be: 

Overall Gain A^ = 4 • 25 • 1/2 = + 50 (34dB) 

Noise Figure (from Eq. 2) 


NF = 10log 


2 + 


(4(2.8pA)25nf + ('^^l 


4E-21(50Q) 


= 6.7dB 
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As with the CLC400, the test sequence was to the input 
matching impedance network to yield a good 50Q match 
over as wide a frequency range as possible. After this, the 


input to output transfer function was measured (S21). Figure 
7 show these results: 



01 Frequency (MHz) 100 


Transfer Function 



001 Frequency (MHz) 100 


01501726 


FIGURE 7. 


This circuit doesn’t do quite as well in holding up the input 
impedance to higher frequencies but it does provide a rea¬ 
sonably flat frequency response from 70kHz to SOM Hz 
(passband with < ± O.SdB ripple). 

A measure of the noise performance was obtained using an 
HP3585 spectrum analyzer along with a CLC100 low noise 
widet)and amplifier as a preamp to the analyzer input. Al¬ 
though accurate noise figure measurements are difficult to 
achieve in this fashion, this approach indicated noise figures 
between 7 and 8dB. Figure 8 tabulates the measured 3rd 
order intercept results and this estimated noise figure. 


Frequency 

Estimated NF 

3rd Order 
Intercept 

10MHz 

7-8dB 

38dB 

20MHz 

7-8dB 

33dB 

30MHz 

7-8dB 

29dB 

40MHz 

7-8dB 

25dB 

50MHz 

7-8dB 

23dB 


FIGURE 8. 


Calculating the noise figure of just the CLC401 without the 
transformer coupling (by letting n = 1 in the noise figure 
equation) yields 15.9dB for just the amplifier by itself with a 
5012 non-inverting termination resistor. So, again, the trans¬ 
former has added signal gain while greatly improving the 
noise figure. 

The results of Figure 7 and Figure 8 show a 5012 in/5012 out, 
34dB gain block with reasonably flat frequency response 
from 70kHz to 50MHz offering an approximate 7dB noise 
figure with 3rd order intercepts greater than 25dBm for op¬ 
eration below 40MHz dissipating only 150mW! The intercept 
performance improves rapidly at lower frequencies with con¬ 
tinued improvement observed below 10MHz. 

Comparisons and Conclusions 

Clearly, the transformer coupling offers the potential for 
some real improvement in noise figures for the amplifiers 


considered here. Having given up the DC coupling in the 
process, however, we are now looking to compare these 
parts to the more classical AC coupled IF amplifiers. 

Those parts generally use a Class A output stage as op¬ 
posed to the Class AB structure used in most of National’s 
amplifier products. This, along with the high loop gain at 
lower frequencies, allows exceptional distortion performance 
to be achieved at a fraction of the quiescent power dissipa¬ 
tion vs. the more classical Class A output. This advantage 
narrows as we move to frequencies over 100MHz with the 
op amp’s loop gain dropping below unity at these higher 
frequencies 

Generally, for the lower frequency applications, the circuits 
described here, or similar circuits using different National 
amplifiers can offer considerable advantages in the areas of 
power dissipation, size, and cost. 

The transformer coupling offers additional flexibility through 
potential signal inversion, by reversing the dot convention, 
output DC shifting, by inserting a DC voltage in place of the 
ground on the secondary, and potential narrowband filtering. 
If higher output power levels are desired, this same ap¬ 
proach could be used with one of National’s hybrid op amps 
offering higher supply voltages and greater output power 
capability. The CLC232, for low gams, and the CLC207 for 
higher gains, are particularly low harmonic distortion parts 
that would also benefit, from a noise figure standpoint, from 
transformer coupling. 

This approach to noise figure improvement is applicable to 
any op amp with an optimum source resistance greater than 
the actual source resistance. With the total equivalent input 
noise voltage at the non-inverting input decreasing as the 
closed loop gain is increased (as shown in the appendix), it 
is advantageous to operate the op amps at high gains. The 
current feedback topology, pioneered by National, is particu¬ 
larly suitable for wideband, high gain applications. 

As described in Application Notes 300-1 and OA-13, the 
current feedback op amp topology largely eliminates the 
gain-bandwidth performance limitations plaguing earlier volt¬ 
age feedback designs. Therefore, running the amplifiers to 
higher gains, in an effort to drive down the non-inverting 
input voltage noise, will not sacrifice broadband performance 
as it would using a voltage feedback part. 
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Appendix: 

Computing the equivalent Input noise voltage, the gain, 
and feedback resistor values for noise figure reduction 
with current feedback op amps. 

The equations for determining the equivalent input noise 
voltage for use in the noise figure calculations will be devel¬ 
oped. Since the external resistors around the amplifier, Rf 
and Rg, play a large role In setting that noise, the amplifiers 
transfer function, which is also determined by these resis¬ 
tors, will be given and used to set the gain 
Figure 9 shows the necessary information to develop both 
the transfer function from V, to Vq and the equivalent input 
noise voltage expression. As described in Reference 1, a 
current feedback amplifier uses a unity gain buffer from the + 
input to the inverting node, Xi, with the inverting node cur¬ 
rent (ierr) acting as the feedback signal sensed and passed 
on to the output through a transimpedance gain, Zg 



T-Degrees Kelvin 
290'rK used here 

01501727 


FIGURE 9. 

The goal here is to develop an equivalent non-inverting input 
noise voltage source to place at the non-inverting input for 
noise figure calculations. Normally, a noise generator for the 
non-inverting termination resistor would be included in this 
analysis. In the context of using an input transformer cou¬ 


pling, however, this resistor will be set by impedance match¬ 
ing concerns removing it as a variable for equivalent input 
noise voltage reduction. The effect of this resistor’s noise is 
included in the development for noise figure. The 3 noise 
sources on the inverting side of the circuit must be reflected 
to the non-inverting side and combined with the intrinsic 
noise voltage, en„ already present in the model. Neglecting 
ini, which is left separate for later use in the noise figure 
equations, each noise voltage or current will develop an 
output voltage noise. With the non-inverting signal gain de¬ 
fined to be G = (1 + Rf/Rg ), the separate output noise 
voltages are: 

intrinsic non-inverting input noise voltage em G 
inverting input noise current i, Rf 
combined resistor noise terms -> ^4KTRfG 

Combining terms as the root sum of squared elements, and 
reflecting this to the non-inverting input yields 


equivalent input 1/^ fi,Rf^^ _ 4KTRf 

noise voltage ^ G J ^ G Eq. C 

As is apparent from this expression, both the gain and the 
resistor values can be used to reduce the input noise volt¬ 
age. Increasing the gain and/or reducing the resistor values 
will both decrease the apparent input noise voltage. This 
effort is bounded by the intrinsic input noise voltage, ep,. 
Setting the gain and the resistor values needs to be done in 
the context of maintaining adequate phase margin for the 
closed loop amplifier response. Analyzing the circuit of Fig¬ 
ure A for the Vq /V, transfer function yields (see Application 
Note OA-13 for a more complete development); 
where: Z(s) Forward transimpedance gain of the 

Vq _ 1 + Rf /Rq __ G 

^ R( +Z| (l + R, /RgT H. ^* 

Z(s) ^(s) 

amplifier (frequency dependent) 

Zj Inverting input impedance (considered 
noiseless and real) 

The inverting node current is the feedback signal with an 
output voltage to inverting input current transfer gain given 
by Zt = Rf -H Z,G 

Every current feedback amplifier has an internal forward 
transimpedance gain function (Z(s)) optimized for a certain 
value of Zf . Typically, this optimization yields a 60° phase 
margin at the gain and feedback resistor value specified on 
the data sheet for guaranteed performance specs. To a first 
approximation, this Zf can be held constant (maintaining 
maximum closed loop bandwidth with no peaking) as the 
desired closed loop signal gain is changed from the nominal 
design point. This is done by adjusting Rf vs. gain. Solving 
for this from the above expression for Z^ yields: 

R, = Zt-Z|G Eq. D 
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Appendix: (Continued) 

If this expression for Rf is placed into the equivalent input 
noise expression developed above, Eq. C, we get 



The only variable left at this point is the desired closed loop 
gain. The absolute resistor values have been removed with 
the assumption that a maximally flat frequency response is 
desired as the closed loop gain is changed. Again we see 
that increasing the gam will decrease the equivalent input 
noise voltage. This approach is decreasingly effective as 
those terms involving G become less than the non-inverting 
input noise voltage en,. If we target a desired ratio of the two 
squared terms involving G to the intrinsic non-inverting input 
noise voltage squared, we can develop a targeted maximum 
gain beyond which minimal noise reduction is achieved 
through further gain increases. If we call that ratio of the 
noise powers cc we can solve for: 



From this expression, and a knowledge of Zt and Z, , a 
maximum desired gam may be derived. This yields a some¬ 
what arbitrary upper limit on amplifier gain in that we are only 
trying to increase the gain until negligible improvements in 
the noise figure are seen. The amplifier can, of course, be 
operated at lower gains, with an increase in noise, or at 
higher gains, with little noise improvement but an eventual 
bandwidth limitation. If we set a to be 1/9 (saying that the 
reflected equivalent noise power terms at the non-inverting 
input are 1/9 the intrinsic input noise power due to the 
non-inverting input noise voltage) those terms increase the 
equivalent input noise voltage by only 5%. This will be the 
initial targeted design criteria used in the example develop¬ 
ments. 

See Application Note OA-13 for a complete development of 
adjusting Rf to hold a constant loop gain, and hence band¬ 
width, as the desired signal gain is changed. 

Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoieted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 
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Frequent Faux Pas in 
Applying Wideband 
Current Feedback 
Ampiifiers 

As op amp operating speeds have moved to ever higher 
frequencies, a whole new set of design concerns have come 
into play for linear op amp applications. With the develop¬ 
ment of the current feedback topology, design concerns 
unique to that topology must also be considered if optimal 
performance is to be achieved from devices offering over 
200 MHz -3 dB bandwidths. This discussion will review 
some of the considerations common to all wideband linear 
op amp applications as well as topics unique to the current 
feedback topology pioneered by Comlinear Corporation. 
These design guidelines are intended to help the designer 
get the full potential out of Comlinear’s high performance, 
current feedback, operational amplifiers. 

Since there are quite disparate areas to consider here, the 
approximate order of discussion will follow a perceived fre¬ 
quency of occurrence ranking. Those considered first seem 
to impact every designer, with more particular concerns dealt 
with later. 

Parasitic Capacitance Effects and 
What to do About Ground and 
Power Pianes in a PC Board 
Layout. 

The sensitivity of the Comlinear amplifiers to parasitic ca¬ 
pacitance arises solely from their wide bandwidth character¬ 
istics and not from the current feedback aspect of their 
design. With parts showing a loop gam that does not drop to 
unity until the 100 MHz region, a few picofarad capacitance 
to ground in the loop can have a profound effect on the 
phase margin at the unity gain crossover frequency. Figure 1 
shows a typical non-inverting gam op amp, including the 
internal structure for the current feedback topology (Note 1), 
along with the two most critical external parasitic capaci¬ 
tances. 



Most critical parasitic capacitances 

CpQ —output capacitance 

Cp, inverting input capacitance 

01278301 

FIGURE 1. Non-inverting Gain with Internal Current 
Feedback Topology 

Note 1: See Application Note OA-13 or OA-31 for a development of the 
current feedback transfer function 

Parasitic, or loading, capacitance directly on the output is 
particularly effective at transforming amplifiers into oscilla¬ 
tors. Closed loop stability for any negative feedback amplifier 
is determined by the open loop phase margin. In tracing the 
signal around the loop it is always desirable to have signifi¬ 
cantly less than 180 degrees phase shift around the loop at 
the unity gain crossover frequency. Adding a capacitor di¬ 
rectly on the output will cause additional signal phase shift 
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Parasitic Capacitance Effects and 
What to do About Ground and 
Power Planes in a PC Board 

Layout. (Continued) 

due to the additional pole introduced by the open loop output 
impedance, Rq, driving the output pin capacitance, Cpo- 
Even small capacitances and low Rq’s can cause significant 
phase shifts with unity gam crossovers in the 100 MHz 
region (a typical unity gam crossover frequency for Comlin- 
ear amplifiers). 

Several design and test guidelines can be suggested to keep 
this sensitivity to Cpo under control. 

a. Always clear ground and power planes away from the 
output pin net. This includes opening up a little wider than 
standard clearance to ground and power inner planes to 
any through hole or trace carrying the output signal. 

b. Never probe directly with a high impedance probe or a 
DVM on the output pin (passive divider probes are okay) 
If probing, always probe through a series resistor > = 
1001^ since this will decouple the effect of the probe 
capacitance from the output pin. This also holds for add¬ 
ing PC board test points. If needed, connect the test 
points through a series resistor located as close as pos¬ 
sible to the device pm being brought out. 

c. If a capacitive load must be driven, such as flash ADC’s 
most of the Comimear amplifier data sheets include a plot 
of a recommended series resistor to put at the output 
prior to the load capacitance Adding a resistor prior to the 
load (or parasitic) capacitance, changes the load’s effect 
from a pole to a pole-zero pair. This causes a phase dip 
m the loop phase response that has recovered prior to 
unity gain crossover. 

d. Driving into another amplifier stage, or actually almost 
any other high input impedance active device, can also 
present enough capacitance to cause problems. Again, a 
small series resistor right at the output prior to going off to 
this device will defuse the situation. 

Figures 2, 3 show the effect of an output capacitance on the 
small signal frequency response of the CLC205, a hybrid 
current feedback op amp intended for higher gams. The plot 
shows the SPICE simulated gam, m dB, vs. linear frequency 
under several loading conditions Similar plots may be gen¬ 
erated using the small signal macromodels of Application 
Note OA-09. Initially, a 200Q load is driven, then just a 20 pF 
load, and finally, the 20 pF load with a series 30Q resistor (Rg 
in Figure 2). Clearly, getting into a series resistor prior to the 
capacitive load can dramatically improve the frequency re¬ 
sponse flatness, and hence pulse response capabilities for 
the amplifier simulated here. Recall that this approach is 
applicable for both current and voltage feedback amplifiers. 
Generally, it is suggested to get the output voltage through a 
resistor as soon as possible before running it over any 
significant length of trace or cable. If a matched impedance 
load is to be driven, source match right at the output pin with 
a discrete resistor equal to the transmission line’s character¬ 
istic impedance, and terminate the line similarly. Although 
short trace runs do not need to be impedance matched, 
using just the series resistor will isolate the trace capaci¬ 
tance when no terminating resistor is used. 



FIGURE 2. Simulation Circuit for 
Capacitive Loading Test 



0.0 100.0 200.0 300.0 

FREQUENCY (MHz) 


01278303 

FIGURE 3. Frequency Response for Various Loadings 

Parasitic capacitance on the inverting node is a considerably 
more complex, but not nearly as troublesome, phenomena. 
Capacitance on this input affects both the non-mvertmg sig¬ 
nal gain, by appearing in shunt with the gain setting resistor, 
and the loop gain phase margin in a 2nd order sense. Two 
types of pulse response characteristics can be observed due 
to this parasitic. If the dominant effect is simply shunting Rg 
in the ideal gam expression, neglecting loop gain effects for 
now, a single overshoot with a decay will be observed. If this 
capacitance is large enough to effect the phase margin, 
considerable ringing in the pulse response will also be ob¬ 
served. 

Again, minimize ground and power planes around the invert¬ 
ing node net. The single overshoot and decay will most often 
be observed when a current feedback part intended for 
higher gains, and hence designed to use a relatively high 
feedback resistor value, is used at low non-inverting gains. 
The relatively high Rg required to get a low non-inverting 
gam will bring the impact of whatever parasitic is present 
down in frequency into the passband of the amplifier. The 
solution here, beyond simply limiting Cp„ is to run inverting 
mode if possible, or switch to a part intended for lower gain 
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Parasitic Capacitance Effects and 
What to do About Ground and 
Power Planes in a PC Board 
Layout. (Continued) \ 

operation, and hence designed to use lower resistor values. 
Given a fixed Cp„ operating with lower Rf and Rg will move 
the zero frequency out beyond the amplifier passband. Ap¬ 
plication Note OA-14 discusses in more detail the gain range 
considerations for current feedback amplifiers. 

Figures 4, 5, 6 shows a test circuit and simulation results 
demonstrating the effect of inverting node capacitance for 
the CLC205 operated at relatively low non-inverting gain. 
The effect of increasing Cp, from 0.5 pF to 5 pF in the circuit 
of Figure 4 can be seen as a considerable peaking in the 
frequency response of Figure 5. This is not, in this case, a 
loss of phase margin peaking, but simply a zero coming into 
the non-inverting transfer function due to Cp, shunting Rg. 
This zero frequency is at (Cp, • (RgllRf) / (2 • pi)) Hz. Note in 
the pulse response of Figure 6 that Cp, causes a single 
overshoot with negligible ringing. 



FIGURE 4. Simulation Circuit for Inverting Input 
Capacitive Test 



0.0 200.0 300.0 

FREQUENCY (MHz) 

01278305 


FIGURE 5. Frequency Response vs. Cp, 



0.0 20.0 40.0 60.0 

TIME (ns) 

01278306 


FIGURE 6. Pulse Response vs. Cpj 

If ringing is observed in the pulse response, this is more 
likely due to capacitance on the output pin. However, larger 
parasitic capacitances on the inverting node (>10 pF) can 
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Parasitic Capacitance Effects and 
What to do About Ground and 
Power Pianes in a PC Board 
Layout. (Continued) 

also cause loop gain phase margin problems, particularly for 
parts intended for high gams. Again, the discussion about 
avoiding parasitic capacitances on the output pin applies 
equally well here. Figure 7 shows the difference in pulse 
response behavior between Cpo and Cp, effects. The upper 
trace, which was plotted with a 1V offset for clarity, shows 
the ringing pulse response for the most peaked response of 
Figure 3. This is typical of output pin capacitance effects. 
The lower trace is a repeat of the Cp, = 5 pF pulse response 
of Figure 6. 

Parasitic capacitance to an AC ground on the non-inverting 
input, including the capacitance of the high impedance 
non-inverting input itself, will generally only introduce an 
additional response pole, depending on the source imped¬ 
ance driving the input capacitance. For low source imped¬ 
ances, this pole comes in well beyond the passband of the 
amplifier. However, when the parasitic capacitance on the 
non-inverting and inverting nodes are approximately equal, 
intentionally adding non-inverting source impedance equal 
to RgllRf can be very effective at cancelling the response 
zero coming in through Cp, shunting Rg. 



0.0 20.0 40.0 60.0 

TIME (ns) 

01278307 


FIGURE 7. Contrasting Pulse Responses 
for Cpo and Cp; 

Figure 8 shows this approach with the Cp, = 5 pF case 
considered earlier in Figure 4. Note that we have intention¬ 
ally matched the capacitance at the non-inverting input and 
added Rn, = 300 to bring the frequency response back to 
flatness. The signal gam is not changed by the addition of 
Rp. This approach simply cancels the zero apparent in the 
upper trace of Figure 9, significantly decreasing the pulse 
overshoot as shown in Figure 10. 

Although it is critical to remove ground plane from the signal 
input and output nodes, a good, low inductance, ground 
return path must be provided for the AC load current. This is 
typically provided by putting small-valued ceramic capacitors 
directly on the power supplies, connected to a good adjacent 
ground plane. These conflicting goals of good power supply 
grounding with no parasitic capacitance on the I/O pins can 
be achieved by opening a window around the part for the 
ground and power planes with the high frequency decou¬ 


pling capacitors connecting into this ground plane. The lay¬ 
out drawing of the 730013 evaluation board (in the product 
accessories section of the catalog), shows a good high 
frequency layout for the 8-pin DIP monolithic amplifier prod¬ 
ucts offered by Comlinear. 



FIGURE 8. Simulation Circuit of 
Cpi Peaking Cancellation 



0.0 200.0 400 0 


FREQUENCY (MHz) 

01278309 

FIGURE 9. Frequency Response Demonstrating 
Zero Cancellation 



0.0 20.0 40.0 60.0 

TIME (ns) 
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FIGURE 10. Pulse Response with Zero Cancellation 
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Parasitic Capacitance Effects and 
What to do About Ground and 
Power Pianes in a PC Board 
Layout. (Continued) 

Figure 11 shows the same amplifier as Figure 1 with the 
suggestions for handling parasitic capacitances incorpo¬ 
rated. 

The circuit of Figure 11 includes every fix for the possible 
problems arising from parasitic capacitance discussed thus 
far. Very rarely would all of these be required for the same 
application. If test points are to be brought out, always come 
out through at least 100Q resistors with the body of those 
resistors as close as possible to the amplifier pins. Probing 
at these test points can still radically alter the signal path 
frequency response. The amplifier should, however, remain 
stable with at least 100^2 isolating resistors. If inverting node 
parasitic capacitance seems to be a problem, Rp can be very 
effective at cancelling it out (except when Cp, is so large as 
to cause phase margin problems). If a parasitic or load 
capacitance must be driven, Rg may be used very effectively 
to improve the frequency response flatness. And, always get 
the high frequency capacitors on the power supplies as 
close to the part as possible into a good ground plane. 



FIGURE 11. Non-Inverting Amplifier Featuring 
Several Suggested Protections from Parasitic 
Capacitance Effects 


The Importance of the Feedback 
Resistor 

The feedback resistor value becomes of paramount impor¬ 
tance in the current feedback topology used by most of the 
Comlinear amplifiers. As discussed in detail in Application 
Note OA-14, the feedback resistor is the single most impor¬ 
tant element in setting the overall frequency response for the 
current feedback amplifier topology. Briefly, since we are 
looking for a feedback current from the output voltage to the 
inverting input, the feedback impedance plays the dominant 
role in determining what this will be. This, in turn, will deter¬ 
mine the amplifier’s loop gain and phase margin. Achieving 
adequate phase margin is critical to the success of any 
operational amplifier application. 

Every current feedback amplifier is optimized for a particular 
value of feedback resistor. This value is typically noted at the 
heading of the specifications listing. Always select a value 
near this as the starting point for any design. Lower values 


may be used at the risk of lower phase margin and greater 
frequency response peaking. Higher values may be used at 
the expense of lower amplifier bandwidth. In fact, increasing 
the feedback resistor value is a very effective means of 
overcompensating the amplifier. Unlike voltage feedback 
amplifiers, a unity gain follower application requires the rec¬ 
ommended feedback resistor to be in place from the output 
to the inverting input. Although having no influence on the 
low frequency signal gain in the unity follower application, 
the feedback element is still needed to determine the loop 
gain for the current feedback topology. 

Using reactive elements in the feedback path, either inten¬ 
tionally or unintentionally, can play havoc with the loop gain 
phase margin. Generally, this should be avoided unless 
done with extreme care. The small signal macromodels in 
Application Note OA-9 are very useful for predicting what will 
happen with different feedback configurations. Using direct 
capacitive feedback, to implement an integrator, will gener¬ 
ally cause oscillations with a current feedback amplifier. 
Integrators can be implemented, however, using the alterna¬ 
tive topologies shown in Application Note OA-7. Also, the 
CLC420, a wideband voltage feedback op amp, can be used 
to implement classical integrator topologies. 

Returning to the feedback resistor itself, never use a wire- 
wound type for this, or any other, resistor in a broadband 
application. Also, trying to compensate the amplifier by using 
shunt capacitance across Rf will typically yield oscillations 
with the current feedback topology. It is much more fruitful to 
compensate by increasing the value of the feedback resistor, 
although a pot in the feedback path is not recommended. 

Non-Inverting Source Impedance 
Considerations 

The impedance seen looking out of the non-inverting input 
can play a strong role in determining an amplifier’s overall 
performance. For very broadband applications, significant 
resistive source impedance, in conjunction with the part’s 
input capacitance, can become the bandlimiting point in the 
system. This is normally not a problem for 50Q terminations 
driven from a 50Q source. 

When running the amplifier in inverting mode, the 
non-inverting input would typically be grounded, either di¬ 
rectly, or through an approximately 25Q resistor. No attempt 
at source impedance matching on the two inputs for bias 
current cancellation should be made since the two bias 
currents for a current feedback amplifier are totally unrelated 
in both magnitude and polarity. Hence, unlike a voltage 
feedback op amp, there is no meaning to an offset current 
specification. 

Generally, taking the non-inverting input to ground through a 
25n resistor (for inverting amplifier applications) will elimi¬ 
nate any oscillations that might be seen due to negative 
input impedance effects at very high frequencies for the 
non-inverting input. It is oftentimes sufficient to simply 
ground the non-inverting input. But a careful check for low 
level oscillations above 500 MHz should be made, particu¬ 
larly for the faster amplifiers, if direct grounding is desired. If 
oscillations are observed, going to a 25Q, or higher, resistor 
to ground will kill this self oscillation in the non-inverting input 
transistors. 

When it is desired to AC couple the non-inverting input 
signal, as shown in Figure 12, particular attention must be 
paid to the effect the terminating resistor has on the DC 
operating point of the amplifier. Oftentimes, in an effort to 
achieve very low pole frequencies for the AC coupling (with- 
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Non-Inverting Source Impedance 
Considerations (Continued) 

out an inordinately large coupling capacitor, Ct), Rt is made 
very large or, in some cases, not included. 



FIGURE 12. Effect of R* on DC Input Offset Voltage 

Rt, however, provides the DC current path for the 
non-inverting input bias current. Wideband amplifiers with a 
purely bipolar construction, as Comlinear’s amplifiers typi¬ 
cally are, have an input bias current ranging into the 10’s of 
pA’s. It is critical, therefore, to consider the effect a large Rt 
has on the input offset voltage (as shown in Figure 12). It is 
very easy, with large Rt, for this bias current requirement to 
have driven the input and output into saturation precluding 
proper high frequency operation. The effect of high Rt on the 
non-inverting noise current gain should also be considered. 
This noise current will add as an input noise voltage term 
dependent on the frequency dependent source impedance 
looking back out the non-inverting input. 

Input and Output Voltage Range 
Considerations 

The common mode input voltage range specification (CMIR) 
shown in the Comlinear data sheets indicates how near the 
specified supply voltages the non-inverting input voltage 
may be for proper operation. When operating properly, the 
inverting node voltage simply follows the non-inverting even 
for differential amp applications. For current feedback, this is 
due to the unity gain buffer from V"’" to V", while for voltage 
feedback, this is due the feedback loop. 

Since all of the amplifiers are specified with balanced bipolar 
supply voltages, the CMIR and output voltage ranges are 
given as an allowed bipolar swing around ground. Both 
specifications are, however, indicating the required voltage 
headroom to the supplies on the non-inverting input and 
output pins respectively. Recasting these specifications as a 
required voltage headroom would allow input and output 
voltage ranges to be set for non-standard supply voltages. 
In almost all cases, the maximum output voltage swing will 
be the limiting factor. Only at very low non-inverting gains, or 
for single amplifier differential operation, will the CMIR limit 
operation. The crossover non-inverting gain where the limit¬ 
ing point will change from input to output can be found by 
dividing the output voltage range by the input voltage range. 
Operation that can cause the amplifier to exceed its output 
voltage range should be handled with special caution. Ex¬ 


cept for devices including an output limiting or clamping 
function (CLC500, CLC501, CLC502), exceeding the output 
voltage range will result in saturation internal to the amplifier. 
In all cases, this will result in very slow recovery time from 
overdrive. Since the error signal, for current feedback, is a 
current back to the inverting input, saturating the output 
voltage so that it no longer fully supplies the current being 
set up in the gam setting resistor will cause a current to build 
up in the inverting input. This is analogous to a voltage 
developing across the inputs of a voltage feedback amplifier 
when overdriven. This inverting input current can also limit 
recovery time from saturation effects internal to the amplifier. 
All of the monolithic amplifiers from Comlinear can handle 
this saturation without damage. Extreme overdrives at the 
inputs can, however, exceed the current handling capability 
of the inverting node at which point a voltage will start to 
build across the inputs. This can, if large enough, break 
down some internal junctions leading to an increase in noise 
and possibly a shift in the DC characteristics of the amplifier. 
Unless specifically indicated as overdrive protected 
(CLC205, CLC206, CLC207, CLC560, CLC561), special 
care should be taken not to drive any of the hybrid amplifiers 
into output saturation. Intended for the widest band, high 
power operation, these parts have enough internal drive 
capability to potentially damage themselves under a satu¬ 
rated output condition. Although not noted in the data sheets, 
the CLC231 and CLC232 low gain hybrid amplifiers can also 
be output stage saturated without damage. Even with an 
output saturable capability, all of the hybrid amplifiers need a 
careful analysis of junction temperatures to ensure that they 
do not exceed the rated maximum of 175°C. 

From these considerations, it is not recommended that these 
unprotected hybrid amps be used as comparators—with the 
output intentionally forced from supply rail to supply rail. (The 
fast recovery clamping of the CLC501 does, however, offer 
an excellent opportunity for a very flexible high speed com¬ 
parator function.) It is also not recommended to increase the 
value of the output stage collector resistors, for those parts 
bringing the output transistor collectors out separately, to act 
as a current limit since this will only saturate the output stage 
sooner. Generally, these resistors are intended only to 
de-couple high speed load current transients from the rest of 
the amplifier to enhance high speed settling times. It is 
possible, however, to use these resistors as an output short 
ckt current limit for those parts indicated as being overdrive 
protected. And finally, when using adjustable gain circuits, 
particularly with switching FETs, take care to keep the am¬ 
plifiers out of an open loop situation during gain adjust. 

For situations requiring a robust output overdrive capability, 
the clamping amplifiers are by far the best choice. 

Cascaded Amplifier 
Considerations 

High gain, cascaded amplifier applications require particular 
attention to a number of parasitic and operational effects. 
Figure 13 shows an example circuit of 3-CLC401’s config¬ 
ured for an overall gain of 1000 (60 dB) that will be used to 
demonstrate the suggestions developed here. 

Several opportunities exist to develop an oscillator with very 
high gain, wideband circuits. The most common is direct 
output to input parasitic coupling. The output signal path 
should be physically isolated and, if necessary, shielded 
from the input signal path. When the final output is driving a 
relatively heavy AC load, either capacitive or, in this case. 
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Cascaded Amplifier 
Considerations (Continued) 

resistive (100Q), high frequency load currents through the 
supplies can couple back into early stages completing an 
oscillatory feedback loop. High frequency de-coupling di¬ 
rectly on the supply pins of each stage are required at a 
minimum. 

Interstage ferrite beads on the supply rails, as shown in 
Figure 13, can also be used to attenuate this feedback path. 
The power supply connections of Figure 13 bring in the 
supplies at the final gain stage with LC PI filter stages used 
as it connects into earlier amplifier stages. 

This provides increasing high frequency attenuation as we 
go to amplifier stages earlier on in the gain path. This is very 
desirable from both a PSRR standpoint and in breaking any 
feedback path through the power supplies from the output to 
input. 

For close physically coupled amplifier stages, interstage 
matched impedances are probably not necessary. The two 
interstage 40Q resistors of Figure 13 are intended to isolate 
the input capacitance of the next stage from the output of the 
previous stage as suggested earlier in the discussion of 
parasitic load capacitance effects. 


One key concern in a very high gain path is the build-up of 
DC errors. The circuit of Figure 13 AC couples the gain 
setting resistors which reduces the DC gain to 1 for each 
amplifier stage. With only 1 mV input offset voltage at the 
first stage, the final amplifier output, (prior to the 6 dB match¬ 
ing loss), would be at 2V for this gain of 2000 if the 1 pF 
capacitors had not been used in the gain setting networks. If 
DC coupling at high gains is desired, some sort of composite 
correction loop (as described in Application Note OA-07) 
should be considered. 

As a general rule, the highest gain stage should be used as 
the first stage to limit the impact on the overall input noise of 
the noise contribution of succeeding stages. Here, the 
equivalent input noise of the 2nd two stages would be di¬ 
vided by the gain of +20 in the first stage in adding to overall 
equivalent input noise. The total_^uivalent input noise for 
the circuit of Figure 13 is 3 nV/^Hz. See Application Notes 
OA-12 for a noise calculation discussion and OA-14 for 
reducing the input noise for AC coupled applications. 

Figure 14 shows the measured broadband gain and phase 
response for the circuit of Figure 13. Note that the measured 
-3 dB bandwidth, extending from 3 kHz to 200 MHz, 
achieves an equivalent 200 GHz Gain-Bandwidth product. 


L1 L2 
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FIGURE 13. Wideband, High Gain, Cascaded Ampiifiers 
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Cascaded Amplifier Considerations (Continued) 


Triple CLC401 ckt 

200 MHz BW 
= 1000 

GBW = 200 GHz 
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FIGURE 14. Measured Gain and Phase for High Gain Cascaded Circuit 


The circuits included in this application note have been 
tested with National Semiconductor parts that may have 
been obsoleted and/or replaced with newer products. Please 


refer to the CLC to LMH conversion table to find the appro¬ 
priate replacement part for the obsolete device. 
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Wideband AGC Amplifier “ 
as a Differential Amplifier 




FIGURE 1. CLC520 Internal Block Diagram 


The CLC520 is a very flexible DC-coupled Automatic Gain 
Control amplifier (AGC). Unique features include two 
closely-matched differential inputs, a wideband gain control 
channel (100 MHz), and a ground referenced DC-coupled 
output signal driven from a low output impedance amplifier. 
Figure 1 illustrates the internal block diagram and pin assign¬ 
ments of the CLC520. 

As shown in Figure 1, two unity-gain closed-loop input buff¬ 
ers on pins 3 and 6 are used to force the two input voltages 
to appear across the external resistor, Rg. The differential 
voltage across Rg generates a signal current which is ampli¬ 
fied by a factor of 1.85 and fed into a two quadrant multiplier 
stage. The gain-adjustment voltage on pin 2 determines how 
much of this signal current makes it through the multiplier 
stage, with the remainder of the signal current being shunted 
to ground. The multiplier’s output current then flows through 
the transimpedance amplifier formed by the external feed¬ 
back resistor, Rf, and the internal amplifier. If the non¬ 
inverting input of this output amplifier, Vref, is tied to ground 
then a ground-referenced DC-coupled replica of the differ¬ 
ential voltage across Rg appears at the output of the op amp. 
The values of Rf and Rg, along with the gain-adjust voltage, 
determine the gain. Refer to the CLC520 data sheet for a 
more complete operational and performance discussion. 

In order to implement a fixed-gain differential amplifier, the 
CLC520 will rely on R’s very well-matched input buffers and 
it’s differential-to-single-ended voltage conversion. For the 
purposes of this discussion, the gam-control input will be 
held at a fixed level to yield the maximum gain given by 
1.85*Rf/Rg. Thus, the differential signal gain depends only 
on the ratio of two external resistors and the internal current- 
mirror gam. Both Rf and Rg can be adjusted to yield a wide 
range of differential gains. As an example, the circuit of 
Figure 2 is used to demonstrate the performance of the 
CLC520 in a fixed-gam differential amplifier configuration. 



FIGURE 2. CLC520 Fixed-Gain Differential Amplifier 
Configuration 

To demonstrate this application, the CLC520 is set up for a 
gam of 4.08VA/. The 50Q impedance-matching resistor at 
the output effectively halves the differential gain to 2.04VA/ 
(6.2 dB) at the 50a load. Figure 3 shows the single-ended 
gain and phase response for both inputs on a linear fre¬ 
quency scale through 200 MHz. Note the 180° phase offset 
for the inverting-signal gain, indicating signal inversion. The 
slightly quicker roll-off of the inverting-gain response is con¬ 
sistent from part to part. This broadband performance is 
maintained as the part is operated at higher gain settings. It 
is the close, broadband, gain match of the inputs that allows 
the CLC520 to provide this wideband differential amplifier 
with very good common-mode signal rejection. 
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FIGURE 4. Input-Referred Common-Mode Error Model 

V“; pure differential signals 
Vq* Common mode signal element 


FREQUENCY (20 MHz/DIV) 

01502503 

FIGURE 3. Single-Ended Gain and Phase 

One measure of a good differential amplifier is its ability to 
reject common-mode signals. The common approach in de¬ 
scribing this rejection is as a Common Mode Rejection Ratio 
(CMRR). The definition of CMRR is structured to allow the 
common-mode input signal to be placed in series with one of 
the differential inputs, (divided by CMRR), as an equivalent 
error term. With the following definition of CMRR, an equiva¬ 
lent input error term is placed at one of the inputs as shown 
in Figure 4. 

Ad: Diff gam 

Ac. Common-mode gain 

CMRR s ^ 

Ac 

CMRR = 20log(Ad) - 20log(Ac) Eq. 1 


Vr 

= Acl(V^-V')±VcAc 

01502505 

This definition of CMRR essentially input refers an output 
signal due to a common-mode input signal which effectively 
holds the common-mode gain constant as the differential 
gam is changed. In computing the actual mput-to-output 
signal gam due to a common-mode input voltage, simply use 
Ac Note, with Ac << 1, the logarithmic form of CMRR yields 
a large positive value. However, m computing the output 
common-mode signal, as shown m Figure 4, a linear (V/V) 
gain must be used and the error must be considered bipolar. 
To measure the CMRR as defined in Figure 4, a measure of 
the pure differential gain must first be made. This measure¬ 
ment can be accomplished with the circuit of Figure 5. This 
circuit uses a transformer with a center tapped secondary to 
generate a pure differential input signal. The center tap also 
provides a DC path to ground supplying a DC-bias current to 
each of the inputs. It is necessary, m all cases, to carefully 
consider the source of these DC-bias currents. The trans¬ 
former’s frequency response was normalized prior to the 
gain and phase response measurement. Although using this 
transformer effectively AC couples the differential gam, it is 
important to recognize that the CLC520 is a truly DC- 
coupled device. The measured gain and phase for the circuit 
of Figure 5 are shown m Figure 6. In order to maintain 
compatibility with the common-mode gain measurement, this 
figure is represented with a logarithmic frequency sweep 
from 100 kHz to 100 MHz. This circuit offers an exceptional 
gain-flatness with only 0.5 dB roll-off to 100 MHz. 
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FIGURE 5. Differential Gain Test Circuit 



FREQUENCY (Hz) 
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FIGURE 6. Differential Gain and Phase 

The common-mode gam is measured by replacing each of 
the 50a input resistors of Figure 2 with 10OQ while connect¬ 
ing the two inputs together. Tying the inputs together forces 
the input signals to be exactly the same while the resistor 
replacement retains the 50^2 input impedance match. In an 
actual application, connecting the two inputs together is 
impractical. In most cases the common-mode gain is not set 
by the amplifier, but by the mismatch of signal attenuations 
arising from each signal-source’s impedance into the single- 
ended input impedance of each of the differential amplifier’s 
inputs. A careful attention to the signal-source impedance 
match is necessary in order for the CMRR performance to be 
dominated by the amplifier and not by the deleterious effects 
of signal-source impedance mismatches. The common¬ 
mode gain measurement made here sidesteps those issues 
by simply tying the two inputs together. Figure 7 shows the 
CMRR using the measured differential gain, the measured 
common-mode gain and the logarithmic form of CMRR 
(Eq.1). 

The upper limit of CMRR at low-frequencies (below 100 kHz) 
is approximately 70 dB. This limit is set by the differential-to- 
single-ended conversion that takes place internal to the 
CLC520. At higher frequencies, the divergence in single- 
ended gains results in a 40 dB roll-off of CMRR at 10 MHz 


(shown in Figure 3). The CLC520’s two high-impedance 
inputs with its internal wideband differential-to-single ended 
conversion combine to form a very wideband, high CMRR, 
differential amplifier. 



10 ^ 10 ^ 10 ^ 10 ® 


FREQUENCY (Hz) 
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FIGURE 7. Common-Mode Rejection Ratio of the 
Circuit in Figure 2 

Application Hints 

IMPROVING CMRR 

Several elements combine to set the frequency response of 
the CLC520. On the input side, parasitic capacitance to 
ground on either of the buffer outputs (pins 4 & 5) can cause 
high-frequency peaking. It is essential to keep the PC trace 
capacitance small and balanced when connecting Rg. For 
the tests shown here, Rg was soldered directly across the 
pins of the DIP while those pins were lifted from the board. 
On the output side, Rf will determine the frequency response 
of the output amplifier. Since this amplifier uses the current- 
feedback topology, Rf is the dominant element determining 
Rs frequency response. Increasing the value of Rf can be 
used to roll-off any peaking caused by parasitic capacitance 
on the output of the input buffers. However, it is preferable 
(from a noise standpoint) to minimize this parasitic on pins 4 
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Application Hints (Continued) 

& 5 and use lower values of Rf (and therefore lower values of 
Rg for any particular gain). The CLC520 is designed for use 
with a 1 kW feedback resistor. Decreasing this value will 
cause the frequency response to peak, while increasing it 
will roll the response off. Most designs should start by first 
selecting a value for R^ and then determine the required Rg 
using the design equations found in the CLC520 data sheet. 
An additional constraint on lower values of Rg for good linear 
operation is that the maximum current supplied by the buff¬ 
ers through Rg should be kept within ±1.35 mA. This will set 
a maximum differential input voltage based on this current 
limit and the value of Rg. 

Once the parasitic capacitance to ground on pins 4 & 5 has 
been minimized, a frequency response similar to that shown 
in Figure 3 can be achieved for each of the two inputs 
separately. It is possible to take advantage of a parasitic gain 
imbalance in order to bring the inverting gain, at higher 
frequencies, into a closer match with the non-inverting gam. 
A closer gain match over a wider frequency range will im¬ 
prove the CMRR at high frequencies. 

Although the equivalent circuit of Figure 1 shows an output 
that depends only on the current through Rg, any additional 
current driven in to or out of the buffers will also generate an 
output signal. Therefore, by adding an AG coupled path to 
ground on the output of the Inverting buffer, its response can 
be matched to that of the noninverting buffer. The circuit of 
Figure 8 shows the original test circuit with the addition of 
this frequency-response matching network {Rj and Cj). 

+5V 



FIGURE 8. Differential Amplifier with Inverting 
Response Compensation 

The single-ended frequency responses shown in Figure 3 
show a lower bandwidth for the Inverting gain path vs. the 


non-inverting. This bandwidth mismatch is consistent from 
part to part and is set by the internal gain path. The buffer 
bandwidths are considerably higher and do not play a role 
determining this response. The following analysis will show 
how to select the appropriate values for Rj and Cy such that 
the frequency response of the inverting gain path can be 
matched to that of the non-inverting gain path. 

C0+: Non-inverting response pole 
C 0 -: Inverting response pole 
Non-inverting frequency response; 



Inverting frequency 

A'= Ad(^) 

Assuming co- < co-i- 

Compensate A" to achieve the following 

A"= Ad(j|^) 

= Ad(^)(f^)(^) 

= Ad(^) 

The single-ended gain response of either Input may be 
analyzed by grounding one input In order to determine the 
current generated at the output of the active buffer channel. 
Adding the Rj-Ct series combination will then provide a 
means of canceling the internal inverting-path pole with a 
zero, and replacing it with a pole that matches that seen by 
the single-ended non-inverting gain path. Note, adding this 
network will not impact the non-inverting response as long 
as it is assumed the buffers have zero output-impedance. 
The following analysis provides a method for computing the 
required values of Rj and Cy given Rg and the initial single- 
ended frequency response of each input as shown in Figure 
3. Note: the input-to-output gain from the current produced in 
the compensation path is 1/2 that of the gain of the current 
produced through Rg. 
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Application Hints (Continued) 

The output voltage due to an inverting input voltage is: 


a remeasurement of the single-ended gains is required in 
order to provide the single ended gain poles necessary for 
this compensation analysis. 


(l.85(l2)R, 4(1.85)1 ,rJ 




and l 2 ~ oo" = singie-pole response 


Solving this for the gain to the output: 




= -1.85 ^ 1 + 

V Rgl Rt ; 




r 


Rt + - 


2) 


s + 


V 


RjCt 


(*) 


The non-inverting path has a gain of: 

-g ' 


Vo '^ff 

■“7 = 1.85 TT" c + + , single-pole response 
u+ J 


Equating these two gains requires a cancelling of the co~ pole 
with the zero developed by the RyCx netrwork while placing 
the RjCj pole at co^. 

Solving for Rj and Cy 


SETTING THE DIFFERENTIAL GAIN 

To use the CLC520 at a fixed gain, it is best (from a tem¬ 
perature stability standpoint) to operate at its maximum gain, 
determined by Rf and Rg. The adjustable portion of the 
CLC520’s gain is set by a two-transistor internal differential 
stage which compares the voltage seen on pin 2 to an 
internal reference voltage developed as a resistor divider 
from the positive supply to ground. With approximately 
750W internally to ground on pin 2, the 400Q external resis¬ 
tor shown on the circuits above will develop approximately 
3.3V at pin 2, insuring the internal gain stage is fully switched 
to maximum gain. 
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Estimating and co~ from the -1 dB roll-off frequencies of 
Figure 3 and using 

®-3 dB = 1 -97 a)_i dB for ^ 1 -pole response roll-off 
CO- = 27t (176 MHz) 

C 0 -" = 27c (240 MHz) 

R-r and Cj therefore, 


*"1 ” (595n)2jt(240 MHz) = ^ 

Figures 9, 10 show the resulting single-ended frequency 
responses and the CMRR achieved through this compensa¬ 
tion. Comparing Figure 9 to Figure 3 shows a much closer 
match over frequency. A significant improvement in the high- 
frequency CMRR has been achieved with this simple ap¬ 
proach. Cj should be tuned for best CMRR at these higher 
frequencies. Note: when using different values of Rf and Rg, 


FIGURE 9. Single-Ended Gains With Inverting Path 
Compensation 
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FREQUENCY (Hz) 
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FIGURE 10. Improved CMRR with Better 
Response-Match Over Frequency 

Note that the signal gain is also dependent on an internal 
current-mirror gain from the current developed in Rg to the 
multiplier stage. This nominal 1.85 factor will show some 
part-to-part tolerance and a slight temperature dependence. 
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Apptication Hints (Continued) 

A ±3% part-to-part tolerance in this current gain along with a 
+80 ppm/°C temperature drift over 0°C-70°C may by used in 
the design of the CLC520 circuits. 

USING THE GAIN ADJUST PIN 

The fixed-gain differential amplifiers shown above can also 
be disabled with an open-collector pull-down device on pin 2 
Once pin 2 is pulled below 0.4V, the gain will be attenuated 
by greater than 60 dB. Again, refer to the CLC520 data sheet 
for a full discussion of signal attenuation vs. gain-adjust 
voltage. Although the forward path can be shut down in this 
fashion, the output pin remains a low impedance driver it will 
not be tri-stated. However, when driving several of these 
differential stages into an n:l MUX, shutting down the 
CLC520’s gain will significantly improve the overall signal 
isolation at the MUX output. 

An adjustable-gam differential amplifier can also be imple¬ 
mented with the CLC520. As discussed in the data sheet, the 
CLC520’s gam adjustment is intended for operation inside 
an AGC loop. The gam-adjust accuracy and temperature 
stability of the CLC520 does not support open loop opera¬ 
tion. A companion part, the CLC522, should be used if 
absolute gam accuracy and gam temperature stability is 
desired in an open loop (no feedback to the gain adjust pm), 
adjustable-gain differential-amplifier application. 

INPUT NOISE 

The equivalent input noise of the CLC520 is set largely by 
the value of Rg. As shown in the data sheet, a model for the 
input noise voltage due to Rg is simply Rg*l 8pA/VHz. For any 
given gain setting, scaling down the values of Rf and Rg will 
reduce this input noise. Since Rf controls the output-amplifier 
stability, it cannot be made too small. For a fixed Rf, decreas¬ 
ing Rg will increase the signal gam. Since the input noise 
decreases at the same rate as the gain increases, the output 
noise remains nearly constant as Rg is decreased. 
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FIGURE 11. Input Noise Voltage 

Figure 11 shows the measured input-referred spot noise 
voltage for the differential amplifier circuit of Figure 5. 


APPLICATION SUGGESTION: 

WIDEBAND DIFFERENTIAL COAX LINE RECEIVER 

It is often necessary to transfer high-speed signals from 
point to point via a matched-impedance coaxial line. 
Figure 12 illustrates one receiver implementation using the 
CLC520 at a fixed gain. Since both buffers have high imped¬ 
ance inputs, a simple termination across the center conduc¬ 
tor and properly terminate the cable allowing the differential 
signal to be picked-off and amplified by the CLC520. This 
circuit ties the coax shield into the local ground through a 
high-frequency blocking ferrite bead. This will help prevent 
coupling of high-frequency common-mode noise from the 
coaxial line onto the local ground, while at the same time 
setting the DC voltage and current operating point for the 
CLC520 inputs. This will also act to break high-frequency 
ground loops between different pieces of equipment 



FIGURE 12. Differential Coax Line Receiver 


APPLICATION SUGGESTION: 

VIDEO LOOP-THROUGH AMPLIFIER 

The loop-through connection is one alternative to the 
impedance-matching approach of high-speed signals. For 
this approach, a high-mput-impedance differential amplifier 
is simply placed across the center conductor and shield with 
minimal loading and no characteristic impedance-matching. 
Good high-frequency common mode rejection and good 
wideband differential amplification are essential for this ap¬ 
plication. The final destination of this daisy-chained connec¬ 
tion terminates the cable in it’s characteristic impedance. 

An implementation of this loop-through connection using the 
CLC520 is shown in Figure 13. This circuit is a replication the 
circuit of Figure 2 With some additional input resistors and a 
shutdown control gate. 

The 20Q resistors to ground will insure a DC-bias path for 
the input-stage bias currents. If it is absolutely certain that a 
DC path through both the center conductor and the shield 
will be maintained, the 20k^^ resistors can be eliminated with 
an overall improvement of VSWR. With only the 20k^2 termi¬ 
nation, the CLC520’s input offset current drift will generate a 
nominal input offset-voltage drift of 100mV/°C. It is desirable 
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Application Hints (Continued) 

considering common mode rejection and offset-current drift, 
to keep these input termination resistors as large as pos¬ 
sible. Ideally, the termination resistors should be eliminated if 
the bias current can be supplied by the cable. Remember, 
any mis-match in the single-ended attenuations from the 
center conductor’s and shields source impedances into the 
CLC520’s input impedances will degrade the CMRR. 

+ 5V 



FIGURE 13. Video Loop-Through Connection Using A 
Wideband Differential Amplifier 

The two series 37.5Q resistors into pins 3 and 6 act to isolate 
the inputs from the cable reactance helping to maintain 
high-frequency input stability. These resistors, included with 
the parasitic input-capacitance to ground, will also form a 
matched-impedance termination for the cable at very high 
frequencies (>500 MHz): well beyond the signal frequencies 
of interest. The full signal level would be available to down¬ 
stream stages using this wideband differential amplifier as a 
loop-through connection. 

APPLICATION SUGGESTION: 

A VERY WIDEBAND PULSE-DIFFERENCING 
AMPLIFIER 

With the addition of several frequency-response trims, the 
basic circuit Figure 2 can be used to implement a very 
wideband pulse-differencing amplifier. Targeting a gain of 
+1VA/ into a matched 50^2 load, bandwidths in excess of 
300 MHz are achievable. Figure 9 shows a typical single¬ 


sided pulse response. The input rise time for this test is 
approximately 800 ps. With a 1.15 ns output rise time and a 
08 ns input rise time, the amplifiers actual rise time is ap¬ 
proximately 0.8 ns for this 0.9V step at the load. Very similar 
and well-matched results can be achieved for both the in¬ 
verting and non-inverting inputs. 



Time (5 ns/DIV) 
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FIGURE 14. Very Wideband Single Input Pulse 
Response 

APPLICATION SUGGESTION: 

ALTERNATIVE WIDEBAND DIFFERENTIAL AMPLIFIERS 

Although the classical single op amp differential amplifier 
has found wide usage, several intrinsic problems limit it’s 
performance. Both signal inputs are looking into relatively 
low and not necessarily well-matched impedances causing 
unbalanced signal-source attenuation, having the effect of 
degraded CMRR. Most simplified analysis assume a OW 
source impedance in order to circumvent this problem. Fur¬ 
thermore, resistor inaccuracies, instead of the amplifier itself, 
will typically dominate the CMRR. These resistors and the 
amplifier’s open-loop gam will determine the differential-to- 
single ended conversion carried out so well by the CLC520. 
However, a classical single-amp differential amplifier com¬ 
bined with a pair of wideband, low-output-impedance buffers 
can be made to approach the performance of the CLC520. 
This approach may be preferred if lower input noise, lower 
power dissipation and improved DC-drift characteristics are 
worth a higher number of parts, lower differential bandwidth 
and the necessary precise resistor matching. Figure 15 pro- 
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Application Hints (Continued) 

vides an example of a single-amp differential amplifier using 
two buffers from a CLC114 quad buffer and a low-gain op 
amp with a differential gam of +1VA/. 



01502525 


FIGURE 15. Single Amplifier Differential Amplifier With 
Input Buffering 

The two input-barriers provide many of the same advan¬ 
tages found with the CLC520 inputs. Any of the input termi¬ 
nations described for the CLC520 may be used here as well. 
The optional 500Q resistor to ground on the output of the 
non-inverting buffer provides a means of matching the loads 
seen by both buffer outputs. This load matching will improve 
the high frequency response-match. The four 250^2 resistors 
should be matched as closely as possible since any mis¬ 
match will degrade the CMRR. The recommended low-gain 
differencing amplifier may be chosen from the following se¬ 
lection of National’s wideband low-gam amplifiers. 


CLC402 Low-gain high-accuracy current-feed back 
amplifier 

Lower CMRR than the CLC420 with wider band¬ 
width and better fine-scale, pulse-settling 
accuracy. 

CLC409 Very wideband, low-gam, current-feed back 
amplifier. 

CLC410 Intermediate performance, low-gain, current- 
feedback amplifier. This part also includes a shut¬ 
down feature and provides the best dG/d_ for com¬ 
posite video applications. 

CLC420 Unity-gam stable voltage feedback amplifier. This 
part will provide the best CMRR and DC accuracy 
CLC502 Similar to the CLC402 but with an output-clipping 
feature 

All of these parts are optimized for the 250Q feedback 
resistor shown in the circuit of Figure 15. 

Conclusion 

As operating speeds have increased, the need for a wide- 
bandwidth high-CMRR differential amplifiers has increased. 
National’s CLC520 & CLC522 provide all of the required 
building blocks integrated into one part. Although intended 
for adjustable gain requirements, operating the CLC520 at a 
fixed gain is perfectly acceptable and preferable in a differ¬ 
ential receiver application. Signal bandwidths m excess of 
150 MHz over a wide range of gains, along with CMRR 
exceeding 60 dB through 10 MHz, and two matched high- 
impedance inputs provide all the essential requirements for 
wideband differential amplification. In some applications us¬ 
ing wideband, low power buffers and a standard single op 
amp differential amplifier topology offers certain advantages 
over the CLC520 approach. 

The circuits included in this application note have been 
tested with National Semiconductor parts that may have 
been obsoleted and/or replaced with newer products. Please 
refer to the CLC to LMH conversion table to find the appro¬ 
priate replacement part for the obsolete device. 
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Current-Feedback Myths 
Debunked 

Introduction 

Mystery needlessly surrounds the operation and use of cur¬ 
rent feedback operational amplifiers. Many engineers refuse 
to design with these op amps due to misunderstandings 
which are easily rectified. 

Much has been written to date on the internal circuitry of 
current feedback op amps. These open-loop “tutorials” ob¬ 
fuscate how current feedback works in a closed-loop circuit. 
Practical op amp circuits are closed-loop feedback systems 
which yield to classical control theory analysis. Analog circuit 
designers are comfortable with voltage feedback op amps in 
a closed-loop circuit and with the familiar ideal op amp 
approximations feedback affords. It will be shown that cur¬ 
rent feedback op amps can be analyzed in an analogous 
fashion. Once this closed-loop similarity is appreciated, it is 
easy to see that most circuits commonly built with voltage 
feedback op amps can be realized with a current feedback 
op amp, and with better results at high frequencies. 

Refer to Figure 1 to review the open-loop terminal charac¬ 
teristics of a voltage feedback amplifier. Ideally the 
non-inverting input impedance is infinite, as is the inverting 
input impedance. The output is a voltage source, the output 
impedance of which is zero. This voltage source is controlled 
by the potential difference between the two op amp input 
terminals. This is the error voltage, hence the term voltage 
feedback. Feedback will drive the error voltage to zero. The 
open-loop dynamics are contained in A(s). This A(s) is a 
dimensionless gain, often represented in units of volts per 
volt or decibels. 



FIGURE 1. Voltage Feedback Op Amp 

A typical voltage feedback circuit is shown in Figure 2, the 
inverting amplifier. The transfer function is developed from 
the following equations: 

V, = 0, Vo = -A(s)V2, (V-V2)/Ri = (V2-Vo)/R2. 

As A(s) approaches infinity, the closed-loop gain is -(R 2 /R 1 ). 
The frequency response of the closed-loop circuit is deter¬ 
mined by the denominator of the transfer function. Both the 
noise gam (1 + R 2 /R 1 ) of the circuit and the 

frequency-dependent source (A(s)) appear in the denomina¬ 
tor, linking the closed-loop gain and bandwidth. 
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FIGURE 2. Voltage Feedback Op Amp Inverting Gain 

The familiar Bode plot of this circuit is shown in Figure 3. The 
amplifier is typically compensated with a dominant 
low-frequency pole to ensure stability down to a specified 
minimum gain, often unity. In the region where the one-pole 
approximation of the open-loop response is valid, the phase 
is around -90°. This is the gain-bandwidth product region. 
The intersection of the zero-slope noise gain line and the 
open-loop gain curve determines the closed-loop system -3 
dB bandwidth. A high gam circuit will have less bandwidth 
than a lower gain circuit. As the circuit moves to lower gains, 
bandwidth increases, phase margin is lost and stability suf¬ 
fers. 
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FIGURE 3. Bode Plot 

The open-loop terminal characteristics of a current feedback 
amplifier are depicted in Figure 4. There is a unity-gain buffer 
between the two op amp inputs. This buffer ideally has 
infinite input impedance and zero output impedance. Thus 
the non-inverting input impedance of the current feedback 
op amp is infinite, and the inverting input impedance is zero. 
The output is a voltage source, so the output impedance is 


www.national.com 


4-86 



zero. This voltage source is controlled by the current out of 
the inverting input. This is the error current, hence current 
feedback. Feedback forces the error current to zero. The 
open-loop dynamics are determined by Z(s). This Z(s) is a 
current controlled voltage source which has units of transim¬ 
pedance, ohms. 
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FIGURE 4. Current Feedback Op Amp 

The inverting amplifier employing a current feedback op amp 
is shown in Figure 5. The transfer function is derived from 
the following equations: 


Vi= 0 , Vo = Z(s)l,nv, (V/Ri) -H l,ov = -(V0/R2) 


V, Ri R2 



Ri - Sets the Gam 

R2 - Determines the Frequency Response 
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FIGURE 5. Current Feedback Op Amp Inverting Gain 

As Z(s) approaches infinity, the closed-loop gam is -(R 2 /Ri)- 
Notice that only the feedback resistor appears in the char¬ 
acteristic equation, in the term with Z(s). The closed-loop 
gain has been decoupled from the frequency response de¬ 
termining term of the transfer function. Only the feedback 
resistor affects the closed-loop frequency response. 

A Bode plot for the circuit is shown in Figure 6. A current 
feedback amplifier is also compensated with a dominant 
low-frequency pole. This pole is usually at a higher fre¬ 
quency than that of a voltage feedback op amp. A current 
feedback op amp is commonly compensated for maximally 
flat response at a specified closed-loop gain and with a 
specified feedback resistor. The phase is approximately -90° 
where this one-pole approximation is valid. The ideal current 
feedback op amp does not have a gain-bandwidth product. 
The closed-loop bandwidth is determined by the feedback 
resistor, not the closed-loop gam. One could entertain the 
idea of a “feedback-resistor-bandwidth” product. The inter¬ 
section of the zero-slope feedback resistor line and the 
open-loop transimpedance curve yields the closed-loop 
-3dB bandwidth. A circuit with a higher feedback resistor will 
have reduced bandwidth. This is a good way to 
over-compensate the current feedback op amp. A feedback 
resistor of twice the manufacturer’s recommended value will 
cut the circuit bandwidth in half. As the feedback resistance, 
or impedance, is reduced to a lower value, there is a loss of 


phase margin. As can be seen from the transfer function m 
Figure 5, if the negative of the loop transmission, (R 2 /(Z)s), 
equals -1 the loop is unstable. 



FIGURE 6. Bode Plot 

The design trade-offs between current feedback and voltage 
feedback differ. Voltage feedback allows freedom of choice 
of the feedback resistor (or impedance) at the expense of 
sacrificing bandwidth for gain. Current feedback maintains 
high bandwidth over a wide range of gains at the cost of 
limiting the feedback impedance. 

For example, a common error in using a current feedback op 
amp is to short the inverting input to the output in an attempt 
to build a voltage follower. This circuit will oscillate. The 
circuit is perfectly stable if the recommended feedback re¬ 
sistor is used in place of the short. Similarly, an integrator is 
commonly accomplished by placing a capacitor between the 
inverting input and output. At high frequencies a capacitor 
has a low impedance and can easily have an impedance 
less than that required for stability. The proper feedback 
resistor in series with the feedback capacitor will stabilize the 
amplifier, and introduce a high frequency zero into the inte¬ 
grator transfer function. 

Another aspect of current feedback op amps which causes 
much consternation is the low open-loop inverting input im¬ 
pedance. This feature, which causes the decoupling of 
closed-loop gain and bandwidth, is often viewed as making 
current feedback op amps unsuitable for use as differential 
amplifiers. In fact, the low inverting input impedance can 
result in a better high-frequency differential amplifier than a 
similar circuit built with a voltage feedback op amp. 

First consider the closed-loop driving-point impedance of an 
op amp, regardless of the nature of the error signal. The 
circuit and equations to find this closed-loop impedance are 
shown in Figure 7. The resistor, R, is the open-loop inverting 
input impedance. Note that R is simply a resistance. A 
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voltage feedback amplifier will have an R approaching infin¬ 
ity; in a current feedback op amp R approaches zero. A test 
current, ly, is appiied to the inverting input and the inverting 
node currents are summed. To find the closed-loop inverting 
input impedance of either amplifier simpiy substitute the 
proper form of the output voltage, V^. 
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FIGURE 7. Closed-Loop Inverting Input Impedance 

In the case of the voltage feedback op amp, Vq = -V 2 A(s) for 
this circuit. The result, Z,nv(s), is in Figure 8. The familiar 
resuit is that when A(s) approaches infinity, the incremental 
inverting impedance approaches zero. This is the incremen¬ 
tal or virtual ground on which much first-order op amp analy¬ 
sis is based. 


Traditional Op Amp Vq = -VgA(s) 


Current Feedback Op Amp Vq = -V 


-^0 


Ml 

R J 


Z,nv(s) = RII 


1 + 


M 


R^O 


->0 


-^0 


FIGURE 8. Inverting Input Impedance Comparison 

The output voltage is derived differently in the current feed¬ 
back op amp. When Vq = -V 2 (Z(s)/R) is substituted, the 
result is in Figure 8 also. It can be seen that two mechanisms 
force the inverting input impedance to a low value, ideally 
zero. When Z(s) is very large, Z,nv(s) goes to zero. In addi¬ 
tion, as R goes to zero so does the closed-loop Inverting 
input impedance. The topology of the input buffer keeps R 


small to very high frequencies. Thus a current feedback op 
amp can have a better virtual ground at the inverting input 
than a voltage feedback amp, especially at high frequencies. 
A summary of the above discussion is tabulated in Figure 9. 
The voltage difference between the input terminals is zero. 
Voltage feedback drives this difference to zero. The current 
feedback amplifier input buffer forces the two input terminals 
to equal voltages. Both amplifier types have a high 
non-inverting input impedance, so the non-inverting current 
is small. A voltage feedback op amp has a high open-loop 
Inverting input impedance, thus the inverting current ap¬ 
proaches zero. Current feedback forces the inverting current 
to zero. Both op amps display similar input voltage and 
current characteristics. Only the mechanism forcing these to 
zero differs. 




Voltage 

Feedback 

Current 

Feedback 

VrVa 

-► = 0 

= 0 

1 + 

= 0 

= 0 

I'' 

= 0 

-► = 0 


FIGURE 9. Op Amp Comparison Closed-Loop 
Operation 

It can now be seen that from a closed-loop standpoint both 
current and voltage feedback op amps allow the same ideal 
op amp assumptions to be made. Voltage feedback has a 
gain-bandwidth product which limits the lowest stable gain. 
Current feedback displays a “feedback-resistor-bandwidth” 
product which limits the lowest stable feedback impedance. 
The inverting input impedance of an ideal voltage feedback 
op amp in a closed-loop circuit is zero. Feedback accom¬ 
plishes this by dividing a high open-loop impedance by a 
high loop gain. The open-loop inverting input impedance of 
an ideal current feedback op amp is zero. A practical current 
feedback op amp has a finite inverting input impedance, less 
than 100n. Feedback reduces this further by dividing the 
initially low open-loop inverting input impedance by the loop 
transmission. The result is a better incremental ground at the 
inverting input to very high frequencies. 

As both amplifier types are used in closed-loop topologies, 
the same methods of analysis are equally applicable. Now 
that this is seen, current feedback op amps can easily be 
designed into amplifiers of any arbitrary gain (inverting and 
non-inverting), integrators, differential amplifiers {Figure 10), 
and current-to-voltage converters, commonly known as 
transimpedance amplifiers {Figure 11). 
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FIGURE 10. Difference 



FIGURE 11. Transimpedance Amplifier with a Current Feedback Op Amp 
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Component Pre-distortion " semiconductor 
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Introduction 

This revision obsoletes the previous revision of this Applica¬ 
tion Note, and covers additional material. 

This Application Note shows a simple component 
pre-distortion method that works for many popular 
Sallen-Key (also called KRC or VCVS [voltage-controlled, 
voltage-source]) filter sections. This method compensates 
for voltage-feedback and current-feedback op amps. Several 
examples illustrate this method. 

KRC active filter sections use an op amp and two resistors to 
set a non-inverting gain of K. resistors and capacitors placed 
around this amplifier provide the desired transfer function. 
The op amp’s finite bandwidth causes K to be a function of 
frequency. For this reason, KRC filters typically operate at 
frequencies well below the op amp’s bandwidth (f << fade)- 
"Pre-distortion" compensates for the op amp’s finite band¬ 
width by modifying the nominal resistor and capacitor val¬ 
ues. The pre-distortion method in the Application Note com¬ 
pensates for the op amp’s group delay which is 
approximately constant when f< < fgdB- 
One possible design sequence for KRC filters is: 

1. Design the filter assuming an ideal op amp (K is as¬ 
sumed constant over frequency) 

• Select components for low sensitivities 

• Do a worst case analysis 

• Do a temperature analysis 

1. Pre-distort the resistors and capacitors to compensate 
for the op amp’s group delay 

2. Compensate for parasitic elements 

Filter Component Pre-Distortion 

This section outlines a simple pre-distortion method that 
works for many popular Sallen-Key filters using 
current-feedback or voltage-feedback op amps. Other more 
general pre-distortion methods are available (see reference 
[4]) which require more design effort. 

To pre-distort your filter components: 

1. Calculate the op amp’s delay: 

1 MV 

"" f^ * 360° 

where (t)(f) is the op amp phase response in degrees, 
and fc IS the cutoff frequency (passband edge fre¬ 
quency) of your filter 

— Subtract the phase shift caused by your measure¬ 
ment jig from any measured value of 
— The group delay is specified at f^ because it has the 
greatest impact on the filter response near the fre¬ 
quency. 

— Other less accurate estimates of the op amp delay at 
fc are: 

— Step response propagation delay 


— 1/(27i:f3dB) 

2. The time delay around the filter feedback loop ("electri¬ 
cal loop delay") adds to the op amp delay. 

For this reason, 

— Make the filter feedback loop as physically short as 
possible. 

— If you need greater accuracy in the following calcula¬ 
tion, use the electrical loop delay (Xeid) instead of the 
op amp delay (Xoa)-’ 

"^eld ^ 

See Appendix B for information on calculating Xeid- 

3. Replace K in the filter transfer function with a simple 
approximation to the op amp’s frequency response 

— Start with a simple, single pole approximation: 

K <- K/(1 + ToaS) , s= jco 
— Alter the approximation to K and simplify: 

— Do not create new terms (a coefficient times a new 
power of s) in the transfer function after simplifying 
— Convert (1 + XoaS) to the exponential form (a pure 
time delay) when it multiplies, or divides, the entire 
transfer function 

— Do not change the gain at co == cOp in allpass sec¬ 
tions 

— The most useful alterations to K are: 

K ^ 1-(Xoa/2)s 

~ *1MXo3/2)s 

- Kd-x^^s) 

» Ke-"oaS 

All of these approximations are valid when: co << 

4. Use an op amp with adequate bandwidth (fgdb) and slew 
rate (SR): 

fsdb ^ 1 OV 
SR > SfnVpeak 

Where V is the highest frequency in the passband of the 
filter, and Vpeak is the largest peak volage. This increases the 
accuracy of the pre-distortion algorithm. It also reduces the 
filter’s sensitivity to op amp performance changes over tem¬ 
perature and process. Make sure the op amp is stable at the 
gain of A^ = K. 

Appendix A contains examples using transfer functions. The 
next section will apply the results from Appendix A. 

KRC Lowpass Biquad 

The biquad shown in Figure f is a Sallen-Key lowpass 
biquad. V,n needs to be a voltage source with low output 
impedance. R.,and Rg attenuate V,n to keep the signal within 
the op amp’s dynamic range. Using Example 2 in Appendix 
A, we can show: 
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KRC Lowpass Biquad (Continued) 


^(i<“pQp)>*(i/<«p)s 




« l/t-. 


a = R2 /(Ri + R2) 


K =1 +Rf/Rg 
H, = aK 

Ri2 = (RiII R 2 ) 

1/(®pQp) = Rl2C5(^-'<)+R3*^4^Rl2C4 


1/co2 Ri2R3C4C5+KXoaRi2C5 


^ ^®p(pd) " '' p(nom) ■ ^ 12^5 

= R^2R3^4^5 

^^^®p(pd)^p(pd)^ ^ ''^(®p(nom)‘^p(nom)) 

= Ri2C50-K)+R3C4 + Ri2C4 


where (Op^pom) and Qp(nom) are the nominal values of cOp 
and Qp 

3. Repeat step 2 until cOp « (Op^^om) and Qp « Qp(nom). 
where: 


After selecting a and calculate R^ and Rg as: 


= R^2 

R2 = R^2 



FIGURE 1. Lowpass Biquad 
To pre-distort this filter: 

1. Design the filter assuming K constant (loa = 0)- Use low 
values for K so that: 

— Xoa will have less impact on the biquad’s response. 
— For voltage-feedback op amps, Xoa will be smaller 
(Xoa ~ K divided by the gain-bandwidth products). 

2. Recalculate the resistors and capacitors using the 
pre-distorted values of cOp and Qp (cop^pd) and Qp(pd) that 
will compensate for Xoa: 


Design Example 

The circuit shown in fig 2 is a 3rd-order Chebyshev lowpass 
filter. Section A is a buffered single pole section, and Section 
B is a lowpass biquad. Use a voltage source with low output 
impedance, such as the CLC111 buffer, for V,n. 



FIGURE 2. Lowpass Filter 

The nominal filter specification are: 
fc = 50MHz (passband edge frequency) 
fg = 100MHz (stopband edge frequency) 

Ap = 0.5dB (maximum passband ripple) 

Ag = 19dB (minimum stopband attenuation) 

Ho = OdB (DC voltage gain) 

The 3rd-order Chebyshev filter meets our specifications (see 
References [1-4]. The resulting -3dB frequency is 58.4MHz. 
The pole frequencies and quality factors are: 
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Design Example (Continued) 


Section 

A 

B 

C0p/27i: [MHz] 

53.45 

31.30 

Qp[] 

1.706 

- 


Overall Design: 

1. Use the CLC111 for section A. This is a closed loop 
buffer 

— f 3 dB = 800MHz > 10fc = 500MHz 

— SR = 3500V/ps, while a 50MHz, 2Vpp sinusoid re¬ 
quires more than 250V/ps 
— Toa « 0.28ns at 50MHz 
— Cn,(iii) = 1.3pF (input capacitance) 

2. Use the CLC446 for section B. This is a current feed¬ 
back op amp 

— fsdB = 400MHz « 10fc = 500MHz 

— SR = 2000V/PS > 250V/PS (see item #1) 

— Toa == 0.56ns at 50MHz 
— Cn,( 446 ) = “lOpF (non-inverting capacitance) 

3. Use 1% resistors (chip metal film, 1206 SMD, 

25ppm/°C) 

4. Use 1% capacitors (ceramic chip, 1206 SMD, 

100ppm/°C) 

5. Use standard resistor and capacitor values 

6. See Reference [6] for the low-sensitivity design of this 
biquad. 

Section A Pre-distortion: 

We selected Ria for noise, distortion and to properly Isolate 
the CLCIII’s output and C 2 a- The pole is then set by CgA ■ 
The pre-distorted value of R^a, that also compensates for 
Cni(iii). is (see Example 1 in Appendix A): 

RiA = (1/cOp - Toa)/(C2A 
+ Cni(iii)) 

The resulting components are in the table below: 

• The Initial Value column shows the values before 
pre-distortion 

• The Adjusted Value column shows the values after 
pre-distortion, and adjusting Cza for 0^,(1 

• The Standard Value column shows the nearest available 
standard 1 % resistor and capacitor values 


Component 

Value I 

Initial 

Adjusted 

Standard 

Ria 

108Q 

100a 

100a 

^2A 

47pF 

47pF 

47pF 

Cni(111) 

- 

1.3pF 

1.3pF 


Kb = 1.50 
ttB = 0.667 
O 4 B + Cn,(446) = 4.7pF 
CsB = 47pF 

2. Iteration 0 shows the initial design results. Iterations 1 -3 
pre-distort Ri 2 b aod R 3 B to compensate for the 
CLC446’s group delay: 


Iteration 

0 

1 

2 

3 

03p(pd)/27I 

[MHz] 

53.45 

63.21 

60.65 

61.21 

Qp(pd) [ ] 

1.706 

1.443 

1.503 

1.490 

Ri 2 B [^] 

64.00 

50.17 

53.32 

52.63 

R 3 B [^ 2 ] 

627.0 

571.9 

584.9 

581.9 

K'toaRl2B*-'5B 

[ns^] 

2.527 

1.981 

2.105 

2.078 

cOp/271 [MHz] 

47.15 

55.18 

53.08 

53.53 

Qp[] 

1.934 

1.653 

1.718 

1.703 


3. The resulting components are: 


Component 

Value I 

Initial 

Adjusted 

Standard 

Rib 

96.0Q. 

78.9Q 

78.7a 

^26 

192Q 

158Q 

158a 

R3B 

627a 

582a 

576a 

C4B 

4.7pF 

3.7pF 

3.6pF 

Cni(446) 

- 

I.OpF 

I.OpF 

f^5B 

47pF 

47pF 

47pF 

RfB 

346a 

348a 

348a 

RgB 

696Q 

696a 

698a 


Figure 3 and Figure 4 show simulated gains for the following 
conditions: 

1. Ideal (Initial Values, = 0) 

2. Without Pre-distortion (Initial Values, Toa ^ 0) 

3. Without Pre-distortion (Standard Values, Toa ^ 0) 


Section B Pre-distortion: 

1. The design started with these values: 

O)p(nom) = 2 jc (53.45MHz) 
Qp(nom) ~ 1-706 
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Design Example (Continued) 



10M 100M 

Frequency (Hz) 


01278508 


FIGURE 3. Simulated Filter Magnitude Response 



FIGURE 4. Simulated Filter Magnitude Response 

SPICE Models 

SPICE models are available for most of Comlinear’s ampli¬ 
fiers. These models support nominal DC, AC, AC noise and 
transient simulations at room temperature. 

We recommend simulating with Comlinear’s SPICE models 
to: 

• Predict the op amp’s influence on filter response 

• Support quicker design cycles 

Include board and component parasitics to obtain a more 
accurate prediction of the filter’s response, and to further 
improve your design. 

To verify your simulations, we recommend bread-boarding 
your circuit. 


Summary 

This Application Note demonstrates a component 
pre-distortion method that: 

• Works for popular Sallen-Key filter sections 

• Is quick and simple to use 

• Shows the op amp’s effect on the filter response 

• Gives reasonable op amp selection criteria 
Appendix A and the Design Example section contain illustra¬ 
tions of this method. 

Appendix A - Transfer Function 
Examples 

Example 1: 

Single pole section, K in the numerator: 

^in 1 +(1/®p)s 


where is a time constant set by resistors and capacitors. 
To include the op amp’s group delay, substitute for K and 
simplify: 


K 


V,n 1+("i)s 1+(Xo3)s 

K 


1 + (1/a)p)s 


Notice that: 

• There are no new powers of s in the transfer function 

• Changing the resistor and capacitor values can compen¬ 
sate for Xoa 

• The approximation is reasonably accurate when f << 

^306 

To pre-this filter section, recalculate the resistors and 
capacitors using the equation: 

Ti = 1/(0p - Xoa 

Example 2: 

Single pole allpass section, K times the numerator: 


^ 1-(1/co,)s 

V,p ~ 1-(1/V® 



where x-, and Xg are time constants set by resistors and 
capacitors. This section operates as an allpass filter when: 

Xl = ^2 
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Appendix A - Transfer Function 
Exampies (Continued) 

To include the op amp’s group delay, substitute for K and 
simplify. Since this is an allpass transfer function, the ap¬ 
proximation to K does not change gain at © = ©pi 


1 -(X 2 )S ^ 1 -(V 2 )S 

V|^ ~ 1 + (x.,)s * 1 + (Toa/2)s * 

1 - (1/®Js 
« -^— zi_ , K 

1 +(1/(0p)s 


CD, (Op, 
1/(0^ = 


CO^ « 1 /Xj 
Xo + X„ 

2 oa 


Notice that: 

• There are no new powers of s in the transfer function 

• The gain at ©p does not change (this is an allpass sec¬ 
tion) 

• Changing the resistor and capacitor values can compen¬ 
sate for Xoa 

• The approximation is reasonably accurate when f << 
fsdB 

To pre-distort this filter, recalculate the resistor and capaci¬ 
tors using the equations: 

X 2 = /©z ■ Xoa/2 
Xi = /©p - Xoa/2 

Example 3: 

Biquad section, s term in the denominator that includes K: 

^. 1 
V,n 1 +(1/(a,pQp))s + (1/».2)s2 

'/(fflpQp) = + Ktj 

1/(0^ = x2 

P 3 

where x^, Xs and X 3 are time constants set by resistors and 
capacitors. 

To include the op amp’s group delay, substitute for K and 
simplify: 


To pre-distort this filter: 

1. Design the filter assuming K constant (Xoa = 0). 

2. Recalculate the resistors and capacitors using the 
pre-distorted values of ©p and Qp (©p(pd) and Qp(pd) that 
will compensate for Xoa: 

1'“p(pd) = ■''“p(nom) * ^Voa 

-I 

''^(“p(pd)°p(pd)) ■ ’'^(“p(nom)°p(nom)) 

= Xi+Kx2 

where ©p(nom) and Qp(nom) are the nominal values of ©p 
and Qp 

3. Repeat step 2 until ©p « ©p(nom) and 
Qp “ Qp(nom). Where: 


1 /(D^ = 1 /(D^/ jx 

P P(pd) 


KxoT^, 


2 oa 


Example 4: 

Biquad section, s^ term in the denominator multiplied by K: 


V,n ~ 1 +(1/(cOpQp))s + (1/co^s2 

1/((DpQp) = Xi 

1/(d2= Kt2 

where x-, and Xg are time constants set by resistors and 
capacitors. 

To include the op amp’s group delay, substitute for K and 
simplify: 


1 

1 + (ri)s + (,2 . K/(1 + r„aS))s2 


1+(1/o>pQp))s + (1/ffl2p)s2 


\ ^ ^ _ 

Vn 1 + (t, + K(1 - TppS) • X2)S + {T3 )s2 

_ 1 _ 

“ 1+(1/(0)pQp))S + (1/0)pV 

(B, COp, « 1/Tpp 

1/(0>pQp) = ■'l + Kx2 

1/0)2 _ ^2 . 

Notice that: 

• There are no new powers of s in the transfer function 

• Changing the resistor and capacitor values can compen¬ 
sate for Xoa 

• The approximation is reasonably accurate when f << 

^3dB 


= 1/x^. 


1 /(®pQp) = ''l 

1/<o2=Kx|+^,Xp3 


Notice that: 

• The (1 + XoaS) factor in the numerator was converted to 
the exponential form, which represents a constant group 
delay 

• There are no new powers of s in the transfer function 

• Changing the resistor and capacitor values can compen¬ 
sate for Xoa 

• The approximation is reasonably accurate when f << 

^3dB 

To pre-distort this filter: 

1. Design the filter assuming K constant (Xoa = 0). 
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Appendix A - Transfer Function 
Examples (Continued) 

2 . Recalculate the resistors and capacitors using the 
pre-distorted values of cOp and Qp cop(pci) and Qp(pd)) that 
will compensate for Toa-' 

1/co2(p^) = 1/co2(n^^)-xitoa 
= Kx2 

t/(®p(pd) ^p(pd)^ ~ ^^^®p(nom)^p(nom)^' 

^oa 

= "1 

where cOp(nom) and Qp(nom) are the nominal values of oOp 
and Qp 

3. Repeat step 2 until cOp « cOp^nom) and Qp « Qp(nom). 
where: 

1/(«)pQp) = 1'(<«p(pd)Qp(pd)) 'oa 

Appendix B - Eiectricai Loop 
Deiay 

Teid can be calculated as: 

where: 

• X is the distance around the filter feedback loop, exclud¬ 
ing the op amp 


• IS the equivalent relative permittivity of the PCB trace 

• Pr is the equivaient relative permeability of the PCB trace 

• c is the speed of iight in free space (3.00 x 10® m/s) 

• Toa is the op amp group delay at fg 

For a typical printed circuit board, 2 0 . This gives: 

'^eid ^ X • (0.067ns/cm) -l- Toa 
where x is in centimeters, and Toa is in nanoseconds. 
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Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoleted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 
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Pushing Low Quiescent 
Power Op Amps to Greater 
than 55dBM 2-Tone 
Intercept 
Abstract 

It is commonly expected that very low distortion amplifiers 
must dissipate considerable quiescent power to achieve 
their high linearity. With the advent of intrinsically low distor¬ 
tion current feedback op amps, along with the linearity im¬ 
provements achieved by the negative feedback used In 
these devices, wideband low distortion amplifiers have be¬ 
come available at much lower quiescent power levels. This 
discussion will focus on the 2-tone, 3rd order intermodulation 
distortion of current feedback amplifiers. Following a brief 
review the harmonic distortion mechanisms of current feed¬ 
back op amps, a simple means to further improve an already 
high intercept will be described. Having pushed the 3rd order 
spurious levels into the noise, an automated means of mea¬ 
suring these very low distortion levels will be described. 


Input Transimpedance Output 

Buffer Gam Stage Buffer 
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together to form the high transimpedance node for the am¬ 
plifier. This is the high gain node for the amplifier. Small 
changes in the error current (fed back through Q3 and Q4) 
will have a significant transimpedance gain to a voltage at 
the outputs of the two current mirrors. This voltage (Vq’) is 
buffered to the output pin by another open loop voltage 
buffer, transistors Q5-Q8. This buffer’s high input impedance 
contributes to achieving a high forward transimpedance gain 
through the amplifier while providing a low impedance output 
drive. Both the input buffer and the output buffer are essen¬ 
tially Class AB buffer stages (see ref. 1 for a more complete 
description of a current feedback op amp). 

To this point, the amplifier’s internal elements have been 
treated from an open loop standpoint. When the output is 
connected back to the inverting input through a feedback 
resistor, with a gain setting resistor to ground on the inverting 
node, we get the closed loop op amp configuration. Figure 2 
shows the closed loop current feedback op amp block dia¬ 
gram along with the resulting transfer function. 



Z(s) 


Rf+R, 


frequency dependent loop gam 


FIGURE 1. Simplified Current Feedback Topology 

Harmonic Distortion in a Current 
Feedback Amplifier 

Figure 1 shows a simplified internal circuit for a current 
feedback operational amplifier. Note that the structure is very 
symmetric with complementary NPN and PNP devices. The 
input buffer stage, Q1-Q4, forms an open loop voltage buffer 
from the non-inverting input to the inverting pin. Transistors 
Q3 and Q4 provide a means to simultaneously drive the 
inverting node voltage and cascode an error current signal 
through their collectors to a current mirror stage. The outputs 
of the two symmetric current mirror stages are fed back 


FIGURE 2. Closed-Loop Transfer Function 

Looking at the transfer function, the numerator expression is 
our desired signal gain in VoltsA/olts. While the denominator 
expression represents the error terms due to a finite forward 
gain In the amplifier. If the forward transimpedance gain, 
Z(s), were infinite, this error term would drop out and the 
amplifier would produce exactly the gain shown in the nu¬ 
merator. The forward transimpedance is, however, a fre¬ 
quency dependent gain, having a very large value at DC with 
a dominant low frequency pole along with higher frequency 
poles (see National op-amp data sheets for open loop tran¬ 
simpedance plots). When the magnitude of Z(s) has rolled 
off to equal the value of the feedback transimpedance (Rf + 
R, *(1+ Rf /Rg)), the loop gain has dropped to one and the 
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Harmonic Distortion in a Current 
Feedback Amplifier (Continued) 

overall amplifier frequency response begins to roll off. The R, 
* (1+ Rf /Rg) part of the feedback transimpedance is the 
principal parasitic effect limiting the amplifier’s bandwidth as 
higher closed loop (1+ Rf /Rg) gams are desired (R, is the 
output impedance of the buffer driving out of the inverting 
node). For the remainder of this discussion this R, term will 
be set to zero leaving the feedback transimpedance set by 
only Rf. 

One of the basic advantages offered by the current feedback 
topology IS that, with the loop gain, and hence the frequency 
response, set externally by Rf, the desired signal gain may 
be set by Rg with minimal impact on the frequency response. 
It IS through this mechanism that the current feedback op 
amp IS said to offer a Gain-Bandwidth product “indepen¬ 
dence”. Please see National application note OA-14 for a 
more complete discussion of the current feedback transfer 
function and frequency response control. 

Distortion Mechanism’s in Current 
Feedback Ampiifiers 

From an open loop standpoint, harmonic distortion arises 
from any non-linearities in going from the inverting error 
current signal to the output voltage. Although we have shown 
this transimpedance gam to be a frequency dependent linear 
gain, Z(s), at any particular frequency, Z can actually be 
represented by a polynomial expression from the error cur¬ 
rent to the output voltage. This polynomial will have a very 
high linear gam term (at low frequencies) with relatively small 
coefficients for the higher order terms. 

The signal path from the inverting input to the output follows 
two symmetric paths as shown in Figure 1. The open loop 
2 nd order coefficient is set by any transfer mismatches 
between the upper and lower signal paths to the output. The 
open loop 3rd order coefficient is principally set by the 3rd 
order curvature (crossover distortion) in the transfer function 
of the Class AB output buffer. (See reference 2, page 694 for 
a discussion of Class AB buffer distortion). 

With the 2nd order distortion arising from mismatch effects, it 
is often observed that this distortion is strongly dependent on 
the DC operating point at the output. Changing the relative 
voltages across the two halves of the forward gain path will 
effect the balance of the parasitic effects (voltage dependent 
base-collector capacitance and output impedances) that 
give rise to this non-linearity. Similarly, for a ground centered, 
sinusoidal, output swing, inbalancing the power supplies can 
be used to null the 2nd harmonic at a specific frequency. 
The magnitude of the open loop 3rd harmonic distortion 
term, at a given frequency, is principally a function of the 
output load current vs. the biasing current, Ib 2 , in the output 
stage. Hence, as signal swings go up, load resistors go 
down, or quiescent biasing current goes down, this third 
order distortion will increase. Conversely, as the load imped¬ 
ance increases, the signal swing decreases, or the quies¬ 
cent biasing current increases, this 3rd order distortion will 
be decreased. 

The intrinsic symmetry of the forward gain path, with well 
matched PNP and NPN signal paths, along with the fully 
complementary Class AB output buffer, yields low open loop 
distortion. This distortion is further reduced by the action of 
the negative feedback when the loop is closed (as shown in 
Figure 2). At a particular frequency, Z(s) can be taken to 


have specific values for the coefficients of a polynomial 
approximation to the transimpedance gain from the inverting 
error current to the output voltage. Figure 3 steps through a 
transfer function development using a polynomial expression 
for the forward transimpedance gain. Although this approach 
does not yield a closed form solution for the output voltage 
polynomial vs. an input signal, it does illustrate the loop gain 
dependence of the higher order terms. 



01502703 


FIGURE 3. Loop Gain Effect on Non-Linearity 


Summing currents at the inverting node 


Vo 


Rf , multiplying through by Rf and grouping terms 


V,[l+-^ +R(ierr+Vo 

I '’gJ 


From the above expression for Vq (using the first three 
terms) 


I2i2 ili3 
7 ' err ^ 


Should isolate and solve for ig^r polynomial here, 
but this doesn’t yield a very clear result. Simply 
putting this igrr expression into the above expression 




Then, solving for Vq 


A 

4 


Zi/Rf 


Z,/R, 


where — = Loop gain 


A more common way to show the effect of negative feedback 
on forward gain distortion effects is to introduce an error 
signal at the output of the forward gain block. Figure 4 shows 
this control theory approach with a similar result to Figure 3 
- open loop distortion effects are reduced by the loop gain in 
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Distortion Mechanism’s in Current 
Feedback Amplifiers (Continued) 

a negative feedback closed loop configuration. This ap¬ 
proach also does not reach a closed form solution for Vq , 
(Vd should actually depend on V,). 



Vo = A*Ve^+Vd 

Verr = Vi-f‘Vo 

Vo=A*V,-A*f*Vo + V„ 
(1+A*f)*Vo=A*Vi+Vd 


A*f = Loop Gain 
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FIGURE 4. Control Theory Model of Distortion 


For a single frequency input, it is the loop gain at the funda¬ 
mental frequency that is applicable to determining the loop 
gain’s impact on the distortion. Some of the literature seems 
to imply that it is the loop gain at the harmonics that is acting 
to linearize the closed loop performance to decrease the 
distortion (reference 2, page 418). However, testing with a 
loop gain tailored to be higher at the fundamental than at the 
harmonics has shown a direct dependence on the loop gain 
at the fundamental, but not at the harmonics. 

For the 3rd order terms, the achievable harmonic and 
2-tone, intermod, distortion levels are set by the intrinsic 3rd 


order distortion of the output buffer and the loop gain at the 
fundamental frequency of operation. Figure 5 shows a Bode 
plot of the frequency dependent forward transimpedance, 
20*log(IZ(s)l), for a typical current feedback amplifier. The 
solid horizontal line intersecting this plot at about 10OMHz is 
20*log(Rf), the feedback transimpedance. The vertical dis¬ 
tance between the forward Z(s) and this solid horizontal line 
is the loop gain, IZ(s)l/Rf. 



Frequency (Hz) 
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FIGURE 5. Forward and Feedback Transimpedance 


As is apparent from Figure 5, this loop gain decreases with 
increasing frequency as the forward transimpedance gain 
rolls off. The intersection of Z(s) and the feedback transim¬ 


pedance is of critical importance in determining the closed 
loop frequency response flatness. This decreasing loop gain 
with frequency is the dominant cause for an increase in 
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Distortion Mechanism’s in Current 
Feedback Amplifiers (Continued) 

harmonic distortion with increasing frequency for negative 
feedback amplifiers. One of the key contributions of the 
current feedback amplifier is the ability to use higher loop 
gams to higher frequencies than for equivalent voltage feed¬ 
back parts Typically, however, we still see the 3rd order 
distortion terms starting to increase, for a given output power 
level and gam, for frequencies above 5MHz. Conversely, as 
operating frequencies go below about 5MHz, the distortion 
performance typically reaches a minimum value m the region 
of the dominant open loop pole. 

As a point of comparison, this discussion will focus on the 
2-tone 3rd order mtermodulation distortion at 10MHz. Figure 


6 shows a plot of 3rd order intercept (at 10MHz) vs. quies¬ 
cent power dissipation (m dBm) for two current feedback 
amplifiers along with several other high linearity amplifiers. 
Many of these other amplifiers use a Class A output which 
requires significantly higher quiescent power to achieve low 
distortion. Also, minimal feedback, and hence minimal dis¬ 
tortion improvement due to loop gam, is generally used m 
these other parts. This yields a distortion performance that is 
not nearly as frequency dependent Basically, these Class A 
output amplifiers have driven the forward path non-lmearities 
down with high quiescent currents and used minimal feed¬ 
back to keep their distortion performance constant over a 
wider frequency range. 



• 

1 

• 3 

• 2 



*4 



• 6 

*7 



*5 



20 25 30 35 40 


Quiescent Power Dissipation (dBm) 


1. National 

2 National 

3 Advancd Milliwave Lab 

4. Adams Russell 

5. Avantek 

6. Watkins Johnson 

7. Q-Bit 


CLC221 

CLC401 

AR01003252 

AM-109 

UTO-509 

WJ-A59 

QB-210 


01502710 


FIGURE 6. 2-tone, 3rd Order Intercept vs. 
Quiescent Power (dBm) 


The data of Figure 6 shows that, for HF frequencies, consid¬ 
erably higher intercepts per mW of quiescent dissipation can 
be achieved with current feedback op amps through the use 
of a very linear forward gain path and high loop gam m the 
feedback network. The principal drawbacks to using the 
current feedback op amp in an HF or RF application is a 
steadily decreasing intercept above 5MHz, usable band- 
widths limited to about 100MHz, and relatively poor noise 
performance. Intercepts have typically dropped to below 
30dBm by 50MHz for the National op amps shown in Figure 
6 (note 1) 

Improving Distortion by Shaping 
the Loop Gain 

Since a current feedback amplifier allows the loop gam to be 
set separately from the signal gam, it should be possible to 
adjust the loop gam to yield an improved distortion perfor¬ 
mance without changing the signal gain. The simplest way to 


do this would be to scale the resistor values down, keeping 
the same ratio for Rf /Rg. Decreasing Rf will increase the 
loop gain over the full frequency range, but runs the risk of 
inadequate phase margin at the crossover, where IZ(s)l = Rf. 
It would be preferable to decrease the feedback transimped- 
ance at lower frequencies but return to the nominal design 
value for Rf where this feedback R is intended to equal Z(s). 
Figure 7 shows one possible circuit that achieves this loop 
gam shaping. This circuit was originally reported m the litera¬ 
ture as a means to improve the equivalent input noise (ref¬ 
erence 3). At low closed loop gam settings, the relatively 
large inverting input current noise for a current feedback 
amplifier can dominate the overall noise performance. This 
noise current shows up at the output pin multiplied by the 
feedback resistor. The circuit of Figure 7 reduces the feed¬ 
back resistor by using a parallel combination of the two 
feedback resistors as the low frequency gain for this noise 
current. The coupling inductor is set to remove this parallel 
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Improving Distortion by Shaping 
the Loop Gain (Continued) 

feedback path before the unity loop gain crossover fre¬ 
quency (where Z(s) = Rf-,) with approximately 60 degree 
phase margin. 



Recommended 
feeback resistor 
value for the 
specific op amp 
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FIGURE 7. Loop Gain Shaping Network 

Figure 8 shows a generalized transfer function for the circuit 
of Figure 7. In general, this circuit could be used to shape 
both the loop gain and the forward signal gain. At low fre¬ 
quencies, the gain is set by the parallel combination of the 
two Rf ’s divided by the parallel combination of the two Rg’s. 
At high frequencies, once the inductor has opened up the 
connection between the two feedback’s, the gain is simply (1 
+ Rf-i/Rg-i). Similarly, the feedback transimpedance at low 
frequencies is the parallel combination of the two feedback 
R’s while at high frequencies it has increased to equal Rf-,. In 
going from low to high frequencies, this circuit shows a 
zero/pole pair for both the signal gain and the feedback 
transimpedance. 



FIGURE 8. Transfer Function for Parallel and 
Inductor Coupled Feedback 

For this loop gain shaping application, we will take the ratio 
of Rfi/Rgi = Rf 2 /Rg 2 - Under this condition, the numerator of 


the transfer function in Figure 8 simplifies to equal 1 + Rfi/Rgi 
Indicating a flat frequency response up to the roll-off fre¬ 
quency. The principle concern here is the frequency depen¬ 
dence of the feedback transimpedance. The loop gain has 
been increased due to the decreased feedback transimped¬ 
ance at low frequencies which should provide an improved 
harmonic distortion performance. The feedback transimped¬ 
ance now shows a zero/pole pair due to the inductor cou¬ 
pling the two feedback paths together. Figure 9 shows an 
analysis of the loop gain for this parallel, inductor coupled, 
feedback to set the pole and zero frequencies. 


With 1 + —1=1+—* 
Rq.. Rq 


■= Ay, 


Let Rf^ = aRf^;Normallya< 1 
Rewriting the Loop Gain in terms of a and Ay 

Z(s) forward transimpedance 


Loop gain 


Rf,a 

''lAv 


feedback transimpedance 


Rf, (1+oc) 

s +— - - 

LAv 

At high frequencies, the feedback transimpedance = R,^. 

Define the ratio of this high frequency feedback transimpedance 

R, R. 

to the DC feedback transimpedance as p =- 


20 log (p) IS then the increase in low frequency loop gain in dB 
from the high frequency value of R,^. 

zero ot 1 

The resulting feedback transimpedance-ratio =-= — 

pole a +1 p 

Typically we would target the pole frequency to occur at a lower 
frequency than the nominal crossover frequency for R,^ 
(recommended value for amplifier) 

Rf, a 


ThenL = 


Pole frequency *Av 
This will set the zero frequency to 


pole frequency 

P 


FIGURE 9. Loop Gain Analysis for Parallel and 
Inductor Coupled Feedback 

To use this approach to increasing the low frequency loop 
gain the following steps would be followed: 

1. The desired signal gain would be set. 

2. A current feedback amplifier appropriate for this gain 
range would be selected. 

3. Rf, is set to the selected op amp’s nominal 
recommended value (note 2). 
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Improving Distortion by Shaping 
the Loop Gain (Continued) 

4. The pole frequency for the feedback transimpedance 
IS set to be less than nominal unity loop gain 
crossover frequency for the selected op amp. 

5. The desired reduction in feedback transimpedance at 
low frequencies is set. This will also determine the 
zero frequency. 


of the transformer and reduces the overall Noise Figure to 
7.2dB for this test circuit. Although this transformer will AC 
couple the signal path, it is important to remember that the 
amplifier itself is a true DC coupled device. Since the input is 
already AC coupled, a IpF blocking capacitor at the output 
has been added to strip off any amplifier DC offsets that may 
be present. The op amp itself presents a very low output 
impedance. To get into a 50t2 system, a series, discrete, 50f2 
resistor must be added The defined measurement point for 
both gain and intercept is at the 50Q load. 




The pole/zero ratio is equal to p | = 

6 The coupling inductor (L) is solved from the equation 
in Figure 9. 

7. Rf 2 and Rg 2 are solved using _ and the desired signal 
gam. 

8 . The additional loading on the output due to the 
additional feedback network (R ^2 + ^ 92 ) should be 
checked to see that it is not significantly lowering the 
intended load. 

Figure 10 shows a Bode plot of the same forward transim¬ 
pedance gain of Figure 6 with a 4'1 reduction in the DC 
feedback transimpedance using this paralleled, inductor 
coupled, feedback. Note that the targeted pole frequency 
was 80MHz which forces the zero frequency to be at 20MHz. 
This yields a 12dB (4 times) increase in the low frequency 
loop gain. This loop gain has decreased by 3dB at 20MHz 
and continues on up to only a 3dB improvement from the 
nominal Rf-, value at 80MHz. The goal here was to be 
approximately back to an Rfi feedback impedance by the 
100MHz unity loop gam crossover point on the forward 
transimpedance curve. This 12dB improvement in the loop 
gain at 10MHz should translate directly into a 6dB increase 
in the 2-tone, 3rd order intermodulation intercept (one half of 
a 12dB decrease in the spurious levels for a given output 
power level will yield a 6dB increase in intercept). 



FIGURE 11. Test Circuit for Increasing Loop Gain 

The overall gain for this circuit is 40VA/ (32dB). Figure 12 
shows the measured frequency response for this test circuit. 
Although the CLC221 is specified to provide >165MHz -3dB 
bandwidth in the gain of +20 configuration used here, the 
transformer and the input RC filter limit the bandwidth to 
approximately 90MHz. Significant latitude in trading off gam, 
bandwidth, and noise are possible when using op amps m 
these types of applications. Please see National application 
note OA-11 for additional discussion of interpreting and us¬ 
ing op amp specifications in RF applications. 



1 10 100 
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FIGURE 12. Measured Frequency Response for Wide 
Dynamic Range Test Circuit Using a CLC221 


FIGURE 10. Forward Transimpedance with Shaped 
Feedback Showing Increased Loop Gain 

Figure 11 shows an example circuit using the paralleled 
feedback approach to increasing the loop gain at low fre¬ 
quencies. This circuit also uses a 1:4 step up transformer at 
the input to improve the Noise Figure (reference 4). This 
input stage presents a 50Q input impedance in the passband 


At 10MHz, the CLC221, without any loop gain shaping, has 
a 49dBm 3rd order intercept while dissipating only 900mW 
quiescent power. Using ±15 volt supplies, the full scale 
output pin voltage swing is approximately ±5 volts in order to 
satisfy the 50mA maximum output current into the 100Q 
load. For 2-tone, 3rd order intercept testing, this translates 
into a maximum 12dBm test power level for each of the two 
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Improving Distortion by Shaping 
the Loop Gain (Continued) 

test frequencies at the 50^2 ioad. Given a maximum peak to 
peak swing at the amplifier output, from either a voltage 
swing or current limit standpoint, the maximum single tone 
power level at the load is for a voltage swing 1/4 this level. 
This accounts for the 6dB loss in going through the matching 
network and the fact that the full voltage envelope for a two 
tone test is the sum of the peak to peak swings for the 
individual test frequencies. 

Pushing a full 12dBm in each test tone at the load puts the 
amplifier into a slightly higher distortion mode. The 49dBm 


intercept for the amplifier by itself is not observed until the 
single tone power at the load has dropped to 8dBm. Using 
this as a test condition will yield a 3Vpp swing for the voltage 
envelope at the load. 

This test circuit shows bipolar supplies for the amplifier. True 
DC coupled devices typically use balanced bipolar supplies. 
However, since most current feedback amplifiers don’t actu¬ 
ally use a ground reference in their design, single supply 
operation is perfectly acceptable. National application note 
OA-11 describes this in detail. 
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Measuring 2-Tone, 3rd Order 
Intercepts above 50dBm 

The 3rd order spurious levels for 8dBm test power levels and 
50dBm intercept would be -74dBm (note 3). This 82dB 
dynamic range requirement is right at the edge of what most 
spectrum analyzers can measure. Figure 13 shows a typical 
test setup for measuring intercepts where the dynamic range 
requirement is less than 90dB. One of the principle require¬ 
ments for this measurement are to provide clean input test 
tones, with no intermodulation of the sources. The amplifiers 
following the sources and the hybrid power combiner 
achieve this quite well. These amplifiers, the CLC142, can 
provide 27dBm output power through 100MHz and are par¬ 
ticularly useful in getting enough power to the DUT for test¬ 
ing low gain devices. They also isolate any leveling loops in 
the output stage of the sources from mixing together and can 
themselves provide in excess of 50dBm intercepts through 
10MHz (although their intercept performance does not limit 
this test). 

The 2nd primary requirement for the test setup of Figure 13 
is to attenuate the fundamental power levels at the input of 
the spectrum analyzer mixer to a low enough power level to 
eliminate any analyzer produced inter-modulation products. 
This typically translates into a -36 to -40dBm power level at 
the mixer. 

The test set up of Figure 13 would begin to have trouble 
making this measurement as the required dynamic range 
extends beyond 85dB. This would occur as the test power 
level is decreased (to evaluate if intercept performance is 
observed) or if higher intercepts were to be measured. The 
anticipated 55dBm intercept for the test circuit described 


earlier would exceed the measurement range for the test 
configuration of Figure 13. With 8dBm test power levels at 
the load, the anticipated spurious power levels would be at 
-86dBm for a 55dBm intercept. This 94dB dynamic range is 
probably beyond most spectrum analyzers. Averaging could 
be used to lower the noise floor in an attempt to pull this very 
low spurious out of the noise. As the test power is de¬ 
creased, the required averaging would significantly extend 
the test time. An alternative technique would be to filter out 
one or both of the two test frequencies after the DUT and 
before the signal is applied to the analyzer. This realistically 
requires a relatively broad spacing of the test input frequen¬ 
cies (to avoid filtering the spurious frequencies) and is not 
particularly useful for swept frequency measurements. 
Figure 14 shows a modification to the basic test setup ofF/gi- 
ure 13 to extend the dynamic range of this intermodulation 
measurement system. In this approach a 3rd signal source, 
phase locked to one of the other two input signal sources, is 
used to null out one test frequency at the output of the DUT. 
The same type of power combiner used at the input is used 
here to combine the output signal with a nulling signal from a 
3rd signal generator. The Fluke 6080A sources offer a pro¬ 
grammable phase capability that allows the nulling source to 
be tuned to very nearly 180 degrees out of phase with one of 
the test signals at the DUT output. The output of this 2nd 
power combiner will then have one of the test frequencies 
plus the original intermodulation tones at the output of the 
DUT. This allows the system to use less attenuation to the 
analyzer mixer since no intermodulation terms will be gen¬ 
erated in the analyzer. This technique also offers the advan¬ 
tage of being fully programmable over a wide range of 
frequencies and test powers. 


Low Frequency (lOOKHz to 10MHz) 3rd Order Intermodulation intercept Test Setup Template 
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FIGURE 13. Intermod Test Setup 
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Measuring 2-Tone, 3rd Order Intercepts above SOdBm (Continued) 


Low Frequency (lOOKHz to 10MHz) 3rd Order Intermodulation Intercept Test Setup Template 
with Output Single Tone Cancellation 
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FIGURE 14. Improved Dynamic Range intermod Test Setup 


Test Results for the Improved 
Intercept Amplifier 

The intermodulation intercept for the circuit of Figure 11 was 
first measured using the basic setup of Figure 13. This 
measurement resulted in approximately a 52dBm intercept. 
Figure 15 shows the test signals at 100kHz around 10MHz. 
Note that the measured power is -27dBm or -37dBm at the 
mixer considering the analyzer’s internal lOdB attenuator. 

MKR 9 OMHz 

REF 0 OdBm ATTEN 10dB -27 OdBm 
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RES BW 10MHz SWP200msec 
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FIGURE 15. Test Power Levels for 10MHz Test 

Figure 16 shows the measurement for the upper spurious 
signal at 10.3MHz. Note the very narrow resolution band¬ 
width, video bandwidth, and span to make this measure¬ 


ment. The low phase noise of the sources and phase locking 
all of the sources and the analyzer together are critical to this 
measurement. 


MKR 10 300010MHz 

REF -40 OdBm_ATTEN lOdB_-11310dBm 









EXT REF 1 











CE 

NTER 








1 10 30MHz 











































Ai 


1 





rr’i n tthi 


CENTER 10 30MHz VBW 10Hz SPAN 300MHz 

RES BW 10MHz SWPIOsec 


01502721 


FIGURE 16. Spurious Measurement at 10.3MHz 

Continuing on to the same measurement with the test set up 
of Figure 14 did allow a slightly increased measurement 
range. After nulling out the lower test frequency, the test 
signal plot of Figure 17 shows the widely disparate power 
levels going into the analyzer. It is important to remember 
that equal test power levels are still being generated at the 
DUT output. Note that the measured power on the uncan¬ 
celled test tone has increased to approximately -11 dBm 
from the earlier -27dBm level. This reflects the reduced 
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Test Results for the Improved 
Intercept Amplifier (Continued) 

(19dB) attenuation used at the output signal path. Also note 
that the lower test tone has been attenuated by 40dB from 
the upper tone with this cancelling technique. Although the 
mixer is seeing a fairly high absolute power level for the 
upper tone, -21 dBm, since the lower tone is significantly 
lower, no analyzer generated intermodulation terms should 
interfere with this measurement. 

MKR 9 90MHz 



CENTER 10 OMHz VBW 10Hz SPAN 1 OMHz 

RES BW 10MHz SWP200sec 
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FIGURE 17. Test Power Levels at the Analyzer with 
Single-Tone Cancellation 

Figure 18 shows the measured lower spurious at 9.7MHz 
using the test setup of Figure 14. This measured spurious 
level is about 8dB more out of the noise than the earlier 
measurement. However, the noise floor has clearly come up 
along with this reduced attenuation from the OUT output to 
the analyzer input. This indicates that the DUT output noise 
is a significant part of the total noise at the analyzer. Taking 
the measured test tone power to be at -11 dBm, while the 
DUT output power at the load was 8dBm, this yields a 
(-11-(-98.5)) / 2 +8 = 51.75dBm intercept. 


current feedback amplifier. With this impedance >0, some of 
the feedback error signal splits off and is wasted through the 
gam setting resistors. This reduces the loop gain. Simula¬ 
tions including this effect revealed only a 6dB improvement 
in loop gam at 10MHz which is consistent with the 3dBm 
increase in intermodulation intercept. 

However, the intercept does continue to improve as the test 
frequency is decreased. The following tables shows the 
measured intercepts from 5MHz to 10MHz for the circuit of 
Figure 11 using the test setup of Figure 14. 


Frequency 

Intercept 

5MHz 

55.8dBm 

6 MHz 

54.9dBm 

7MHz 

54.0dBm 

8 MHz 

52 8dBm 

9MHz 

52.4dBm 

10MHz 

51.5dBm 


Below 5MHz a 56dBm intercept is achieved. 

Conclusions: 

High speed current feedback amplifiers can offer exceptional 
2-tone 3rd order intercept performance at relatively low qui¬ 
escent powers. This intercept performance does decrease 
with frequency due to the decreasing loop gam as frequency 
is increased. Although the example device used here, the 
CLC221, IS a high performance hybrid amplifier, similar re¬ 
sults at lower maximum output power levels can be achieved 
with monolithic current feedback amplifiers (such as the 
CLC409, CLC401 and CLC404 particularly). A simple loop 
gain shaping network can be used to further increase the 
intercept at low frequencies. And finally, a simple means to 
extend the measurement dynamic range through output test 
signal cancellation has been described and demonstrated. 
This approach offers the principle advantage of being easily 
programmable over a wide range of frequencies. 
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FIGURE 18. Spurious Measurement with Single Test 
Tone Cancellation 

The loop gain shaping network of Figure 11 appears to have 
improved the intercept by only 3dBm instead of the 6dBm 
expected. Further investigation revealed that this can be 
attributed to the non-zero inverting input impedance of the 


1. “Current Feedback Amplifiers”, Sergio Franco, 
reprinted in National 1993 Databook as Application 
Note AN 2. 

2. Integrated Electronics- Analog and Digital Circuits and 
Systems, Millman & Halkias; McGraw/Hill 1972 

3. “T Network Quiets Current-Feedback Op Amps”, 
Howard Bandell; EDN, Aug. 20, 1990 page 152 

4. “Improving Amplifier Noise Figure for High 3rd Order 
Intercept Amplifiers”, National Semiconductor 
Application Note OA-14 

Notes: 

1. The 49dBm intercept shown for the CLC221 does not 
agree with the data sheet plot showing 55dBm at 
10MHz. The data in Figure 6 was taking the signal 
power at a 50Q load through a series 500. output match¬ 
ing resistor. The CLC221 data sheet plot was taking the 
test power at the output pin which yields a 6dBm higher 
intercept. More recent data sheets, and all of this dis¬ 
cussion, are taking the signal power to be at the 
matched load. 
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2. See National Semiconductor Application note OA-13 for 
a discussion of setting Rf for various signal gains. 

3. Equal test powers Pspunous = 2 [1.5Ptest -Intercept] in 
dBm. At 8dBm test and 49dBm intercept, Pspunous = 2 
[1.5(8) -Ptest-49] = -74dBm 


Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoleted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 
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Measuring and Improving “ semconducor 

Differential Gain and 
Differential Phase for Video 



Differential gain (DG) and differential phase (DP) are two 
specifications that designers of composite video systems 
use everyday. We will define them here just to be sure we 
are all speaking the same language, and to ensure under¬ 
standing of the rationale of the test technique used by Na¬ 
tional. 

Composite video encodes brightness (luminance), timing 
(sync), and color (chrominance) into one channel. Lumi¬ 
nance is the voltage offset from a reference, or “black”, level. 
Sync appears at a level defined as “blacker than black.” 
Chrominance is encoded as a high-frequency (with respect 
to the luminance signal) subcarrier. The average value (mid¬ 
point) of the chrominance is the luminance. The color has 
two “dimensions”: amplitude which determines the satura¬ 
tion, and phase relative to a reference chrominance burst 
which encodes the hue. For example, pink has the same 
relative phase as red, but of a lower amplitude, hence a less 
saturated red. Red in NTSC is shifted 103.7° from the refer¬ 
ence, green 241.3°. 

DG and DP are measured at one of two chrominance sub¬ 
carrier frequencies. NTSC (National Television Systems 
Committee, 1953) uses a 3.579545MHz color subcarrier. 
Phase Alternation Line (PAL) alternates the phase of the 
reference burst with every scan line. The PAL subcarrier 
frequency is 4.433619MHz. 

Differential phase is a change in chrominance 
(high-frequency) phase with luminance level. This manifests 
itself in the picture as a color hue shift as the illumination 
changes. A blue parrot indoors does not become a purple 
parrot in the sun. Differential gain is a change in chromi¬ 
nance gam with luminance level. The saturation changes in 
the viewed scene as the brightness varies. A red shirt at 
noon must not turn pink at night. Both are distortions which, 
if sufficiently large, can be perceived by the eye. 

Another way to think of DG error in a signal channel or 
amplifier is a magnitude variation of a high-frequency sinu¬ 
soid (the subcarrier) as its offset changes. This offset can be, 
at its simplest and crudest, a DC offset. It can also take the 
form of a low-frequency sinusoid or ramp. Similarly, an alter¬ 
native way to view DP is as a change in the carrier phase 
shift of the channel over the range of offset simulating the 
luminance (see Figure 1). 


0.7V- 


-white— 


colo r (or chrominance) 
n[o. 28 V 



brightness 
(or luminance) 

* - - black 
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FIGURE 1. 


The traditional way of measuring the DG and DP of broad¬ 
cast video equipment such as a switcher or a distribution 
amplifier, DA, is with a vectorscope. A distribution amp can 
have several integrated or discrete amplifiers between the 
input and output. Vectorscopes can measure such high-level 
systems to <1% DG and <1°DP. Newer video test equip¬ 
ment based on digital technology, such as the Tektronix 
®VM700, can make measurements to <0 03% and <0.03°. 
This resolution results after the DG and DP errors of the 
video test signal generator have been calibrated out. This 
equipment is adequate to measure a complete video sys¬ 
tem, but cannot measure an individual operational amplifier 
to the required resolution. 

Video designers usually take a worst-case approach when 
selecting a video op-amp. Consider, for example, the design 
of a DA with five amplifiers between the input and output. 
The desired overall system specification for this DA board is 
to be 0.05% DG and 0.05° DP. One then assumes each of 
the five op-amps will contribute “+0.01%” and “+0.01 °” of DG 
and DP, respectively. These errors will then add “in phase” 
for the total of “+0.05.” There is not usually a sign associated 
with DG and DP, rather, the absolute value is used The 
VM700 measures signed DG and DP for each step in a 
modulated staircase. The overall DG and DP, however, are 
displayed as an unsigned peak-to-peak magnitude. Modern 
video test equipment can measure the final DA but cannot 
measure the individual op-amps with the required resolution. 
Imagine, as well, the design of a system with better than 0.05 
numbers. If it were possible to select one op-amp with 
+0.01% DG and another with -0.01%, the two would cancel 
to zero. Some state-of-the-art video test equipment is built 
this way. 

Another concern, especially with advanced video test equip¬ 
ment, is squeezing the most out of an op-amp 
Refer to Figure 1, a positive video waveform. The video 
information is at voltages above OV (positive video); the sync 
information is below OV (negative sync). Video equipment 
must conform to a standard such as this at the input and 
output. What happens to the signal in between these exter¬ 
nal ports is only the designer’s business. She may choose to 
invert the video (negative video, or positive sync) for gamma 
correction with an inverting summing circuit. Another com¬ 
pelling reason to work with inverted video is that a particular 
amplifier may have better DG, DP or both, with negative 
video. The “polarity” of DG and DP may change in a predict¬ 
able way between negative and positive video. This feature 
(not a bug) may then be exploited to improve the system DG 
and DP specifications. It is not easy, using current industry- 
standard test equipment, to measure negative video DG and 
DP. 

How We Do it 

Comlinear uses an HP4195 network analyzer to make DG, 
DP measurements of its devices and customer circuits 
There are many good reasons to choose this particular 
machine. The network analyzer has the gain and phase 
measuring capability to resolve significantly less than the 
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How We Do It (Continued) 

0 .01% and 0.01° target specifications in the device under 
test, OUT. This particular analyzer has a built-in DC source 
which can be used as an independent sweep variable; 
single-frequency, CW, gain and phase can be measured and 
displayed parametrically on the DC source voltage. This 
allows the behavior of the amplifier over the entire luminance 
range, both positive and negative video, to be observed and 
characterized in detail. A qualitative, as well as quantitative, 
measurement of DG and DP can be made. 

Trends in amplifiers can easily be seen. This is not possible 
with a box which only delivers numbers. Since network 
analyzers measure gam in VA/ or dB, the trace mathematics 
of the HP4195 enable conversion to percentages. Finally the 
internal programming capability of this analyzer yields a 
self-contained DG and DP measurement system, which 
does not require an external computer and interface 
hardware/software yet still can be used for other purposes. 
The machine needs a few ancillary items to make this spe¬ 
cialized measurement. The CLC400 with ±6V supplies 
boosts the HP4195’s DC sourcing ability. The DC source has 
limited drive current. The measurement of a unity gain buffer 
requires twice the input signal level, relative to a DUT with a 
gain of two, in order to maintain the correct output ampli¬ 
tudes. Operating the CLC400 with ±6V supplies increases 
the maximum output voltage of the device ±3.5V. The low- 
pass filter, with the CLC400, guarantees a SOW output im¬ 
pedance over frequency and DC level from the DC source 
into the power combiner. The power splitter sums the DC 
swept source (luminance) and AC oscillator (chrominance) 
passively, so no DG or DP is introduced into the input test 
signal. The R/T test set is needed for a controlled impedance 
throughout the test system. Comlinear uses a SOU test set 
for a 50Q environment. A video designer would most likely 
have a 75Q. R/T test set at his disposal. In this case the 500. 
resistor on the output of the CLC400 would be 750, the 
power combiner and filter would be 750, etc. 

The DUT, in a 50Q system, would have a series 100^2 
resistor between the DUT output and the 5012, 14dB attenu¬ 
ator. Thus the total driven load is the proper 150Q for a 750 
environment. With a 750 test set, a series resistor of 750 
and a 14dB 7512 pad would be used instead. Multiple video 
loads can be simulated by adding additional 15012 resistors 
between the DUT output pin and earth. The AC test signal 
and the T2 analyzer input are capacitively coupled to isolate 
the DC from the source oscillator and from the analyzer 
receiver. The 14dB attenuator ensures that the test signal to 
be measured is of sufficiently low amplitude so as not to 
cause overload and distortions in the analyzer front end. 
The software is straightforward. Previously, in Application 
Note OA-08 [Comlinear 1993-1994 data book, pages 11-27], 
we did a through calibration and subtracted this from the 
subsequent DUT measurement. This proved unnecessary 
once the lowpass filter, described above, was added. It is the 
change in gain and phase being measured here. The abso¬ 
lute gain or phase at any point on the DC sweep is irrelevant. 
The measurement to be made is S21. The straight 
amplitude-ratio measurement format is required here, not 
decibels. Averaging dB and converting to percent is prob¬ 
lematic. The mathematics is easy to understand and pro¬ 


gram if non-dB measurements are made. The AC source is 
set to CW mode, the frequency to that of the desired color 
subcarrier for the system requirements. The amplitudes of 
the DC and AC sources are set. 

Once the instrument has been set up, the measurement can 
begin. A sweep is triggered over the DC source sweep 
range. It is not necessary to have a large number of mea¬ 
surement points over the sweep. We measure a total of 
twenty-one points for clarity in the plotted data— 10 nega¬ 
tive video, 10 positive video, and one reference black level. 
For the required resolution a number of measurements are 
averaged. We have found an average of 30 sweeps to be a 
good compromise between measurement time and resolu¬ 
tion for most op-amps. Some, like the CLC400 and CLC410 
with DG, DP <0.01, require an average of 50 measurements. 
There comes a point where further averaging does not en¬ 
hance resolution. 

After the raw data are collected, they are scaled and dis¬ 
played. The gain data are converted to percentages. The 
percent gain and the phase data are scaled to fit on the 
screen. The trace mathematics built into the programming 
language find the maximum deviation, or peak-to-peak 
change in gain and phase, over the luminance sweep. Mini¬ 
mum and maximum DG and DP are found along the trace, 
and can be displayed as does the VM700. The final DG and 
DP numbers are displayed In addition to the sweep graph. A 
vectorscope also gives DG and DP as peak-to-peak magni¬ 
tude. This is in accordance with NTSC standards. 

There is one small problem with the programming language 
in this machine. Oscillator and DC source levels must be 
hard-coded and cannot be stored as variables for easy 
experimentation with different circuit gains and attenuations. 
This isn’t too inconvenient, as most op-amps will be tested at 
a gain of two. The exact hardware chosen will have differing 
insertion losses which must be taken into account. The AC 
coupling may necessitate changing the oscillator level 
slightly between NTSC and PAL subcarrier frequencies. In 
current practice, engineers use the PAL 4.43MHz frequency, 
as it is considered to be the more demanding test condition. 
Also, a piece of equipment is often sold to cbuntries with 
different broadcast standards. If a product meets the more 
stringent specification, one size fits all. Often a current feed¬ 
back amplifier with 200MHz bandwidth at a gain of two 
displays little difference in DG and DP between the NTSC 
and PAL frequencies. 

The practical upshot of this is that one must determine the 
appropriate oscillator amplitude and DC sweep range of 
each individual hardware assemblage empirically, with an 
oscilloscope. NTSC levels can be found as follows: 

• Set the oscillator frequency to 3.58MHz 

• To find the necessary DC sweep range, the AC source 
oscillator amplitude is first manually set to 1 mV, as zero is 
not allowed by the HP4195 software 

• Adjust the DC level from the front panel to yield 0.714V at 
the equivalent 7512 load, or 1.424V the DUT output 

• When the DC sweep range numbers have been found, 
these are then entered into the program. It is the pro¬ 
grammed start- and stop-sweep voltages which are dis¬ 
played on the HP4195 screen. 
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How We Do It (Continued) 
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FIGURE 2. R/T Test Set 


For example, one of our test setups results in 0.95V at the 
maximum luminance level. When the HP4195 DC source is 
set to 0.95V, a DUT at a gain of two has an output of 1.424V. 
To set the AC oscillator, begin by manually resetting the DC 
source to OV. From the front panel, adjust the oscillator 
amplitude to yield 286mVpp at the equivalent 75Q. load, or 
572mVpp at the DUT output. Note the oscillator setting and 
edit this into the test program (see Figure 2). 

Look Carefully at How DG, DP are 
Specified in Datasheets 

It is much easier to make measurements than it is to know 
exactly what you are measuring. — J.W.N. Sullivan, physi¬ 
cist, 1928 

Figure 3 shows the measurement results of this test system. 
A CLC406 is shown. DG and DP are measured for both 
positive and negative sync (negative and positive video, 
respectively). The marked points show the specified DG and 
DP, (peak-to-peak) that Is quoted in Comlinear’s data sheet. 
Notice that we would get better numbers if we just took the 
delta between the endpoints of the sweep range, essentially 
a DC test at only two luminance levels. This is neither what 
the video standards delineate, or what vectorscopes or the 
VM700 report. Another Interpretation of these standards im¬ 
plies an RMS value of the error. Neither Comlinear or Tek¬ 
tronix do this. 

The VM700 display shows the DP/DG as the largest peak- 
to-peak delta over the luminance range. Simply giving the 
endpoint delta between black level and the white level can 
be misleading. DG and DP do not behave linearly with 
luminance. The VM700 gives signed DG, DP numbers to 
each step of the modulated staircase, similar to the HP4195 
program. Both pieces of equipment can be used for device 


characterization and screening for best system performance. 
The final DG, DP number is the worst-case, peak-to-peak 
magnitude measured over the entire, continuous, luminance 
range. 

Some manufacturers measure gain and phase at OV and 
0.714V and then tell you the difference. With elan, they call 
this DG and DP in the data sheet discussion. This would only 
make sense if the amplifier’s DG and DP errors were per¬ 
fectly linear with respect to luminance. Comlinear has never 
measured such a device from any manufacturer. When rep¬ 
resented graphically, as in Figure 3, DG and DP are not 
represented by a straight line, but appear more like a qua¬ 
dratic or even cubic function. 


CLC406 



FIGURE 3. 
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Look Carefully at How DG, DP are 
Specified in Datasheets (Continued) 

Let’s take a closer look at the endpoint measurement. If we 
could change the intercepts or the shape of this “parabola,” 
we could come up with just about any number for DG and DP 
we wished (see Figure 3). If one could change the bias 
current in a typical complementary emitter follower output 
stage {Figure 4), this can be accomplished. 

Even complementary bipolar processes leave something to 
be desired in PNP and NPN matching. The PNP is better 
than a lateral PNP, but still worse than the NPN. Beta, for 
one thing, and Early voltage, for another, are not as good as 
in the NPN. The PNP is the limitation in the output stage. 
Many Comlinear amplifiers specify the maximum output volt¬ 
age and current capabilities based on PNP. Often the device 
is significantly better than this especially when the output is 
sourcing current from the NPN. The PNP simply cannot sink 
an equal magnitude of current without compromising other 
device performance specifications. Some devices, like the 
CLC406, specify two output voltage ranges, e.g. +3.1, -2.7 
{see Figure 4). 


Vcc 



An old trick which can improve the situation (at the expense 
of burning more circuit power) is to place a “pull-down” 
resistor on the output. This increases the collector current in 
the NPN and relieves the burden on the feeble PNP. Notice 
the effect of this pulldown resistor on DG and DP. Increasing 
the output stage NPN collector current flattens the DG, DP 
curves. It is possible to reduce the peak-to-peak DG, DP and 
force it to zero at the end-points. Figure 5 shows the CLC430 
driving two video loads (total Rl = 7512). After adding a 
pulldown resistor, the DG, DP went from 0.04%, 0.1“ to 
0 . 01 %, 0 . 02 -. 
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FIGURE 5. 
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Another test method used in an attempt to measure DG and 
DP of individual op-amps employs a vectorscope, in spite of 
its limited resolution. If you assume that five amplifiers in a 
row each have +0.2 DG and DP, you could theoretically 
estimate the accumulated error of this chain. We have al¬ 
ready seen that amps can be selected to cancel DG, DP 
errors, so this method is highly suspect (see Figure 6). 
Careful reading of the data sheets from other manufacturers 
will reveal anomalous devices’ test conditions for DG and 
DR A frequent dodge is to specify a 500^2 or even a 1000^1 
load. Most video designers need to know DG and DP into a 
150Q load. DG and DP frequently are not the best at a gam 
of two. The DUT may be “measured” in a gam of three, or 
another gam where DG/DP are best. Always look for the 
amplitude of the test signal. It is rarely specified. The proper 
luminance may be stated in the test conditions, but the 
chrominance will not (or vice versa). It should come as no 
surprise that an amplifier will have better DG and DP when 
delivering 100mV at 3.58MHz into 1kQ. 

If a manufacturer’s DG, DP specifications appear to meet the 
required test conditions for carrier frequency, luminance lev¬ 
els, load and gam, there is still the question of whether the 
RMS, peak-to-peak or endpoint delta error is measured. This 
IS rarely, if ever, stated. Finally, you may wish to ask for 
maximum guarantees on DG and DP. 

National guarantees DG and DP, others offer only typical 
(see Figure 7). 
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FIGURE 6. 


Summary 

Please read all data sheets carefully. DG and DP may not be 
“measured” as you expect. Consider the measurement tech¬ 
nique, the test conditions and the guaranteed specifications. 
Does the data sheet really specify what you need to know? 
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Video - Differential Gain/Phase Comparison | 


1 Load 

2 Load 

3 Load 

4 Load 

Part# 

DG 

Df 

DG 

Df 

DG 

Df 

DG 

Df 

CLC231 

.005 

.09 

.006 

.10 

.007 

.11 

.008 

.14 

CLC400 

.025 

.01 

.025 

.015 

.025 

.015 

.025 

.015 

CLC404 

.05 

.03 

.05 

.06 

05 

.10 

.06 

.13 

CLC406 

.03 

.02 

.03 

.025 

.04 

.03 

.04 

.03 

CLC409 

.02 

.02 

.015 

.025 

.02 

.025 

.015 

.03 


CLC410 

.02 

.015 

.02 

.02 

.03 

.03 

.02 

.03 

CLC411 

.02 

.05 

.05 

.10 

.06 

.19 

.08 

.26 

CLC412 

.02 

.02 

.02 

.02 

.025 

.05 

.03 

.075 

CLC414 

.02 

.16 

.02 

.18 

.03 

.20 

.04 

.20 

CLC415 

.02 

.07 

.02 

.08 

.02 

.09 

.02 

.10 


CLC420 

.02 

.14 

.02 

.15 

.025 

.15 

.025 

.17 

CLC430 

.02 

.02 

.02 

.09 

.015 

.18 

.02 

.30 

CLC431 

.1 

.1 

.2 

.2 

.35 

.35 

.45 

.45 

CLC432 

.1 

.1 

.2 

.2 

.35 

.35 

.45 

.45 

CLC522 

.03 

.07 

.04 

.08 

.045 

.09 

.05 

.10 

CLC532 

.05 

.01 

.11 

.08 

.19 

.15 

.34 

.24 

CLC533 

.03 

.01 

.11 

.09 

.19 

.15 

.34 

.24 


FIGURE 7. 


Note: The circuits inciuded in this application note have 
been tested with National Semiconductor parts that may 
have been obsoieted and/or replaced with newer prod¬ 
ucts. Please refer to the CLC to LMH conversion table to 
find the appropriate replacement part for the obsolete 
device. 


4-111 


WWW national.com 


OA-24 




OA-25 


Stability Analysis of 
Current Feedback 
Amplifiers 

Introduction 

High frequency current-feedback amplifiers (CFA) are find¬ 
ing a wide acceptance in more complicated applications 
from dc to high bandwidths. Often the applications involve 
amplifying signals in simple resistive networks for which the 
data sheets provide adequate information to complete the 
task. Too often the CFA application involves amplifying sig¬ 
nals that have a complex load or parasitic components at the 
external nodes that creates stability problems. 

This application note covers the discussion of using Bode 
analysis to determine the gain and phase margin while in¬ 
cluding external parameters. It discusses how to determine 
the input buffer gain and its effect on the closed-loop gain. A 
more appropriate mathematical model is developed for a 
clearer understanding of the poles and zeros of the CFA 
amplifier. Finally a summary of how parasitic components 
influence the frequency and time domain response. 

Stability Review 

Bode analysis is one of the more useful methods for deter¬ 
mining stability for an amplifier. When an engineer selects a 
unity gain stable voltage-feedback amplifier, the internal 
compensation of the amplifier is transparent to the end user 
of the amplifier. If the VFA is connected to a complex load 
and it alters the phase margin then often the part will oscil¬ 
late or peak the frequency response. Adding external com¬ 
pensation networks with capacitors and resistors will gener¬ 
ally stabilize the amplifier. Of course, this is done at the 
expense of additional components and cost. With a CFA 
amplifier, stabilization is accomplished by adjusting the feed¬ 
back resistor. Thus one component, the feedback resistor, 
controls the phase and gain margin of the amplifier. The 
most practical way to determine stability of current-feedback 
amplifier is by Bode plots generated from computer simula¬ 
tions. 

Review of Bode Analysis 

Bode analysis is the easiest predictor for determining ampli¬ 
fier stability. The measurement is based upon creating an 
open-loop magnitude and phase plot to arrive at the 
closed-loop stability, indicators of gain and phase margin. 
The phase margin is derived by finding the intersection of the 
closed-loop unity gain frequency response curve to the 
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open-loop response curve as shown in Figure 1. At this 
frequency the phase is read from the phase plot. This value 
is subtracted from 180° to arrive at the desired phase mar¬ 
gin. Similarly the frequency at 180° is used to determine the 
gain margin in the magnitude plot shown in Figure 1. A 
recommended phase margin is at least 60° with gain margin 
of 12dB. 




FIGURE 1. Bode Analysis 


A Better Model 

A practical voltage follower has output resistance which 
creates a need for a more comprehensive model. That 
model is developed in Figure 2 and allows us to mathemati¬ 
cally model the effects of critical parameters. For example, if 
an application consists of amplifying continuous waveforms, 
then this model allows us to determine gain-accuracy, sta¬ 
bility, impedances, frequency response and output swing for 
a particular load requirement. 


www.national.com 


4-112 



A Better Model (Continued) 



FIGURE 2. Practical Model 


Mathematical Justification 

Our first task is to derive a transfer function by nodal analysis 
for an infinite load condition. 

*error “ *g ~ *f 

Vqut - V 

Rg Rf 

^OUT “ 'error(“2’ " 'f ' 

V = a, • V|N - • R| 

Equation 1 

After combining and eliminating the terms V“ and lerror 
Equation 1, a transfer function is derived by dividing Vqut by 
V,N as seen in Equation 2. 


''OUT 


• Ay |1 + 


Ay • 02 * Z(s) 


+ Ri • Ay + R J 1 + 


1 + 


an • z(s) 


A, - 1 + ^ 


Equation 2 


The Z(s) in Equation 2 is the open-loop transimpedance gain 
and Its value is derived by dividing the output voltage Vqut 
by the current through V,n, shown in the schematic of Figure 
3. The terms “a-, and a/ are the buffer gains while Rq is the 
open loop output resistance. 

Although this equation has many variables, most of the 
terms are reduced by the open-loop response Z(s). The gain 


bandwidth independence for CFA is still true when Z(s) 
approaches infinity and the gain A^ remains small. The de¬ 
nominator term, “R,” is multiplied by closed-loop gain A^, and 
is small with a range of 16^2 to 490^2 for current feedback 
amplifiers. For a CLC406 R, is 60Q. The series output resis¬ 
tance Rq in the denominator is scaled by the ratio of the R, 
and gain setting resistor Rg. While the Rq m the numerator is 
divided by the gain Av, 0 C 2 . and Z(s). Typically, the open-loop 
Ro will vary from 5Q to 25^^. 

The closed-loop output resistance approaches zero at dc, 
and is a function of the open-loop Z(s) frequency response. 
This is an important point when matching an output imped¬ 
ance by a back matching resistor. Typically back matching 
consists of placing a resistor that matches the characteristic 
impedance of a coaxial cable or specific devices input im¬ 
pedance, such as 50Q. 

The denominator term: 


02 • Z(s) 


R] 

Rf + R: • A + R^ 11 + 


g 


IS referred to as the loop gain, and its closed-loop bandwidth 
is determined by denominator: 


Rf + R; • Ay + R J 1 + 


As you increase gain A^, you need to decrease Rf to main¬ 
tain the largest possible -3 dB bandwidth. Manufacturers of 
CFA amplifiers specify a gain of 1 or 2 at a recommended Rf 
in the data sheet. For large gain changes the designer can 
select a value that best fits the desired new closed-loop gain 
Av This maximizes the bandwidth and maintains the same 
stability based upon maintaining the same ratio used to 
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Mathematical Justification (Continued) 

select the original Rf in the datasheet. For small changes in 
gam, using the recommended Rf while changing the gain by 
Rg is acceptable unless stability becomes an issue. 

As Rf decreases, a fundamental limit is reached by the 
approximate parallel combination of R|oad and Rf. At this new 
load, the output voltage limit is set by the output current 
capability or the maximum output voltage swing into a no 
load condition. An alternative is to increase Rioad or increase 
Rf. A bandwidth reduction in the ratio of the open-loop to 
closed-loop will result. This ratio decrease results in second¬ 
ary effects such as a decrease in distortion, noise, gain 
accuracy, etc. Therefore, small changes are acceptable and 
large ratio changes are not recommended. 



FIGURE 3. Simulation Method 

Open Loop Transimpedance Plot 

At first it may seem strange to determine Z(s) by placing the 
voltage source in the inverting node of Figure 3. But this 
simplifies the simulation steps and has advantages for de¬ 
riving the stability plot for investigating loads at the output 
pin. 

The circuit in Figure 3 simulates the open-loop transimped- 
ance response Plot 1, while looking at 2 conditions: 

1. Infinite load. 

2. tOOQload. 

This plot helps explain the accuracy of our spice model and 
Its effects for a practical application. Later this transimped¬ 
ance gain Z(s) is normalized to an open-loop magnitude 
function. 



0.01M 0.1M 1M 10M 100M 1G 


FREQUENCY (Hz) 

01278708 

Plot 1: Open Loop Transimpedance 

The open loop transimpedance gain Plot 1 has axis in dB 
ohms versus frequency, and shows an approximate first 
order roll off function 


Z(s) 


R 


c 


sR.C^ 


+ 1 


that includes secondary poles at the higher frequencies. To 
derive the value of Rc you take the inverse log of the axis: 

1 0Z(s)/20 

at low frequencies while the 3 dB bandwidth gives Cc by the 
following: 


1 


Equation 3: 


T(s) 


7(s) • \ 

Rf + Ri • Ay 


where Z(s) is: 


V 


OUT 


i(v,h) 


and I is the current in V,n. 
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Open Loop Transimpedance Plot 

(Continued) 

If we plot this transfer function for a CLC406 at an Av = 1 
with an Rf = 7681^ and Rg = the magnitude and phase 
information is shown in Plot 2 and 3. The output Rq term is 
ignored since R, is low. The gam and phase margin is now 
available for determining the stability of our CLC406 Current 
Feedback Amplifier 

With Plot 2, you find the unity gam crossover frequency 
point. This frequency point determines the phase of the 
amplifier on Plot 3 and it is subtracted from a 180° to derive 
the Phase Margin The value at 0 dB is at a frequency of 
108 MHz and infers a phase margin of 62° The gam margin 
IS measured from the -180° phase point and is the difference 
between the open-loop gam intersection and the 0 dB gam 
line m Plot 2, which is approximately 12 dB From control 
theory, these values are the indicators for optimum amplifier 
performance, although many designers will set the phase 
margin to 45° and 9 dB of gam margin. This results m 3 dB of 
frequency peaking or m the time domain signal preshoot and 
undershoot. Yet, we will still have a difference m the unity 
gam -3 dB frequency response of 220 MHz m simulation 
versus 200 MHz m an actual part The explanation for the 
difference will be explained later 



FREQUENCY (Hz) 

01278713 

Plot 2; Open and Closed Loop Magnitude 



0.01M 0 1M 1M 10M 100M 1G 

FREQUENCY (Hz) 

01278714 

Plot 3: Open Loop Phase 


Including Z(s) 

The transfer function derived m Equation 2 has little meaning 
when looking at the poles and zeros for the amplifier without 
including transimpedance gam Z(s) At first let’s substitute 
the first order pole of Z(s) into Equation 2. After some math¬ 
ematical manipulation we discover a pole plus a zero as 
shown m. This is not intuitively obvious until you think about 
the amplifier’s independent and dependent source and the 
inclusion of Rq to produce this zero. 



Yn Rt 1+s(R(R^-C^) 

1 +- 
Rc 

Equation 3 


Where the term. 


Ri ^ + A. • R; + 1 + 


s = jco, and co = 2jif. 


■Ro> 


At s = 0 the open-loop Rc reduces the terms m Equation 3 to 
the gam A^ times oc-, The zero m the numerator is an order of 
magnitude higher than the pole m denominator, while the 
pole has a new value of R^ times Cc where Rc >> Rt Yet, we 
have not considered the effects of “Parasites” and their 
influences upon the stability of the amplifier. 

External Parasites and Complex 
Loads 

Connecting multiple circuits that have complex values (ca¬ 
pacitance or inductance) at the nodes often results in stabil¬ 
ity issues for all types of amplifiers Recall the bandwidth of 
the CLC406 model indicated its -3 dB bandwidth to be 
higher than the measured unity-gam frequency This in¬ 
crease bandwidth is largely the result of parasitic compo¬ 
nents of the package and evaluation board layout'' This 
adds additional zeros and poles to the equation that peaks 
the frequency response. Adding complex loads to various 
pins of our model causes stability questions that are prob¬ 
ably more easily answered through simulation analysis 
rather than mathematical analysis 

If a capacitance is m parallel with the load resistance, a 
decrease in phase margin will result. Capacitance m parallel 
with Rg decreases the loop gam, while capacitance m paral¬ 
lel with Rf increases the loop gain. All of these effects are 
seen m simulations for an amplifier 
A common designed circuit is a transimpedance amplifier. 
The circuit m Figure 4 shows replacing the Rg resistor with 
the equivalent photo-diode capacitance to simulate 
closed-loop stability for the CFA. Using the earlier spice 
simulation method to generate a Bode plot that determines 
the stability of the design. Adding an independent current 
source m parallel with the diode capacitance provides a 
method to simulate the transimpedance gam versus 
frequency. 
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External Parasites and Complex Loads (Continued) 



FIGURE 4. Photo Diode Analysis 


Summary 

Models are available from Comlinear Corporation for model¬ 
ing many of the important parameters for high speed op 
amps. Application Note OA-18 “Simulation SPICE Models 
For Comlinear’s Op Amps”, details the schematics and pa¬ 
rameters that are modeled. Ask for Comlinear’s latest spice 
model diskette. 


^R. Schmid, “Technique targets board parasites”, EDN April 
14, 1994 page 147. 
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Designing Active High 
Speed Filters 
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Filters built from resistors (R), inductors (L) and capacitors 
(C) are known as RLC or passive filters and are the domi¬ 
nant type of filter for high frequency applications. The per¬ 
formance of these filters Is typically limited by the inductors 
which are large, expensive and far from ideal in an electrical 
sense. By using amplifiers and feedback, the same filter 
characteristics can be achieved without the use of inductors, 
these filters are known as “active filters”. An active filter will 
perform well only to the extent that the amplifiers in it behave 
in an ideal sense, so traditionally active filters have been 
limited to applications at frequencies below 1MHz. With the 
advent of low cost, very high speed operational amplifiers, it 
is now feasible to realize active filters with frequency ranges 
in the tens of MHz. With some of the newer high speed 
amplifiers such as the CLC449 - a 1.2GHz bandwidth am¬ 
plifier, filters with corner frequencies above 100MHz have 
been built. 

This application note will provide a recipe to realize active 
filters using low cost, high speed operational amplifiers. The 
filter topology that is used is the Sallen-Key Filter which uses 
the operational amplifier as a fixed gam block. This filter 
topology can be used with current feed-back or voltage 
feedback amplifiers, and you will be shown how to design 
low pass, high pass and band pass filters using this filter 
topology. This application note discusses a printed circuit 
board which will allow you to prototype active filters of up to 
8 pole complexity. This is not a complete treatment of the 
subject of active filters, there are several good books pub¬ 
lished on that topic, some of which are listed in the bibliog¬ 
raphy. This is a simple method of getting a circuit that will 
work for most applications. The topics covered are: 

1) Filter Types 

2) Introduction to the second order, low pass Sallen-Key 
Filter 

3) RC:CR Transformations to realize second order, high 
pass Sallen-Key Filters. 

4) Cascading filter sections to achieve higher order 
filters and Band Pass Filters 

5) Sensitivities to component values 

6) How to select an Op-amp for use in an active filter 

7) Compensation for finite Bandwidth Amplifiers 

8) The National active filter evaluation boards 

Filter Types 

There are a large number of different types of filter re¬ 
sponses. In this application note, we will concern ourselves 
with the three which I have found to be the most useful. 

Butterworth Response 

The Butterworth response maximizes the flatness in the 
pass band of the filter. The response is very flat near DC 
then begins to slowly roll off so that it is at -3dB at the cutoff 
frequency, and approaches an ultimate rolloff rate of -20ndB/ 
decade where n is the order of the filter. Butterworth filters 
are used it is very important to maintain gam flatness, espe¬ 
cially at low frequencies. 


Bessel Response 

In addition to altering the magnitude of the input signal 
depending upon its frequency, filters introduce a delay into 
the signal which is dependent upon frequency. This intro¬ 
duces a frequency dependent phase shift which distorts 
non-sinusoidal signals. Just as the ButtenA/orth response 
maximizes the amplitude flatness through the passband, a 
Bessel Response minimizes the phase non-lmearity m the 
passband. 

Chebyshev Response 

In some applications, the most important factor is how fast 
the filter cuts off the unwanted signal. Faster rolloff than what 
is seen by the Butterworth filter can be achieved if you are 
willing to accept some ripple in the passband. 

Appendix A contains tables with the parameters required to 
design filters up to order 8 with Butterworth, Bessel, and 
Chebyshev responses. There are two tables for the Cheby¬ 
shev response: one for 0.1 dB maximum ripple in the pass- 
band, and one for IdB of ripple m the passband. 

Introduction to the Second Order, 
Low Pass Sallen-Key Filter 

The circuit shown in figure 1 is a two pole, Sallen-Key Low 
Pass Filter. This filter (and any two pole filter) can be char¬ 
acterized by three parameters: K, coq and Q. K is the DC gain 
of the filter, odq is a measure of the corner frequency of the 
filter, while Q is a measure of how closely spaced the two 
poles are in the S plane. The values of K, Q and coq are given 
by: 


K = ^ + i 


Q = - 


1 + m^ 


0)0 = 


mRC 


Q, K are unitless 

o)o is in units of radians/sec. Divide Wq by 2tz to get it in Hz. 



FIGURE 1. Sallen-Key Low Pass Filter with Equal Cg 

The methodology to design a particular filter is to select the 
desired values for K, Q and coq and then to use the above 
equations to determine the component values required. Q 
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Introduction to the Second Order, 
Low Pass Sallen-Key Filter (Continued) 

can be obtained from the filter table in appendix A. coq is your 
cutoff frequency and will be given to you from the design 
specification. In most filters, the actual value of Oq that you 
design for must be adjusted by the factor found in the filter 
table to get the proper -3dB frequency. K is another param¬ 
eter that will be provided as part of the filter specification. 
Since these three parameters are not completely indepen¬ 
dent, it may not be possible to meet all three points simulta¬ 
neously. In this case, you should select another value of K, 
and then use an amplifier before or after the filter to make the 
overall gain meet the system requirements. For example if a 
Butterworth filter is desired (Q = 0.707) with a DC gain of 4, 
then we find that there is no positive value of m which will 
provide the required filter. Since a negative value of m im¬ 
plies the use of a negative value resistor, we need to find 
another solution. If however we select K = 1.5, then by using 
an m of 0.707 we obtain the required Q, and to obtain the 
proper overall gain, we can place an amplifier with a gam of 
2.66 in front of the filter. 

Even doing these things, it is possible that there will not be a 
solution to the desired filter, especially for high Q sections. In 
this case, see the methodology for a filter with non equal Cs 
shown in appendix B. This is a much more versatile circuit, 
but somewhat more difficult to design. 


The methodology to use in selecting component values is 

outlined below: 

1) Select Rf and Rg to obtain the desired K. If the 
amplifier that you are using is a current feedback 
amplifier, follow the guidelines in the datasheet to 
select appropriate values of Rf and Rg 

2) Determine the value of m required using the 
following equation and the value of Q found in the 
design table: 

1±Ji-4Q2(2-K) 

2Q(2-K) 

3) If you cannot get a positive real solution for m, then 
select another value of K and go back to step 1. 

For Q < 1.3 select K = 1, for 1.3 < Q < 5 select K 
= 2, for Q > 5 select K « VQ. If this still does not 
work, then see appendix B. 

4) Arbitrarily select a value for C. 

5) Determine the value of coq to use by multiplying 
your desired cutoff frequency by the value of p 
found in the filter design table. If your frequency 
specification is in Hz, remember to multiply it by 2n 
to get it into radians/sec. 

6) Determine the value of R required using the 
equation below: 


coomC 

7) If R turns out to be too large or too small for 

practical purposes, select another value for C (if R 
is too big, select a larger value for C, if R is too 
small select a smaller value of C) then go back to 
step 6. 

Example: 

Design a Butterworth filter, with a cutoff frequency of 10MHz, 

and a DC gain of 1.5. The CLC430 will be used in this 
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Introduction to the Second Order, 
Low Pass Sallen-Key Filter (Continued) 

example. 

1) Select Rf = 700Q, Rg = 1.4k^^ as per the CLC430 
data sheet. 

2) Find Q from table: 0.707, use this to determine m = 
0.707 

3) Not required 

4) No Arbitrarily select C = 0 1pF 

5) cOo = 62.8E6 for a 10MHz filter 

6) Calculate R. R turns out to be 0.23^ 

7) R is too small, therefore try a smaller C, and return 
to step 6. Select C = 100pF. 

8) R = 225^^, much better. 

Figure 2 illustrates the final filter topology. 



FIGURE 2. Example of Low Pass Filter 

With slight modifications, the CLC430’s evaluation board, 
CLC730013, can be used to test this circuit. 

In some cases, it may be difficult to realize the desired filter 
with the constraint of equal valued capacitors. If this is the 
case, see appendix B to obtain expressions for Q and coq 
where the capacitors can take on different values. This is 
most often necessary when trying to realize a filter with a 
high Q. 

Transform a Low Pass Filter into a 
High Pass Fiiter 

By changing capacitors into resistors, and resistors into 
capacitors, a low pass filter can be changed into a high pass 
filter. To make a high pass filter from a lowpass filter, replace 
each capacitor of value C with a resistor of value I/coq C, and 
each resistor with a capacitor of value I/coq R. For example 
the 100pF capacitors in the example circuit from the previ¬ 
ous section should be replaced with 1591^ resistors, the 
225^^ resistor should be replaced with a 71 pF capacitor, and 
the 1^2Q. resistor should be replaced with a 142pF cap. 


Alternately you can calculate component values using a 
method similar to that shown in the previous section. Figure 
3 is a second order Sallen-Key High pass filter. Q and coO are 
given by 


Q = 


1 

2n + -(1-K) 
n 


and 0)0 


1 

nRC 


01501215 


n^R 



FIGURE 3. Sallen-Key High Pass Filter 

Cascading Filter Sections 

Higher order filters can be realized by cascading lower order 
filters. A filter of order n can be realized by cascading n/2 
second order sections. Note that to obtain a fourth order 
Butterworth filter you do not cascade two second order 
Butterworth filter sections. The pole locations for the fourth 
order filter are all different and different values of Q and coq 
will need to be used for each section. Cascading active filters 
of the Sallen-Key topology is easy. Since the output imped¬ 
ances of the filters are very small, cascading them consists 
of just connecting one section to the next (each filter section 
is designed assuming 0 source impedance.) 

If a filter of odd order is desired, the last pole can be added 
with a simple passive filter at the output of the active filter as 
shown in Figure 4. 



FIGURE 4. Order Sallen-Key Filter 
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Cascading Filter Sections (Continued) 

When cascading filters, one question that arises Is what 
order the sections should be placed. The answer to this is 
the same as the answer to all filter questions - “it depends”. 
Two factors that need to be considered when cascading filter 
sections are “Am i liable to have intermediate signals that 
might clip or distort?” and “How important is noise to me?” 
In filters with sections where there are large Qs, the maxi¬ 
mum amplitude of the signal in between stages may be 
larger than the input or the output amplitude. This can lead to 
undue distortion of the signal. This will most likely be an 
issue if there are filter sections with large Qs, and the input 
signals are large. Strategies that can be used to combat this 
effect are to put the stages with the lowest Qs and gains first, 
and cascade the higher gain sections later. Another way that 
the dynamic range could be increased would be to use an 
op-amp with larger dynamic range. The CLC432 is a dual, 
current feedback op-amp that is well suited to active filter 
applications and has an output voltage swing of 28Vpp when 
driving a light load. 

In order to minimize the broadband noise that is present in 
an active filter, stages should be cascaded with the highest 
Q, and highest gain sections first, then followed by lower 
gain sections. Other strategies that should be considered 
when trying for low noise are using the lowest possible value 
resistors to reduce thermal noise and to select low noise op 
amps such as the CLC428, dual, voltage feedback op amp. 
As you can see from the previous two paragraphs, the order 
in which to place the filter stages is dependent upon the 
requirements of your application. There is no best way to 
cascade your filter stages. 

Component Value Sensitivities 

If the component values used in realizing the filter are not 
exactly what the calculations arrive at, and they won’t be, 
then the filter characteristics will be different from what was 
desired. Even if time is spent trimming components to the 
exact desired value, variations caused by temperature shifts, 
aging and other external and internal sources will cause the 
filter characteristics to vary. A good design will result In 
minimal variation in the filter characteristics as a result of the 
component value variations that might be expected. To esti¬ 
mate the effect on the filter characteristics as component 
values vary, sensitivity figures are used. 

A sensitivity figure tells how much variation there will be in 
one characteristic when a parameter is changed. Hence gco 
refers to the incremental change in co for an Incremental 
change in R. If is 3 ® 2 then there will be a 2% variation in co 
for a 1 % variation in R. The two parameters with which we 
are most concerned in our filter designs are Q and coO, 
therefore it would be useful to look at what component 
variations have an effect on these parameters, and to deter¬ 
mine what these sensitivities are. oA is defined as: 

gA^ d(lnA) ^ X dA 
^ d(lnx) A dx 

In the lowpass filter of Figure 1, the equation that describes 
Q, has n and K as its variables, hence Q is only sensitive to 
the ratio of resistor values and to K which is determined by Rf 
and Rg . For this filter the sensitivity that we have worry the 
most about is the sensitivity to K, which is very large for high 
Q sections. 


Selecting an Op Amp for Use in an 
Active Fiiter 

Although there are many factors that go into selecting an op 
amp for use in any application, most filter applications can be 
satisfied by looking at a just four parameters: Bandwidth 
Recommended Gain range Noise Dynamic Range 

• Bandwidth 

• Recommended Gain Range 

• Noise 

• Dynamic Range 

Bandwidth 

As a general rule, when selecting an op amp for a filter, make 
certain that it has a bandwidth of at least 10 x the intended 
filter frequency, and preferably 20x. As an example to design 
a 10MHz low pass filter, use an op amp with at least 10OMHz 
of bandwidth. If designing a high pass filter, make certain 
that the bandwidth of the op amps will be sufficient to pass all 
of your signal. Another point to watch is that your op amp 
must have this band-width under the conditions that you 
intend to use it, for example, the same gain, signal level and 
power supply voltage. An op amp that is specified as a 
100MHz op amp because it has 100MHz bandwidth with 
±15V supplies, 50mV output level and a gam of 1 is not likely 
to be useful in a 10MHz filter application. If in doubt, config¬ 
ure the amplifier that you are considering at the gain that you 
are intending to use (K) and measure its bandwidth. 

Recommended Gain Range 

Your filter design will be dictating to you the gains at which 
you will be setting your op amps. If the chosen op amp is a 
voltage feedback op amp, use at gains outside the recom¬ 
mended gain range is liable to lead to lower than expected 
bandwidth at best and oscillation at worst. For a current 
feedback op amp, operation at gains outside of the recom¬ 
mended range is liable to force you to use resistor values for 
Rf and Rg which are way too small or large for practical 
realization. 

Noise 

The input voltage and current noises of the op amp will 
contribute to the noise at the output of the filter. In applica¬ 
tions where noise is a major concern, you will need to 
calculate these contributions (as well as the contributions of 
the thermal noise of the resistors in the circuit) to determine 
if the added noise encountered with an active filter is accept¬ 
able. Noise can be reduced by selecting low noise, high 
speed op amps such as the CLC425 or CLC428. 

Dynamic Range 

In filters which have high Q sections, it is possible that there 
will be intermediate signals that are larger than either the 
input signal or the output signal. For the filter to operate 
properly, all of these signals must be passed without clipping 
or excessive distortion. 

Secondary Specifications 

In addition to the four primary specifications above, there are 
several secondary parameters that you may want to take 
into consideration. These would include phase linearity (this 
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Secondary Specifications (Continued) 

IS generally better in current feedback op amps), packaging 
(duals, quads available?), power dissipation, price and avail¬ 
ability of technical support. 


Summary of High Speed Dual Op Amps 



Bandwidth (with 
500mV output, 

Av = 2) (MHz) 

Recommended 
Gam Range in 
Filter 

Applications 

Noise Voltage 
(nVVHz) 

Noise Current 
(pAVHz) 

Output Dynamic 
Range (100Q 

Load (V) 

CLC412 

250 

1-8 

3 

12/2 

+3.1/-2.9 

CLC416 

80 

1-5 

2 

2 

+3.5/-3.5 

CLC428 

80 

1-5 

2 

2 

-H3.5/-3.5 

LM6172 

50 

1-5 

12 

1 

+9/-8.5 

LM6182 

100 

1-5 

4 

16/3 

±11 

CLC5602 

120 

1-5 

3 

8.5/6.9 

±3.8 

CLC5622 

150 

1-5 

2.8 

10/7.5 

±3.8 

CLC432 

62 

(Vo = 4V) 

1-20 

3.3 

13/2 

+6/-6 


Compensation for Finite 
Bandwidth Amplifiers 

In all of the analysis that we have done, we have assumed 
that the op amps are ideal op amps with infinite bandwidth. 
Unfortunately, price and delivery of these op amps makes 
them a poor choice for actual realizable filters. The effect of 
using a real op amp in place of an ideal one is to slightly 
lower the corner frequency of the filter, and if we are some¬ 
what clever, we can compensate for this by pre-distorting the 
component values of the components so that the final filter Is 
much closer to what we wanted. The mathematical back¬ 
ground for this IS explained in application note OA-21. Since 
the goal of this application note is to make the design of 
active filters easy, we are going to skip all of the develop¬ 
ment work, and go directly to the final result. To make use of 
this method there is a parameter that you will need to know 
for the op amp that you intend to use, and this is the time 
delay through the amplifier, called T. The value of T can be 
obtained in a few different ways: one is to look at the fre¬ 
quency response plots for the op amp that you are consid¬ 
ering using. Find the frequency at which the phase delay is 
180°, multiply this frequency by 2 and take the reciprocal to 
obtain the time delay through the amplifier. In the case of the 
CLC412, the 180° frequency is about 300MHz, multiplying 
by two and taking the reciprocal yields a time delay, T, of 
1.7ns. Another way that you can get a value for T with a 
National op amp is to use the spice model, and provide the 
amplifier, configured as you want it, with a pulse, and mea¬ 
sure the delay between the input edge and the output edge. 



FIGURE 5. Low Pass Salien-Key Filter 

For the filter shown in Figure 5, you can calculate the values 
of Ri and Rg in the following way; Calculate R 2 by solving: 

R2^-bR2-d = 0 


where 



Once you have R 2 , you can get R-i with • 


Ri = 


^ (j0oC2Q 
a(K-1)-1 
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Compensation for Finite Bandwidth Ampiifiers (Continued) 


VCC VEE 


VEE 


VCC 


VCC VEE 



P7 

TSO 


Pll 

TBO 



The Active Fiiter Boards 

To make prototyping active filters easier, Comlinear has 
designed two different active filter evaluation boards. A sche¬ 
matic of the first board is shown in Figure 6. It consists of a 
CLC109 (or CLC111) input buffer, followed by four cascaded 
Sallen Key filter sections, realized with two dual op amps. 
The board was designed using surface mount components, 
so the resistors and capacitors are interchangeable. This 
board is available from National Semiconductor as the 
CLC730061 board and is shipped as a bare PCB. The top 
and bottom views of the evaluation board are shown in 
Figure 7. The other board also allows for up to four cascaded 
biquad sections but restricts the user to designs using K = 1 


since rather than op amps, this board uses a quad, unity gain 
buffer. The board can be ordered as part number 
CLC730023 and is fully documented in the CLC114 evalua¬ 
tion board datasheet, available as National Semiconductor 
Literature #660114-001 or in the 1997 Comlinear Databook. 

Conclusion 

Using the principles outlined in this application note, an 
active filter design need not be a daunting task. You can feel 
free to impress your friends at a cocktail party by whipping 
out pencil and paper and doing a design for a 5MHz low pass 
filter. You don’t have to tell them how easy it really is, just 
wow them and bask in their awed looks. 
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Conclusion (Continued) 


01501209 

FIGURE 7. Top & Bottom Views of Active Filter Evaluation Board 


Appendix A 
Fiiter Design Tables 

Butterworth Low Pass Filter 


n 

C0i 

Qi 

©2 

Q2 

©3 

Os 

©4 

Q4 

Attenuation 
at 2f c(dB) 

2 

1 

0.707 

1 






15 

3 

1 

1.000 

1 






21 

4 

1 

0.541 

1 

1.306 





27 

5 

1 

0.618 

1 

1.620 

1 




33 

6 

1 

0.518 

1 

0.707 

1 

1.932 



39 

7 

1 

0.555 

1 

0.802 

1 

2.247 

1 


45 

8 

1 

0.510 

1 

0.601 

1 

0.900 

1 

2.563 

51 


Bessel Low Pass Filter 


n 

©1 

Qi 

©2 

Os 

©3 

Q 3 

©4 

©4 

2 

1.274 

0.577 







3 

1.453 

0.691 

1.327 






4 

1.419 

0.522 

1.591 

0.806 





5 

1.561 

0.564 

1.760 

0.917 

1.507 




6 

1.606 

0.510 

1.691 

0.611 

1.907 

1.023 
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Appendix A 

Filter Design Tables (Continued) 
Bessel Low Pass Filter (Continued) 


7 

1.719 

0.533 

1.824 

0.661 

2.051 

1.127 

1.685 


8 

1.784 

0.506 

1.838 

0.560 

1.958 

0.711 

2.196 

1.226 


dB Ripple Chebyshev Filter 


Qi 


©2 


©3 


Attenuation 
at 2f c(dB) 


1.82 


0.767 


3.31 


1.300 


1.341 


0.969 


12.24 


1.153 


2.183 


0.789 


0.619 


23.43 


1.093 


3.282 


0.797 


0.915 


0.539 


34.85 


1.063 


4.633 


0.834 


1.332 


0.513 


0.599 


46.29 


1.045 


6.233 


0.868 


1.847 


0.575 


0.846 


0.377 


57.72 


1.034 


8.082 


0.894 


2.453 


0.645 


1.183 


0.382 


0.593 


69.16 


I.OOdB Ripple Chebyshev Filter 


©1 


Qi 


©2 


©3 


©4 


Q4 


Attenuation 
at 2f c(dB) 


0.050 


0.957 


11.36 


0.997 


2.018 


0.494 


22.46 


0.993 


3.559 


0.529 


0.785 


33.87 


0.994 


5.556 


0.655 


1.399 


0.289 


45.31 


0.995 


8.004 


0.747 


2.198 


0.353 


0.761 


56.74 


0.996 


10.899 


0.808 


3.156 


0.480 


1.297 


0.205 


68.18 


8 


0.997 


14.240 


0.851 


4.266 


0.584 


1.956 


0.265 


0.753 


79.62 


Appendix B 

Non-Equal C Sallen-Key Filter 
Methodology 

The circuit shown in Figure 8 is a two pole, Sallen-Key low 
pass filter similar to the one seen in the body of this appli¬ 
cation note. The difference is that in this figure we have 
removed the constraint that the two capacitors remain equal 
by adding the “n” as an additional degree of freedom. Like 
the filter from Figure 1, this filter can be characterized three 
parameters: K, ©q and Q. K is the DC gain of the filter, ©o is 
a measure of the corner frequency of the filter, while Q is a 
measure of how closely spaced the two poles are in the S 
plane. The values of K, Q and ©o are given by: 

K = 1+-5t 


n^C 



'l + m2+(mnf(1-K) 


0)0 = 


mnRC 


Q,K are unitless 

©0 is in units of radians/sec. Divide ©q by 27c to get it in Hz. 


FIGURE 8. Pole Sallen-Key Low Pass Filter with 
Unequal Capacitors 

The methodology to design a particular filter is to select the 
desired values for K, Q and ©oand then to use the above 
equations to determine the component values required. Q 
can be obtained from the filter table in appendix A. ©o is your 
cutoff frequency and will be given to you from the design 
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Appendix B 

Non-Equal C Sallen-Key Filter 
Methodology (Continued) 

specification. In most filters, the actual value of coothat you 
design for must be adjusted by the factor found in the filter 
table to get the proper -3dB frequency. K is another param¬ 
eter that will be provided as part of the filter specification. 
The methodology to use in selecting component values is 
outlined below: 

1) Select Rf and Rg to obtain the desired K. If the 
amplifier that you are using is a current feedback 
amplifier, follow the guidelines in the data sheet to 
select appropriate values of Rf and Rg 

2) Arbitrarily select a value for n. This value should be 
small for low Q filters and should be larger for higher 
Q filters. Remember that the standard values for 
capacitors are limited, and n should be chosen with 
this in mind. 

3) Determine the value of m required using the following 
equation and the value of Q found in the design table; 


8 ) If R turns out to be too large or too small for practical 
purposes, select another value for C (if R is too big, 
select a larger value for C, if R is too small select a 
smaller value of C) then go back to step 7. 


Appendix C 

Transfer Functions for Some of 
the Fiiters 

Transfer function for filter in Figure 5: 

K 

Vq __ R1R2C1C2 _ 

V|n " 2 r 1 K 1 ^ ] 1 

>^C2R2 C 2 R 2 ^2^1 ^1^1 J R-|R2C-|C2 


Transfer function for filter in Figure 3: 


V,n 


s^K 


s 


2 + - 




1 



4) If you cannot get a positive real solution for m, then 
select another value of K or n and go back to step 1. 

5) Arbitrarily select a value for C. 

6 ) Determine the value of ©o to use by multiplying your 
desired cutoff frequency by the value of to found in 
the filter design table. If your frequency specification 
is in Hz, remember to multiply it by 2n to get it into 
radians/sec. 

7) Determine the value of R required using the equation 
below; 


coonnnC 


Appendix D Bibiiography 

S. Franco; Design with Operational Amplifiers and Analog 
Integrated Circuits, McGraw Hill, 1988 
K. Lacanette, ed.: Switched Capacitor Filter Handbook, Na¬ 
tional Semiconductor, April 1985 

G. Temes and S. Mitra; Modern Filter Theory and Design, 
Wiley, 1973 

M. Steffes: Simplified Component Value Pre-Distortion For 
High Speed Active Filters OA-21, Comlinear, March 1993 
A.B. Williams, F.J. Taylor: Electronic Filter Design Handbook, 
McGraw Hill 1988 

Note: The circuits included in this application note have 
been tested with National Semiconductor parts that may 
have been obsoleted and/or replaced with newer prod¬ 
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Low-Sensitivity, Lowpass '^oaT 

Fiiter Design KumenBlake 



Introduction 

This Application Note covers the design of a Sallen-Key 
(also called KRC or VC VS [voltage-controlled, 
voltage-source]) lowpass biquad with low component and op 
amp sensitivities. This method is valid for either 
voltage-feedback or current-feedback op amps. Basic tech¬ 
niques for evaluating filter sensitivity performance are in¬ 
cluded. A filter design example illustrates the method. 
Changes in component values over process, environment 
and time affect the performance of a filter. To achieve a 
greater production yield, we need to make the filter insensi¬ 
tive to these changes. This Application Note presents a 
design algorithm that results in low sensitivity to component 
variation. 

Lowpass biquad filter sections have the transfer function: 

^_Ho_ 

1 + (l/(<flpQp))s +(l/o)p^)s^ 

where s=ja), Hq is the DC gain, cOp is the pole frequency, and 
Qp is the pole quality factor. Both Wp and Qp affect the filter 
phase response, cOp the filter cutoff frequency, Qp the peak¬ 
ing, and Hq the gain. For these reasons, we will minimize the 
sensitivities of Hq, cOp and Qp to all of the components (see 
Appendix A). 

To achieve the best production yield, the nominal filter de¬ 
sign must also compensate for component and board para¬ 
sitica. For information on filter component pre-distortion, see 
Reference [5]. SPICE simulations, with good component and 
board models, help adjust the nominal design point to com¬ 
pensate for parasitics. 

See Appendix A for an overview of sensitivity analysis, with 
applications to filter design. See Appendix B for useful sen¬ 
sitivity properties and formulas. See the references listed in 
Appendix C for a more complete discussion of sensitivity 
functions, their applications, and other approaches to im¬ 
proving the manufacturing yield of your filter. 

KRC Lowpass Biquad 

The biquad shown in Figure 7 is a Sallen-Key lowpass 
biquad. V|n needs to be a voltage source with low output 
impedance. R-, and R 2 attenuate V|n to keep the signal 
within the op amp’s dynamic range. The Thevenin equivalent 
of V,N, Ri and Rg is a voltage source aV|N, with an output 
impedance of R-, 2 , where: 

(X = R 2 /(Ri + R 2 ) 

Ri 2 = (Ri II R 2 ) 

The input impedance in the passband is: 


Z,N = Ri + R2, CO << (Op 

The transfer function is: 

_Ho_ 

V|N 1 + (l/(o)pQp))s+(l/wp^)s^ 

where: 

K = 1 + R,/Rg 
Hg = aK 

l/((OpQp) = R,205(1 -K) + R3C4 + R12C4 

1/cOj^ = R12H3O4O5 


% 



FIGURE 1. Lowpass Biquad 

To achieve low sensitivities, use this design algorithm: 

1. Partition the gain for good Qp sensitivity and dynamic 
range performance: 

— Use a low noise amplifier before this biquad if you 
need a large gain 

— Select K for good sensitivity with this empirical for¬ 
mula: 


K 


1 

J 2.2Qp - 0.9 

Qp + 0.2 


,0.1 < Qp < 1.1 

, 1.1 < Qp < 5 


— These values also reduce the op amp bandwidth’s 
impact on the filter response, and increase the band¬ 
width for voltage-feedback op amps. When Qp > 5, 
the sensitivities of this biquad are very high 

— Set a as close to 1 as possible while keeping the 
signal within the op amp’s dynamic range 
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KRC Lowpass Biquad (Continued) 

2. Select an op amp with adequate bandwidth (fg ^b) ^tid 
slew rate: (SR): 

^3 dB - 

SR > 5fe Vpeak 

where is the corner frequency of the filter, and Vpea^ 's 
the largest peak voltage. Make sure the op amp is stable 
at a gam of = K. 

3. Select Rf and Rg so that: 

K = 1 + Rf/Rg 

For current-feedback op amps, use the recommended 
value of Rf for a gain of Ay = K. For voltage-feedback op 
amps, select Rf for noise and distortion performance. 

4. Initialize the resistance level (r = ^ R. 2 R 3 ). This 
value IS a compromise between noise perrormance, dis¬ 
tortion performance, and adequate isolation between the 
op amp outputs and the capacitors. 

5. Initialize the capacitance level (c = , the resis¬ 

tor ratio (r 2 = R, 2 /R 3 ), the capacitor ratio (c^ = C 4 /C 5 ) 
and the capacitors: 

C = 1/(R(Dp) 
r^ = 0.10 




1 + 1) 

2-Qp- (1 +r2)/r 


, 0.10 


C 4 — cC 
C 5 = C/c 

6 . Set the capacitors C 4 and C 5 to the nearest standard 
values. 

7. Recalculate C, c^, R and 1 ^: 

C = -7^4 ^5 

c^ = C 4 /C 5 
R = 1/(C(0p) 


2 -cQ^ 


1 + 71 + 4 q 2 (K- 1 -c2) 


• Select Ri and R 2 to properly terminate the transmission 
line (R-, includes the source resistance) 

• Calculate a and R -12 

• Adjust C and R so that R -,2 = rR 

To evaluate the sensitivity performance of this design, follow 
these steps: 

1. Calculate the resulting sensitivities: 


Qj 




K 

1 

0 

(-«d) 


-d-c) 

a 

" I 

(a).(Qp.f-jj 


R 2 

(1-a) 

1 - a 




0 

_ J_ 

2 



Rf 

K - 1 

K 

0 

((K-I)-Qp-^) 



K - 1 

K 

0 

^-1 0 ^ 

Cl 

0 

1 

1 


C 4 

0 

1 

2 


i) 

*^5 

0 

_ 1 
~ 2 

((K-l)-Qp-f4 

) 


Reducing |s°p| lowers the biquad’s sensitivity to the op 
amp bandwidth. 


8 . Calculate R -,2 and the resistors: 

R -,2 = rR 
Ri = R-12 /oc 
R 2 = Ri2/(1-ot) 

R 3 = R/r 

V|N can represent a source driving a transmission line, with 
R-, and R 2 the source and terminating resistances. For this 
type of application, make these modifications to the design 
algorithm: 
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KRC Lowpass Biquad (Continued) 

2. Calculate the relative standard deviations of Hq, cOp and 

Qn: 

VXp. 



in this formula, use: 

— The nominal values of Hq, cOp and Qp for X 

— The nominal values of R^, Rg, R3, Rf, Rg, C4 and C5 
for a, {do not use K since it is not a component) 

— The capacitor and resistor standard deviations for Oa,. 
For parts with a uniform probabiiity distribution, 

max(aj) - min(aj) 


3. If temperature performance is a concern, then estimate 
the change in nominai vaiues of Hq, cOp and Qp over the 
design temperature range: 


X(T) 






In this formuia, use: 

— The nominal values, at room temperature, of Hq, cOp 
and Qp for X 

— The nominal values, at room temperature, of R-,, R 2 , 
R 3 , Rf, Rg, C 4 and C 5 for a, {do not use K since it is 
not a component) 

— The nominal resistor and capacitor vaiues at tem¬ 
perature T for a,(T) 

4. Estimate the probabie ranges of vaiues for Hq, cOp and 
Qp-- 

X > (1-3 • o^/X) • min(X(T)) 

X < 1+3 • o^/X) • max(X(T)) 
where X is Hq, cOp and Qp. 

Design Example 

The circuit shown in Figure 2 is a 3rd-order Chebyshev 
iowpass fiiter. Section A is a buffered single pole section, and 
Section B is a lowpass biquad. Use a voitage source with low 
output impedance, such as the CLC111 buffer, for 





The nominai filter specifications are: 
fc = 500 MHz (passband edge frequency) 
fg = 100 MHz (stopband edge frequency) 

Ap = 0.5 dB (maximum passband rippie) 

Ag = 19 dB (minimum stopband attenuation) 

Ho = 0 dB (DC voitage gain) 

The 3rd-order Chebyshev filter meets our specifications (see 
References [1-4]). The resulting -3 dB frequency is 58.4 
MHz. The pole frequencies and quaiity factors are: 


Section 


B 

(Op/27c [MHz] 

53:45 

31:30 

Qp [ ] 

1.706 

— 


Overall Design: 

1. Restrict the resistor and capacitor ratios to: 

0.1 <r2<10 

0.1 <c2< 10 

2. Use 1% resistors (chip metai fiim, 1206 SMD, 
25 ppm/°C) 

3. Use 1% capacitors (ceramic chip, 1206 SMD, 
100 ppmrC) 

4. Use standard resistor and capacitor vaiues 

5. The temperature range is -40°C to 85°C, and room 
temperature is 25°C 

Section A Design: 

1. Use the CLC111. This is a closed-loop buffer. 

— fg db = 800 MHz > 10 fc = 500 MHz 

— SR = 3500V/ps, while a 50 MHz, 2Vpp sinusoid re¬ 
quires more than 250V/ps 
— Qni(iii) = 1.3 pF (input capacitance) 

2. We selected R-i^ for noise, distortion and to properly 
isolate the CLCIII’s output and CgA- The capacitor CgA 
then sets the poie frequency: 

1 /cOp = R1AQ2A 

The results are in the table below: 

— The Initial Value column shows values from the cal¬ 
culations above 

— The Adjusted Value column shows the component 
values that compensate for Cr,i(iii) and for the 
CLCIITs finite bandwidth (see Comlinear’s Appiica- 
tion Note on filter component pre-distortion [5]) 

— The Standard Vaiue column shows the nearest avail¬ 
able standard 1 % resistors and capacitors 


Component 

Value 

Initial 

Adjusted 

Standard 

Ria 

108Q 

100 Q 

100 a 

Q2A 

47 pF 

47 pF 

47 pF 

Qni(111) 

— 

1.3 pF 

1.3 pF 
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Design Example (Continued) 


Section B Design: 

1. The recommended value of Kq for Qp = 1.706 is: 


2.2(1.706)-Q.9 
(1.706) + 0.2 


1.50 


Set ttB = Ho/Kb = 0.667. 

2. Use the CLC446. This is a current-feedback op amp 
— fa dB = 400 MHz = 10 f^ = 500 MHz 

— SR = 2000V/ps > 250V/ps (see item #1 in “Section A 
Design”) 

— Cn,( 446 ) = 1.0 pF (non-inverting input capacitance) 

3. Set RfB to the CLC446’s recommended Rf at Ay = +15: 
RfB = 34812 

Then set RgB = 69612 so that Kb = 1.50. 

4. initialize the resistor level for noise and distortion perfor¬ 
mance: 

R - 20012 

5. Initialize the capacitor level, resistor and capacitor ratios, 
and the capacitors: 


(20011) • (2jt(53.45 MHz)) 

r2==0.10 

c2 == max (0.0983, 0.10) = 0.1000 
C4B - 4.7 pF 
CsB - 4.7 pF 

6. Set the capacitors to the nearest standard values: 

C4b = 4.7 pF 

CsB = 4.7 pF 

7. Recalculate the capacitor level and ratio, and the resis¬ 
tor level and ratio: 

C = 7(4.7 pF). (47 pF) = 14.86 pF 

= (4.7pF)/(47pF) = 0.1000 

R = - y -r 

(14.86 pF). (2ji(53.45MHz)) 

= 200.4fl 
= 0.1020 


8 . Calculate Ri 2 b ^nd the resistor values: 
Ri 2 b = 64.012 
Rib = 96.012 
R 2 B ~ 9212 
R 3 B = 62712 

The resulting component values are: 


Component 

Value I 

Initial 

Adjusted 

Standard 

Rib 

96.012 

78.912 

78.712 

R 2 B 

19212 

15812 

15812 

R 3 B 

62712 

58212 

57612 

C 4 B 

4.7 pF 

3.7 pF 

3.6 pF 


Component 

Value 1 

Initial 

Adjusted 

Standard 

Cni(446) 

— 

1.0 pF 

1.0 pF 

C 5 B 

47 pF 

47 pF 

47 pF 

RfB 

34812 

34812 

348Q 

RgB 

69612 

69612 

69812 


9. The sensitivities for this design are: 


a. 

Ho 

COp 

Qp 

Sa, 

Saj 

s„, 

K 

1.00 

0.00 

2.58 

RfB 

-0.33 

-0.33 

0.79 

R 2 B 

0.33 

-0.17 

0.40 

R 3 B 

0.00 

-0.50 

-1.19 

RfB 

0.33 

0.00 

0.86 

RgB 

-0.33 

0.00 

-0.86 

C 4 B 

0.00 

-0.50 

-1.36 

^SB 

0.00 

-0.50 

1.36 


10. The relative standard deviations of Hq, cOp and Qp are: 
Oh^Ho - 0.38% 

== 0.55% 

aQp/Qp-1.58% 

These standard deviations are based on a uniform dis¬ 
tribution, with all resistors and capacitor values being 
independent: 

Or oc 1.00% - (-1.00%) „ 

C " VTf 


11. The nominal values of Hq, cOp and Qp over the design 
temperature range are: 


p 

1- 

-40 

25 

85 

Ho [V/V] 

1.000 

1.000 

1.000 

C0p/27r [MHz] 

53.88 

53.45 

53.00 

Qp [ ] 

1.706 

1.706 

1.706 


12. The probable ranges of values for Hq, (Op and Qp, over 
the design temperature range, are: 

0.99 < Ho < 1.01 

52.1 MHz < (a)p/27c) < 54.8 MHz 

1.63 <Qp< 1.79 

13. Based on the results in #10 and #12, we can conclude 
that: 

— The DC gain and cutoff frequency change little with 
component value and temperature changes 
— Qp has the greatest sensitivity to fabrication changes 
— The greatest filter response variation is in the peak¬ 
ing near the cutoff frequency 

Figure 3 shows the results of a Monte-Carlo simulation at 
room temperature, with 100 cases simulated. These simula¬ 
tions used the “Standard Values” of the components. The 
gain curves are: 

1. Lower 3-sigma limit (mean minus 3 times the standard 
deviation) 

2. Mean value 
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Design Example (Continued) 

3. Upper 3-sigma limit (mean plus 3 times the standard 
deviation) 



1.0E+06 1.0E+07 1.0E+08 

FREQUENCY (Hz) 


• Lower component cost 

A low sensitivity design is not enough to produce high manu¬ 
facturing yields. The nominal design must also compensate 
for any component parasitics, board parasitics, and op amp 
bandwidth (see Comlinear’s Application Note on filter com¬ 
ponent pre-distortion [5]). The components must also have 
low enough tolerance and temperature coefficients. 

Appendix A 


Sensitivity Analysis Overview 

The classic logarithmic sensitivity function is: 


SX 

«i 


a(lnX) ^ 
3(lnaj) ’ 

A .ix 

X ‘ 3aj 

AX/X 

Attj / aj 


aj, X 0 


FIGURE 3. Monte-Carlo Simulation Results 

SPICE Models 

SPICE models are available for most of Comlinear’s ampli¬ 
fiers. These models support nominal DC, AC, AC noise and 
transient simulations at room temperature. 

We recommend simulating with Comlinear’s SPICE models 
to: 

• Predict the op amp’s influence on filter response 

• Support quicker design cycles 

Include board and component parasitic models to obtain a 
more accurate prediction of the filter’s response. 

To verify your simulations, we recommend bread-boarding 
your circuit. 

Summary 

This Application Note contains an easy to use design algo¬ 
rithm for a low sensitivity, Sallen-Key lowpass biquad, which 
works for Qp < 5. It also shows the basics of evaluating filter 
sensitivity performance. 

Designing for low cOp and Qp sensitivities gives: 

• Reduced filter variation over process, temperature and 
time 

• Higher manufacturing yield 


where a, is a component value, and X is a filter performance 
measure (in the most general case, this is a complex-value 
function or frequency). The sensitivity function is a dimen¬ 
sionless figure of merit used in filter design. 

We can approximate the relative change in X caused by the 
relative changes in the components a, as: 

:^R,ysx.:^ 

X ■“ «i a, 

where: 


aj,X 0 


Act* 


AX 



X 


The relative standard deviation of X is calculated using: 



where: 

• The summation is over all component values (a,) that 
affect X 

• All component values (a,) are physically independent (no 
statistical correlation) 
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Appendix A (Continued) 

The nominal value of X is a function of temperature 


X(T) = X 1 + 


X(T) - X 




ai(T)- 


where: 

• X is the nominal value of X at room temperature 

• a, (T) is the nominal value of a, at temperature T 

• X(T) is the nominal value of X at temperature T 
To help reduce variation in filter performance: 

• Reduce the sensitivity function magnitudes (| | ), where 

X is Ho, 03p and Qp, and a, is any of the component 
values, the gain K, or operating conditions (such as tem¬ 
perature or supply voltage) 

• Use components with smaller tolerances 

• Use components with lower temperature coefficients 

Appendix B 

Handy Sensitivity Formulas 

Notation: 

1 . k, m, n = constants 

2 . a, p = [non-zero] component parameters 

3. X, Y = [non-zero] performance measures 
Formulas: 


1. Ska"= n 

2 s'<X - S,X - SX 


4. SX = 1/Sx“ 

5. sX(X(a)) = SXSX 

• ct Y P Y 

7. sX = Re(sX).yi^sX) 
where: 

Re(sX)=sW 

Im(sX) = arg(X) • S®''9(X) = „ 


3(arg(X)) 

9(a) 


Appendix C 

Bibliography 

[1] R. Schaumann, M. Ghausi and K. Laker, Design of Ana¬ 
log Filters: Passive, Active RC, and Switched Capacitor. 
New Jersey: Prentice Hall, 1990. 

[2] A. Zverev, Handbook of FILTER SYNTHESIS. John 
Wiley & Sons, 1967. 

[3] A. Willaims and F. Taylor, Electronic Filter Design Hand¬ 
book, McGraw Hill, 1995. 

[4] S. Natarajan, Theory and Design of Linear Active Net¬ 
works. Macmillan, 1987. 

[5] K. Blake, “Component Pre-distortion for Sallen-Key Fil¬ 
ters,” Comlinear Application Note, OA-21, Rev. B, July 
1996. 

[ 6 ] K. Antreich, H. Graeb, and C. Wieser, “Circuit Analysis 
and Optimization Driven by Worst-Case Distances,” 
IEEE Trans. Computer-Aided Design, vol. 13(1), pp. 
59-71, Jan. 1994. 

[7] K. Krishna and S. Director, “The Linearized Performance 
Penalty (LPP) Method for Optimization of Parametric 
Yield and Its Reliability,” IEEE Trans. Computer-Aided 
Design, vol. 14(12), pp. 1557-68, Dec. 1995. 

[ 8 ] A. Lokanathan and J. Brockman, “Efficient Worst Case 
Analysis of Integrated Circuits,” IEEE 1995 Custom Inte¬ 
grated Circuits Conf., pp. 11.4.1-4, 1995. 


4-131 


WWW national.com 


OA-27 




OA-28 


Low-Sensitivity, Bandpass 
Fiiter Design with Tuning 
Method 


National Semiconductor 
OA-28 

Kumen Blake 



Introduction 

This Application Note covers the design of a Sallen-Key 
bandpass biquad. It gives a design with low component and 
op amp sensitivities. Then it gives a filter tuning method to 
compensate for parasitics. A design example illustrates 
these methods. These biquads are also called KRC or VCVS 
[voltage-controlled, voltage-source]. 

Changes in component values over process, environment 
and time affect the performance of a filter. To achieve a 
greater production yield, the filter needs to be insensitive to 
these changes. This Application Note presents a design 
algorithm that results in low sensitivity to component varia¬ 
tion. See [ 6 ] for information on evaluating the sensitivity 
performance of your filter. 

To achieve the best production yield, the nominal filter de¬ 
sign must also compensate for component and board para¬ 
sitics. This Application Note gives a method to empirically 
tune your filter. See [5, 7] for the background theory. 

Filter Tuning Overview 

This section shows a simple tuning method that compen¬ 
sates for the parasitic elements in your filter. 

To minimize the impact of parasitics: 

• Keep signal paths as short as possible 

• Minimize the length of all feedback loops 

• Use components with small parasitics 

• Use good PCB layout techniques 

• Use an op amp with adequate bandwidth (fg ^b) and slew 
rate (SR): 

^3 dB - 10 

SR > 5 fn VpEAK 

where fn is the highest frequency in the passband of the 
filter, and Vp^AK's the largest peak voltage. Make sure 
the op amp is stable at the chosen gain. 

To compensate for the parasitic elements: 

1. Start with a low sensitivity, low parasitic design 

2 . Calculate the sensitivities of the filter response param¬ 
eters to the resistors and capacitors [ 6 ] 

3. Measure the filter’s response. The important parameters 
to extract are: 

— Maximum passband gain (Hp) 

— Pole frequency (cOp) 

— Pole quality (Qp) 

The Design Example section gives a simple extrac¬ 
tion method. Use accurate component values for the 
prototype filter so that the nominal design point will be 
near the center of the possible component values 

4. Use the information in steps 2 and 3 to adjust the 
resistor and capacitor values: 

— Set up the linear equations relating the relative 
change in filter response parameters (AHp/Hp, Acop/cop 
and AQp/Qp) to the relative change in the compo¬ 
nents to be adjusted 


— The number of components to change is the same as 
the number of filter response parameters 
— The coefficients of these linear equations are the 
component sensitivities [6] 

— Solve for the relative change in component values 
— Calculate the new component values 

5. Repeat steps 3 and 4 until the nominal response is close 
enough to the desired response. 

KRC Bandpass Biquad Design 

The biquad shown in Figure t is a Sallen-Key bandpass 
biquad. V|n needs to be a voltage source with low output 
impedance. 



FIGURE 1. Bandpass Biquad 

Rs attenuates the input signal for low gains. V,n, Ri and Rg 
can be replaced with their Thevenin equivalent voltage 
(oVin) and impedance (Ri 2 )- 
a = R 2 /(Ri + R 2 ) 

Ri 2 = R-I ll R 2 
The transfer function is: 


Hp((Op/Qp)s 


2 \ ’ 


+ ((Op/Qp)s + ((Op) 


S = JCO 


where: 


VQp= 


1 1 K - 1 1 


1 M 1 


P R4^2^3V*^12 *^5 

K = 1 + Rf/R, 


H. = 


aK 
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KRC Bandpass Biquad Design 

(Continued) 

To achieve low sensitivities, use this design algorithm: 

1. Use this biquad when: 

0.5 < Qp < 5 0 

Steps 2 and 3 assume this condition to be true. 

2 Partition the gain: 

— Use a low noise amplifier before this biquad if you 
need a large gain 

— Initialize the peak passband gam in 1 of 3 ways: 

— For the best sensitivity performance, use: 

Hp-1.0 

— For reasonable sensitivity performance and reduced 
component spreads, use: 

Hp « max{ 1 . 0 , Qp} 

— For dynamic range performance, scale Hp as needed. 
Limit the peak gain to: 

Hp < 10.0 

3. Set the input attenuation: 

a = min{ 1 . 0 , Hp} 

4. Initialize one of the resistor spreads (r^ = R 12 /R 4 ) and 
the op amp gain (K): 

Ai = 0.0381 Qp^ 5^(Hp/a)-‘'27 
A 2 = 0.00206Qp-^ ®^(Hp/oc)' 
r^ == maxfO.I, A-, + A 2 } 

Bi = 0.456(max{1, Qp})"’' ^^(Hp/a)^ 22 
02 = 0.0260(max{1, Qp})^ ^®(Hp/a)-^ 

K = 1.0 + max{0.1, + Bg} 

5. Select an op amp with adequate bandwidth (fg ^b) and 
slew rate (SR): 

^3 dB - "10 

SR > 5 fn VpEAK 

where fn is the highest frequency in the passband, and 
VpEAK is the largest peak voltage. Make sure the op amp 
IS stable at a gain of A^ = K. 

6 . For current-feedback op amps, use the recommended 
value of Rf for a gain of A^ = K. For voltage-feedback op 
amps, select Rf for noise and distortion performance. 
Then set Rg for the correct gain: 

Rg = Rf/K - 1 ) 

7. Calculate the capacitor spread (c^ = C 2 /C 3 ), and the 
other resistor spread (p^ = R 12 /R 5 ): 


(K - l)(aKQp/Hp)2 

+ K (1 - a/Hp) 

1 2 Ao 

A, + Jkf + 4Ao 



8 . Initialize the resistance level (r = ^ R.| 2 R 4 ). 
Increasing R will: 

— Increase the output noise 
— Improve the distortion performance 
— Improve the isolation between the op amp outputs 
and C 2 and C 3 

— Make the parasitic capacitances a larger fraction of 
C 2 and C 3 

9. Calculate the capacitance level (c = ^82 C 3 ): 

C = Vi + p2/(c0pR) 

10. Calculate the resistors and capacitors: 

Ri 2 = rR 

Rf = Rf2/ot 

R 2 = ^ 12/(1 “ oc) 

R 4 = R/r 
Rs = R 12 /P" 

C 2 — cC 
C 3 = C/c 

11. Set the resistors and capacitors to the nearest standard 
values. 

The component sensitivity formulas are in the table below. 
The sensitivities to a, = K are a measure of this biquad’s 
sensitivity to the op amp group delay [5]. To evaluate this 
biquad’s sensitivity performance, see [ 6 ]. To manually 
pre-distort this filter, and compensate for parasitic capaci¬ 
tances, see [5] and [7]. 


“1 




R, 

H 

-n 




2(1 + t?2) 

R 2 


-d-a) 

Srj” Sr? 



2(1 + p2) 

R^ 

Hp(l +c2)r2 

aK 

~2 


% 

-Hp(K-l)p2 




aK 

2(1 + p2) 

C 2 

-HpcV 

aK 

“2 


^3 


"2 


R, 


0 



-Sr; 

0 

-sr°; 


1 

0 



KRC Bandpass Biquad Tuning 
Method 

To tune this filter, use this algorithm: 

1. Start with a low-sensitivity design. 

2. Calculate the sensitivities of Hp, cOp and Qp to the com¬ 
ponents. 
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KRC Bandpass Biquad Tuning 

Method (Continued) 

3. Set up the linear equations: 

— Choose the 3 components a, that will be changed to 
adjust Hp, cOp and Qp 

— Create this sensitivity matrix using the formulas (see 
Appendix A ior a simple method that uses measure¬ 
ment or simulation results): 



Hn 

Hn 

S P 

S P 

S P 

«1 

«2 

«3 

(0^ 

co_ 

COr, 


S P 

S P 

«1 


«3 

Qn 

Qn 


S P 

S P 

S P 

«1 

«2 

«3 


— Invert the sensitivity matrix (M 3 ^) 

4. Measure the filter response, and then extract Hp, cOp and 
Qp: 

— Find the maximum gain magnitude: 

Hp = max{IH(jco)l} 

— Find the -3 dB corner frequencies f-, and fs, where 
f2>fi 

— Calculate cOp and Qp: 

“p = 2]t 

Qp = 7^/(f2-fi) 

5. Calculate the needed changes in Hp, cOp and Qp (X): 


AX/X = 1 - Xmeas/Xnom 

where Xnom and X^eas are the nominal and measured 
values of X. Limit the relative changes in X: 

AX/X <- max{-0.5, min{1.0, AX/X}} 

6 . Calculate the needed component values: 

— Estimate the relative changes in a„ and then limit 
them: 


A(X| /a-] 


AHp/Hp' 

Aa2 / ^2 

= M3’ • 

A(Op/(Op 






— Calculate the new a,: 

a, a,(1 + Aa/a,) 

— Change the filter components to these new values; 
use accurate component values when building the 
prototype filter so that the nominal design point will be 
near the center of the possible component values 

7. Repeat steps 4-6 until the nominal response is close 
enough to the desired response. 

Design Example 

The circuit shown in Figure 2 is a 4th-order bandpass filter. 
This filter cascades two bandpass biquads: sections A and 
B. Use a voltage source with low output impedance, such as 
the CLC111 buffer, for V,n. 





The nominal filter specifications are: 
fsi = 15 MHz (lower stopband edge frequency) 
fci = 40 MHz (lower passband edge frequency) 
feu = 60 MHz (upper passband edge frequency) 
fsu = 135 MHz (upper stopband edge frequency) 


Ap = 3.0 dB (maximum passband ripple) 

Ag = 30 dB (minimum stopband attenuation) 
Hp = 0 dB (passband voltage gain) 
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Design Example (Continued) 

The 2nd-order Butterworth lowpass prototype filter meets 
these specifications [1-4]. The Hp values shown below give 
a maximum gam of 1 00 from V|n to each biquad output The 
transformed filter is: 


Section 

A 

B 

C0p/27r 

[MHz] 

42.36 

56.65 

Qp 

[ ] 

3.501 

3.501 

Hp 

[V/V] 

1.000 

2.043 


Overall Design: 

1. Restrict the resistor and capacitor ratios to. 

0.1 <c2, r^ p2< 10 

2. Use 1% resistors (chip metal film, 1206 SMD) 

3 Use 5% capacitors (ceramic chip, 1206 SMD) 

4 Use standard resistor and capacitor values 

5. Use the same Hp in both sections to simplify the design 
Also set the overall gain to 1.00: 

Hp = y(l.000)(2.043) = 1.429 


Section A Design: 

1. Qp (3.501) meets the required limits 

2. Hp (1.429) is between the first two criteria in step 2 of the 
design algorithm; the sensitivity performance and com¬ 
ponent spreads should be reasonable 

3. Initialize a to 1.00; R 2 A is an open circuit 

4. Initialize r^ & K: 

Ai= 0.1606 A2 = 0.0003 
r^ = 0 1609 

Bi = 0.1528 B 2 = 0.1376 
K = 1.290 

5 The CLC446 is a current-feedback op amp: 

— fg dB = 400 MHz < 10 fn = 600 MHz (fn = tj; the op 
amp strongly affects the filter 
— SR = 2000 V/ps, while a 60 MHz, 2 Vpp sinusoid 
requires more than 300 V/ps 

6. Set RfA to the CLC446’s recommended Rf at Ay = 
+1.290, then calculate Rqa: 

RfA = 3920 

RgA = RfA/(K - 1) = 13520 

7. Calculate c^ and (3^: 

Aq = 2.897 Ai = 0.5482 
c^ = 9.011 
= 5.889 

8. Initialize R = 3000 

9. Calculate C: 

Vi + 5.889 

C = --— ---r = 32.87 pF 

2jt(42.36 MHz) *(300^) 

10. The initial values are in the table below 


Section B Design: 

Hp and Qp are the same as in section A, but cOp is different. 
To change the pole frequency, scale the resistors Rib. R 4 B 
and Rsb' 

Rxb ^ Rxa • (®pa/Wpb) = Rxa • 0.7477 
The initial component values are: 


Component 

Initial Value | 

Section A 

Section B 

Ri 

[Q] 

120 

90 0 

R4 

[Q] 

748 

559 

Rs 

[^^] 

20.4 

15.3 

C2 

[pF] 

98.7 

98 7 

Q3 

[pF] 

11.0 

11.0 

R, 


392 

392 

Rg 

[^ 2 ] 

1352 

1352 


Filter Tuning: 

This section uses simulated results; different layout and 
component parasitics will change the tuning results. Simula¬ 
tions used the following parasitics: 

• 0.2 pF across all resistors 

• 1.0 pF to ground at CLC446 non-inverting inputs 

• A group delay of 0.56 ns for the CLC446 at 50 MHz, using 
a good simulation model 

1. The sensitivities for sections A and B are equal since 
they are not functions of cOp. They are: 


— 

aj 

Hp 

COp 

Qp 

s«, 

Sg, 

Sa, 

Ri 

0.11 

-0.07 

1.04 

R 4 

1 78 

-0.50 

1.28 

R5 

-1.89 

-0.43 

-2.32 

C 2 

-1.61 

-0.50 

-1.11 

Q 3 

1.61 

-0.50 

1.11 

Rf 

2.12 

0.00 

1.89 

Rg 

-2.12 

0.00 

-1.89 

K 

1.00 

0.00 

8.42 


2. To tune the filter, change R^, R 4 and Rg: 


AR^ /R^ 


AHp/Hp' 

AR4/R4 

= M3’ • 

Aa)p/cOp 



AQp/°P. 


where: 


M 


3 


0.11 1.78 -2.12 

-0.07 -0.50 0.00 
1.04 1.28 -1.89 


M 


-1 

3 


-0.91 -0.62 1.02 
0.13 -1.91 -0.14 
-0.41 -1.64 -0.07 
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Design Example (Continued) 


3. The results of tuning section A are: 


Iteration # 

1 

2 

3 

4 

Ri 

[^2] 

120 

98.7 

89.3 

90.8 

R 4 

[Q] 

748 

496 

488 

492 

Rg 

[Q] 

1352 

676 

708 

700 

Hp 

[V/V] 

0.736 

1.625 

1.373 

1.433 

0)p/27i: 

[MHz] 

34.62 

41.76 

42.57 

42.32 

Qp [ ] 

2.212 

4.226 

3.335 

3.504 

AHp/Hp 

[%] 

48.5 

-13.7 

3.92 

-0.28 

ACOp/COp 

[%] 

18.3 

1.42 

-0.50 

0.09 

AQp/Qp 

[%] 

36.8 

-20.7 

4.74 

-0.09 

AR 1 /R 1 

[%] 

-17.9 

-9.52 

1.58 

— 

AR 4 /R 4 

[%] 

-33.8 

-1.59 

0.79 

— 

ARg/Rg 

[%] 

-50.0 

4.75 

-1.13 

— 


4. The results of tuning section B are: 


Iteration # 

1 

2 

3 

4 

Ri 

[Q] 

90.0 

66.5 

62.9 

63.3 

R 4 


559 

363 

357 

360 

Rg 

[H] 

1352 

740 

784 

779 

Hp 

[V/V] 

0.993 

1.663 

1.384 

1.428 

COp/271 

[MHz] 

45.66 

55.94 

56.95 

56.62 

Qp 

[ ] 

3.029 

4.174 

3.391 

3.496 

AHp/Hp 

[%] 

30.5 

-16.4 

3.15 

0.07 

AcOp/cOp 

[%] 

19.4 

1.25 

-0.53 

0.05 

AQp/Qp 

[%] 

13.5 

-19.2 

3.14 

0.14 

AR-|/Ri 

[%] 

-26.1 

-5.48 

0.67 

— 

AR 4 /R 4 

[%] 

-35.0 

-1.83 

0.98 

— 

ARg/Rg 

[%] 

-45.3 

6.00 

-0.64 

— 


Figures 3 and 4 show the simulated filter gain. The curve 
numbers are: 

1. The ideal gain 

2. The gain for the initial design (Iteration 1) 

3. The gain for the tuned filter (Iteration 4) 



35 40 45 50 55 60 65 

FREQUENCY (MHz) 


01279516 

FIGURE 3. Simulated Filter Magnitude Response 



10 100 

FREQUENCY (MHz) 


01279517 

FIGURE 4. Simulated Filter Magnitude Response 

The final standard component values are: 


Component 

Standard Tuned Vaiue | 

Section A 

Section B 

Ri 

[a] 

90.9 

63.4 

R4 

[i2] 

487 

357 

R5 

[Q] 

20.5 

15.4 

C2 

[PF] 

100 

100 

^3 

[PF] 

11 

11 

R, 


392 

392 

Rg 

[Q] 

698 

787 
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SPICE Models 

SPICE models are available for most of Comlinear’s ampli¬ 
fiers. These models support nominal DC, AC, AC noise and 
transient simulations at room temperature. 

We recommend simulating with Comlinear’s SPICE models 
to: 

• Predict the op amp’s influence on filter response 

• Support quicker design cycles 

Include board and component parasitic models to obtain a 
more accurate prediction of the filter’s response. 

To verify your simulations, we recommend bread-boarding 
your circuit. 

Summary 

This Application Note contains an easy to use design algo¬ 
rithm for a low sensitivity, Sallen-Key bandpass biquad. De¬ 
signing for low Hp, (Op and Qp sensitivities gives: 

• Reduced filter variation over process, temperature and 
time 

• Higher manufacturing yield 

• Lower component cost 

A low sensitivity design is not enough to produce high manu¬ 
facturing yields. This Application Note shows how to tune the 
filter to compensate for parasitics; no assumptions about the 
parasitics are necessary. The components must also have 
low tolerance, small parasitics and low temperature coeffi¬ 
cients. 


Appendix A 


Estimating the Sensitivity Matrix 

For filters where the sensitivity formulas are not readily 
available, this appendix gives a simple method to estimate 
the entries in the sensitivity matrix. 

To estimate the sensitivity matrix entries using measurement 
or simulation results, use this algorithm: 


1. 


Choose the 3 components a, that will be changed to 
adjust Hp, (Op and Qp (X) 

Calculate the sensitivities of Hp, cOp and Qp to the chosen 
components: 

— Extract the parameters Hp, (Op and Qp at the nominal 
values of a, 

— Extract the parameters Hp, (Op and Qp when only one 
a, is different from its nominal value; this results in 3 
sets of 3 modified performance parameters 

— Estimate the sensitivities (X is Hp, (Op or Qp): 



AX 





«1 X 

Ac(| 

Aa2 

<1 

II 

= 0 







«2 

" X ' 

<! 

Ac(| 

II 

> 

= 0 

eX 






" X 

Aa3 

Aa^ 

= Aa2 

= 0 


3. From the sensitivity matrix: 


M3 = 


4 Invert the sensitivity matrix (M 3 ^) 

Example: 

As an example, suppose that the following measurements 
result from the 4 conditions in Step 2 (italicized numbers are 
changed from nominal): 


Hn 


Hn 

S P 

S P 

S P 


«2 

«3 

a)_ 

(0_ 

(0_ 

S P 

S P 

S P 


«2 

«3 

Qn 


Qn 

S P 

S P 

S P 


«2 

«3 


Condition # 

1 

2 

3 

4 

Ri 

[Q] 

120 

115 

120 

120 

R4 

m 

748 

748 

715 

748 

Rg 

[Q] 

1352 

1352 

1352 

1300 

Hp 

[V/V] 

0.736 

0.729 

0.681 

0.792 

(Op/271 

[MHz] 

34.62 

34.84 

35.51 

34.54 

Qp 

[ ] 

2.212 

2.110 

2.096 

2.368 


where the Condition # means: 

1. Nominal values 

2 . ARi 0 , and ARg = AR 3 = 0 

3. AR 2 ^ 0, and AR^ = AR 3 = 0 

4. AR 3 ^ 0, and AR^ = ARg = 0 

The sensitivity of Hp to R^ is estimated as: 




0.729 - 0.736 
0.736 


120 


115 - 120 


0.23 


Estimating the other sensitivities produces these sensitivity 
matrices: 


,-1 


0.23 

1.69 

-1.98 

-0.15 

-0.58 

0.06 

1.11 

1.19 

-1.83 

‘-0.95 

-0.70 

1.00 

0.20 

-1.70 

-0.27 

-0.45 

-1.53 

-0.1 1 
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Low-Sensitivity, Highpass 
Filter Design with Parasitic 
Compensation 

Introduction 
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— The most useful approximations are: 


This Application Note covers the design of a Sallen-Key 
highpass biquad. This design gives low component and op 
amp sensitivities. It also shows how to compensate for the 
op amp’s bandwidth (pre-distortion) and parasitic capaci¬ 
tances. A design example illustrates this method. These 
biquads are also called KRC or VCVS [voltage-controlled, 
voltage-source] 

Changes in component values over process, environment 
and time affect the performance of a filter. To achieve a 
greater production yield, the filter needs to be insensitive to 
these changes. This Application Note presents a design 
algorithm that results in low sensitivity to component varia¬ 
tion. See [6] for information on evaluating the sensitivity 
performance of your filter. 

To achieve the best production yield, the nominal filter de¬ 
sign must also compensate for component and board para- 
sitics. The components are pre-distorted [5] to compensate 
for the op amp bandwidth. This Application Note expands the 
pre-distortion method in [5] to include compensation for 
parasitic capacitances. This method is valid for either 
voltage-feedback or current-feedback op amps. 

Parasitic Compensation 

To pre-distort your filter components and compensate for 
parasitic capacitances: 

1. Use the method in [5] to include the op amp’s effect on 
the filter response. The result is a transfer function of the 
same order whose coefficients include the op amp group 
delay (Xoa) evaluated at the passband edge frequency 

(fc) 

2 For all parasitic capacitances in parallel with capacitors: 
— Add the capacitors together 
— Simplify the resulting coefficients 
— Use the sum of time constants form for the coeffi¬ 
cients when possible 

3. For all parasitic capacitances in parallel with resistors; 
— Replace the resistor R^ in the filter transfer function 
with the parallel equivalent of R^ and Cp. 

Ry <— Ry 

-^,s = jco 

(l + RxCps) 


— Alter this impedance to a convenient form and sim¬ 
plify: 

— Do not create new terms (a coefficient times a new 
power of s) in the transfer function after simplifying 


(l + RxCps) 
-R.C„s 


^ Rx (l RxCps) 


= Rxe’ 

These approximations are valid when: 
( 0«1 
(RxCp) 


— Convert (1 + RyCpS) to the exponential form (a pure 
time delay) when it multiplies, or divides, the entire 
transfer function 

— Do not change the gain at co == cOp in allpass sections 
— When simplifying, discard any terms that are products 
of the error terms (ktoa and RyCp); they are negligible 
— Use the sum of time constants form for the coeffi¬ 
cients when possible 

Use an op amp with adequate bandwidth (fade) and slew 
rate (SR): 

fade - 10fn 
SR > SfnVpeak 

where fn is the highest frequency in the passband of the 
filter, and Vpeak 's the largest peak voltage. This increases 
the accuracy of the pre-distortion algorithm. It also reduces 
the filter’s sensitivity to op amp performance changes over 
temperature and process. Make sure the op amp is stable at 
a gain of Av = K. 

KRC Highpass Biquad Design 

The biquad shown in Figure 1\s a Sallen-Key highpass bi¬ 
quad. V,nneeds to be a voltage source with low output im¬ 
pedance. 

The transfer function is: 


Vo 

1 

COp 

^ P y 

s2 

V,n 

1 + 

r 1 ' 

S-h 

/ \ 

1 

[(cOpQp)J 

l(“p)J 
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KRC Highpass Biquad Design 

(Continued) 


= R 5 C 1 + R 5 C 3 - R 4 C 3 (K -1) 

(“pQpj 

—^ = R4R5C-|C3 

COp 



FIGURE 1. Highpass Biquad 

To achieve low sensitivities, use this design algorithm: 

1. Partition the gain for good Qp sensitivity and dynamic 
range performance: 

— Use a low noise amplifier before this biquad if you 
need a large gain 

— Select K with this empirical formula: 


0 . 1 <Qp< 1.1 

I 2.2Qd-0.9 

-^-, 1.1<Qd<5 

Qp+0.2 p 


3. For current-feedback op amps, use the recommended 
value of Rf for a gain of Av = K. For voltage-feedback op 
amps, select Rf for noise and distortion performance. 
Then set Rg for the correct gain: 


^f 


9-(K-1) 

4. Initialize the resistance level 


R = JR4R, 


Increasing R will: 

— Increase the output noise 
— Reduce the distortion 

— Improve the isolation between the op amp outputs 
and Cf and C 3 

— Make the parasitic capacitances a larger fraction of 
Cf and C 3 

5. Initialize the capacitance level , and the component 
ratios 


c2=^and : 

Cl R4J 


1 


(wpR) 

= 0.10 


r^ =maxi 0.10, 


1+^ 

h + 4Q^ 

(1.C- 

|(K-1) 

2Qp| 


'A . 


6 . Recalculate and initialize the capacitors: 

^2 

2 rQ^ 


1 + 


a/i + 4Q^(K- 


l-r'^ 


C 3 = cC 


These values also reduce the op amp bandwidth’s 
impact on the filter response. This biquad’s sensitivi¬ 
ties are too high when Qp > 5 
2. Select an op amp with adequate bandwidth (fg^B) and 
slew rate (SR): 

fsdB ^ 10fc 
SR > SfnVpeak 

where fn is the highest signal frequency, fc is the 
corner frequency of the filter, and Vpeak is the largest 
peak voltage. Make sure the op amp is stable at a gain 
of Av = K. 


7. Set C-, and C 3 to the nearest standard values. 
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KRC Highpass Biquad Design 

(Continued) 


2. Estimate the pre-distorted values of cOp and Qp (cop(pd) 
and Qp(pd) that will compensate for and Cp,: 


8 . Recalculate C, C^, R and r^: 


C - ^Jc^ 



(»pC) 



(i + 4 q 2 

(l + c2 

)(K-1) 

2Qp( 

1 + C^) 

/■= 


9. Calculate the resistors: 


R 4 


R 

r 


Rs-rR 


The component sensitivity formulas are in the table below. 
The sensitivities formulas are in the table below. The sensi¬ 
tivities to a, = K are a measure of this biquad’s sensitivity to 
the op amp group delay [5]. To evaluate this biquad is 
sensitivity performance, use the method in [ 6 ]. 


a, 


q“p 

oQp 

Ci 

0 

1 

2 


0 

CO 

0 

1 

2 

(“• ri) 

R 4 

0 

1 

2 

((K-1) Qp 

R 5 

0 

1 

2 

-((K-1) Qp 

Rf 

K-1 

K 

0 

((K-1) Qp 7) 

Rf 

K-1 

K 

0 

-((K-1) Qp 7) 

K 

1 

0 

(KQp 


KRC Highpass Biquad Parasitic 
Compensation 

To pre-distort this biquad, and compensate for the [parasitic] 
non-inverting input capacitance of the op amp (Cn,), do the 
following (see Appendix A for the derivation of the formulas): 
1. Start the iterations by ignoring the parasitics: 
t 2 = o 

T ^4 = 0 


^p(pd) ~ ^p(nom) 

- 'T4®p(nom) 

^p(pd) “ Qp(nom) 

/ 

®p(pd) ^ 

— ~ ~ Qp(nom)'>^2<»p(pd) 

\^^p(nom) 


Where (Op(nom) Qp(nom) are the nominal values of 
COp and Qp 

3 Recalculate the resistors and capacitors using cop(pd) 
and Qp(pd)- 

— -= R4R5C-,C3 

®p(pd) 

7--7 = R5C1 + R5C3 - R4C3 (K -1) 

\^«p(pd)^p(pd)j 


The Design Example accomplishes this by recalculating 
R and r^, then R 4 and R 5 : 


(®p(pd)C) 


1+^ 

|l-F4Qp(pd) 

(l+c2 

)(K-1) 

2'Qp(pd)( 

1+c2) 

A 


R5 = rR 

4. Calculate the resulting parasitic correction factors: 

= R4C„, 

T ^4 = KToaR4C3 + R4R5(^1 + C3)Cni 
5 Calculate the resulting filter response parameters cOp 
and Qp 


^p - ^p(pd) 
^|1+^4(0p(pa) 


Qp = - 


'^P(pd) 


^p(pd) 


^Qp(pd)^ 2 ®p 


6 . Repeat steps 2-5 until: 


Wp — COp(nom) 
Qp ~ Qp(nom) 
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KRC Highpass Biquad Parasitic 
Compensation (Continued) 

7. Estimate the high frequency gain: 

(l + x^co2(pd)) 


If this reduces the gain too much, then repartition the gain 


— Toa == 0.28ns at 10MHz 
— Cn,(iii) = 1.3pF (input capacitance) 

2. Select Rza noise, distortion and to properly isolate 
the CLCm’s output and Cia- The pre-distorted value of 
Rsa, that also compensates for Cn,(iii), is [5]: 


R 2 A - 



(CfA +Cn,(ii-|)] 


Design Example 

The circuit shown In Figure 2 is a 3rd-order Butterworth 
highpass filter. Section A is a buffered single pole section, 
and Section B is a highpass biquad. Use a voltage source 
with low output impedance, such as the CLC111 buffer, for 
V.n: 


The nominal filter specifications are: 
fc = 50MHz (passband edge frequency) 
fg = 10MHz (stopband edge frequency) 
fn = 200MHz (highest signal frequency) 

Ap = 3.0dB (maximum passband ripple) 

Ag = 40dB (minimum stopband attenuation) 

= OdB (passband voltage gain) 



FIGURE 2. Highpass Filter 


The 3rd-order Butterworth filter [1-4] meets our specifica¬ 
tions. The pole frequencies and quality factors are: 


Section 

A 

B 

C0p/27C [MHz] 

50.00 

50.00 

Qp[l 

- 

1.000 


Overall Design 

1. Restrict the resistor and capacitor ratios to: 

2 . 

0.1 <c2, r2<10 

3. Use 1% resistors (chip metal film, 1206 SMD) 

4. Use 5% capacitors (ceramic chip, 1206 SMD) 

5. Use standard resistor and capacitor values 
Section A Design and Pre-distortion: 

1. Use the CLC111. This is a close-loop buffer. 

— fade = 800MHz > fn = 200MHz 

— f 3 dB= 800MHz > 10fc= 500MHz 

— SR = 3500V/ps, while a 200MHz, 2Vpp sinusoid re¬ 
quires more than lOOV/ps 


The results are in the table below: 

— The Initial Value column shows ideal values that ig¬ 
nore any parasitic effect 

— The Adjusted Value column shows the component 
values that compensate for Cn,(iii) and CLC111 is 
group delay (O 

— The Standard Value column shows the nearest stan¬ 
dard 1 % resistors and 5% capacitors 


Component 

Initial 

Value 

Adjusted 

Standard 

CiA 

30pF 

30pF 

30pF 

F 2 A 

106^1 

92.8Q 

93.1^2 

Cni(111) 

- 

1.3pF 

1 3pF 


Section B Design: 

1. Since Qp = 1.000, set Kg to 1.00 

2. Use the CLC446. This is a current-feedback op amp 

— fade = 400MHz > fn = 200MHz 

— fsdB 10fc = 500MHz; the design will be sensitive to 
the op amp group delay 

— SR = 2000V/ps > lOOOV/ps (see Item #1 in "Section 
A Design") 

— Toa =" 0.56ns at 10MHz 
— Cn,( 446 ) = 1 -OpF (input capacitance) 

3. Use the CLC446’s recommended Rf at Ay = 1.0: 

RfB = 453Q 

Then leave Rge open so that Kg = 1.00 

4. Initialize the resistor level: 

R = 100Q 

5. Initialize the capacitor level, and the component ratios: 


27C(50.00MHz) (lOOa)” 

= 0.1000 

= max {0.10,0.0826} = 0.1000 

6. Recalculate and initialize the capacitors: 

« 0.127 Ci B - 89.3pF Cae « 11 -SpF 

7. Set the capacitors to the nearest standard values: 

C^B ~ 91 pF CaB ~ 11pF 

8. Recalculate the capacitor level and ratio, and the resis¬ 
tor level and ratio: 
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Design Example (Continued) 

9. Calculate the resistors; 

R 4 B = 324Q R 3 B = 31 .2Q 

10. The sensitivities for this design are: 


C = ^(91 pF) (llpF) = 31.64pF 

„2_ (11PF) 


(91 pF) 


R = - 


= 0.1209 


1 


27c (50.00MHz)-(31.64pF) 
= 100.6£2 
= 0.1056 


ai 

oH„ 

o®p 

Q 

Q P 

CiB 

0.00 

-0.50 

-0.39 

C 3 B 

0.00 

-0.50 

0.39 

R 4 B 

0.00 

-0.50 

0.50 

R 5 B 

0.00 

-0.50 

-0.50 

RfB 

0.00 

0.00 

0.00 

RgB 

0.00 

0.00 

0.00 

K 

1.00 

0.00 

1.12 


Section B Pre-distortion: 

1. The design gives these values: 

COp(nom) = 27 u(50.00MHz) 

Qp(nom) = 1-000 

Kb = 1 00 
CiB = 91pF 
^ 3 B = 11pF 

2. Iteration 1 shows the initial design results. Iterations 2-4 
pre-distort R 4 B and Rsb to compensate for the CLC446’s 
group delay, and for Cn,( 446 ): 


Iteration # 

1 

2 

3 

4 

“p(pd) 

2n 

[MHz] 

50.00 

59.73 

56.81 

57.54 

Qp(pci) 

[] 

1.000 

0.9320 

0 9561 

0.9505 

R 

[Q] 

10.6 

84.22 

88.54 

87.42 

r 2 


0.0962 

0.1108 

0.1053 

0.1065 

R 4 B 


324.3 

253.0 

272.9 

267.9 

R 5 B 

[Q] 

31.21 

28.03 

28.73 

28.53 

12 

[ns] 

0.324 

0.253 

0.273 

0.268 

X 4 

[ns] 

1.741 

1.511 

1.575 

1.559 


Iteration # 

1 

2 

3 

4 

[MHz] 

(Op 

2n 

43.87 

51.96 

49.52 

50 13 

Qp [] 

1.034 

0.984 

1 003 

0.999 


The midband gam estimate is: 

= 0.770[A/A/]. Iteration 1 
= 0.759 [VA/]. Iteration 4 

The simulations gave a lower value for Hoc. Increasing K 
could help overcome this loss, but would also increase 
the sensitivities. 

3 The resulting components are 


Component 

Initial 

Value 

Adjusted 

Standard 

CiB 

91 pF 

91 pF 

91 pF 

C 3 B 

llpF 

llpF 

llpF 

Cni(446) 

- 

1 OpF 

1 OpF 

R 4 B 

324£2 

268^2 

26712 

f^5B 

31.2^2 

28.512 

28.712 

RfB 

453^2 

45312 

45312 

RgB 

00 

00 

00 


Figure 3 and Figure 4 show simulated gams. The curve 
numbers are: 

1. Ideal (Initial Design Values, Ton - 0, C„| 0) 

2. Without pre-distortion (Initial Design Values, / 0, C,,, 
= 0 ) 

3. With pre-distortion (Pre-distorted Values, Xoa 0. Cm = 
0 ) 



35 


40 45 50 55 

Frequency (MHz) 


60 


FIGURE 3. Simulated Filter Magnitude Response 
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Design Example (Continued) 



10 100 1000 
Frequency (MHz) 


01279625 


FIGURE 4. Simulated Filter Magnitude Response 

SPICE Models 

SPICE Models are available for most of Comlinear’s ampli¬ 
fiers. These models support nominal DC, AC, AC noise and 
transient simulations at room temperature. 

We recommend simulating with Comiinear’s SPICE model 
to: 

• Predict the op amp’s influence on filter response 

• Support quicker design cycles 

Include board and component parasitic models to obtain a 
more accurate prediction of the filter’s response. 

To verify your simulations, we recommend bread-boarding 
your circuit. 

Summary 

This application Note contains an easy to use design algo¬ 
rithm for a low sensitivities Sallen-Key highpass biquad. 
Designing for low (Op and Qp sensitivities gives: 

• Reduced filter variation over process, temperature and 
time 

• High manufacturing yield 

• Lower component cost 

A low sensitivity design is not enough to produce high manu¬ 
facturing yields. This Application Note shows how to com¬ 
pensate for the op amp bandwidth, and for the [parasitic] 


input capacitance of the op amp. This method also applies to 
any other component or board parasitics. The components 
must also have low enough tolerance and temperature co¬ 
efficients. 

Appendix A - Derivation of 
Pre-distortion and Parasitic 
Capacitance Compensation 
Formuias 

To pre-distort this filter, and compensate for the [parasitic] 
input capacitance of the op amp 0^): 

1. Use the method in [5] to include the op amp’s effect on 
the filter response. The result Is: 


V,n 






/ \ 


( \ 

1 


1 I 


s-h 


JwpQp)^ 


rpj 


where the op amp group delay (Xoa) is evaluated at the 
passband edge frequency (y, and: 


7——-T - R5C1 + R5C3 “ (K -1) 

(cOpQp) 

~~2 ~ R4i^5^1^3 + ^'^08^4^3 

COp 


R 
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Appendix A - Derivation of 
Pre-distortion and Parasitic 
Capacitance Compensation 

Formuias (Continued) 

2. Since Cp, is in parallel with R 4 , replace R 4 with the 
parailel equivalent of R 4 and Cn,: 


R 4 ^— R 4 
(1 + R4Cn,s) 



3. After simplifying, we obtain: 


V,n 




1 + 


rpQp;; 


where: 

7— zr-x = ti + ^2 
(oDpQp) 

Ti == R 5 C 1 + R 5 C 3 - R 4 C 3 (K -1) 

Ip ^ R4Cni 


co; 


-2 - X3 + 14 

*p 


- ^4^5^-103 

I 4 = KToaR 4 C 3 + R 4 R 5 (Ci + 03 ) 0^1 


_ l + Rf 

“ Rg 

K [4] 

(t§+x|) 
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High-Performance Audio 
Appiications of The LM833 


National Semiconductor 
Application Note 346 
Kerry Lacanette 



Designers of quality audio equipment have long recognized 
the value of a low noise gain block with “audiophile perfor¬ 
mance”. The LM833 is such a device: a dual operational 
amplifier with excellent audio specifications. The LM833 fea¬ 
tures low input noise voltage (4.5 nV/ /Hz typical), typi¬ 
cal), large gain-bandwidth product (15 MHz), high slew rate 
(7V/pSec), low THD (0.002% 20 Hz-20 kHz), and unity gain 
stability. This Application Note describes some of the ways in 
which the LM833 can be used to deliver improved audio 
performance. 

1. Two Stage RIAA Phono 
Preamplifier 

A phono preamplifier’s primary task is to provide gain (usu¬ 
ally 30 to 40 dB at 1 kHz) and accurate amplitude and phase 
equalization to the signal from a moving magnet or a moving 
coil cartridge. (A moving coil device’s output voltage is typi¬ 
cally around 20 dB lower than that of a moving magnet 
pickup, so this signal is usually amplified by a step-up 
device—either an active circuit or a transformer—before 
being applied to the input of the phono preamplifier). In 
addition to the amplification and equalization functions, the 
phono preamp must not add significant noise or distortion to 
the signal from the cartridge. 

Figure 1 shows the standard RIAA phono preamplifier am¬ 
plitude response. Numerical values relative to the 1 kHz gain 
are given in Table 1. Note that the gain rolls off at a 6 dB/ 
octave rate above 2122 Hz. Most phono preamplifier circuits 
in commercially available audio products, as well as most 
published circuits, are based on the topology shown in Fig¬ 
ure 2(a). The network consisting of R^, Rg, C-,, and Cg is not 
unique, and can be replaced by any of several other net¬ 


works that give equivalent results. Rq is generally well under 
1 k to keep its contribution to the input noise voltage below 
that of the cartridge itself. The 47k resistor shunting the input 
provides damping for moving-magnet phono cartridges. The 
Input IS also shunted by a capacitance equal to the sum of 
the input cable capacitance and Cp. This capacitance reso¬ 
nates with the inductance of the moving magnet cartridge 
around 15 kHz to 20 kHz to determine the frequency re¬ 
sponse of the transducer, so when a moving magnet pickup 
Is used, Cp should be carefully chosen so that the total 
capacitance is equal to the recommended load capitance for 
that particular cartridge. 



20 50100 200 500 Ik 2k 5k 10k 20k 
FREQUENCY (Hz) 


00552001 


FIGURE 1. Standard RIAA phonograph preamplifier 
frequency response curve.Gain continues to roll off at 
a 6 dB/octave rate above 20 kHz. 


TABLE 1. RIAA standard response referred to gain at 1 kHz. 


FREQUENCY (Hz) 

AMPLITUDE (dB) 

FREQUENCY (Hz) 

AMPLITUDE (dB) 

20 

+19.3 

800 

+0.7 

30 

+18.6 

1000 

0.0 

40 

+17.8 

1500 

-1.4 

50 

+17.0 

2000 

-2.6 

60 

+16.1 

3000 

-4.8 

80 

+14.5 

4000 

-6.6 

100 

+13.1 

5000 

-8 2 

150 

+10.3 

6000 

-9.6 

200 

+8.2 

8000 

-11.9 

300 

+5.5 

10000 

-13.7 

400 

+3.8 

15000 

-17.2 

500 

+2.6 

20000 

-19.6 


The circuit of Figure 2(a) has a disadvantage- it cannot 
accurately follow the curve in Figure 1, no matter what 
values are chosen for the feedback resistors and capacitors. 
This is because the non-inverting amplifier cannot have a 
gam of less than unity, which means that the high frequency 
gain cannot roll off continuously above the 2122 Hz break¬ 
point as it IS supposed to. Instead, a new breakpoint is 
introduced at the unity gain frequency. 


In addition to the amplitude response errors (which can be 
made small through careful design), the lack of a continued 
rolloff can cause distortion in later stages of the audio sys¬ 
tem by allowing high frequency signals from the pickup 
cartridge to pass through the phono equalizer without suffi¬ 
cient attenuation. This is generally not a problem with mov¬ 
ing magnet cartridges, since they are usually severely 
band-limited above 20 kHz due to the electrical resonance of 
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1. Two Stage RIAA Phono 
Preamplifier (Continued) 

cartridge inductance and preamp input capacitance. Moving 
coil cartridges, however, have very low inductance, and can 
produce significant output at frequencies as high as 
150 kHz. If a subsequent preamplifier stage or power ampli¬ 
fier suffers from distortion caused by slew-rate limitations, 
these ultrasonic signals can cause distortion of the audio 
signal even though the signals actually causing the distortion 
are inaudible. 

Preamplifers using the topology of Figure 2(a) can suffer 
from distortion due to input stage nonlinearities that are not 
corrected by the feedback loop. The fact that practical am¬ 
plifiers have non-infinite common mode rejection ratios 
means that the amplifier will have a term in its gain function 
that is dependent on the input voltage level. Since most good 
operational amplifiers have very high common mode rejec¬ 
tion ratios, this form of distortion is usually quite difficult to 
find in opamp-based designs, but it is very common in dis¬ 
crete amplifiers using two or three transistors since these 
circuits generally have poor common mode performance. 
Another source of input stage distortion is input impedance 
nonlinearity. Since the input impedance of an amplifier can 
vary depending on the input voltage, and the signal at the 
amplifier input will be more strongly affected by input imped¬ 
ance if the source impedance is high, distortion will generally 
increase as the source impedance increases. Again, this 
problem will typically be significant only when the amplifier is 
a simple discrete design, and is not generally troublesome 
with good op amp designs. 

The disadvantages of the circuit configuration of Figure 2(a) 
have led some designers to consider the use of RIAA pream¬ 
plifiers based on the inverting topology shown in Figure 2(b). 
This circuit can accurately follow the standard RIAA re¬ 
sponse curve since the absolute value of its gain can be less 
than unity. The reduced level of ultrasonic information at its 
output will sometimes result in lower perceived distortion 
(depending on the design of the other components in the 
audio system). Since there is no voltage swing at the pream¬ 
plifier input, distortion will be lower in cases where the gain 
block has poor common-mode performance. (The 


common-mode distortion of the LM833 is low enough that it 
exhibits essentially the same THD figures whether it is used 
in the inverting or the non-inverting mode.) 

The primary handicap of the inverting configuration is its 
noise performance. The 47k resistor in series with the 
source adds at least 4 pV of noise (20 Hz to 20 kHz) to the 
preamplifier’s input. In addition to 4 pV of thermal noise from 
the 47k resistor, the high impedance in series with the 
preamp input will generally result in a noise increase due to 
the preamplifier’s input noise current, especially when the 
series impedance is made even larger by a moving magnet 
cartridge at resonance. In contrast, the 47k damping resistor 
in Figure 2(a) is in parallel with the source, and is a signifi¬ 
cant noise contributor only when the source impedance is 
high. This will occur near resonance, when the source is a 
moving magnet cartridge. Since the step-up devices used 
with moving coil cartridges present a low, primarily resistive 
source impedance to the preamplifier input, the effects of 
cartridge resonance and input noise current are virtually 
eliminated for moving coil sources. Therefore, the circuit of 
Figure 2(a) has a noise advantage of about 16 dB with a 
moving coil source, and from about 13 dB to about 18 dB 
(depending on the source impedance and on the input noise 
current of the amplifier) with a moving magnet source. Using 
the component values shown, the circuit in Figure 2(a) fol¬ 
lows the RIAA characteristic with an accuracy of better than 
0.5 dB (20-20 kHz) and has an in put-referred noise voltage 
equal to 0.33 pV over the Audio frequency range. 

Even better performance can be obtained by using the 
two-amplifier approach of Figure 3. The first operational 
amplifier takes care of the 50 Hz and 500 Hz breakpoints, 
while the 2122 Hz rolloff is accomplished by the passive 
network Rg, Rg, and Cg. The second amplifier supplies ad¬ 
ditional gain —10 dB in this example. Using two amplifiers 
results in accurate conformance to the RIAA curve without 
reverting to the noisy inverting topology, as well as lower 
distortion due to the fact that each amplifier is operating at a 
lower gain than would be the case in a single-amplifier 
design. Also, the amplifiers are not required to drive capaci¬ 
tive feedback networks with the full preamplifier output volt¬ 
ages, further reducing distortion compared to the 
single-amplifier designs. 




(a) 

FIGURE 2. Two typical operational amplifier-based phonograph preamplifier circuits, (a) Non-inverting, (b) Inverting. 


The design equations for the preamplifier are: 

Ri = 8.058 RqAi, where Ai is the 1 kHz voltage gain of 
the first amplifier. (1) 
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1. Two Stage RIAA Phono 
Preamplifier (Continued) 


Example: 


3.18 X 10~^ 
8.058 X 10"^ 


0.03946 plF 


3.18 X 10 ^ 



( 2 ) 


R 2 = 



(3) 


^3 


7.5 X 


10 ^ 


(R3 + 
^3 h 


7.5 X 10"^ 
Rp 


(4) 


_ 1 
■ 2nfL(R3 + R6) 

(5) 

where fL is the low-frequency -3 dB corner of the second 
stage. For standard RIAA preamplifiers, f,^ should be kept 
well below the audible frequency range. If the preamplifier is 
to follow the lEC recommendation (lEC Publication 98, 
Amendment #4), fL should equal 20.2 Hz. 


^ R, 


where Av 2 is the voltage gam of the second amplifier. 


( 6 ) 


1 

2^foRo 

(7) 

where fo is the low-frequency -3 dB corner of the first 
amplifier. This should be kept well below the audible fre¬ 
quency range. 

A design procedure is shown below with an illustrative ex¬ 
ample using 1% tolerance E96 components for close con¬ 
formance to the ideal RIAA curve. Since 1% tolerance ca¬ 
pacitors are often difficult to find except in 5% or 10% 
standard values, the design procedure calls for 
re-calculation of a few component values so that standard 
capacitor values can be used. 


RIAA PHONO PREAMPLIFIER DESIGN PROCEDURE 

1 . Choose Rq. Rq should be small for minimum noise con¬ 
tribution, but not so small that the feedback network 
excessively loads the amplifier. 

Example: Choose Rq = 500. 

2. Choose 1 kHz gam, Avi of first amplifier. This will typi¬ 
cally be around 20 dB to 30 dB. 

Example: Choose Avi = 26 dB = 20. 

3. Calculate R., = 8.058RoAvi 

Example: R^ = 8.058 x 500 x 20 = 80.58k. 


Calculate C.| 


3.18 X 10~^ 


5. If Ci is not a convenient value, choose the nearest 
convenient value and calculate a new R^ from 

3.18 X 10’^ 



Example: New C^ = 0.039 pF. 


New R^ 
Use R^ 


3.18 X 10"^ 
3.9 X 10’® 
80.61< 


81.54k 


6. 


Calculate a new value for Rq from Ro= 

, 8.058 Awi 
8.06 X 10^ 

Example; New Rn = - = 498.8. 

8.058 X 20 


Use Rq = 499. 
7. 


Ri 

Calculate ^2 “ "g— 


Example: R 2 


8.06 X 10"^ 
9 


-499 = 8456.56 


Use 8.45k. 

8 . Choose a convenient value for C 3 in the range from 
0.01 pF to 0.05 pF. 

Example; C 3 = 0.033 pF. 


7.5 X 10"^ 

Calculate Rp = --- 


7.5 X 10 ^ 

Example; Rp = -— = 2.273k. 

3.3 X 10 ® 

10. Choose a standard value for R 3 that is slightly larger 
than Rp. 

Example: R 3 = 2.37k. 

11. Calculate Rq from I/Rq = 1/Rp - I/R 3 
Example: Rq = 55.36k 

Use 54.9k. 

12. Calculate C 4 for low-frequency rolloff below 1 Hz from 
design Equation (5). 

Example: C 4 = 2 pF. Use a good quality mylar, polysty¬ 
rene, or polypropylene. 
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1. Two Stage RIAA Phono 
Preamplifier (Continued) 

13. Choose gain of second amplifier. 

Example: The 1 kHz gain up to the input of the second 
amplifier is about 26 dB for this example. For an overall 
1 kHz gain equal to about 36 dB we choose: 

Av 2 = lOdB = 3.16. 

14. Choose value for R 4 . 

Example: R 4 = 2k. 


1/2 LM833 C4 tSV 



FIGURE 3. Two-amplifier RIAA phono preamplifier with very accurate RIAA response. 


Calculate R 5 = (Av 2 - 1) R 4 
Example: R 5 = 4.32k. 

Use R 5 = 4.3k 

Calculate Cq for low-frequency rolloff below 1 Hz from 
design Equation (7). 

Example: Cq = 200 pF. 



FREQUENCY (Hz) 

00552004 

FIGURE 4. Deviation from ideai RIAA response for 
circuit of Figure 3 using 1% resistors. The maximum 
observed error for the prototype was 0.1 dB. 

The circuit of Figure 3 has excellent performance: Conform¬ 
ance to the RIAA curve is within 0.1 dB from 20 Hz to 20 kHz, 
as Illustrated in Figure 4 for a prototype version of the circuit. 
THD and noise data are reproduced in Figure 5 and Tabie 2, 
respectively. If a “perfect” cartridge with 1 mV/cm/s sensitivity 
(higher than average) is used as the input to this preampli¬ 
fier, the highest recorded groove velocities available on discs 
(limited by the cutting equipment) will fall below the IV curve 
except in the 1 kHz to 10 kHz region, where isolated occur¬ 


ences of 2V to 3V levels can be generated by one or two of 
the “superdiscs”. (See reference 4). The distortion levels at 
those frequencies and signal levels are essentially the same 
as those shown on the IV curve, so they are not reproduced 
separately here. It should be noted that most real cartridges 
are very limited in their ability to track such large velocities, 
and will not generate preamplifier output levels above 1 Vrms 
even under high groove velocity conditions. 



20 50100 200 500 1k 2k 5k 10k 20k 
FREQUENCY(Hz) 

00552005 

FIGURE 5. THD of circuit in Figure 3 as a function of 
frequency. The lower curve is for an output level of 
SOOmVrms and the upper curve is for an output level 
of IVrms. 
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1. Two Stage RIAA Phono 
Preamplifier (Continued) 


TABLE 2. Equivalent input noise and signal-to-noise 
ratio for RIAA preamplifier circuit of Figure 3. Noise 
levels are referred to gain at 1 kHz. 


NOISE WEIGHTING 

CCIR/ARM 

“A” 

FLAT 

Noise voltage 

0.26 pV 

0.23 pV 

0.37 pV 

S/N referred to 




5 mV input at 1 kHz 

86 dB 

87 dB 

82 dB 


2. Active Crossover Network for 
Loudspeakers 

A typical multi-driver loudspeaker system will contain two or 
more transducers that are intended to handle different parts 
of the audio frequency spectrum. Passive filters are usually 
used to split the output of a power amplifier into signals that 
are within the usable frequency range of the individual driv¬ 
ers. Since passive crossover networks must drive loud¬ 
speaker elements whose impedances are quite low, the 
capacitors and inductors in the crossovers must be large in 
value, meaning that they will very likely be expensive and 
physically large. If the capacitors are electrolytic types or if 
the inductors do not have air cores, they can also be signifi¬ 
cant sources of distortion. Futhermore, many desirable filter 
characteristics are either impossible to realize with passive 
circuitry, or require so much attenuation to achieve passively 
that system efficiency is severely reduced. 

An alternative approach is to use low-level filters to divide 
the frequency spectrum, and to follow each of these with a 
separate power amplifier for each driver or group of drivers. 
A two-way (or “bi-amped”) system of this type is shown in 
Figure 6. This basic concept can be expanded to any num¬ 
ber of frequency bands. For accurate sound reproduction, 
the sum of the filter outputs should be equal to the crossover 
input (if the transducers are “ideal”). While this seems to be 
an obvious requirement, it is very difficult to find a commer¬ 
cial active dividing network that meets it. Consider an active 
crossover consisting of a pair of 2nd-order Butterworth fil¬ 
ters, (one is a low-pass; the other is a high-pass). The 
transfer functions of the filters are of the form: 

v(s) _ 1 

V|n(s) + '/Is + 1 


PWR 



FIGURE 6. Block diagram of a two-way loudspeaker 
system using a low level crossover network ahead of 
the power amplifiers. 

The output will therefore never exactly equal the input signal 
(except in the trivial case of a DC input). Figure 7 shows the 
response of this crossover to a square wave input, and the 
amplitude and phase response of the crossover to sinusoidal 
steady state inputs can be seen in Figure 8. Higher-order 
filters will yield similarly dissatisfying results when this ap¬ 
proach is used. 

A significant improvement can be made by the use of a 
constant voltage crossover like the one shown in Figure 9. 
The term “constant voltage” means that the outputs of the 
high-pass and low-pass sections add up to produce an exact 
replica of the input signal. The rolloff rate is 12 dB/octave. 
The input impedance is equal to R/2, or 12 k^^ in the circuit 
of Figure 9. The LM833 is especially well-suited for active 
filter applications because of its high gain-bandwidth prod¬ 
uct. The transfer functions of this crossover network are of 
the form 

V|_(s) s + 1 

V||^(s) a 3 S^ + 32$^ + s + 1 

and 

V^Cs) a3S^ + a2S^ 

V||^(s) a 3 S^ + a 2 S^ + a^ s + 1 



Vh(^) ^ 

V||m(s) + sTZs + 1 5 

i 

and their sum is: 

\is) Vh(s) _ 1 + s2 

V|n(s) V„^(s) + ^fls + 1 


FIGURE 7. Response of second-order Butterworth 
crossover network (high-pass and low-pass outputs 
summed) to a square wave input (dashed line) at the 
crossover frequency. Period is Tc = 1/fc- 
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2. Active Crossover Network for Loudspeakers (Continued) 



20 50 100200 5001k 2k 5k 10k 20k 
FREQUENCY (Hz) 


(a) 



20 50 100 200 500 Ik 2k 5k 10k 20k 
FREQUENCY (Hz) 


00552017 

(b) 


FIGURE 8. Magnitude (a) and phase (b) response of a second-order, 1 kHz Butterworth crossover network with the 
high-pass and low-pass outputs summed. The individual high-pass and low-pass outputs are superimposed (dashed 

lines). 



FIGURE 9. Constant-voltage crossover network with 12 dB/octave slopes. 
The crossover frequency is equal to ^ 

23tRC ‘ 


The low-pass and high-pass constant voltage crossover out¬ 
puts are plotted in Figure 10. The square-wave response 
(not shown) of the summed outputs is simply an inverted 


square-wave, and the phase shift (also not shown) is essen¬ 
tially 0° to beyond 20 kHz. 
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2. Active Crossover Network for 
Loudspeakers (Continued) 



20 50100200 500 Ik 2k 5k 10k 20k 
FREQUENCY (Hz) 


00552010 


FIGURE 10. Low-pass and high-pass responses of 
constant-voltage crossover network in Figure 9 with 
crossover frequency of 1 kHz. For the circuit of Figure 
9, ai=4, 32=4, and a3=1. Note that the summed 
response (dashed lines) is perfectly flat. 


It IS important to remember that even a constant voltage 
crossover transfer function does not guarantee an ideal 
overall system response, because the transfer functions of 
the transducers will also affect the overall response. This can 
be minimized to some extent by using drivers that are “flat” at 
least two octaves beyond the crossover frequency. 

3. Infrasonic and Ultrasonic Filters 

In order to ensure “perfectly flat” amplitude response from 20 
Hz to 20 kHz, many audio circuits are designed to have 
bandwidths extending far beyond the audio frequency range. 
There are many high-fidelity systems, however, that can be 
audibly improved by reducing the gain at frequencies above 
and below the limits of audibility 

The phonograph arm/cartridge/disc combination is the most 
significant source of unwanted low-frequency information. 
Disc warps on SSVa rpm records can cause large-amplitude 
signals at harmonics of 0.556 Hz. Other large low-frequency 
signals can be created at the resonance frequency deter¬ 
mined by the compliance of the pickup cartridge and the 
effective mass of the cartridge/arm combination. The mag¬ 
nitude of undesireable low-frequency signals can be espe¬ 
cially large if the cartridge/arm resonance occurs at a warp 
frequency. Infrasonic signals can sometimes overload ampli¬ 
fiers, and even in the absence of amplifier overload can 
cause large woofer excursions, resulting in audible distortion 
and even woofer damage. 


90.9k 



FIGURE 11. Filter for rejection of undersireable infrasonic signals. Filter characteristic is third-order Butterworth with 
-3 dB frequency at 15 Hz. Resistor and capacitor values shown are for 1% tolerance components. 5% tolerance units 

can be substituted in less critical applications. 


0 001 a 4F 270 pF 



FIGURE 12. Ultrasonic rejection filter with fourth-order Bessel low-pass characteristic. The filter gain is down 3 dB at 
about 40 kHz. As with the infrasonic filter, 1% tolerance components should be used for accurate response. 
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3. Infrasonic and Ultrasonic Filters 

(Continued) 

Ultrasonic signals tend to cause problems In power amplifi¬ 
ers when the amplifiers exhibit distortion mechanisms due to 
slew rate limitations and other high frequency nonlinearities. 
The most troublesome high-frequency signals come princi¬ 
pally from moving-coil cartridges and sometimes from tape 
recorders if their bias oscillator outputs manage to get into 
the audio signal path. Like the infrasonic signals, ultrasonic 
signals can place distortion products in the audio band even 
though the offending signals themselves are not audible. 
The circuits in Figure 11 and Figure attenuate out-of-band 
signals while having minimal effect on the audio program. 
The infrasonic filter in Figure 11 \s a third-order Butterworth 
high-pass with its -3 dB frequency at 15 Hz. The attenuation 
at 5 Hz is over 28 dB, while 20 Hz information is reduced by 
only 0.7 dB and 30 Hz information by under 0.1 dB. 

The ultrasonic filter in Figure 12 is a fourth-order Bessel 
alignment, giving^cellSit phase characteristics. A Bessel 
filter approximates a delay line within its passband, so com¬ 
plex in-band signals are passed through the filter with neg¬ 
ligible deration of the phase relationships among the vari- 
^ oua in-band signal frequencies. The circuit shown is down 
0.65 dB at 20 kHz and -3 dB at about 40 kHz. Rise time is 
limited to about 8.5 pSec. 

The high-pass and low-pass filters exhibit extremely low 
THD, typically under 0.002%. Both circuits must be driven 
from low impedance sources (preferably under 100 ohms). 
5% components will often yield satisfactory results, but 1% 
values will keep the filter responses accurate and minimize 
mismatching between the two channels. The amplitude re¬ 
sponse of the two filters in cascade is shown in Figure 13. 
When the two filters are cascaded, the low-pass should 
precede the high-pass. 



1 10 100 Ik 10k 100k 

FREQUENCY (Hz) 


00552013 


FIGURE 13. Amplitude response of infrasonic 
and ultrasonic filters connected in series. 

4. Transformerless Microphone 
Preamplifiers 

Microphones used in professional applications encounter an 
extremely wide dynamic range of input sound pressure lev¬ 
els, ranging from about 30 dB SPL (ambient noise In a quiet 
room) to over 130 dB SPL. The output voltage of a low 
impedance (200 ohm) microphone over this range of SPLs 
might typically vary from 20 pV to 2V rms, while its 


self-generated output noise would be on the order of 0.25 pV 
over a 20 kHz bandwidth. Since the microphone’s output 
dynamic range is so large, a preamplifier for microphone 
signals should have an adjustable gain so that it can be 
optimized for the signal levels that will be present in a given 
situation. Large signals should be handled without clipping 
or excessive distortion, and small signals should not be 
degraded by preamplifier noise. 


1/2 LM833 



00552014 


FIGURE 14. Simple transformerless microphone 
preampiifier using LM833. R-,, R 2 , 
and R 3 are 0 . 1 % toierance units (or Rg can be 
trimmed). 

For a consen/ative low noise design, the preamplifier should 
contribute no more noise to the output signal than does the 
resistive portion of the source impedance. In practical appli¬ 
cations, it is often reasonable to allow a higher level of input 
noise in the preamplifier since ambient room noise will usu¬ 
ally cause a noise voltage at the microphone output termi¬ 
nals that is on the order of 30 dB greater than the micro¬ 
phone’s intrinsic (due to source resistance) noise floor. 
When long cables are used with a microphone, its output 
signal is susceptable to contamination by external magnetic 
fields—especially power line hum. To minimize this problem, 
the outputs of most professional microphones are balanced, 
driving a pair of twisted wires with signals of opposite polar¬ 
ity. Ideally, magnetic fields will induce equal voltages on each 
of the two wires, which can then be cancelled if the signals 
are applied to a transformer or differential amplifier at the 
preamplifier input. 

The circuits in Figure 14 and Figure 15 are transformerless 
differential input microphone preamplifiers. Avoiding trans¬ 
formers has several advantages, including lower cost, 
smaller physical size, and reduced distortion. The circuit of 
Figure 14 is the simpler of the two, with two LM833s ampli¬ 
fying the input signal before the common-mode noise is 
cancelled in the differential amplifier. The equivalent input 
noise is about 760 nV over a 20 Hz to 20 kHz frequency 
band (-122 dB referred to IV), which is over 26 dB lower 


www.national.com 


5-10 










4. Transformerless Microphone 
Preamplifiers (Continued) 

than a typical microphone’s output from the 30 dB SPL 
ambient noise level in a quiet room. THD is under .01% at 
maximum gain, and .002% at minimum gain. For more criti¬ 
cal applications with lower sensitivity microphones, the cir¬ 
cuit of Figure 15 uses LM394s as input devices for the 
LM833 gain stages. The equivalent input noise of this circuit 
is about 2.4 nv/VHz, at maximum gain, resulting in a 20 Hz to 
20 kHz input noise level of 340 nV, or -129 dB referred to IV. 
In both circuits, potentiometer R 4 is used to adjust the circuit 
gam from about 4 to 270. The maximum gain will be limited 
by the minimum resistance of the potentiometer. If R^, Rg, 
and R 3 are all 0 . 1 % tolerance units, the rejection of hum and 
other common-mode noise will typically be about 60 dB, and 
about 44 dB worst case. If better common-mode rejection is 


needed, one of the RgS can be replaced by an 18k resistor 
and a 5k potentiometer to allow trimming of CMRR. To 
prevent radio-frequency interference from getting into the 
preamplifier inputs, it may be helpful to place 470 pF capaci¬ 
tors between the inputs and ground. 

References: 

1) S. P. Lipshitz, J. Audio Eng. Soc., “On RIAA Equalization 
Networks”, June 1979. 

2) P. J. Baxandall, J. Audio Eng. Soc., Letter, pp47-52, Jan 
1981. 

3) Ashley and Kaminsky, J. Audio Eng. Soc., “Active and 
Passive Filters as Loudspeaker Crossover Networks”, June 
1971. 

4) T. Holman, Audio, “Dynamic Range Requirements of Pho¬ 
nographic Preamplifiers”, July 1977. 
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FIGURE 15. Transformerless microphone preamplifier similar to that of Figure 14, 
but using LM394s as low-noise input stages. 
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Appendix I: Derivation of RiAA 
Phono Preamplifier Design 
Equations (8), (9), (10). 

The first three design equations on the third page are de¬ 
rived here. The derivations of the others should be apparent 
by observation. The purpose of the preamplifier’s first stage 
is to produce the transfer function: 


AyCs) = Ay(dc) 


(3.18 X 10'^ + 1) 
(3.18 X 10’^ + 1) 


( 8 ) 


where Av(dc) is the dc gain of the first stage. 

The actual first stage transfer function is (ignoring Cq): 


Av(s) = 


sC, (RqR, + R, R 2 ) + Rq + Ri + R 2 



^ (RqRi + Ri R 2 ) 

sCi +1 

Kq + Ki + K 2 

Rq + Rl + R 2 

- h - 

_ sq R^ + 1 _ 


Equating terms, we have: 

(RqRi + R^ R2) 


= 3.18 X 10"^ 


C 1 R 1 = 3.18 X 10-3 
Rn + Ri + R; 


(9) 


( 10 ) 

( 11 ) 


Av(dc) = 

■'U 

( 12 ) 

Note that Equation (11) is quivalent to Equation (2) on page 
three. 

From Equation (10) and Equation (11) we have: 

^1 ^1 ^^0 ^ 2 ^ ^1 ^1 


10 


(13) 


Therefore: 


Rn + Ro 


= 10 


(14) 


= 9 


( 15 ) 


and R 2 = V ■ '^0 

(16) 

Equation (16) is equivalent to design Equation (3) on page 
three. 

Combining Equation (12) and Equation (16), 


Ay(dc) = 


Rq + R^ + R2 


R, (1 + 1/9) 


(17) 

Finally, solving for and using Av(dc) = 8.9535Av (1 kHz) 
yields: 


Rq Ay(dc) 

= 0.9RQAy(dc) = 8.058Ay (1 kHz) Rg , 

(18) 

which is equivalent to Equation (1) on page three. 


Appendix II: Standard E96 (1%) 
Resistor Values 


Standard Resistor Values (E-96 Series) | 

10.0 

13.3 

17.8 

23.7 

31.6 

42.2 

56.2 

75.0 

10.2 

13.7 

18.2 

24.3 

32.4 

43.2 

57.6 

76.8 

10.5 

14.0 

18.7 

24.9 

33.2 

44.2 

59.0 

78.7 

10.7 

14.3 

19.1 

25.5 

34.0 

45.3 

60.4 

80.6 

11.0 

14.7 

19.6 

26.1 

34.8 

46.4 

61.9 

82.5 

11.3 

15.0 

20.0 

26.7 

35.7 

47.5 

63.4 

84.5 

11.5 

15.4 

20.5 

27.4 

36.5 

48.7 

64.9 

86.6 

11.8 

15.8 

21.0 

28.0 

37.4 

49.9 

66.5 

88.7 

12.1 

16.2 

21.5 

28.7 

38.3 

51.1 

68.1 

90.9 

12.4 

16.5 

22.1 

29.4 

39.2 

52.3 

69.8 

93.1 

12.7 

16.9 

22.6 

30.1 

40.2 

53.6 

71.5 

95.3 

13.0 

17.4 

23.2 

30.9 

41.2 

54.9 

73.2 

97.6 
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Audio Noise Reduction and 
Masking 


National Semiconductor 
Application Note 384 
Martin Giles 



Introduction 

Audio noise reduction systems can be divided into two basic 
approaches. The first is the complementary type which in¬ 
volves compressing the audio signal in some well-defined 
manner before it is recorded (primarily on tape). On play¬ 
back, the subsequent complementary expansion of the au¬ 
dio signal which restores the original dynamic range, at the 
same time has the effect of pushing the reproduced tape 
noise (added during recording) farther below the peak signal 
level—and hopefully below the threshold of hearing. 

The second approach is the single-ended or 
non-complementary type which utilizes techniques to reduce 
the noise level already present in the source material—in 
essence a playback only noise reduction system. This ap¬ 
proach is used by the LM1894 integrated circuit, designed 
specifically for the reduction of audible noise in virtually any 
audio source. 

While either type of system is capable of producing a signifi¬ 
cant reduction in audible noise levels, compandors are in¬ 
herently capable of the largest reduction and, as a result, 
have found the most favor in studio based equipment. This 
would appear to give compandors a distinct edge when it 
comes to translating noise reduction systems from the studio 
or lab to the consumer marketplace. Compandors are not, 
unfortunately, a complete solution to the audio noise prob¬ 
lem. If we summarize the major desirable attributes of a 


noise reduction system we will come up with at least eight 

distinct things that the system must do—and no system as 

yet does all of them perfectly. 

1) The reproduced signal (now free of noise) is audibly 
identical to the original signal in terms of frequency re¬ 
sponse, transient response and program dynamics. The 
stereo image is stable and does not wander. 

2) Overload characteristics of the system are well above the 
normal peak signal level. 

3) The system electronics do not produce additional noise 
(including perturbations produced by the control signal 
path). 

4) Proper response of the system does not depend on 
phase/frequency or gain accuracy of the transmission 
medium. 

5) System operation does not cause audible modulation of 
the noise level. 

6 ) The system enables the full dynamic range of the source 
to be utilized without distortion. 

7) The recorded signal sounds natural on playback—even 
when decoding is not used. This means that the system 
is compatible with existing equipment. 

8 ) Finally, the system is universal and can be used with any 
medium; disc, FM broadcast, television broadcast, audio 
and video tapes. 
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FIGURE 1. Comparison of Noise Reduction Systems 


Although no system presently meets all these 
requirements—and the performance level they do reach is 
often judged subjectively—they provide a useful set of per¬ 
formance standards by which to judge the n.r. systems that 
are available. In particular, in the consumer field items 7) and 
8 ) are significant. The most popular n.r. system, Dolby B 
Type, got that way in part because pre-recorded and en¬ 
coded tapes could be played back on tape-decks that did not 
have Dolby B decoders (Dolby B uses a relatively small 


amount of compression and that only for low level higher 
frequency signals). Similarly, DNR™, which uses the 
LM1894, is gaining in popularity because it does not require 
any encoding and, in addition, can work with any audio 
source, including Dolby B encoded tapes. 

DNR is a non-complementary noise reduction system which 
can give up to 14 dB noise reduction in stereo program 
material. The operation of the LM1894 is dependent on two 


5 


5-13 


www.national com 


AN-384 





AN-384 


Introduction (Continued) 

principles; that the audible noise is proportional to the sys¬ 
tem bandwidth—decreasing the bandwidth decreases the 
noise—and that the desired signal is capable of “masking” 
the noise when the signal to noise ratio is sufficiently high. 
DNR automatically and continuously changes the system 
bandwidth in response to the amplitude and frequency con¬ 
tent of the program. Restricting the bandwidth to less than 1 
kHz reduces the audible noise by up to 14 dB (weighted) and 
a special spectral weighting filter in the control path ensures 
that the bandwidth is always increased sufficiently to pass 
any music that may be present. Because of this ability to 
analyze the auditory masking qualities of the program mate¬ 
rial, DNR does not require the source to be encoded in any 
special way for noise reduction to be obtained. 
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FIGURE 2. Stereo Noise Reduction System (DNR) 

Noise Reduction by Bandwidth 
Restriction 

The first principle upon which DNR is based—that a reduc¬ 
tion in system bandwidth is accompanied by a reduction in 
noise level—is rather easy to show. If our system noise is 
assumed to be caused solely by resistive sources then the 
noise amplitude will be uniform over the frequency band¬ 
width. The total or aggregate noise level Ont is given by the 
familiar formula 


e,^-P =V4KTBR 

( 1 ) 

K = Boltzmanns cons’t 
T = absolute temp. 

B = bandwidth 
R = source resistance 

At any single frequency, the noise amplitude measured in a 
bandwidth of 1 Hz is Sn , and therefore 

^ = ®nVB 

( 2 ) 

This shows that the total noise, and hence the S/N ratio, is 
directly proportional to the square root of the system band¬ 
width. For example, if the system bandwidth is changed from 
30 kHz to 1 kHz, the aggre gate S/N ratio changes by 
20 log^oVl X103 - 20log^oV30x103 = -14.8 dB 


This result, although mathematically correct, is not exactly 
what will occur in practice for several reasons. Most audio 
systems will have a generally smooth noise spectrum similar 
to white noise, but the amplitude is not necessarily uniform 
with frequency. In audio cassette systems where the domi¬ 
nant noise source is the tape itself, the frequency response 
often falls off rapidly beyond 12 kHz anyway. For video tapes 
with very slow longitudinal audio tracks, the frequency re¬ 
sponse is well below 10 kHz, depending on the recording 
mode. Disc noise generally increases towards the low fre¬ 
quency end of the audio spectrum whereas FM broadcast 
noise decreases below 2 kHz. On the other hand, the fre¬ 
quency range of the noise spectrum is not always indicative 
of Its obtrusiveness. The human ear is most sensitive to 
noise in the frequency range from 800 Hz to just above 
8 kHz. Because of this, a weighting filter inserted into the 
measurement system which gives emphasis to this fre¬ 
quency range, produces better correlation between the S/N 
“number” and the subjective impression of noise audibility. 
Generally speaking, a typical tape noise spectrum and a 
weighting filter such as CCIR/ARM will yield noise reduction 
numbers between 10-14 dB when a single pole low pass 
filter is used to restrict the audio bandwidth to less than 
1 kHz. Up to 18 dB noise reduction is possible with a two 
pole low pass filter. Consistent with the many reported ex¬ 
periments on ear sensitivity (Fletcher-Munson, 
Robinson-Dadson etc.) we see that decreasing the band¬ 
width below 800 Hz is not particularly beneficial, and that 
once the bandwidth is above 8 kHz, there is little perceived 
increase in the audible noise level. 
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FIGURE 3. Reduction in Noise Level with Decreasing 
Bandwidth Audio Cassette Tape Noise Source— 
CCIR/ARM Weighted a) single pole low pass filter; 
b) two pole low pass filter 

Auditory Masking 

Obviously restricting the system bandwidth to less than 
1 kHz in order to reduce the noise level will not be very 
satisfactory if the program material is similarly restricted, and 
this is where the second operating principle of DNR comes 
into play—whenever a sound is being heard it reduces the 
ability of the listener to hear another sound. This is known as 
auditory masking and is not a newly discovered phenom¬ 
enon. It has been investigated for many years, primarily in 
connection with noise masking the ability of the listener to 
hear tones. The measurements have been made under 
steady state conditions and are summarized in the curves of 
Figure 4. Before discussing the shape of the curves and the 
conclusions that can be drawn it is worth looking at the 
scales employed. One difficulty that occurs in evaluating 
electronic equipment for audio is to be able to relate a 
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Auditory Masking (Continued) 

quantity measured in electrical terms to the subjective stimu¬ 
lus (hearing) that it produces. For audio we are most inter¬ 
ested in the conversion of electrical power into acoustic 
power. Since neither sound power nor sound intensity can 
be measured directly, we must use a related quantity known 
as sound pressure level (SPL) as our reference scale in 
Figure 4. The reference sound pressure, which approxi¬ 
mates the threshold of hearing at 1 kHz is 0.0002 pBars 
(10® pBars = 1 Bar = 1 atmosphere). For this sound pres¬ 
sure scale, the level at which noise spectra will appear 
depends on the degree of amplification we are giving the 
desired signal to produce the maximum anticipated sound 
pressure. Typically a maximum preferred listening level is 
+90 dB (SPL) and the assumption is made that the total 
audio system, including speakers, is producing this SPL at 
the listener’s ear when the recorded level (on tape, for 
example) corresponds to OVU. By comparing the amplitude 
of noise spectra with this OVU level signal we obtain the tape 
noise curves of Figure 4 and can compare them with the 
audible noise threshold. Increasing the volume level by 10 
dB (say), to compensate for a lower recording level will raise 
all the noise spectra curves by 10 dB. The audible noise 
threshold curve does not change with changes in SPL pro¬ 
duced by twiddling the volume control (except after pro¬ 
longed listening at high levels) since it depends on the 
characteristics of the ear and partly upon the masking effects 
of room noise. s 
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FIGURE 4. Relating the Spectral Sensitivity of the Ear 
to Tones and Audible Noise with the Noise 
Output Level from an Electric Source 

The upper solid curve in Figure 3 shows the sensitivity of the 
ear to pure tones in a typical room environment. Notice that 
tones at very low frequencies and at very high frequencies 
must be much louder than tones at mid-frequencies in order 
to be heard. The lower solid curve shows the spectrum level 
of just audible white noise. This curve is some 20 dB-30 dB 
below the tone spectrum because, unlike a single tone, 
noise has spectral components at all frequencies. Noise 
spectra at frequencies either side of a specific frequency 
contribute to the auditory sensation and thus can be heard at 
a lower threshold level. The two curves also imply that noise 
at or above the lower curve is able to completely mask single 
tones on the upper curve. Also sources with noise spectra 
above the lower curve are going to be audible. Clearly for 
cassette tapes we need to push the noise level down by 
another 10 dB if it is to be inaudible at preferred listening 


levels. If the tape is under-recorded and the volume level 
increased to compensate, yet more noise reduction is 
needed. 

Reversing these conclusions to determine the ability of tones 
to mask the noise is not as easy. The hearing mechanism in 
the ear involves the basilar membrane which is approxi¬ 
mately 30 mm long by 0.5 mm wide. The nerve endings 
giving the sensation of hearing are spaced along this mem¬ 
brane so that the ability to hear at one frequency is not 
masked at another frequency when the frequencies are well 
separated. White noise can excite the entire basilar mem¬ 
brane since it has spectral components at all frequencies. 
For any single frequency therefore, there will be a band of 
noise spectra capable of simultaneously exciting the nerve 
endings that are responding to the single frequency—and 
masking occurs. Conversely, a single tone at the upper 
curve level is quite incapable of masking noise spectra at the 
lower curve level snce it can only excite nerve endings at 
one particular point on the membrane. Noise spectra at 
frequencies on either side of the tone will still excite different 
parts of the membrane—and will be heard. Extremely high 
SPL’s are required if single tones are to raise the audible 
noise threshold level and provide masking. As might be 
expected, the most effective tone frequencies are near the 
natural resonance of the ear—between 700 Hz and 
1 kHz—and even then SPL’s higher than 75 dB are needed 
for masking noise at 16 dBSPL. Fortunately for n.r. systems 
in general, including compandors, this applies only to pure 
tones. As soon as the tone acquires distortion, frequency 
modulation or transient qualities, or a mixture of tones is 
present, the masking abilities change dramatically. Typically 
music and speech, with high energy concentration around 
1 kHz, can be regarded as excellent noise masking 
sources—up to 30 dB more effective than single tones. 
Therefore, recorded signals at an average level of 40-45 dB 
SPL will allow a full audio bandwidth to be used without the 
noise becoming audible. Signal levels lower than this can 
provide adequate masking, particularly if the source has 
employed dynamic range compression (FM broadcast for 
example), but speech and solo musical instruments are 
likely to betray noise modulation. These conclusions can 
apply equally to complementary noise reduction systems 
with the noise modulation effects depending on the degree 
of compression/expansion and the threshold level at which 
compression begins in the record chain. 

Control Path Filtering and 
Transient Characteristics 

If the signal source always maintained a relatively high SPL, 
then there wouldn’t be any need for an n.r. system. However, 
when the program material SPL momentarily drops, the 
noise is unmasked and becomes audible. Much of the de¬ 
sign effort involved in n.r. systems is in making the system 
track the program dynamics so that unmasking does not 
occur—at least not audibly. Similarly when the program 
material increases abruptly following a quiet passage, the 
n.r. system must respond quickly enough that the audio 
material is not distorted. For DNR, this means that the -3 dB 
corner frequency of the low pass filters inserted in each 
audio channel must increase quickly enough to pass all the 
music yet decrease back to around 1 kHz in the absence of 
music to reduce the noise. Matching low pass filters are used 
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Control Path Filtering and 
Transient Characteristics (Continued) 

with a flat response below the cut-off frequency, and a 
smoothly decreasing response (-6 dB/octave) above the 
cut-off frequency, which can be varied from 800 Hz to over 
30 kHz by the control signal. 

A first approach to generating this control signal might be to 
use a filter and a gain block, driving a peak detector circuit. 
Since the amplitude spectra of musical instruments falls off 
with increasing frequency, and the characteristics of the ear 
are such that masking is most effective with sounds around 
1 kHz, a reasonable filter for the control path might be low 
pass. This turns out not to be the case. To take a worse case 
situation (from the viewpoint of masking), when a French 
Horn is the dominant source, most of the energy is at fre¬ 
quencies below 1 kHz. If we were detecting this energy 
through a low pass filter, the control path would respond to 
the high amplitude and cause the audio filters to open to full 
bandwidth. Noise in the 2 kHz and above region would be 
promptly unmasked and audible. To avoid this, DNR uses a 
highpass filter in the control path. Below 1.6 kHz, the re¬ 
sponse falls at an 18 dB/octave rate. Above 1.6 kHz the filter 
response increases at a 12 dB/octave rate until ^*-3dB 
corner frequency around 6 kHz is reached. After this the 
response is allowed to drop again and may include notches 
at 15.734 kHz (for television sound), or at 19 kHz to sup¬ 
press the subcarrier pilot signal in FM stereo broadcasts. 
Returning to the case of the French Horn, the absence of 
high amplitude higher frequency harmonics means that the 
control signal will generate only a small increase in the audio 
bandwidth (depending on the sound level) and the noise will 
remain filtered out. 

Contrasted with this, multiple Instruments, or solo instru¬ 
ments such as the violin or trumpet, can have significant 
energy levels above 1 kHz which not only provide masking at 
higher frequencies but also require wider audio bandwidths 
for fidelity transmission in the audio path. Put another way. 
when the presence of high frequencies is detected in tho 
control path we know that the audio bandwidth must be 
increased and that simultaneously large levels of signal 
energy are present in the critical masking frequency range. 
Since the harmonic amplitude can decrease rapidly with 
increase in frequency, the control sensitivity is raised at a 
12 dB/octave rate up to 6 kHz to ensure that an adequate 
audio bandwidth is always maintained. 

The attack and release times of the control path signal are 
also based on typical program dynamics and the character¬ 
istics of the human ear. If the detector cannot respond to the 


leading edge transient in the music, then distortion in the 
audio path will result from the initial loss of high frequency 
components. As might be expected, the rise time of any 
musical selection will depend on the Instruments that are 
being played. An English Horn is capable of reaching 60% of 
its peak amplitude in 5 ms. For other instruments, rise-times 
can vary from 50 ms to 200 ms whereas a hand-clap can be 
as fast as 0.5 ms With this data in mind, DNR has been 
designed with an attack time of 0.5 ms. A distinction should 
be made in the effects of longer attack times for DNR com¬ 
pared to a companding noise reducer. If the compander 
does not respond immediately to an input transient, then 
instantaneous overload of the audio path can occur, with an 
overshoot amplitude as much as the maximum compression 
capability. If the system does not have adequate headroom, 
this overshoot can cause audible effects that last for longer 
than the period of the overshoot. The DNR filters simply 
cannot produce such an overshoot by failure to respond to 
the input rise-time. Since the ear has difficulty registering 
sounds of less than 5 ms duration, and can tolerate severe 
distortion if it lasts less than 10 ms, DNR has considerable 
flexibility in the choice of detector attack time. 

Attack time is only half the story. Once the detector has 
responded to a musical transient. It needs to decay back to 
the quiescent output level at the cessation of the transient. A 
slow decay time would mean that for a period following the 
end of the transient, the system audio bandwidth would still 
be relatively wide. The noise in this bandwidth would be 
unmasked’ and a noise “burst” heard at the end of each 
musical transient. Conversely, if the release time is short to 
ensure a rapid decrease in bandwidth, a loss in musical 
“ambience” will occur with the suppression of harmonics at 
the end of a large signal transient. To avoid this, DNR uses 
a natural decay to within 10% of the final value in 60 ms. The 
inability of the ear to recover for 100 ms to 150 ms following 
a loud sound prevents the noise that is present (until tho 
bandwidth is closed down) from being heard, Acjain a con 
trast with compander action is appropriate As tho DNH 
detector control voltage decays, the bandwidtti starts to 
diminish. Initially only high frequencies are affoctod and 
since the harmonic amplitude of the signal is also decaying 
rapidly, the audio is unaffected by this decrease in band¬ 
width. For a compander however, as the control voltage 
decays, the system gam is altered—which also affects the 
signal mid-band and low frequency components. Thus, as 
with attack times, DNR is substantially less affected by the 
choice of release times, permitting a high tolerance in com¬ 
ponent values. 
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Control Path Filtering and Transient Characteristics (Continued) 



FIGURE 5. With Most Musical Instruments, As Well As Speech, Energy Is Concentrated around 1 kHz with a Rapid 

Fall-Off in Level above 6 kHz 


Circuit Operation 

The entire DNR system is contained within a single I/C and 
consists of two main functional signal paths. The audio path 
includes two low distortion low pass filters for a stereo audio 
source and the control path has a summing amplifier, vari¬ 
able gain filter amplifier and a peak detector. These functions 
are combined as shown in Figure 7 which also shows the 
typical external components required for a complete n.r. 
system. By low distortion, we mean a filter that maintains the 
same cut-off slope and does not peak at the corner fre¬ 
quency as this frequency is changed. A 6 dB/octave filter 
slope was chosen since this provides a reasonable amount 
of noise reduction when the -3 dB frequency is less than 
2 kHz and does not audibly affect the program material when 
the control path threshold is correctly set. It is possible to 
cascade the two audio filters—with a corresponding reduc¬ 
tion in the size of the feedback capacitors to maintain the 
same operating frequency range—for a 12 dB/octave slope 
and up to 18 dB noise reduction. However, this steeper 
roll-off characteristic is better suited for program material that 
is relatively deficient in high frequency content, early record¬ 
ings or video tapes for example. 

Each audio filter consists of a variable transconductance 
stage driving an amplifier with capacitative feedback. For a 
fixed capacitor value, as the transconductance is changed 
by the control signal, the open loop unity gain frequency is 
changed correspondingly, giving a variable corner frequency 
low-pass filter. Of particular importance in the design is the 
need to avoid voltage offsets at the filter output caused by 


control action, and the ability of the input stage to accommo¬ 
date large signal swings without introducing distortion. Out¬ 
put offset voltages are not necessarily proportional to the 
change in control voltage but will, in any case, be accompa¬ 
nied by a significant change in the program level. Extensive 
listening tests have shown that offset voltages 26 dB or more 
below the nominal signal input level will not be heard. Over¬ 
load capability is dependent on the input stage current level 
and the available supply voltage, but even with an 8 VDC 
supply the LM1894 can handle signals more than 20 dB over 
the nominal input level without increased distortion. 



100 IK 10K 100K 

FREQUENCY(Hz) 


00838906 

FIGURE 6. Control Path Characteristic (Including 
Optional 19 kHz Notch) 
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Circuit Operation (Continued) 



FIGURE 7. The DNR System with Recommended Circuit Values 


A summing amplifier is used at the input to the control path 
so that both left and right audio channels contribute to the 
control signal. Both audio filters are controlled with the same 
signal yielding matched audio bandwidths and maintaining a 
stable stereo image. From the summing amplifier the signal 
passes through a high-pass filter formed by the coupling 
capacitor and a 1 kil potentiometer. These components pro¬ 
duce an amplitude roll-off below 1.6 kHz to avoid control 
path overload and help prevent high level, low frequency 
signals (drum beats for example) from activating the detector 
unnecessarily. The potentiometer provides a means to ad¬ 
just the overall gain of the control path such that the input 
source noise level is able to just cross the detector threshold 
and begin opening the audio bandwidth. The correct adjust¬ 
ment point is one that permits alternate use and bypass of 
the DNR system with no audible change in the program 
material—other than reduction of background noise. Also, 
on more difficult program material where the S/N ratio is so 
poor that masking is not completely effective, the potentiom¬ 
eter can be set to limit the maximum audio bandwidth so that 
noise pumping is avoided. For systems with a predictable 
noise level such as cassette recorders, the potentiometer 
can be replaced by two suitable fixed resistors. Further 
filtering of the control signal is done at the input to the gain 
stage and at the input to the detector stage. The input 
capacitors to these stages form high pass filters with internal 
resistors and are cascaded for a combined corner frequency 
(-3 dB) of around 6 kHz. Finally the detector attack and 
release times are set to the previously described values by 
an external capacitor connected to the peak detector output. 
This paper has described the DNR non-complementary 
noise reduction system In terms of the functional blocks and 


the psychocoustic background necessary to understand the 
operating principles. For a more complete circuit description 
and practical details on the use of the LM1894, see the data 
sheet and AN386. Note that DNR is a trademark of National 
Semiconductor Corporation and that use of the DNR logo is 
by license agreement only. 
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A Non-Complementary 
Audio Noise Reduction 
System 

Introduction 

The popularity of companding or complementary noise re¬ 
duction systems is self-evident. Nearly all medium to high 
quality cassette tape decks include either Dolby®B or Dolby 
C type noise reduction. A scant few have different systems 
such as dbx or Hi-Com. The universal appeal of compandors 
to n.r system designers is the amount of noise reduction 
they can offer, yet one of the major reasons the Dolby B 
system gained dominance in the consumer marketplace is 
because it offered only a limited degree of noise reduction 
— just 10 dB. This was sufficient to push cassette tape 
noise down to the level where it became acceptable in 
good-quality applications, yet wasn’t enough that undecoded 
playback on machines not equipped with a Dolby B system 
was unsatisfactory — quite the contrary, in fact. The h.f. 
boost on Dolby B encoded tapes when reproduced on sys¬ 
tems with modest speakers was frequently preferred. Since 
companding systems are so popular, it is not unreasonable 
to ask, “why do we need another noise reduction system?” 
For many of the available audio sources today, compandors 
are not a solution for audio noise. When the source material 
is not encoded in any way and has perceptible noise, 
complementary noise reduction is not possible. This includes 
radio and television broadcasts, the majority of video tapes 
and of course, older audio tape recordings and discs. The 
DNR™ single-ended n.r. system has been developed spe¬ 
cifically to reduce noise in such sources A single-ended 
system, able to provide noise reduction where non previ¬ 
ously existed, and which avoids compatability restraints or 
the imposition of yet another recording standard for con¬ 
sumer equipment, is therefore attractive. 

The DNR system can be implemented by either of two 
integrated circuits, the LM1894 or the LM832, both of which 
can offer between 10 and 14 dB noise reduction in stereo 
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program material. Although differing in some details (the 
LM832 IS designed for low-signal, low-supply voltage appli¬ 
cations) the operation of the integrated circuits is essentially 
the same. Two basic principles are involved; that the noise 
output is proportional to the system bandwidth, and that the 
desired program material is capable of “masking” the noise 
when the signal-to-noise ratio is sufficiently high. DNR auto¬ 
matically and continuously changes the system bandwidth in 
response to the amplitude and frequency content of the 
program. Restricting the signal bandwidth to less than 1 kHz 
reduces the audible noise and a special spectral weighting 
filter in the control path ensures that the audio bandwidth in 
the signal path is always increased sufficiently to pass any 
music that may be present. Because of this ability to dynami¬ 
cally analyze the auditory masking qualities of the program 
material, DNR does not require the source to be encoded in 
any special way for noise reduction to be obtained. This 
paper deals with the design and operating characteristics of 
the LM1894. For a more complete description of the prin¬ 
ciples behind the DNR system, refer to AN-384. 

The DNR System Format 

A block diagram showing the basic format of the LM1894 is 
shown in Figure 1. This is a stereo system with the left and 
right channel audio signals each being processed by a con¬ 
trolled cut-off frequency (f _3 ^b) low-pass filter. The filter 
cut-off frequency can be continuously and automatically ad¬ 
justed between 800 Hz and 35 kHz by a signal developed in 
the control path. Both audio inputs contribute to the control 
path signal and are used to activate a peak detector which, 
in turn, changes the audio filters’ cut-off frequency. The audio 
path filters are controlled by the same signal for equally 
matched bandwidths in order to maintain a stable stereo 
image. 



AUDIO CONTROLLED 
LOW PASS FILTER 


LEFT 

AUDIO 

INPUT 


RIGHT 

AUDIO 

INPUT 



AUDIO CONTROLLED 
LOW PASS FILTER 


00839501 


FIGURE 1. Stereo Noise Reduction System (DNR) 
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The DNR System Format (Continued) 



00839514 

(c) Closed Loop Response 




(b) Open Loop Response 


FIGURE 2. 


Variable Cut-Off Low Distortion 
Filters 

By low distortion we mean a filter that has a flat response 
below the cut-off frequency, a smooth, constant attenuation 
slope above the cut-off frequency and does not peak at the 
cut-off frequency as this frequency is changed. 

The circuit topology is shown in Figure 2 (a) and is, in fact, 
very similar to the pole-splitting frequency compensation 
technique used on many integrated circuit operational am¬ 
plifiers (see pp. 24-26 of “Intuitive I/C Op Amps” by T. M. 
Fredericksen). A variable transconductance (g^) stage 
drives an amplifier configured as an integrator. The transcon¬ 
ductance stage output current Iq is given by 

lo = gmV.n (1) 

and if the second amplifier is considered ideal, then the 
voltage Vout is the result of Iq flowing through the capacita- 
tive reactance of C. Therefore we can write 


Vout “■ 


2 7rfC 


Combining Equation (1) and Equation (2) we have 


(2) 


Vput _ 9m 
Vin 27rfC 

(3) 

At some frequency, the open loop gain will fall to unity (f=fu) 
given by 


4 — 9rn 
27rC 

(4) 

For a fixed value of capacitance, when the transconductance 
changes, then the unity gain frequency will change corre¬ 
spondingly as shown in Figure 2 (b). 

If we put dc feedback around both stages for unity closed 
loop gain, the amplitude response will be flat (or unity gain) 
until fyis reached, and then will follow the open loop gain 
curve which is falling at 6 dB/octave. Since we control gm, we 
can make fuSny frequency we desire and therefore have a 
controlled cut-off frequency low pass filter. 

A more detailed schematic is given in Figure 3 and shows 
the resistors Rf and R, which provide dc feedback around the 
circuit for unity closed-loop gain (i.e. at frequencies below 
y. The transconductance stage consists of a differential pair 
T., and T 2 with current mirrors replacing the more conven¬ 
tional load resistors. The output current Iq to the integrator 
stage is the difference between T^and Tg collector currents. 
For a differential pair, as long as the input differential voltage 
is small — a few millivolts — the g^ is dependent on the tail 
current \j and can be written 


Qm ■ 


9 ^T 
— X — 
kT 2 


q 1 

where = ——- @25°C 
kT 26 mV 


(5) 
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Variable Cut-Off Low Distortion 
Filters (Continued) 

For frequencies below the cut-off frequency, the amplifier is 
operating closed loop, and the dc feedback via Rf will keep 
the input differential voltage very small. However, as the 
input signal frequency approaches cut-off, the loop gain 
decreases and larger differential voltages will start to appear 
across the bases of and Tg. When this happens, the g^ is 
no longer linearly dependent on the tail current Ij and signal 
distortion will occur. To prevent this, two diodes and D 2 


biased by current sources are added to the input stage. Now 
the signal current is converted to a logarithmically related 
voltage at the input to the differential pair and T 2 . Since 
the diodes and the transistors have identical geometries and 
temperature excursions, this conversion will exactly com¬ 
pensate for the exponential relationship between the input 
voltage to and T 2 and the output collector currents. As 
long as the signal current is less than the current available to 
the diodes, the transconductance amplifier will have a linear 
characteristic with very low distortion. 



FIGURE 3. Variable Lowpass Filter with Distortion Correcting Diodes and Control Voltage Offset Compensation 
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Variable Cut-Off Low Distortion Filters (Continued) 



FIGURE 4. The OP AMP Output Stage of the LM1894 


For the entire circuit, if R, = Rf = R and the diode dynamic 
resistance is we can write the transfer characteristic as 

Vput __ 2I _ 

V,n ^ 47rfCK26 X 10-3 J 

where K= (2 + ^) 

( 6 ) 

Therefore the poie frequency for C = 0.0033 pF is 
fu = It/ 4 71 26 X 10 CK = ly X 33.2 X 10® 
for fu = 1 kHz, It = 33.2 pA 
for fu = 35 kHz, It = 1.1 mA 

In operation, the transconductance stage current iTfor the 
LM1894 will vary between the levels given above in re¬ 


sponse to the control path detected voltage. Notice that with 
the circuit values given in Figure 3 the maximum output 
voltage swing at the cut-off frequency is about IVrms (use 
equation 2 and put Iq = It = 33 pA) and this is specified in 
the LM1894 data sheet as the input voltage for 3% THD. 
This Is, of course, the condition for minimum bandwidth 
when noise only is normally present at the input. When 
signals are simultaneously present causing the audio band¬ 
width to increase out to 35 kHz, the transconductance stage 
current is over 1 mA, allowing signal swings at 1 kHz (theo¬ 
retically) of over 34 Vrms. Practically, at maximum bandwidth 
the output swing is determined by the output stage satura¬ 
tion voltages which are dependent on the supply voltage 
(see Figure 4). With a 15 Vdc supply, the LM1894 can 
handle well over 4 Vrms. 
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Variable Cut-Off Low Distortion Filters (Continued) 


LEFT INPUT RIGHT INPUT 
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FIGURE 5. Control Path Amplifiers and Filters 


While there are other circuit topologies that can be used to 
obtain a variable cut-off low pass filter, this design has 
certain advantages, especially when it comes to avoiding 
control feedthrough. Control feedthrough is the name given 
to voltage offsets that can occur in the audio path as the 
transconductance stage current changes. The audible effect 
is a low level “bacon frying” noise or pops as the bandwidth 
changes. To prevent such voltage offsets occurring, the dif¬ 
ferential stage T^ and Tg, the current mirrors and the diodes 
are arranged to provide good tracking over the entire range 
of the bandwidth control current Ij. Because the transcon¬ 
ductance stage is driving the inverting input to an operational 
amplifier — a virtual ground — there will be no voltage 
swing at this node. This eliminates possible offset voltages 
from output impedance changes in the current mirror and Ti 
collector caused by different operating currents. Last, but not 
least, a source of offset voltages are the base currents of T^ 
and Tg. Because the transistors have a finite current gain, 
when the tail current \j is increased, these base currents 
must increase slightly. T^base current is provided by the 
reference voltage (V^y2), but Tg base current must come via 
the feedback resistor Rf. This current is not normally avail¬ 
able from D 2 because the feedback loop is holding T., and Tg 
base voltages equal. By adding the resistor in series with 
Ti base, a compensating offset voltage is produced across 
the input diodes. This reduces the current in slightly and 
increases the current in Dg correspondingly, allowing it to 
supply the increased base current requirement of T 2 . 

The Control Path 

The purpose of the control path is to ensure that the audio 
bandwidth is always sufficiently wide to pass the desired 
signal, yet in the absence of this signal will decrease rapidly 
enough that the noise also present does not become au¬ 


dible. In order to do this, the control path must recognize the 
masking qualities of the signal source and the detector stage 
must be able to take advantage of the characteristics of the 
human ear so that audible signal distortion or un-masking 
does not occur. 

Figure 5 shows a block diagram of the control path including 
the external components. A straight-forward summing ampli¬ 
fier combines the left and right channel inputs and acts as a 
buffer amplifier for the gain control. Because the noise level 
for signal sources can be different — cassette tapes are 
between -50 dB and -65 dB (depending on whether Dolby B 
encoding is employed) and FM broadcast noise is around 
-45 dB to over -75 dB (depending on signal strength) — the 
control path gain is adjusted such that a noise input is 
capable of just increasing the audio bandwidth from its mini¬ 
mum value. This ensures that any program material above 
the noise level increases the audio bandwidth so that the 
material is passed without distortion. Setting the potentiom¬ 
eter (or an equivalent pair of resistors) will be described in 
more detail later. 

The gain control potentiometer is also part of the DNR filter 
characteristic derived from auditory masking considerations 

— see AN384. Combined with a 0.1 pF coupling capacitor, 
the total resistance of the potentiometer will cause a signal 
attenuation below 1.6 kHz. 

j.e. fi=-— -—!-r= 1.6 kHz 

^ 27rRC 27r X 103 X 0.1 X lO"® 

This helps to prevent signals with a high amplitude but no 
high frequency content above 1 kHz — such as a bass drum 

— from activating the control path detector and unneces¬ 
sarily opening the audio bandwidth. For signals that do have 
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The Control Path (Continued) 

a significant high frequency content (predominantly harmon¬ 
ics), the control path sensitivity is increased at a 12 dB/ 
octave rate. This rapid gain in sensitivity is important since 
the harmonic content of program material typically falls off 
quickly with increasing frequency. The 12 dB/octave slope is 
provided by cascading two RC high pass filters composed of 
the coupling capacitors to the control path gain stage and 
detector stage and the internal input resistors to these 
stages. Individual corner frequencies of 5.3 kHz and 4.8 kHz 
respectively are used, with a combined corner frequency 
around 6 kHz. Above 6 kHz the gain can be allowed to 
decrease again since the signal energy content between 
1 kHz and 6 kHz (the critical masking frequency range) will 
have already caused the audio bandwidth to extend beyond 
30 kHz, allowing passage of any high frequency components 
in the audio path. 



FREQUENCY(Hz) 

00839506 

FIGURE 6. Control Path Frequency Response 

Under some circumstances, not normal to music or speech, 
the source can contain relatively high level, high frequency 
components which are not necessarily accompanied by 
large levels of low frequency signal energy providing noise 
masking. These are spurious components such as the line 
scan frequency in a television receiver (15.734 kHz) or sub¬ 
carrier signals such as the 19 kHz pilot tone in FM stereo 
broadcasting. Although both these components should be 
low enough to be inaudible in the audio path, their presence 
in the control path could cause a change in the minimum 
bandwidth and hence the amount of available noise reduc¬ 
tion. Since these unwanted components are at frequencies 
higher than the desired control path frequency range, they 
are easily accommodated by including a notch filter in the 
control path at the specified frequency. A resonant L-C circuit 
with a Q of 30 will attenuate 19 kHz by over 28 dB. If a 10% 
tolerance 0.015pF capacitor is used, the coil can be a fixed 
4.7 mH inductance. For 15.734 kHz a 0.022 pF capacitor Is 
needed. When those frequency components are not present 
(i.e. in cassette tapes) the L-C circuit is eliminated and the 
gain amplifier and detector stage are coupled together with a 
single 0.047 pF capacitor. 

Apart from providing the proper frequency response the 
control path gain must be enough to ensure that the detector 
threshold can be reached by very low noise input levels. The 
summing amplifier has unity gain to the sum of the left and 


right channel inputs and the necessary signal gain of 60 dB 
is split between the following gain amplifier and the detector 
stage. For the gain amplifier 

Av=33 X 10=^/(re + 10=^) = 26.2 

=28.4 dB 

For the detector stage, the gain to negative signal swings is 
Av=27 X 10^/700=38.6=31.7 dB 
With over 60 dB gain and typical source input noise levels, 
the gain potentiometer will normally be set with the wiper 
arm close to the ground terminal. 

The Detector Stage 

The last part of the LM1894 to be described is the detector 
stage which includes a negative peak detector and a voltage 
to current converter. As noted earlier, the input resistance of 
the detector, together with the input coupling capacitor, 
forms part of the control path filter. Similarly the output 
resistance from the detector and the gain setting feedback 
resistor help to determine the detector time constants. With a 
pulse or transient input signal, the rise time is 200 ps to 90% 
of the final detected voltage level. Actual rise-times will nor¬ 
mally be longer with the detector tracking the envelope of the 
combined left and right channel signals after they have 
passed through the control path filter. 

An interesting difference to compandor performance can be 
demonstrated with a 10 kHz tone burst. Since the LM1894 
detector responds only to negative signal peaks, it will take 
about four input cycles to reach 90% of the final voltage on 
the detector capacitor (this is the 500 ps time constant called 
out in the data sheet). After the first two cycles the audio 
bandwidth will have already increased past 10 kHz and a 
comparison of the input and output tone bursts will show only 
a slight loss in amplitude in these initial cycles. A compandor, 
however, usually cannot afford a fast detector time constant 
since the rapid changes in system gain that occur when a 
transient signal is processed can easily cause modulation 
products to be developed which may not be treated comple- 
mentarily on playback. Therefore there is a time lag before 
the system can change gain, which may be to the maximum 
signal compression (as much as 30 dB depending on the 
compandor type). Failure to compress immediately at the 
start of the tone burst means that an overshoots present in 
the signal which can be up to 30 dB higher than the final 
amplitude. To prevent this overshoot from causing subse¬ 
quent amplifier overload (which can last for several times the 
period of the overshoot), clippers are required in the signal 
path, limiting the dynamic range of the system. Obviously, 
the LM1894 does not need clippers since no signal over¬ 
shoots in the audio path are possible. 

When the input signal transient decays, the diode in the 
detector stage is back biassed and the capacitor discharges 
primarily through the feedback resistor and takes about 60 
ms to reach 90% of the final value. 

T=RC X 2.3 =27 x 10=^ x 1 x 10“® x 2.3 
=62.1 ms 

The decay time constant is required to protect the reverbera¬ 
tory or “ambience” qualities of the music. For material with a 
limited high frequency content or a particularly poor S/N 
ratio, some benefit can be obtained with a faster decay 
time—a resistor shunted across the detector capacitor will 
do this. Resistors less than 27 kQ should not be used since 
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The Detector Stage (Continued) 

very fast decay times wiii permit the detector to start tracking 
the signal frequency. For signal amplitudes that are not 
producing the fuil audio bandwidth, this wili cause a rapid 
and audible modulation of the audio bandwidth. 

Bypassing the System 

Sometimes it is necessary or desirable to bypass the n.r. 
system. This wiil allow a direct and instantaneous compari¬ 
son of the effect that the system is having on the program 
material and will assist in arriving at the correct setting for the 
controi path gain potentiometer. This facility is not practicai 


with compandors unless unencoded passages occur in the 
program material. Also, should the action of the compandor 
become more objectionable than the noise in the originai 
material, there is no way of switching the n.r. system off. 
One way of bypassing is to simpiy use a double pole switch 
to route the signals around the LM1894. This physically 
ensures complete bypassing but does present a couple of 
problems. First, there may be a levei change caused by the 
different impedances presented to the following audio stages 
when switching occurs. Second, the signal now has to be 
routed to the front panel where the switch is located, perhaps 
calling for shielded cable. 


AMPLIFIER 


PEAK DETECTOR V/1 CONVERTER 


100;xA 



► TO gm STAGES 


FIGURE 7. Peak Detector and Voltage to Current Converter 


Peak Detector Response, 500 mV/Div 
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FIGURE 8. 


A different technique, which avoids these problems, is to 
switch the LM1894 permanently into the full audio bandwidth 
mode. Since this provides a high S/N ratio path and low 
distortion the impact on the signal is minimal. Two methods 


can be used to switch the LM1894 audio bandwidth fully 
open, both with a single pole switch that is not in the audio 
path. Simply grounding the input of the peak detector ampli¬ 
fier will generate the maximum bandwidth control current 
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Bypassing the System (Continued) 

and simultaneously prevent any control signals reaching the 
detector. Usually this is more than adequate since the maxi¬ 
mum audio bandwidth is 34 kHz, but in some cases the 1 dB 
loss at 17 kHz produced by the single pole audio filters may 
not be desired. Figure 9 shows a way to increase the audio 
bandwidth to 50 kHz (-1 dB at 25 kHz) by pulling up the 
detector capacitor to the reference voltage level (V+/2) 
through a 1 kil resistor. This method is useful only for higher 
supply voltage applications. To increase the bandwidth sig¬ 
nificantly the detector capacitor must be pulled up to around 
5V (V+ >10V). Although a separate voltage source other 
than the reference pin could be used when V+ls less than 
10V, this can cause an internal circuit latch-up If the voltage 
on the detector increases faster than the reference voltage 
at initial turn-on. 

General System Measurements 
and Precautions 

For most applications the external components shown in 
Figure 9 will be required. In fact, the only recommended 
deviation from these values is the substitution of an equiva¬ 
lent pair of fixed resistors for the gain setting potentiometer. 
Location of the LM1894 in the audio path is important and 
should be prior to any tone or volume controls. In tape 
systems, right after the playback head pre-amplifier is the 
best place, or at the stereo decoder output (after 
de-emphasis and the multiplex filter) in an FM broadcast 
receiver. The LM1894 is designed for a nominal input level of 
300 mVrms and sources with a much lower pre-amplifier 
output level will either require an additional gain block or 
substitution of the LM832 which is designed for 30 mVrms 
input levels. 

The same circuit as Figure 9 can be used for measurements 
on the I/C performance but, as with any other n.r. system. 


care in intepretation of the results may be necessary. For 
example, while the decay time constant for a tone burst 
signal is pretty constant, the attack time will depend on the 
tone frequency. 

Sometimes separation of the audio path input and the con¬ 
trol path is required, particularly when the frequency re¬ 
sponse or the THD with low input signal levels is being 
measured. If the audio and control paths are not separated 
then a typical audio system measurement of the frequency 
response will not appear as expected. This is because the 
control path frequency response is non-linear, exhibiting low 
sensitivity at low frequencies. When a low level input signal 
Is swept through the audio frequency range, at low frequen¬ 
cies the audio -3 dB bandwidth will be held at 1 kHz, and the 
audio path signal will fall in amplitude as the signal goes 
above 1 kHz. As the signal frequency gets yet higher, the 
increasing sensitivity of the control path will allow the detec¬ 
tor to be activated and the audio path -3 dB frequency starts 
to overtake the signal frequency. This causes the output 
signal amplitude to increase again giving the appearance 
that there is a dip in the audio frequency response around 
1-2 kHz. It is worth remembering at this point that the audio 
path frequency response is always flat below some corner 
frequency and rolls off at 6 dB/octave above this frequency. 
In normal operation this corner frequency is the result of the 
aggregrate control path signals in the 1 kHz to 6 kHz region 
and not the result of a single Input frequency. To properly 
measure the frequency response of the audio path at a 
particular signal input frequency and amplitude, the control 
path input is separated by disconnecting C 5 from Pin 5 and 
injecting the signal through C 5 only. Then, a separate swept 
frequency response measurement can be made in the audio 
path. Similarly measurements of THD should include sepa¬ 
ration of the audio and control path inputs. 
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FIGURE 9. Complete Stereo Noise Reduction System 
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Pitfalls - Or What to Listen For 

Many people are understandably wary of 
non-complementary n.r. systems since there is no perfect 
means for distinguishing between the desired signal and 
noise. A thorough understanding of the psycho-acoustic ba¬ 
sis for noise masking will go a long way to allaying these 
fears, but a much simpler method is to listen to a variety of 
source material with a DNR system being switched in and 
out. Even so, improper implementation of the 
LM1894—wrong location in the audio path changing either 
the level or frequency response of the source—or incorrect 
external component values, or the wrong sensitivity setting, 
can all strongly affect the audio in an undesired way. Some¬ 
times, unhappily, the source is really beyond repair and 
some compromise must be made. Phonograph discs with 
bad scratches may require special treatment (a click and pop 
remover) and some older tape recordings may show some 
or all of the following problems. 

1. Pumping: 

Incorrect selection of the control path bandwidth exter¬ 
nal components can result in an audible increase in 
noise as the input level changes. This is most likely to be 
heard on solo instruments or on speech. Sometimes the 
S/N rate is too poor and masking will not be completely 
effective - i.e., when the bandwidth is wide enough to 
pass the program material, the increase in noise is 
audible. Cutting down on the pumping will also affect the 
program material to some extent and judgement as to 
which is preferable is required. Sometimes a shorter 
decay time constant in the detector circuit will help, 
especially for a source which always shows these char¬ 
acteristics, but for better program material a return to the 
recommended detector characteristics is imperative. 

2. High Frequency Loss: 

This can be caused by an improper control path gain 
setting—perhaps deliberate because of the source S/N 
ratio as described above—or incorrect values for the 
audio path filter capacitors. Capacitors larger than the 
recommended values will scale the operating bandwidth 
lower, causing lower -3 dB corner frequencies for a 
given control path signal. Return to the correct capacitor 
values and the appropriate control path gain setting will 
always ensure that the h.f. content of the signal source is 
preserved. 

3. Apparent High Frequency Loss: 

The ability to instantaneously A/B the source with and 


without noise reduction can sometimes exhibit an appar¬ 
ent loss of h.f. signal content as the DNR system oper¬ 
ates. This is most likely to happen with sources having 
an S/N ratio of less than 45 dB and Is a subjective effect 
in that the program material probably does not have any 
significant h.f. components. It has been reported several 
times elsewhere that adding high frequency noise (hiss) 
to a music signal with a limited frequency range will 
seem to add to the h.f. content of the music. Trying 
sources with a higher S/N ratio that do not demonstrate 
this effect can re-assure the listener that the DNR sys¬ 
tem is operating properly. Alternatively a control path 
sensitivity can be used that leaves the audio bandwidth 
slightly wider, preserving the “h.f. content” at the ex¬ 
pense of less noise reduction in the absence of music. 

4. Sensitivity Setting: 

Since this is the only adjustment in the system, it is the 
one most likely to cause problems. Improper settings 
can cause any of the previously described problems. 
Factory pre-sets can (and are) used, but only when the 
source is well defined with known noise level. For the 
user who intends to noise reduce a variety of sources, 
the control path gain potentiometer is required and 
should be adjusted for each application. A bypass switch 
is helpful in this respect since it allows rapid A/B com¬ 
parison. Another useful aid is a bandwidth indicator, 
shown in Figure 10. This Is simply an LED display driver, 
the LM3915, operating from the voltage on the detector 
filter capacitor at Pin 10 of the LM1894. The LM3915 will 
light successive LEDs for each 3 dB increase in voltage. 
The resistor values are chosen such that the capacitor 
voltage when the LM1894 is at minimum audio band¬ 
width, is just able to light the first LED, and a full audio 
bandwidth control signal will light the upper LED. Expe¬ 
rience will show that adjusting the sensitivity so that the 
noise in the source (no signal Is present) is just able to 
light the second LED, will produce good results. This 
display also provides constant reassurance that the sys¬ 
tem audio bandwidth really is adequate to process the 
music. A simpler detector, using a dual comparator and a 
couple of LEDs can be constructed instead, with thresh¬ 
old levels selected to show the correct sensitivity setting, 
minimum bandwidth, maximum bandwidth or some in¬ 
termediate bandwidth as desired. 
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Pitfalls - Or What to Listen For (Continued) 



FIGURE 10. Bar Graph Display of Peak Detector Voltage 


DNR Component Diagram 
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FIGURE 11. Printed Circuit Layout 
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DNR™ Applications of the 
LM1894 

Introduction 

The operating principles of a single-ended or 
non-complementary audio noise reduction system, DNR, 
have been covered extensively in a previous application 
note AN384, Audio Noise Reduction and Masking. Although 
the system was originally implemented with transconduc¬ 
tance amplifiers (LM13600) and audio op-amps (LM387), 
dedicated l/Cs have since been developed to perform the 
DNR function. The LM1894 is designed to accommodate 
and noise reduce the line level signals encountered in video 
recorders, audio tape recorders, radio and television broad¬ 
cast receivers, and automobile radio/cassette receivers. A 
companion device, the LM832, is designed to handle the 
lower signal levels available in low voltage portable audio 
equipment. This note deals chiefly with the practical aspects 
of using the LM1894, but the information given can also be 
applied to the LM832. 

The Basic DNR Application Circuit 

At the time of writing, the LM1894 has already found use in 
a large variety of applications. These include: 
AUTOMOTIVE RADIOS 
TELEVISION RECEIVERS 
HOME MUSIC CENTERS 
PORTABLE STEREOS (BOOM BOXES) 

SATELLITE RECEIVERS 
AUDIO CASSETTE PLAYERS 
AVIONIC ENTERTAINMENT SYSTEMS 
HI-FI AUDIO ACCESSORIES 
BACKGROUND MUSIC SYSTEMS 
ETC. 


National Semiconductor 
Application Note 390 
Martin Giles 
Kerry Lacanette 


In the majority of these applications the circuit used is iden¬ 
tical to that shown in Figure 1, and this is the basic stereo 
Dynamic Noise Reduction System. Although a split power 
supply can be used, a single positive supply voltage is 
shown, with ac coupled inputs and outputs common in many 
consumer applications. This supply voltage can be between 
4.5 Vdc and 18 Vqc but operation at the higher end of the 
range (above 8 Vdc) is preferred, since this will ensure 
adequate signal handling capability. The LM1894 is opti¬ 
mized for a nominal input signal level of 300 mVrms but with 
an 8 Vdc supply it can handle over 2.5 Vrms at full audio 
bandwidth. Smaller nominal signal levels can be processed 
but below 100 mVrms there may not be sufficient gain in the 
control path to activate the detector with the source noise. In 
this instance, and where battery powered operation is de¬ 
sired, the LM832 is a better choice. The LM832 has identical 
operating principles and a similar (but not identical) pin-out. 
It is optimized for input levels around 30 mVrms and a supply 
voltage range from 1.5 Vdc to 9.0 Vdc- 
The capacitors connected at Pins 12 and 3 determine the 
range of -3 dB cut off frequencies for the audio path filters. 
Increasing the capacitor value scales the range downward - 
the minimum frequency becomes lower and the maximum or 
full bandwidth frequency will decrease proportionally. Simi¬ 
larly, smaller capacitors will raise the range. 

t-3 dB = It/9-1C (It = 33 pA MIN) 

( = 1.05 mA MAX) (1) 

For normal audio applications the recommended value of 
0.0033 pF should be adhered to, producing a frequency 
range from 1 kHz to 35 kHz. 
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The Basic DNR Application Circuit (Continued) 


C11 



TO VOLUME 
CONTROL AND 
POWER AMPLIFIERS 


R1 + R2 = 1 kO total 

FIGURE 1. Complete DNR Application Circuit 




(a) (b) 


FIGURE 2. Two Methods of DNR IN/OUT Switching 


The two resistors connected at Pin 5 set the overall control 
path gain, and hence the system sensitivity. A lower tap point 
will decrease the sensitivity for high signal level sources, and 
a higher tap point will accommodate lower level sources. For 
purposes of initial calibration it is best to replace the resistors 
with a 1 kQ potentiometer (the wiper arm connecting through 
Cg to Pin 6), and follow the procedures outlined below. Once 
the correct adjustment point has been found, the position of 


the wiper arm is measured and an equivalent pair of resis¬ 
tors are used to replace the potentiometer. This, of course, 
can be done only if the source has a relatively fixed noise 
floor—the output from an audio cassette tape for exampie. 
For an add-on audio accessory the potentiometer should be 
retained as a front panel control to allow adjustment for 
individual sources. Use of DNR with multiple sources is 
described later. 
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System Calibration 

System calibration can be performed in a number of ways. 
With the source connected play a blank but biased section of 
the cassette tape. Set the potentiometer so that the wiper 
arm is at ground and then steadily rotate it until a slight 
increase in the output noise level is heard. Alternatively, with 
source program material present, set the potentiometer with 
the wiper arm connected to the Pin 5 end of the slider and 
again rotate until the high frequency content of the program 
material appears to begin to be attenuated. Then return the 
potentiometer wiper slightly towards Pin 5 so that the music 
is unaffected. 

A third method of adjustment can be done with an oscillo¬ 
scope monitoring the voltage on the control path detector 
filter capacitor. Pin 10. This will show a steady dc voltage 
around IV while the wiper arm of the potentiometer is at 
ground. As the wiper arm is rotated, this voltage will start to 
increase. About 200 mV above the quiescent value will 
usually be the right point. Note that this will not be a steady 
dc voltage but a random peak, low amplitude sawtooth 
waveform caused by peak detection of the source noise in 
the control path. 

Whatever method is used to determine the potentiometer 
setting, this setting should be confirmed by listening to a 
variety of programs and comparing the audio quality while 
switching DNR in and out of the circuit. This is easily accom¬ 
plished by grounding Pin 9 which will disable the control path 
and force the audio filters to maximum bandwidth. 
Figure 2(a). Also shown is a second method of ON/OFF 
switching that gives an increased maximum bandwidth over 
that obtained in normal operation. Although the switch is not 
a required front panel control it can be an important feature. 
Unlike compander systems, DNR can be switched out leav¬ 
ing the source completely unprocessed in any way. With a 
switch, the user can always be assured that the noise reduc¬ 
tion is not affecting the program material. 

Apart from the basic circuit shown in Figure 1, all applica¬ 
tions of the DNR system have another feature in com- 
mon-the location of the LM1894 in the signal chain. As 
Figure 3 shows, the LM1894 is always placed right after the 
signal source pre-amplifier and before any circuit that in¬ 
cludes user adjustable controls for volume or frequency 
response. The reasons for this are obvious. If the gain of the 
signal amplifier preceding DNR is changed arbitrarily, the 


noise input level to the LM1894 will not be at the correct point 
to begin activation of the audio path filters. Either reduced 
noise reduction will be obtained, or the high frequency con¬ 
tent of the program material will be affected. A change in 
system gain prior to the LM1894 requires a corresponding 
change in the control path threshold sensitivity. Similarly 
modifying the frequency response, by heavy boost or cut of 
the mid to high frequencies, will have the same effect of 
changing the required threshold setting—apart from modi¬ 
fying the masking qualities of the program material. 

How Much Noise Reduction? 

The actual sensitivity setting that is finally used, and the 
amount of noise reduction that is obtained, will depend on a 
number of factors. As the data sheet for the LM1894 and 
other application notes have explained in some detail, the 
noise reduction effect is obtained by audio bandwidth restric¬ 
tion with a pair of matched low-pass filters. A CCIR/ARM 
(Note 1) weighted noise measurement is used so that the 
measured improvement obtained with DNR correlates well to 
the subjective impression of reduced noise. This is another 
way of stating that the source noise spectrum level versus 
frequency characteristic can have a large impact on how 
“noisy” we judge a source to be—and concomitantly how 
much of the “noisiness” can be reduced by decreasing the 
audio bandwidth. Fortunately most of the audio noise 
sources we deal with are smooth although not necessarily 
flat, resembling white noise. The weighting characteristic 
referred to above generally gives excellent correlation. For 
example, if the source -3 dB upper frequency limit is only 
2 kHz (an AM radio), reducing the audio path bandwidth 
down to 800 Hz will improve the S/N ratio by only 5 to 7 dB. 
On the other hand, If the source bandwidth exceeds at least 
8 kHz then from 10 dB to 14 dB noise reduction can be 
obtained. Of course, it is always worth remembering that this 
is the reduction in the source noise—any noise added in 
circuits afteiXhe LM1894 may contribute to the audible output 
and prevent the full noise reduction effect. To see how easily 
this can happen, we will consider the noise levels at various 
points in a typical automotive radio using an I/C tone and 
volume control, and an I/C power amplifier, both with and 
without noise reduction of the cassette player. 

Notel: See pp 2-9 to 2-10, Audio Handbook, National Semiconductor 
1980 
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How Much Noise Reduction? 

(Continued) 

If we assume that the tape head pre-amplifier gain Is such 
that the nominal output level (corresponding to 0“VU”) is 
300 mVrms, then for a typical cassette tape the noise will be 
50 dB lower, or 949 pV. The gain of the tone and volume 
control (an LM1036) is unity or OdB at maximum volume 
setting, with an output noise level of 33 pV with no signal 
applied. With the tape pre-amplifier connected, the output 
noise from the LM1036 will be where 

V„ = 10’® 7(33)^ + (949)2 = 949.6 

( 2 ) 

Clearly, the LM1036 has caused an insignificant increase in 
the background noise level (0.006 dB). Even when the vol¬ 
ume control is set at -20 dB overall gain, the LM1036 intrin¬ 
sic noise level is 22 pV. The tape noise level is now 94.9 pV 
(-20 dB) and the output noise Vn is 

V„ = 10"® 7(22)^ + (94.9)2 _ gy 4 

(3) 

Once more an insignificant contribution on the part of the 
LM1036 (0.23 dB). 

Now we add noise reduction between the tape head ampli¬ 
fier and the LM1036. Usually this will mean over 10 dB 
reduction in the tape noise so that the input of the LM1036 
sees 300 pV noise At 0 dB gain we have 

= 10“®7(^3)^ + (300)2 ^ 301.8 )LiV 

(4) 

But at -20 dB 

= 10"® 7(22)^ + (30)2 ^ 37.2 AtV 

(5) 

When we compare the results of Equation (3) and Equation 
(5) we see that at -20 dB gain setting we are getting only 8.4 
dB noise reduction compared to 10 dB at maximum gain! 
Since the volume control is not normally set to maximum, 
this is a significant loss. 

Active tone and volume controls are not the only circuits that 
can contribute to a loss in noise reduction. Most modern 
automotive radios use I/C power amplifiers delivering in 
excess of 6 watts into 4Q loads—and even more if bridge 
amplifiers are employed. With a 12 Vdc supply, the output 
signal swing is limited to less than 4Vrms If dipping is 
avoided. Typical amplifiers have an input referred noise level 
of 2 pVrms, and with a gain of 40 dB (a typical value) the 
intrinsic output noise level is 200 pVrms, or 86 dB below 
clipping. For a normal listening level, the signal amplitude 
will be 20 dB below clipping which yields a S/N ratio of only 
66 dB—which is just better than the noise reduced Input to 
the amplifier. 

Many manufacturers recommend using I/C power amplifiers 
with gains of 60 dB. This will always result in unacceptable 
noise performance at moderate listening levels since the 


amplifier generated noise is now over 2 mV. For a signal 
20 dB below clipping the output S/N ratio is only 46 dB! 

It is interesting to note that the inclusion of just 10 dB noise 
reduction is sufficient to put pressure on the performance 
standards of the remaining circuits in the audio path of an 
automotive radio. If more noise reduction is available, such 
as a combination of Dolby B and DNR, or Dolby C, then the 
subsequent gain distribution must be considered even more 
carefully. The power amplifier gain may have to be reduced 
to 20 dB to avoid degrading the noise performance. In fact It 
may be Impractical to realize the full noise performance 
capability of systems providing high levels of noise reduction 
in many automotive stereo radios. 

Modifications to the Standard 
Appiications Circuit 

1. TAPE DECKS WITH EQUALIZATION SWITCHES: 

Many modern cassette tape decks and automotive radio 
cassette players offer at least two types of equalization in the 
head-preamplifier In order to optimize the frequency re¬ 
sponse of various tape formulations. These are often identi¬ 
fied on the equalization switch as “Normal” and “CrOg” cor¬ 
responding to 120 |js and 70 ps time constants in the 
equalization network. This difference in time constants can 
mean that the noise floor from a cassette tape in the “CrOs” 
mode can be up to 4 dB lower than for a tape requiring the 
“Normal” mode. Figure 5. 



50 Hz 1.32 kHz 2.27 kHz 
FREQUENCY (Hz) 


00842005 

FIGURE 5. Tape Playback 
Equalization Inciuding Integration 

Although a compromise setting can be found for the DNR 
threshold setting to accommodate both types of tape, a 
single pole, double throw switch ganged to the equalization 
switch will optimize performance for each mode. In the ex¬ 
ample given in Figure 6, the resistor values shown are from 
an application that yielded a 400 mVrms input to the LM1894 
when the tape flux density was 200nW/m. For different 
tape-head amplifiers the resistors R^ and Rg are selected 
using a “Normal” tape as a source, and then Rg is selected 
according to the relationship given in Equation (5). 
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Modifications to the Standard 
Appiications Circuit (Continued) 
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FIGURE 7. Switching with Other NR Systems 
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FIGURE 6. Optimizing the Control Path Threshold 
for Different Tape Formulations 

Notice that only one additional resistor is required over the 
standard application, and it is easy to substitute transistor 
switching in place of the spdt switch. 

Ri/(Ri + R 2 ) = 0.63 R3/(Ri + R 3 ) ( 6 ) 

2. TAPE DECKS WITH COMPLEMENTARY NOISE 
REDUCTION: 

Most cassette decks available today employ some form of 
complementary (companding) noise reduction system, usu¬ 
ally Dolby B Type. DNR can be used in conjunction with 
these noise reduction systems as a means to provide yet 
more noise reduction on decoded tapes and still provide 
noise reduction for unencoded tapes. The LM1894 is located 
after the companding system and provision must be made 
for the drop in noise level when the compandor is being 
used. The DNR threshold sensitivity is increased by the 
appropriate amount so that the lower noise levels are still 
able to activate the audio filters. For example, the circuit in 
Figure 7 shows a switching arrangement to compensate for 
the 9 dB lower noise floor from a Dolby B decoded tape. 
Notice the change in resistor values R-,through R 3 to raise 
the sensitivity (yet keeping the sum of R-,and R 2 to 1k) and 
the 9 dB pad formed by the 3 k^^ resistor and the 1.5 kQ 
resistor in parallel with the control path input Pin 6 , for use 
when the compandor is switched off. Since the output level 
from the compandor is usually around 580 mV for a flux 
density of 200 nW/m, the ratio of R^ to R 2 and Rg is changed 
by only 5.6 dB compared to that shown in the previous 
Figure where the input level was 400 mVrms. 


TAPE MOTION 



AUDIO 

TRACK 
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FIGURE 8. Video Magnetic Tape Format 


3. VIDEO TAPE RECORDERS: 

The audio track of a video cassette tape is similar to an audio 
cassette and appears along one edge of the tape. Although 
provision is made for two tracks, each 0.35 mm wide, a large 
number of recordings are monaural with a track width of 
1 mm (0.04 inches). 

Unlike the video heads, which are mounted on a rotating 
drum and angled to the direction of tape travel in order to 
give a much higher recording speed, the audio is recorded 
longitudinally with a separate head at 33.35 mm/sec for 
standard play, 16.88 mm/sec for long play, and 11.12 mm/ 
sec for the very long play mode (VMS format tape ma¬ 
chines). The noise spectrum is similar to an audio cassette 
but with a couple of differences. The typical frequency re¬ 
sponse from the head pre-amplifier does not extend beyond 
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Modifications to the Standard 
Appiications Circuit (Continued) 

10 kHz in the SP mode and is less in the LP and VLP modes. 
Even so, this bandwidth is enough to ensure the presence of 
the familiar tape “hiss” when played through modest or better 
Hi-Fi systems. Although the mono track width (twice as wide 
as an audio cassette stereo track) should help the S/N ratio, 
the slower tape speed does not, as shown in the curves of 
Figure 9. For the SP mode the S/N ratio is approximately 5 to 
10 dB lower than the audio cassette and worsens by 3 to 
5 dB in the extended play modes. Some “spurs” or “spikes” 
may be observed at harmonics of the video field frequency 
(60 Hz) and at the video line scan frequency of 15.734 kHz. 
The low frequency spikes will not affect DNR operation since 
the control path sensitivity decreases sharply below 1 kHz, 
but the presence of the 15.734 kHz component could cause 
improper sensitivity settings to be obtained. If this is the 
case, the pilot frequency notch filter for FM, described later, 
can be retuned by changing the capacitor from 0.015 pF to 
0.022 pF. 

Figure 9 also shows the noise spectrum with the new Beta 
Hi-Fi format. This is clearly superior to both the standard 
format and audio cassette tapes and is realized by using the 
two video record/play heads simultaneously for audio, thus 
taking advantage of the substantially higher relative tape 
speed. The audio is added in the form of four FM carriers. 
Figure 10. Four carriers are necessary for two audio chan¬ 
nels since the azimuth loss between the normal video heads 
(reducing crosstalk between the heads at video frequencies) 
IS not enough at the lower audio carrier frequencies. Each 
head therefore uses different carriers for the left and right 
channel signals. 



10 100 IK 10K 100K 

FREQUENCY (Hz) 
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FIGURE 9. Video Tape Noise Spectrum Levels 



FREQUENCY (MHz) 
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FIGURE 10. Beta Hi-Fi Carrier Frequencies 

A quite different technique is used for VHS Hi-Fi, which is 
similar to that for 8 mm video. Separate audio heads are 
mounted on the same rotating drum that is carrying the video 
heads, but with a much larger azimuth angle compared to 
the video heads. The sound signal is written deep into the 
tape coating and then written over by the video signal which 
causes partial erasure of the audio—about a 10 dB to 15 dB 
loss. The difference in azimuth angle prevents crosstalk and 
the much greater writing speed still yields an S/N of over 
80 dB. 

Both Hi-Fi formats provide excellent sound quality with 
hardly any need for noise reduction but DNR can still play a 
role. Conventionally recorded tapes are and will be popular 
for quite a while, and even with Hi-Fi recording capability 
much recording will be done with television sound as a 
source—and the source noise will dominate now instead of 
the tape noise. As discussed later, DNR can be very effective 
in dealing with television S/N ratios, allowing much of the 
benefit of improved recording techniques to be enjoyed. 
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4. FM RADIOS: 

FM sources can present special problems to DNR users. 
The presence of the 19 kHz stereo pilot tone can be detected 
in the DNR control path and cause improper threshold set¬ 
tings (the problem is not so much that the 19 kHz tone gives 
the wrong setting, but that if the threshold is adjusted with 
the tone present, then the threshold is wrong when the tone 
is absent—as in a monaural broadcast). Secondly, for FM 
broadcasts the noise level at the receiver detector output is 
dependent on the r.f field strength when this field strength is 
under 100 pV/meter at the antenna terminal. With a fixed 
DNR threshold, as the noise level increases with decreasing 
field strength, the minimum audio bandwidth becomes wider 
and a loss in noise reduction is perceived. This latter prob¬ 
lem occurs primarily with automobile radios where the signal 
strength can vary dramatically as the radio moves about For 
the home receiver, re-adjustment of the DNR threshold set¬ 
ting for an individual station will compensate for the weaker 
signals. 

To understand how much the pilot tone can affect the DNR 
control path, we can take a look at some typical signal levels. 
For an FM broadcast in the U.S., the maximum carrier 
deviation is limited to ±75 kHz with a pilot deviation that is 
10% of this value. A high quality FM I/C such as the LM1865 
will produce a 390 mVrms output at the detector with this 
peak deviation, so the pilot level at 19 kHz will be 39 mVrms. 
If the receiver does not include a multiplex filter, after 
de-emphasis 4 mV will appear at the inputs to the LM1894. 
Typically for FM signal noise floors, the resistive divider at 
Pin 5 will attenuate the pilot by 20 dB leaving 0.4 mVrms at 
Pin 6. This input level to the LM1894 control path is sufficient 
to cause the audio bandwidth to increase by over 1 kHz 
compared to the monaural minimum bandwidth. Of course, if 
the receiver does have a multiplex filter, which is common in 


high quality equipment or receivers that include Dolby B 
Type noise reduction, this problem will not happen, but oth¬ 
erwise we require an extra 15 dB to 20 dB attenuation at 

19 kHz. This is obtained with a notch filter tuned to the pilot 
frequency connected between Pins 8 and 9 of the LM1894 
Although a tuned inductor is shown, a fixed coil of similar 
inductance and Q can be used since with normal component 
value tolerances (±7% inductanco, ±10% capacitance) the 
pilot tone will be attenuated by at least 15 dB. 

Handling the signal strength dependence of the FM signal 
noise floor is not quite as easy - at least if pre-set DNR 
sensitivity settings are used. A look at the quieting curves for 
an FM radio will show why. At strong signal levels, greater 
than 1 mV/meter field strength at the antenna, the IF ampli¬ 
fier of the radio is in full limiting and the noise floor is 
between 60 dB and 80 dB below the audio signal. However, 
as the field strength starts to decrease below 1 mV/meter, 
the noise level begins to increase, even though the IF am¬ 
plifier is still in limiting. Worse yet, since the demodulated 
output includes the noise from the stereo difference signal 
channel (L-R), the noise level is increasing more rapidly in 
the stereo mode than in the monaural mode. By the time the 
field strength has fallen to 100 pV/m the stereo noise is over 

20 dB higher than the equivalent mono noise. If the DNR 
sensitivity is pre-set such that noise at the -45 dB to -55 dB 
level is activating the control path detector, when weaker 
stations are tuned in the noise level will increase and less 
noise reduction will be obtained. On the other hand, for 
stronger stations the noise level will drop below the detector 
threshold and a possibility exists that high frequency signals 
will be attenuated. Fortunately this latter occurrence is un¬ 
likely with commercial FM broadcasts since substantial sig¬ 
nal compression is common, and the relatively high 
mid-band signals will be adequate enough to open the audio 
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Modifications to the Standard 
Appiications Circuit (Continued) 

bandwidth sufficiently. In any event, with very strong r.f. 
signals, the need for noise reduction is minimal and DNR 
can be switched out. 



FM 

TV 
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FIGURE 12. Control Path Notch Filter 

Recognizing that a fixed threshold setting is necessarily a 
compromise for FM, the designer can still elect to use a 
pre-set adjustment for convenience. The set-up procedure is 
a little more complicated than for an audio tape source and 
involves the use of an FM signal generator. The carrier 
frequency from the generator (between 88 MHz and 
108 MHz) is unmodulated except for the stereo pilot tone, 
and the receiver is tuned to this carrier frequency. Then the 
carrier level is increased until the stereo demodulator output 
S/N ratio is that desired for the DNR threshold setting. For 
example, if the recovered audio output is 390 mVrms for 
75 kHz deviation of the carrier frequency, the stereo noise 
level is 2.2 mVrms for a 45 dB S/N ratio. The generator level 
IS increased until this noise voltage is measured at the 
demodulator output and the resistive divider at Pin 5 of the 
LM1894 adjusted correspondingly. A multiplex filter should 
be inserted between the decoder output and the S/N meter 
to prevent the pilot tone from giving an erroneous reading. At 
no time should the pilot tone be switched off since this will 
allow the decoder to switch into the nomaural mode, de¬ 
creasing the noise level -65 dB instead. A S/N ratio of 45 dB 
is chosen since many modern receivers incorporate blending 
stereo demodulators. As the dashed curve of Figure 13 
shows, when the stereo S/N ratio falls to 45 dB, the decoder 
starts to blend into monaural operation, thus keeping a con¬ 
stant S/N ratio. The loss in stereo separation that inevitably 
accompanies this blending is far less objectionable than 
abrupt switching from stereo to mono operation at weak 
signal levels. 



FIELD STRENGTH 
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FIGURE 13. FM Radio Quieting Curves 
5. TELEVISION RECEIVERS: 

At first it might be thought that television broadcast signals, 
with an FM sound carrier located 4.5 MHz above the picture 
carrier frequency, will present the same difficulties as FM 
radio broadcasts to a DNR system with a pre-set threshold. 
This conclusion is modified by two considerations. First the 
TV receiver is unlikely to be mobile and the received signal 
strength will be relatively constant from an individual broad¬ 
cast station. Secondly another subjective factor, the picture 
quality, will largely determine whether the signal strength is 
adequate enough for the viewer to stay tuned to that station. 
A representative television receiver will have a VHF Noise 
Figure between 6 dB and 7 dB such that, with a 75Q an¬ 
tenna impedance, the picture will be judged noise-free at an 
input signal level of just above 0.5 mVrms - i.e. a picture 
signal to noise ratio of 43 dB. Noise will become perceptible 
to most viewers at a S/N ratio of 38 dB and become objec¬ 
tionable at 28 dB to 30 dB. Therefore 13 dB below 1 mVrms 
the picture noise is objectionable, and at -25 dB to -30 dB it 
will probably be totally unacceptable to the majority of view¬ 
ers. For off-air broadcasts, the audio carrier amplitude is 
7 dB to 10 dB below the picture carrier amplitude and for 
cable services the typical sound/picture carrier ratio is 
-15 dB. However, due to the FM improvement factor 
(45.4 dB for equal amplitude carriers compared to the AM 
picture carrier) audio S/N ratios do not degrade as rapidly as 
the picture S/N—even with the lower audio carrier ampli¬ 
tudes. Figure 14 shows the increase in audio noise level as 
both carrier amplitudes are reduced from the picture carrier 
level that produces a noise-free picture. When the picture 
noise is already objectionable the audio noise level has 
remained virtually unchanged, even for an audio carrier 
30 dB below the picture carrier. By the time an unacceptable 
picture noise level has been reached, the audio noise has 
increased by less than 3 dB for sound carriers at -10 dB and 
-20 dB relative to the picture carrier. Therefore it is unlikely 
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that a perceptible increase in noise compared to a strong 
channel will occur before the viewer switches to another 
channel. 



PICTURE CARRIER LEVEL (dB) 
OdB = 500 /xV 
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FIGURE 14. Increase in Audio Noise with 
Decreasing Carrier Levels 
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FIGURE 15. TV Noise Spectrum Level 

Figure 15 shows the noise spectrum level of a strong audio 
carrier (1 mVrms) referred to 7.5 kHz carrier deviation. The 
standard peak deviation in the U.S. is 25 kHz so that the 
spectrum level will be 10 dB lower when referred to the peak 
audio level, meaning that the noise is not much better than 
the cassette tape noise levels shown previously. Only the 
relatively small power capability and limited bandwidth of 
audio amplifiers and speakers in conventional receivers has 
made this noise level acceptable. Unfortunately for the lis¬ 
tener who hooks up the audio to his Hi-Fi system, or buys a 
new receiver with wider audio bandwidth and high output 
power (in anticipation of the proposed BTSC stereo audio 
broadcasts for television), TV sound will exhibit this noise. 


Because the noise floor will be relatively constant, a pre-set 
threshold can be used for the LM1894 control path (although 
broadcast of older movies with unprocessed and noisy opti¬ 
cal soundtracks might increase the received noise), and the 
only modification to the standard application circuit is to shift 
the control path notch filter down to 15.734 kHz. This is done 
with sufficient accuracy simply by changing the 0.015 pF 
tuning capacitor to 0.022 pF. 

Note: The introduction of a stereo audio broadcast (the BTSC-MCS pro¬ 
posal) does not substantially modify the above conclusions, even 
though dbx noise processing is used The dbx-TV noise reduction is 
applied only to the new stereo difference signal channel (L-R) to 
decrease the additional noise intrinsic in the use of an AM subcarrier 
along with the normal (L+R) monaural channel This means that the 
new stereo signal should have roughly the same characteristics as the 
present monaural signal 

6. MULTIPLE SOURCES: 

Multiple sources are best accommodated by keeping the 
potentiometer in the LM1894 control path and allowing the 
user to optimize each source. Nevertheless, for conve¬ 
nience, pre-sets are often desired and these can be done in 
two ways. 

1. If the sources have widely different S/N ratios, the resis¬ 
tive divider at Pin 5 should be tapped at the appropriate 
point for each source noise level. This assumes that the 
source signal levels have been matched at the input to 
the LM1894 for equal volume levels. 

2. If the source S/N ratios are not too far different, then the 
input levels can be trimmed individually to produce the 
same noise level in the LM1894 control path. A single 
sensitivity setting is used, and an additional switch polo 
ganged to the source selector switch is avoided 

Examples of both arrangements are shown in Figure /5(a) 
and (b). To set up the multiple source system of 16(b) , the 
DNR control path sensitivity is adjusted for the source with 
the lowest noise floor. Measure the peak detector voltage 
(Pin 10) produced by this noise source and then switch to the 
next source. Adjust (attenuate) the input level of the new 
source to match the previous Pin 10 detector voltage and 
repeat this procedure for each subsequent source. 

7. CASCADING THE LM1894 AUDIO FILTERS 

The LM1894 has two matched audio lowpass filters which 
can be cascaded, providing a single channel filter per I/C 
with a 12 dB/octave roll-off. This produces slightly more 
noise reduction (up to 18 dB) but because the steeper filter 
slope may in some cases produce audible effects on high 
frequency material, cascaded filters are best used for 
sources with a relatively restricted h.f. content. When the 
filters are cascaded the combined corner frequency de¬ 
creases by 64% according to Equation (7)), for n = 2 

fc = Iq - 1 

(7) 

Therefore, to retain the original frequency range, the capaci¬ 
tor values must be reduced by the same factor to 0.0022 pF. 
One of the audio outputs is connected over to the other 
audio filter input and the summing amplifier in the control 
path is by-passed by moving the 0.1 pF coupling capacitor 
from Pin 5 over to the single audio input. If the audio source 
is unable to drive the 1 k^2 impedance of the control path 
input network, this can be scaled up by using a 0.01 pF 
capacitor and a 10 kf2 potentiometer. 
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(a) Input and Control Path Switching for Two Sources 
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(b) Eiiminating the Controi Path Switch 


FIGURE 16. Multiple Programme Source Switching 



FIGURE 17. Cascading the Audio Filters of the LM1894 
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Audio Amplifiers Utilizing: ““ 
SPiKe™ Protection johnoeceiies 



Introduction 

As technology develops, integrated circuits continue to pro¬ 
vide an advantage to consumers requiring products with 
more functionality and reliability for their money. It’s been 
less than fifty years since the first transistor began to provide 
audio amplification to consumers. Technology changed, 
bringing to the market higher power discretes and hybrids 
with the later development of lower powered monolithics. 
Today with the development of 1C technologies, 
high-performance monolithic audio amplifiers arrive, allow¬ 
ing consumers to experience high-power, high-fidelity audio 
systems in compact packages. 

The Overture™ Audio Power Amplifier Series possesses a 
unique protection system that saves audio amplifier design¬ 
ers components, size, and cost of their systems. This trans¬ 
lates into higher-power, more functional, more reliable, com¬ 
pact audio amplification systems. ' 

These advantages, generally provided only in high-end dis¬ 
crete amplifiers, are accomplished by providing a protection 


mechanism within a monolithic power package. Since audio 
amplifier designers generally need to provide some sort of 
protection to the output transistors in order to keep product 
failures to a minimum. National Semiconductor’s Audio 
Group has designed SPiKe (Self Peak Instantaneous Tem¬ 
perature (°Ke)) Protection. This is a protection mechanism 
designed to safeguard the amplifier’s output from overvolt¬ 
ages, undervoltages, shorts to ground or to the supplies, 
thermal runaway, and instantaneous temperature peaks. 
The following pages will explain in detail each of the protec¬ 
tions provided by SPiKe protected audio amplifiers, the ad¬ 
vantages they bring to audio designers, and why they are 
necessary. 

Each of the protection sections on the following pages will 
refer to Figure 1. (Amplifier Equivalent Schematic with Sim¬ 
plified SPiKe Protection Circuitry) when its functionality is 
described. 



FIGURE 1. Amplifier Equivalent Schematic with Simplified SPiKe Protection Circuitry 
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Self Peak Instantaneous 
Temperature Limiting (SPiKe) 

SPiKe Protection is a “uniquely-smart” protection mecha¬ 
nism that will adjust its output drive capability according to its 
output operating conditions, thus safeguarding itself against 
the most stringent power limiting conditions. 

Other power amplifiers on the market provide SOA protec¬ 
tion by calculating external resistances for adjustable current 
limiting whose primary function is to keep the amplifier within 
its safe operating area. Not only do these amplifiers require 
external components, but they also have a design conflict 
between fault protection and maximum output current drive 
capability. In order to keep the device from self-destructing 
against output shorts to either supply rail, the adjustable 
current limit must be significantly lowered, thus limiting the 
device’s current drive capability. 

SPiKe protected audio amplifiers provide extensive fault pro¬ 
tection without sacrificing output current drive capability. Its 
circuitry functions by sensing the output transistor’s tem¬ 
perature, enabling itself when the temperature reaches ap¬ 
proximately 250°C. Depending upon the amplifier’s present 
operating conditions, the device will reduce the output drive 
transistor’s base current, as shown in Figure 1, keeping the 
transistor within its safe operating area. 

The uniqueness of SPiKe protected audio amplifiers is its 
ability to monitor the output drive transistor’s safe operating 
area dynamically, regardless of an output to ground short, an 
output to supply short, or the reaching of its power limit by 
any pulse within the audio spectrum. 

As can be seen from Figure 2, Figure 3 and Figure 4, the 
safe operating area is reduced for all pulse widths as the 
case temperature increases. This indicates that good heat¬ 
sinking is required for optimal operation of the power ampli¬ 
fier. Figure 5, Figure 6 an6 Figure / illustrate the reduction of 
the safe operating area by the increasing effect of enabling 
SPiKe Protection on a 100 Hz sine wave due to increasing 
case temperatures. 

As seen in the Current Limiting section, a short to ground 
with an input pulse applied to the amplifier will be current 
limited by the conventional current limiting circuitry for a few 
hundred microseconds. When the junction temperature 
reaches its limit, SPiKe protection takes over, limiting the 
output current further, as the junction temperature tries to 
rise above 250°C. 


This protection scheme results in the power capabilities 
being dependent upon the case temperature, the transistor 
operating voltages, Vce. and the power dissipation versus 
time. 


Safe Operating Area 



COLLECTOR-EMITTER VOLTAGE (V) 

01186920 


FIGURE 2. Tc = 25°C 


Safe Operating Area 
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FIGURE 3. Tc = 75“C 


Safe Operating Area 
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FIGURE 4. Tc = 125°C 
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Self Peak Instantaneous 
Temperature Limiting (SPiKe) 

(Continued) 


SPiKe Protection Response 
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FIGURE 5. Tc = 75°C 
SPiKe Protection Response 
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Figure 8 shows the peak power dissipation capabilities of the 
output drive transistor at increasing case temperatures for 
various output pulse widths. 

Figure 9 shows the power required to activate SPiKe cir¬ 
cuitry at increasing case temperatures over the operating 
voltage range. 

Again, it is evident that good heatsinking and ventilation 
within the system are important to the design in order to 
achieve maximum output power from the amplifier. 

SPiKe protected amplifiers provide the capability of regulat¬ 
ing temperature peaks that may be caused by reaching the 
power limit of the safe operating area. The reaching of power 
limits may result from increased case temperatures while 
heavily driving a load or by conventional current limiting, 
resulting from the output being shorted to ground or to the 
supplies. 
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FIGURE 8. Pulse Power Dissipation vs Pulse Width 


FIGURE 6. Tc = SOX 


SPiKe Protection Response 
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FIGURE 7. Tc = 85X 
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Figure 8 and Figure 9 are provided for each SPiKe Protected FIGURE 9. Pulse Power Dissipation vs Vce 

audio power amplifier and should be used to determine the 
power transistor’s peak dissipation capabilities and the 
power required to activate the power limit. This information 
may help a designer to determine the maximum amount of 
power that SPiKe protected amplifiers may deliver into dif¬ 
ferent loads before enabling SPiKe protection. 
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Overvoltage—Output Voltage 
Clamping 

One of the most important protection schemes of an audio 
amplifier is the protection of the output drive transistors 
against large voltage flyback spikes. These spikes are cre¬ 
ated by the sudden attempt to change the current flow in an 
inductive load, such as a speaker. When a push-pull ampli¬ 
fier goes into power limit (i.e., reaching the SOA limit) while 
driving an inductive load, the current present in the inductor 
drives the output beyond the supplies. This large voltage 
spike may exceed the breakdown voltage rating of a typical 
audio amplifier and destroy the output drive transistor. In 
general, the amplifier should not be stressed beyond its 
Absolute Maximum (No Signal) Voltage Supply Rating and 
should be protected against any condition that may lead to 
this type of voltage stress level. This type of protection 
generally requires the use of costly zener or fast recovery 
Schottky diodes from the output of the device to each supply 
rail. 

However, SPiKe protected audio amplifiers possess a 
unique overvoltage protection scheme that allows the device 
to sustain overvoltages for nominally rated speaker loads. 
Referring to Figure 1, the protection mechanism functions by 
first sensing that the output has exceeded the supply rail, 
then immediately turns the driving output transistor off so 
that its breakdown voltage is not exceeded. The circuitry 
continues to monitor the output, waiting to turn the output 
drive transistor back on when the overvoltage fault has 
ceased. 

While monitoring the output, the IC also provides SPiKe 
protection if needed. Finally, SPiKe protected audio amplifi¬ 
ers possess an internal supply-clamping mechanism; a ze¬ 
ner plus a diode drop from the output to the positive supply 
rail and an intrinsic diode drop from the output to the nega¬ 
tive rail. This equates to clamping of approximately 8V on the 
positive rail and 0.8V on the negative rail as can be seen in 
Figure 10 and Figure 11, respectively. 

Figure 12 and Figure 13 model the output stage for each 
overvoltage condition exemplifying how the voltage wave¬ 
forms are clamped to their respective values for high fre¬ 
quency waveforms. As shown in the Self Peak Instanta¬ 
neous Temperature Limiting (SPiKe) section, Figure 2, 
Figure 3 and Figure 4, the safe operating area for lower 
frequency waveforms Is much smaller than for higher fre¬ 
quency waveforms. Therefore, the power limits of low fre¬ 
quency waveforms may be reached much more easily than 


for high frequency waveforms. It Is due to this fact that more 
extreme and more frequent overvoltages may occur at lower 
frequencies, as shown in Figure 14, Figure 15, Figure 16an6 
Figure 17. The peak output voltage spikes may increase 
beyond the described clamping values due to extreme 
power conditions, however, the waveforms will decrease to 
the clamping values with the discharge of the output inductor 
current, as shown in Figure 14. 



FIGURE 10. Positive Output 
Voltage Clamping Waveform 
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FIGURE 11. Negative Output 
Voltage Clamping Waveform 
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Overvoltage—Output Voltage 
Clamping (Continued) 
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FIGURE 12. Output Stage 
Overvoltage Model (Vcc) 
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FIGURE 13. Output Stage 
Overvoltage Model (-Vee) 

The lower output stage has the advantage of an intrinsic 
diode from the negative rail to the output which can replace 
the usual external clamping diode in an audio amplifier. This 
intrinsic diode is an advantage of the monolithic 1C, capable 
of handling the large current flowing through the load at the 
time of the power limit. 

The system is not protected against all reactive loads since 
these clamping diodes will dissipate large amounts of power 
that cannot be controlled by the peak temperature limiting 
circuitry if the fault is sustained for a long period of time. It 
should also be noted that for purely reactive loads, all of the 
power is dissipated in the amplifier and none in the load. This 
implies that if the load is more reactive than resistive, at 
those frequencies, more power will be dissipated in the 
amplifier than delivered to the speaker. Since the impedance 
characteristics of a speaker change over frequency, it is very 
important to know what types of loads the amplifier can and 
cannot drive in order to not only match the amplifier and 


speaker for optimum performance, but also to protect the 
amplifier from trying to outperform itself. It is the mismatch¬ 
ing of components or low dips in the resistive component of 
a complex speaker that can cause an amplifier to go into 
power limit. The likelihood of reaching the amplifier’s power 
limit is greatly reduced when the minimum impedance that 
the amplifier can drive is known. 

Figure 14, Figure 15, Figure 76 and Figure 17 ere examples 
of the LM3876 reaching its power limit, experiencing large 
flyback voltages from an inductive load, for various input 
signals and loads. 

The test conditions for Figure 14, Figure 15, Figure 16 and 
Figure 17 are as follows: 

• Using an LM3876 

• No external compensation components 

• Vcc = ±35V 

• Avcl = 20 

• lo/Div. = 2.0A/div 

• Zl = 7.5 mH + 4Q. for Figure 14 

• Zl = 7.5 mH + 2Q for Figure 15, Figure 16 and Figure 17 

• f = 100 Hz for Figure 14, Figure 15 and Figure 17 

• f = 70 Hz for Figure 16 

In Figure 14, the 4.5Vpk input signal applied to the amplifier 
with a closed-loop gain of 20, produces the severely clipped 
34V output voltage waveform, as shown. The sharp 48.5V 
overvoltage spike that occurs at the crossover point is due to 
the amplifier output stage reaching the SOA (Safe Operating 
Area) limit. For this waveform, the collector-emitter voltage is 
quite large, while the output current is also quite large (4A) 
Referring to Figure 2, Figure 3 and Figure 4, it is easily 
understood that the SOA power limit has been reached. 
When the SOA limit is reached, the SPiKe protection circuitry 
tries to limit the output current while the inductor tries to 
continuously supply the current it has stored. Since the 
current in an inductor can’t change instantaneously, the cur¬ 
rent is driven back into the output up through the upper drive 
transistor, as shown in Figure 12. 

It is this current that causes the large flyback voltage spike 
on the output waveform. The peak of the voltage spike can 
be found by taking the current going through the output at 
the time of the power limit multiplied by the 0.45Q emitter 
resistor and adding it to the zener-diode combination. In 
Figure 76 this would be (2A)(0.45^2) -i- 8V which is approxi¬ 
mately 9V, as shown by the cursors. For the lower output 
stage, the clamping voltage is controlled by an intrinsic diode 
that replaces costly output clamping diodes. 

In Figure 14, when the current reaches close to zero, the 
voltage at the output tends to move towards the output 
voltage that it would have been if the power limit had not 
been reached. This is typical for all overvoltage occurrences. 
It should be noted that when the overvoltage fault occurs, the 
device is no longer functioning in the closed-loop mode. 

In Figure 15, one waveform is actually a sinewave with 
SPiKe protection enabled, as in Figure 5, Figure 6 and 
Figure 7 with the same overvoltage spikes as in Figure 14 
and the other waveform is the output current. In the middle of 
the response, the current is rising toward 6A when SPiKe is 
enabled, causing a “bite” to be taken out of the sinewave. 
The device is just trying to limit the output current at this 
point, as explained in the SPiKe Protection section. The 
overvoltage flyback spike then occurs while the output cur¬ 
rent discharges to zero. However, this time when the current 
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Overvoltage—Output Voltage 
Clamping (Continued) 

reaches zero, the current and voltage must make up for what 
it had lost and try to return to Its position on the amplified 
input waveform. The voltage jumps up to its value, but the 
current must slowly and continuously charge up to Its place 
on the current waveform, then continue downward as the 
lower output stage starts sinking current. It must be remem¬ 
bered that the current waveform would have been a sin- 
ewave if the SOA power limit hadn’t been reached. 
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FIGURE 14. Overvoltage Exceeding Clamping Level 



01186907 


FIGURE 15. Reaching the SOA Power Limit, 
f = 100 Hz, SPiKe Enabied 

Multiple SOA power limits on the output waveform are the 
difference between Figure 15 and Figure 16. Figure 16 \s 
intended to show that multiple SOA power limits can occur 
under extreme loading conditions. The amplifier Is trying to 
drive a 70 Hz sinewave into a 7.5 mH inductor In series with 
a 2Q resistor. As the signal frequency decreases, with a low 
resistance load, the number of SOA power limits will in¬ 
crease. The frequency of reaching power limits will depend 
upon the size of the reactance as the load. 

Figure 17 is intended to exemplify the large current overdrive 
that can occur when the output waveform is driven hard into 
the rails. Notice that the current is over 6Apk for each voltage 
swing. 

It must be remembered that it Is the large voltage across the 
output drive transistors that would normally exceed a dis¬ 
crete output transistor’s breakdown voltage. A discrete 


power transistor that is not protected with output clamping 
diodes would be destroyed if its breakdown voltage was 
exceeded. SPiKe protected audio amplifiers clearly show the 
ability to withstand overvoltages created by low impedance 
loads. 

The integration of output overvoltage protection within mono¬ 
lithic audio amplifiers provides the advantage of eliminating 
expensive fast-recovery Schottky diodes that would be used 
in a discrete design, thus resulting in fewer external compo¬ 
nents and a lower system cost. 



FIGURE 16. Multiple SOA Power Limits 
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FiGURE 17. Output Saturation 
Causing Extreme Overvoitage 

Undervoltage—Popless 
Power-On/Off 

SPiKe protected audio amplifiers possess a unique under¬ 
voltage protection circuit that eliminates the annoying and 
destructive pops that occur at the output of many amplifiers 
during power-up/down. SPiKe’s undervoltage protection was 
designed because all DC voltage shifts or “pops” at the 
output should be avoided in any audio amplifier design, due 
to their destructive capability on a speaker. These pops are 
generally a result of the unstable nature of the output as 
internal biasing is established while the power supplies are 
coming up. 

SPiKe Protection accomplishes this by disabling the output, 
placing it in a high impedance state, whiie its biasing is 
established. This function is achieved through the disabiing 
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Undervoltage—Popless 
Power-On/Off (Continued) 

of all current sources within the device as denoted by control 
signal Vq, in Figure 1. For the LM2876, LM3876, and 
LM3886, the control signal will not allow the current sources 
to function until 1) the total supply voltage, from the positive 
rail to the negative rail, is greater than 14V and 2) the 
negative voltage rail exceeds -9V. The LM3875 is undervolt¬ 
age protected with the relative 14V total supply voltage 
condition only. Thus for the “6”-series, the amplifiers will not 
amplify audio signals until both of these conditions are met. 
It is this -9V protection that causes the undervoltage protec¬ 
tion scheme to disable the output up to 18V between the 
positive and negative rail, assuming that both supply rails 
come up simultaneously. This can be seen in Figure 18. The 
-9V undervoltage protection is ground referenced to elimi¬ 
nate the possibility of large voltage spikes, that occur on the 
supplies, which may enable the relative 14V undervoltage 
protection momentarily. 

It should be noted that the isolation from the input to the 
output, when the output is in its high-impedance state, is 
dependent upon the interaction of external components and 
traces on the circuit board. 

As can be seen in Figure 18 and Figure 19, the transition 
from ground to ±Vqq and from ±Vcc to ground upon 
power-on/off is smooth and free of “pops”. It can also be 
seen from the magnification of Figure 18 in Figure 20, that 
the amplifier doesn’t start amplifying the input signal until the 
supplies reach ±9V. It is also evident that there is no 
feedthrough from OV to ±9V. It must be noted that the 
sinewave being amplified is clipped initially as the supplies 
are coming up, but after the supplies are at their full values, 
the output sinewave is actually below the clipping level of the 
amplifier. 

It should also be noted that the waveforms were obtained 
with the mute pin of the LM3876 sourcing 0.5 mA, its 0 dB 
attenuation level. If the mute pin is sourcing less than 
0.5 mA, the nonlinear attenuation curve may induce cross¬ 
over distortion or signal clipping. The Mute Attenuation 
curves vs. Mute Current in the datasheets of the LM2876, 
LM3876, and LM3886 show this nonlinear characteristic. 
The LM3875 is the sister part to the LM3876 and does not 
have a mute function. 

For optimum performance, the mute function should be ei¬ 
ther enabled or disabled upon power-up/down. Although the 
undervoltage protection circuitry is not dependent upon the 
mute pin and its external components, the mute function can 
be used in conjunction with the undervoltage function to 
provide a longer turn-on delay. It should be noted that the 
mute function is also popless. Of the multiple ways to set the 
mute current and utilize the mute function, the use of a 
regulator can continuously control the amount of current out 
of the mute pin. This regulation concept keeps the attenua¬ 
tion level from dropping below 0 dB when the supply is 
sagging. More information about mute circuit configurations 
will be provided later in a future application note. 

The advantages of undervoltage protection in SPiKe pro¬ 
tected audio amplifers are that no pops occur at the output 
upon power-up/down. Customers can also be assured that 
their speakers are protected against DC voltage spikes 
when the amplifier is turned on or off. 


Current Limiting—Output Short to 
Ground 

Whether in the lab or inside a consumer’s home, the possi¬ 
bility of an amplifier output short to ground exists. If current 
limiting is not provided within the amplifier, the output drive 
transistors may be damaged. This means one of two things, 
either sending the unit to customer service for repair or if 
you’re in the lab, throwing the discrete drive transistor or 
hybrid unit away and replacing it with a new one. SPiKe 
protected audio amplifiers eliminate this costly, 
time-consuming hassle by providing current limiting capabil¬ 
ity internally. 

This also means that the multiple components required to 
provide current limiting capability in a discrete design are 
eliminated with the monolithic audio amplifier solution, once 
again, reducing the system size and cost. 

The value of the current limit will vary for each particular 
audio amplifier and its output drive capability. Please refer to 
each amplifier’s datasheet Electrical Characteristics section 
for particular current limits. 

As can be seen in Figure 21, the value of current limiting for 
the LM3876 is typically 6 Apk when Vcc = ±35V and Rl = 
1i2. From the scope cursors at the top of the waveform Ilimit 
= Vo/Rl- This test was performed with a closed-loop gain of 
20 and an Input signal of 2V (t^ = 10 ms). 
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FIGURE 18. Output Waveform Resulting 
from Power-On Undervoltage Protection 
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FIGURE 19. Output Waveform Resulting 
from Power-Off Undervoltage Protection 
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Current Limiting—Output Short to 
Ground (Continued) 



FIGURE 20. Output Waveform Resulting 
from Power-Off Undervoltage Protection 
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FIGURE 21. LM3876 Typical Current Limiting 
with SPiKe Protection ON 

Notice that the initial current limit is at its peak value of 
approximately 6A, but as time increases, the final current 
limit decreases. This is due to the enabling of the instanta¬ 
neous temperature limiting circuitry or SPiKe protection. 
When the IC is in current limiting, the temperature of the 
output drive transistor array increases to its limit of 250°C, at 
which time SPiKe protection is enabled, reducing the 
amount of output drive current. It is this further reduction of 
its drive current that prevents the output drive transistor from 
exceeding the safe operating area. 

As shown in Figure 22, Figure 23 and Figure 24 as the input 
pulses’ time increases, the level of SPiKe protection im¬ 
posed on the waveform increases. It should be noted that 
SPiKe protection was enabled after 200 ps of current limiting 
in Figure 23 and Figure 24, but is in general dependent upon 
the case temperature, the transistor operating current and 
voltage, and its power dissipation versus time. 


The internal current limiting circuitry functions by monitoring 
the output drive transistor current. The sensing of an in¬ 
crease in this current signals the circuitry to puli away drive 
current from the base of the output drive transistor as shown 
in Figure 1. The harder the input tries to drive the output, the 
more current is pulled away from the output drive transistor, 
thus internally limiting the output current. 

Another point worth mentioning is that with increasing supply 
voltages, the turn-on point of SPiKe protection, when in 
current limiting, will decrease. Since the internal power dis¬ 
sipation is greater, it will take a shorter amount of time before 
the temperature of the output drive transistor increases to 
the SOA limit. 

Once again, SPiKe protected audio amplifiers save design 
time and external component count by integrating system 
solutions within the IC, translating into more cost reduction. 

Current Limiting—Output Short to 
Suppiy 

One feature of SPiKe Protection which can prevent costly 
mistakes from occurring in the lab when prototyping Over¬ 
ture audio amplifiers is its protection from output shorts to 
the supply rails. The device is protected from momentary 
shorts from the output to either supply rail by limiting the 
current flow through the output transistors. 

Although accidents such as this one occur infrequently, ac¬ 
cidents do happen and if one were to happen with Overture 
audio amplifiers they would be protected for a limited amount 
of time. Normally when an accident like this would occur in a 
discrete design with no current limiting protection, the output 
transistor would be subjected to the full output swing plus a 
large current draw from the supply. This type of stress would 
destroy an output stage discrete transistor whereas with 
SPiKe protected amplifiers, the current is internally limited, 
thus preventing its output transistors from being destroyed. 
One note to make about this protection scheme is that the 
current limitation is not sustained indefinitely. In essence, the 
output shorts to either supply rail should not be sustained for 
any period of time greater than a few seconds. Frequent 
temporary shorts from the output to either supply rail will be 
protected, however, continued testing of the circuitry in this 
manner is not guaranteed and is likely to cause degradation 
to the functionality and long-term reliability of the device. 



FIGURE 22. = 100 |JS, tspiKe (Not Enabled) 
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Current Limiting—Output Short to 

Supply (Continued) 



FIGURE 23. tw = 1 ms, tspiKe = 200 ps 
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FIGURE 24. = 10 ms, tsPiKe = 195 |JS 


Thermal Shutdown—Continuous 
Temperature Rise 

An audio system designer’s design cycle time is reduced by 
eliminating the need for designing tricky thermal matching 
between discrete output transistors and their biasing coun¬ 
terparts which are physically located some distance from 
each other. Complex thermal sensing and control circuitry 
provided from the legendary Bob Widlar, and the ability of 
integrating it onto a monolithic amplifier, eliminates the ex¬ 
ternal circuitry and long design time required in a discrete 
amplifier design. 

SPiKe protected audio amplifiers are safeguarded from 
Thermal runaway, an area of concern for any 
complementary-symmetry amplifier. Thermal runaway is an 
excessive amount of heating and power dissipation of the 
output transistor from an increased collector current caused 
by the two complementary transistors not having the same 
characteristics or from an uncompensated Vbe being re¬ 
duced by high temperatures. 

If proper heatsinking is not utilized, the die will heat up due to 
the poor dissipation of power when the amplifier is being 
driven hard for a long period of time. Once the die reaches its 
upper temperature limit of approximately 165°C, the thermal 
shutdown protection circuitry is enabled, driving the output to 
ground. A pseudo “pop” at the output may occur when this 
point is reached, due to the sudden interruption of the flow of 
music to the speaker. The device will remain off until the 
temperature of the die decreases about 10°C to its lower 
temperature limit of 155°C. It is at this point that the device 
will turn itself on, again amplifying the input signal. 

As can be seen in Figure 25 and Figure 26, the junction 
temperature vs time graph and the response to the activation 
of the thermal shutdown circuitry perform in a Schmitt trigger 
fashion, turning the output on and off, thus regulating the 
temperature of the die over time when subjected to high 
continuous powers with improper heatsinking. 

The intention of the protection circuitry is to prevent the 
device from being subjected to short-term fault conditions 
that result in high power dissipation within the amplifier and 
thus transgressing into thermal runaway. If the conditions 
that cause the thermal shutdown are not removed, the am¬ 
plifier will perform in this Schmitt trigger fashion indefinitely, 
reducing the long-term reliability of the device. 

The fairly slow-acting thermal shutdown circuitry is not in¬ 
tended to protect the amplifier against transient safe operat¬ 
ing area violations. SPiKe protection circuitry will perform 
this function. 
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FIGURE 25. Junction Temperature vs Time 
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Thermal Shutdown—Continuous Temperature Rise (Continued) 
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FIGURE 26. Thermal Shutdown Waveform 
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FIGURE 27. Actual Thermal Shutdown Waveform 
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1.0 Introduction 

National Semiconductor has a broad portfolio of monolithic 
power integrated circuits covering power levels from a few 
hundred milliwatts up to 60W of non-clipped continuous 
average power. These ICs cover most audio applications by 
themselves, however, for really high-power applications, 
other methods need to be employed because IC packages 
have limited power dissipation capabilities. 

There are many different ways of obtaining over 100W of 
output power. Most high-end power amplifier manufacturers 
utilize discrete circuits which allows them to market their 
amplifiers as “specially designed,...” However, there is a 
price to be paid for discrete amplifier designs; they are 
complex, difficult to design, require many components, lack 
the comprehensive protection mechanisms of integrated cir¬ 
cuits and are not as reliable. 

Other methods of obtaining output power greater than 10OW 
include the use of power ICs as drivers for discrete power 
transistors. There are a number of these types of circuits, but 
they too possess all of the same flaws as discrete circuits, 
including a lack of comprehensive output stage protection. 

2.0 Objective 

The objective is to provide simple high-power solutions that 
are conservatively designed, highly reliable and have low 
part count. This document provides three specific, but not 
unique, application circuits that provide output power of 
100W, 200W, and above. These circuits are the parallel, 
bridged, and bridged/paralleled configurations. 

These three circuits are simple to understand, simple to build 
and require very few external components compared to 
discrete power amplifier designs. Simplicity of design and 
few components make this solution much more reliable than 
discrete amplifiers. In addition, these circuits inherently pos¬ 
sess the full protection of each individual IC that is very 
difficult and time consuming to design discretely. Finally, 
these circuits are well known and have been in industry for 
years. 

3.0 Conclusion 

The BR100 (100W Bridged Circuit), PA100 (100W parallel 
circuit), and the BPA200 (200W Bridged/Paralleled Circuit) 
are high-power solutions that can be used in many applica¬ 
tions, but they are primarily targeted for Home Theater Am¬ 
plifier applications such as powered subwoofers, 
self-powered speakers, and surround sound amplifiers. 
While bridged amplifier configurations are able to provide 
high power levels, they also consume four times more power 
than a conventional single-ended solution. However, it is 
feasible to conservatively design a 100W bridged amplifier 
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3.0 Conclusion (Continued) 

solution, as will be shown here. The bridged solution is 
designed to drive an 812 nominal load for self-powered 
speaker or powered subwoofer applications. 

The parallel amplifier is another configuration that can be 
used to obtain higher output power levels by combining two 
1C outputs and doubling output current drive capability. The 
parallel amplifier using Overture ICs is ineffective In obtain¬ 
ing higher output power levels with 8Q loads because the 
ICs are voltage supply limited. However, the parallel topol¬ 
ogy provides a great way of achieving higher power levels 
while keeping within 1C power dissipation limits by driving 
low impedance loads, which is the case for many self- 
powered speaker and powered subwoofer designs. The 
main advantage of the parallel configuration is its ability to 
divide total power dissipation between ICs, since each am¬ 
plifier is providing half of the load current. Another advantage 
of the parallel design is that unlike the bridge design, more 
than two ICs can be used. In fact, any number of ICs can be 
used in a parallel design and when configured the same will 
share the power dissipation equally. For example, using four 
ICs to drive a 1Q load means that each IC dissipates Va of 
the total power dissipation. In other words, the load to each 
IC looks like a 4Q load (Number Of ICs in Parallel * Load 
Impedance = Load Impedance seen by each individual IC.) 
Odd numbers of ICs can also be used. 

If the bridged and parallel configurations are combined, the 
outcome is a very high-power amplifier solution that far 
exceeds the capabilities of one IC alone, while maintaining 
reasonable power dissipation levels within each IC. The 
bridged portion doubles the output voltage swing and qua¬ 
druples the total power dissipation while the parallel portion 
halves the current between each IC set and divides the total 
power dissipation between each of the four iCs. The result is 
higher system output power with each IC not exceeding its 
individual power dissipation capabilities. Higher output 
power levels are attained, while the ICs run at a normal 
temperature, keeping long-term reliability high. The sche¬ 
matic of the Bridged/Paralieled Amplifier is shown in Figure 
13. 

The data in the following sections will exemplify that the 
parallel, bridged, and bridged/paralleled solutions using mul¬ 
tiple power ICs can meet high fidelity specifications while 
providing output power from 100W up to 400W. The low 
noise and excellent linearity traits of the monolithic IC are 
transferred to the high-power solution, making the circuit 
even more attractive. In addition, the protection mechanisms 
within the IC, which are not easily designed discretely, are 
inherently designed into the circuit, making the solution 
priceless. 

While the data show what specs can be achieved by the 
configurations, as always, good design practices need to be 
followed to achieve the stated results. In addition to good 
electrical and layout design practices, the thermal design is 
equally critical with Overture ICs. The following section will 
expand on the thermal design aspects of Overture ICs. This 
concept of “design by power dissipation” is applicable to all 
types of high power solutions. 

The PA100, BR100, and BPA200 schematics and test re¬ 
sults exemplify what can be achieved with proper compo¬ 
nent selection, thermal design, and layout techniques. The 
PA100, BR100, and BPA200 demoboards are available from 
your regional National Semiconductor Business Center. 


4.0 Thermal Background 

The voltage and current ratings of a power semiconductor 
are typically the first specs considered in designing high 
power amplifiers. The same is true for an integrated mono¬ 
lithic power amplifier. However, power dissipation ratings are 
equally important to the long-term reliability of the power 
amplifier design. When using a monolithic IC in its intended 
application and within its specified capabilities, the thermal 
design is relatively straightforward. When an IC is used 
beyond is capabilities, as in high power circuits, power dis¬ 
sipation issues become more critical and not as straight¬ 
forward. Therefore, the designer must understand the IC’s 
power dissipation capabilities before using the IC in a 
booster configuration. 

4.1 TYPICAL CHARACTERISTIC DATA 

The power dissipation capabilities of a power IC are either 
specified in the datasheet or can be derived from its guar¬ 
anteed output power specification. While the power dissipa¬ 
tion rating for the LM3886T is 125W, this number can be 
misleading. Its power dissipation specification is derived 
from the IC’s junction-to-case thermal resistance, Gjc = 
1°CAA/, the maximum junction temperature, Tj = 150°C, and 
the ambient air, T^ = 25°C. As stated in the datasheet, the 
device must be derated based on these parameters while 
operating at elevated temperatures. The heatsinking require¬ 
ments for the application are based on these parameters so 
that the IC will not go into Thermal Shutdown (TSD). The real 
problem for Overture ICs, however, comes from the sensi¬ 
tivity of the output stage’s unique SPiKe™ Protection which 
dynamically monitors the output transistor’s temperature. 
While the thermal shutdown circuitry is enabled at Tj = 
150°C, SPiKe circuitry is enabled at Tj = 250°C for instanta¬ 
neous power spikes in the output stage transistor. As the 
overall temperature of the IC increases, SPiKe circuitry be¬ 
comes even more sensitive causing it to turn on before the 
125W limit is reached. TSD circuitry will continue to function 
globally for the IC in conjunction with the SPiKe circuitry. 
However, protection circuitry should not be activated under 
normal operating conditions. The question then becomes, 
what is the power dissipation limit for the IC such that SPiKe 
circuitry is not enabled? Knowing the power dissipation limit 
and keeping the case temperature of the IC as cool as 
possible will expand the output power capability without 
activating SPiKe Protection. 

The other way to determine IC power dissipation capabilities 
is to analyze the output power specification in the datasheet. 
In the case of the LM3886T, there are two output power 
specification guarantees: 60W (min) into a 412 load using 
±28V supplies and 50W(typ) into an 812 load from ±35V 
supplies. Using these two conditions and the theoretical 
maximum power dissipation equation shown below, results 
in the following maximum power dissipations: 

4.2 SINGLE-ENDED AMPLIFIER Pdmax EQUATION: 

Pdmax = Vcctot2/27t^RL 

Non-lsolated LM3886T: 

1. Vcc = ±28V, Rl = 412 

Pdmax = Vcctot2/27c2RL = (±28V)2/27c2(412) = 39.7W 

2. Vcc = ±35V, Rl = 812 

Pdmax = Vcctot2/27r2RL = (±35V)2/27i2(812) = 31 .OW 
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4.0 Thermal Background (Continued) 

These results show that the 1C can handle a maximum of 
== 40W of continuous power dissipation without SPiKe Pro¬ 
tection being turned on under continuous sinusoidal input 
with proper heat-sinking. The same theory applies to other 
Overture ICs as well, like the LM3876T, which is capable of 
dissipating 31W with proper heatsinking. It should be noted 
that the results shown above are for the Non-lsolated Power 
Package, where the back of the package is tied to the silicon 
substrate, or -Vee. The Isolated Power Package has over¬ 
molded plastic on the back keeping the package electrically 
isolated from the silicon substrate. This extra amount of 
plastic increases the package thermal resistance from 
1 °C/W for the non-isolated version to = 2°C/W for the iso¬ 
lated version. The result of increased thermal resistance is 
higher die temperature under the same conditions. 
Comparing the above maximum power dissipation in single- 
ended mode to the bridged-mode under the same electrical 
conditions shows that the IC’s electrical conditions would 
need to be derated to keep within its power dissipation 
capabilities. Using the bridged-output Pdmax equation 
shown below, gives us the following results: 

4.3 BRIDGED-OUTPUT AMPLIFIER Pdmax EQUATION 

Pdmax = 4Vectot2/27c2RL = 2Vectot2/7C^RL 

The bridged-output Pdmax equation represents the bridged 
amplifier solution. If a dual amplifier 1C is used like the 
LM1876T, then the total Pdmax would need to be dissipated 
in the single 1C package. However, if two individual ICs are 
used, like two LM3886Ts, then the total power dissipation is 
divided between each 1C. 

Two Non-lsolted LM3886Ts: 

1. Vec = ±28V, Rl = 4Q 

Pdmax = 4Vectot2/27c2RL = 4(±28V)2/27r2(4Q) = 158.8W 
Pdmax = 158.8W 
Pdmax/IC = 79.4W 

Therefore, using a bridged configuration, y^c would have to 
be equal to ±20V to keep the IC’s power dissipation within 
40W when driving a 4Q. load' This equates to about 11OW of 
output power in bridged-mode driving a 4Q load. When 
driving an 812 load, and using the same bridged pdmax 
equation and a maximum of 40W of power dissipation, the 
supply voltages would have to be ±28V. This equates to 
about 120W of output power! 

There are two major points to note here: 

1. The maximum power dissipation analysis was taken into 
account using regulated power supplies. The 1C for the 
whole analysis is being tested at the worst case power 
dissipation point for a constant full-load power supply 
voltage. When using an unregulated power supply, the 
no-load voltage will be somewhat higher (15%-35%) 
causing the overall maximum power dissipation to be 
higher than expected. 

2. In the real “audio” application, the average music power 
dissipation is much less than the maximum power dissi¬ 


pation created by a sinusoidal input. Therefore, the 1C 
will run cooler than expected due to the power dissipa¬ 
tion. 

However, when you put these two points together, they 
cancel out, but only for music stimulus. Most product quali¬ 
fications go through worst case power dissipation scenarios 
which implies that sinusoids will be used with unregulated 
power supplies. Therefore, when doing the thermal portion of 
the design, the higher supply voltages will increase the 1C 
power dissipation and must be taken into account. 

4.4 THERMAL CONCLUSION 

Because of National’s portfolio of products and the capabili¬ 
ties of the bridged/paralleled circuit, the bridged solution is 
applicable for a power output window between 80W and 
120W. Trying to exceed this power level without a rigorous 
thermal design will be difficult to achieve. More caution 
needs to be applied along with better thermal management 
for bridged circuit designs. The proposed bridged/paralleled 
solution is a more robust design than the bridged circuit, 
allowing higher output power levels to be obtained. By par¬ 
alleling the two bridged sets of ICs, the amount of output 
power attainable is essentially limitless. 

In addition to better heatsinking, the application of a small 
fan can substantially increase the IC’s continuous power 
dissipation capabilities. While the air flow of the fan used to 
take the data is not known, its air flow seemed to be consis¬ 
tent with a typical computer fan. The 1C maximum power 
dissipation data for an individual LM3886 is summarized 
below in Table 1 The data shown below should only be used 
as a guideline of possible IC power dissipation capability. 
Your electrical design parameters and thermal management 
may be different, changing the achievable results. As al¬ 
ways, lab testing is recommended to verify any solution. 


TABLE 1. Power Dissipation Results 


Power IC 

Pdmax 
(No Fan) 

Pdmax 
(With Fan) 

LM3886T 

40W 

60W 

LM3886TF 

30W 

45W 


4.5 THERMAL TESTING CONDITIONS 

The data summarized in Table 1 was obtained by using the 
bridged/paralleled configuration and the following conditions: 
The system was warmed up for an hour using a power 
dissipation of 30W per device with a 412 load. Four different 
temperature points were measured after stabilizing, then the 
supply voltages were incremented while insuring that SPiKe 
Protection was not enabled during each test by monitoring 
each amplifier output. The supply voltages continued to be 
incremented until SPiKe protection or thermal shutdown was 
enabled, providing the IC’s power dissipation limits under 
those operating conditions. 

The input stimulus was a 20Hz sinewave with an amplitude 
corresponding to the worst case power dissipation for the 
given load and supply voltage. The ICs were evenly spread 
out along the heatsink with dimensions of: 3.25" high x 
13.25" long x 1.3125" deep. The main body of the heatsink is 
0.25" thick with (10) 1.0625" deep fins and the heatsink is 
black anodized. (See Appendix B, section 10.2 for detailed 
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4.0 Thermal Background (Continued) 

drawing.) Unfortunately, the fins ran horizontally, which hin¬ 
dered heat radiation without a fan, but helped with air flow 
and heat dissipation when a fan was used. 

This same testing procedure can be used for any number of 
booster circuits, including variations of the bridged/paralleled 
circuit. Another variation would be to add more ICs in parallel 
to further reduce power dissipation, allowing low impedance 
loads to be driven to obtain even higher output power levels. 

5.0 BR100—100W Bridge Circuit 

5.1 AUDIO TESTING 

The following graphs represent the performance level attain¬ 
able from the bridged circuit found in Figure 3 with a well 
designed PCB and properly heat sinked. The testing focused 
on maximum output power capabilities and amplifier linear¬ 
ity. The low THD+N plots shown on the following page 
exemplify the high degree of linearity of the bridged circuit 
which directly translates into a cleaner sounding more trans¬ 
parent amplifier. Other bridged circuit topologies that use the 
output of one amplifier as the input to the second inverting 
amplifier inherently possess higher THD and noise that will 
degrade the solution’s sound quality. 

5.1.1 LINEARITY TESTS 

The linearity of the amplifier is represented by the low 
THD+N values shown in Figures 1, 2. Figure 1 represents 
the THD+N vs Frequency for 1W, 56W, and 100W power 
levels. The 20kHz THD+N is less than 0.02% for 1W and 
about 0.008% for 56W and above. For normal listening 
levels, the THD+N is about 0.004% for most of the audio 
band. Figure 2 represents the THD+N vs Output Power 
Level for 20Hz, 1kHz, and 20kHz. The THD+N between 
20Hz and 1kHz is less than 0.004% from 1W to the clipping 
point. The 20kHz THD+N Is less than 0.02% from 1W to the 
clipping point. The continuous clipping point power is around 
105W while the power at 10% THD is about 140W. These 
THD graphs were obtained using relative THD units, which 
indicates that the noise level for the amplifier is quite low. 
Typically, the noise level becomes a significant THD+N con¬ 
tributor at low power levels and shows up as a linearly 
decreasing function of increasing input signal amplitude. The 
low power level THD+N for this amplifier is more than ac¬ 
ceptable for home entertainment applications. 

Figure 3 represents the bridged amplifier schematic. The 
design is extremely simple, consisting of a non-inverting 
power op amp configuration and an inverting power op amp 
configuration. The input to the amplifier solution goes to 
each individual configuration. While closed-loop gain match¬ 
ing is not critical, it is recommended to have fairly close 


values. The main functional point to note about this solution 
IS that for a positive going input signal, amplifier U1 will have 
a positive changing output signal while U2 will have a nega¬ 
tive changing output signal. The final voltage across the load 
is two times the peak amplitude of each individual amplifier 
output. Since output power is based on the square of the 
output voitage, the output power is theoreticaily quadrupied. 
This document wiil not go further into the functionaiity of the 
circuit as it is wideiy known in industry. 

BR100 THD+N vs Freq Rj = Vcc ±25.5V BW <80kHz 
Po = 1W, 56W, 100W 



20 100 Ik 10k 20k 


20015101 

FIGURE 1. THD+N vs Frequency 


BR100 THD+N(%) vs Pq @ f = 20Hz, 1 kHz, 20kHz 
Ri = SQL Vcc = ±25.5V BW <80kHz 



1.000 40.71 80.43 120.1 

20.86 60.57 100.3 140.0 
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FIGURE 2. THD+N vs Output Power 
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5.0 BR100—100W Bridge Circuit 

(Continued) 

5.2 SCHEMATICS 

5.2.1 Bridged Amplifier Schematic 



FIGURE 3. Bridged Amplifier Schematic 


5.2.2 Electrical Design Notes 

The following electrical design notes will aid in making the 
bridged amplifier design go more smoothly while also help¬ 
ing to achieve the highest level of performance. 

• The input impedance of the inverting amplifier is essen¬ 
tially resistor, R,. The value of this resistance affects the 
gain setting of the amplifier as well as the low frequency 
rolloff in conjunction with C,. There is a tradeoff between 
having a low frequency rolloff, a high input impedance 
and a small capacitor size and value. It is critical to have 
a flat band response down to 20Hz while it is equally 
important to have a high enough input impedance so that 
heavy loading does not occur from the preamp stage. 
Using large valued low-cost capacitors implies the use of 
leaky electrolytics which affect the output offset voltage. 
Electrolytic capacitors are also less linear than other 
premium caps and should not be used in the signal path 
when not necessary. This tradeoff issue is the toughest 
portion of the design. The amplifier gain setting is just as 
one would expect for an inverting op amp. Of course, the 
input impedance issue can be quickly resolved by using a 
voltage follower as an input buffer, but it was omitted from 
this design to minimize cost and simplify the design. The 
values provided in the bridged schematic are at a good 
tradeoff point. There is sufficient input impedance for 
practically all audio op amps, the closed-loop gain setting 
is 11 for each amplifier, (gain of 22 overall) while the 
capacitor value of 4.7pF sets the low frequency -3dB 
rolloff at about 7Hz. 


• The non-inverting input resistance, Rb, is used to create a 
voltage drop at the non-inverting terminal to offset the 
voltage at the inverting input terminal due to the input 
bias current flowing from the output to the inverting input. 
Generally, the value of this resistor equals the value of 
the feedback resistor so that the output offset voltage will 
be minimized close to zero. However, if this value is too 
large, noise can easily be picked up which will be ampli¬ 
fied and seriously affect the THD+N performance. If the 
resistor is eliminated and the terminal is grounded, the 
THD+N performance will be much better, but it will not 
necessarily be optimized. By connecting the 
non-inverting input directly to a ground reference, any 
noise on that ground will be directly injected into the 
amplifier, amplified and thus will also affect the THD+N 
performance. The best solution is to use a value of 
resistance not too large to pick up stray noise and not too 
small as to be affected by ground noise fluctuations. The 
value used in the previous plots was a 3.32kn resistor. It 
should be noted that this is not necessarily the optimized 
value and can change with varying circuit layouts 

• Low leakage signal path capacitors should be used 
where possible to reduce output offset voltages. This is 
not too big of an issue since each gain stage has only 
unity gain at DC. This is another reason why 1% resistor 
tolerances are not necessarily required. To obtain the 
highest quality amplifier, polypropylene capacitors should 
be employed in the signal path and supply bypassing. 
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5.0 BR100—100W Bridge Circuit 

(Continued) 

• As always, the better the supply bypassing, the better the 
noise rejection and hence higher performance. 

6.0 PA100—100W Paraliei Circuit 

6.1 AUDIO TESTING 

The following graphs are the same format as those pre¬ 
sented in the BR100 analysis, namely THD+N verses Fre¬ 
quency at 1W, 56W and 100W and THD verses Output 
Power with plots at 20Hz, 1 kHz, and 20kHz. Each IC uses a 
2.2°CA/V passive heat sink shown in Appendix B, section 

10.1 and the demo board show in Appendix A, section 9.2. 

6.1.1 Linearity Test 

The linearity of the amplifier is represented by the low 
THD+N values shown in Figures 4, 5. Figure 4 represents 
the THD+N vs Frequency for 1W, 56W and 100W power 
levels. The 20kHz THD+N is less than 0.05% for all power 
levels. Figure 5 represents the THD+N vs Output Power 
Level for 20Hz, 1kHz, and 20kHz. The THD+N between 
20Hz and 1kHz is less than 0.01% for power levels above 
1W up to the clipping point. The 20kHz THD+N is 0.04% 
from 0.1 W to the clipping point. The 1% THD power point is 
around 110W while the 10% THD power point is near 150W. 
These THD graphs were obtained using relative THD units, 
which indicates that the noise level for the amplifier is very 
low. Typically, the noise level becomes a significant THD+N 
contributor at lower power levels and shows up as a linearly 
decreasing function of increasing input signal amplitude. The 
low power level THD+N for this amplifier configuration is 
more than acceptable for home entertainment applications. 
Figure 6 represents the parallel amplifier schematic. The 
design is extremely simple, consisting of two power op amps 
configured identically and tied in parallel to the load each 
through a 0.1Q/3W resistor. The closer matched the gain of 
each IC the more equal the current sharing between them as 
well as the temperature of each IC due to power dissipation 
being near equal. This document will not go further into the 
functionality of the circuit as it is well known in industry. 


PA100 THD+N vs Freq Rl = 4a, Vcc = ±35V 
BW < 80kHz, Po = 1W, 56W, 100W 



20 10 1k 10k 20k 
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FIGURE 4. THD+N vs Frequency 

PA100 THD+N vs Po @ f = 20Hz, 1kHz, 20kHz, 
Rl = 4a, Vcc = ±35V BW < 80kHz 
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FIGURE 5. THD+N vs Output Power 
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6.0 PA100—100W Parallel Circuit 

(Continued) 

6.2 SCHEMATICS 

6.2.1 Parallel Amplifier Schematic 




20015116 


FIGURE 6. Parallel Amplifier Schematic 


6.2.2 Electrical Design Notes 

The following electrical design notes will aid in making the 
parallel amplifier design go more smoothly while also helping 
to achieve the highest level of performance. 

• The input resistance is equal to RjN.The value of R|n- 
should be high enough to eliminate any loading placed on 


the previous stage (i.e. pre-amplifier). The DC blocking 
input capacitor value should be calculated on the value of 
Rin to be sure the correct size is used so low frequency 
signals will be coupled in without severe attenuation. f|N = 
1/(27iR|nC|n). 
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6.0 PA100—100W Parallel Circuit 

(Continued) 

• 1 % gain setting resistors (R, and Rf) will give good results 
but it is recommended 0.1% tolerance resistors be used 
for setting the gain of each op amp for closer matched 
gain and equal output current and power dissipation. 

• The output resistors, Rqut. wattage rating is based on 
the load impedance and the output current or maximum 

7.0 BPA200—200W Bridged/Paralleled 

7.1 AUDIO TESTING 

The following graphs represent the performance level attain¬ 
able from the bridge/paralleled circuit found in Figure 10 with 
a well designed PCB and properly heatsinked. The testing 
focused on maximum output power capabilities, amplifier 
linearity and noise level. 

7.1.1 Linearity Tests 

The linearity of the amplifier is represented by the low 
THD+N values shown in Figures 7, 8. Figure 7 represents 
the THD+N vs Frequency for 1W, 56W, and 200W power 
levels. Figure 8 represents the THD+N vs Output Power 
Level for 20Hz, 1kHz, and 20kHz. The THD+N between 
20Hz and 1 kHz is less than 0.004% from 1W to the clipping 
point. The 20kHz THD+N is less than 0.02% from 1W to the 
clipping point. The continuous clipping point power is around 
21OW while the power at 10% THD is 300W. These THD 
graphs were obtained using relative THD units, which indi¬ 
cates that the noise level for the amplifier is quite low. 
Typically, the noise level becomes a significant THD+N con¬ 
tributor at low power levels and shows up as a linearly 
decreasing function of increasing input signal amplitude. In 
Figure 8, the THD+N decreases from 0.004% to 0.001% 
from 1W to the clipping point for frequencies between 20Hz 
and 1 kHz. The THD+N with a 20kHz input decreases from 
0.02% to 0.009% from 1W to SOW and rises thereafter up to 
about 0.015%. 


BPA200 THD+N vs Frequency Pq = 1W, 56W, 200W 
Ri = 8Q BW < 80 kHz 9/16/97 
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FIGURE 7. THD+N vs Frequency 


output power. As the load impedance Is increased or 
reduced the output current is reduced or increased, re¬ 
spectively. The wattage rating of Rqut should increase 
as output current increases and decrease as output cur¬ 
rent decreases. A very conservative design will use peak 
output current to calculate the needed wattage rating of 
Rout (P = I^R). 

• As always, the better the supply bypassing, the better the 
noise rejection and hence higher performance. 

Circuit 


BPA200 THD+N(%) vs Pq @ f = 20Hz, 1kHz, 200kHz R| 
= 8a BW < 80kHz 9/16/97 



20015105 


FIGURE 8. THD+N vs Output Power 
7.1.2 Output Power Tests 

Although the amplifier was deigned based on thermal dissi¬ 
pation capabilities using continuous sinusoidal inputs, the 
output power levels attainable are significantly greater with 
pulsed waveforms that more accurately reflect music mate¬ 
rial. The continuous clipping point power and burst power 
levels are shown in Tabie 2 below: 


TABLE 2. BPA200 Maximum Output Power Levels 


Load Impedance 

Continuous 
Clipping Point 
Power 

Burst Clipping 
Point Power 

8a 

225W 

295W 

4a 

335W 

450W 


The burst power levels were obtained using a 20Hz 
sinewave with two cycles on and twenty cycles off. The 
output power capability of the BPA200 is further substanti¬ 
ated by the power bandwidth measurement. The amplifier is 
capable of producing 200W continuously into an SQ load up 
to f = 90.5kHz with little change in THD+N. The graph in 
Figure 9 shows the power bandwidth measurement. Also 
notice that the low frequency power in the graph is not rolled 
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7.0 BPA200—200W 
Bridged/Paralleled Circuit (Continued) 

off as would normally occur with a DC blocking capacitor. 
The servo circuits allow the low frequency power to remain 
constant down to DC without high output offset voltage. 

BPA200 Power Bandwidth @ Po = 200W R, = 8n BW > 
500kHz 9/16/97 
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FIGURE 9. Power Bandwidth 


BPA200 Noise Floor (dBV) Rf = 8^ BW < 22 kHz 
9/16/97 
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FIGURE 11. Log-Scale Noise Floor 

An FFT analyzer is extremely handy in determining the noise 
culprit when debugging a new circuit and its layout, as well 
as evaluating the coupling effects of the 60Hz component 
and its harmonics. As shown in Figure 12, the noise level is 
quite low and the Influence of the power supply is relatively 
small. The highest 60Hz components reach -105dBV, while 
the noise floor sits around -120dBV. 


7.1.3 Noise Floor Tests 

The following plots exemplify the low-noise aspects of the 
BPA200. Figure 10 was obtained using an 8k FFT relative to 
IdBV with a measurement bandwidth of 22kHz. Figure 11 \s 
the same measurement as Figure 10, but shown in a loga¬ 
rithmic scale. 

BPA200 Spot Noise Floor (dBV) R, = 8Q BW < 22kHz 
9/16/97 
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FIGURE 10. Linear-Scale Noise Floor 


BPA200 Noise Floor (dBV) R, = 8Q BW < 22 kHz 
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FIGURE 12. Log-Scale 60 Hz Noise Floor 

Even with the limited number of graphs shown, the quality of 
this amplifier from a measurement perspective is quite good. 
However, with all audio equipment, nothing is really better 
than doing a listening test. It is recommended that listening 
test be done to confirm the audio quality of the different 
configurations presented. 
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7.0 BPA200—200W 
Bridged/Paralleled Circuit (Continued) 

7.2.2 Servo Circuits 

While output ballast resistors in the basic bridge/paralleled 
circuit work well to keep separately biased 1C outputs from 
fighting each other, the addition of servo circuits will mini¬ 
mize output offset voltages that cause output voltage in¬ 
equalities. Different output offset voltages cause a constant 
current to flow between outputs that increases 1C power 
dissipation. By minimizing output offset voltages, all of the 
ICs will run cooler, expanding the IC’s long-term reliability 
and output power capability without activating sensitive pro¬ 
tection circuits. 

Typically, offset voltages are compensated for by using input 
and output coupling capacitors. Power amplifiers used in a 
single-supply configuration, utilize large value, large size 
electrolytic or polypropylene capacitors. This is because the 
load impedance is 4^2 or 8^2 and the RC combination creates 


a highpass filter that can rolloff audio frequencies. Since 
these output coupling capacitors have nonlinearities and are 
quite large, many designers choose to employ split power 
supplies. While split power supplies don’t use these capaci¬ 
tors, a DC blocking capacitor is needed somewhere in the 
circuit to protect speakers. This capacitor is typically, C,-,, C, 2 , 
C| 3 , and C |4 as shown in Figure 13. With the application of a 
servo circuit, this capacitor can also be eliminated as shown 
in Figures 14, 15. 

Servo circuits are essentially integrator op amp circuits that 
integrate offset voltage changes from the power op amp’s 
output and feed back the integrated voltage to the opposite 
input of the power op amp. A servo circuit is required at each 
1C output of the bridge/paralleled circuit to keep currents 
from flowing between 1C outputs. Without each output com¬ 
pensated, one offset voltage will cause current to flow be¬ 
tween ICs increasing power dissipation. If gain setting resis¬ 
tors are 0.1% and closely matched, the servo circuit may be 
left out, but DC blocking capacitors will be required. 


Audio In 



FIGURE 14. Non-Inverting Servo Amplifier Schematic 


The inverting type servo amplifier applied to the inverting 
amplifier portion of the bridge/paralleled circuit is shown in 
Figure 15. The non-inverting type servo circuit could be 
applied to the inverting input of U1 to achieve the same 
result, however, it uses an extra RC network that can be 
eliminated with the inverting type servo. 

If a different power amplifier gain is desired, other compo¬ 
nent values can be used under the following conditions; In 


Figure 14, resistor R5 should be about 10 times the value of 
Rf, while R, and Rb should be equal. In , Figure 15, resistor 
R3 should be about 10 times the value of Rf, while R 4 and R, 
should be equal. For both the Non-Inverting and Inverting 
Servo solutions, the input clamping diodes should be low- 
leakage, with low-leakage film capacitors having a high- 
quality dielectric such as polypropylene or polystyrene (my¬ 
lar), and metal-film resistors. 
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7.0 BPA200—200W Bridged/Paralleled Circuit (Continued) 


Audio In 



FIGURE 15. inverting Servo Amplifier Schematic 


7.2.3 Power Supply Circuit 

The power supply portion of the amplifier is made up of a 
typical unregulated bipolar power supply. The supply is com¬ 
prised of an input AC line filter, surge protecting MOVs, a 


separate 385VA toroidal transformer for each channel, and 
40,000pF of supply reservoir capacitance for each supply 
voltage rail. 


+Vcca = +42V,l 



^BY3 

1 

50V 


I 

T 




LL 

T 

J 


^BY4 
33 AiF 
35V 


+Vccb = + 15V 



FiGURE 16. Power Supply Schematic 
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8.0 Parts List And Vendors 

8.1 BUILD OF MATERIALS FOR BR100 AMPLIFIER 

(See Figure 3 Bridged Amplifier Schematic) 



Description 

Designator 

Manufacturer’s or Example 

Part Number 


1.0pF/100V Metallized Polyester Fim 
Capacitor 

C|N 

Panasonic,ECQ-E1105KF 

4.7pF/35V/Electrolytic Capacitor 

CJ 

b 

b 

Panasonic, ECE-A1VN4R7U 

47ka/1/4W/5% Resistor 

RIN 


4.7kQ/1/4W/1% Resistor 

Ril, Ri2 


46.4kQ/1/4W/1% Resistor 

Rfl 


51.1ka/1/4W/1% Resistor 

Rf2 


3.32ka/1/4W/1% Resistor 

RB 


Additional Externals on Demo Board Not Shown on Schematic 

Description 

Designator 

Functional Description and Example 
Part Number 

0.1ijF/50V/Monolithic Ceramic Capacitor 

CB1 

1C Supply Bypass Capacitor 

47pF/50V/Electrolytic Capacitor 

CB2 

1C Supply Bypass Capacitor Panasonic, 
EEU-FC1H470 

4,700pF/50V/Electrolytic Capacitor 

CB3 

1C Supply Bypass Capacitor 

Panasonic, ECO-S1HP472BA 

10pF/35V/Eiectrolytic Capacitor 

CM 

Turn on Mute 

15kt2/1/4W/5% Resistor 

RM1 

Turn on Mute 

8.2kQ/1/4W/5% Resistor 

RM2 

Turn on Mute 

2.7Q/1/4W/5% Resistor 

RG 

Signal GND to Power GND 

8.2 BUILD OF MATERIALS FOR PA100 AMPLIFIER 

(See Figure 6 Parallel Amplifier Schematic) 



Description 

Designator 

Manufacturer’s or Example 

Part Number 


1.0pF/100V Metallized Polyester Film 
Capacitor 

CIN 

Panasonic, ECQ-E1105KF 

68pF/50V Electrolytic Capacitor 

Ci 

Panasonic, EEU-FC1H680 

47kQ/1/4W/1% Resistor 

RIN 


1.0kQ/1/4W/0.1% Resistor 

Ri 


20.0kQ/1/4W/0.1% Resistor 

RF 


1.0kQ/1/4W/1% Resistor 

RB 


0.1^1/1/3W/1% Resistor 

ROUT 


Additional Externals on Demo Board Not Shown on Schematic 

Description 

Designator 

Functional Description and Example 
Part Number 

0.1pF/50V/Monolithic Ceramic Capacitor 

Cl 

1C Supply Bypass Capacitor 

47pF/50V/Electrolytic Capacitor 

C2 

1C Supply Bypass Capacitor Panasonic, 
EEU-FC1H470 

2,200pF/50V/Electrolytic Capacitor 

C3 

1C Supply Bypass Capacitor 
Panasonic,EEU-FC1 H222 

0.1pF/50V/Monolithic Ceramic Capacitor 

CSN 

Snubber Network on Output 

2.70/1/4W/5% Resistor 

RSN 

Snubber Network on Output 

LM340T5, Fixed -i-5V Regulator 

LM340L-5 

5V PCB Supply 

10pF/25V/Electrolytic Capacitor 

CM1 

5V Output Bypass Capacitor 

0.1pF/50V/Monolithic Ceramic Capacitor 

CM2 

5V Input Bypass Capacitor 
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8.0 Parts List And Vendors (Continued) 


Description 

Designator 

Manufacturer’s or Exampfe 

Part Number 

470Q/1/2W/5% Resistor 

RREG 

Voltage Reducer for LM340 Input 

Voltage 

20kO/1/4W/5% Resistor 

RM1 

Mute Circuit 

1MQ/1/4W/5% Resistor 

RM2 

Mute Circuit 

120Q/1/4W/5% Resistor 

RLED 

Current Limit for LED Indicators 

2.7Q/1/4W/5% Resistor 

RG 

Signal GND to Power GND 

Ultra Bright LED Lamp, T-1 3/4 Standard 
Size, Green 

LED 

Indicator LED 
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8.0 Parts List And Vendors 

(Continued) 

8.3 BUILD OF MATERIALS FOR BPA200 AMPLIFIER 

(See Figures 13 and 16, Detailed Bridged/Paralled Amplifier 
Schematic and Power Supply Schematic) 


Description 

Designator 

Manufacturer’s 

Part Number 

PASSIVE COMPONENTS | 

0.47pF/100V Mylar Capacitor 

Sal Sa2. Sbl Sb2> Scl Sdl S|n 

Electrocube, 230B-0.47pF-100V-JB 

0.1Q/5W/1% Power Ballast Resistor 

^OL f^03> ^04 

Dale, RS-5-0.1-1% 

1ki2/0.1% Metal Film Resistor 

^b2> ^Il> ^l2i ^l4> Rc3> ^D3 

Dale, RN-55D-1000-B 

A7WQJ^% Metal Film Resistor 

^in 

Dale, RN-55D-4702 

20.5kQ/0.1% Metal Film Resistor 

Rfi, Rf2 

Dale, CMF-55-20.5k-.1%-T2 

21.5kQ/0.1% Metal Film Resistor 

Rf3> 

Dale, MF-55-21.5k-.1%-T2 

205k^2/0.1% Metal Film Resistor 

Ra3» ^B3 

Dale, CMF-55-205k-.1%-T2 

215kQ/0.1% Metal Film Resistor 

f^C2> F^D2 

Dale, CMF-55-215k-.1%-T2 

2.21MQ/1% Metal Film Resistor 

RaL Ra2> RbL Rb2» F^CL Rd1 

Dale, CMF-55-2.21M-.5%-T9 

1N456A Low Leakage Diodes 

Di, D 2 

National Semiconductor (NSC) 1N456A 

INTEGRATED COMPONENTS [ 

LM3886T, SOW Monolithic Power 1C 

U1, U2, U3, U4 

NSC, LM3886T 

LF412ACN, Dual JFET Input Op Amp 

U5, U6 

NSC, LF412ACN 

LF411ACN, JFET Input Op Amp 

U7 

NSC, LF411ACN 

LM78L15ACZ, -i-ISV Linear Regulator 

U8 

NSC, LM78L15ACZ 

LM79L15ACZ, -15V Linear Regulator 

U9 

NSC, LM79L15ACZ 

POWER SUPPLY COMPONENTS | 

385V A, 60 Vrms Sec. Transformer 

T1,T2 

Toroid Corp. of Maryland, #738.302 

Bridge Rectifier 

^RL Br2 

General Instrument, KBLI8B 

100V, 1.5kQ Metal Oxide Varistor 
(Transient Voltage Surpressor) 

TVS1,TVS2 

Digikey, 1.5KE100CACT-ND 

0.1pF/50V Ceramic Capacitor 

Sbyi 

Sprague, 1C25Z5LI104M050B 

0.1pF/50V Polypropylene 

SbY2 

Panasonic, ECQ-P1H104GZ 

1pF/50V Electrolytic Capacitor 

SbY3 


33pF/35V Electrolytic Capacitor 

SbY4 


470pF/50V Electrolytic Capacitor 

SbY5 

Mallory, SKR471M1HJ21V 

1200pF/50V Electrolytic Capacitor 

SbY6 

Mallory, LP122M050A1P3 

10,000pF/50V Electrolytic Capacitor 

SbY7 

Panasonic, ECE-S1HU103U 

AC Line Connector 


Schurter, 34.3124 

Power Switch (Bowden Cable) 


Schurter, 886.0101 

MISCELLANEOUS HARDWARE | 

1C 11-Pin Sockets 


Yamaichi, SMT-15420 
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Specifying A/D and D/A 
Converters 


National Semiconductor 
Application Note 156 



The specification or selection of analog-to-digital (/VD) or 
digital-to-analog (D/A) converters can be a chancey thing 
unless the specifications are understood by the person mak¬ 
ing the selection. Of course, you know you want an accurate 
converter of specific resolution; but how do you ensure that 
you get what you want'? For example, 12 switches, 12 arbi¬ 
trarily valued resistors, and a reference will produce a 12-bit 
DAC exhibiting 12 quantum steps of output voltage. In all 
probability, the user wants something better than the ex¬ 
pected performance of such a DAC. Specifying a 12-bit DAC 
or an ADC must be made with a full understanding of accu¬ 
racy, linearity, differential linearity, monotonicity, scale, gain, 
offset, and hysteresis errors. 

This note explains the meanings of and the relationships 
between the various specifications encountered in A/D and 
D/A converter descriptions. It is intended that the meanings 
be presented in the simplest and clearest practical terms. 
Included are transfer curves showing the several types of 
errors discussed. Timing and control signals and several 
binary codes are described as they relate to A/D and D/A 
converters. 

Meaning of Performance Specs 

Resolution describes the smallest standard incremental 
change in output voltage of a DAC or the amount of input 
voltage change required to increment the output of an ADC 
between one code change and the next adjacent code 
change. A converter with n switches can resolve 1 part in 2". 
The least significant increment is then 2“", or one least 
significant bit (LSB) In contrast, the most significant bit 
(MSB) carries a weight of 2~\ Resolution applies to DACs 
and ADCs, and may be expressed in percent of full scale or 
in binary bits. For example, an ADC with 12-bit resolution 
could resolve 1 part in 2^^ (1 part in 4096) or 0.0244% of full 
scale. A converter with 10V full scale could resolve a 2.44mV 
input change. Likewise, a 12-bit DAC would exhibit an output 
voltage change of 0.0244% of full scale when the binary 
input code is incremented one binary bit (1 LSB). Resolution 
IS a design parameter rather than a performance specifica¬ 
tion; It says nothing about accuracy or linearity. 

Accuracy is sometimes considered to be a non-specific 
term when applied to D/A or A/D converters. A linearity spec 
is generally considered as more descriptive. An accuracy 
specification describes the worst case deviation of the DAC 
output voltage from a straight line drawn between zero and 
full scale; it includes all errors. A 12-bit DAC could not have 
a conversion accuracy better than ±V 2 LSB or ±1 part in 
2'’^'^'' (±0.0122% of full scale) due to finite resolution. This 
would be the case in Figure 1 if there were no errors. 
Actually, ±0.0122% FS represents a deviation from 100% 
accuracy; therefore accuracy should be specified as 
99.9878%. However, convention would dictate 0.0122% as 
being an accuracy spec rather than an inaccuracy (tolerance 
or error) spec. 

Accuracy as applied to an ADC would describe the differ¬ 
ence between the actual input voltage and the full-scale 


weighted equivalent of the binary output code; included are 
quantizing and all other errors. If a 12-bit ADC is stated to be 
±1 LSB accurate, this is equivalent to ±0.0245% or twice the 
minimum possible quantizing error of 0.0122%. An accuracy 
spec describes the maximum sum of all errors including 
quantizing error, but is rarely provided on data sheets as the 
several errors are listed separately 



DIGITAL CODE 

00561201 


FIGURE 1. Linear DAC Transfer Curve Showing 
Minimum Resoiution Error and Best Possibie Accuracy 

Quantizing Error is the maximum deviation from a straight 
line transfer function of a perfect ADC. As, by its very nature, 
an ADC quantizes the analog input into a finite number of 
output codes, only an infinite resolution ADC would exhibit 
zero quantizing error. A perfect ADC, suitably offset 1/2 LSB 
at zero scale as shown in Figure 2, exhibits only ±V 2 LSB 
maximum output error. If not offset, the error will be -1/+0 
LSB as shown in Figure 3. For example, a perfect 12-bit ADC 
will show a ±V 2 LSB error of ±0.0122% while the quantizing 
error of an 8-bit ADC is ±y 2 part in 2® or ±0.195% of full 
scale. Quantizing error is not strictly applicable to a DAC, the 
equivalent effect is more properly a resolution error. 



FIGURE 2. ADC Transfer Curve, V 2 LSB Offset at Zero 
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Meaning of Performance Specs 

(Continued) 



00561211 

FIGURE 3. ADC Transfer Curve, No Offset 

Scale Error (full scale error) is the departure from design 
output voltage of a DAC for a given input code, usually 
full-scale code. (See Figure 4.) In an ADC it is the departure 
of actual input voltage from design input voltage for a 
full-scale output code. Scale errors can be caused by errors 
in reference voltage, ladder resistor values, or amplifier gain, 
et. al. (See Temperature Coefficient.) Scale errors may be 
corrected by adjusting output amplifier gain or reference 
voltage. If the transfer curve resembles that of Figure 6, a 
scale adjustment at % scale could improve the overall ± 
accuracy compared to an adjustment at full scale. 



DIGITAL CODE 

00561203 

FIGURE 4. Linear, 1 LSB Scale Error 

Gain Error is essentially the same as scale error for an ADC. 
In the case of a DAC with current and voltage mode outputs, 
the current output could be to scale while the voltage output 
could exhibit a gain error. The amplifier feedback resistors 
would be trimmed to correct the gain error. 

Offset Error (zero error) is the output voltage of a DAC with 
zero code input, or it is the required mean value of input 
voltage of an ADC to set zero code out. (See Figure 5.) 
Offset error is usually caused by amplifier or comparator 
input offset voltage or current; it can usually be trimmed to 
zero with an offset zero adjust potentiometer external to the 
DAC or ADC. Offset error may be expressed in % FS or in 
fractional LSB. 



FIGURE 5. DAC Transfer Curve, Va LSB Offset at Zero 

Hysteresis Error in an ADC causes the voltage at which a 
code transition occurs to be dependent upon the direction 
from which the transition is approached. This is usually 
caused by hysteresis in the comparator inside an ADC. 
Excessive hysteresis may be reduced by design; however, 
some slight hysteresis is inevitable and may be objection¬ 
able in converters if hysteresis approaches V 2 LSB. 
Linearity, or, more accurately, non-linearity specifications 
describe the departure from a linear transfer curve for either 
an ADC or a DAC. Linearity error does not include quantiz¬ 
ing, zero, or scale errors. Thus, a specification of ± V 2 LSB 
linearity implies error in addition to the inherent ±V 2 LSB 
quantizing or resolution error. In reference to Figure 2, show¬ 
ing no errors other than quantizing error, a linearity error 
allows for one or more of the steps being greater or less than 
the ideal shown. 

Figure 6 shows a 3-bit DAC transfer curve with no more than 
± 1/2 LSB non-linearity, yet one step shown is of zero ampli¬ 
tude. This is within the specification, as the maximum devia¬ 
tion from the ideal straight line is ±1 LSB (V 2 LSB resolution 
error plus V 2 LSB non-linearity). With any linearity error, 
there is a differential non-linearity (see below). A ±V 2 LSB 
linearity spec guarantees monotonicity (see below) and <±1 
LSB differential non-linearity (see below). In the example of 
Figure 6, the code transition from 100 to 101 is the worst 
possible non-linearity, being the transition from 1 LSB high at 
code 100 to 1 LSB low at 110. Any fractional non-linearity 
beyond ±V 2 LSB will allow for a non-monotonic transfer 
curve. Figure 7 shows a typical non-linear curve; 
non-linearity is 1V4 LSB yet the curve is smooth and mono¬ 
tonic. 
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Meaning of Performance Specs 

(Continued) 



DIGITAL CODE 

00561212 

FIGURE 6. ±y 2 LSB Non-Linearity (Implies 1 LSB 
Possible Error), 1 LSB Differential Non-Linearity 
(Implies Monotonicity) 



DIGITAL CODE 

00561213 


FIGURE 7. 1V4 LSB Non-Linear, Va LSB Differential 
Non-Linearity 

Linearity specs refer to either ADCs or to DACs, and do not 
include quantizing, gain, offset, or scale errors. Linearity 
errors are of prime importance along with differential linearity 
in either ADC or DAC specs, as all other errors (except 
quantizing, and temperature and long-term drifts) may be 
adjusted to zero. Linearity errors may be expressed in % FS 
or fractional LSB. 

Differential Non-Linearity indicates the difference between 
actual analog voltage change and the ideal (1 LSB) voltage 
change at any code change of a DAC. For example, a DAC 
with a 1.5 LSB step at a code change would be said to 
exhibit y 2 LSB differential non-linearity (see Figure 6 and 
Figure 7). Differential non-linearity may be expressed in 
fractional bits or in % FS. 

Differential linearity specs are just as important as linearity 
specs because the apparent quality of a converter curve can 
be significantly affected by differential non-linearity even 
though the linearity spec is good. Figure 6 shows a curve 
with a ±y 2 LSB linearity and ±1 LSB differential non-linearity 


while Figure 7 shows a curve with +1 y4 LSB linearity and 
±y 2 LSB differential non-linearity. In many user applications, 
the curve of Figure 7 would be preferred over that of Figure 
6 because the curve is smoother. The differential 
non-linearity spec describes the smoothness of a curve; 
therefore it is of great importance to the user. A gross ex¬ 
ample of differential non-linearity is shown in Figure 8 where 
the linearity spec is ±1 LSB and the differential linearity spec 
IS ±2 LSB. The effect is to allow a transfer curve with grossly 
degraded resolution; the normal 8-step curve is reduced to 3 
steps in Figure 8. Similarly, a 16-step curve (4-bit converter) 
with only 2 LSB differential non-linearity could be reduced to 
6 steps (a 2 6-bit converter?) The real message is, “Beware 
of the specs.” Do not ignore or omit differential linearity 
characteristics on a converter unless the linearity spec is 
tight enough to guarantee the desired differential linearity. As 
this characteristic is impractical to measure on a production 
basis. It is rarely, if ever, specified, and linearity is the primary 
specified parameter Differential non-linearity can always be 
as much as twice the non-linearity, but no more. 



DIGITAL CODE 

00561206 


FIGURE 8. ±1 LSB Linear, ±2 LSB Differential 
Non-Linear 

Monotonicity. A monotonic curve has no change in sign of 
the slope; thus all incremental elements of a monotonically 
increasing curve will have positive or zero, but never nega¬ 
tive slope. The converse is true for decreasing curves. The 
transfer curve of a monotonic DAC will contain steps of only 
positive or zero height, and no negative steps. Thus a 
smooth line connecting all output voltage points will contain 
no peaks or dips. The transfer function of a monotonic ADC 
will provide no decreasing output code for increasing input 
voltage. 

Figure 9 shows a non-monotonic DAC transfer curve. For 
the cun/e to be non-monotonic, the linearity error must ex¬ 
ceed ±V 2 LSB no matter by how little. The greater the 
linearity error, the more significant the negative step might 
be. A non-monotonic curve may not be a special disadvan¬ 
tage IS some systems; however, it is a disaster in closed-loop 
servo systems of any type (including a DAC-controlled 
ADC). A ±V 2 LSB maximum linearity spec on an n-bit con¬ 
verter guarantees monotonicity to n bits. A converter exhib¬ 
iting more than ± V 2 LSB non-linearity may be monotonic, but 
is not necessarily monotonic. For example, a 12-bit DAC 
with ±V 2 bit linearity to 10 bits (not +V 2 LSB) will be mono- 
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Meaning of Performance Specs 

(Continued) 

tonic at 10 bits but may or may not be monotonic at 12 bits 
unless tested and guaranteed to be 12-bit monotonic. 



DIGITAL CODE 

00561207 

FIGURE 9. Non-Monotonic (Must be > ±V 2 LSB 
Non-Linear) 

Settling Time is the elapsed time after a code transition for 
DAC output to reach final value within specified limits, usu¬ 
ally ±V 2 LSB. (See also Conversion Rate below.) Settling 
time is often listed along with a slew rate specification; if so, 
it may not include slew time. If no slew rate spec is included, 
the settling time spec must be expected to include slew time. 
Settling time is usually summed with slew time to obtain total 
elapsed time for the output to settle to final value. Figure 10 
delineates that part of the total elapsed time which is con¬ 
sidered to be slew and that part which is settling time. It is 
apparent from this figure that the total time is greater for a 
major than for a minor code change due to amplifier slew 
limitations, but settling time may also be different depending 
upon amplifier overload recovery characteristics. 

Slew Rate is an inherent limitation of the output amplifier in 
a DAC which limits the rate of change of output voltage after 
code transitions. Slew rate Is usually anywhere from 0.2 to 
several hundred volts/ps. Delay in reaching final value of 
DAC output voltage is the sum of slew time and settling time 
as shown in Figure 10. 

Overshoot and Glitches occur whenever a code transition 
occurs in a DAC. There are two causes. The current output 
of a DAC contains switching glitches due to possible asyn¬ 
chronous switching of the bit currents (expected to be worst 
at half-scale transition when all bits are switched). These 
glitches are normally of extremely short duration but could 
be of Va scale amplitude. The current switching glitches are 
generally somewhat attenuated at the voltage output of the 
DAC because the output amplifier is unable to slew at a very 
high rate; they are, however, partially coupled around the 
amplifier via the amplifier feedback network and seen at the 
output. The output amplifier introduces overshoot and some 


non-critically damped ringing which may be minimized but 
not entirely eliminated except at the expense of slew rate 
and settling time. 



(b) 1 LSB Step 


FIGURE 10. DAC Slew and Settling Time 

Temperature Coefficient of the various components of a 
DAC or ADC can produce or increase any of the several 
errors as the operating temperature varies. Zero scale offset 
error can change due to the TC of the amplifier and com¬ 
parator input offset voltages and currents. Scale error can 
occur due to shifts in the reference, changes in ladder resis¬ 
tance or non-compensating RC product shifts in dual-slope 
ADCs, changes in beta or reference current in current 
switches, changes in amplifier bias current, or drift in ampli¬ 
fier gain-set resistors. Linearity and monotonicity of the DAC 
can be affected by differential temperature drifts of the ladder 
resistors and switches. Overshoot, settling time, and slew 
rate can be affected by temperature due to internal change 
in amplifier gain and bandwidth. In short, every specification 
except resolution and quantizing error can be affected by 
temperature changes. 

Long-Term Drift, due mainly to resistor and semiconductor 
aging can affect all those characteristics which temperature 
change can affect. Characteristics most commonly affected 
are linearity, monotonicity, scale, and offset. Scale change 
due to reference aging is usually the most important change. 
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Meaning of Performance Specs 

(Continued) 

Supply Rejection relates to the ability of a DAC or ADC to 
maintain scale, offset, TC, slew rate, and linearity when the 
supply voltage is varied. The reference must, of course, 
remain constant unless considering a multiplying DAC. Most 
affected are current sources (affecting linearity and scale) 
and amplifiers or comparators (affecting offset and slew 
rate). Supply rejection is usually specified only as a % FS 
change at or near full scale at 25°C 
Conversion Rate is the speed at which an ADC or DAC can 
make repetitive data conversions. It is affected by propaga¬ 
tion delay in counting circuits, ladder switches and compara¬ 
tors; ladder RC and amplifier settling times; amplifier and 
comparator slew rates; and integrating time of dual-slope 
converters. Conversion rate is specified as a number of 
conversions per second, or conversion time is specified as a 
number of microseconds to complete one conversion (in¬ 
cluding the effects of settling time). Sometimes, conversion 
rate is specified for less than full resolution, thus showing a 
misleading (high) rate. 

Clock Rate is the minimum or maximum pulse rate at which 
ADC counters may be driven. There is a fixed relationship 
between the minimum conversion rate and the clock rate 
depending upon the converter accuracy and type. All factors 
which affect conversion rate of an ADC limit the clock rate. 
Input Impedance of an ADC describes the load placed on 
the analog source. 

Output Drive Capability describes the digital load driving 
capability of an ADC or the analog load driving capacity of a 
DAC; It is usually given as a current level or a voltage output 
into a given load. 

Codes 

Several types of DAC input or ADC output codes are in 
common use. Each has its advantages depending upon the 
system interfacing the converter. Most codes are binary in 
form; each is described and compared below. 

Natural Binary (or simply Binary) is the usual 2" code with 
2, 4, 8, 16, ... , 2*^ progression. An input or output high or “1” 
is considered a signal, whereas a “0” is considered an ab¬ 
sence of signal. This is a positive true binary signal Zero 
scale IS then all “zeros” while full scale is all “ones.” 
Complementary Binary (or Inverted Binary) is the negative 
true binary system. It is identical to the binary code except 
that all binary bits are inverted. Thus, zero scale is all “ones” 
while full scale is all “zeros.” 

Binary Coded Decimal (BCD) is the representation of deci¬ 
mal numbers in binary form. It is useful in ADC systems 
intended to drive decimal displays. Its advantage over deci¬ 
mal is that only 4 lines are needed to represent 10 digits. The 
disadvantage of coding DACs or ADCs in BCD is that a full 4 
bits could represent 16 digits while only 10 are represented 
in BCD. The full-scale resolution of a BCD coded system is 
less than that of a binary coded system. For example, a 
12-bit BCD system has a resolution of only 1 part in 1000 
compared to 1 part in 4096 for a binary system. This repre¬ 
sents a loss in resolution of over 4:1. 

Offset Binary is a natural binary code except that it is offset 
(usually V 2 scale) in order to represent negative and positive 
values. Maximum negative scale is represented to be all 


“zeros” while maximum positive scale is represented as all 
“ones.” Zero scale (actually center scale) is then represented 
as a leading “one” and all remaining “zeros.” The comparison 
with binary is shown in Figure 11. 

Two’s Complement Binary is an alternate and more widely 
used code to represent negative values. With this code, zero 
and positive values are represented as in natural binary 
while all negative values are represented in a twos comple¬ 
ment form. That is, the twos complement of a number rep¬ 
resents a negative value so that interface to a computer or 
microprocessor is simplified. The twos complement is 
formed by complementing each bit and then adding a 1; any 
overflow is neglected. The decimal number -8 is repre¬ 
sented in twos complement as follows: start with binary code 
of decimal 8 (off scale for ± representation in 4 bits so not a 
valid code in the ± scale of 4 bits) which is 1000; comple¬ 
ment It to 0111; add 0001 to get 1000. The comparison with 
offset binary is shown in Figure 11. Note that the offset binary 
representation of the ± scale differs from the twos comple¬ 
ment representation only in that the MSB is complemented. 
The conversion from offset binary to twos complement only 
requires that the MSB be inverted. 



00561216 

(a) Zero to + Full-Scale 



TWOS COMPLEMENT BINARY 
SIGN MAGNITUDE 


00561217 

(b) ± Full-Scale 
FIGURE 11. ADC Codes 

Sign Plus Magnitude coding contains polarity information in 
the MSB (MSB = 1 indicates a negative sign); all other bits 
represent magnitude only. This code is compared to offset 
binary and twos complement in Figure 11. Note that one 
code is used up in providing a double code for zero. Sign 
plus magnitude code is used in certain instrument and audio 
systems; its advantage is that only one bit need be changed 
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Codes (Continued) 

for small scale changes in the vicinity of zero, and plus and 
minus scales are symmetrical. A DVM might be an example 
of its use. 

Control 

Each ADC must accept and/or provide digital control signals 
telling it and/or the external system what to do and when to 
do it. Control signals should be compatible with one or more 
types of logic in common use. Control signal timing must be 
such that the converter or connected system will accept the 
signals. Common control signals are listed below. 

Start Conversion (SC) is a digital signal to an ADC which 
initiates a single conversion cycle. Typically, an SC signal 
must be present at the fall (or rise) of the clock waveform to 
initiate the cycle. A DAC needs no SC signal; however, such 
could be provided to gate digital inputs to a DAC. 

End of Conversion (EOC) is a digital signal from an ADC 
which informs the external system that the digital output data 
is valid. Typically, an EOC output can be connected to an SC 
input to cause the ADC to operate in continuous conversion 


mode. In non-continuous conversion systems, the SC signal 
is a command from the system to the ADC. A DAC does not 
supply an EOC signal. 

Clock signals are required or must be generated within an 
ADC to control counting or successive approximation regis¬ 
ters. The clock controls the conversion speed within the 
limitations of the ADC. DACs do not require clock signals. 

Conclusion 

Once the user has a working knowledge of DAC or ADC 
characteristics and specifications, he should be able to se¬ 
lect a converter to suit a specific system need. The likelihood 
of overspecification, and therefore an unnecessarily high 
cost, is likewise reduced. The user will also be aware that 
specific parameters, test conditions, test circuits, and even 
definitions may vary from manufacturer to manufacturer. For 
practical production reasons, parameters may not be tested 
in the same manner for all converter types, even those 
supplied by the same manufacturer. Using information in this 
note, the user should, however, be able to sort out and 
understand those specifications (from any manufacturer) 
pertinent to his needs. 
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for A/D 

Converters 

Interfacing between digital and analog signals is becoming 
increasingly important with the proliferation of digital signal 
processing. System accuracy is often limited by the accu¬ 
racy of the converter and a limitation of the converter is the 
voltage reference. Design can be difficult if the reference is 
external. 

The accuracy of any converter is limited by the temperature 
drift or long term drift of the voltage reference, even if con¬ 
version linearity is perfect. Assuming that the voltage refer¬ 
ence IS allowed to add 1/2 least significant bit error (LSB) to 
the converter, it is surprising how good the reference must 
be when even small temperature excursions are considered. 
When temperature changes are large, the reference design 
IS a major problem. Table 1 shows the reference require¬ 
ments for different converters while Table 2 shows how the 
same problems exist with digital panel meters. 

The voltage reference circuitry is required to do several 
functions to maintain a stable output. First, input power 
supply changes must be rejected by the reference circuitry. 
Secondly, the zener used in the reference must be biased 
properly, while other parts of circuitry scale the typical zener 
voltage and provides a low impedance output. Finally, the 
reference circuitry must reject ambient temperature changes 
so that the temperature drift of the reference circuitry plus 
the drift of the zener does not exceed the desired drift limit. 
While zener temperature coefficient is obviously critical to 
reference performance, other sources of drift can easily add 
as much error as zener — even in voltage references with 
modest performance of 20 ppm/°C temperature drift. Zener 
drift and op amp drift add directly to the drift error, while 
resistor error is only a function of how well the scaling 
resistors track. Resistors which have a high TC can be used 
if they track. 

For a 10V output with a 6.9V zener, the drift contribution of 
resistor mistracking is about 0.4 since the gam is 1.4. The 


TABLE 1. Maximum Allowable Reference Drift for 1/2 Least Significant 
Bits Error of Binary Coded Converter 


TEMP CHANGE 

BITS 


6 

8 

10 : 

12 

14 

25°C 

310 

80 

20 

5 

1.25 

ppm/°C 

50°C 

160 

40 

10 

2.5 

0.6 

ppm/“C 

100°C 

80 

20 

5 

1.2 

0.3 

ppm/°C 

125°C 

63 

16 

3 

1 

0.2 

ppm/°C 


TABLE 2. Maximum Allowable Reference Drift for 1/2 Digit Error of Digital Meters 


TEMP CHANGE 

DIGITS 



2 

2V2 

3 

31/2 

4 

41/2 

5 

5V2 


25°C 

200 

100 

20 

10 

2 

1 

0.2 

0.1 

ppm/°C 

5°C 



100 

50 

10 

5 

1 

0.5 

ppm/°C 


Note1: 0 01%/”C=100 ppm/”C, 0 001%/°C=10 ppm/°C, 0 0001%rc=1 
ppm/°C 
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range of temperature coefficient errors for different compo¬ 
nents used to make a 10V reference from a 6.9V zener are 
shown in Table 3. Another potential source of error, input 
supply variations, are negligible if the input is 1% regulated, 
and the resistor feeding the zener is stable to 1%. 

Less frequently specified sources of error in voltage refer¬ 
ence zeners are hysteresis and stress sensitivity. Stress on 
either a zener-diode junction or the series-temperature- 
compensating junction will cause voltage shifts. The axial 
leads on discrete devices can transmit stress from outside 
the package to the junction, causing 1 mV to 5 mV shifts. 
Temperature cycling is the discrete zener can also induce 
non-reversible changes in zener voltage. If a zener is heated 
from 25°C to 100°C and then back to 25°C, the zener voltage 
may not return to its original value. This is because the 
temperature cycle has permanently changed the stress in 
the die, changing the voltage. This effect can be as high as 
5 mV in some diodes and may be cumulative with many 
temperature cycles. The new planar 1C zeners, such as the 
LM199 (temperature stabilized) or the LM129 are insensitive 
to stress and show only about 50 pV of hysteresis for a 
150”C temperature cycle since the package does not stress 
the silicon chip. 

Designing the Reference 

If moderate temperature performance such as 20 ppm/°C is 
all that IS needed, 2 different approaches can be used in the 
reference design. In the first, the temperature drift error is 
split equally between the zener and the amplifier or scaling 
resistors. This requires a moderately low drift zener and op 
amp with 10 ppm resistors. 
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Designing the Reference (Continued) 


TABLE 3. Drift Error Contribution From Reference Components for a 10V Reference 


DEVICE 

ERROR 

10V 

OUTPUT DRIFT 

Zener 

Zener Drift 


LM199A 

0.5 ppm/°C 

0.5 ppm/°C 

LM199, LM399A 

1 ppmrc 

1 ppm/°C 

LM399 

2 ppm/°C 

2 ppm/“C 

1N829, LM3999 

5 ppm/°C 

5 ppm/°C 

LM129, 1N823A, 1N827A, LM329A 

10-50 ppm/“C 

10-50 ppmrC 

LM329, 1N821, 1N825 

20-100 ppm/°C 

20-100 ppm°C 

Op Amp 

Offset Voltage Drift 


LM725, LH0044, LM121 

1 mV/”C 

0.15 ppmrC 

LM108A, LM208A, LM308A 

5 pvrc 

0.7 ppmrc 

LM741, LM101A 

15 [ivrc 

2 ppm/°C 

LM741C, LM301A, LM308 

30 [NFC 

4 ppmrc 

Resistors 

Resistance Ratio Drift 1 

1% (RN55D) 

50-100 ppm 

20-40 ppm/°C 

0.1% (Wirewound) 

5-10 

2-4 ppm 

Tracking 1 ppm Film or Wirewound 

— 

0.4 ppmrc 


The second approach uses a very low drift zener and allows 
the buffer amplifier or scaling resistor to cause most of the 
drift error. This type of design is now made economical by 
the availability of low cost temperature stabilized IC zeners 
with virtually no TC. Further, the temperature coefficient of 
this reference is easily upgraded, if necessary. The 2 refer¬ 
ence circuits are shown in Figure 1 and Figure 2. 

In Figure 1, an LM308 op amp is used to increase the typical 
zener output to 10V while adding a worst-case drift of 4 
ppm/°C to the 10 ppm/°C of the zener. Resistors R3 and R4 
should track to better than 10 ppm bringing the total error so 
far to 18 ppm. Since the output must be adjusted to eliminate 
the initial zener tolerance, a pot, R5 and R2 have been 
added. The loading on the pot by R2 is small, and there is no 
tracking requirement between the pot and R2. It is necessary 
for R2 to track R3 and R4 within 50 ppm. 

In Figure 2, a low drift reference and op amp are used to give 
a total drift, exclusive of resistors of 3 ppm/°C. Now the 
resistor tracking requirement is relaxed to about 50 ppm, 
allowing ordinary 1% resistors to be used. The circuit in 
Figure 2 is modified easily for applications requiring 3 
ppm/°C to 5 ppm/°C overall drift by tightening the tracking of 
the resistors. For more accurate applications, the Kelvin 
sensing for both output and ground should be used. For 
even lower drifts, substituting a 1 pV/°C op amp, 1 ppm 
tracking resistors and an LM199A zener, overall drifts of 1 
ppm/°C can be achieved. In both of the circuits, it Is impor¬ 
tant to remember that the tracking of resistors can, at 
worst-case, be twice temperature drift of either resistance. 


In both circuits, the zener is biased by a single resistor from 
the supply, rather than from the reference output. This elimi¬ 
nates possible start-up problems and, because of the 1^1 
dynamic impedance of the IC zeners, only adds about 20 pV 
of error. Compensation for input changes is shown in Figure 
2. Conventional zeners do not allow this biasing. A conven¬ 
tional 5 ppm reference such as the 1N829 has a dynamic 
impedance of about 1 5Q. If it is biased from a resistor from 
a 1% regulated 15V supply, the operating current can 
change by 1.7% or 127 pA. This will shift the zener voltage 
by 1.9 mV or 60 ppm. With the IC zeners operating at 1 mA, 
a 1% shift in the supply will change the reference by 20 pV or 
3 ppm. Further, power dissipation in the IC is only 7 mW, 
giving low warm-up drift compared to 7.5 mA zeners. The 
biasing resistor for the IC zener need not be any better than 
an ordinary 1% resistor since performance is independent of 
current. 

When output voltages less than the zener voltage are de¬ 
sired, the IC zeners significantly simplify circuit design since 
no auxiliary regulator is needed for biasing. Figure 3 shows 
a 5V reference circuit for use with a 15V input. In this case, 
zener drift contributes proportionally to the output drift while 
op amp offset drift adds a greater rate. With the 10V refer¬ 
ence, 15 pV/°C from the op amp contributed 2 ppm/°C drift, 
but for the 5V reference, 15 pV/°C adds 3 ppm/^C. This 
makes op amp choice more important as the output voltage 
Is lowered. Of course, if a high output impedance is toler¬ 
able, the op amp can be eliminated. 
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Designing the Reference (Continued) 



00561501 


FIGURE 1. 10V, 20 ppm Reference Using a Low Cost Zener and Low Drift Resistors 



^Optional — improves line regulation 


00561504 


FIGURE 2.10V Reference has Low Drift Reference and Standard 1% Resistors. Kelvin Sensing is Shown with 

Compensation for Line Changes. 
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Designing the Reference (Continued) 



'20 ppm tracking 


00561505 


FIGURE 3. Low Voltage Reference 


Approaching the Uitimate Drift 

To obtain the lowest possible drifts, temperature coefficient 
trimming is necessary. With discrete zeners, the operating 
current can sometimes be trimmed to change the TC of the 
reference; however, the temperature coefficient is not always 
linear or predictable. With the new IC zeners, TC is indepen¬ 
dent of operating current so trimming must be done else¬ 
where in the circuit. The lowest drift components should be 
used since trimming can only remove a linear component of 


drift. High TC devices can have a highly non-linear drift, 
making trimming difficult. Figure 4 shows a circuit suitable for 
trimming. An LM199A reference with 0.5 ppm/°C drift is used 
with a 121/108 op amp. Resistors should be 1 ppm tracking 
to give overall untrimmed drifts of about 0.9 ppm. The 121/ 
108 is a low drift amplifier combination where drift is predict¬ 
ably proportional to offset voltage. An offset can be set for 
the 108/121 combination to cancel the measured drift with 1 
pass calibration. 



*1 ppm tracking 


00561503 


FIGURE 4. Ultra Low Drift Reference 


Trimming procedure is as follows: the zener is disconnected 
and the input of the op amp grounded. Then the offset of the 
op amp is nulled out to zero. Reconnecting the zener, the 


output is adjusted to precisely 10V. A temperature run is 
made and the drift noted. The op amp will drift 3.6 pV/°C for 
every 1 mV of offset, so for every 5 pV/°C drift at the output. 
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Approaching the Ultimate Drift 

(Continued) 

the offset of the op amp is adjusted 1 mV (1.4 mV measured 
at the output) in the opposite direction. The output is read¬ 
justed to 10V and the drift checked. 

Although this trimming scheme was chosen since only a 
single adjustment is usually required, compensation is not 
always perfect. Hysteresis effects can appear in resistors or 
op amps as well as zeners. Best results can be obtained by 
cycling the circuit to temperature a few times before taking 
data to relieve assembly stresses on the components. Also, 
oven testing can sometimes cause thermal gradients across 


circuits, giving 50 pV to 100 pV of error. However, with 
careful layout and trimming, overall reference drifts of 0.1 
ppm/°C to 0.2 ppm/°C can be achieved. 

There are 2 other possible problem areas to be considered 
before final layout. Good single point grounding is important. 
Traces on a PC board can easily have 0.1 and only 10 mA 
will cause a 1 mV shift. Also, since these references are 
close to high-speed digital circuitry, shielding may be neces¬ 
sary to prevent pick-up at the inputs of the op amp. Transient 
response to pick-up or rapid loading changes can some¬ 
times be improved by a large capacitor. (1 pF—10 pF) 
directly on the op amp output; but this will depend on the 
stability of the op amp. 
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New Phase-Locked-Loops 
Have Advantages as 
Frequency to Voltage 
Converters (and more) 

A phase-locked-loop (PLL) is a servo system, or, in other 
words, a feedback loop that operates with frequencies and 
phases. PLL’s are well known to be quite useful (powerful, in 
fact) in communications systems, where they can pluck tiny 
signals out of large noises. Here, however, we will discuss a 
new kind of PLL which cannot work with low-level signals 
immersed in noise, but has a new set of advantages, in¬ 
stead. It does require a clean noise-free input frequency 
such as a square wave or pulse train. 

This PLL can operate over a wide frequency range, not just 
1 or 2 octaves but over 1 or 2 or 3 decades. It naturally 
provides a voltage output which responds quickly to fre¬ 
quency changes, yet does not have any inherent ripple. 
Thus, it can be used as a frequency-to-voltage (F-to-V) 


National Semiconductor 
Application Note 210 
Robert Pease 


converter which does not have any of the classical limita¬ 
tions or compromises of (large ripple) vs (slow response), 
which most F-to-V converters have (Note 1). The linearity of 
this F-to-V converter will be as good as the linearity of the 
V-to-F converter used, and this linearity can easily be better 
than 0.01%. Other advantages will be apparent as we study 
the circuit further. 

The basic circuit shown in Figure 1 has all the functional 
blocks of a standard PLL. The frequency and phase detec¬ 
tion do not consist of a quadrature detector, but of a standard 
dual-D flip-flop. When the frequency input is larger than F 2 , 
Q1 will be forced high a majority of the time, and provide a 
positive error signal (via CR3, 4, 5, and 6) to the integrator. 




FIGURE 1. Basic Wide-Range Phase-Locked Loop 


Notel: See application note AN-C, “V/F Converter ICs Handle 
Frequency-to-Voltage Needs” 
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If F input and F 2 are the same, but the rising edges of F input 
lead the rising edges of F 2 , the duty cycle of Q1=HI will be 
proportional to the phase error. Thus, the error signal fed to 
the integrator will decrease to nearly zero, when the loop has 
achieved phase-lock, and the phase error between F|n and 
F 2 is zero. Actually, in this condition, Q1 will put out 30 
nanosecond positive pulses, at the same time that Q2 puts 
out 30 nanosecond negative pulses, and the net effect as 
seen by the integrator is zero net charge. The 30 nanosec¬ 
ond pulses at Q1 and Q2 enable both flip-flops to be 
CLEARED, and prepared for the next cycle. This 
phase-detector action is substantially the same as that of an 
MC4044 Phase-Detector, but the MM74C74 is cheaper and 
uses less power. It is fast enough for frequencies below 1 
MHz. (At higher frequencies, a DM74S74 can be used simi¬ 
larly, with very low delays.) 

The error integrator takes in the current from R1 or R2, as 
gated by the Q1 and Q2 outputs of the flip-flop. For example, 
when F|n is higher, and Q1 is HIGH, l^ will flow through CR4, 
5, and 6 and cause the integrator’s output to go more nega¬ 
tive. This is the direction to make the V-to-F converter run 
faster, and bring F 2 up to F input. Note that A1 does not 
merely integrate this current in C1 (a mistake which many 
amateur PLL designers make). The resistor R3 in series with 
C1 makes a phase lead in the loop response, which is 
essential to loop stability. The small capacitor C2 across R3 
IS not essential, but has been observed to offer improved 
settling at the voltage output. 

The output of the integrator, V1, is fed to a 
voltage-to-frequency (V-to-F) converter. The example shown 
here utilizes a LM331. This converter runs on a single sup¬ 
ply, and responds quickly with nonlinearity better than 0.05% 
(even though an op-amp is not used nor needed). The output 
of the VFC IS fed back to F 2 , as a feedback frequency, either 
directly or through an (optional) frequency divider. Any num¬ 
ber of standard frequency dividers such as MM74C193, 
CD4029, or CD4018, can be used, subject to reasonable 
limits. A divider of 2, 3, 10, or 16 is often used. The output 
voltage of the integrator will be proportional to the F input, as 
linearly as the V-to-F can make it. Thus, the integrator’s 
output voltage VI can be used as the output of an ultralinear 
F-to-V converter. However during the brief pulses when the 
flip-flop is CLEARing itself, there will be small glitches found 
on the output of A1. The RMS value of this noise may be very 
small, typically 0.5 to 5mV, but the peak amplitude, some¬ 
times 10 to lOOmV, can be annoying in some systems. And, 
no additional filtering can be added in the main loop’s path, 
for any further delay in the route to the VFC would cause 
loop instability. Instead, the output may be obtained from a 
separate filter and buffer which operates on a branch path. 
A2 provides a simple 2-pole active filter (as discussed in 
Reference 1) which cuts the steady-state ripple and noise 
down below ImV peak-to-peak, an excellent level for such a 
quick F-to-V (as we shall see). 

What is not obvious about A2 is that its output can settle 
(within a specified error-band such as ±10 millivolts from the 
final DC value) earlier and more quickly than ATs output. 
The waveforms in Figures 2, 3 show F|n stepping up in¬ 
stantly from 5 kHz to 10 kHz; it also shows F 2 stepping up 
very quickly. The error signal at Q1 is also shown. The critical 
waveforms are shown in Figures 4, 5, the outputs of A1 and 
A2. While A1 puts out large spikes (caused by II flowing 
through R3), these large spikes cause the V-to-F converter 
to jump from 5 kHz to 10 kHz without any delay. There is, as 
shown in Figures 2, 3, a significant phase error between F,n 


and F 2 , but an inspection of these frequencies shows that 
frequency lock has been substantially instantaneous. Not 
one cycle has been lost. The phase lock and settling takes 
longer to achieve. Still, we know that if the frequency out of 
the VFC is 10 kHz, its input voltage must be -10 VDC. If 
there is noise on it, all we have to do is filter it in A2. Figures 
4, 5 shows that A2 settles very quickly — actually, in 2.0 
milliseconds, which is just 20 cycles of the new frequency. 
A2’s output has settled (i.e., the frequency has settled). 
While A1 ’s output error (which is indicative of phase error 
being servo’ed out) continues to settle out for another 12 ms. 
Thus, this filter permits its output voltage to settle faster than 
its input, and it is responsible for the remarkable quickness 
of this circuit as an F-to-V converter. The waveforms of 
Figures 4, 5 can be compared to the response (shown in 
Figures 6, 7, 8, 9, 70) of a conventional F-to-V converter. The 
upper trace is the output of a conventional FVC after a 4-pole 
filter (Note 2), and the lower trace is the output of the circuit 
of Figure 1. The phase-locked-loop F-to-V converter is 
quicker yet quieter. 

Note 2: AN-207, V-to-F and F-to-V Converter Applications 

Vertical sensitivity=10 V/DIV (CMOS logic levels) 
Horizontal sensitivity=0.5 ms/DIV 

pwn"... .... 



I— ■III. .. 


FIGURE 2. F output steps up from 5 kHz to 10 kHz as 
quickly as the input, never missing a beat. 

Top Trace = input “F,n” to PLL. 

Bottom Trace = output “Fqut” PLL. 


Vert=10 V/DIV, Horiz=2 ms/DIV 
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FIGURE 3. Error Signal. Top Trace = error signal at Q1. 
Bottom Trace = output “Fqut” PLL. 
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Vert = 2 V/DIV, Horiz = 2 ms/DIV 



00561804 


FIGURE 4. Settling waveforms, as F,n goes from 5 kHz 
to 10 kHz and back again, using circuit of Figure 1. 
Top Trace = output of integrator (VI). Bottom Trace = 
output of filter (Vqut)- 


Vert = 2 V/DIV, Horiz = 0.5 ms/DIV 
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FIGURE 5. PLL Settling Waveforms. 

The same waveform as in Figure 4, but time base is 
expanded to 0.5 ms/DIV to show fine detail of settling. 


Vert = 2 V/DIV, Horiz = 20 ms/DIV 
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FIGURE 6. FVC Response vs PLL Response. The PLL 
can settle rather more quickly than a conventional 
F-to-V converter. Top Trace = conventional F-to-V 
converter with 4-pole active filter, responding to a 5 
kHz to 10 kHz step. Bottom Trace = PLL FVC, with the 
same input, circuit of Figure 1. 


Vert = 2 V/DIV, Horiz = 20 ms/DIV 
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FIGURE 7. FVC Step Response. 

This waveform is similar to that in Figure 6 but the 
frequency change covers a 10:1 ratio, from 10 kHz to 1 
kHz and back to 10 kHz. For this waveform, the 
adaptive current sources of Figure 11 connect to 
Figure 1 (whereas for Figure 6 R1 = R2 = 120k). 


Vert = 2 V/DIV, Horiz = 5 ms/DIV 
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FIGURE 8. FVC Response. The same as Figure 7, but 
time base expanded to 5 ms/DIV, to show detail of rise 
time. Top Trace = conventional FVC. Bottom Trace = 
PLL FVC. 


Vert = 2 V/DIV, Horiz = 5 ms/DIV 
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FIGURE 9. FVC Response The same as Figure 7, but 
expanded to 5 ms/DIV to show details of fall time. Top 
Trace = conventional FVC. Bottom Trace = PLL FVC. 
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Vert = 0.2 V/DIV, Horiz = 50 ms/DIV 
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FIGURE 10. PLL Settling Waveforms at Low 
Frequencies. The same idea as in Figure 7, but 10 x 
slower, from 1.0 kHz to 100 Hz (and back). The settling 
to 1 kHz is still distinctly faster for the PLL, but at 100 
Hz, it is a bit slower. Still, the PLL is faster than the 
FVC at all speeds from 200 Hz to 10 kHz. 

So far we have shown a PLL which operates nicely over a 
frequency range of about 3:1. If the frequency is decreased 
below 3 kHz, the loop gain becomes excessive, and the 
currents II and 12 are large enough to cause loop instability. 
The loop gam increases at lower frequencies, because a 
given initial phase error will cause the fixed current from R1 
or R2 to be integrated for a longer time, causing a larger 
output change at the integrator’s output, and a /a/yer change 
of frequency. When the frequency is thus corrected, and the 
period of one cycle is changed, at a low frequency it may be 
over-corrected, and the phase error on the next cycle may 
be as large as (or larger than) the initial phase error, but with 
reversed sign (Note 3). To avoid this and to maintain loop 
stability at lower frequencies, e.g. 0.5 to 1 kHz, R1 and R2 
can be simply raised to 1.5 However, response to a step 
will be proportionally slower. To achieve a wide frequency 
range (20:1), and optimum quickness at all frequencies, it is 
necessary to servo II and 12 to be proportional to the fre¬ 
quency. Fortunately, as VI is normally proportional to F, it is 


easy to generate current sources IT and 12’ which are pro¬ 
portional to F. The circuit of Figure 11 can be connected to 
the basic PLL, instead of R1 and R2, and provides good, 
quick loop stability over a 30:1 frequency range, from 330 Hz 
to 10 kHz. For best results over a 30:1 frequency range, 
change R3, the damping resistor in Figure 1, from 47k to 
100k. However, if the frequency range is smaller (such as 
2:1 or 3:1), constant resistors for R1 and R2 or very simple 
current sources may give adequate response in many sys¬ 
tems. (To cover wider frequency ranges than 30.1 with opti¬ 
mum response, the circuits in the precision 
phase-locked-loop, below, are much more suitable.) 

Often a frequency multiplier is needed, to provide an output 
frequency 2 or 3 or 10 or n times higher than the input. By 
inserting a ^n frequency divider in the feedback loop, this is 
easily accomplished. [Of course, a -f-m frequency divider can 
be inserted ahead of the frequency input, to provide correct 
scaling, and the output frequency then will be F|N(n/m).] 

To obtain good loop stability in a frequency multiplier with n 
= 2, remember that a 20 kHz V-to-F converter followed by a 
-r2 circuit has exactly the same loop response and stability 
needs as a 10 kHz V-to-F converter, because it /s a 10 kHz 
V-to-F converter, even though it provides a useful 20 kHz 
output. Thus, the frequency of the Fg (minimum and maxi¬ 
mum) will determine what loop gains and loop damping 
components are needed. 

To accommodate a 1 kHz V-to-F loop, simply make Cl and 
C2 10 times bigger than the values of Figure V, treating C3, 
C4, C5 and Ct similarly is used. To accommodate a 100 Hz 
V-to-F, increase them by another factor of 10. 

If the PLL is to be used primarily as a frequency multiplier, it 
may be necessary to use stable, low-temperature-coefficient 
components, because the accuracy of Vqut will not be 
important. The parts cost can be cut considerably. (Make 
sure that the VFC does not run out of range to handle all 
frequencies of interest.) On the other hand, the damping 
components will be chosen quite a bit differently if slow, 
stable jitter-free response is needed or if quick response is 
required. The circuits shown are just a starting place, to start 
optimizing your own circuit. 

Note 3: Optimize phase-lock loops to meet your needs or determine why 
you can’t Andrzej B Przedpelski, Electronic Design, September 13, 1978 
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A3 — LF351, LM741 OR ANY NPN TRANSISTOR — 2N3904, 

2N2222 OR ANY SILICON NPN , PNP TRANSISTOR — 2N3906, 

2N2907 OR ANY SILICON PNP , ALL RESISTORS ±10% 

ALL DIODES 1N914 OR 1N4148 OR SIMILAR 

FIGURE 11. Proportional Current Source for Basic PLL 
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A Single-Supply PLL 

The single-supply PLL is shown in Figure 12 as an example 
of a simple circuit which is effective when battery operation 
or single-supply operation is necessary. This circuit will func¬ 
tion accurately over a 10:1 frequency range from 1 kHz to 
10 kHz, but will not respond as quickly as the basic PLL of 
Figure 1. The reason is the use of the CD4046 frequency 
detector. When an F|n edge occurs ahead of a F feedback 
pulse, pin 13 of the CD4046 pulls up on Cl via R1 = 1 kO. 
This current cannot be controlled or manipulated over as 
wide a range as “11” in Figure 1. As a consequence, the 
response of this PLL is never as smooth nor fast-settling as 
the basic PLL, but it is still better behaved than most F-to-V 
converters. As with the basic PLL, the detector feeds a 


current to be integrated in Cl (and R2 provides the neces¬ 
sary “lead”). A1 acts simply as a buffer for the R1, Cl 
integrator. A3, optional, can provide a nicely filtered output. 
And A2 servos Q1, drawing a current out of C6 which is 
proportional to V2. Here the LM331 acts as a 
current-to-frequency converter, and F output is precisely 
proportional to the collector current of Q1. As with the basic 
circuit, this PLL can be used as a quick and/or quiet F-to-V 
converter, or as a frequency multiplier. One of the most 
important uses of an F-to-V is to demodulate the frequency 
of a V-to-F converter, which may be situated at a high 
common-mode voltage, isolated by photoisolators, or to re¬ 
cover a telemetered signal. An F-to-V converter of this sort 
can provide good bandwidth for demodulating such a signal. 


+vs 
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— Q1 = 2N3565 OR 2N3904 HIGH BETA NPN 

— A1, A2, A3 = 1/4 LM324 

— ON CD4046, PINS 1, 2, 4, 6, 7, 10, 11, 12 ARE NO CONNECTION 

— USE STABLE, LOW-T C PARTS FOR COMPONENTS MARKED* 

—+Vs = +7 TO +15 VDC 


FIGURE 12. Single Supply Phase Locked Loop 


www.national.com 


6-18 











6-19 


WWW national com 


AN-210 








AN-210 


A Single-Supply PLL (Continued) 

• A4 is included as an (optional) iimiter, to prevent V1 from 
ever going positive. This will facilitate quick startup and 
recovery from overdrive conditions. 

Also, in Figure 14, the wide-range current pump for the 
precision PLL is a “semiprecision” circuit, and provides an 
output current proportional to -V1, give or take 10 or 15%, 
over a 3-decade range. The 22 MQ resistors prevent the 
current from shutting off in case -V becomes positive (prob¬ 
ably unnecessary if A4 is used). For best results over a full 
3-decade range (11 kHz to 9 Hz), do use A4, delete the four 
22 ML2 resistors, and insert the (diode parallel to the 470 kQ) 
in series with the Rq as shown. This will give good stability at 
all frequencies (although stability cannot be extended below 
1/1500 of full scale without extra efforts). 


This PLL has been widely used in testing of VFCs, as it can 
force the LM331 to run at a crystal-controlled frequency 
(established as the F input), and the output voltage at Vqut 
is promptly measured by a 6-diglt (1 ppm nonlinearity, max) 
digital voltmeter, with much greater speed and precision than 
can be obtained by forcing a voltage and trying to read a 
frequency. While at 10 kHz, the advantages are clearcut; at 
50 Hz it is even more obvious. Measuring a 50 Hz signal with 
±0.01 Hz resolution cannot be done (even with the most 
powerful computing counter-timer) as accurately, quickly, 
and conveniently as the PLL’s voltage output settles. 



A5, A6, ARE LF351 OR y2LF353 OR SIMILAR 

Q5, Q6, Q7, Q9 ARE 2N2907 OR 2N3906 OR SIMILAR 

Q8, 010 ARE Q8 IS 2N3565 OR 2N3904 OR SIMILAR 


FIGURE 14. Wide Range Current Pumps for Precision PLL of Figure 13 


One final application of this PLL is as a wide-range sine 
generator. The VFC in Figure 15 puts out an adequate 
sine-shaped output, but does not have good V-to-F linearity, 
and its frequency stability is not much better than 0.2%. An 
LM331 makes an excellent linear stable V-to-F converter, 
with a pulse output; but it can not make sines. But it can 
command, via a PLL, to force the sine VFC to run at the 
correct frequency. Simply connect the sine VFC of Figure 15 


into one of the PLLs, instead of the LM331 VFC circuit. Then 
use a precise linear low-drift VFC based on the LM331 to 
establish the F|n to the PLL. If the voltage needed by the 
sine VFC to put out a given frequency drifts a little, that is 
okay, as the integrator will servo and make up the error. The 
use of a controlled sine-wave generator in a test system was 
the first of many applications for a wide-range 
phase-locked-loop. 
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A Single-Supply PLL (Continued) 



FIGURE 15. Sine-Wave VFC to Use with PLL 
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The A/D Easily Allows 
Many Unusual Applications 


National Semiconductor 
Application Note 233 
Robert Pease 



Accommodation of Arbitrary 
Anaiog Inputs 

Two design features of the ADC0801 series of AID convert¬ 
ers provide for easy solutions to many system design prob¬ 
lems. The combination of differential analog voltage inputs 
and a voltage reference input which can range from near 
zero to 5 Vdc are key to these application advantages. 

In many systems the analog signal which has to be con¬ 
verted does not range clear to ground (0.00 Vdc) nor does it 
reach up to the full supply or reference voltage value. This 
presents two problems: 1) a “zero-offset” provision is 
needed—and this may be volts, instead of the few millivolts 
which are usually provided; and 2) the “full scale” needs to 
be adjusted to accommodate this reduced span. (“Span” Is 
the actual range of the analog input signal, from V,n min to 
V|N easily handled with the converter as shown in 

Figure 1. 

Note that when the input signal, V|n, equals V,n min the 
“differential input” to the A/D is zero volts and therefore a 
digital output code of zero is obtained. When V,Nequals 
V|N MAX. the “differential Input” to the A/D is equal to the 
“span” (for reference applications convenience, there is an 
internal gain of two to the voltage which is applied to pin 9, 
the Vref/ 2 input), therefore the A/D will provide a digital full 
scale. In this way a wide range of analog input voltages can 
be easily accommodated. 

An example of the usefulness of this feature is when oper¬ 
ating with ratiometric transducers which do not output the 
complete supply voltage range. Some, for example, may 
output 15% of the supply voltage for a zero reading and 85% 
of the supply for a full scale reading. For this case, 15% of 
the supply should be applied to the V|n(_) pin and the Vref/2 


pin should be biased at one-half of the span, which is V 2 
(85%-15%) or 35% of the supply. This properly shifts the 
zero and adjusts the full scale for this application. The V|n(_) 
input can be provided by a resistive divider which is driven by 
the power supply voltage and the Vref/ 2 pin should be 
driven by an op amp. This op amp can be a unity-gain 
voltage follower which also obtains an input voltage from a 
resistive divider. These can be combined as shown in Figure 
2 . 

This application can allow obtaining the resolution of a 
greater than 8-bit A/D. For example, 9-bit performance with 
the 8-bit converter is possible if the span of the analog input 
voltage should only use one-half of the available OV to 5V 
span. This would be a span of approximately 2.5V which 
could start anywhere over the range of OV to 2.5Vdc- 
The RC network on the output of the op amp of Figure 2 is 
used to isolate the transient displacement current demands 
of the Vref/ 2 input from the op amp. 



*V|N MIN < V|N < V|N MAX SPAN = VmAX - VmIN 

00561901 

FIGURE 1. Providing Arbitrary Zero 
and Span Accommodation 


VCC = 5V0C 



FIGURE 2. Operating with a Ratiometric Transducer which Outputs 15% to 85% of Vqc 


Limits of Vp^^/Z Voltage Magnitude 

A question arises as to how small in value the span can be 
made. An ADC0801 part is shown in Figure 3 where the 


Vref/ 2 voltage is reduced in steps: from A), 2.5V (for a full 
scale reading of 5V); to B), 0.625V (for a full scale reading of 
1.25V—this corresponds to the resolution of a 10-bit con- 
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Limits of Vf,ep/ 2 Voitage Magnitude 

(Continued) 

verier over this restricted range); to C), 0.15625V (for a fuil 
scale reading of 0.3125V—which corresponds to the reso¬ 
lution of a 12-bit converter). Note that at 12 bits the linearity 
error has increased to V 2 LSB. 

For these reduced reference applications the offset voltage 
of the A/D has to be adjusted as the voltage value of the LSB 
changes from 20 mV to 5 mV and finally to 1.25 mV as we go 
from A) to B) to C). This offset adjustment is easily combined 
with the setting of the V,n min value at the V|n(_) pm. 
Operation with reduced Vref/ 2 voltages increases the re¬ 
quirement for good initial tolerance of the reference voltage 
(or requires an adjustment) and also the allowed changes in 
the Vfief/ 2 voltage over temperature are reduced. 

An interesting application of this reduced reference feature is 
to directly digitize the forward voltage drop of a silicon diode 
as a simple digital temperature sensor. 

A 10-Bit Application 

This analog flexibility can be used to increase the resolution 
of the 8-bit converter to 10 bits. The heart of the idea is 
shown in Figure 4. The two extra bits are provided by the 
2-bit external DAC (resistor string) and the analog switch, 
SW1. 

Note that the Vref/ 2 pin of the converter is suppiied with 
Vs Vref so each of the four spans which are encoded will be: 

2XjVref=;jVref 


In actual implementation of this circuit, the switch would be 
replaced by an analog multiplexer (such as the CD4066 
quad bilateral switch) and a microprocessor would be pro¬ 
grammed to do a binary search for the two MS bits. These 
two bits plus the 8 LSBs provided by the /VD give the 10-bit 
data. For a particuiar application, this basic idea can be 
simplified to a 1-bit ladder to cover a particular range of 
analog input voltages with increased resolution. Further, 
there may exit a priori knowledge by the CPU which could 
locate the analog signal to within the 1 or 2 MSBs without 
requiring a search algorithm. 

A Microprocessor Controlled 
Voltage Comparator 

In applications where set points (or “pick points”) are set up 
by analog voltages, the A/D can be used as a comparator to 
determine whether an analog input is greater than or less 
than a reference DC value. This is accomplished by simply 
grounding the Vref/ 2 pin (to provide maximum resolution) 
and applying the reference DC value to the V|n(_) input. Now 
with the analog signal applied to the V|N(+)input, an all zeros 
code will be output for V|n(+) less than the reference voltage 
and an all ones code for V|n(+) greater than the reference 
voltage. This reduces the computational loading of the CPU 
Further, using analog switches, a single A/D can encode 
some analog input channels in the “normal” way and can 
provide this comparator operation, under microprocessor 
control, for other analog input channels. 


+1LSB 


A) FULL SCALE = 5V 
(1 LSB = 20 MV) 


4-.-H — i - 1-1-^j^- h-—I 


-USB 


L 



B) FULL SCALE = 1 25 V 
(USB = 5 MV) 




1—^—PH 

_ 



0 FULL SCALE = 0.3125V 

r 



(1 LSB = 1.22 mV) 




ANALOG INPUT 
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FIGURE 3. Linearity Error for Reduced Analog Input Spans 
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DACs Multiply and A/Ds Divide 

Computation can be directly done with converter compo¬ 
nents to either increase the speed or reduce the loading on 
a CPU. It is rather well known that DACs multiply—and for 
this reason many are actually called “MDACs” to signify 
“multiplying DAC.” An analog product voltage is provided as 
an output signal from a DAC for a hybrid pair of input 
signals—one is analog (the Vr^f input) and the other is 
digital. 

The A/D provides a digital quotient output for two analog 
input signals. The numerator or the dividend is the normal 
analog input voltage to the A/D and the denominator or the 
divisor IS the Vref input voltage. 

High speed computation can be provided external to the 
CPU by either or both of these converter products. DACs are 
available which provide 4-quadrant multiplications (the 
MDACs and MICRO-DACs™), but A/Ds are usually limited to 
only one quadrant. 

Combine Analog Self-Test with 
Your Digital Routines 

A new innovation is the digital self-test and diagnostic rou¬ 
tines which are being used in equipment. If an 8-bit A/D 
converter and an analog multiplexer are added, these testing 
routines can then check all power supply voltage levels and 
other set point values in the system. This is a major applica¬ 
tion area for the new generation converter products. 

Control Temperature Coefficients 
with Converters 

The performance of many systems can be improved if volt¬ 
ages within the system can be caused to change properly 


with changes in ambient temperature. This can be accom¬ 
plished by making use of low cost 8-bit digital to analog 
converters (DACs) which are used to introduce a “dither” or 
small change about the normal operating values of DC 
power supplies or other voltages within the system. Now, a 
single measurement of the ambient temperature and one 
A/D converter with a MUX can be used by the microproces¬ 
sor to establish proper voltage values for a given ambient 
temperature. This approach easily provides non-linear tem¬ 
perature compensation and generally reduces the cost and 
improves the performance of the complete system. 

Save an Op Amp 

In applications where an analog signal voltage which is to be 
converted may only range from, for example, OVdc to 500 
mVoc, an op amp with a closed-loop gain of 10 is required to 
allow making use of the full dynamic range (OVdc to 5 Vdc) of 
the A/D converter. An alternative circuit approach is shown in 
Figure 5. Here we, instead, attenuate the magnitude of the 
reference voltage by 10:1 and apply the 0 to 500 mV signal 
directly to the A/D converter. The V|n(_) input is now used for 
a Vqs adjust, and due to the “sampled-data” operation of the 
A/D there is essentially no Vqs drift with temperature 
changes. 



FIGURE 4. 10-Bit A/D Using the 8-Bit ADC801 
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Save an Op Amp (Continued) 

As shown in Figure 5, all zeros will be output by the A/D for 
an input voltage (at the V,n(+) input) of OVdc and all ones will 
be output by the A/D for a SOOmVDc input signal. Operation 
of the A/D in this high sensitivity mode can be useful in many 
low cost system applications. 

Digitizing a Current Fiow 

In system applications there are many requirements to moni¬ 
tor the current drawn by a PC card or a high current load 
device. This typically is done by sampling the load current 
flow with a small valued resistor. Unfortunately, it is usually 
desired that this resistor be placed in series with the Vqc 
line. The problem is to remove the large common-mode DC 
voltage, amplify the differential signal, and then present the 
ground referenced voltage to an A/D converter. 


All of these functions can be handled by the A/D using the 
circuit shown in Figure 6. Here we are making use of the 
differential input feature and the common-mode rejection of 
the A/D to directly encode the voltage drop across the load 
current sampling resistor. An offset voltage adjustment is 
provided and the Vref/ 2 voltage is reduced to 50 mV to 
accommodate the input voltage span of 100 mV. If desired, a 
multiplexer can be used to allow switching the V|n(_) input 
among many loads 

Conclusions 

At first glance it may appear that the A/D converters were 
mainly designed for an easy digital interface to the micropro¬ 
cessor. This IS true, but the analog interface has also been 
given attention in the design and a very useful converter 
product has resulted from this combination of features. 



FIGURE 5. Directly Encoding a Low Level Signal 



FIGURE 6. Digitizing a Current Flow 
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An Introduction to the Sampling 
Theorem 

With rapid advancement in data acquistion technology (i.e. 
analog-to-digital and digital-to-analog converters) and the 
explosive introduction of micro-computers, selected complex 
linear and nonlinear functions currently Implemented with 
analog circuitry are being alternately implemented with 
sample data systems. 

Though more costly than their analog counterpart, these 
sampled data systems feature programmability. Additionally, 
many of the algorithms employed are a result of develop¬ 
ments made in the area of signal processing and are in some 
cases capable of functions unrealizable by current analog 
techniques. 

With increased usage a proportional demand has evolved to 
understand the theoretical basis required in interfacing these 
sampled data-systems to the analog world. 

This article attempts to address the demand by presenting 
the concepts of aliasing and the sampling theorem in a 
manner, hopefully, easily understood by those making their 
first attempt at signal processing. Additionally discussed are 
some of the unobvious hardware effects that one might 
encounter when applying the sampled theorem. 

With this... let us begin. 


cause of this it is difficult to determine which frequency a’(t), 
is truly being observed. This effect is similar to that observed 
In western movies when watching the spoked wheels of a 
rapidly moving stagecoach rotate backwards at a slow rate. 
The effect is a result of each individual frame of film resem¬ 
bling a discrete strobed sampling operation flashing at a rate 
slightly faster than that of the rotating wheel. Each observed 
sample point or frame catches the spoked wheel slightly 
displaced from its previous position giving the effective ap¬ 
pearance of a wheel rotating backwards. Again, aliasing is 
evidenced and in this example it becomes difficult to deter¬ 
mine which is the true rotational frequency being observed. 

f{t) t’(t)SAMPLED DATA 


(a) 


■ ... t t t ■ 

T 2T 3T 4T 5T 6T 7T 
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An Intuitive Development 

The sampling theorem by C.E. Shannon in 1949 places 
restrictions on the frequency content of the time function 
signal, f(t), and can be simply stated as follows: 

In order to recover the signal function f(t) exactly, it is 
necessary to sample f(t) at a rate greater than twice its 
highest frequency component. 

Practically speaking for example, to sample an analog signal 
having a maximum frequency of 2Kc requires sampling at 
greater than 4Kc to preserve and recover the waveform 
exactly. 

The consequences of sampling a signal at a rate below its 
highest frequency component results in a phenomenon 
known as aliasing. This concept results in a frequency mis¬ 
takenly taking on the identity of an entirely different fre¬ 
quency when recovered. In an attempt to clarify this, envi¬ 
sion the ideal sampler of Figure )(a), with a sample period of 
T shown in Figure t(b), sampling the waveform f(t) as pic¬ 
tured in Figure 1{c). The sampled data points of f’(t) are 
shown in Figure 1{6) and can be defined as the sample set 
of the continuous function f(t). Note in Figure 1{e) that an¬ 
other frequency component, a’(t), can be found that has the 
same sample set of data points as f’(t) in Figure 1{6). Be¬ 
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FIGURE 1. When sampling, many signals may be 
found to have the same set of data points. These are 
called aliases of each other. 


www.national.com 


6-26 



An Intuitive Development (Continued) 



00562002 


FIGURE 2. Shown in the shaded area is an ideal, low pass, anti-aliasing filter response. Signals passed through the 
filter are bandlimited to frequencies no greater than the cutoff frequency, fc. in accordance with the sampling 
theorem, to recover the bandlimited signal exactly the sampling rate must be chosen to be greater than 2fc. 

On the surface it is easily said that anti-aliasing designs can 
be achieved by sampling at a rate greater than twice the 
maximum frequency found within the signal to be sampled. 

In the real world, however, most signals contain the entire 
spectrum of frequency components; from the desired to 
those present in white noise. To recover such information 
accurately the system would require an unrealizably high 
sample rate. 

This difficulty can be easily overcome by preconditioning the 
input signal, the means of which would be a band-limiting or 
frequency filtering function performed prior to the sample 
data input. The prefilter, typically called anti-aliasing filter 
guarantees, for example in the low pass filter case, that the 
sampled data system receives analog signals having a spec¬ 
tral content no greater than those frequencies allowed by the 
filter. As illustrated in Figure 2, it thus becomes a simple 
matter to sample at greater than twice the maximum fre¬ 
quency content of a given signal. 

A parallel analog of band-limiting can be made to the world of 
perception when considering the spectrum of white light. It 
can be realized that the study of violet light wavelengths 
generated from a white light source would be vastly simpli¬ 
fied if initial band-limiting were performed through the use of 
a prism or white light filter. 

The Sampling Theorem 

To solidify some of the intuitive thoughts presented in the 
previous section, the sampling theorem will be presented 
applying the rigor of mathematics supported by an illustrative 
proof. This should hopefully leave the reader with a comfort¬ 
able understanding of the sampling theorem. 

Theorem: If the Fourier transform F(co) of a signal function 
f(t) is zero for all frequencies above Icol > then 
f(t) can be uniquely determined from its sampled 
values 

fn = f(nT) (1) 


These values are a sequence of equidistant sample points 
spaced _1_ ^ _ j apart. (f)t is thus given by 

2fc ~ 2 ” 


f(t) = 


f(nT) 


sin ft)c (t - nT) 
coc (t - nT) 


( 2 ) 


Proof: Using the inverse Fourier transform formula: 


F(ci))€^“^ dft) 


(3) 


the band limited function, f(t), takes the form. Figure 3a, 


f(t) 


_ _i_ 

~ - 


F(a>)€''^^ do) 


(4) 




is then given as 


-if:..- 


F(a))£ dft) 

(5) 

See Figure 3c and Figure 3e. 

Expressing F(co) as a Fourier series in the interval -cOc ^ cd < 
o)c we have 


1 f^C |ti> — 

= — F(ft))£ "c dft) 

J -a)c 


( 6 ) 
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The Sampling Theorem (Continued) 

Where, 


2a)c J 


e)c jft) — 

F(ct>)€ *>c do) 

'c^ -0)c 


Further manipulating Equation (7) 

ZtT 


1 fwc .0) — 

^n = —;r: F(“)« “'do) 

•TT J 


2ft)c 27r 

Cn can be written as 


(7) 


( 8 ) 


Cn = —fn 

COc 

(9) 

Substituting Equation (9) into Equation (6) gives the periodic 
Fourier Transform 


Fp(a)) = 


oo 



( 10 ) 

of Figure 3f. Using Poisson’s sum formula (Note 1) F(co) can 
be stated more clearly as 


OO 

F(co) = F(a) - 2na)c) 

n = - oo 


( 11 ) 


Interestingly for the interval -cOc < co < cOc the periodic func¬ 
tion Fp(co) and Figure 3f. equals F((o) and Figure 3b. respec¬ 
tively. Analogously if Fp((o) were multiplied by a rectangular 
pulse defined, 


H(co) = 1 

-COc ^ CO < (0 

(12) 

H(a)) = 0 

Icol > COc 

(13) 


then as pictured in Figure 4b, d, and f, 


F{a}) = H(a)) • Fp(6)) = H(a>) 


CUc 


-iw — 

-fn£ 


(14) 


Solving for f(t) the inverse Fourier transform Equation (3) is 
applied to Equation (14) 


= F(o))£'“’* do) 

27r J -o>c 


(15) 



Note 1 : Poisson’s sum formula 

«> -jwnT 

i ^ F(o)-no)s)= ^ f(nT)« 

n=-oo n = -<» 

where ..j. _ and fg is the sampling frequency 
giving fg 



(16) 

Equation (16) is equivalent to Equation (2) as is illustrated in 
Figure 4e and Figure 3a respectively. 

As observed in Figure 3 and Figure 4, each step of the 
sampling theorem proof was also illustrated with its Fourier 
transform pair. This was done to present alternate illustrative 
proofs. 

Recalling the convolution (Note 2) theorem, the convolution 
of F(co), Figure 3b, with a set of equidistant impulses. Figure 
3d, yields the same periodic frequency function Fp(co), Figure 
3f, as did the Fourier transform of fn. Figure 3e, the product 
of f(t). Figure 3a, and its equidistant sample impulses. Figure 
3c. 

In the same light the original time function f(t), Figure 4e, 
could have been recovered from its sampled waveform by 
convolving fn. Figure 4a, with h(t), Figure 4c, rather than 
multiplying Fp(o)), Figure 4b, by the rectanguiar function 
H((o), Figure 4d, to get F(o)), Figure 4f, and finally inverse 
transforming to achieve f(t), Figure 4e, as done in the math¬ 
ematic proof. 

Note 2: The convolution theorem allows one to mathematically convolve in 
the time domain by simply multiplying in the frequency domain That is, if f(t) 
has the Fourier transform F((o), and x(t) has the Fourier transform X(co), then 
the convolution f(t)*x(t) has the Fourier transform F(co)*X(co) 
f(t) * x(t) F((o) • X(co) 
f(t) • x(t) F(o)) * X(co) 
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(b) 


_I 

fH(a)) 






-fc fc f 


(d) 




(f) 

00562004 


FIGURE 4. Recovery of a signal f(t) from sampled data information. 


Some Observations and Definitions 

If Figure 3f or Figure 4b are re-examined it can be noted that 
the original spectrum Fp(co), Icol < cOc, and its images Fp(co), 
Icol > ©c, are non-overlapping. On the other hand Figure 5 
illustrates spectral folding, overlapping or aliasing of the 
spectrum images into the original signal spectrum. This 
aliasing effect is, in fact, a result of undersampling and 
further causes the information of the original signal to be 
indistinguishable from its images (i.e. Figure 1e). From Fig¬ 
ure 6 one can readily see that the signal is thus considered 
non-recoverable. 

The frequency Ifcl of Figure 3f and Figure 4b is exactly one 
half the sampling frequency, fc=fs/2, and is defined as the 
Nyquist frequency (after Harry Nyquist of Bell Laboratories). 
It is also often called the aliasing frequency or folding fre¬ 
quency for the reasons discussed above. From this we can 


say that in order to prevent aliasing in a sampled-data sys¬ 
tem the sampling frequency should be chosen to be greater 
than twice the highest frequency component f^ of the signal 
being sampled. 

By definition 

fs^2f, (17) 

Note, however, that no mention has been made to sample at 
precisely the Nyquist rate since in actual practice it is impos¬ 
sible to sample at fg = 2fc unless one can guarantee there 
are absolutely no signal components above f^. This can only 
be achieved by filtering the signal prior to sampling with a 
filter having infinite rolloff... a physical impossibility, see 
Figure 2. 
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-fc fc f 

(b) 


00562005 

FIGURE 5. Spectral folding or aliasing caused by: 
(a) under sampling 
(b) exaggerated under sampling. 



-fc fc f 

(b) 


00562006 

FIGURE 6. Aliased spectral envelope (a) and (b) of 
Figure 5a and Figure 5b respectively. 
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FIGURE 7. Generalized single channel sample data system. 


The Sampiing Theorem and Its 
Hardware 

IMPLICATIONS 

Though there are numerous sophisticated techniques of 
implementation, it is appropriate to re-emphasize that the 
intent of this article is to give the first time user a basic and 
fundamental approach toward the design of a sampled-data 
system. The method with which to achieve this goal will be to 
introduce a few of the common perils encountered when 
implementing such a system. We begin by considering the 
generalized block diagram of Figure 7. 

As shown in Figure 7, prior to any signal processing manipu¬ 
lation the analog input signal must be preconditioned to 
prevent aliasing and thereafter digitized to logic signals us¬ 
able by the logic function block. The antialiasing and digitiz¬ 
ing functions are performed by an input filter and 
analog-to-digital converter respectively. Once digitized the 
signal can then be altered or processed and upon comple¬ 
tion, reconstructed back to a continuous analog signal via a 
digital-to-analog converter followed by a smoothing filter. 

To this point no mention has been made concerning the 
sample and hold circuit block depicted in Figure 7. In general 
the analog-to-digital converter can operate as a stand alone 
unit. In many high speed operations however, the converter 
speed is insufficient and thus requires the assistance of a 
sample and hold circuit. This will be discussed in detail 
further in the article. 

The Antialiasing input Filter 

As indicated earlier in the text, the antialiasing filter should 
band-limit the input signal’s spectrum to frequencies no 
greater than the Nyquist frequency. In the real world how¬ 
ever, filters are non-ideal and have typical attenuation or 
band-limiting and phase characteristics as shown in Figure 8 
(Note 3). It must also be realized that true band-limiting of a 
specific frequency spectrum is not possible. In the sample 
data system band-limiting is achieved by attenuating those 
frequencies greater than the Nyquist frequency to a level 
undetectable or invisible to the system analog-to-digital 
(A/D) converter. This level would typically be less than the 
rms quantization (Note 4) noise level defined by the specific 
converter being used. 

Note 3: In order not to disrupt the flow of the discussion a list of filter terms 
has been presented in Appendix A 

Note 4: For an explanation of quantization refer to section IV B of this 
article 

As an example of how an antialiasing filter would be applied, 
assume a sample data system having within it an 8-bit A/D 
converter. Eight bits translates to 2"=2®=256 levels of reso¬ 
lution. If a 2.56 volt reference were used each quantization 
level, q, would represent the equivalent of 2.56 volts/256=10 
millivolts. Realizing this the antialiasing filter would be de¬ 


signed such that frequencies in the stopband were attenu¬ 
ated to less than the rms quantization noise level of q/2v^ 
and thus appearing invisible to the system. More specifically 

, V full scale 

-20 logic—;-T" - -59dB = Amin 

Vq/2/3 

It can be seen, for example in the Butterworth filter case 
(characterized as having a maximally flat pass-band) of Fig¬ 
ure 9a that any order of filter may be used to achieve the 
-59 dB attenuation level, however, the higher the order, the 
faster the roll off rate and the closer the filter magnitude 
response will approach the ideal. 

Referring back to Figure 8 it is observed that those frequen¬ 
cies greater than coa are not recognized by the A/D converter 
and thus the sampling frequency of the sample data system 
would be defined as cOg > 2o)a. Additionally, the frequencies 
present within the filtered input signal would be those less 
than cOg. Note however, that the portion of the signal frequen¬ 
cies least distorted are those between (o=0 and cOp and 
those within the transition band are distorted to a substantial 
degree, though it was originally desired to limit the signal to 
frequencies less than the cutoff oOp, because of the non-ideal 
frequency response the true Nyquist frequency occurred at 
(Dg. We see then that the sampled-data system could at most 
be accurate for those frequencies within the antialiasing filter 
passband. 

From the above example, the design of an antialiasing filter 
appears to be quite straight forward. Recall however, that all 
waveforms are composed of the sums and differences of 
various frequency components and as a result, if the re¬ 
sponse of the filter passband were not flat for the desired 
signal frequency spectrum, the recovered signal would be an 
inaccurate summation of all frequency components altered 
by their relative attenuations in the pass-band. 

Additionally the antialiasing filter design should not neglect 
the effects of delay. As illustrated in Figure 8 and Figure 9b, 
delay time corresponds to a specific phase shift at a particu¬ 
lar frequency. Similar to the flat pass-band consideration, if 
the phase shift of the filter is not exactly proportional to the 
frequency, the output of the filter will be a waveform in which 
the summation of all frequency components has been al¬ 
tered by shifts in their relative phase. Figure 9b further 
indicates that contrary to the roll off rate, the higher the filter 
order the more non-ideal the delay becomes (increased 
delay) and the result is a distorted output signal. 

A final and complex consideration to understand is the ef¬ 
fects of sampling. When a signal Is sampled the end effect is 
the multiplication of the signal by a unit sampling pulse train 
as recalled from Figure 3a, c and e. The resultant waveform 
has a spectrum that is the convolution of the signal spectrum 
and the spectrum of the unit sample pulse train, i.e. Figure 
3b, d, and f. If the unit sample pulse has the classical sin X/X 


WWW. national com 


6-32 



The Sampling Theorem and Its 
Hardware (Continued) 

spectrum (Note 5) of a rectangular pulse, see Figure 13, 
then the convolution of the pulse spectrum with the signal 
spectrum would produce the non-ideal sampled signal spec¬ 
trum shown in Figure 10a, b, and c. 

It should be realized that because of the band-limiting or 
filtering and delay response of the Sin X/X function com¬ 
bined with the effects of the non-ideal antialiasing filter (i e 
non-flat pass-band and phase shift) certain of the sum and 


TRANSITION 

BAND 



difference frequency components may fall within the desired 
signal spectrum thereby creating aliasing errors, Figure 10c. 
When designing antialiasing filters it will be found that the 
closer the filter response approaches the ideal the more 
complex the filter becomes. Along with this an increase in 
delay and pass-band ripple combine to distort and alias the 
input signal. In the final analysis the design will involve trade 
offs made between filter complexity, sampling speed and 
thus system bandwidth. 

Note 5: This will be explained more clearly in Section IV of this article 



00562008 


FIGURE 8. Typical filter magnitude and phase versus frequency response. 
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00562009 

a) Attenuation characteristics of a normalized Butterworth filter as a function of degree n. 



0 1 0.2 0.3 0.4 0 5 0.6 0 7 0.8 0 9 1.0 1.1 1.2 1.3 1.4 1.5 1 6 1.7 1 8 1.9 


b) Group deiay performances of normalized Butterworth lowpass fiiters as a function of degree n. 

FIGURE 9. 
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FIGURE 10. (c) equals the convolution of (a) with (b). 


The Analog-to-Digital Converter 

Following the antialiasing filter is the A/D converter which 
performs the operations of quantizing and coding the input 
signal in some finite amount of time. Figure 11 shows the 
quantization process of converting a continuous analog input 
signal into a set of discrete output levels. A quantization, q, is 
thus defined as the smallest step used in the digital 
representation of fq(n) where f(n) is the sample set of an 
input signal f(t) and is expressed by a finite number of bits 
giving the sequence fq(n). Digitally speaking q is the value of 
the least significant code bit. The difference signal e(n) 
shown in Figure 11 \s called quantization noise or error and 
can be defined as e(n) = f(n) - fq(n). This error is an irreduc¬ 
ible one and is a function of the quantizing process. Its error 
amplitude is dependent on the number of quantization levels 
or quantizer resolution and as shown, the maximum quanti¬ 
zation error is lq/21. 

Generally e(n) is treated as a random error when described 
in terms of its probability density function, that is, all values of 
e(n) between q/2 and -q/2 are equally probable, then for the 
average value e(n)avg=0 and for the rms value 
^(^)rms ~ q/2\/3. 

As a side note it is appropriate at this point to emphasize that 
all analog signals have some form of noise corruption. If for 
example an input signal has a finite signal-to-noise ratio of 
40dB it would be superfluous to select an A/D converter with 


a high number of bits. It may be realized that the use of a 
large number of bits does not give the digitized signal a 
higher signal-to-noise ratio than that of the original analog 
input signal. As a supportive argument one may say that 
though the quantization steps q are very small with respect 
to the peak input signal the lower order bits of the A/D 
converter merely provide a more accurate representation of 
the noise inherent in the analog input signal. 

Returning to our discussion, we define the conversion time 
as the time taken by the A/D converter to convert the analog 
input signal to its equivalent quantization or digital code. The 
conversion speed required in any particular application de¬ 
pends upon the time variation of the signal to be converted 
and the amount of resolution or bits, n, required. Though the 
antialiasing filter helps to control the input signal time rate of 
change by band-limiting its frequency spectrum, a finite 
amount of time is still required to make a measurement or 
conversion. This time is generally called the aperture time 
and as illustrated in Figure 12 produces amplitude measure¬ 
ment uncertainty errors. The maximum rate of change de¬ 
tectable by an A/D converter can simply be stated as 

dv| _ V full scale 

maximum resolvable ^ ^conversion time 
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The Sampling Theorem and Its 
Hardware (Continued) 

If for example V full scale = 10.24 volts, T conversion time = 
10 ms, and n = 10 or 1024 bits of resolution then the 
maximum rate of change resolvable by the A/D converter 
would be 1 volt/sec. If the input signal has a faster rate of 
change than 1 volt/sec, 1 LSB changes cannot be resolved 
within the sampling period. 

In many instances a sample-and-hold circuit may be used to 
reduce the amplitude uncertainty error by measuring the 
input signal with a smaller aperture time than the conversion 
time aperture of the A/D converter. In this case the maximum 
rate of change resolvable by the sample-and-hold would be 


dv| _V full scale 

dt 1 t aperture 

maximum resolvable 
rate of change 

(19) 


Note also that the actual calculated rate of change may be 
limited by the slew rate specification fo the sample-and-hold 
in the track mode. Additionally it is very important to clarify 
that this does not imply violating the sampling theorem in lieu 
of the increased ability to more accurately sample signals 
having a fast time rate of change. 
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FIGURE 11. Quantization error. 
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AV AMPLITUDE UNCERTAINTY ERROR 

ta APERTURE TIME 

Ata APERTURE TIME UNCERTAINTY 

FIGURE 12. Amplitude uncertainty as a function of (a) a nonvarying aperture and(b) aperture time uncertainty. 
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The Sampling Theorem and Its 
Hardware (Continued) 

An ideal sample-and-hold effectively takes a sample in zero 
time and with perfect accuracy holds the value of the sample 
indefinitely. This type of sampler is also known as a zero 
order hold circuit and its effect on a sample data system 
warrants some discussion 

It is appropriate to recall the earlier discussion that the 
spectrum of a sampled signal is one in which the resultant 
spectrum is the product obtain by convolving the input signal 
spectrum with the sin X/X spectrum of the sampling wave¬ 
form. Figure 13 illustrates the frequency spectrum plotted 
from the Fourier transform 

Oil 

sin — 

F{a>) = AT- ^ 

a)T 

~2 

( 20 ) 

of a rectangular pulse. The sin X/X form occurs frequently in 
modern communication theory and is commonly called the 
sampling function 

The magnitude and phase of a typical zero order hold sam¬ 
pler spectrum 

, V r sin a)T ,1 1 

H(a)) = A r-1- j — (cos co -1) 

L ft)T Cl) J 

( 21 ) 

IS shown in Figure 14 and Figure 15 illustrates the spectra of 
various sampler pulse-widths. The purpose of presenting 
this illustrative information is to give insight at to what effects 
cause the aliasing described in Figure 10. From Figure 15 it 
is realized that the main lobe of the sin X/X function varies 
inversely proportional with the sampler pulse-width. In other 
words a wide pulse-width, or in this case the aperture win¬ 
dow, acts as a low pass filtering function and limits the 
amount of information resolvable by the sample data sys¬ 
tem. On the other hand a narrow sampler pulse-width or 
aperture window has a broader mam lobe or band-width and 
thus when convolved with the analog input signal produces 
the least amount of distortion. Understandably then the ef¬ 
fect of the sampler’s spectral phase and main lobe width 
must be considered when developing a sampling system so 
that no unexpected aliasing occurs from its convolution with 
the input signal spectrum 



l(t) 

A 






-T/2 T/2 t 

(a) 
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FIGURE 13. The Fourier transform of the rectangular 
pulse (a) is shown in (b). 
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The Sampling Theorem and Its 
Hardware (Continued) 



(a) 



(b) 



(c) 

00562015 


FIGURE 14. Sampling Pulse (a), its Magnitude (b) and 
Phase Response (c). 
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FIGURE 15. Pulse width and how it effects the sin X/X 
envelop spectrum (normalized amplitudes). 
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The Sampling Theorem and Its 
Hardware (Continued) 

The Digitai-to-Analog Converter and Smoothing Filter 

After a signal has been digitally conditioned by the signal 
processing unit of Figure 7, a D/A converter is used to 
convert the sampled binary information back in to an analog 
signal. The conversion is called a zero order hold type where 
each output sample level is a function of its binary weight 
value and is held until the next sample arrives, see Figure 
16. Asa result of the D/A converter step function response it 
is apparent that a large amount of undesirable high fre¬ 
quency energy is present. To eliminate this the D/A converter 
is usually followed by a smoothing filter, having a cutoff 
frequency no greater than half the sampling frequency. As its 
name suggests the filter output produces a smoothed ver¬ 
sion of the D/A converter output which in fact is a convolved 
function. More simply said, the spectrum of the resulting 
signal is the product of a step function sin X/X spectrum and 
the band-limited analog filter spectrum. Analogous to the 
input sampling problem, the smoothed output may have 
aliasing effects resulting from the phase and attenuation 
relations of the signal recovery system (defined as the D/A 
converter and smoothing filter combination). 

As a final note, the attenuation due to the D/A converter sin 
X/X spectrum shape may in some cases be compensated for 
in the signal processing unit by pre-processing using a digital 
filter with an inverse response X/sin X prior to D/A conver¬ 
sion. This allows an overall flat magnitude signal response to 
be smoothed by the final filter. 




(b) 



00562017 

FIGURE 16. (a) Processed signal data points (b) output 
of D/A converter (c) output of smoothing filter. 


A Final Note 

This article began by presenting an intuitive development of 
the sampling theorem supported by a mathematical and 
illustrative proof. Following the theoretical development were 
a few of the unobvious and troublesome results that develop 
when trying to put the sampling theorem into practice. The 
purpose of presenting these thought provoking perils was to 
perhaps give the beginning designer some insight or guide¬ 
lines for consideration when developing a sample data sys¬ 
tem’s interface. 
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Appendix A 

BASIC FILTER CONCEPTS 

A filter is a network used for separating signal waves on the 
basis of their frequency and is usually composed of passive, 
reactive and active elements such as resistors, capacitors, 
inductors, and amplifiers, or combinations thereof. 

There are basically five types of filters used to pass or reject 
such signals and they are defined as follows: 

1. A low-pass filter passes a band of frequencies called the 
passband, ranging from zero frequency or DC to a cer¬ 
tain cutoff frequency, coc (Note 6), and in addition has a 
maximum attenuation or ripple level of A^^x within the 
passband. See Figure 17. 

Frequencies beyond the cOc may have an attenuation 
greater than A^ax but beyond a specific frequency cOs 
defined as the stopband frequency, a minimum attenu¬ 
ation of Amin n^ust prevail. The band of frequencies 
higher than cOs and maintaining attenuation greater than 
or equal to Amin is called the stopband. The transition 
region or transition band is that band of frequencies 
between Wc and cOg. 

Note 6: Recall that the radian frequency co=2)if 
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FIGURE 17. Common Low Pass Filter Response 

A high-pass filter allows frequencies above the passband 
frequency, ©c, to pass and rejects frequencies below this 
point. Amax iT^ust be maintained in the passband and fre¬ 
quencies equal to and below the stopband frequency, (Os, 
must have a minimum attenuation of Am,n. See Figure 18. 



FIGURE 18. Common High Pass Fiiter Response 

A bandpass filter performs the function of passing a specific 
band of frequencies while rejecting those frequencies above 
and below ©ca and lower, cutoff frequency limits. See 
Figure 19. 

As in the previous two cases the passband is required to 
sustain an attenuation of A^ax. and the stopband of frequen¬ 


cies above and below ©sa and ©sa respectively, must have a 
minimum attenuation of A^in- 



FIGURE 19. Common Band-pass Fiiter Response 

A band-reject filter or notch filter allows all but a specific band 
of frequencies to pass. As shown In Figure 4, those frequen¬ 
cies between ©si and ©sa are filtered out and those frequen¬ 
cies above and below ©c 2 and ©^ respectively are passed. 
The attenuation requirements of the stopband A^jn and 
passband A^ax i^^iust still hold. 



FIGURE 20. Common Band-Reject Fiiter Response 

An all-pass or phase shift filter allows all frequencies to pass 
without any appreciable attenuation. It further introduces a 
predictable phase shift to all frequencies passed, though not 
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restricting the entire range of frequencies to a specific phase 
shift (i.e., a phase shift may be imposed upon a selected 
band of frequencies and appear invisible to all others). 
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Does an analog-to-digital converter cost you a lot if you need 
many bits of accuracy and dynamic range? Absolute accu¬ 
racy better than 0.1% is likely to be expensive. But a capa¬ 
bility for wide dynamic range can be quite inexpensive. 
Voltage-to-frequency (V-to-F) converters are becoming 
popular as a low-cost form of A-to-D conversion because 
they can handle a wide dynamic range of signals with good 
accuracy. 

Most voltage-to-frequency (V-to-F) converters actually oper¬ 
ate with an input current which is proportional to the voltage 
input: 


l|N = 


V|N 

Rin 


{Figure 1). This current is integrated by an op amp, and a 
charge dispenser acts as the feedback path, to balance out 
the average input current. When an amount of charge Q=I»T 
(or Q=C«V) per cycle is dispensed by the circuit, then the 
frequency will be: 


When V|N is large: 


f ^ VjN 

Rin 


X 


Q‘ 


When V|N covers a wide dynamic range, the Vqs and lb of 
the op amp must be considered, as they greatly affect the 
usable accuracy when the input signal is very small. For 
example, when the full-scale input is 10V, a signal which is 
100 dB below full-scale will be only 100 pV. If the op amp has 
an offset drift of ± 100 pV, (whether caused by time or 
temperature), that would cause a ±100% error at this signal 
level. However, a current-to-frequency converter can easily 
cover a 120 dB range because the voltage offset problem is 
not significant when the input signal is actually a current 
source. Let’s study the architecture and design of a 
current-to-frequency converter, to see where we can take 
advantage of this. 


^ ViN - Vqs 
\ R|N 


+ lb X 


Q' 


v+ 



FIGURE 1. Typical Voitage-to-Frequency Converter 


When the input signal is a current, the use of a 
low-voltage-drift op amp becomes of no advantage, and low 
bias current is the prime specification. A low-cost BI-FET™ 
op amp such as the LF351A has lb <100 pA, and tempera¬ 


ture coefficient of lb less than 10 pA/°C, at room temperature. 
In a typical circuit such as Figure 2, the leakage of the 
charge dispenser is important, too. The LM331 is only speci¬ 
fied at 10 nA max at room temperature, because that is the 
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smallest current which can be measured economically on 
high-speed test equipment. The leakage of the LM331’s 
current-source output at pin 1 is usually 2 pAto 4 pA, and is 
always less than the 100 pA mentioned above, at 25°C. 

The feedback capacitor Cp should be of a low-leakage type, 
such as polypropylene or polystyrene. (At any temperature 
above 35°C, mylar’s leakage may be excessive.) Also, 
low-leakage diodes are recommended to protect the circuit’s 
input from any possible fault conditions at the input. (A 
1N914 may leak 100 pA even with only 1 millivolt across it, 
and is unsuitable.) 


After trimming this circuit for a low offset when I,n is 1 nA, the 
circuit will operate with an input range of 120 dB, from 
200 pA to 100 pA, and an accuracy or linearity error well 
below (0.02% of the signal plus 0.0001% of full-scale). 

The zero-offset drift will be below 5 or 10 pA/°C, so when the 
input is 100 dB down from full-scale, the zero drift will be less 
than 2% of signal, for a ±5°C temperature range. Another 
way of indicating this performance is to realize that when the 
input is 1/1000 of full-scale, zero drift will be less than 1% of 
that small signal, for a 0°C to 70°C temperature range. 


CURRENT 

OFFSET 

ADJUST V+ 



FREQUENCY 
OUTPUT 
10 kHz 
FULL-SCALE 


D1, D2=1N457, 1N484, or similar low-leakage planar diode 
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FIGURE 2. Practical Wide-Range Current-to-Frequency Converter 


What if this isn’t good enough? You could get a better op 
amp. For example, an LH0022C has 10 pA max lb. But it is 
silly to pay for such a good op amp, with low V offset errors, 
when only a low input current specification is needed. The 
circuit of Figure 3 shows the simple scheme of using FET 
followers ahead of a conventional op amp. An LF351 type is 
suitable because it is a cheap, quick amplifier, well suited for 
this work. The 2N5909s have a maximum lb of 1.0 pA, and at 
room temperature it will drift only 0.1 pA/°C. Typical drift is 
0.02 pA/°C. 

The voltage offset adjust pot is used to bring the summing 
point within a millivolt of ground. With an Input signal big 
enough to cause fouT="l second per cycle, trim the V offset 
adjust pot so that closing the test switch makes no effect on 


the output frequency (or, output period). Then adjust the 
input current offset pot, to get fouT='l/1000 of full-scale when 
l,N is 1/1000 of full-scale. When I|n covers the 140 dB range, 
from 200 pA to 20 pA, the output will be stable, with very 
good zero offset stability, for a limited temperature range 
around room temperature. Note these precautions and spe¬ 
cial procedures: 

1. Run the LM331 on 5V to 6V to keep leakage down and 
to cut the dissipation and temperature rise, too. 

2. Run the FETs with a 6V drain supply. 

3. Guard all summing point wiring away from all other 
voltages. 
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Q1 - 2N5909 or similar 
1G<1 pA 

Q2 - 2N930 or 2N3565 


FIGURE 3. Very-Wide-Range Current-to-Frequency Converter 


An alternate approach, shown in Figure 4, uses an LM11C 
as the input pre-amplifier. The LM11C has much better volt¬ 
age drift than any of the other amplifiers shown here (nor¬ 
mally less than 2 pV/°C) and excellent current drift, less than 
1 pA/°C by itself, and typically 0.2 pA/°C when trimmed with 
the 2N3904 bias current compensation circuit as shown. Of 
course, the LM331 ’s leakage of 1 pA/°C will still double every 
10°C, so that having an amplifier with excellent lb character¬ 
istics does not solve the whole problem, when trying to get 
good accuracy with a 100 pA signal. For that job, even the 
leakage of the LM331 must be guarded out! 

What if even lower ranges of input current must be ac¬ 
cepted? While it might be possible to use a 
current-to-voltage converter ahead of a V-to-F converter, 
offset voltage drifts would hurt dynamic range badly. Re¬ 


sponse and zero-drift of such an l-V will be disappointing. 
Also, it is not feasible to starve the LM331 to an arbitrary 
extent. 

For example, while its Iqut (full-scale) of 280 pA DC can be 
cut to 10 pA or 28 pA, it cannot be cut to 1 pA or 2.8 pA with 
good accuracy at 10 kHz, because the internal switches in 
the integrated circuit will not operate with best speed and 
precision at such low currents. 

Instead, the output current from pin 1 of the LM331 can be 
fed through a current attenuator circuit, as shown in Figure 5. 
The LM334 (temperature-to-current converter 1C) causes 
-120 mV bias to appear at the base of Q2. When a current 
flows out of pin 1 of the LM331, 1/100 of the current will flow 
out of Q1 ’s collector, and the rest will go out of Q2’s collector. 
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As the LM334’s current is linearly proportional to Kelvin 
temperature, the -120 mV at Q2’s base will change linearly 
with temperature so that the Q1/Q2 current divider stays at 
1:100, invariant of temperature, according to the equation: 

q(Vb1 - Vb2) 

'i /'2 = e--- 


This current attenuator will work stably and accurately, even 
at high speeds, such as for 4 pS current pulses. Thus, the 


output of Q1 is a charge pump which puts out only 10 
picocoulombs per pulse, with surprisingly good accuracy. 
Note also that the LM331’s leakage is substantially attenu¬ 
ated also, by a factor of 100 or more, so that source of error 
virtually disappears. When Q1 is off, it is really OFF, and its 
leakage is typically 0.01 pA if the summing point is within a 
millivolt or two of ground. 


8V 



Q1, 2N3904 or any silicon NPN 
Q2, 2N930 or 2N3565 


FIGURE 4. Very-Wrde-Range l-to-F Converter with Low Voltage Drift 


To dp justice to this low leakage of the VFC, the op amp 
should be made with MOSFETs for Q3 and Q4, such as the 
Intersil 3N165 or 3N190 dual MOSFET (with no 
gate-protection diodes). When MOSFETs have relatively 
poor offset voltage, offset voltage drift, and voltage noise, 
this circuit does not care much about these characteristics, 
but instead takes advantage of the MOSFETs superior cur¬ 
rent leakage and current drift. 


Now, with an input current of 1 pA, the full-scale output 
frequency will be 100 kHz. At a 1 nA input, the output 
frequency will be 100 Hz. And, when the input current is 1 
pA, the output frequency will drop to 1 cycle per 10 seconds 
or 100 mHz. When the input current drops to zero, frequen¬ 
cies as small as 500 pHz have been observed, at 25°C and 
also as warm as 35°C. Here is a wide-range data converter 
whose zero drift is we//below 1 ppm per 10°C! (Rather more 
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like 0.001 ppm per°C.) The usable dynamic range is better 
than 140 dB, with excellent accuracy at inputs between 
100% and 1% and 0.01% and 0.0001% of full-scale. 


15V 
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Q1, Q2, Q5 - 2N3906, 2N4250 or similar 
Q3, Q4 - 3N165, 3N190 or similar See text 
Keep Q1, Q2 and LM334 at the same temperature 


FIGURE 5. Picoampere-to-Frequency Converters 


If a positive signal is of interest, the LM331 can be applied 
with a current reflector as in Figure 6. This current reflector 
has high output impedance, and low leakage. Its output can 
go directly to the summing point, or via a current attenuator 
made with NPN transistors, similar to the PNP circuit of 
Figure 5. This circuit has been observed to cover a wide (130 
dB) range, with 0.1% of signal accuracy. 

What is the significance of this wide-range 
current-to-frequency converter? In many industrial systems 


the question of using an inexpensive 8-bit converter instead 
of an expensive 12-bit data converter is a battle which is 
decided everyday. But if the signal source is actually a 
current source, then you can use a V-to-F converter to make 
a cheap 14-bit converter or an inexpensive converter with 18 
bits of dynamic range. The choice is yours. 
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Why use an l-to-F converter? 

• It is a natural form of A-to-D conversion. 

• It naturally facilitates integration, as well. 

• There are many signals in the world, such as photospec¬ 
trometer currents, which like to be digitized and inte¬ 
grated as a standard part of the analysis of the data. 

• Similarly: photocurrents, dosimeters, ionization currents, 
are examples of currents which beg to be integrated in a 
current-to-frequency meter. 

• Other signal sources which provide output currents are: 

— Phototransistors 
— Photo diodes 


—Photoresistors (with a fixed voltage bias) 

—Photomultiplier tubes 
—Some temperature sensors 
—Some 1C signal conditioners 
Why have a fast frequency out? 

• A 100 kHz output full-scale frequency instead of 10 kHz 
means that you have 10 times the resolution of the 
signal. For example, when I|n is 0.01% of full-scale, the f 
will be 10 Hz. If you integrate or count that frequency for 
just 10 seconds, you can resolve the signal to within 1% 
- a factor of 10 better than if the full-scale frequency were 
slower. 





Q1 - 2N4250 or 2N3906 

Q2, Q3, Q4 - 2N3904 or 2N3565 


FIGURE 6. Current-to-Frequency Converter For Positive Signals 
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Using the 

ADC0808/ADC0809 8-Bit mP 
Compatible A/D Converters 
with 8-Channel Analog 
Multiplexer 

Introduction 

The ADC0808/ADC0809 Data Acquisition Devices (DAD) 
implement on a single chip most the elements of the stan¬ 
dard data acquisition system. They contain an 8-bit A/D 
converter, 8-channel multiplexer with an address input latch, 
and associated control logic. These devices provide most of 
the logic to interface to a variety of microprocessors with the 
addition of a minimum number of parts. 

These circuits are implemented using a standard metal-gate 
CMOS process. This process is particularly suitable to ap¬ 
plications where both analog and digital functions must be 
implemented on the same chip. 

These two converters, the ADC0808 and ADC0809, are 
functionally identical except that the ADC0808 has a total 
unadjusted error of ±V 2 LSB and the ADC0809 has an 
unadjusted error of ±1 LSB. They are also related to their big 
brothers, the ADC0816 and ADC0817 expandable 16 chan¬ 
nel converters. All four converters will typically do a conver¬ 
sion in -100 ps when using a 640 kHz clock, but can convert 
a single input in as little as -50 ps. 

Functional Description 

The ADC0808/ADC0809, shown in Figure 1, can be func¬ 
tionally divided into 2 basic subcircuits. These two subcir¬ 
cuits are an analog multiplexer and an A/D converter. The 
multiplexer uses 8 standard CMOS analog switches to pro¬ 
vide for up to 8 analog inputs. The switches are selectively 
turned on, depending on the data latched into a 3-bit multi¬ 
plexer address register. 


National Semiconductor 
Application Note 247 
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The second function block, the successive approximation 
/VD converter, transforms the analog output of the multi¬ 
plexer to an 8-bit digital word. The output of the multiplexer 
goes to one of two comparator inputs. The other input is 
derived from a 256R resistor ladder, which is tapped by a 
MOSFET transistor switch tree. The converter control logic 
controls the switch tree, tunneling a particular tap voltage to 
the comparator. Based on the result of this comparison, the 
control logic and the successive approximation register 
(SAR) will decide whether the next tap to be selected should 
be higher or lower than the present tap on the resistor ladder. 
This algorithm is executed 8 times per conversion, once 
every 8 clock periods, yielding a total conversion time of 64 
clock periods. 

When the conversion cycle is complete the resulting data is 
loaded into the TRI-STATE® output latch. The data in the 
output latch can then be read by the host system any time 
before the end of the next conversion. The TRI-STATE ca¬ 
pability of the latch allows easy interface to bus oriented 
systems. 

The operation of these converters by a microprocessor or 
some control logic is very simple. The controlling device first 
selects the desired input channel. To do this, a 3-bit channel 
address is placed on the A, B, C input pins; and the ALE 
input is pulsed positively, clocking the address into the mul¬ 
tiplexer address register. To begin the conversion, the 
START pin is pulsed. On the rising edge of this pulse the 
internal registers are cleared and on the falling edge the start 
conversion is initiated. 




(INTERRUPT) 
OUTPUT ENABLE 
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FIGURE 1. ADC0808/ADC0809 Functional Block Diagram 
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Functional Description (Continued) 

As mentioned earlier, there are 8 clock periods per approxi¬ 
mation. Even though there is no conversion in progress the 
ADC0808/ADC0809 is still internally cycling through these 8 
clock periods. A start pulse can occur any time during this 
cycle but the conversion will not actually begin until the 
converter internally cycles to the beginning of the next 8 
clock period sequence. As long as the start pin is held high 
no conversion begins, but when the start pin is taken low the 
conversion will start within 8 clock periods. 

The EOC output is triggered on the rising edge of the start 
pulse. It, too, IS controlled by the 8 clock period cycle, so it 
will go low within 8 clock periods of the rising edge of the 
start pulse One can see that it is entirely possible for EOC to 
go low before the conversion starts internally, but this is not 
important, since the positive transition of EOC, which occurs 
at the end of a conversion, is what the control logic is looking 
for. 

Once EOC does go high this signals the interface logic that 
the data resulting from the conversion is ready to be read. 
The output enable (OE) is then raised high. This enables the 
TRI-STATE outputs, allowing the data to be read. Figure 3 
shows the timing diagram. 

Analog inputs 

RATIOMETRIC INPUTS 

The arrangement of the REF(-i-) and REF(-) inputs is in¬ 
tended to enable easy design of ratiometric converter sys¬ 
tems. The REF inputs are located at either end of the 256R 
resistor ladder and by proper choice of the input voltages 
several applications can be easily implemented. 

Figure 2 shows a typical input connection for ratiometric 
transducers. A ratiometric transducer is a conversion device 
whose output IS proportional to some arbitrary full-scale 
value. In other words, the transducer’s absolute output value 
IS of no particular concern but the ratio of the output to the 


full-scale is of great importance. For example, the potentio- 
metric displacement transducers of Figure 2 have this fea¬ 
ture. When the wiper is at midscale, the output voltage is 
Vq = Vp X (Wiper Displacement) = Vp x 0.5. This enables the 
use of much less accurate and less expensive references. 
The important consideration for this reference is noise. The 
reference must be “glitch free” because a voltage spike 
during a conversion cycle could cause conversion inaccura¬ 
cies. 


+V Vcc = 5V 



00562316 

FIGURE 2. Ratiometeric Converter with Separate 
Reference 
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FIGURE 3. ADC0808/ADC0809 Timing Diagram 
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Analog Inputs (Continued) 

Since highly accurate references aren’t required it is pos¬ 
sible to use the system power supply as a reference, as 
shown in Figure 4. If the power supply is to be used in this 
manner supply noise must be kept to a minimum to preserve 
conversion accuracy. If possible the supply should be well 
bypassed and separate reference and supply PC board 
traces, originating as close as possible to the power supply 
or regulator, should be used. This is illustrated In Figure 4. 
External accessibility of both ends of the resistor ladder 


enables several variations on these basic connections, and 
are shown in Figures 5, 6. The magnitude of the reference 
voltage, Vr^f = REF(+) - REF(-), can be varied from about 
~0.5V to Vcc. but the center voltage must be maintained 
within ±0.1 V of Vcc/2. This constraint is due to the design of 
the transistor switch tree, which could malfunction if the 
offset from center scale becomes excessive. Variation of the 
reference voltage can sometimes eliminate the need for 
external gain blocks to scale the input voltage to a full-scale 
range of 5V. 


POWER 

SUPPLY 


SUPPLY 

GROUND 



TO OTHER 
CIRCUITS 


TO CPU OR 
CONTROL LOGIC 


TO OTHER 
CIRCUITS 
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FIGURE 4. Ratiometric Converter with Power Supply Reference 
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Analog Inputs (Continued) 


Vcc 


REF (+) 

CK 


EOC 

INO 

OE 

START 1 

INI 

D7 

IN2 

06 

IN3 
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IN7 

ALE 
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REF (-) 
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FIGURE 5. Mid-Supply Centered Reference Using LM336 2.5V Reference 



FIGURE 6. Mid-Supply Centered Reference Using Buffered Resistors 


Figure 5 shows a center referencing technique, using two 
equal resistors to symmetrically offset an LM336 2.5V refer¬ 
ence, from both supplies. The offset from either supply is: 


Vopp = = 1.25V 
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Analog Inputs (Continued) 

These resistors should be chosen so that they limit current 
through the LM336 to a reasonable value, say 5 mA. The 
total resistor current is: 

Ir = I REF + I LADDER + ItRAN 

where Iladder is the 256R ladder current, Itran is the 
current through all the transducers, and Ip^p is the current 
through the reference. R1 and R2 should be well matched 
and track each other over temperature. 

For odd values of reference voltage, the reference could be 
replaced by a resistor, but due to loading and temperature 
problems, these resistors should be buffered to the REF(+) 
and REF(-) inputs, Figure 6. The power supply must be well 
bypassed as supply glitches would otherwise be passed to 
the reference inputs. The reference voltage magnitude is: 

VpEF “ ^00 I-I For R3 = R1 

Hbh uu \^2 ri + R2/ 

There are several op amps that can be used for buffering this 
ladder. Without adding another supply, an LM358 could be 
used if the REF(+) input is not to be set above 3.5V. The 
LM10 can swing closer to the positive supply and can be 
used if a higher Vref(+) voltage is needed. 

As the REF(+) to REF(-) voltage decreases the incremental 
voltage step size decreases. At 5V one LSB represents 
~20 mV, but at 1V, one LSB represents ~4 mV. 

As the reference voltage decreases, system noise will be¬ 
come more significant so greater precaution should be en¬ 
forced at lower voltages to compensate for system noise; 
i.e., adequate supply and reference bypassing, and physical 
as well as electrical isolation of the inputs. 

ABSOLUTE ANALOG INPUTS 

The ADC0808/ADC0809 may have been designed to easily 
utilize ratiometric transducers, but this does not preclude the 
use of non-ratiometric inputs. A second type of input is the 
absolute input. This is one which is independent of the 
reference. This implies that its absolute numerical voltage 
value is very critical, and to accurately measure this voltage 
the accuracy of the reference voltage becomes equally criti¬ 
cal. The previous designs can be modified to accommodate 
absolute input signals by using a more accurate reference. 
In Figure 4 the power supply reference could be replaced by 
LM336-5.0 reference. R 1 and R2 of Figure 6, and R1 and R3 
of Figure 7 may have to be made more accurately equal. 

In some small systems it is possible to use the precision 
reference as the power supply as shown in Figure 7. An 


unregulated supply voltage >5V is required, but the 
LM336-5.0 functions as both a regulator and reference. The 
dropping resistor R must be chosen so that, for the whole 
range of supply currents needed by the system, the 
LM336-5.0 will stay in regulation. As in Figure 4 separate 
supply and reference traces should be used to maintain a 
noiseless supply. 

If the system requires more power, an op amp can be used 
as shown in Figure 8 to isolate the reference and boost the 
supply current capabilities. Here again, a single unregulated 
supply is required. 

DIFFERENTIAL INPUTS 

Differential measurements can be obtained by playing a little 
software trick. This simply involves sequentially converting 
two channels then subtracting the two results. For example, 
if the difference voltage between channel 1 and 2 is required, 
merely convert channel 1 and read the result. Then convert 
channel 2 , input the result, and subtract it from the first 
result. (See Figure 9.) When using this procedure, both input 
signals must be stable throughout both conversion times or 
the end result will be incorrect. One way to get around this is 
to use two sample/holds which are sampled at the same 
time. 
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FIGURE 7. Precision Reference used as a Power 
Supply 
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Analog Inputs (Continued) 



TO 

REFERENCE 


FIGURE 8. Precision Reference Buffered for Power 
Supply 



FIGURE 9. Software Controlled Differential Converter 

A second method is to use two chips to convert a differential 
channel, Figure 10. Typically each channel 1 would be con¬ 
nected to opposite sides of the differential input. Both con¬ 
verters are started simultaneously. When both converters’ 
EOC outputs go high the output of the AND gate will go high 
indicating that the data is ready to be read. 

The circuit in Figure 10 can be slightly modified to provide 
increased data throughput by using two converters in a 
parallel data acquisition scheme. Figure 11 shows this circuit 
in which all the Input channels are connected in pairs 
through LF398 monolithic sample/holds. Under normal op¬ 
eration a sample/hold is accessed through an MM74C42 
which will pulse an MM74C221, generating a sample pulse. 
After a sample/hold is done sampling the signal, the appro¬ 
priate channel is started. If this process is alternated be¬ 
tween two converters the sample rate can be doubled. 
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Analog Inputs (Continued) 

ANALOG INPUT CONSIDERATIONS 

Analog inputs into the ADC0808/ADC0809 can handle any 
input signal that is maintained within the supply limits, but 
some careful consideration must be given to the output im¬ 


pedance of the transducer or buffer. Using transducers with 
large source impedances can cause errors due to compara¬ 
tor input currents. 



TO CPU 
OR CONTROL 
LOGIC 


SAMPLE/ 

HOLO 

ADDRESS 


, SAMPLE 
' ENABLE 


TO CPU 
OR CONTROL 
LOGIC 


FIGURE 11. Parallel Data Acquisition with Sample/Holds 
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Analog Inputs (Continued) 

To understand the nature of these currents a short discus¬ 
sion of comparator operation is required. Figure T2 shows a 
simplified model of the comparator and multiplexer. This 
comparator alternately samples the input voltage and the 
ladder voltage. As it samples the input, Cc and Cp are 
charged up to the input voltage. It then samples the ladder 
and discharges the capacitor. The net charge difference is 
determined by a modified inverter chain and results in a 1 or 
0 state at the output. 

Eight samples are made per conversion, resulting in eight 
spikes of varying magnitude on the input. 

If the source resistance is large, it adds to the RC time 
constant of the switched capacitor which will inhibit the input 
from settling properly, causing errors. As one might expect, 
the maximum source resistance allowable for accurate con¬ 
versions is inversely proportional to clock frequency. This 
resistance should be <1 kQ at 1.2 MHz and <2 kQ at 640 
kHz. If a potentiometer-type ratiometric transducer is used it 
should be <5 kQ. at 1.2 MHz and <10 kQ at 640 kHz. 

If large source impedances are unavoidable (>2 kQ at 
640 kHz), the transient errors can be reduced by placing a 
bypass capacitor >0.1 pF from the analog inputs to ground. 
This will reduce the spikes to a small average current which 
will cause some error as well, but this can be much less than 
the error otherwise incurred. The maximum voltage error for 
a potentiometer input with a bypass capacitor added is: 

VERR=[5^(l|N)g^]v 

where Rpor = total potentiometer resistance; 1,^ = maximum 
input current at 640 kHz, 2 pA; and Ck=clock frequency. 

For standard buffer source impedance the maximum error is: 

Verr= [iinRs 

where Rg = buffer source resistance; 1,^ = the maximum 
input current at 640 kHz, 2 pA; and Ck = clock frequency. 

Microprocessor Interfacing 

The ADC0808/ADC0809 converters were designed to inter¬ 
face to most standard microprocessors with very little exter¬ 
nal logic, but there are a few general requirements which 
must be considered to ensure proper converter operation. 
Most microprocessors are designed to be TTL compatible 


and, due to speed and drive requirements, incorporate many 
TTL circuits. The data outputs of the ADC0808/ADC0809 are 
capable of driving one standard TTL load which is adequate 
for most small systems, but for larger systems extra buffer¬ 
ing may be necessary. The EOC output is not quite as 
powerful as the data outputs, but normally it is not bussed 
like the data outputs. 

The converter inputs are standard CMOS compatible inputs. 
When TTL outputs are connected to any of the digital inputs 
a pull-up resistor should be tied from the TTL output to Vcc. 
~ 5 kQ. This will ensure that the TTL will pull-up above 3.5V. 
Usually the converter clock will be derived from the micro¬ 
processor system clock. Some slower microprocessor 
clocks can be used directly, but at worst a few divider stages 
may be necessary to divide microprocessor clock frequen¬ 
cies above 1.2 MHz to a usable value. 

The timing of the START and ALE pulses relative to channel 
selection and signal stability can be critical. The simplest 
approach to microprocessor interfaces usually ties START 
and ALE together. When these lines are strobed the address 
is strobed into the address register and the conversion is 
started. The propagation delay from ALE to comparator input 
of the selected input signal is about ~3.0 ps (input source 
resistance <<1 kQ). If the start pulse is very short the 
comparator can sample the analog input before it is stable. 
When using a slow clock <500 kHz the sample period of the 
comparator input is long enough to allow this delay to settle 
out. 

If the ADC0808/ADC0809 clock is >500 kHz, a delay be¬ 
tween the START and ALE pulses is required. There are 
three basic methods to accomplish this. The first possibility 
is to design the microprocessor interface so that the START 
and ALE inputs are separately accessible. This is simple if 
some extra address decoding is available. Separate acces¬ 
sibility of the START and ALE pins allows the microproces¬ 
sor, via software, to set the delay time between the START 
and ALE pulses. 

If extra decoding is not available, then START and ALE could 
be tied together. To obtain the proper delay, the micropro¬ 
cessor would cause START/ALE to be strobed twice by 
executing the load and start instruction twice. The first time 
this instruction is executed, the new channel address is 
loaded and the conversion is started. The second execution 
of this instruction will reload the same channel address and 
restart the conversion. But since the multiplexer address 
register contents are unchanged the selected analog input 
will have already settled by the time the second instruction is 
issued. Actual implementations of these ideas are shown in 
following sections. 
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Microprocessor interfacing (Continued) 
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FIGURE 12. Analog Multiplexer and Comparator Input Model 


A third possibility when ALE and START are tied together is 
to stretch the microprocessor derived ALE/START pulse by 
inserting a one-shot at these inputs and creating a positive 
pulse >3 ps. Since ALE loads the multiplexer register on the 
positive going edge of the pulse and START begins the 
conversion on the falling edge, the width of the pulse sets the 
ALE to START delay time. 

Most microprocessor interfaces would be designed such that 
a START pulse is issued by a memory or I/O write instruc¬ 
tion, although a memory or I/O read can be used. The ALE 
strobe on the other hand, requires a write by the CPU when 
A, B, and C are connected to the data bus, and could use a 
read instruction if A, B, and C are connected to the address 
bus, but the software could get confusing. The logic to derive 
the OE strobe must be connected to the microprocessor so 
that a memory or I/O read instruction will cause OE to be 
pulsed. A read is required since the ADC0808/ADC0809 
data must be read. 


Interfacing to the 8080 

The simplest interface would contain no address decoding, 
which may seem unreasonable; but if the system ports are 
I/O mapped, up to 8 of them can be connected to the CPU 
with no decoding. Each of the 8 I/O address lines would 
serve as a simple port enable line which would be gated with 
read and write strobes to select a particular port. This 
scheme is shown in Figure 13. A7 is the address line used 
and, whenever it is zero and an I/O read or write is low, the 
port IS accessed. This implementation shows A, B, C con¬ 
nected to DO, D1, D2 causing the information on the data 
bus to select the channel, but A, B, and C could be con¬ 
nected to the address bus, with a loss of only 3 ports. Both 
decoding schemes are tabulated in Figure 14. (Remember 
A, B, C inputs are only valid when selecting a channel to 
convert, and are not used to read data.) 
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Interfacing to the 8080 (Continued) 


TO REFERENCE 


FROM 

TRANSDUCERS 


TO REFERENCE 



00562309 


FIGURE 13. Minimum 8080/8224/8228 Interface 
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FIGURE 14. Write Address Decoding for 8080 Output Ports (A, B, C Connected to DO, D1, D2) 
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Interfacing to the 8080 (Continued) 


A7 

A6 A5 A4 A3 A2 A1 

AO 
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1 
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1 
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X 

X 
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X = don’t care 


FIGURE 15. Modified Write Address Decoding for 8080 
Output Ports (A, B, C Connected to AO, A1, A2) 

Two LSTTL NOR gates are used to generate the ADC0808/ 
ADC0809 read/write strobes. When the 8080 writes to the 
ADC0808/ADC0809 the ALE and START inputs are strobed, 


loading and starting the conversion. When the CPU reads 
the ADC0808/ADC0809 the OE input is taken high, and the 
data outputs are enabled. 

Figure 13 implements a simple interrupt concept where EOC 
is tied directly to the 8080 interrupt input. When the INS8228 
IS used and the INTA pin is tied high through a 1 kO. resistor, 
the interrupt will cause a restart, RST, instruction to be 
executed, which will then cause a jump to a restart vector 
and execution of the interrupt routine. If a very simple 
multi-interrupt system is desired, a wire OR’ed configuration 
employing resettable latches as shown in Figure 13’s inset 
can be used. In this simple design the MM74C74 is reset 
when the ADC0808/ADC0809 data is read. If more compli¬ 
cated interrupt structures are required, then an interrupt 
controller is usually the best solution. 

The I/O port address structure for Figure 13’s implementa¬ 
tion IS shown in Figure 14. If the A, B, C inputs are tied to AO, 
A1, A2 inputs the port structure is as shown in Figure 15. The 
latter method makes each channel look like a separate port 
address, whereas if A, B, C are tied to the data bus the 
ADC0808/ADC0809 looks like one start conversion port ad¬ 
dress whose channel is selected by the 3-bit status word 
written to it on the data bus. 

Figure 16 shows a slightly more complex interface, where 
the address is partially decoded by a DM74LS139, dual 2-4 
line decoder which creates the read and write strobes to 
operate the converter. This design interfaces to the proces¬ 
sor in a polled type of interface. An MM80C97 TRI-STATE 
buffer is used to buffer the EOC line to the data bus, as well 
as provide the correct level for the START, ALE, and OE 
pulses. The converter clock is a divided 8080 system clock. 
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Interfacing to the 8080 (Continued) 


ratiometric 

TRANSDUCER 
(JOYSTICK 
FOR EXAMPLE) 




Address A7 

-AO 


Description 
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X 
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1 
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X 
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1 

0 

Channel 3 Select 
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X 
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1 
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1 

X 
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X 

1 

0 

0 

Channel 5 Select 
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X 

X 

1 

0 

1 
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1 
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X 
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1 
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1 
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FIGURE 16. 8080/8224/8228 interface Using Partial Decoding 
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Interfacing to the 8080 (Continued) 

Typically, the software to use Figure 76 would first select the 
desired channel by writing the channel address to the ALE 
port address, 01XXXCBA, where X=don’t care, and CBA is 
the channel address. Next the conversion is started by writ¬ 
ing to the START address, OOXXXXXX. Now the processor 
must wait a few instruction cycles to allow EOC to fall. Once 
EOC falls. Its status can be checked by reading the EOC 
line, address 01XXXXXX. When the EOC line is detected 
high again (a low on DO), the data can be read by accessing 
the OE port, address OOXXXXXX. As in the previous ex¬ 
ample the A, B, C inputs can be tied to DO, D1, D2 rather 


than AO, A1, A2, so that the information on the data bus 
selects the channel to be converted. Figure 16 can be con¬ 
nected in an interrupt mode by incorporating the interrupt 
flip-flop of Figure 13. 

A few typical utility routines to operate the ADC0808/ 
ADC0809 application in Figure 13 are shown in Figure 17. 
These routines assume that the resettable interrupt flip-flop 
is used. Figure 18 illustrates some typical polled I/O routines 
for Figure 16. Notice that in Figure 77 the OUT START1 
instruction is executed twice to allow the analog input signal 
to settle as discussed earlier. 


START CONVERSION (A, B, C CONNECTED TO DO, D1, D2) 


CHANN1 

EQU 

7 

START 1 

EQU 

7FH 

DATA 

EQU 

7FH 

START: 

LDA 

CHANN1 


OUT 

START1 


OUT 

START1 


El 



— 

— 

INTERRUPT HANDLER ROUTINE 

InTRP: 

IN 

DATA 


El 

RET 



LOAD CHANNEL ADDRESS INTO ACE 
STORE IT TO ADC0808/ADC0809 AND START 
RESTART ADC0808/ADC0809 TO ACCOUNT FOR 
MULTIPLEXER DELAY 
ENABLE INTERRUPTS IF NOT ALREADY 
PROCESS PROGRAM 


; READ DATA AND RESET INTERRUPT 
; PROCESS DATA 

, ENABLE INTERRUPTS IF DESIRED 
; RETURN TO MAIN PROGRAM 


00562325 


FIGURE 17. Typical 8080 Resettable Interrupt I/O Routines 
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Interfacing to the 8080 

(Continued) 



; START CONVERSION (A, B, C CONNECTED TO AO. A2. A3) AND POLL EOC 

; (FIGURE 15) 




SELECT 

EQU 

40H 

SELECT CHANNEL 0 

START 

EQU 

OOH 

START CONVERTER 

EOCIN 

EQU 

40H 

READ EOC 

DATA 

EQU 

OOH 

READ DATA 

START: 

OUT 

SELECT 

SELECT CHANNEL 


OUT 

START 

START CONVERSION 


NOP 


INSERT INSTRUCTIONS TO WAIT 0-8 


NOP 


CLOCK PERIODS OF ADC0808/ADC0809 CLOCK 


NOP 


FOR EOC TO DROP (8NOPs MINIMUM) 


NOP 




NOP 



•READ AND TEST EOC 




STATUS: 

IN 

EOCIN 

INPUT EOC BIT 


ANI 

01H 

MASK OUT OTHER BITS 


JZ 

READY 

IF INPUT BIT IS ZERO JUMP READY 


— 

— ; 

ELSE CONTINUE EXECUTING PROGRAM 

;OR 




; CONTINUOUS POLLING ROUTINE 



STAT 2: 

IN 

EOCIN 

INPUT EOC STATUS BIT 


ANI 

01H 

MASK OUT ALL BITS BUT DO 


JNZ 

STAT 2 

JUMP TO TRY AGAIN IF NOT READY 

READY: 

IN 

DATA 

IF READY INPUT DATA 


— 

— 

CONTINUE EXECUTING PROGRAM 


00562326 


FIGURE 18. Typical Polled I/O Routines for ADC0808/ADC0809 
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Interfacing to the 8080 (Continued) 

The application in Figure 19 uses a 6-bit bus comparator and 
a few gates to decode a read and write strobe. Viewed from 
the CPU this interface looks like a bidirectional data port 
whose address is set by the logic levels on the Tn inputs of 
the DM8131 comparator. When data is written to the 
ADC0808/ADC0809 the 3 least significant bits on the ad¬ 
dress bus define the channel to be converted. The rest of the 
bits are decoded to provide the START and ALE strobes. 
When the conversion is completed EOC sets the interrupt 
flip-flop, and when the data is read the interrupt is reset. 
Both the decoder and the bus comparator methods of ad¬ 
dress decoding have their own advantages. Bus compara¬ 
tors will more completely decode addresses but are capable 
of only a limited number of port strobes. Decoders, on the 
other hand, provide less decoding but more port strobes. 
There is a trade off for minimum parts systems as far as 
which route to go, and it will depend on the CPU and type of 
system. 

INTERFACING TO THE 6800 

The ADC0808/ADC0809 easily interface to more than one 
microprocessor. The 6800 can also be used to control the 
converter. The 6800 has no separate I/O address space so 
all I/O transfers must be memory mapped. In general more 
address decoding logic is required to ensure that the I/O 
ports don’t overlap existing memory. For small systems a 
partial address decoding scheme is shown in Figure 20. 
Generally, if several ports are desired, a small block of 


memory would be set aside, as is accomplished by the 
DM8131. Figure 20 also illustrates a typical 6800 interrupt 
scheme using a flip-flop and open collector transistor. The 
interrupt is reset when the data is read. If more ports are 
needed, a decoder could be added as shown in Figure 21. 
Figure 21 also illustrates a polled I/O mode using TRI-STATE 
buffer to gate EOC onto the data bus. As with the INS8080 
the A, B, C inputs of the ADC0808/ADC0809 can be con¬ 
nected to the address bus or the data bus. 

The 6800 differs froni the INS8080 in that the 6800 has a 
single read/write (R/W) strobe and a valid memory address 
(VMA), w here as th e INS 8080 has separate read and write 
strobes (I/OR and l/OW). Normally, to obtain a read pulse, 
VMA, R/W and (j )2 are gated together and, for a write R/W is 
Inverted. 1^2 isjhe 6800 phase 2 system clock. Also notice 
that the 6800 I NT interrupt input is active low. This enables a 
standard wired-OR open collector design to be implemented. 
Figure 22 illustrates some typical 6800 software utility rou¬ 
tines for either polled or interrupt interfaces. Again notice 
double start instructions. 

Z80 INTERFACE 

Interfacing the Z80 to the ADC0808 is much the same as 
interfacing to an 8080/8224/8228 CPU group. CPU instruc¬ 
tion timing is very similar, except the read /write control sig¬ 
nals are sli ghtly di fferent. Instead of the l /OW write str obe 
there is the lOREQ and WR and instead of I/OR, lOREQ and 
RD are supplied. 
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Interfacing to the 8080 (Continued) 


REF (+) 



D7 


D6 


D5 


04 

INO 

03 


02 

INI 

01 

IN2 

DO 


OE 

'N3 ADC0808/ 


ADC0809 


IN4 


INS 

IN6 



ALE 

IN7 


START [ 


A 

B 

REF(-) 

C 

CLOCK 



ALE/START Port - D000H-D007H 
Data Read Port - DOOOH 


FIGURE 20. Typical 6800 Interface with Partial Address Decoding 
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Interfacing to the 8080 

(Continued) 



♦UTILITY ROUTINES FOR ADC0808/ADC0809 INTERFACE 


♦LOAD AND START CONVERSION (FIGURE 18) 


STATUS 

EQU 

$D800 

START ADDRESS FOR CHANNEL 0 

DATA 

EQU 

$D800 

CONVERTER DATA ADDRESS 

START 

STA 

STATUS 

SELECT CHANNEL 0 AND START 


STA 

STATUS 

DO AGAIN TO LET INPUTS SETTLE 


LDX 

#VECTOR 

LOAD INTERRUPT VECTOR ADDRESS 


STX 

$FFF8 

STORE IT 


— 


EXECUTE MISC PROGRAM 


CLI 


ENABLE INTERRUPT IF NOT ALREADY 


— 


EXECUTE MISC PROGRAM 


\NM 


WAIT FOR INTERRUPT 

♦INTERRUPT HANDLER (FIGURE 18) 



VECTOR 

LDAA 

DATA 

LOAD DATA RESET INTERRUPT 


CLI 


ENABLE INTERRUPTS (OPTION) 


— 


EXECUTE PROGRAM 


RTI 


RETURN TO MAIN PROGRAM 

♦START AND TEST CONVERSION POLLED MODE (FIGURE 19) 


DATA2 

EQU 

$F800 

CONVERTER DATA ADDRESS 

CHANN2 

EQU 

02 

CHANNEL 2 ADDRESS 

EOCIN 

EQU 

$F900 

EOC INPUT PORT 

START2 

LDAA 

CHANN2 

LOAD A ACCUMULATOR 


STAA 

STATUS 

LOAD ADDRESS AND START 


NOP 


WAIT 


STAA 

STATUS 

RESTART TO LET MUX SETTLE 


NOP 


8 NOPS TO WAIT FOR EOC 


— 


TO GO LOW 


LDAA 

EOCIN 

LOAD EOC STATUS BIT 


ANDA 

01 

MASK BITS 1-7 

* 

BEQ 

READY 

IF A = 0 THEN CONVERTER DONE 


— 


EXECUTE MISC PROGRAM 

♦CONTINUOUS POLLING OF EOC (FIGURE 19) 



POLLIT 

LDAA 

EOCIN 

LOAD EOC STATUS 


ANDA 

CHANN2 

MASK MSBs 


BNE 

POLL IT 

IT ACC^O NOT READY, LOOP 

READY LDAA 


DATA 

ELSE READ DATA 


— 


CONTINUE PROGRAM 




00562329 

FIGURE 22. Typical I/O Routines for ADC0808/ADC0809 and 6800 Interface 

Figure 23 shows a very simple Z80 interface, which is similar 


to the INS8080 interface of Figure 13, except that the inter- 
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Interfacing to the 8080 (Continued) cated medium throughput applications can be handled with a 

minimum of extra hardware, but additional hardware can 
rupt flip-flop design is closer to the 6800 designs. This is increase flexibility and simplify software. Putting both the 

because the Z80 INT is active low as is the 6800, but the multiplexer and A/D on the same chip frees the designer 

INS8080 INT IS active high. from matching multiplexers and A/Ds to implement a 7 or 

Figure 24 shows a fully decoded bus comparator design accurate system. Design time and overall system cost 

where the DM8131 decodes 5 address bits and the lOREQ reduced by using these low cost converters. 

I/O request strobe. Two NOR gates gate the RD and WR 
strobes for ALE, START and OE inputs. 

Conclusion 

Both the ADC0808 and the ADC0809 can be easily used in 
microprocessor controlled environments. Many sophisti- 


5V 



FIGURE 23. Simple Z80 Interface 
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A 20-Bit (1 ppm) Linear 
Slope-Integrating A/D 
Converter 


National Semiconductor 
Application Note 260 
Larry Wakeman 



By combining an “inferior”, 20 year old A/D conversion tech¬ 
nique with a microprocessor, a deveiopmentai A/D converter 
achieves 1 part-per-million (20-bit) linearity. The absolute 
accuracy of the converter is primarily limited by the voltage 
reference available. The precision achieved by the unlikely 
combination of technologies surpasses conventional ap¬ 
proaches by more than an order of magnitude. The ap¬ 
proach used points the way towards a generation of “smart” 
converters, which would feature medium to high resolution 
(12 bits and above) with high accuracy over extended tem¬ 
perature range. The conversion technique employed, while 
slow speed, suits transducer based measurement systems 
which require high resolution over widely varying conditions 
of time and temperature. In addition, extensions of the basic 
converter have achieved 15-bit digitization of signal inputs of 
only 30 mV full-scale with no sacrifice in iinearity or stability. 
This offers the prospect of an “instrumentation converter” 
which could interface directly with low level analog signals. 
One of the many A/D techniques utilized in the late 50’s and 
early 60’s was the single-slope-integrating converter. One 
form of this circuit compares a iinear reference ramp to the 
unknown voltage input (see About integrating Converters 
and Capacitors). When the ramp potential crosses the un¬ 
known input voitage a comparator changes state. The length 
of time between the start of the ramp and the comparator 
changing state is proportional to the input voltage. This 
length of time is measured digitaily and presented as the 
converter output. The inherent strengths of this type of con¬ 
verter are simplicity and high linearity. Although 
single-slope-integrators were used in early /VDs and voltme¬ 
ters their dependence on an integrating capacitor for stability 
was considered an intolerable weakness. The advent of the 
dual-slope converter (see About Integrating Converters and 
Capacitors) solved the problem of integrating capacitor drift 
with time and temperature by error cancellation techniques. 
In a dual-slope converter the output represents the ratio of 
the time required to integrate the unknown voltage for a fixed 
time and then, using a reference voltage of opposing polar¬ 
ity, measures the amount of time required to get back to the 
original starting point (see About Integrating Converters and 
Capacitors). The technique eiiminates capacitor drift as an 
error term. 


The nature of operation of dual-slope and related converters 
requires the instantaneous reversal of current in the integrat¬ 
ing capacitor. This puts a substantiai burden on the dielectric 
absorption characteristics of the capacitor. Aithough 
dual-siope and related techniques go far to cancel zero and 
full-scale drifts, residuai non-linearity exists due to the effects 
of dielectric absorption. In addition to non-linearity, dielectric 
absorption can also cause the converter to give different 
outputs with a fixed input as the conversion rate is varied 
over any significant range. Various compensation arrange¬ 
ments are employed to partially offset these effects in 
present converters. What is realiy needed for high precision, 
however, is a conversion scheme which inherently acts to 
cancel the effects of dielectric absorption, while simulta- 
neousiy correcting for zero and fuli-scale drifts. 

Overcoming Dual-Slope 
Limitations 

Figure 1 diagrams a converter which meets the requirement 
noted previously. In this arrangement a microprocessor is 
used to sequentially switch zero, full-scale reference and EX 
signals into one input of a comparator. The other comparator 
input is driven from the ramp output of an operational ampli¬ 
fier integrator. With no convert command applied to the 
microprocessor, the circuit is at quiescence. In this state the 
microprocessor sends a continuous, regularly spaced signal 
to the integrator reset switch. This resuits in a relatively fixed 
frequency, period and height ramp at the amplifier’s output. 
This relationship never changes, regardiess of the convert¬ 
er’s operating state. In addition, the time between ramps is 
lengthy, resulting in an effective and repeatable reset for the 
capacitor. When a convert command is applied, the micro¬ 
processor switches the comparator input to the zero posi¬ 
tion, waits for the next avaiiable ramp and then measures the 
amount of time required for the ramp to cross zero volts. This 
information is stored in memory. The microprocessor then 
repeats this procedure for the full-scale reference and EX 
switch positions. With all this information, and the assump¬ 
tion that the integrator ramps are highly linear, the absoiute 
value of EX is determined by the processor according to the 
following equation. 


Limitations of Dual-Slope 
Converters 


EX 


[Cex - CzeRQ] 

[CpULL-SCALE “ CzEROl 


X KjaV 


The dual-slope converter, and variants on it, have been 
refined to a point where 16 and 17-bit resolution units are 
available. A primary detriment to linearity in these converters 
is a parasitic effect in capacitors calied dielectric absorption. 
Dieiectric absorption can be conceptualized as a slight hys¬ 
teresis of response by the capacitor to charging and dis¬ 
charging. It is influenced by the recent history of current flow 
in the capacitor, including the magnitude, duration and direc¬ 
tion of current fiow (see About Integrating Converters and 
Capacitors). 


where C = count obtained 
and K = a constant, typically 10^ 

After this equation is solved and the answer presented as 
the converter’s output, the conversion is complete and the 
microprocessor is ready to receive the next convert 
command. 
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Overcoming Dual-Slope Limitations (Continued) 



CONVERT COMMAND 


00562501 


FIGURE 1. 


The converter arrangement shares many of the characteris¬ 
tics of a dual-slope type and also provides some significant 
advantages. The key operating features are as follows; 

1. It continuously corrects for zero and full-scale drift in all 
components in the A/D circuit, regardless of changes in 
time or temperature. The primary limitation on accuracy 
is the stability of the full-scale reference. The zero signal 
is derived through conventional high quality grounding 
technique. These features are similar to a dual-slope 
converter. 

2. Because the integrating capacitor is always charged in a 
continuous pattern and in the same direction, the dielec¬ 
tric absorption induced error will be relatively small, con¬ 
stant, and will appear as an offset term. This offset term 
will be removed during the microprocessor’s calibration 
cycle. This feature is unique to this converter and is the 
key to high linearity. 

3. The comparator always sees the ramp voltage ap¬ 
proaching the trip point from the same direction and at 
the same slew rate, regardless of operating conditions. 
This helps maintain repeatability at the trip point in the 
face of noise and gain-bandwidth limitations in the com¬ 
parator. 

4. Unlike a dual-slope, this converter has no inherent noise 
rejection capability. The EX input signal is directly 
coupled to the comparator input with no filtering. This is 
a decided disadvantage because most “real world” sig¬ 
nals require some smoothing. If a filter was placed at the 
input substantial time lag due to settling requirements 
would occur. This is unacceptable because the con¬ 


verter relies on short time intervals between multiplexer 
states to effectively cancel drift. The solution is to use 
the microprocessor to filter the signal digitally, using 
averaging techniques. 

Filling out the Blocks 

The detailed schematic diagram of the prototype 20-bit linear 
A/D conveter is shown in Figure 2. For clarity, the details of 
the INS8070 microprocessor and its associated logic are 
shown in block from. Note that the entire analog section of 
the converter is fully floating from the digital section to elimi¬ 
nate noise due to digital current spiking and clock noise. The 
analog and digital circuits communicate via opto-isolators. 
The full-scale reference for the converter is provided by the 
LM199A-20-LM108A combination. This circuit, using the 
components specified, will typically deliver 0.25 ppm/°C per¬ 
formance with drift of several ppm per year. The accuracy to 
which this reference can be maintained is the primary limi¬ 
tation on absolute accuracy in this converter. The output of 
this reference is fed to an FET-switched multiplexer which 
also receives the EX and zero signals. Because all these 
sources are at low impedance, and only one is switched on 
at a time, the leakage and ON resistances do not contribute 
significant error. The A4 combination provides a low bias 
current unity gain follower with greater than 1,000,00:1 (120 
dB) of CMRR, preserving converter linearity. Drifts in this 
follower are not significant because they will be cancelled 
out by the microprocessor’s calibration cycle. The micropro¬ 
cessor’s digital commands to the FET switches are received 
by the 4N28 opto-isolators. The LM148 quad op-amp (A5) is 
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Filling out the Blocks (Continued) 

used to generate the voltage swing necessary to control the 
FET switches. The discrete components at each amplifier 
output are used to generate one-way time delays to give the 


FET switches break-before-make action. This prevents 
cross talk between the zero, full-scale reference and EX 
sources. 
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FIGURE 2. 

Another FET is used to reset the integrator and is biased by by the 2N2222-2N2369 pair. A 4N28 opto-isolator biases this 
a “brute-force” level shifting-edge speed-up network formed network when it receives the reset signal from the INS8070 
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Filling out the Blocks (Continued) 

processor. A1, an LF356, has its “+” input biased at about 
negative 1V, ensuring that the ramp will start far enough 
below ground to determine a true zero signal. 

The requirement for a comparator with 1 ppm (1 LSB at 20 
bits=1 ppm) of trip point noise cannot be met by any stan¬ 
dard device. At 10V full-scale this is only a 10 pV LSB. The 
50 ms-IOV ramp’s relatively slow slew rate means that the 
gain-bandwidth and noise characteristics of a standard dif¬ 
ferential input comparator will cause considerable un- cer¬ 
tainty at the trip point. Also, as the common-mode volt- age 
at which the ramp vs EX crossing occurs changes, the trip 
point of the comparator will shift, introducing overall 
non-linearity. 

These problems are addressed by the A2-A3 configuration, 
which forms a high precision comparator. A4’s negative out¬ 
put is resistively summed with the positive output of the A1 
ramp at A2. A2 normally operates at a low gain due to the 
diode bounding in its feedback loop. When the currents 
produced by the ramp potential and A4’s output very nearly 
balance the potential at A2’s summing junction will go low 
enough so that A2 comes out of bound and operates at a 
gam determined by the 499k feedback resistor (about 100). 
A2 remains in this high-gain state as long as the ramp and 
A4 output caused currents are nearly equal. As the ramp 
continues in its positive going direction the current into A2’s 
summing junction will go to zero and then move positive until 
the A2 output bounds negative. The output of A2 drives A3, 
an LM311 comparator which is set up as a zero crossing 
detector. The components in the positive feedback path at 
A3 insure a sharp transition. Figure 3 shows the waveforms 
of operation. The ramp (a) is shown in highly expanded form. 
The A2 output (b) can be seen to come cleanly out of 
diode-bound just before the ramp balances A4’s output and 
then return to bound after the crossing occurs. Waveform (c) 
IS A3’s output. The A2 pre-amplifier makes the A3 compara¬ 
tor’s job much easier in a number of ways. It amplifies the 
voltage difference of the two signals to be compared by a 
factor of 100. This knocks down the effect of A3’s input 
uncertainties. It also produces an apparent 100 fold increase 
in the ramp slew rate at the trip point. This means A3 spends 
that much less time with its inputs nearly balanced in an 
uncertain and noise sensitive condition. Finally, A2 presents 
the difference signal as a single ended zero crossing signal. 
This eliminates errors due to changing common-mode volt¬ 
ages that a differential comparator’s input would face. Such 
errors would manifest themselves as overall converter 
non-linearity. 
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FIGURE 3. 

The output of the A3 comparator feeds a 2N2369 transistor, 
which functions as a level shifter-gate. This transistor gates 
out that portion of the width output pulse which would be due 
to the length of the integrator reset pulse. The 2N2369, a low 
storage capacitance device, provides high speed, even in 
the relatively slow common emitter configuration. The 
HP-2602 high speed opto-coupler transmits the width infor¬ 
mation to the digital circuitry. 

Converter Performance and 
Testing 

Figure 4 shows the convert at work. A complete conversion 
cycle is captured in the photograph. Waveform (a) is the 
integrator reset out of the INS8070. (b) is the ramp at Al’s 
output. Waveform (c) is the multiplexer output at A4, showing 
the zero, full-scale reference and EX states. For each state 
ample time is allowed before the ramp begins. The width 
output is shown in waveform (d). 
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Converter Performance and 

Testing (Continued) 
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FIGURE 4. 


The converter was tested with the arrangement shown in 
Figure 5. The Kelvin-Varley voltage divider, a primary stan¬ 
dard type, has a guaranteed linearity of within 1 ppm. The 
LM11 op amp provides a low bias current, low drift follower to 
unload the Kelvin divider’s output impedance. Because the 
LM11 gives greater than 120 dB common-mode rejection, its 
voltage output should track the linearity of the Kelvin divider. 
To test this the LM11 was adjusted for offset null and a 
battery-powered pV meter connected between Its inputs. 
20-bit linear (1 ppm) transfer characteristics were verified by 
running the Kelvin divider through its range and noting less 
than 10 pV (1 LSB at 10V full-scale) shift under all condi¬ 
tions. Then, the converter reference was used to drive the 
Kelvin divider input and the LM11 output to the EX input of 
the A/D converter. 



the INS8070 the number of counts of zero, full-scale refer¬ 
ence and EX are shown along with the final computed 
answer. Note that the final count is computed to one part in 
ten million and the last digit is insignificant. Note also that the 
4 final counts are all within ± 1 ppm ... despite the fact that 
they were individually spaced almost 1 hour apart in a vary¬ 
ing thermal environment. Linearity of the converter over a 
10V range was verified at 10 points by varying the MSB of 
the Kelvin divider. Although the prototype converter takes 
300 ms to complete a cycle, faster speed is attainable by 
increasing the 20 MHz clock rate. Perhaps more practically, 
higher conversion speeds at lower resolutions are easily 
attainable by simply shortening the ramp time. The converter 
output word length and conversion time may be varied over 
a wide dynamic range by juggling clock speed and ramp 
time. 
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FIGURE 6. 

Although demonstrating a 20-bit converter is useful, there 
are other applications which do not require this degree of 
precision. The basic technique is readily adaptable to the 
practical solution of common transducer and other low-level 
interface problems. Figure 7 shows the block diagram of the 
converter used to generate a 15-bit output directly from a 30 
mV full-scale input. In this application the converter input is a 
differential input amplifier with a nominal gain of 300. Note 
that the amplifier’s offset and gain drift will be cancelled by 
the microprocessor’s calibration loop. The EX signal is the 
output of the transducer bridge. The full-scale reference 
signal is derived by measuring across the middle resistor of 
a string which has the same voltage across it as the nominal 
bridge output for a given bridge drive level. In this manner, 
even if the bridge drive varies, the gain of the system re¬ 
mains calibrated by ratiometric error cancellation. The zero 
signal is derived by shorting both amplifier inputs to the 
common-mode voltage at the bridge output. This system has 
been built and has maintained 15-bit accuracy over a 75T 
temperature range. 

Prospective constructors of this converter are advised that 
construction technique is extremely critical. In order for the 
converter to operate properly, the greatest care must be 
taken in grounding, guarding and shielding techniques. Use¬ 
ful sources of information are listed in the References 


FIGURE 5. 

A typical output on the Hewlett-Packard 2644A CRT terminal 
display is shown in Figure 6. For each convert command to 
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FIGURE 7. 


About Integrating Converters and 
Capacitors 

The simplest form of integrating converter is the single-slope 
type {Figure 8). In the single-slope unit shown, a linear 
reference ramp is compared against the unknown input, EX. 
When the switch across the integrator capacitor is opened, 
the ramp begins. The time interval between the opening of 
the integrator reset switch and the comparator changing 
state (when Eramp=EX) is directly proportional to the value 
of EX. This converter requires that the integrating capacitor 
and the clock used to measure the time interval be stable 
over time and temperature ... a significant drawback under 
normal circumstances. 

The dual-slope integrator {Figure 9) overcomes these prob¬ 
lems by effectively normalizing the capacitor value and clock 
rate each time a conversion is made. It does this by integrat¬ 
ing the EX input for a pre-determined time. Then, the voltage 
reference is switched to the integrator input which proceeds 
to integrate in a negative going direction from the EX slope. 
The length of time the reference slope requires to get back to 
zero is proportionate to the EX signal value. These slopes 
are both established with the same integrating capacitor and 
measured with the same clock, so both parameters need 
only be stable over one conversion cycle. 


Both of these converters are dependent to varying degrees 
on capacitor characteristics. The single-slope type requires 
stability in the capacitor over time and temperature while the 
dual-slope gets around this limitation. The effects of a phe¬ 
nomenon in capacitors called dielectric absorption, however, 
have direct impact on dual-slope performance. Dielectric 
absorption is due to the capacitor dielectric’s unwillingness 
to accept or give up charge instantaneously. It is commonly 
and simply modeled as a parasitic series RC {Figure 10) 
across the terminals of the main capacitor. 

If a charged capacitor is discharged, even through a dead 
short, some degree of time will be required to remove all of 
the charge in the parasitic capacitance due to the parasitic 
series resistance. Conversely, some amount of charge will 
be absorbed by the parasitic capacitor after a charging of the 
mam capacitor has ceased unless the charge source is 
maintained for many parasitic RC time constants. Various 
dielectrics offer differing performance with respect to dielec¬ 
tric absorption. Teflon, polystyrene and polypropylene are 
quite good, while paper, mylar and glass are relatively poor. 
Electrolytics are by far the worst offenders. Anyone who has 
received a shock after discharging a high voltage electrolytic 
in a television set has experienced the effect of dielectric 
absorption. 
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FIGURE 8. 
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FIGURE 9. 



FIGURE 10. 
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CMOS A/D Converter 
Interfaces Easily with Many 
Microprocessors 

With a span accommodation down to 180 mV, this 8-bit unit 
can also replace a 12-bit analog-to-digital device in some 
applications 

To help meet the rising demand for easier interfacing be¬ 
tween analog-to-digital converters and microprocessors, the 
complementary MOS, 8-bit ADC0801-05 has been designed 
to accommodate almost all of today’s popular microproces¬ 
sors. It requires only a single 5V supply and is low power to 
boot. 

Housed in a 20-pin dual-in-line package, the successive 
approximation device includes a Schmitt trigger circuit that 
allows It to be driven from a system clock, as well as an 
external RC network. At a clock frequency of 640 kHz, 
conversion time is 100 ps. What’s more, its guaranteed 
linearity error of ±V4 least significant bit (typically ±1/16 LSB) 
can encode an analog signal span as small as 180 mV—a 
performance that allows it to replace 9, 10, and even 12-bit 
converters in many applications. 

Constantly decreasing converter prices raise the compara¬ 
tive cost of the interface electronics and increase the de¬ 
mand for simplicity of interfacing. The growing emphasis on 
simpler systems for higher levels of reliability has also 
pushed this demand, as has a trend toward lower levels of 
power dissipation. And with the success of the 5V power 
supply standard of logic circuits, linear circuits have been 
pressed for 5V operation. Supporting the ADC0801-05 A/D 
converter are such special operational amplifiers as the 
LM358 dual and the LM324 and LM3900 quad op amps that 
run off 5V supplies, also useful are voltage comparators 
such as the LM393 dual and LM339 quad devices. Perhaps 
the most versatile of such 5V linear devices is the LM392, 
comprising an op amp and a comparator. 

More Complications 

Complicating the interfacing are the ever higher levels of 
resolution in monolithic converters, with 8 and 10-bit types 
readily available and 12-bit devices ready to emerge soon. 
Yet, despite their greater resolution, 10 and 12-bit monolithic 
A/D converters are not only more expensive than 8-bit de¬ 
signs, but also require more careful attention to system noise 
problems and management of grounding. 

For simple interfacing, an A/D converter must operate di¬ 
rectly with the signals available on a microprocessor control 
bus. The converter is generally given an address that can be 
mapped into memory or input/output space, depending on 
the type of microprocessor employed. On 6800 microproces¬ 
sors and their derivatives, no special input/output addressing 
or strobes are available, so the converter must appear as a 
memory location to these processors Z80® microproces¬ 
sors, on the other hand, not only provide special I/O inter¬ 
facing, but also automatically insert a wait state during I/O 
selection to increase the width of the read and write strobe 
signals. This eases interface requirements considerably, 
since slower I/O devices can operate with much faster mi¬ 
croprocessor units. The automatic wait state for I/O devices 
will loom larger in importance as the next generation of 
higher speed microprocessors evolves. 


National Semiconductor 
Application Note 274 
Larry Wakeman 


Compatibility 

Microprocessor comf 
meanings—at least according to the various converter data 
sheets. True compatibility, however, involves meeting elec¬ 
trical specifications like proper logic voltage levels with ad¬ 
equate loading capability. For example, true TTL compatibil¬ 
ity means the ability to maintain a 0.4V low potential (or less) 
at the A/D converter logic outputs while sinking 1.6 mA of 
current. And the high state must be maintained at a minimum 
of 2.4V while supplying at least 360 pA. 

Furthermore, all interface protocols must be met. This not 
only means operating with the proper signals, but also meet¬ 
ing all necessary timing requirements, so the converter must 
have valid data on the microprocessor bus within the access 
time of the memory system with which it happens to be 
working. 

The protocols for interfacing are not at all standardized. 
Some A/D converters make use of the standard chip select 
signal (CS) to start a conversion. But decoding voltage 
glitches can cause an A/D converter to begin conversion 
when It is not desirable. Both the standard CS signal and a 
write strobe signal (WR) must therefore be used, so that the 
former signal qualifies the latter and prevents unwanted 
conversions due to address decoding glitches. Care must 
also be taken when using some A/D converters that are 
designed to act as bus controllers, problems can arise when 
the central processor is not in control of the bus. 

Different Standards 

The 8080 and 6800 microprocessors (and their derivatives) 
use different control bus standards. Microprocessors based 
on the 8080, for example, make use of read and write strobe 
signals to specify the operation (read or write) requested. 
Working with these microprocessors, A/D converters start 
the conversion cycle upon the microprocessor’s issuance of 
a chip select signal (decoded from the address bus) and a 
write strobe signal. At the end of conversion (EOC), the 
converter issues an EOC signal. When dealing with older 
A/D converters where the EOC signal is typically low during 
the conversion process and high at the end of it, micropro¬ 
cessors have difficulty because the EOC signal is not avail¬ 
able on the data bus. Furthermore, the EOC signal does not 
reset when the converter is serviced by the central process¬ 
ing unit (that is, when data has been read). 

Complications can also occur when microprocessors inter¬ 
face with older A/D devices during read operations. For 
proper interfacing, such converters must have valid data on 
the bus within the memory access time. 

Interfacing requirements differ for 6800-type microproc^- 
sors, like the 6502 and 68000, which use read/write (R/W) 
control lines instead of read and write strobe signals and 
obtain timing information from the system clock signal. In 
addition, they include a valid memory address signal to 
qualify the address that is placed on the bus. Such features 
make interfacing for these microprocessors different from 
that for earlier 8080 types. 
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Different Standards (Continued) 

For an A/D converter to be most useful in a 
microprocessor-based system, it must have such desirable 
analog features as differential inputs, and it should adjust to 
accommodate various analog input signal ranges. The 
ADC0801-05 offers differential analog inputs, but it is the 
converter’s span accommodation that allows many unusual 
and useful analog applications. 

The availability of differential analog voltage inputs elimi¬ 
nates the problem of poor analog grounds, since both inputs 
can be connected directly across the analog signal source. 
The negative (normally grounded) analog input lead can be 
referenced to any desired DC offset voltage to accommodate 
an input signal range that does not swing down to ground. A 
DC offset can thus be used at this input to cause a digital 
output of all Os at any desired input voltage. 

Flexible Span 

Finally, the ability to accommodate an arbitrary span or input 
dynamic voltage range is desirable in an A/D converter. This 
can easily be achieved in the ADC0801 -05 by selecting the 
magnitude of the converter’s reference input. 

An example might be to permit an analog input voltage range 
of 0.5V to 3.5V. This is accomplished by tying the converter’s 
negative input lead to a 0.5 Vqc offset voltage and supplying 
a reference voltage that is equal to half the 3V span. This 
application provides the 00 output code for V|n = 0.5 Vpc 
and the FF output code for V,n = 3.5 Vdc- 
In many applications (such as weighing cans on a production 
line), 14, or even 16-bit converters are often called upon for 


the needed high levels of resolution. For those reduced-span 
applications, an 8-bit A/D converter can be used instead—at 
considerable savings. 

A Sampled-Data Input 

The ADC0801 -05 makes use of a sampled-data comparator. 
Sampled-data circuits cancel the offset voltage, provide es¬ 
sentially temperature-independent performance, and cancel 
low frequency MOS 1/f noise. They do, however, provide 
some differences in application, since there is an input stray 
capacitance to ground, as shown in Figure 1. 

When switch SI is closed, stray input capacitance, C|n, is 
charged to the input analog potential, Vanalog- Note that 
with a stray capacitance of approximately 12 pF and a 5 kfi 
MOS switch resistance, the time constant, t, is only 60 ns. 
Thus, C|N becomes charged to the necessary accuracy level 
(within ±V4 LSB) in 6.9 t, or about 0.4 ps. Since the input 
switches are operating at one eighth the input clock fre¬ 
quency of 640 kHz, there is ample time for C,n to settle, as 
comparisons are made only at the end of the clock period. 
Note that the switch at the (-) analog input discharges the 
stray capacitance; this event causes input displacement cur¬ 
rents to flow. 

Input bypass capacitors, when placed directly at the analog 
inputs, cause full-scale errors, since they average the cur¬ 
rent which will flow through the source resistance of the 
analog input signal generator. Input capacitors are not re¬ 
quired; but if they are used, a full-scale adjustment will 
eliminate any system errors. 



FIGURE 1. Equivalent. Because it has a sampled-data comparator input, the 8-bit ADC0801-05 
monolithic analog-to-digital converter looks capacitive to an input signal source. 

The sampling switches operate at one eighth the rate of the clock frequency. 


The ADC0801 -05 monolithic 8-bit CMOS A/D converter can 
be operated with a wide range of Vrep/ 2 voltages that facili¬ 
tates its use in many different circuit applications. Inexpen¬ 
sive ratiometric transducers, such as potentiometers, can be 
tied across the converter’s 5V supply voltage with the wiper 
fed directly to the converter’ SV,n 4- input pin. The Vref/ 2 pin, 
which will now bias at 2.5V, can be tied to a second poten¬ 
tiometer that is also hooked across the supply voltage to 
provide a full-scale adjustment. 

When the Vref/ 2 is grounded, the converter then functions 
as a comparator, yielding a digital output of all Is when V,n+ 
is greater than V,n-, and of all Os when V|n+ is less than 
V|N-. The Vref/ 2 feature is also useful for low level analog 
voltage systems where an operational amplifier is normally 
used to boost the input signal prior to digitization. In a circuit 


with an analog input voltage of 250 mV maximum, for ex¬ 
ample, the signal can be fed directly to the A/D device, 
saving the cost of the amplifier. The Vref/ 2 pin would thus 
be biased at 125 mV. 

Careful Grounding 

A minor drawback is that this extra analog resolution leaves 
the circuit more susceptible to noise, and the Vref/ 2 voltage 
requires a low initial tolerance and must be stable over 
temperature changes. Grounding problems become more 
critical and careful grounding is a must. 

The ADC0801-05 can also be used as a logarithmic con¬ 
verter to extend the input voltage dynamic range to cover 
three decades. Three input logging circuits {Figure 2) are 
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Careful Grounding (Continued) 

provided by the NPN transistors in the feedback loops of 
operational amplifiers. With these at the same temperature 
(all three on a common chip), there are no thermal problems 
with this circuit. To keep costs at their lowest, the three 
transistors in the LM389 audio amplifier 1C can be used. 
The fourth operational amplifier in Figure 2 is used to supply 
the proper Vref/ 2 voltage to the A/D converter. Its DC output 
voltage is half that of the logarithmically compressed analog 
input voltage span. 


Offset Adjusting 

Yet another application for the ADC0801-05 is in automati¬ 
cally adjusting the offset voltage of an op amp under micro¬ 
processor control. This is useful in transducer bridge net¬ 
works where a pair of amplifiers is normally used to amplify 
the differential signal. Such an output signal can be fed 
directly to the A/D converter’s inputs without requiring a more 
costly instrumentation amplifier. The bridge network’s arms 
will thus be biased at approximately Vcc/2. 


5V 



FIGURE 2. Logarithmic. The ADC0801-05 monolithic A/D converter’s Vpef/ 2 pin allows 
its use as a three-decade logarithmic circuit. The three NPN transistors in the feedback loops of the operational 
amplifiers give better accuracy with changing temperature than the diodes normaliy used. 


Figure 3 shows such a circuit, where the microprocessor 
takes the digital output of the A/D device and automatically 
adjusts the output voltage of operational amplifier 2. This 
amplifier is used to isolate the bridge network from the offset 
adjustment circuit. The INS8255 programmable peripheral 
interface controls the offset voltage adjustment and analog 
switches 1 and 2. The CMOS buffer provides ideal analog 
level swings of either OV or 5V to the binary resistor network. 
The binary resistor network extracts and injects a current 
from and into op amp 3, causing a small voltage drop across 
Rg. This corrects for offset voltage that is introduced any¬ 
where in the system. 


Auto Adjustment 

Electrically actuated switches 1 and 2 allow the automatic 
adjustment of the offset voltage. It should be noted that op 
amp 1 is referenced to one side of the bridge network in 
order to cancel any common-mode offset voltage effects. 
The A/D converter acts as a high gain comparator because a 
OV Vref/ 2 is provided by the voltage follower (amplifier 4) 
and switch 1 circuits. This allows the microprocessor to 
perform a successive approximation routine to null the offset 
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Auto Adjustment (continued) microprocessor-based systems. The benefits of a 

■* sampled-data comparator and an unusual ladder now make 

voltage of the system. Resolution is thus considerably better an A/D converter actually easier to fabricate than a 

than the normal + 1LSB obtainable with a conventional A/D digital-to-analog converter, 
converter. 

The ADC0801-05 combines linear and digital features in an 
A/D converter that is flexible and easy to tie to 



FIGURE 3. Automatic. Adjusting the offset voltage of a differential amplifier pair in a transcript 
bridge network can be done automatically. A microprocessor provides this adjustment through a 
programmable peripheral interface and a buffer integrated circuit. 
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Single-Supply Applications 
of CMOS MICRODACs 


National Semiconductor 
Application Note 284 
Tim Regan 



CMOS data acquisition and conversion products are becom¬ 
ing the Ideal choice for microprocessor controlled analog 
systems. The use of CMOS allows the addition of more 
digital logic functionality on to the same die as the analog 
circuitry to minimize external parts requirements. The inher¬ 
ently low power consumption is also a big factor for battery 
operation and low heat generation in large scale systems. 
National’s MICRODAC™ family of 8, 10 and 12-bit D to A 
converters all feature on-chip data latches to permit direct 
interface to 8 or 16-bit data busses. These devices were 
designed to provide the most versatility from an analog 
standpoint. By utilizing a current switching R-2R ladder net¬ 
work {Figure 1), the applied reference voltage can be either 
a stable DC voltage or an AC voltage within the wide range 
of ±10V. However, output linearity requires that the two 
current output terminals be biased to OV. This is accom¬ 
plished by using an external op amp to serve as a 
current-to-voltage converter. Negative feedback via the feed¬ 
back resistor included in the DAC keeps the Iquti terminal at 
a virtual ground potential A drawback to this technique is 
that the output amplifier inverts and outputs a voltage of the 
opposite polarity of the applied reference. This then requires 
the output amplifier to have a negative supply voltage if the 
reference were positive. To operate with only a single-supply 
by biasing the ground pin of the DAC and the inputs of the op 
amp to V 2 the supply does not work, as the digital inputs are 
no longer TTL compatible. 

All hope is not lost, however, if single-supply operation is 
essential. By taking a somewhat backwards view of the DAC 


ladder network, only a single positive supply is necessary. In 
Figure 2 the R-2R ladder network is used to switch voltages 
rather than currents.^ By applying the reference to the nor¬ 
mal current output terminal (Iquti) and grounding Iout 2 the 
voltage at the reference terminal will be a fraction of the 
reference voltage and a function of the applied digital input 
code. 

There are two important considerations when using this 
voltage-switching approach. The applied reference voltage 
must be positive since there are internal parasitic diodes 
from the Iqut terminals to ground which would turn on if the 
reference were to be negative. This, of course, is of no 
concern with single-supply applications. There is also a de¬ 
pendence of converter linearity and gain error on the voltage 
difference between the DAC’s Vqq supply and the applied 
reference voltage. This is a result of the voltage drive re¬ 
quirement of the CMOS ladder switches. To ensure that all of 
the switches can turn on sufficiently (so as not to add sig¬ 
nificant resistance to any leg of the ladder and thereby 
introduce additional linearity and gain errors) an 8-bit DAC 
should not have a reference greater than 5V and the Vcc 
supply should be at least 9V more positive than the refer¬ 
ence. This would keep linearity and gain error degradation 
less than 0.1%. A 10-bit DAC is a bit more stringent. For a 
0.005% or less error degradation, the reference should be 
less than 3 Vdq and Vqq should be 10V more positive. The 
typical effects of bringing Vref and Vqq closer together, as 
well as temperature performance, are shown graphically in 
Figure 3 for the 8-bit DAC0830 series 



FIGURE 1. The Standard Current-Switching R-2R Ladder Network 
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FIGURE 2. Operating the Ladder “Backwards” to Serve as a Voltage-Switching Network 


Since the output is now a voltage rather than a current, an 
output op amp is not necessarily required, but the DAC’s 
output impedance is fairly high (equal to its specified refer¬ 
ence input resistance of 10k to 20k), so an op amp may be 
required for buffering purposes. Figure 4 shows a 
single-supply DAC with an output amplifier providing buffer¬ 
ing and gain for a more useful OV to 10V output from a 2.5V 
reference. The LM336 reference diode is biased through the 
internal feedback resistor between the Iquti Pin £ind the 
pin. The zero-code output voltage is limited by the lower 
output saturation voltage of the LM358 op amp. The 2k 
pull-down load resistor helps to reduce this voltage to 10 mV 
or Va of an output LSB. Even with a 15V DAC supply, the 
digital inputs remain T^L compatible. 

Closer inspection of Figure 2 shows that both Iquti £ind 
loyT 2 drive the ladder network in an identical manner. Each 
leg is connected to either loyji or loyT 2 as controlled by the 
logic state of each digital input. If each loyj terminal is 
biased to separate reference potentials, the circuit of Figure 
5 results. This is a single-supply DAC with an adjustable 


zero-code output offset voltage and adjustable output span 
to reserve the full resolution of the DAC for a range of 
voltages other than OV to full-scale. An important point to 
note is that for an all ones code applied, only the voltage at 
loyT-, is connected to the ladder and sets the output to 
255/256 times the voltage of loyji- With an all zeros code 
applied, only the voltage at \out 2 drives the ladder, setting 
the output to 255/256 times this voltage. This non-interaction 
of the two inputs at the end-points makes calibration a 
breeze. The incremental analog output steps are automati¬ 
cally set to (V|viax~Vmin)/256. 

The buffers at the two reference inputs in Figure 5 isolate the 
code-dependent resistance to ground at loyji and loyjg 
from the resistive string used to set V^ax and Vmin- The 
output responds in accordance to the following expression. 

Voy-r = D/256 (Vmax - Vm,n) + 255/256 Vm,n (1) 
Where D is the decimal equivalent of the 8-bit binary control 
word. 
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Gain and Linearity Error Variation vs Supply Voltage 
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Gain and Linearity Error Variation vs Reference Voltage 
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Gain and Linearity Error Variation vs Temperature 
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Note: For these curves, Vref is the voltage applied to the Iquti terminal and Iout 2 is grounded. 

FIGURE 3. The Effects of Bringing the Vcc Supply and Vrep Closer Together and Temperature Performance Using the 

DAC in the Voltage-Switching Mode 
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FIGURE 4. Obtaining OV to 10V Output from a 2.5V Reference 
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FIGURE 5. A Single-Supply DAC with Level Shift and Span Adjustable Output 


A common requirement of single-supply systems is that the 
outputs of signal-conditioning amplifiers must be DC biased, 
typicaiiy to V 2 of the Vqc supply, to provide maximum un¬ 
dipped AC signal swing. The circuit of Figure 6 shows how 
this dual-input voltage-switching DAC configuration can al¬ 
low the digital input code to control the attenuation of an AC 
signal without significantly affecting the DC biasing level. If 
the voltage at Iout 2 is set to the DC level of the voltage at 
I 0 UT 1 . then the term in Equation (1) which is controlled by the 
digital input code, D, reduces to just the AC signal at Iquti- 
The DC level at the output is 255/256 times the DC level at 
the input. 

The circuit of Figure 7 combines the advantages of low 
power consumption of the CMOS MICRODACs together 
with the non-interactive zero and fuil-scale adjustability of 
this voltage-switching technique. This circuit is an isolated 4 
mA-20 mA current loop controller where the DAC sets the 
amount of current that flows through the loop, yet receives its 
own power from the very same loop. 


Digital control and isolation are provided by a single optoiso- 
lator and a CMOS counter. The controlling processor must 
generate a clock and keep track of the number of clock 
pulses issued to the circuit to know what the loop current is 
at any time. On power-up the counter is reset to all zeros to 
give the processor a starting point, as well as to inherently 
provide a calibration point. When calibrating, potentiometer 
P1 wouid be set for the zero-code loop current of 4 mA. The 
processor would then issue exactly 255 clock pulses to the 
opto-isolator. Potentiometer P2 can then adjust the full-scale 
current value to 19.92 mA. If one more clock pulse is issued, 
the DAC input code returns to all zeros and the previously 
set value of 4 mA will flow, as this setting was unaffected by 
the full-scaie adjustment. 


R 



FIGURE 6. Single-Supply DAC where the Digital Input Word Affects the Attenuation of an AC Signal without 

Significantly Altering its DC Biasing Level 
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FIGURE 7. Easily Calibrated, Isolated 4 mA-20 mA Current Loop Controller 


The NPN emitter-follower will conduct whatever level of cur¬ 
rent necessary to keep the voltage across resistor Rg equal 
to the voltage across resistor Rx- This voltage is equal to the 
output voltage at the Vref P'n the DAC which can be 
determined from Equation (1). The actual loop current is: 

Iloop=Vdac(1/Rs+1/Rx) (2) 

The second LM329 reference diode is used to bias the DAC 
Vcc supply higher than the voltages at Iquti ^nd Iout 2 fo 
preserve linearity. 

Finally, what if a D to A function is required, but only a single 
5V supply is available and minimal supply current is a pri¬ 
mary concern (battery powered instrumentation is a good 
example)? The voltage-switching techniques previously de¬ 
scribed are not suitable because not enough voltage is 
available to properly bias the DAC. A CMOS DAC is still 
attractive for its low supply current requirements and if it can 
be operated in the standard current switching configuration, 
a single 5V supply is sufficient. But how about the voltage 
inversion and the requirement for negative supply potential 
By taking advantage of an age-old technique of clocking a 
diode-capacitor network connected as a DC to DC voltage 
inverter, a low current negative supply can be generated. In 
the circuit of Figure 8, 2 diodes and 2 capacitors are clocked 
by a CMOS Schmitt trigger oscillator and connected in such 
a fashion as to generate a -3.8V supply potential. This 
negative supply is used only to bias a low current 
LM385-2.5V reference diode to provide the DAC with a 
stable negative reference. Now the inversion of the output 


current-to-voltage converter will generate a positive output 
ranging from OV to 2.5V as a function of the digital input 
code. 

The amount of ripple that may appear at the reference input 
is a function of the dynamic impedance of the LM385, the 
clock frequency and the size of the switching capacitors. For 
the component values shown, the clock frequency is ap¬ 
proximately 1 kHz and the ripple on the reference is 7 mV 
peak to peak. This ripple is cleanly filtered by the bypass cap 
around the feedback resistor of the output amplifier. The 
output op amp is part of a new low power quad, the LP324, 
which IS ideal for its ability to common-mode to ground on 
the inputs and swing very close to ground at its output. If an 
extra CMOS Schmitt inverter is not readily available, the 
oscillator function can be implemented with another of the 
amplifiers in the op amp package. The total supply current of 
this single-supply DAC is on the order of 1.5 mA with no 
output load. 

With this technique even the 12-bit DAC1230 can be used 
with no linearity degradation which would be apparent in the 
voltage-switching techniques. 

Reference 

1. Sevastopoulos, N.; Cecil, J.; and Fredericksen, T, “An 
Unusual Circuit Configuration Improves CMOS-MDAC Per¬ 
formance”, EDN Magazine, March 5, 1979, pg. 77. 
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FIGURE 8. Single 5V Supply, 8-Bit CMOS DAC 
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LM34/LM35 
Precision Monolithic 
Temperature Sensors 

Introduction 

Most commonly-used electrical temperature sensors are dif¬ 
ficult to apply. For example, thermocouples have low output 
levels and require cold junction compensation. Thermistors 
are nonlinear. In addition, the outputs of these sensors are 
not linearly proportional to any temperature scale. Early 
monolithic sensors, such as the LM3911, LM134 and LM135, 
overcame many of these difficulties, but their outputs are 
related to the Kelvin temperature scale rather than the more 
popular Celsius and Fahrenheit scales. Fortunately, in 1983 
two I.C.’s, the LM34 Precision Fahrenheit Temperature Sen¬ 
sor and the LM35 Precision Celsius Temperature Sensor, 
were introduced. This application note will discuss the LM34, 
but with the proper scaling factors can easily be adapted to 
the LM35. 

The LM34 has an output of 10 mV/T with a typical nonlin¬ 
earity of only ±0.35T over a -50 to +300T temperature 
range, and is accurate to within ±0.4T typically at room 
temperature (77T). The LM34’s low output impedance and 
linear output characteristic make interfacing with readout or 
control circuitry easy. An inherent strength of the LM34 over 
other currently available temperature sensors is that it is not 
as susceptible to large errors in its output from low level 
leakage currents. For instance, many monolithic tempera¬ 
ture sensors have an output of only 1 pA/°K. This leads to a 
TK error for only 1 p-Ampere of leakage current. On the 
other hand, the LM34 may be operated as a current mode 
device providing 20 pA/T of output current. The same 1 pA 
of leakage current will cause an error in the LM34’s output of 
only 0.05T (or 0.03°K after scaling). 

Low cost and high accuracy are maintained by performing 
trimming and calibration procedures at the wafer level. The 
device may be operated with either single or dual supplies. 
With less than 70 pA of current dram, the LM34 has very little 
self-heating (less than 0.2T in still air), and comes in a 
TO-46 metal can package, a SO-8 small outline package 
and a TO-92 plastic package. 

Forerunners to the LM34 

The making of a temperature sensor depends upon exploit¬ 
ing a property of some material which is a changing function 
of temperature. Preferably this function will be a linear func¬ 
tion for the temperature range of interest. The base-emitter 
voltage (Vbe) of a silicon NPN transistor has such a tem¬ 
perature dependence over small ranges of temperature. 
Unfortunately, the value of Vbe varies over a production 
range and thus the room temperature calibration error is not 
specified nor guaranteeable in production. Additionally, the 
temperature coefficient of about -2 mV/°C also has a toler¬ 
ance and spread in production. Furthermore, while the 
tempo may appear linear over a narrow temperature, there is 
a definite nonlinearity as large as 3°C or 4°C over a full 
-55°C to -i-150°C temperature range. 
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Application Note 460 
Tim Regan 


Another approach has been developed where the difference 
in the base-emitter voltage of two transistors operated at 
different current densities is used as a measure of tempera¬ 
ture. It can be shown that when two transistors, Q1 and Q2, 
are operated at different emitter current densities, the differ¬ 
ence in their base-emitter voltages, AVbe, is 

AVbe = Vbei-Vbe2 = ~ In^^ 
q Je 2 

( 1 ) 

where k is Boltzman’s constant, q is the charge on an 
electron, T is absolute temperature in degrees Kelvin and 
Jei and 3^2 are the emitter current densities of Q1 and Q2 
respectively. A circuit realizing this function is shown in Fig¬ 
ure 1. 




Equation (1) implies that as long as the ratio of lEito Ie 2 is 
held constant, then AVbe is a linear function of temperature 
(this IS not exactly true over the whole temperature range, 
but a correction circuit for the nonlinearity of Vbei and Vbe 2 
will be discussed later). The linearity of this AVbe with tem¬ 
perature is good enough that most of today’s monolithic 
temperature sensors are based upon this principle. 

An early monolithic temperature sensor using the above 
principle is shown in Figure 2. This sensor outputs a voltage 
which is related to the absolute temperature scale by a factor 
of 10 mV per degree Kelvin and is known as the LM135. The 
circuit has a AVbe approximately 

(0.2 mV/°K) X (T) 

developed across resistor R. The amplifier acts as a servo to 
enforce this condition. The AVbe appearing across resistor R 
is then multiplied by the resistor string consisting of R and 
the 26R and 23R resistors for an output voltage of 
(10 mV/°K) X (T). The resistor marked 100R is used for offset 
trimming. This circuit has been very popular, but such Kelvin 
temperature sensors have the disadvantage of a large con¬ 
stant output voltage of 2.73V which must be subtracted for 
use as a Celsius-scaled temperature sensor. 
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Forerunners to the LM34 (Continued) 



Various sensors have been developed with outputs which 
are proportional to the Celsius temperature scale, but are 
rather expensive and difficult to calibrate due to the large 
number of calibration steps which have to be performed. 
Gerard C.M. Meijer^"^^ has developed a circuit which claims 
to be inherently calibrated if properly trimmed at any one 
temperature. The basic structure of Meijer’s circuit is shown 
in Figure 3. The output current has a temperature coefficient 
of 1 pA/°C. The circuit works as follows: a current which is 
proportional to absolute temperature, Iptat. is generated by 
a current source. Then a current which is proportional to the 
Vbe drop of transistor Q4 is subtracted from Ipjat to get the 
output current, Iq- Transistor Q4 is biased by means of a 
PNP current mirror and transistor Q3, which is used as a 
feedback amplifier. In Meijer’s paper it is claimed that the 
calibration procedure is straightforward and can be per¬ 
formed at any temperature by trimming resistor R4 to adjust 
the sensitivity, dIo/dT, and then trimming a resistor in the 
PTAT current source to give the correct value of output 
current for the temperature at which the calibration is being 
performed. 

Meijer’s Celsius temperature sensor has problems due to its 
small output signal (i.e., the output may have errors caused 
by leakage currents). Another problem is the trim scheme 
requires the trimming of two resistors to a very high degree 
of accuracy. To overcome these problems the circuits of 
Figure 4 (an LM34 Fahrenheit temperature sensor) and 
Figure 5 (an LM35 Celsius temperature sensor) have been 
developed to have a simpler calibration procedure, an output 
voltage with a relatively large tempco, and a cun/ature com¬ 
pensation circuit to account for the non-linear characteristics 
of Vbe versus temperature. Basically, what happens Is tran¬ 
sistors Q1 and Q2 develop a AVbe across resistor R1. This 
voltage is multiplied across resistor nR1. Thus at the 
non-inverting input of amplifier A2 is a voltage two diode 
drops below the voltage across resistor nR1. This voltage is 


then amplified by amplifier A2 to give an output proportional 
to whichever temperature scale is desired by a factor of 10 
mV per degree. 



00905103 

FIGURE 3. 


Circuit Operation 

Since the two circuits are very similar, only the LM34 Fahr¬ 
enheit temperature sensor will be discussed in greater detail. 
The circuit operates as follows: 

Transistor Q1 has 10 times the emitter area of transistor Q2, 
and therefore, one-tenth the current density. From Figure 4, 
it is seen that the difference in the current densities of Q1 
and Q2 will develop a voltage which is proportional to abso¬ 
lute temperature across resistor R^. At 77°F this voltage will 
be 60 mV. As in the Kelvin temperature sensor, an amplifier, 
A1, is used to insure that this is the case by servoing the 
base of transistor Q1 to a voltage level, VpjAj- ^^be x n. 
The value of n will be trimmed during calibration of the de¬ 
vice to give the correct output for any temperature. 
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Circuit Operation (Continued) 



For purposes of discussion, suppose that a value of Vptat 
equal to 1.59V will give a correct output of 770 mV at 77T. 
Then n will be equal to or 1.59V/60 mV = 26.5, 

and VpTAT will have a temperature coefficient (tempco) of: 

nk li 

— In - = 5.3 rnVrC. 

q I 2 

Subtracting two diode drops of 581 mV (at 77° F) with temp- 
cos of -2.35 mV/°C each, will result in a voltage of 428 mV 
with a tempco of 10 mV/°C at the non-inverting input of 
amplifier A2. As shown, amplifier A2 has a gain of 1.8 which 
provides the necessary conversion to 770 mV at 77°F 
(25°C). A further example would be if the temperature were 
32°F (0°C), then the voltage at the input of A2 would be 428 
mV-(10 mV/°C) (25°C) = 0.178, which would give Vqut = 
(0.178) (1.8) = 320 mV—the correct value for this tempera¬ 
ture. 


“zener-zap”. The analysis in the next section shows that 
when the circuit is calibrated at a given temperature, then the 
circuit will be accurate for the full temperature range. 
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FIGURE 6. 


How the Calibration Procedure 
Works 

Widlar^®) has shown that a good approximation for the 
base-emitter voltage of a transistor is: 


Easy Calibration Procedure 

The circuit may be calibrated at any temperature by adjust¬ 
ing the value of the resistor ratio factor n. Note that the value 
of n is dependent on the actual value of the voltage drop 
from the two diodes since n is adjusted to give a correct 
value of voltage at the output and not to a theoretical value 
for PTAT. The calibration procedure is easily carried out by 
opening or shorting the links of a quasi-binary trim network 
like the one shown in Figure 6. The links may be opened to 
add resistance by blowing an aluminum fuse, or a resistor 
may be shorted out of the circuit by carrying out a 


Vbe = Vqo 
nkT 

q 




+ 


( 2 ) 


where T is the temperature in °Kelvin, Tq is a reference 
temperature, Vqo is the bandgap of silicon, typically 1.22V, 
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How the Calibration Procedure 

Works (Continued) 


approximately square-law characteristic and is thus compen¬ 
sated by the curvature compensation circuit of Figure 7. 


and Vbeo is the transistor’s base-emitter voltage at the refer¬ 
ence temperature, Tq. The above equation can be re-written 
as 

Vbe = (sum of linear temp terms) 

+ (sum of non-linear temp terms) (3) 

where the first two terms of Equation (1) are linear and the 
last two terms are non-linear. The non-linear terms were 
shown by Widlar to be relatively small and thus will be 
considered later. 

Let us define a base voltage, Vb, which is a linear function of 
temperature as: Vb = C-, • T. This voltage may be repre¬ 
sented by the circuit in Figure 1. The emitter voltage is Ve = 
Vb - Vbe which becomes: 


If Vg is defined as being equal to Cg at T = To, then the above 
equation may be solved for C^. Doing so gives: 


P _ Vbeo + ^2 

(4) 

Using this value for C-, in the equation for Vg gives: 


Ve-C2^+VGo(^) 

(5) 

If Vg is differentiated with respect to temperature, T, Equation 
(4) becomes dVg/dT = (Cg + ^go)^o- 
This equation shows that if Vb is adjusted at Tq to give Vg = 
Cg, then the rate of change of Vg with respect to temperature 
will be a constant, independent of the value of Vb, the 
transistor’s beta or Vbg. To proceed, consider the case where 
Vg = C 2 = 0 at To = 0°C. Then 


dT 


Vgo 

273.7 


4.47 rnVrC 
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FIGURE 7. 


A Unique Compensation Circuit 

As mentioned earlier, the base-emitter voltage, Vbe> is not a 
linear function with respect to temperature. In practice, the 
nonlinearity of this function may be approximated as having 
a square-law characteristic. Therefore, the inherent 
non-linearity of the transistor and diode may be corrected by 
introducing a current with a square-law characteristic into the 
indicated node of Figure 4. Here’s how the circuit of Figure 7 
works: transistors Q1 and Q2 are used to establish currents 
in the other three transistors. The current through Q1 and Q2 
is linearly proportional to absolute temperature, Iptat. as is 
the current through transistor Q5 and resistor Rb- The cur¬ 
rent through resistor Ra is a decreasing function of tempera¬ 
ture since it is proportional to the Vbe of transistor Q4. The 
emitter current of Q3 is equal to the sum of the current 
through Q5 and the current through Ra, and thus Q3’s 
collector current is a constant with respect to temperature. 
The current through transistor Q4, Iq 4 , will be used to com¬ 
pensate for the Vbe nonlinearities and is found with the use 
of the following equation: 

/ qVBE4 \ qVBE4 

Ic4 = Is Ve - 1 j = Ise 


Therefore, if Vg is trimmed to be equal to (4.47 mV) T (in “C) 
for each degree of displacement from 0°C, then the trimming 
can be done at ambient temperatures. 

In practice, the two non-linear terms in Equation (1) are 
found to be quadratic for positive temperatures. Tsividis^®^ 
showed that the bandgap voltage, Vq, is not linear with 
respect to temperature and causes nonlinear terms which 
become significant for negative temperatures (below 0°C). 
The sum of these errors causes an error term which has an 


where Vbe4 = Vbei + Vbe 2 “ Vbes- 

From the above logarithmic relationship, it is apparent that 

Ic 4 becomes 

1^^ = *02 ^ IPTAT^ 

•C3 ICONST 
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A Unique Compensation Circuit 

(Continued) 

Thus, a current which has a square law characteristic and is 
PTAT^, is generated for use as a means of curvature correc¬ 
tion. 

Processing and Layout 

The sensor is constructed using conventional bipolar epi¬ 
taxial linear processing. SiCr thin-film resistors are used in 
place of their diffused counterparts as a result of their better 
tempco matching, an important consideration for resistors 
which must track over temperature. Such resistors include 
R1 and nR1 of the bandgap circuit. 

Another point of interest in the construction of the device 
centers around transistors Q1 and Q2 of Figure 4. In order 
for the circuit to retain its accuracy over temperature, the 
leakage currents of each transistor, which can become quite 
significant at high temperatures, must be equal so that their 
effects will cancel one another. If the geometries of the two 
transistors were equivalent, then their leakage currents 
would be also, but since Q1 has ten times the emitter area of 
Q2, the accuracy of the device could suffer. To correct the 
problem, the circuit is built with Q1 and Q2 each replaced by 
a transistor group consisting of both Q1 and Q2. These 
transistor groups have equivalent geometries so that their 
leakage currents will cancel, but only one transistor of each 
group, representing Q1 in one group and Q2 in the other pair 
is used in the temperature sensing circuit. A circuit diagram 
demonstrating this idea is shown in Figure 8. 

Using the LM34 

The LM34 is a versatile device which may be used for a wide 
variety of applications, including oven controllers and remote 
temperature sensing. The device is easy to use (there are 
only three terminals) and will be within 0.02T of a surface to 
which it IS either glued or cemented. The TO-46 package 
allows the user to solder the sensor to a metal surface, but in 
doing so, the GND pin will be at the same potential as that 
metal. For applications where a steady reading is desired 
despite small changes in temperature, the user can solder 
the TO-46 package to a thermal mass. Conversely, the 
thermal time constant may be decreased to speed up re¬ 
sponse time by soldering the sensor to a small heat fin. 
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FIGURE 8. 

Fahrenheit Temperature Sensors 

As mentioned earlier, the LM34 is easy to use and may be 
operated with either single or dual supplies. Figure 9 shows 
a simple Fahrenheit temperature sensor using a single sup¬ 
ply. The output in this configuration is limited to positive 
temperatures. The sensor can be used with a single supply 
over the full -SOT to -I-300T temperature range, as seen in 
Figure 10, simply by adding a resistor from the output pin to 
ground, connecting two diodes in series between the GND 
pin and the circuit ground, and taking a differential reading. 
This allows the LM34 to sink the necessary current required 
for negative temperatures. If dual supplies are available, the 
sensor may be used over the full temperature range by 
merely adding a pull-down resistor from the output to the 
negative supply as shown in Figure 11. The value of this 
resistor should be l-Vsl/50 pA. 

For applications where the sensor has to be located quite a 
distance from the readout circuitry, it is often expensive and 
inconvenient to use the standard 3-wire connection. To over¬ 
come this problem, the LM34 may be connected as a 
two-wire remote temperature sensor. Two circuits to do this 
are shown in Figure /2and Figure 13. When connected as a 
remote temperature sensor, the LM34 may be thought of as 
a temperature-dependent current source. In both configura¬ 
tions the current has both a relatively large value. 
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Fahrenheit Temperature Sensors 

(Continued) 


(20 mA/T) X (Ta + 3T), 

and less offset when compared to other sensors. In fact, the 
current per degree Fahrenheit is large enough to make the 
output relatively immune to leakage currents in the wiring. 

Temperature to Digital Converters 

For interfacing with digital systems, the output of the LM34 
may be sent through an analog to digital converter (ADC) to 
provide either serial or parallel data outputs as shown in 
Figure 14 and Figure 15. Both circuits have a 0 to +128T 
scale. The scales are set by adjusting an external voltage 
reference to each ADC so that the full 8 bits of resolution will 
be applied over a reduced analog input range. The serial 
output ADC uses an LM385 micropower voltage reference 
diode to set its scale adjust (Vref Pin) to 1.28V, while the 
parallel output ADC uses half of an LM358 low power dual op 
amp configured as a voltage follower to set its Vref/ 2 pin to 
0.64V. Both circuits are operated with standard 5V supplies. 


Basic Fahrenheit Temperature Sensor 
(+5“ to +300T) 

+ Vs 

(+5VT0 +20V) 




LM34 ^VouT=+10.0mV/°F 

x 
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FIGURE 9. 


Temperature Sensor, Single Supply, 
-50“ to +300“F 


+ Vs 

I 
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FIGURE 10. 


Full-Range Fahrenheit Temperature Sensor 


+ Vs 



-Vs 


CHOOSE Ri = (-Vs)/50 /iA 
VouT=+3,OOOmVAT +300‘’F 
= +750 mV AT +75°F 
= -500 mV AT -50°F 
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FIGURE 11. 
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Temperature to Digital Converters (Continued) 


Two-Wire Remote Temperature Sensor 
(Grounded Sensor) 


VouT = 10 mV/T (Ta + 3T) 
from +3T to +100°F 


2Qk ^ ^499H 

5% > >1% 

OR 50k RHEOSTAT 1 ] 

FOR GAIN ADJUST - 


HEAT ^ I-M34 

FINS A ■ 


FIGURE 12. 


Two-Wire Temperature Sensor 
(Output Referred to Ground) 


HEAT A LM34 

FINS A I 


20k • 
5% ^ 

OR 50k RHEOSTAT 
FOR GAIN ADJUST 


VouT = 10 mV/»F (Ta + 3°F) 
■ FROM +3‘»FT0 +100®F 


FIGURE 13. 
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Temperature to Digital Converters (Continued) 


Temperature-to-Digital Converter (Serial Output, +128°F Full Scale) 



+ 5V 

SERIAL DATA 
OUTPUT 

CLOCK 

ENABLE 

GROUND 


00905114 


FIGURE 14. 


Temperature-to-Digital Converter 

(Parallel TRI-STATE Outputs for Standard Data Bus to pP Interface, 128T Full Scale) 



FIGURE 15. 


LM34 with Voltage-to-Frequency Converter and isolated Output 
(3T to +300T; 30 Hz to 3000 Hz) 


+ 6V 
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Temperature to Digital Converters (Continued) 


Bar-Graph Temperature Display (Dot Mode) 


67 68 69 70 71 72 73 74 75 76 77 78 79 80 81 82 83 84 85 86 “F 



• = 1 % or 2% film resistor 
—Trim Rb for Vb = 3 525V 

— Trim Rc for Vq = 2 725V 

—Trim Ra for V^ = 0 085V + 40 mV/T x TAmbient 

— Example Va = 3 285V at 80” F 


FIGURE 17. 


Tern peratu re-to-Frequency 
Converter for Remote Sensing 

If a frequency proportional to temperature is needed, then 
the LM34 can be used in conjunction with an LM131 
voltage-to-frequency converter to perform the desired con¬ 
version from temperature to frequency. A relatively simple 
circuit which performs over a -i-3T to +300T temperature 
range is shown in Figure 16. The output frequency of this 
circuit can be found from the equation: 

= (i^) (?) (?c;) 

where resistor Rg is used to adjust the gain of the LM131. If 
Rg is set to approximately 14.2 kQ, the output frequency will 
have a gain of 10 Hz/T. Isolation from high common mode 
levels IS provided by channeling the frequency through a 
photoisolator. This circuit is also useful for sending tempera¬ 
ture information across long transmission lines where it can 
be decoded at the receiving station. 

LED Display for Easy Temperature 
Reading 

It is often beneficial to use an array of LED’s for displaying 
temperature. This application may be handled by combining 
the LM34 with an LM3914 dot/display driver. The tempera¬ 
ture may then be displayed as either a bar of illuminated 


LED’s or as a single LED by simply flipping a switch. A wide 
range of temperatures may be displayed at once by cascad¬ 
ing several LM3914’s as shown in Figure 17. 

Without going into how the LM3914 drivers function inter¬ 
nally, the values for Va, Vg, and Vc can be determined as 
follows: 

Va is the voltage appearing at the output pin of the LM34. It 
consists of two components, 0.085V and (40 mV/T) (Ta). 
The first term is due to the LM34’s bias current (approxi¬ 
mately 70 pA) flowing through the 1 kL2 resistor in series with 
Ra- The second term is a result of the multiplication of the 
LM34’s output by the resistive string composed of R-,, R 2 , 
and Ra, where Ra is set for a gam factor of 4 (i.e.; 40 mV/°F). 
Vb represents the highest temperature to be displayed and is 
given by the equation Vg = 0.085V + (40 mV/T) (Thigh)- For 
the circuit in Figure 17,\/e = 0.085V 4- (40 mV/T) (86T) = 
3.525V. 

Vc represents the lowest temperature to be displayed minus 
1T. That is, Vc = 0.085V - 1 - (Tlqw “1 °F) (40 mV/T) which in 
this case becomes Vc = 0.085V - 1 - (67T -IT) (40 mV/T) = 
2.725V. 

With a few external parts, the circuit can change from dot to 
bar mode or flash a bar of LED’s when the temperature 
sensed reaches a selected limit (see LM3914 data sheet). 

Indoor/Outdoor Thermometer 

An indoor/outdoor thermometer capable of displaying tem¬ 
peratures all the way down to -50T is shown in Figure 18. 
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Indoor/Outdoor Thermometer 

(Continued) 

Two sensor outputs are multiplexed through a CD4066 quad 
bilateral switch and then displayed one at a time on a DVM 
such as Texmate’s PM-35X. The LMC555 timer is run as an 


astable multivibrator at 0.2 Hz so that each temperature 
reading will be displayed for approximately 2.5 seconds. The 
RC filter on the sensors outputs are to compensate for the 
capacitive loading of the cable. An LMC7660 can be used to 
provide the negative supply voltage for the circuit. 


(INDOOR) 


(OUTDOOR) 



00905118 


FIGURE 18. 


Temperature Controller 

A proportional temperature controller can be made with an 
LM34 and a few additional parts. The complete circuit is 
shown in Figure 19. Here, an LM10 serves as both a tem¬ 
perature setting device and as a driver for the heating unit 
(an LM395 power transistor). The optional lamp, driven by 
an LP395 Transistor, is for indicating whether or not power is 
being applied to the heater. 

When a change in temperature is desired, the user merely 
adjusts a reference setting pot and the circuit will smoothly 
make the temperature transition with a minimum of over¬ 
shoot or ringing. The circuit is calibrated by adjusting R2, R3 
and C2 for minimum overshoot. Capacitor C2 eliminates DC 
offset errors. Then R1 and C1 are added to improve loop 


stability about the set point. For optimum performance, the 
temperature sensor should be located as close as possible 
to the heater to minimize the time lag between the heater 
application and sensing. Long term stability and repeatability 
are better than 0.5°F. 

Differential Thermometer 

The differential thermometer shown in Figure 20 produces 
an output voltage which is proportional to the temperature 
difference between two sensors. This is accomplished by 
using a difference amplifier to subtract the sensor outputs 
from one another and then multiplying the difference by a 
factor of ten to provide a single-ended output of 100 mV per 
degree of differential temperature. 
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Differential Thermometer (Continued) 


Temperature Controller 


OPTIONAL 



FIGURE 19. 



100 mV/°C 
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FIGURE 20. 
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Temperature monitoring 


rate = 


0.56 

RC 



If Q 4 and Q 5 are used with R = 13k and C = 510 pF the rate will be 10 kHz 


FIGURE 21. 


Temperature Scanner 

In some applications it is important to monitor several tem¬ 
peratures periodically, rather than continuously. The circuit 
shown in Figure 21 does this with the aid of an LM604 Mux 
Amp. Each channel is multiplexed to the output according to 
the AB channel select. The CD4060 ripple binary counter 
has an on-board oscillator for continuous updating of the 
channel selects. 

Conclusion 

As can be seen, the LM34 and LM35 are easy-to-use tem¬ 
perature sensors with excellent linearity. These sensors can 
be used with minimal external circuitry for a wide variety of 
applications and do not require any elaborate scaling 
schemes nor offset voltage subtraction to reproduce the 
Fahrenheit and Celsius temperature scales respectively. 
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Microcontroller Interface to 
the ADC12038 Families 

1.0 General Overview 

The ADC12038 families are 12-bit plus sign sampling ADC 
converters with serial I/O. These devices have configurable 
analog multiplexers with 2, 4, or 8 input channels. On re¬ 
quest, these A/Ds perform a self calibration routine that 
minimizes linearity, zero, and full-scale errors. To minimize 
power consumption these devices have a power down mode 
that can be accessed by hardware (PD pin) or by a software 
instruction. 

The serial I/O is configured to comply with the NSC 
MICROWIRE™ serial data exchange standard for easy in¬ 
terface to the COPS™ and HPC families of controllers, and 
can easily interface with standard shift registers and micro¬ 
processors. The conversion resolution can be selected by a 
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software instruction to be 8-bits, 8-bits-i-sign, 12-bits or 
12-bits-i-sign. 8-bit and 8-bit-i-sign conversions take less time 
than 12-bit and 12-bit+sign conversions (21 clock periods 
versus 44). In addition, selection of the output data format 
can be software programmable to be: 

1. 8-bits, 8-bits+sign, 12-bits, 12-bits-i-sign, 16-bits or 
16-bits+sign in length 

2. MSB or LSB first 

3. Left or Right justified 

There are three ADC12038 families: Low voltage. High 
speed and standard. Each family includes four different com¬ 
binations of analog inputs and features as summarized in 
Table 1. 


TABLE 1. Summary of the Differences of the Devices in the Three ADC12038 Families 


Device 

Number 

Operating 

Supply 

Voltage 

and Power 

Dissipation 

— 

Maximum 

Clock 

Frequency 

(MHz) 

Maximum 

Sampling 
Rate (kHz) 

Number 

of MUX 

Inputs 

MUX OUT 

and 

A/D IN 

Pins 

Hardware 

Power 

Down 

Control 

(PD Pin) 

Package Size 
and Type 

ADC12030 

5V ±10% 33 

mW (max) @5V 

5 MHz 

73 kHz 

2 

NO 

NO 

16-pin DIP & SO 

ADC12032 

2 

YES 

NO 

20-pin DIP & SO 

ADC12034 

4 

YES 

YES 

24-pin DIP & SO 

ADC12038 

8 

YES 

YES 

28-pin DIP & SO 

ADC12L030 

3.3V ±10% 

15 mW (max) 
@3.3V 

2 

NO 

NO 

16-pin DIP & SO 

ADC12L032 

2 

YES 

NO 

20-pin DIP & SO 

ADC12L034 

4 

YES 

YES 

24-pin DIP & SO 

ADC12L038 

8 

YES 

YES 

28-pin DIP & SO 

ADC12H030 

5V ±10% 36 

mW (max) @5V 

8 MHz 

116 kHz 

2 

NO 

NO 

16-pin DIP & SO 

ADC12H032 

2 

YES 

NO 

20-pin DIP & SO 

ADC12H034 

4 

YES 

YES 

24-pin DIP & SO 

ADC12H038 

8 

YES 

YES 

28-pin DIP & SO 


Throughout this application note we will refer to the 
ADC12038. Any of this information will also apply to all the 
devices in the ADC12038 families. The device data sheets 
should be used in conjunction with this application note to 
help you understand the operation of these devices. The 
scope of this application note will focus on the digital inter¬ 
face. A brief overview of the digital functionality of these 
devices is included. 


1.1 THE SERIAL INTERFACE 

The ADC12038 families of analog-to-digital converters can 
be programmed for many modes of operation through their 
serial digital interface. The serial interface for the ADC12038 
is co mprise d of the digital control lines SCLK, CS, DO, Dl, 
EOC, DOR, PD and CONV. Table 2 gives a brief pin descrip¬ 
tion for each of these control lines. 
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1.0 General Overview (continued) 


TABLE 2. Digital Control Pin Descriptions 

Pin 

Name 

Description 

SCLK 

This IS the serial data clock input. The clock applied to this input controls the rate at which the serial data 
exchange occurs. With OS low the rising edge of SCLK loads the information on the Dl pin into the multiplexer 
address and mode select shift register. This address controls which channel of the analog input multiplexer 
(MUX) is selected and the mode of operation for the ADC. With CS low the falling edge shifts of SCLK the data 
resulting from the previous ADC conversion out on DO, with the exception of the first bit of data. When CS is 
low continuously, the first bit of the data is clocked out on the rising edge of EOC (end of conversion). When CS 
is toggled the falling edge of ^ always clocks out the first bit of data. CS should be brought low when SCLK is 
low. 


This is the chip select pin. When a logic low is applied to this pin the device is selected, activating the DO, Dl, 
and SCLK serial interface lines. The falling edge of ^ resets a conversion in progress and starts the sequence 
for a new conversion. When CS is brought low during a conversion in progress, the conversion is prematurely 
ended and the data in the output latches may be corrupted, requiring the data output at this time to be ignored. 

CS should be brought low when SCLK is low. 

Dl 

The data input pin. The data applied to this pin is shifted by the rising edge of SCLK into the multiplexer 
address and mode select register. Tables 4, 5, 6, 7 show the assignments of the multiplexer address and the 
mode select data. 

DO 

The data output pin. This pin is an active push/pull output when CS is Low. When CS is High this output is in 
TRI-STATE. The ADC conversion result and converter status data are clocked out by the falling edge of SCLK 
on this pin. 

EOC 

This pin is an active push/pull output and indicates the status of the device. When Low, it signals that the ADC 

IS busy with a conversion, auto-calibration, auto-zero or power down cycle. The rising edge of EOC signals the 
end of one of these cycles. 

DOR 

This IS the data output ready pin. This pin is an active push/pull output. It is useful only when CS is toggled. 

CONV 

A logic Low is required on this pin to program any mode or change the ADC’s configuration (12-bit conversion, 

8-bit conversion. Auto Cal, Auto Zero etc.) as listed in the Mode Programming Table {Table 4). When this pin is 
high the ADC is placed in the read data only mode. While in the read data only mode, bringing CS low and 

Pulsing SCLK will only clock out on DO any data stored in the ADCs output shift register. The data on Dl will be 
neglected. A new conversion will not be started and the ADC will remain in the mode and/or configuration 
previously programmed. Read data only cannot be performed while a conversion, Auto-Cal or Auto-Zero are in 
progress. 

PD 

This is the power down pin. When PD is high, the ADC is powered down; when PD is low, the ADC is powered 
up. 
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1.0 General Overview (Continued) 

The interplay of these lines can be graphically seen in the 
timing diagram of Figure 1. 

The chip select pin (CS) enables the logic inputs and DO 
output Eight bits of data that control the ADC are clocked in 
on the digital input pm (Dl) by the rising edge of the serial 
clock (SCLK) when CS is low. Taking CS will output the first 
bit of data (DBO) on DO. While CS is low, the falling edge of 
SCLK clocks the data out on the digital output pin (DO). CS 
should only be broug ht low w hen SCLK is low Th e func tions 
of the convert input (CONV ), data output ready (DOR) and 
end of conversion output (EOC) pins are covered in more 
detail in the data sheet. The simplest interface to the 


ADC12038 requi res only 4 control lines: DO, Dl, SCLK and 
CS F or this case CONV and PD are grounded and EOC and 
DOR outputs are not used 

1.2 THE SERIAL OUTPUT WORD FORMAT 

The diagram in Figure 2 shows a 16-bit serial output word. 
The ADC12038 family can be programmed to provide un¬ 
signed output data in 8-bit, 12-bit, or 16-bit word lengths or 
signed data in 9-bit, 13-bit, or 17-bit word lengths The data 
format can be right- or left-justified, MSB or LSB first. Tabie 

3 summarizes the available serial output data formats. Tabie 

4 describes the serial input word required to select the 
available serial output data formats. 
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FIGURE 1. Timing Diagram for a 12-Bit Plus Sign Conversion with a 16-Bit Serial Output Word Format on DO 
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1.0 General Overview (continued) 

TABLE 3. Data Out Formats 

DO Formats 

DBO 

DB1 

DB2 

DB3 

DB4 

DBS 

DB6 

DB7 

DB8 

DB9 

DB10 

DB11 

DB12 

DB13 

DB14 

DB15 

DB16 

with 

Sign 

MSB 

First 

17 

Bits 

Sign 

Sign 

Sign 

Sign 

Sign 

MSB 

10 

9 

8 

7 

6 

5 

4 

3 

2 

1 

LSB 

13 

Bits 

Sign 

MSB 

10 

9 

8 

7 

6 

5 

4 

3 

2 

1 

LSB 





9 

Bits 

Sign 

MSB 

6 

5 

4 

3 

2 

1 

LSB 









LSB 

First 

17 

Bits 

LSB 

1 

2 

3 

4 

5 

6 

7 

8 

9 

10 

MSB 

Sign 

Sign 

Sign 

Sign 

Sign 

13 

Bits 

LSB 

1 

2 

3 

4 

5 

6 

7 

8 

9 

10 

MSB 

Sign 





9 

Bits 

LSB 

1 

2 

3 

4 

5 

6 

MSB 

Sign 









without 

Sign 

MSB 

First 

16 

Bits 

0 

0 

0 

0 

MSB 

10 

9 

8 

7 

6 

5 

4 

3 

2 

1 

LSB 


12 

Bits 

MSB 

10 

9 

8 

7 

6 

5 

4 

3 

2 

1 

LSB 






8 

Bits 

MSB 

6 

5 

4 

3 

2 

1 

LSB 










LSB 

First 

16 

Bits 

LSB 

1 

2 

3 

4 

5 

6 

7 

8 

9 

10 

MSB 

0 

0 

0 

0 


12 

Bits 

LSB 

1 

2 

3 

4 

5 

6 

7 

8 

9 

10 

MSB 






8 

Bits 

LSB 

1 

2 

3 

4 

5 

6 

MSB 










The falling edge of SCLK strobes out the digital word on DO 1.3 SELECTING OUTPUT WORD FORMAT AND MODE 

when CS is low. The digital word length will vary in accord While CS is low, the rising edge of SCLK strobes in the data 

with the digital word format. Thus for 8-bits -h sign resolution bits DI0-DI7 on the Dl control line. For the ADC12038, the 

9 clock cycles are required. values of DI0-DI7 determine the digital output word format, 

As shown in the timing diagram {Figure 1), the acquisition mode select, and multiplexer configuration. For the 

time (the period of time during which the analog input is ADC12034, 7 bits of data (DI0-DI6) are required. The 

being sampled) starts on the falling edge of the last data ADC12032, and ADC12030 require only 6 bits of data 

clock cycle. For 16 bits of data that would be the 16th clock; (DI0-DI5). Mode Select determines the number of clock 

for 8 bits of data that would be the 8th clock. The length of periods for the acquisition time (tA), software power up/ 

the acquisition time may be programmed by the user with an down. Auto Cal, Auto Zero and other functions as shown in 

instruction, (see Table 4). The acquisition time can be set to Table 4. 

6, 10, 18, or 34 CCLK cycles. 
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1.0 General Overview (Continued) 


TABLE 4. Mode Programing 


ADC12038 

DIO 

DM 

DI2 

DI3 

DI4 

DI5 

DIG 

DI7 

Mode Select 
(Current) 

DO Format 
(next Conversion 
Cycle) 

ADC12034 

DIO 

DM 

DI2 


DI3 

DI4 

DI5 

DI6 

ADC12030 

and 

ADC12032 

DIO 

DM 



DI2 

DI3 

DI4 

DI5 


MUX Address 

see Tables 5, 6 or 
Table 7 

L 

L 

L 

L 

12-Bit Conversion 

12- or 13-Bit MSB First 

MUX Address 

see Tables 5, 6 or 

Table 7 

L 

L 

L 

H 

12-Bit Conversion 

16-Bit MSB First 

MUX Address 

see Tables 5, 6 or 

Table 7 

L 

L 

H 

L 

8-Bit Conversion 

8- or 9-Bit MSB First 

L I L I L I L 

L 

L 

H 

H 

12-Bit Conversion of Full-Scale 

12- or 13-Bit MSB First 

MUX Address 

see Tables 5, 6 or 

Table 7 

L 

H 

L 

L 

12-Bit Conversion 

12- or 13-Bit LSB First 

MUX Address 

see Tables 5, 6 or 
Table 7 

L 

H 

L 

H 

12-Bit Conversion 

16-Bit LSB First 

MUX Address 

see Tables 5, 6 or 
Table 7 

L 

H 

H 

L 

8-Bit Conversion 

8- or 9-Bit LSB First 

L 

L 

L 

L 

L 

H 

H 

H 

12-Bit Conversion of Offset 

12- or 13-Bit LSB First 

L 

L 

L 

L 

H 

L 

L 

L 

Auto Cal 

No Change 

L 

L 

L 

L 

H 

L 

L 

H 

Auto Zero 

No Change 

L 

L 

L 

L 

H 

L 

H 

L 

Power Up 

No Change 

L 

L 

L 

L 

H 

L 

H 

H 

Power Down 

No Change 

L 

L 

L 

L 

H 

H 

L 

L 

Read Status Register (LSB First) 

No Change 

L 

L 

L 

L 

H 

H 

L 

H 

Data Out without Sign 

No Change 

H 

L 

L 

L 

H 

H 

L 

H 

Data Out with Sign 

No Change 

L 

L 

L 

L 

H 

H 

H 

L 

Acquisition Time—4 CCLK Cycles 

No Change 

L 

H 

L 

L 

H 

H 

H 

L 

Acquisition Time—8 CCLK Cycles 

No Change 

H 

L 

L 

L 

H 

H 

H 

L 

Acquisition Time —16 CCLK Cycles 

No Change 

H 

H 

L 

L 

H 

H 

H 

L 

Acquisition Time—32 CCLK Cycles 

No Change 

L 

L 

L 

L 

H 

H 

H 

H 

User Mode 

No Change 

H 

L 

L 

L 

H 

H 

H 

H 

Test Mode 

(CH1-CH7 become Active Outputs) 

No Change 


Note: The A/D powers up with No CAL, No Auto-Zero, 10 CCLK Cycles Acquisition time, sign bit on, 13-bit MSB First format, power up, and user mode 
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1.0 General Overview (Continued) 

1.4 MULTIPLEXER ADDRESSING 

The analog input channel configuration is selected during 
mode programming using the “MUX address” bits in Table 4. 
These bits and their effects are defined in Tables 5, 6, 7. 


TABLE 5. ADC12038 Multiplexer Addressing 


MUX 

Address 

Analog Channel Addressed and Assignment 

with AID INI tied to MUXOUT1 

and A/D IN2 tied to MUXOUT2 

A/D Input 
Polarity 
Assignment 

Multiplexer 
Output Channel 
Assignment 

Mode 

DIO 

Dll 

DI2 

DI3 

CHO 

CHI 

CH2 

CH3 

CH4 

CHS 

CH6 

CH7 

COM 

/UD 

A/D 

MUXOUT1 

MUXOUT2 















INI 

IN2 




L 

L 

L 

L 

-1- 

- 








-1- 

- 

CHO 

CHI 


L 

L 

L 

H 



+ 

- 






+ 

- 

CH2 

CHS 


L 

L 

H 

L 





-1- 

- 




-1- 

- 

CH4 

CHS 


L 

L 

H 

H 







+ 

- 


-f- 

- 

CH6 

CH7 

Differential 

L 

H 

L 

L 

- 

-1- 








- 

+ 

CHO 

CHI 


L 

H 

L 

H 



- 

+ 






- 

4- 

CH2 

CHS 


L 

H 

H 

L 





- 

+ 




- 

+ 

CH4 

CHS 


L 

H 

H 

H 







- 

-1- 


- 

+ 

CH6 

CH7 


H 

L 

L 

L 

-1- 








- 

+ 

- 

CHO 

COM 


H 

L 

L 

H 



+ 






- 

+ 

- 

CH2 

COM 


H 

L 

H 

L 





-1- 




- 

+ 

- 

CH4 

COM 


H 

L 

H 

H 







-1- 


- 

+ 

- 

CH6 

COM 

Single-Ended 

H 

H 

L 

L 


+ 







- 

+ 

- 

CHI 

COM 


H 

H 

L 

H 




+ 





- 

+ 

- 

CH3 

COM 


H 

H 

H 

L 






+ 



- 

-1- 

- 

CHS 

COM 


H 

H 

H 

H 








-1- 

- 

-1- 

- 

CH7 

COM 



TABLE 6. ADC12034 Multiplexer Addressing 
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MUX 

Address 

Analog Channel Addressed 
and Assignment 

with A/D INI tied to MUX0UT1 

and A/D IN2 tied to MUX0UT2 

A/D Input 
Polarity 
Assignment 

Multiplexer 

Output Channel 
Assignment 

Mode 

DIO 

DU 

CHO 

CHI 

COM 

A/D IN1 

A/D IN2 

MUX0UT1 

MUX0UT2 


L 

L 

-1- 

- 


+ 

- 

CHO 

CHI 

Differential 

L 

H 

- 

+ 


- 

+ 

CHO 

CHI 


H 

L 

+ 


- 

-i- 

- 

CHO 

COM 

Single- 

H 

H 


+ 

_I_ 

+ 

- 

CHI 

COM 

Ended 


1.0 General Overview (Continued) 

TABLE 7. ADC12032 and ADC12030 Multiplexer Addressing 


Note: MUXOUT1, MUXOUT2, A/D IN1 and A/D IN2 pins are not available on the ADC12030 A/D IN1 is tied internally to MUXOUT1 A/D IN2 is tied internally to 
MUXOUT2 


As can be seen in the tables, 4, 3 or 2 bits of the serial digital 
input word control the channel selection. These bits are part 
of an 8-, 7-, or 6-bit serial word that controls the function of 
the devices. 

1.5 STATUS REGISTER DEFINITION 

On request, the ADC12038 provides status information indi¬ 
cating power up or power down status, output data format, 
Auto-Cal status, and User/Test Mode status. Table 8 defines 
the digital output data obtained after requesting a “Status 
Read”. 

When CS is used it is not necessary to clock all the status 
bits out. CS may be brought high at any time to restart a new 
serial data communication. 

1.6 PROGRAMMING PROCEDURE 

The example in Figure 2 shows a typical sequence of events 
after power is applied to the ADC12038: 



FIGURE 2. Typical Instruction 
Sequence after Power Up 


The first instruction to the ADC via Dl initiates Auto Cal. The 
data output on DO at that time is meaningless and is com¬ 
pletely random. To obtain the specified accuracy of the de¬ 
vice it is necessary to issue an Auto Cal instruction after the 
power supply and reference voltage to the device have been 
given enough time to stabilize. The Auto Cal instruction 
initiates an internal calibration sequence without which the 
specified accuracy of the device would be unattainable. To 
determine whether the Auto Cal has been completed, a 
Read Status instruction is issued to the device Again, the 
data obtained while issuing the Read Status instruction has 
no significance since the Auto Cal instruction modifies the 
data in the output shift register. To retrieve the status infor¬ 
mation an additional read status instruction is issued to the 
ADC. At this time the status data is available on DO. If the 
Cal signal in the status word is low. Auto Cal has been 
completed. Therefore, the next instruction issued can start a 
conversion. The data output, while clocking in the “start 
conversion request”, is again status information. Status can 
not be read during a conversion. To preserve the integrity of 
the A/D conversion, there is no end of conversion bit in the 
status word. If CS is brought low during a conversion, that 
conversion is stopped and never completed. EOC can be 
used to determine the end of a conversion or the A/D con¬ 
troller can keep track in software of when it would be appro¬ 
priate to communicate to the A/D again. Once it has been 
determined that the A/D has completed a conversion another 
instruction can be transmitted to the A/D. The data from this 
conversion can be accessed when the next instruction is 
issued to the A/D 
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1.0 General Overview (Continued) 

TABLE 8. Status Register 


Status 

Bit 

Location 

DBO 

DB1 

DB2 

DB3 

DB4 

DBS 

DB6 

DB7 

DB8 

Status 

Bit 

PU 

PD 

Cal 

8 or 9 

12 or 13 

16 or 17 

Sign 

Justification 

Test Mode 


Device Status 

DO Output Format Status 


Function 

“High” 
indicates a 
Power Up 
State 

“High” 
indicates a 

Power 

Down 

State 

“High” 

indicates 

an 

Auto-Cal 
Sequence 
is in 

progress 

“High” 

indicates 

an 8- or 

9-bit 

format 

“High” 
indicates a 

12- or 

13- bit 

format 

“High” 
indicates a 

16- or 

17- bit 

format 

“High” 

indicates 

that the 
sign bit is 
included. 

When 
“Low”, the 
sign bit is 
not 

included. 

When “High”, the 
conversion result will 
be output MSB first. 
When “Low”, the 
result will be output 
LSB first. 

When 
“High”, the 
device is 

in test 

mode. 

When 
“Low”, the 
device is 

in user 

mode. 
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2.0 General Flow Chart for a Microcontroller Interface 

Below is a flow chart that can be used for a microcontroller The timing diagrams shown to the right are suggested for 

interface to the ADC12038. The data required by the each instruction issued to the ADC. 

ADC12038 is given in parentheses. 



_n_jn_jn_jn_jn_jn_jn_^_ 

«-i_r 

Dl 0|0|0|0|1|110|0 

DO '^' .X. I . x"l"o I X I x' l x . r'x I X 


csT_r 

Dl MIMIIIFTTniT — 
PP M 111 I.. 
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FIGURE 3. ADC12038 Program Flow Chart and Timing 
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3.0 Examples of Microcontroller Hardware Implementations 


3.1 THE 68HC11 

Figure 4 shows the hardware interface to a Motorola 
M68HC11 microcontroller. Motorola’s SPI (Serial Peripheral 
Interface) SCK, MISO, and MOSI lines are directly tied to the 
SCLK, DO and PI of the ADC12038. Port B bit 0 is used to 
generate the CS to the ADC. 



01197304 


FIGURE 4. 68HC11 ADC12038 Hardware Interface 


3.2 NATIONAL’S HPC AND COP 

The serial I/O for these devices is configured to comply with 
the NSC MICROWIRE™ serial data exchange standard for 
easy interface to the COPS™ and HPC™ families of control¬ 
lers. The output data format is software-programmable, mak¬ 
ing the serial interface extremely flexible and an ideal choice 
for many applications. Shown in Figure 5 is an implementa¬ 
tion of an National Semiconductor HPC microcontroller in¬ 
terface. The SK (Serial clocK), SI (Serial Input data) and SO 
(Serial Output data) lines of the HPC, used in Nationals 
MICROWIRE interface, are tied directly to the ADC12038. 
Port B, bit 6 is used to generate a CS for the ADC. 




ADC12038 

SK 

-► 

SCLK 

HPC 



SI 

◄- 

DO 

so 

- ► 

Dl 

^6 

- ► 




5 MHz for ADC12038 

PD 

and ADC12L038 




CONV 
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FIGURE 5. HPC to ADC12038 Hardware Interface 


3.3 THE 8051 

Figure 6 shows the ADC12038 connected to an Intel 8051. 
The 8051 serial interface does not support the protocol of the 
serial interface for this device. Therefore three port lines 
from the 8051 (P1.0, P1.1 and PI .2) can be used to talk to 
the ADC. The software toggles these lines directly to form 
the signals necessary to control the ADC. 





ADC12038 

P1.0 


-► 

SCLK 

8051 




P1.2 

◄- 


DO 

P1.2 


-► 

Dl 


1 


CS 

8 MHz for ADC12H038 - 

-► 

CCLK 

5 MHz for ADC12038 


pn 

and ADC12L038 



r u 


J 

- 

CONV 
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FIGURE 6. 8051 ADC12038 Hardware Interface 


4.0 68HC11 SPI Interface 

This section will describe in detail an SPI interface to the 
ADC12038. Figure 7, shown below, is a detailed schematic 
of the interface. The Motorola M68HC11EVB evaluation 
board was used to verify the program included at the end of 
this section. Therefore, the schematic shown here shows the 
connections required to the 68HC11 evaluation board. 

4.1 68HC11 SPI PORT AND REGISTER INITIALIZATION 
FOR THE ADC12038 

The 68HC11 SPI (Serial Peripheral Interchange) interface is 
ideal for driving the ADC12038. The SCK, MISO, and MOSI 
lines of th^PI tie directly to the SCLK, DO and Dl lines of 
the ADC. CS for the ADC is generated using a line of the 
68HC11’s output port B. Here is a brief overview of the 
68HC11 ports and registers used by the SPI. 

The 68HC11 has four I/O ports. Port D can be set up as a 
general purpose I/O port or it can be used for the SPI 
interface and SCI (Serial Control Interface). The signal as¬ 
signments for port D when used for SPI or SCI follow: 


PD7 

PD6 

PD5 

PD4 

PD3 

PD2 

PD1 

PDO 

X 

X 

SS 

SCK 

MOSI 

MISO 

TXD 

RXD 


SS (Slave Select), SCK (Serial ClocK), MOSI (Master Out¬ 
put Slave Input), MISO (Master Input Slave Output) are used 
for the SPI. SCI uses TXD and RXD. 

There are two registers in the 68HC11 that need to be 
initialized; the DDRD (Data Direction Register for port D) and 
the SPCR (Serial Peripheral Control Register). 
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4.0 68HC11 SPI Interface (Continued) 

4.1.1 DDRD 

If ones are placed in the locations corresponding to the 
signal assignments for port D, those signals will be selected 
as outputs (except for the SS location). A one placed in the 
SS location disables that function. The SS input can be used 
for synchronizing master/slave communications between 
68HC11S on the SPI bus. If SS is enabled and the 68HC11 is 
set as master then the SS input should be hard wired to a 
logical “high” for our case. Shown below is the data required 
to initialize DDRD for the ADC12038 interface. SS is dis¬ 
abled; SCK and MOSI are set as outputs, MISO is set as an 


input. TXD and RXD are not used but are set as input and 
output. 


PD7 

PD6 

PD5 

PD4 

PD3 

PD2 

PD1 

PDO 

X 

X 

I 

1 

1 

1 

0 

1 

0 


DDRD resides at address i009. On the 68HC11 development 
board this address is 1009. All register addresses on the 
development board start at 1000. 0000 through OFFF are 
used by the software that controls the development board. In 
an actual system the registers can be remapped to any 4k 
boundary by software 



To .01 To -1 mF +|io 

T T T 
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FIGURE 7. Detailed Schematic of ADC12038 to M68HC11EVB Interface 


4.1.2 SPCR 

On power up the SPI is disabled. The data stored in the 
SPCR (Serial Peripheral Control Register) controls how the 
SPI functions. SPCR resides at address 1028 for the devel¬ 
opment board. The table below summarizes the functions of 
the bits in this register. The SPIE (Serial Peripheral Interrupt 
Enable) bit when set to 1 allows the use of an interrupt to 
signal when an I/O exchange has completed. The SPE 
(Serial Peripheral Enable) bit when set to 1 enables the SPI. 
DWOM bit when set to 1 sets the outputs of port D to open 
drain. When this bit is low port D has totem pole outputs. 
MSTR bit controls whether this 68HC11 is a master or slave. 
When set to a 1 the 68HC11 is set as a master. In the slave 
mode SCK is an input. The CPOL and CPHA control the 


inactive level of the SCK output as well as which edge of the 
SCK output strobes the data out or in on the MISO or MOSI 
pins of port D. With both these bits set low the timing is as 
shown in Figure 8. 


BIT7 

BIT6 

BITS 

BIT4 

BIT3 

BIT2 

BIT1 

BITO 

SPIE 

SPE 

DWOM 

MSTR 

CPOL 

CPHA 

SPR1 

SPRO 

0 

1 

0 

1 

0 

0 

0 

0 


The 68HC11 clocks in the data on MISO using the rising 
edge of SCK. Data on MOSI changes on the falling edge of 
SCK. This timing matches what the ADC12038 expects. 
SPR1 and SPR2 control the frequency of SCK as shown in 
Table 9. 
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4.0 68HC11 SPI Interface (Continued) 


TABLE 9. SCK Frequency Control 


XTAL 

Frequency 

internal 

Processor 

Clock 

SCK 

Frequency 

internal 

Processor 

Clock 

Divide by 

SPR1 

SPRO 

8 MHz 

2 MHz 

1 MHz 

2 

0 

0 

8 MHz 

2 MHz 

500 kHz 

4 

0 

1 

8 MHz 

2 MHz 

250 kHz 

8 

1 

0 

8 MHz 

2 MHz 

125 kHz 

16 

1 

1 


The SPSR (SPI Status Register) logs the status of the SPI 
I/O interchange. The only bit that is of concern is the SPIF 
which when set signals that the SPI interchange is complete. 


BIT7 

BIT6 

BIT5 

BIT4 

BITS 

BIT2 

BIT1 

BITO 

SPIF 









SPDR (SPI Data Register) is an 8-bit register used to ex¬ 
change input and output data on the SPI. A write to this 
register will initiate an SPI exchange. The data input to the 
68HC11 after an SPI exchange will reside in this register. 
This register resides at address 1029 for the development 
system. 


SCK 


MOSI 


MISO 



FIGURE 8. SPI Timing Diagram Required for the ADC12038 
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4.0 68HC11 

SPI Interface 

(Continued) 




4.2 68HC11 Program Listing 







The following program listing follows the flow chart given in 




Section 2.0. 








0001^ 

******** 

*********** 

********** 

****** 

******************* 

*********************************** 



0002 



- 

Emmy 

Denton 

3/4/93 



0003 



* 






0004 



* 

ADC12 

•38 MC68HC11 SPI Interface 



0005 



* 






0006 



* 






0007 



* 

This 

program 




0008 



* 


1. Initializes 

the SPI interface 



0009 



* 


2. Starts a self calibration 



0010 



* 


3. Fills memory 

locations C200-C2FF with 



0011 



* 


conversions of 

CHO and CHI set up as single ended 



0012 



* 


12-bit +sign MSB first 



0013 

0014’* 

0015 

******** 

*********** 

********** 

****** 

******************* 

*********************************** 

** 


0016 

0081 


CHOCONV 

EQU 

%10000001 

ADC DI FOR CHO CONVERSION 



0017 

OOcl 


CHICONV 

EQU 

%11000001 

ADC DI FOR CHI CONVERSION 



0018 

0008 


CAL 

EQU 

$08 

ADC DI FOR CALIBRAITON 



0019 

OOOc 


STATUS 

EQU 

$oc 

ADC DI FOR STATUS READ 



0020 

clff 


STARTDATA EQU 

$C1FF 

START ADDRESS - 1 FOR CONVERSION 

RESULTS 

0021 

c2ff 


ENDDATA 

EQU 

$C2FF 

END ADDRESS FOR CONVERSION RESULTS 


0022 

1009 


DDRD 

EQU 

$1009 

DATA DIRECTION REGISTER ADDRESS 



0023 

1028 


SPCR 

EQU 

$1028 

SPI CONTROL REGISTER ADDRESS 



0024 

1029 


SPSR 

EQU 

$1029 

SPI STATUS REGISTER ADDRESS 



0025 

102a 


SPDR 

EQU 

$102A 

SPI DATA REGISTER ADDRESS 



0026 

1004 


PORTS 

EQU 

$1004 

PORT B ADDRESS 



0027 

1008 


PORTD 

EQU 

$1008 

PORT D ADDRESS (SPI OUTPUT) 



0028 









0029 









0030 

cOOO 



ORG 

$COOO 

STARTING ADDRESS OF PROGRAM* 



0031 









0032 









0033 









0034 









0035 









0036 



******* 






0037 



* 

INITIALIZE SPI INTERFACE 

PORT 



0038 



******* 






0039 

COOO 86 

20 


LDAA 

#$20 




0040 

c002 b7 

10 08 


STAA 

PORTD 

SET SCK TO 0, MISO TO 0, SS TO 1 



0041 









0042 

c005 86 

3a 


LDAA 

#$3A 

SET DDRD: DISABLE SS; SCK, MOSI, 

TXD 

- OUTPUTS; 

0043 

c007 hi 

10 09 


STAA 

DDRD 

MISO,RXD - INPUTS. 



0044 



* 






0045 

cOOa 86 

50 


LDAA 

#$50 

SET SPCR 



0046 

cOOc hi 

10 28 


STAA 

SPCR 




0047 









0048 









0049 









0050 









0051 









0052 



******* 






0053 



* 

INITIALIZE PORT B AND X 

INDEX REGISTER 



0054 



******* 






0055 

cOOf f6 

10 04 


LDAB 

PORTB 

PLACE PORT B DATA INTO ACC 8 



0056 

c012 ca 

01 


GRAB 

#$01 

(BIT 0 OF PORT B IS ADC CS) SET 

CS OF 

ADC HIGH 

0057 

c014 f7 

10 04 


STAB 

PORTB 




0058 

c017 ce 

cl ff 


LDX 

# STARTDATA 

SET X INDEX REGISTER TO START OF 

ADC 

DATA 

0059 



* 






0060 









0061 









0062 









0063 
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4.0 68HC11 SPI Interface 

(Continued) 



0064 





******* 






0065 





* 

ADC MAIN 

PROGRAM 



0066 





******* 






0067 





* 






0068 











0069 

cOla 

86 

08 


MAIN 

LDAA 


#CAL 



0070 

cOlc 

bd 

cO 

53 


JSR 


EBWRADC 

ACC A JUNK START CALIBRATION 


0071 

cOlf 

86 

Oc 



LDAA 


#STATUS 

READ STATUS 


0072 

c021 

bd 

cO 

53 


JSR 


EBWRADC 

JUNK IN ACCUMULATOR 


0073 





* 






0074 

c024 

86 

Oc 


CALWAIT 

LDAA 


#STATUS 



0075 

c026 

bd 

cO 

53 


JSR 


EBWRADC 

READ ADC STATUS 


0076 

c029 

84 

20 



ANDA 


#$20 

MASK STATUS BIT 


0077 

c02b 

26 

f7 



BNE 


CALWAIT 

IF Z=1 JUMP TO CALWAIT 


0078 





* 






0079 

c02cl 

86 

81 



LDAA 


#CHOCONV 



0080 

c02f 

bd 

cO 

53 


JSR 


EBWRADC 

START CHO CONVERSION DO IS JUNK 


0081 





* 






0082 





* 






0083 

c032 

86 

cl 


CONV 

LDAA 


#CH1C0NV 

START CHI CONVERSION 


0084 

c034 

bd 

cO 

6e 


JSR 


SBWRADC 



0085 











0086 

c037 

08 




I NX 





0087 

c038 

a7 

00 



STAA 


0,X 

STORE CHO DATA 


0088 

c03a 

08 




INX 





0089 

c03b 

e7 

00 



STAB 


0,X 



0090 











0091 

c03d 

86 

81 



LDAA 


#CHOCONV 

START CHO CONVERSION 


0092 

c03f 

bd 

cO 

6e 


JSR 


SBWRADC 



0093 











0094 

c042 

08 




INX 





0095 

c043 

a7 

00 



STAA 


0,X 

STORE CHI DATA 


0096 

c045 

08 




INX 





0097 

c046 

el 

00 


STAB 

0,X 





0098 











0099 

c048 

8c 

c2 

ff 


CPX 


#ENDDATA 

IS MEMORY FOR DATA FULL 


0100 

c04b 

26 

e5 



BNE 


CONV 

IF NOT DO ANOTHER 2 CONVERSIONS 


0101 

c04d 

ce 

cl 

ff 


LDX 


#STARTDATA 



0102 

c050 

01 




NOP 





0103 

c051 

01 




NOP 





0104 

c052 

01 




NOP 





0105 





* 






0106 






END 





0107 











0108 











0109 











0110 











0111 





******* 






0112 





* 

EBWRADC 

- Subroutine to Output/Input 8 bits to/from ADC (SPI port) 

0113 





* 

UPON 

ENTERING SUBROUTINe 

- ACCUMULATOR A HAS DATA TO OUTPUT 

TO ADC 

0114 





* 

UPON 

EXITING SUBROUTINE - 

ACCUMULATOR A HAS DATA FROM ADC 


0115 





******* 






0116 

c053 

f6 

10 

04 

EBWRADC 

LDAB 


PORTS 

READ PREVIOUSE SETTING OF PORTB 


0117 

c056 

c4 

fe 



ANDB 


#$FE 

SET CS LOW (BIT 0 OF PORTB) 


0118 

c058 

f7 

10 

04 


STAB 


PORTB 



0119 

c05b 

b7 

10 

2a 


STAA 


SPDR 

WRITE ACCUMULATOR A TO SPI PORT AND READ SPI 

0120 











0121 

c05e 

b6 

10 

29 

SPIWTA 

LDAA 


SPSR 

WAIT FOR SPI INTERFACE 


0122 

c061 

84 

80 



ANDA 


#$80 

AND RESET SPI FOR ANOTHER TIMING 

SEQUENCE 

0123 

c063 

27 

f9 



BEQ 


SPIWTA 



0124 











0125 

c065 

b6 

10 

2a 


LDAA 


SPDR 

LOAD SPI DATA INTO ACCUMULATOR A 


0126 

c068 

ca 

01 



ORAB 


#$01 

SET CS HIGH 


0127 

c06a 

f7 

10 

04 


STAB 


PORTB 



0128 

c06d 

39 




RTS 





0129 











0130 











0131 











0132 
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4.0 68HC11 SPI Interface (Continued) 


0133 





* 




0134 





******* 




0135 





* 

SBWRADC - Subroutine to Output/Input 16 bits to/from ADC (SPI port) 

0136 





* 

UPON 

ENTERING SUBROUTINE 

- ACCUMULATOR A and B HAVE DATA TO OUTPUT TO ADC 

0137 





* 

UPON 

EXITING SUBROUTINE - 

ACCUMULATOR A AND B HAVE DATA FROM ADC 

0138 





******* 




0139 









0140 









0141 

c06e 

f6 

10 

04 

SBWRADC 

LDAB 

PORTB 

READ PREVIOUS SETTING OF PORTB 

0142 

c071 

c4 

fe 



ANDB 

#$FE 

SET CS LOW (BIT 0 OF PORTB) 

0143 

c073 

fl 

10 

04 


STAB 

PORTB 


0144 

c076 

b7 

10 

2 a 


STAA 

SPDR 

WRITE ACCUMULATOR A TO SPI PORT AND READ BYTE 1 

0145 









0146 

C079 

b6 

10 

29 

SPIWTB 

LDAA 

SPSR 

WAIT FOR SPI INTERFACE 

0147 

c07c 

84 

80 



ANDA 

#$80 

AND RESET SPI FOR ANOTHER TIMING SEQUENCE 

0148 

c07e 

27 

f9 



beq 

SPIWTB 


0149 









0150 

c080 

f6 

10 

2a 


LDAB 

SPDR 

LOAD SPI DATA (BYTE 1) INTO ACCUMULATOR B 

0151 

c083 

b7 

10 

2a 


STAA 

SPDR 

WRITE ACCUMULATOR A TO SPI PORT AND READ BYTE 2 

0152 









0153 

c086 

b6 

10 

29 

SPIWTC 

LDAA 

SPSR 

WAIT FOR SPI INTERFACE 

0154 

c089 

84 

80 



ANDA 

#$80 

AND RESET SPI FOR ANOTHER TIMING SEQUENCE 

0155 

o 

o 

CO 

cr 

27 

f9 



BEQ 

SPIWTC 


0156 









0157 

c08d 

b6 

10 

04 


LDAA 

PORTB 

SET CS HIGH 

0158 

c090 

8a 

01 



ORAA 

#$01 


0159 

c092 

b7 

10 

04 


STAA 

PORTB 


0160 

c095 

b6 

10 

2a 


LDAA 

SPDR 

LOAD SPI DATA (BYTE 2) INTO ACCUMULATOR A 

0161 









0162 

c098 

39 




RTS 



0163 





* 
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Tiny Temperature Sensors 
for Portable Systems 



The last year has seen the introduction of silicon tempera¬ 
ture sensors in revolutionary small packages, ideal for por¬ 
table systems. This brief will discuss trade-offs in accuracy, 
as well as how to choose between thermistors and analog 
output IC temperature sensors. Figure 1 shows the output 
voltage transfer function of various analog output tempera¬ 
ture sensors. These sensors are available in tiny packages 
like the SC70 and the 4-bump micro SMD. The LM20 is the 
smallest, lowest power (10pA max) analog output tempera¬ 
ture sensor National Semiconductor has released and is 
available in the SC70 and micro SMD packages. The LM70 
and LM74 are MICROWIRE/SPI compatible digital tempera¬ 
ture sensors and are available in the LLP and 8-bump micro 
SMD packages, respectively. The LM70 and LM74 have 
resolutions of 0.125°C and 0.0625°C, respectively. The 
LM74 is the most accurate of the two, with an accuracy of 
better than ±1.25°C. 



-50 0 50 100 150 

TEMPERATURE (°C) 


20054601 


FIGURE 1. Comparison of analog temperature 
sensors to thermistors 

The curves shown in Figure 1 compare the 
temperature-to-voltage transfer functions of silicon tempera¬ 
ture sensors with that of an NTC thermistor. 

Thermistors come in a variety of packages ranging from 
probes to beads. However ICs have surface mount packag¬ 
ing equivalent to thermistors, as in the LM20 micro SMD. 


3 3V ±10% 3 3V ±10% 2 5V±1% 



20054602 


FIGURE 2. Connecting a thermistor or 
an LM20 to an ADC 

Thermistors, when biased ratiometrically (as shown in Figure 
2), have the advantage of not requiring an accurate or stable 
voltage reference in the system. In ratiometric operation, the 
error introduced by the reference is cancelled out. If ratio- 
metric operation is not possible, for instance when the ADC 
reference voltage is in an ASIC and is not pinned out, using 
ICs like the LM20 will result in better total system accuracy. 
The LM20 draws only 10pA of current while the current 
drawn by the thermistor circuit depend on the value of R. 
We analyzed a specific thermistor, the Murata 
NTH5G10P/16P33B103F. This thermistor has an accuracy 
of 1% at 25°C. The evaluation used ADCs with various 
resolutions to examine the overall system accuracy which 
depends on the resolution of the ADC, the ADC’s errors 
(gain, offset and nonlinearity or TUE, total unadjusted error) 
and the resolution of the compensation table. 

Figure 3 shows the voltage applied at the ADC input for the 
thermistor circuit shown in Figure 2. Note that the ADC input 
voltage decreases logarithmically with increasing tempera¬ 
ture. The 97.6k resistor optimizes the power dissipation 
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(30pA) in the thermistor. It allows the thermistor to operate at 
a power level not exceeding its maximum power rating while 
maintaining specified accuracy. 
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FIGURE 3. Thermistor output voltage vs. 
temperature for different values of R 

Lowering the value of R will increase the temperature range 
over which the thermistor’s transfer function is linear. With a 
4.7k bias resistor, the slope at higher temperatures in¬ 
creases, providing more resolution, at the cost of greater 
power consumption (600pA) 

Figure 4 compares the overall system accuracy when using 
a thermistor with an 8-bit ADC and R=100k, a thermistor with 
a 10-bit ADC and R=33k, or an LM20 with an 8-bit ADC. The 
quantization error and ADC Total Unadjusted Error (a com¬ 
bination of offset, gain and linearity errors) was considered 
to determine the overall system accuracy. The black lines 
show the min/max system performance of the LM20 super¬ 
imposed over the blue min/max performance of the ther¬ 
mistor. Overall system accuracy for the LM20 remains con¬ 
stant over temperature. At temperatures above 60°C the 
LM20 wins big when compared to the performance of the 
thermistor and 8-bit ADC! 
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FIGURE 4. Comparison of Thermistor to LM20 
System Performance 

Increasing the ADC resolution and decreasing the value of R 
in the thermistor circuit decreases the overall system error. 
Improving the accuracy of the voltage reference will bring the 
LM20 system accuracy closer to that of the specifications 
found on the LM20 data sheet of ±2.5°C at +130°C and 
-55’C, and ±1.5°C at +30°C. Since the output slope of the 
LM20 is negative, the gain error introduced by the reference 
voltage plays less of a role in the overall accuracy as the 
temperature increases, thus the slight negative slope of the 
LM20 performance. 

Designers have numerous options for sensing temperature. 
Most common are thermistors, RTDs, thermocouples, and 
active silicon sensors. 1C sensors have major advantages 
when the temperatures to be measured fall within the normal 
operating temperature range of silicon ICs. Among these 
advantages are low system cost, small size, and fast design 
time (because external signal conditioning circuitry is either 
minimal or not required). ICs can include extensive addi¬ 
tional functions, such as built-in trip-point comparators or 
digital I/O. Since they include on-chip linearity correction 
when needed, there is no need for lookup tables to correct 
linearity errors. 
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Autonomous Fan Control 
for Processor Systems 
Using the LM85 

To lower cost, many embedded processor systems include a 
hardware monitor for rudimentary system diagnostics. This 
helps ensure that the right person is sent to fix the problem 
with proper replacement parts. The system diagnostics in¬ 
clude detection of power supply over/under voltage, system 
fan malfunction, and system component overheating. 

Many processor systems require fans because of the heat 
produced by the processor and other components. The 
noise from these fans can be a nuisance to users. Many 
methods can be used to control noise level, the most obvi¬ 
ous being controlling the fan speed. 

The LM85 hardware monitor includes three PWM outputs 
that can be used to control fan drive circuitry. In addition, the 
LM85 features the ability to monitor five different power 
supply voltages, four fan tachometer outputs, and one set of 
processor voltage regulator module VID outputs. 

The PWM outputs can be automatically controlled using 
three different temperature zones. The temperature of two of 
these zones is sensed by two remote thermal diode con¬ 
nected transistors, while the third zone is the LM85 die 
temperature. 

A system error can be determined by polling the LM85’s 
status registers. The LM85 includes high and low-limit reg- 
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isters for all measured values. Comparison of a measured 
value with its high and low-limit automatically sets or clears a 
bit in the status register. 

Figure 1 shows the typical connection of an LM85 in a 
system. The LM85 communicates with the system using a 
simple 2-wlre serial interface that is compatible with the 
SMBus 2.0 interface. Note that one of the remote thermal 
diodes is on the processor die. This diode is the parasitic 
PNP found in all CMOS processes. This particular one has 
been characterized to work with the LM85. The diode ther¬ 
mal sensor can be implemented on any CMOS ASIC and 
made to work after careful characterization of the thermal 
diode. 

For more information on the error sources when using diode 
thermal sensors see the archived seminar titled “Thermal 
Management for High-Performance Processor Systems” 
found at: http://www.national.com/onlineseminar/. 

The PWM fan drive uses a simple 2N2222 NPN transistor. 
Since the LM85 has four tach inputs and only three PWM 
outputs, PWM3 is shared by two tans. 



+3.3V +12V 
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The only drawback of this circuit is that the voltage drop 
across the 2N2222 in saturation will cause a lower maximum 
speed on the fan because the fan will not see a full 12V. This 
can be improved by replacing the bipolar transistor with a 
MOSFET, but then the cost goes up. Placing a slightly larger 
fan in the system is another solution, and it will also lower the 
noise generated by the fan. Another issue crops up when 
trying to monitor the speed when using the fan’s tachometer 
output. Chopping the power supply of the fan with the PWM 
output can also distort the tach signal, particularly at the high 
PWM frequencies and/or low duty cycles. Since the GND will 
be going to a very high impedance when the 2N2222 is 
turned off, at high PWM frequencies and/or low duty cycle 
the tachometer signal will get distorted. Figure 2 shovjs what 
happens when the PWM frequency is too high. The top trace 
shows the PWM collector base drive of the 2N2222. The 
bottom trace is the fan’s tachometer output. 



FIGURE 2. Fan Tachometer Output with 
PWM Fan Speed Control 


The LM85 has two techniques for overcoming this problem. 
For example, when using a 30 Hz PWM frequency the 
minimum accurate speed that can be measured is approxi¬ 
mately 2500 RPM. With the LM85’s special circuitry, this is 
extended much lower, to approximately 420 RPM. 

The LM85’s autonomous fan control is based on a linear 
relationship between the measured temperature and a PWM 
output. The registers that are used for fan control are shown 
in Figure 3. The Fan Temp Limit sets the temperature at 
which the PWM output will start to increase. The Range sets 
the temperature at which 100% PWM is achieved. The PWM 
will change linearly from a minimum (set at Fan Temp Limit) 
to 100% (at Fan Temp Limit + Range). As temperature 
decreases, the PWM output will be at the minimum setting 
when the temperature reading is less than (Fan Temp Limit - 
Hysteresis). The minimum PWM can be set to any level. 
When the Absolute Limit is exceeded, the other two PWM 
outputs will be set to 100% duty cycle. Each PWM output 
can be assigned to any temperature zone, the hottest of one, 
two, or all three. 


Fan Temp Limit 

- Hysteresis Fan Temp 
(0°Cto15°C) Limit 
(6Dh-6Eh) (67h-69h) 


Fan Temp Limit 

+ Range Absolute 

(Z'C to SOX) Limit 

(5Fh-61h) (6Ah-6Ch) 






Min PWM 
Or 

Off 


PWM Duty Cycle 
Linearly Increasing 


PWM Duty Cycle 
Linearly Decreasing 








Zone X PMW Zone x PMW 
Set To Min Set To Min 
Fan Speed Fan Speed 
(64h-66h) (64h-66h) 


Zone x All Zones 

PMW Set PWM Set 

To 100% To 100% 
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FIGURE 3. LM85 Fan Control Registers 
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Power Supply Effects on 
Noise Performance 
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Understanding the PSRR (Power Supply Rejection Ratio) of 
analog circuits is an important step to improving overall 
mixed-signal system performance. Once you know the ef¬ 
fects of PSRR, you can compensate for them. The fact is 
that the PSRR of analog circuits, including ADCs (Analog- 
to-Digital Converters), DACs (Digital-to-Analog Converters) 
and op amps, is usually much worse at high frequencies 
than the DC PSRR generally seen on data sheets. 

Why the Apparent Discrepancy? 

The reason for the apparent discrepancy is the fact that most 
products’ PSRR specification indicates the variation in a 
particular parameter for a given change in DC power supply 
voltage. For example, an ADC may specify the PSRR as the 
ratio of the change in full-scale gain or offset error with a 
given change in the DC supply voltage, usually expressed in 
dB. If a change in supply voltage from 4.75V to 5.25V (a 
500mV delta) results in a change in the full-scale ADC gain 
error of 0.6mV, the PSRR is found to be 

PSRR = 20 . log = 20 . log (H) = - 58dB 

That is, the difference in gain error is determined by taking 
two gain error measurements. One reading is taken with a 
stable, noise-free supply of 4.75V and the other is with a 
stable, noise-free supply of 5.25V. This information only 
shows how this one specified parameter can be expected to 
change with individual power supply variations. However, 
other parameters may have more or less sensitivity to noise 
on the power supply, so the usefulness of such a specifica¬ 
tion is questionable. 

Generally, the PSRR of an active component will be worse 
with an AC signal riding on its supply than it will be with a 
change of the power supply’s DC level. 

Why the Low AC PSRR 

Any signal or noise on the supply lines will couple into the 
active circuitry through the stray capacitances and gain of 
the bias network and be amplified by the active circuitry on 
the die. These unwanted signals are noise and, therefore, 
degrade the device’s noise performance. Figure 1 shows a 
simplified amplifier stage with stray capacitances. Actual 
circuits use many techniques to improve PSRR, but no 
analog circuit is totally immune to supply noise. 


One source of power supply noise comes from the output 
switching of an ADC. The change of output states will cause 
supply current transients as the output drivers charge the 
capacitance on the output pins. 



FIGURE 1. Supply noise can couple into the active 
circuitry of a device and degrade its performance 

Without adequate supply bypassing, these current transients 
will cause voltage fluctuations on the supply line. The result¬ 
ing high frequency noise on the supply line causes noise in 
the bias circuitry, which further degrades the SNR of the 
ADC. 

PSRR Variation with Frequency 

Figure 2 shows a plot of AC PSRR for the ADC12040 (a 
12-bit, 40Msps ADC) vs. supply noise frequency. The test 
data for this plot was gathered by injecting 200mVp_p of the 
noise at various frequencies onto the power supply lines of 
the ADC and using an FFT plot to measure the magnitude of 
this signal at the output of the ADC. 

With 38dB AC PSRR at 30MHz, the ADC12040’s perfor¬ 
mance is actually quite good. Analog components often have 
PSRRs in the 10 to 20 dB range at these frequencies. 
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PSRR Variation with Frequency 

(Continued) 



0.1 0.3 1 3 10 30 

NOISE FREQUENCY (MHz) 

20056403 

FIGURE 2. Plot of PSRR vs. supply noise 
frequency for the ADC12040 

Minimizing Noise Probiems 

To minimize the effects of noise on the power supply, the 
analog and digital supply pins should be separately de¬ 
coupled for both high and low frequencies. Typically, a par¬ 
allel combination of a lOpF capacitor and a O.lpF monolithic 
capacitor will suffice. The optimum values may vary with the 
particular 1C selected and the frequency of operation, so be 
sure to follow the manufacturer’s recommendations. Addi¬ 
tionally, for mixed-signal products such as ADCs, it is good 
practice to bring the power directly to the analog supply pins 
first, then to the digital supply pins through a choke. For 
high-speed ADCs, a ferrite choke with 2.5 turns will do well. 
The choke usually only needs to isolate the output driver 


pins from the other supply pins. If the output driver supply 
pins are not explicitly shown on the data sheet, isolate all of 
the digital supply pins. In any case, the analog and digital 
supply pins of a mixed signal device should have separate 
bypass capacitors as shown in Figure 3. 


CHOKE 



FIGURE 3. Separately bypass the power supply at both 
low and high frequencies. Isolate digital output driver 
supply line with a small choke. A ferrite choke with 2.5 
turns will do well. 

Power supply noise can be further reduced by keeping the 
analog power plane over the analog ground plane, when a 
split ground plane is used, or by routing the power trace 
away from any digital components when a single ground 
plane is used. 

Finally, as popular as they are for their efficiency, the noise 
generated by switching power supplies can wreak havoc 
with mixed signal components. If it is necessary to have a 
switching supply in the system, be sure to lay it out for 
minimum RFI/EMI and keep it as far away from analog and 
mixed signal areas of the system as possible. 
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Four-Speed Fan Control 
Using Simple Remote 
Diode Temperature Sensor 

The circuit shown in Figure ^controls the speed of a 12V DC 
fan using an LM88 Remote Diode Temperature Sensor 
(RDTS) IC. The LM88 is a dual remote diode temperature 
sensor with 3 digital comparators and has 3 open-drain 
outputs (O_SP0, 0_SP1 and 0_CRIT) that can be used as 
interrupts or to signal system shutdown. The digital com¬ 
parators can be programmed independently to make a 
greater than or less than comparison. When programmed for 
a greater than comparison: 

• O_SP0 and 0_SP1 activate when the temperatures mea¬ 
sured by DO or D1 exceed the associated setpoints of 
T_SP0 orT_SP1. 

• 0_CRIT activates when the temperature measured by 
either DO or D1 exceeds set point T_CRIT. 

T_CRIT can be set at 1°C intervals from -40°C to +125°C. 
T_SP0 and T_SP1 can be set at 4°C intervals in the range of 
T_CRIT, ±100°C. 

In the circuit shown in Figure 1 the two D+ inputs have been 
wired in parallel to allow all three set points to be evaluated 
against a single temperature measurement. The hysteresis 
of each comparator is Internally set to 1 °C, allowing the set 
point values to be placed very close together without any 
interaction. The three outputs of the LM88 are connected to 
resistors forming a crude 2-bit DAC. The output of this DAC 
is fed to a PNP emitter follower, controlling the voltage on the 
negative pin of the fan from 1.25V to 5.7V. The output 
voltage (Vqut) decreases as the temperature reading in¬ 
creases, when SP0<SP1 <CRIT. 
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The equations shown in Figure 1 describe the behavior of 
VoUT . The maximum speed of the fan is dependent on the 
minimum Vqut • The minimum Vqut is dependent on the 
drain to source on resistance (Rds) of the 0_CRIT output, 
the MPSW51 ’s beta and base emitter voltage when R5 is set 
to OQ (as shown in Figure 1). The MPSW51 beta variation 
will introduce an error term that cannot be accounted for. 
Therefore, it is tempting to make the current through the 
resistors as high as possible. Increasing this current is a 
“Catch 22”, because the minimum Vqut level will increase 
as the current increases, because of 0_CRIT’s Rds that is 
typical 100^2 and worst case .4V/3 mA = 133Q. A compro¬ 
mise would be to set this current 10 times the MPSW51 base 
current. 

O_SP0, 0_SP1 and 0_CRIT have a maximum voltage limit 
of 5V. This sets the ratio of R2/(R2-i-R1) = 5/12 = 0.41666. 
The current through R1 and R2 should be set such that the 
base current of the MPSW51 is negligible. The current 
through the fan with (12 - 5.7) 6.3V is about 65mA or so. That 
makes the base current about 65mA/130 = 0.5 mA. Since 
the beta will vary slightly as the collector current changes, it’s 
best to set the current through R1/R2 ten times greater than 
0.5 mA. Therefore: 

(R1-hR 2)= 12V/5mA = 2400Q 

Since R2/(R2 -hR1)=5/12 

R2= (5/12)*(2400)=1000a and R1 =1400^2 



+3 3V +12V 



if TD < SPO VouT^nin = 5 7V (fan min on) 

If TD < SP1 VouTim = ((Rp23/(R1+Rp23))12V)+0 7V=3.61V 
If TD < CRIT VouT'nt2 = ((Rp234/(R1+Rp234))12V)+0 7V=2 28V 
If TD < CRIT Voujmax = ((Rp2345/(R1+Rp2345))12V)+0 7V=1 25V 

where SP0<SP1 <CRlT and TD=diode temperature, see text for values of Rp23, Rp234 and Rp2345 


FIGURE 1. Low Cost Remote Diode Temperature Fan Speed Control 
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When the temperature of the diode is less than the SPO, SP1 
and T_CRIT set points, all of the LM88’s outputs will be 
deactivated. Therefore, Vqut will be set to approximately 
5.7V. This will set the slowest speed of the fan. 

The first intermediate fan speed will be set when only O_SP0 
is activated. This happens when the temperature measured 
is greater than the SPO set point but less than the SP1 and 
GRIT set points. For this case the following equations set 
Vqut- 

Rp23 = (R3+Rds)IIR2 = 1/(1/(R3+Rds)+1/R2) 

Voujintl = ((Rp23/(R1+Rp23))12V)+0.7V 
Therefore, If Rds = lOOQ typical, then with R3 = 7150, 
VouT= 3.614V making the voltage across the fan equal to 
12V-3.614V = 8.386V. 

The second intermediate speed of the fan will be set when 
both 0_SPO and 0_SP1 are activated. This happens when 
the temperature measured is greater than both the SPO and 
SP1 set points but less than the GRIT set point. For this case 
the following equations set Vqut : 
Rp234=(R3+Rds)ll(R4+Rds)IIR2 = 
1/(1/(R3+Rds)+1/(R4-f-Rds)+1/R2) 

VouTint2 = ((Rp234/(R1+Rp234))12V)+0.7V. If R3 = 7150 
and Rds = 1000 (typical) setting R4 to 3010 will give a 
VouT= 2.277 V making the voltage across the fan equal to 
12V-2.277V= 9.723V. 

The fourth, and maximum, speed of the fan will be set when 
all three outputs 0_GRIT, 0_SPO and 0_SP1 are activated. 
This happens when the temperature measured is greater 
than all three set points. For this case the following equa¬ 
tions set VouT- 

Rp2345 = (R5+Rds)ll(R4+Rds)ll(R3+Rds)IIR2 = 
1/(1/(R5+Rds)+1/(R4+Rds)+1/(R3+Rds)+1/R2) 

Vourmax = ((Rp2345/(R1+Rp2345))12V)+0.7V. If R3 = 
7150, R4 = 3010 and Rds = 1000 (typical) setting R5 to OO 
will give Vqut = 1 ■255V making the maximum voltage across 
the fan equal to 12V-1.255V=10.775V. 
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FIGURE 2. Temperature Response Diagram 
Of The LM88’s Outputs 
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FIGURE 3. Fan Voltage Temperature Response 

Using 1% resistor values measurements were made and the 
measured Vqut was within 3% of the calculated Vqut volt¬ 
age. 

Figures 2 and 3 show the temperature response diagram of 
the LM88’s outputs and the fan voltage. As the temperature 
increases the sequential activation of 0_SPO followed by 
0_SP1 and finally 0_GRIT cause the voltage across the fan 
to increase. 
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Frequency-to-Voltage 
Converter Uses 
Sample>and-Hold to 
Improve Response and 
Ripple 

Most frequency-to-voltage (F-to-V) converters suffer from 
the classical tradeoff of ripple versus speed of response. For 
example, the basic F-to-V converter shown below has 
13 mVp-p of ripple, and a rather slow 0.6 second settling 
time, when Cfilter's 1 pF. If you want less ripple than that, 
the response time will be even slower. If you want quicker 
response, it is easy to decrease Cfilter- but the ripple will 
increase by the same factor. 

The improved circuit in Figure 2 makes an end-run around 
these compromises. A low-cost sample-and-hold circuit such 
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as LF398 can sample the F-to-V’s output at the peak of its 
ripple, and hold it until the next cycle. The LF398 has fairly 
low output ripple (rms) but it does have some short duration 
noise spikes and glitches which can be removed easily with 
a simple output filter. The ripple at the output of the active 
filter V6 is smaller than 1 mV peak, but the settling time for a 
step change of input frequency is only 60 ms, or ten times 
quicker than the “basic” FVC with Cfilter = 1 pF. 



00849401 


VoUT = ^IN X 


( 


output 

ripple 

P-P 


) 


(^) ^ ^ (1-1RA) 

= ( ^ ] .. (1-9V)X(1.1RtCt) 

V Cfilter/ Rs 


FIGURE 1. Basic Frequency-to-Voltage Converter 
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FIGURE 2. Improved F-to-V Converter Using Sample-and-Hold 


Details of Operation 

(Refer to Figure 3, Waveforms) 

When the input frequency waveform has a negative-going 
transition, pin 6 of the LM331 is driven momentarily lower 
than the 13V threshold voltage at pin 7. This initiates a timing 
cycle controlled by the Rt and Ct at pin 5, and also causes a 
transition from +5V to OV at pin 3, (the normal VFC logic 
output) which is usually left unused in F-to-V operation. 
During the timing cycle (t = 1.1 x Rt x Ct = 75 ps, for the 
example shown) a precision current source i = 1.9 V/Rq 
flows out of pin 1 of the LM331, and charges VI up to a value 
slightly higher than the average DC value of VI. At the end of 
the timing cycle, VI stops charging up, and also V2 rises. 
The 10 pull-up resistor is coupled (through the 200 pF 
capacitor) to V3, and causes the LF398 to sample for about 
5 ps. Then the LF398 goes back into hold. This entire 
operation is repeated at the same frequency as f|N. The 
average voltage at VI will be the same 10V full scale, 
according to the same formula of Figure 1. And the 
peak-to-peak ripple can be computed as 65 mV peak, 130 
mVp-p, using the appropriate formula. 


Now, the input to the sample-and-hold at pin 3 may have a 
10.000V average DC value, but the output will be at 10.065V, 
because the sample occurs at the peak value of VI. Thus, to 
get an output with low offset, a 15 MO resistor is used to 
offset the VI signal to a lower level. Trim the offset adjust pot 
to get VouT = IV at 1 kHz, and trim the gain adjust pot to get 
Vqut = 10V at 10 kHz (the interaction is minor), as mea¬ 
sured at V4, V5, or V6. The rms value of the ripple at V4 is 
rather small, but the peak-to-peak ripple (spikes and 
glitches) may be excessive. A simple R-C filter can provide a 
filtered output at V5; or a simple active filter using an inex¬ 
pensive LF351, will give sub-millivolt (peak) ripple at V6, with 
improved settling time and low output impedance. 

This F-to-V converter will have a good linearity, better than 
0.1%, but only from 10 kHz down to 500 Hz. Between 
200 Hz and 20 Hz, Vqut 'S not very proportional to f|N. And 
at 0 Hz, the output will be indeterminate, because the 
sample-and-hold will never sample! However, there are 
many F-to-V applications where a 20.1 frequency range is 
adequate. 


6 


6-123 


www.national.com 


LB-45 




LB-45 



WWW national.com 


6-124 



|jP Interface for a 
Free-Running A/D Allows 
Asynchronous Reads 

In many data acquisition applications it is necessary to have 
an A to D converter operate as its maximum conversion rate. 
The controlling microprocessor would then be able to read 
the most current input data at any point in time as required 
by software To minimize program execution time, a DATA 
READ may not be synchronous to the completion of a con¬ 
version, and herein lies a problem. It is entirely possible that 
the processor could assert a READ command right at the 
instant the A/D converter is updating its output register. The 
data read would be the value of the converter’s output lines 
in transition from the result of the previous conversion to the 
latest result, and would very likely be in error. 

The addition of a simple binary counter to the A/D interface 
circuitry can be used to generate a READY signal to the 
microprocessor that will prevent a READ during a data up¬ 
date. The circuit of Figure 1 shows a CD4024BC7-stage 
ripple carry binary counter used in conjunction with an 
ADC0801,8-bit microprocessor compatible A to D converter. 
Circuit operation relies on two basic properties of the A/D 
converter. First of all, the free-running conversion time of the 
A/D must be a constant number of clock cycles; and sec¬ 
ondly, the output latches must be updated prior to the end of 
conversion signal. The ADC0801 fulfills both of these re¬ 
quirements. The output data latches are updated one A/D 
clock period before the INTR falls low, and the free-running 
conversion time is always 72 clock periods long. 

As part of the system power-up initializaton se quence, a 
logic lo w must be temporarily applied to the SYSTEM 
RESET input to the A/D to force the converter to start. At the 
end of a conversion, the INTR output goes low, and both 
resets the counter outputs t o all zeros and signals another 
conversion to start by pulling WR low. The length of time that 
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the INTR output stays low is normally only a few internal gate 
propagation delays (approximately 300 ns) and is indepen¬ 
dent of the A/D clock frequency. The 1000 pF capacitor on 
this output extends this time to approximately 1 ps to insure 
adequate reset time for the counter. 

A con version is started on the low to high transition of the 
INTR and WR pins. The next data update will occur 71 clock 
periods after this edge occurs. The counter will signal that a 
data update is about to occur after 64 clock periods. If the 
processor attempts a DATA READ within an 8 clock period 
time frame around the data update time, its READY input 
line will remain low, signifying a NOT READY condition. The 
processor would then extend the READ cycle time until it 
receives a RE ADY indication created by the counter being 
reset by INTR . This insures that the latches have already 
been updated and proper data will be read. 

If a READ IS attempted during the 64 clock period interval 
after the start of a conversion, the READY IN line to the 
processor will go high to permit a normal READ cycle, and 
the data output by the A/D will be the result of the previous 
conversion. The processor READY IN logic, as shown, re¬ 
quires that all system devices that may need special READ 
or WRITE timing provide a NOT READY (a Logic 0 on their 
READY OUT lines) indication until selected to be read from 
or written to. 

The chance of having the processor extend its READ cycle 
time IS 1 in 9 (8 clock periods out of 72) and the maximum 
length of time a READ would be extended is 8 A/D clock 
periods. These two timing considerations are insignificant 
trade-offs to take to insure that proper A/D data is always 
read. 



Timing Diagram 
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RD 
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V/F Converter ICs Handle 

Frequency-to-Voltage 

Needs 


National Semiconductor 
Application Note C 
Robert A. Pease 



Simplify your FA/ converter designs with versatile V/F ICs. 
Starting with a basic converter circuit, you can modify it to 
meet almost any application requirement. You can spare 
yourself some hard labor when designing frequency-to- 
voltage (F/V) converters by using a voltage-to-frequency 1C 
in your designs. These ICs form the basis of a series of 
accurate, yet economical, F/V converters suiting a variety of 
applications. 

Figure 1 shows an LM331 IC (or LM131 for the military 
temperature range) in a basic F/V converter configuration 
(sometimes termed a stand-alone converter because it re¬ 
quires no op amps or other active devices other than the IC). 
(Comparable V/F ICs, such as RM4151, can take advantage 
of this and other circuits described in this article, although 
they might not always be pin-for-pin compatible). 

This circuit accepts a pulse-tram or square wave input am¬ 
plitude of 3V or greater. The 470 pF coupling capacitor suits 
negative-going input pulses between 80 ps and 1.5 ps, as 
well as accommodating square waves or positive-going 
pulses (so long as the interval between pulses is at least 
10 ps). 

IC Handles the Hard Part 

The LM331 detects an input-signal change by sensing when 
pin 6 goes negative relative to the threshold voltage at pin 7, 
which IS nominally biased 2V lower than the supply voltage. 
When a signal change occurs, the LM331 ’s input comparator 
sets an internal latch and initiates a timing cycle. During this 
cycle, a current equal to Vr^f/RS flows out of pin 1 for a time 


t = 1.1 RtC. The 1 pF capacitor filters this pulsating current 
from pin 1, and the current’s average value flows through 
load resistor Rl. As a result, for a 10 kHz input, the circuit 
outputs 10 Vdc across Rl with good (0.06% typical) nonlin¬ 
earity. 

Two problems remain, however: the output at VI includes 
about 13 mVp-p ripple, and it also lags 0.1 second behind an 
input frequency step change, settling to 0.1% of full-scale in 
about 0.6 second. This ripple and slow response represent 
an inherent tradeoff that applies to almost every F/V con¬ 
verter 

The Art of Compromise 

Increasing the filter capacitor’s value reduces ripple but also 
increases response time. Conversely, lowering the filter ca¬ 
pacitor’s value improves response time at the expense of 
larger ripple. In some cases, adding an active filter results in 
faster response and less ripple for high input frequencies. 
Although the circuit specifies a 15V power supply, you can 
use any regulated supply between 4 Vqc ^^d 40 Vdc- The 
output voltage can extend to within 3 Vpc of the supply 
voltage, so choose Rl to maintain that output range. 

Adding a 220 k^2/0.1 pF postfilter to the circuit slows the 
response slightly, but it also reduces ripple to less than 
1 mVp-p for frequencies from 200 Hz to 10 kHz. The reduc¬ 
tion in ripple achieved by adding this passive filter, while not 
as good as that obtainable using an active filter, could suffice 
in some applications. 


Vs=15V 



FIGURE 1. A Simple Stand-Alone F/V Converter Forms the Basis for Many Other Converter-Circuit Configurations 
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Improving the Basic Circuit 

Further modifications and additions to the basic FN con¬ 
verter shown in Figure 1 can adapt it to specific performance 
requirements. Figure 2 shows one such modification, which 
improves the converter’s nonlinearity to 0.006% typical. 
Reconsideration of the basic stand-alone converter shows 
why its nonlinearity falls short of this improved version’s. At 
low input frequencies, the current source feeding pin 1 in the 
LM331 is turned off most of the time. As the input frequency 
increases, however, the current source stays on more of the 
time, and its own impedance attenuates the output signal for 
an increasing fraction of each cycle time. This disproportion¬ 
ate attenuation at higher frequencies causes a parabolic 
change in full-scale gam rather than the desired linear one. 
In the improved circuit, on the other hand, the PNP transistor 
acts as a cascade, so the output impedance at pin 1 sees a 
constant voltage that won’t modulate the gain. Also, with an 
alpha ranging between 0.998 and 0.990, the transistor ex¬ 
hibits a temperature coefficient of between 10 ppm/°C and 
40 ppm/°C—a fairly minor effect. Thus, this circuit’s nonlin¬ 
earity does not exceed 0.01% maximum for the 10V output 
range shown and is normally not worse than 0.01% for any 
supply voltage between 4V and 40V. 



FIGURE 2. Adding a Cascade Transistor to the LM331 ’s Output Improves Nonlinearity to 0.006% 


Add an Output Buffer 

The circuit in Figure 3 adds an output buffer (unity-gain 
follower) to the basic single-supply FA/ converter. Either an 
LM324 or LM358 op amp functions well in a single-supply 
circuit because these devices’ common-mode ranges extend 
down to ground. But if a negative supply is available, you can 
use any op amp; types such as the LF351B or LM308A, 
which have low input currents, provide the best accuracy. 
The output buffer in Figure 3 also acts as an active filter, 
furnishing a 2-pole response from a single op amp. This filter 
provides the general response 

Vout/Iout = Rl/(1 + Kip K2p2). 

(p is the differential operator d/dt.) As shown, Rl controls the 
filter’s DC gain. The high frequency response rolls off at 
12 dB/octave. Near the circuit’s natural resonant frequency, 
you can choose the damping to give a little overshoot—or 
none, as desired. 
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Add an Output Buffer (Continued) 



FIGURE 3. The Op Amp on This F/V Converter’s Output Acts as a Buffer as Well as a 2-Pole Filter 


Dealing with F/V Converter Rippie 

Voltage ripple on the output of FA/ converters can present a 
problem, and the chart shown in Figure 4 indicates exactly 
how big a problem it is. A simple, slow, RC filter exhibits low 
ripple at all frequencies. Two-pole filters offer the lowest 
ripple at high frequencies and provide a 30-times-faster step 
response than RC devices. 

To reduce a circuit’s ripple at moderate frequencies, how¬ 
ever, you can cascade a second active-filter stage on the F/V 
converter’s output. That circuit’s response also appears in 
Figure 4 and shows a significant improvement in low-ripple 
bandwidth over the single-active-filter configuration, with 
only a 30% degradation of step response. 

Figure 5 and Figure 6 show filter circuits suitable for cascad¬ 
ing. The inverting filter in Figure 5 requires closely matched 
resistors with a low TC over their temperature range for best 
accuracy. For lowest DC error, choose R5 = R2 + (R,nIRf). 
This circuit’s response is 

-VoutA/,n = n/(1 + (Rp + R2 + nR2)C4p + RfR2C3C4p 2). 
where n = DC gain. If R|n = Rp and n = 1, 

-Vout/V|n = 1/(1 + (Rp + 2R2)C4p + RfR2C3C4p2). 



0.01 0.1 1 10 100 
FREQUENCY (kHz) 
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FIGURE 4. Output-Ripple Performance of Several 
Different F/V Converter Configurations Illustrates the 
Effect of Voltage Ripple 
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Dealing with F/V Converter Ripple 

(Continued) 


R|N* Rp* 

100k 100k 



FIGURE 5. You Can Cascade This 2-Pole Inverting 
Filter onto an F/V Converter’s Output 
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FIGURE 6. This 2-Pole Noninverting Filter Suits 
Cascade Requirements on F/V Converter Outputs 

The circuit shown in Figure 6 does not require precision 
passive components, but for best accuracy, choosing an A1 
with a high CMRR is critical. An LM308A op amp’s 96 dB 
minimum CMRR suits this circuit well, but an LM358B’s 
85 dB typical figure also proves adequate for many applica¬ 
tions. Circuit response is 

VoutA/in = 1/(1 + (R1 + R2) C2p + R1R2C1C2p2). 

For best results, choose R3 = R1 + R2. 

Components Determine Response 

The specific response of the circuit in Figure 3 is 
Vout/Iout = Rl/(1 + (Rl + R2)C2p + RlR2C1C2C2p 2). 
Making C2 relatively large eliminates overshoot and sine 
peaking. Alternatively, making C2 a suitable fraction of C1 
(as is done in Figure 3) produces both a sine response with 
0 dB to 1 dB of peaking and a quick real-time response 


having only 10% to 30% overshoot for a step response. By 
maintaining Figure 3s ratio of C1:C2 and R2 :Rl, you can 
adapt its 2-pole filter to a wide frequency range without 
tedious computations. 

This filter settles to within 1% of a 5V step’s final value in 
about 20 ms. By contrast, the circuit with the simple RC filter 
shown in Figure 1 takes about 900 ms to achieve the same 
response, yet offers no less ripple than Figure 3s op amp 
approach. 

As for the other component in the 2-pole filter, any capaci¬ 
tance between 100 pF and 0.05 pF suits C3 because it 
serves only as a bypass for the 200 kQ resistor. C4 helps 
reduce output ripple in single positive power-supply systems 
when VOUT approaches so close to ground that the op 
amp’s output impedance suffers. In this circuit, using a tan- 
taium capacitor of between 0.1 pF and 2.2 pF for C4 usually 
helps keep the filter’s output much quieter without degrading 
the op amp’s stabiiity. 

Avoid Low-Leakage Limitations 

Note that in most ordinary applications, this 2-pole filter 
performs as well with 0.1 pF and 0.02 pF capacitors as the 
passive filter in Figure 1 does with 1 pF. Thus, if you require 
a 100 Hz F/V converter, the circuit in Figure 3 furnishes good 
filtering with Cl = 10 pF and C2 = 2 pF, and eliminates the 
100 pF low-leakage capacitor needed in a passive filter. 
Note also that because Cl always has zero DC voltage 
across it, you can use a tantalum or aluminum electrolytic 
capacitor for Cl with no leakage-related problems; C2, how¬ 
ever, must be a low-leakage type. At room temperature, 
typical 1 pF tantalum components allow only a few nanoam¬ 
peres of leakage, but leakage this low usually cannot be 
guaranteed. 

Compensating for Temperature 
Coefficients 

F/V converters often encounter temperature-related prob¬ 
lems usually resulting from the temperature coefficients of 
passive components. Following some simple design and 
manufacturing guidelines can help immunize your circuits 
against loss of accuracy when the temperature changes. 
Capacitors fabricated from Teflon or polystyrene usually ex¬ 
hibit a TC of -110 ±30 ppm/°C. When you use such a 
component for the timing capacitor in an F/V converter (such 
as Ct in the figure) the circuit’s output voltage—or the gain in 
terms of volts per kilohertz—also exhibits a -110 ppm/°C 
TC. 

But the resistor-diode network (Rx, D1, D2) connected from 
pin 2 to ground in the figure can cancel the effect of the 
timing capacitor’s large TC. When Ry = 240 kQ, the current 
flowing through pin 1 will then have an overall TC of 
110 ppm/°C, effectively canceling a polystyrene timing ca¬ 
pacitor’s TC to a first approximation. Thus, you needn’t find 
a zero-TC capacitor for Ct, so long as its temperature coef¬ 
ficient is stabie and well established. As an additional advan¬ 
tage, the resistor-diode network nearly compensates to zero 
the TC of the rest of the circuit. 
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Bake it for a While 

After the circuit has been built and checked out at room 
temperature, a brief oven test will indicate the sign and the 
size of the TC for the complete FA/ converter. Then you can 
add resistance in series with Rx, or add conductance in 
parallel with it, to greatly diminish the TC previously ob¬ 
served and yield a complete circuit with a lower TC than you 
could obtain simply by buying low TC parts. 

For example, if the circuit increases its full-scale output by 
0.1% per 30°C (33 ppm/°C) during the oven test, adding 120 
kQ in series with Rx = 240 kQ cancels the temperature- 
caused deviation. Or, if the full-scale output decreases by 
-0.04% per 20°C (-20 ppm/°C), just add 1.2 in parallel 
with Rx- 

Note that to allow trimming in both directions, you must start 
with a finite fixed TC (such as the -110 ppm/°C of C,), which 
then nominally cancels out by the addition of a finite adjust¬ 
able TC. Only by using this procedure can you compensate 
for whatever polarity of TC is found by the oven test. 

You can utilize this technique to obtain TCs as low as 
20 ppm/°C, or perhaps even 10 ppm/°C, if you take a few 
passes to zero-in on the best value for Rx- For optimum 
results, consider the following guidelines: 

• Use a good capacitor for Ct; the cheapest polystyrene 
capacitors can shift value by 0.05% or more per tempera¬ 
ture cycle. In that case, you would not be able to distin¬ 
guish the actual temperature sensitivity from the hyster¬ 
esis, and you would also never achieve a stable circuit. 

• After soldering, bake or temperature-cycle the circuit (at a 
temperature not exceeding 75°C in the case of polysty¬ 
rene) for a few hours to stabilize all components and to 
relieve the strains of soldering. 

• Do not rush the trimming. Recheck the room temperature 
value before and after you take the high temperature data 
to ensure a reasonably low hysteresis per cycle. 


• Do not expect a perfect TC at -25°C if you trim for 
±5 ppm/°C at temperatures from +25°C to 60°C. None of 
the components in the figure’s circuit offer linearity much 
better than 5 ppm/°C or 10 ppm/°C cold, if trimmed for a 
zero TC at warm temperatures. Even so, using these 
techniques you can obtain a data converter with better 
than 0.02% accuracy and 0.003% linearity, for a ±20°C 
range around room temperature. 

• Start out the trimming with Rx installed and its value near 
the design-center value (e.g., 240 kO or 270 ki^), so you 
will be reasonably close to zero TC; you will usually find 
the process slower if you start without any resistor, be¬ 
cause the trimming converges more slowly. 

• If you change Rx from 240 kO. to 220 kQ, do not pull out 
the 240 kQ part and put in a new 220 kQ resistor—you 
will get much more consistent results by adding a 2.4 MQ 
resistor in parallel. The same admonition holds true for 
adding resistance in series with Rx- 

• Use reasonably stable components. If you use an 
LM331A (±50 ppm/°C maximum) and RN55D film resis¬ 
tors (each ±100 ppm/°C) for Rl, Rt and Rg, you probably 
won’t be able to trim out the resulting ±350 ppm/°C 
worst-case TC. Resistors with a TC specification of 
25 ppm/°C usually work well. Finally, use the same resis¬ 
tor value (e.g., 12.1 kQ ±1%) for both Rg and Rt; when 
these resistors come from the same manufacturer’s 
batch, their TC tracking will usually rate at better than 
20 ppm/°C. 

Whenever an op amp is used as a buffer (as in Figure 3), its 
offset voltage and current (±7.5 mV maximum and ±100 nA, 
respectively, for most inexpensive devices) can cause a 
±17.5 mV worst-case output offset. If both plus and minus 
supplies are available, however, you can easily provide a 
symmetrical offset adjustment. With only one supply, you 
can add a small positive current to each op amp input and 
also trim one of the inputs. 
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Two Diodes and a Resistor Help Decrease an F/V Converter’s Temperature Coefficient 


3 NGQdtiVG Output? excellent linearity (±0.003% typical, ±0.01% maximum). And 

^ ^ ' because pin 1 of the LM331 always remains at 0 Vdc. this 

If your F/V converter application requires a negative output 
voltage, the circuit shown in Figure 7provides a solution with 
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Need a Negative Output? (Continued) 

circuit needs no cascade transistor. (Note, however, that 
while the circuit’s nonlinearity error is negligible, its ripple is 
not.) 

The circuit in Figure 7 offers a significant advantage over 
some other designs because the offset adjust voltage de¬ 
rives from the stable 1.9 Vdc reference voltage at pin 2 of the 
LM331; thus any supply voltage shifts cause no output shifts. 
The offset pot can have any value between 200 kO. and 
2 MQ. 

An optional bypass capacitor (C2) connected from the op 
amp’s positive input to ground prevents output noise arising 
from stray noise pickup at that point; the capacitance value is 
not critical. 

A Familiar Response 

The circuit in Figure 7 exhibits the same 2-pole 
response—with heavy output ripple attenuation—as the 
noninverting filter in Figure 3. Specifically, 


Vout/Iout = Rf/(1 + (R4 + Rf)C4p + R4RfC3C4p2). 
Here also, R5 = R4 + Rf = 200 kQ provides the best bias 
current compensation. 

The LM331 can handle frequencies up to 100 kHz by utiliz¬ 
ing smaller-value capacitors as shown in Figure 8. This 
circuit increases the current at pin 2 to facilitate high-speed 
switching, but, despite these speed-ups, the LM33Ts 
500 ppm/°C TC at 100 kHz causes problems because of 
switching speed shifts resulting from temperature changes. 
To compensate for the device’s positive TC, the LM334 
temperature sensor feeds pin 2 a current that decreases 
linearly with temperature and provides a low overall tem¬ 
perature coefficient. An Ry value of 30 kQ provides first- 
order compensation, but you can trim it higher or lower if you 
need more precise TC correction. 



FIGURE 7. In This F/V Circuit, the Output-Buffer Op Amp Derives its Offset Voitage 
from the Precision Voitage Source at Pin 2 of the LM331 
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A Familiar Response (Continued) 


Vs = 4 5V TO 20V 



FIGURE 8. An LM334 Temperature Sensor Compensates for the FN Circuit’s Temperature Coefficient 


Detect Frequencies Accurately 

Using an FA/ converter combined with a comparator as a 
frequency detector is an obvious application for these de¬ 
vices. But when the F/V converter is utilized in this way, its 
output ripple hampers accurate frequency detection, and the 
slow filter frequency response causes delays. 

If a quick response is not important, though, you can effec¬ 
tively utilize an LM331-based F/V converter to feed one or 


more comparators, as shown in Figure 9. For an input fre¬ 
quency drop from 1.1 kHz to 0.5 kHz, the converter’s output 
responds within about 20 ms When the input falls from 
9 kHz to 0.9 kHz, however, the output responds only after a 
600 ms lag, so utilize this circuit only in applications that can 
tolerate F/V circuits’ inherent delays and ripples. 
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Detect Frequencies Accurately (Continued) 


Vs = 15V 



FIGURE 9. Combining a V/F 1C with Two Comparators Produces a Slow-Response Frequency Detector 
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Versatile Monolithic V/Fs 
can Compute as Well as 
Convert with High 
Accuracy 

The best of the monolithic voltage-to-frequency (V/F) con¬ 
verters have performance that’s so good it equals or ex¬ 
ceeds that of modular types. Some of these ICs can be 
designed into quite a variety of circuits because they’re 
notably versatile. Along with versatility and high performance 
come the advantages that are characteristic of all V/F con¬ 
verters, including good linearity, excellent resolution, wide 
dynamic range, and an output signal that’s easy to transmit 
as well as couple through an isolator. 

One of the recently introduced monolithic types, the LM131, 
has both high performance and a design that’s rather flex¬ 
ible. For instance, it can compute and convert at the same 
time; the computation is a part of the conversion. Among 
other functions, it can provide the product, ratio and square 
root of analog inputs. 

This IC has an internal reference for its conversion circuitry 
that’s also brought out to a pin, so it’s available to external 
circuits associated with the converter. Not surprisingly, it 
turns out that any deviations of the reference, due to process 
variations and temperature changes have equal and oppo¬ 
site effects on the scale factors of the converter and the 
external circuitry. (This presumes, of course, that the scale 
factor of the external circuitry is a linear function of voltage.) 

Precision Relaxation Oscillator 

Before looking at some applications, quickly take a look at 
the basic circuit of an LM131 V/F converter {Figure 1). 
Basically, this IC, like any V/F converter, is a precision relax¬ 
ation oscillator that generates a frequency linearly propor- 


National Semiconductor 
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tional to the input voltage. As might be expected, the circuit 
has a capacitor. Cl, with a sawtooth voltage on it. Generally 
speaking, the circuit is a feedback loop that keeps this 
capacitor charged to a voltage very slightly higher than the 
input voltage, Vi^. If V|n is high. Cl discharges relatively 
quickly through Rl, and the circuit generates a high fre¬ 
quency. If V|N IS low. Cl discharges slowly, and the converter 
puts out a low frequency. 

When Cl discharges to a voltage equal to the input, the 
comparator triggers the one-shot The one-shot closes the 
current switch and also turns on the output transistor. With 
the switch closed, current from the current source recharges 
Cl to a voltage somewhat higher than the input. Charging 
continues for a period determined by Rj and Cj. At the end 
of this period, the one-shot returns to its quiescent state and 
Cl resumes discharging. 

Resistor Rg sets the amount of current put out by the current 
source. In fact, the current in pin 1, with the switch on, is 
identical to the current in pin 2. The latter pin is at a constant 
voltage (nominally 1.90V), so a given resistor value can set 
the operating currents. When connected to a high imped¬ 
ance buffer, this pin provides a stable reference for external 
circuits. 

The open-collector output at pin 3 permits the output swing 
to be different from the converter’s supply voltage, if the load 
circuit requires. The supplies don’t have to be separate, 
however, and both the converter and its load can use the 
same voltage. 
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Precision Reiaxation Osciliator (Continued) 


Vs 





j PULSE 
OUTPUT 


FIGURE 1. A voltage-to-frequency converter such as this is a relaxation osciliator with a frequency proportional to 
the input voltage. Current pulses keep C|_’s average voltage slightly greater than the input voltage. 


steady as She Goes 

By far the simplest of the circuits that make use of the 
reference output voltage from the LM131 is one that simply 
ties this output pin right back to the signal input. This con¬ 
nection is just a V/F converter with a constant input, which 
makes it a constant-frequency oscillator. Even with this 


simple circuit {Figure 2), variations in the reference voltage 
have two opposite effects that cancel each other out, so the 
circuit is particularly stable. In this type of circuit, the 
temperature-dependent internal delays tend to cancel as 
well, which isn’t true of relaxation oscillators based on op 
amps or comparators. 
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steady as She Goes (Continued) 



FIGURE 2. A V/F converter is a stable-frequency 
oscillator if its input is connected to its reference 
output. If the reference voltage changes, the effects of 
the change cancel out, so the frequency doesn’t 
change. With low tempco components for Ry and Cy, 
frequency stability vs temperature can be as good as 
±25 ppm/X. 


Resistors Rl and Rs are best taken from the same batch. 
(Rl must be larger than Rg, so it’s made up of two resistors.) 
By doing this, the tempco tracking, which is the critical 
parameter, is five to ten times better than it would be if Rl 
were a single 30.1 kO. resistor. 

Although the reference output, pin 2, can’t be loaded without 
affecting the converter’s sensitivity, the comparator input, pin 
7, has a high impedance so this connection does no harm. 
Frequency stability is typically ±25 ppm/°C, even with an 
LM331, which as a V/F converter is specified only to 150 
ppm/°C maximum. From 20 Hz to 20 kHz, stability is excel¬ 
lent, and the circuit can generate frequencies up to 120 kHz. 
Although the simplest way of using the reference output is to 
tie it back to the input, the reference can also be buffered 
and amplified to supply such external circuitry as a resistive 
transducer, which might be a strain gauge or a pot {Figure 3). 
As in the stable oscillator already described, deviations of 
the internal reference voltage from the ideal cause the trans¬ 
ducer’s and the converter’s sensitivities to change equally in 
opposite directions, so the effects cancel 
In this circuit, op amp A2 buffers and amplifies the constant 
voltage at pin 2 of the converter to provide the 5V excitation 
for the strain gauge. Amplifier A1, connected as an instru¬ 
mentation amplifier, raises the output of the strain gauge to a 
usable level while rejecting common-mode pickup. 

A potentiometer-type transducer works just as well with this 
circuit. Its wiper output takes the place of Al’s output as 
shown at the X. 

The reference terminal is both a constant voltage output and 
a current programming input. So far, it’s been shown simply 
with one or two resistors going to ground It is, however, a 
full-fledged signal input that accepts a signal from a current 
source quite well. 


Vs Vl 



FIGURE 3. In this strain-to-frequency converter, the converter’s reference excites the strain gauge (or the optional 
pot) through buffer amp A2. This makes the circuit insensitive to changes in the reference voltage. 
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steady as She Goes (Continued) 

This extra input is what enables the LM131 to compute while 
converting. For instance, it will convert the ratio of two volt¬ 
ages to a frequency proportional to the ratio {Figure 4). The 
circuit is still a V/F converter, but has two signal inputs, both 
of them going to rather unorthodox places at that. The in¬ 
puts, shown as voltages, are converted to currents by two 
current pumps (voltage-to-current converters). Of course, if 
currents of the proper ranges are available, the current 
pumps aren’t needed. The left current pump, which includes 
Q1 and A1, determines how fast capacitor Cl discharges 
between output pulses. The other pump sets the current in 
the reference circuit to control the amount of recharge cur¬ 
rent when the one-shot fires. Tying the comparator input, pin 
7, to the reference pin sets the comparator’s trip point at a 
constant voltage. 


change, such as doubling the voltage at the other input, V2. 
This doubles the recharge current to Cl during the 
fixed-width output pulse, which means Cl’s voltage in¬ 
creases twice as much during recharging. Since the dis¬ 
charge into Q1 is linear (for V1 constant), it takes twice as 
long for Cl to discharge—the frequency becomes half of 
what it was before. 

Although the current pumps in Figure 4 must have negative 
inputs, rearranging the op amps according to Figure 5 
makes them accept positive inputs instead. Trimming out the 
offset in the op amp gives the ratio converter better linearity 
and accuracy. The trim circuit in Figure 5a needs stable 
positive and negative supplies for the offset trimmer, while 
the one in Figure 5b needs only a stable positive supply. 
Unmarked components in Figure 5b are the same as in 
Figure 5a. 
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*Stable components with low tempco 

A1, A2 should have low offset and low bias current LM351B, LM358A, 
LF353B, or similar Q1, Q2- 2N3565, 2N2484, or similar high p 
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R1, R2, R3 Stable components with low tempco 
Q1 p>330 

a 
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FIGURE 4. This circuit converts the ratio of two 
voltages to an equivalent frequency without a separate 
analog divider. Full-scale output is 15 kHz. The two op 
amp circuits convert the inputs to proportional 
currents. 

To get an idea of how the circuit works, consider first the 
effect of, for instance, tripling the input voltage, VI. This 
make Cl discharge to the comparator trip point three times 
as fast, so the frequency triples. Next, consider a given 


FIGURE 5. These current pumps adapt the converter 
circuits in Figure 4 and Figure 6 to positive input 
voltages. Optional offset trimming improves linearity 
and accuracy, especially with input signals that have a 
wide dynamic range. 

Note that the full-scale range of the current pumps can be 
changed by varying the value of the input resistor(s). If either 
of these pump circuits is used with a single positive supply. 
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Steady as She Goes (Continued) 

the op amp should be a type such as 1/2 LM358 or 1/4 
LM324, which has a common-mode range that includes the 
negative-supply bus. 


Computing Square Roots Implicitly 

An analog divider computes the square root of a signal when 
the signal is fed to the divider’s numerator input, and the 
output IS fed back to the divider’s denominator input. 
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This type of computation is called implicit, because the end 
result of the computation is only implied, not explicitly stated 
by the equation that defines the computation. 

In the implicit square root computing loop described in the 
text, a V/F converter serves as a divider. Since it’s a con¬ 
verter, its inputs are voltages (or currents), but its output is a 
frequency. To connect its output back to one of its inputs so 
it will compute a square root means that its output frequency 
must be converted back to a voltage. This is taken care of by 
the frequency-to-voltage converter. 



, ''in 

^OUT " ^ Vx 

Vx = l<2 X fQyj 
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Doing some algebraic substitution shows that: 


where 


^OUT = k3 X 

k3 = Vkl/k 2 


It’ll Take Reciprocals 

Taking the ratio of two inputs—in other words, doing 
division—is only one of the mathematical operations that 


can be combined with converting. Another one is a special 
case of division, which is taking reciprocals. In this instance, 
the numerator (VI in Figure 4) is held constant, and the 
denominator, V2, changes over a wide range such as one or 
two decades. In this case, since the frequency is the recip¬ 
rocal of the input, the period of the output is proportional to 
the input. When operated this way, the V2 current pump 
should have an offset trimmer. A constant current circuit is 
still needed to discharge capacitor Cl. 

Nonlinearity (that is, deviation from the ideal law) with an 
LM331 is a little better than 1 % for 10 kHz full-scale. Increas¬ 
ing Cj to 0.1 pF reduces the nonlinearity to below 0.2% while 
decreasing full-scale output to 1 kHz. 

Two inputs can also be multiplied while converting to a 
frequency. The multiplying converter circuit {Figure 6) that 
does this has a more elaborate current pump than the ratio 
circuit of Figure 4. This pump is really two cascaded circuits; 
it includes op amps A2 and A3 as well as transistors Q2 and 
Q3. Current from this pump goes to pin 5 to control the 
one-shot’s pulse width. (This current ranges from 13.3 pAto 
1.33 pA.) 

As in the ratio circuit, the left current pump controls the 
discharge rate of Cl- The other pump, however, controls the 
one-shot’s pulse width to vary the amount that Cl charges 
during the pulse. If the V2 input is close to zero, the current 
from the pump into pin 5 is small, and the one-shot develops 
a wide pulse. This allows Cl to charge quite a bit. It takes a 
relatively long time for Cl to discharge to the comparator 
threshold, so the resulting frequency is low. As V2 goes 
negative (a greater absolute magnitude), the output fre¬ 
quency rises. Op amp A3 must have a common-mode range 
that extends to the positive supply voltage, which the speci¬ 
fied types do. 

Multiplying, dividing and converting can all be done at the 
same time by combining the V2 input current pump of Figure 
4 with the circuit of Figure 6. If a scale-factor trimmer is 
needed, R4 in Figure 6 is a good choice, better than input 
resistors such as R1 or R2. Using the latter as trimmers 
would make the input impedance of the circuit change with 
trim setting. 

Two V/F converter ICs along with some extra circuitry will 
take the square root of a voltage input. Square root functions 
are used mostly to simulate natural laws, but also to linearize 
functions that have a natural square-law relationship. One of 
the latter is converting differential pressure to flow, where 
flow is proportional to the square root of differential pressure. 
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It’tl Take Reciprocals (Continued) 



FIGURE 6. The product of two input voltages becomes an equivalent frequency in this converter. A current pump that 
includes op amps A2 and A3 controls the pulse duration of the converter’s internal one-shot. 


Versatile Pin Functions Give 
Design Flexibility 

Two features—the reference and the one-shot—of the 
LM131/LM331 V/F converter deserve a closer look because 
they are the key to its versatility. The simplified schematic of 
the chip, shown here along with a transducer and the com¬ 
ponents needed for a basic V/F converter, will help to illus¬ 
trate how these features work. 

The reference circuit, connected to pin 2, is both a constant 
voltage output and a current setting, scale-factor control 
input. The constant voltage can supply external circuitry, 
such as the transducer, that feeds the converter’s input. 
One great advantage of using the converter’s internal refer¬ 
ence to supply the external circuitry is that any variation in 
the reference voltage affects the sensitivities of the converter 
and the external circuitry by equal and opposite amounts, so 
the effects of the variation cancel. 

While providing a constant voltage output, pin 2 also pro¬ 
vides scale-factor, or sensitivity control for the converter. 
Current supplied to an external circuit by this terminal comes 


from the supply (Vs) through the current mirror and the 
transistor. The op amp drives this transistor to hold pin 2 at a 
constant voltage equal to the internal reference, which is 
nominally 1.9V. 

The current mirror provides a current to the switch that’s 
essentially identical to that in pin 2. This means that a 
resistor to ground or a signal from a current source will set 
the current that is switched to pin 1. In most circuits, a 
capacitor goes from pin 1 to ground, and the switched cur¬ 
rent from this pin recharges the capacitor during the pulse 
from the one-shot. 

The one-shot circuit is somewhat like the well known 555 
timer’s circuit. In the quiescent state, the reset transistor is 
on and holds pin 5 near ground. When pin 7 becomes more 
positive than pin 6 (or pin 6 falls below pin 7), the input 
comparator sets the flip-flop in the one-shot. 

The flip-flop turns on the current limited output transistor (pin 
3) and switches the current coming from the current mirror to 
pin 1. The flip-flop also turns off the reset transistor, and the 
timing capacitor Cj starts to charge toward Vg. This charge 
IS exponential, and Cy’s voltage reaches 2/3 of Vg in about 
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Versatile Pin Functions Give 
Design Flexibility (Continued) 

1.1 RjCt time constants. (The quantity 1.1 is -In 0.333...) 
When pin 5 reaches this voltage, the one-shot’s comparator 
resets the flip-flop which turns off the current to pin 1, dis¬ 
charges Cj, and turns off the output transistor. 


If the voltages at pins 6 and 7 still call for setting the flip-flop 
after pin 5 has reached 2/3 Vq, internal logic not shown in 
this simplified diagram overrides the reset signal from the 
one-shot’s own comparator, and the flip-flop stays set. In this 
instance, Cj continues charging past 2/3 Vg. 



I 
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Root Loop Computes 

The circuit in Figure 7 is an implicit loop (see “Computing 
Square Roots Implicitly”) that uses IC1 as a voltage-to- 
frequency converter and divider, and IC2 as a frequency- 
to-voltage converter. The F/V converter, IC2, and the current 
pump that includes A1 and the transistor return the output of 
IC1 to Its denominator input. A relatively elaborate feedback 
circuit like this is needed to convert Id’s frequency output 
back to a current for its denominator input. 

Looking at the circuit in more detail, IC1 puts out a frequency 
proportional to V,n divided by the feedback voltage, Vx- The 
current 1^ is generated by a current pump that has Vx as its 
input {Figure 5a). To develop the feedback IC2 converts the 
pulse output from IC1 into standard width precision current 
pulses that charge capacitor Cl. This capacitor integrates 
them into the voltage Vx, thus closing the loop. 


Op amp A2, serving as a comparator, ensures that the circuit 
will always start and continue running. If V|n suddenly jumps 
to a higher voltage, one pulse from the one-shot in IC1 may 
not be enough to recharge Cl to a voltage higher than the 
input. In such a case, the IC’s internal logic keeps its internal 
current switch turned on, and the voltage on Cl ramps up 
until it exceeds the input. During this time, however, ICI’s 
output hasn’t changed state. (Such a temporary hang-up 
isn’t unique to this circuit, and equivalent things happen to 
other V/Fs besides the LM131/LM331.) What is worse here, 
though, is that the lack of pulses to IC2 means that Vx and 1^ 
decay. The recharging current, Ig, is the same as 1^, so it not 
only becomes progressively harder for the voltage on Cl to 
catch up with the input, it may even fail to catch up entirely if 
(IgxRL) IS less than the input voltage. 
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Root Loop Computes (Continued) 

As a sign of this condition, when the converter hangs up, the 
one-shot’s timing node, pin 5, continues to charge well be¬ 
yond its normal peak of 2/3 Vg. As soon as the comparator 
A2 detects this rise, it pulls up voltage Vx, current 1^ in¬ 
creases, and the loop catches its breath again. 

After all these nonlinear computations, this last circuit Is 
about as linear as it can be. It’s a precision, ultralinear V/F 
converter based on an LM331A {Figure 8) that has several 
detail refinements over previous V/F converter circuits. 
Choosing the proper components and trimming the tempco 
give less than 0.02% error and 0.003% nonlinearity for a 
±20°C range around room temperature. 


This circuit has an active integrator, which includes the op 
amp and the integrating feedback capacitor, Cp- The integra¬ 
tor converts the input voltage, which is negative, into a 
positive-going ramp. When the ramp reaches the converter 
IC’s comparator threshold, the one-shot fires and switches a 
pulse of current to the integrator’s summing junction. This 
current makes the integrator’s output ramp down quickly. 
When the one-shot times out, the cycle repeats. 



00874211 


FIGURE 7. Two converter ICs generate an output frequency proportional to the square root of the input voltage. The 
circuit is an implicit loop in which iCI serves as a divider and V/F converter. This IC’s output goes back to its 
denominator input through F/V converter IC2 to make the circuit output equal the input’s square root. 
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Root Loop Computes (Continued) 


Vs 



FIGURE 8. An ultraprecision V/F converter, capabie of better than 0.02% error and 0.003% nonlinearity for a ±20”C 
range about room temperature, augments the basic converter with an external integrator. 


There are several reasons this converter circuit gives high 

performance: 

• A feedback limiter prevents the op amp from driving pm 7 
of the LM331A negative. The limiter circuit arrangement 
bypasses the leakage through CR5 to ground via R5, so 
It won’t reach the summing junction. Bypassing leakage 
this way is especially important at high temperatures. 

• The offset trimming pot is connected to the stable 1.9V 
reference at pin 2 instead of to a power supply bus that 
might be unstable and noisy. 

• A small fraction (180 pV, full-scale) of the input voitage 
goes via R4 to the Rg network, which improves the 
non-linearity from 0.004% to 0.002% 

• Resistors R2 and R3 are the same value, so that resis¬ 
tors such as Allen-Bradley type CC metal-film types can 
provide excellent tempco tracking at low cost. (This track¬ 
ing IS very good when equal values come from the same 
batch.) Resistor R1 should be a low tempco metal-film or 
wirewound type, with a maximum tempco of ±10 ppm/°C 
or ±25 ppm/°C. 

In addition, Cj should be a polystyrene or Teflon type. Poly¬ 
styrene is rated to 80°C, while Teflon goes to 150°C. Both 


types can be obtained with a tempco of -110 ±30 ppm/°C. 
Choosing this tempco for Cy makes the tempco, due to Cy, 
of the full-scale output frequency 110 ppm/°C. 

Using tight tolerance components results in a total tempco 
between 0 ppm/°C and 220 ppm/°C, so the tempco will never 
be negative. The voltage at CR1 and Rx has a tempco of 
-6 mV/°C, which can be used to compensate the tempco of 
the rest of the circuit. Trimming Rx compensates for the 
tempco of the V/F 1C, the capacitor, and all the resistors. 

A good starting value for selecting Rx is 430 kQ, which will 
give the 135 pA flowing out of pin 2 a slope of 110 ppm/°C. If 
the output frequency increases with temperature, a little 
more conductance should be added in parallel with Rx- 
When doing a second round of trimming, though, note that a 
resistor of, say, 4.3 MQ, has about the same effect on 
tempco when shunted across a 220 kQ resistor that it does 
when shunted across one of 430 kQ, namely, -11 ppm/°C. 
This technique can give tempcos below ±20 ppm/°C or even 
±10 ppm/°C. 
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Root Loop Computes (Continued) 

Some precautions help this procedure converge: 

1. Use a good capacitor for Cj. The cheapest polystyrene 
capacitors will shift in value by 0.05% or more per tem¬ 
perature cycle. The actual temperature sensitivity would 
be indistinguishable from the hysteresis, and the circuit 
would never be stable. 

2. After soldering, bake and/or temperature-cycle the cir¬ 
cuit (at a temperature not exceeding 75°C if Cj is poly¬ 
styrene) for a few hours, to stabilize all components and 
to relieve the strains from soldering. 

3. Don’t rush the trimming. Recheck the room temperature 
value, before and after the high temperature data are 


taken, to ensure that hysteresis per cycle is reasonably 
low. 

4. Don’t expect a perfect tempco at -25'’C if the circuit is 
trimmed for ±5 ppm/°C between 25°C and 60°C. If it’s 
been trimmed for zero tempco while warm, none of its 
components will be linear to much better than 5 ppm/°C 
or 10 ppm/°C when it’s cold. 

The values shown in this circuit are generally optimum for 
±12V to ±16V regulated supplies but any stable supplies 
between ±4V and ±22V would be usable, after changing a 
few component values. 
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Introduction 

It is frequently necessary to transmit digital data in a 
high-noise environment where ordinary integrated logic cir¬ 
cuits cannot be used because they do not have sufficient 
noise immunity. One solution to this problem, of course, is to 
use high-noise-immunity logic. In many cases, this approach 
would require worst case logic swings of 30V, requiring high 
power-supply voltages. Further, considerable power would 
be needed to transmit these voltage levels at high speed. 
This is especially true if the lines must be terminated to 
eliminate reflections, since practical transmission lines have 
a low characteristic impedance. 

A much better solution is to convert the ground referred 
digital data at the transmission end into a differential signal 
and transmit this down a balanced, twisted-pair line. At the 
receiving end, any induced noise, or voltage due to 
ground-loop currents, appears equally on both ends of the 
twisted-pair line. Hence, a receiver which responds only to 
the differential signal from the line will reject the undesired 
signals even with moderate voltage swings from the trans¬ 
mitter. 

Figure 1 illustrates this situation more clearly. When ground 
is used as a signal return as in Figure 1, the voltage seen at 
the receiving end will be the output voltage of the transmitter 


plus any noise voltage induced in the signal line. Hence, the 
noise immunity of the transmitter-receiver combination must 
be equal to the maximum expected noise from both sources. 
The differential transmission scheme diagrammed in Figure 
1 solves this problem. Any ground noise or voltage induced 
on the transmission lines will appear equally on both inputs 
of the receiver. The receiver responds only to the differential 
signal coming out of the twisted-pair line and delivers a 
single-ended output signal referred to the ground at the 
receiving end. Therefore, extremely high noise immunities 
are not needed; and the transmitter and receiver can be 
operated from the same supplies as standard integrated 
logic circuits. 

This article describes the operation and use of a line driver 
and line receiver for transmission systems using twisted-pair 
lines. The transmitter provides a buffered differential output 
from a DTL or TTL input signal. A four-input gate is included 
on the input so that the circuit can also perform logic. The 
receiver detects a zero crossing in the differential input 
voltage and can directly drive DTL or TTL integrated circuits 
at the receiving end. It also has strobe capability to blank out 
unwanted input signals. Both the transmitter and the receiver 
incorporate two independent units on a single silicon chip. 
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b Difference System 
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FIGURE 1. Comparing Differential and Single-Ended Data Transmission 


7-3 


www.national.com 


AN-22 




AN-22 


Line Driver 

Figure 2 shows a schematic diagram of the line transmitter. 
The circuit has a marked resemblance to a standard TTL 
buffer. In fact, it is possible to use a standard dual buffer as 
a transmitter. However, the DS7830 incorporates additional 
features. For one, the output is current limited to protect the 
driver from accidental shorts in the transmission lines. Sec¬ 
ondly, diodes on the output clamp sever voltage transients 
that may be induced into the transmission lines. Finally, the 
circuit has internal inversion to produce a differential output 
signal, reducing the skew between the outputs and making 
the output state independent of loading. 

As can be seen from the upper half of Figure 2, a 
quadruple-emitter input transistor, Q9, provides four logic 
inputs to the transmitter. This transistor drives the inverter 
stage formed by Q10 and Q11 to give a NAND output. A low 
state logic input on any of the emitters of Q9 will cause the 
base drive to be removed from Q10, since Q9 will be satu¬ 
rated by current from R8, holding the base of Q10 near 
ground. Hence, Q10 and Q11 will be turned off; and the 
output will be in a high state. When all the emitters of Q9 are 


at a one logic level, Q10 receives base drive from R8 
through the forward biased collector-base junction of Q9. 
This saturates Q10 and also Q11, giving a low output state. 
The input voltage at which the transition occurs is equal to 
the sum of the emitter-base turn on voltages of Q10 and Q11 
minus the saturation voltage of Q9. This is about 1.4V at 
25°C. 

A standard “totem-pole” arrangement is used on the output 
stage. When the output is switched to the high state, with 
Q10 and Q11 cut off, current is supplied to the load by Q13 
and Q14 which are connected in a modified Darlington con¬ 
figuration. Because of the high compound current gain of 
these transistors, the output resistance is quite low and a 
large load current can be supplied. RIO is included across 
the emitter-base junction of Q13 both to drain off any 
collector-base leakage current in Q13 and to discharge the 
collector-base capacitance of Q13 when the output is 
switched to the low state. In the high state, the output level is 
approximately two diode drops below the positive supply, or 
roughly 3.6V at 25°C with a 5.0V supply. 



FIGURE 2. Schematic Diagram of the DS7830 Line Driver 


With the output switched into the low state, Q10 saturates, 
holding the base of Q14 about one diode drop above ground. 
This cuts off Q13. Further, both the base current and the 
collector current of Q10 are driven into the base of Q11 


saturating it and giving a low-state output of about 0.1V. The 
circuit is designed so that the base of Q11 is supplied 6 mA, 
so the collector can drive considerable load current before it 
is pulled out of saturation. 
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Line Driver (Continued) 

The primary purpose of R12 is to provide current to remove 
the stored charge in Q11 and charge its collector-base ca¬ 
pacitance when the circuit is switched to the high state. Its 
value is also made less than R9 to prevent supply current 
transients which might otherwise occur (Note 1) when the 
power supply is coming up to voltage. 

The lower half of the transmitter in Figure 2 is identical to the 
upper, except that an inverter stage has been added This is 
needed so that an input signal which drives the output of the 
upper half positive will drive the lower half negative, and vice 
versa, producing a differential output signal. Transistors Q2 
and Q3 produce the inversion. Even though the current gam 
IS not necessarily needed, the modified Darlington connec¬ 
tion IS used to produce the proper logic transition voltage on 
the input of the transmitter. Because of the low load capaci¬ 
tance that the inverter sees when it is completely within the 
integrated circuit, it is extremely fast, with a typical delay of 3 
ns This minimizes the skew between the outputs. 

One of the schemes used when dual buffers are employed 
as a differential line driver is to obtain the NAND output in the 
normal fashion and provide the AND output by connecting 
the input of the second buffer to the NAND output Using an 
internal inverter has some distinct advantages over this: for 
one, capacitive loads which slow down the response of the 
NAND output will not introduce a time skew between the two 
outputs; secondly, line transients on the NAND output will 
not cause an unwanted change of state on the AND output. 
Clamp diodes, D1 through D4, are added on all inputs to 
clamp undershoot. This undershoot and ringing can occur in 
TTL systems because the rise and fall times are extremely 
short. 

Output-current limiting is provided by adding a resistor and 
transistor to each of the complementary outputs. Referring 
again to Figure 2, when the current on the NAND output 
increases to a value where the voltage drop across R11 is 
sufficient to turn on Q12, the short circuit protection comes 
into effect This happens because further increases in output 
current flow into the base of Q12 causing it to remove base 
drive from Q14 and, therefore, Q13. Any substantial increase 
in output current will then cause the output voltage to col¬ 
lapse to zero. Since the magnitude of the short circuit de¬ 
pends on the emitter base turn-on voltage of Q12, this 
current has a negative temperature coefficient. As the chip 
temperature increases from power dissipation, the available 
short circuit current is reduced. The current limiting also 
serves to control the current transient that occurs when the 
output is going through a transition with both Q11 and Q13 
turned on. 


becomes so high as to pull Q11 out of saturation, the output 
voltage will rise to two diode drops above ground. At this 
voltage, the collector-base junction of Q12 becomes forward 
biased and supplies additional base drive to Q11 through 
Q10 which IS saturated. This minimizes any further increase 
in output voltage. 

When either of the outputs are in the high state, they can 
drive a large current towards ground without a significant 
change in output voltage. However, noise induced on the 
transmission line which tries to drive the output positive will 
cut it off since it cannot sink current in this state. For this 
reason, D6 and D8 are included to clamp the output and 
keep It from being driven much above the supply voltage, as 
this could damage the circuit. 

When the output is in a low state, it can sink a lot of current 
to clamp positive-going induced voltages on the transmis¬ 
sion line However, it cannot source enough current to elimi¬ 
nate negative-going transients so D5 and D7 are included to 
clamp those voltages to ground. 

It is interesting to note that the voltage swing produced on 
one of the outputs when the clamp diodes go into conduction 
actually increases the differential noise immunity For ex¬ 
ample with no induced common mode current, the low-state 
output will be a saturation voltage above ground while the 
high output will be two diode drops below the positive supply 
voltage. With positive-going common mode noise on the 
line, the low output remains in saturation; and the high output 
IS clamped at a diode drop above the positive supply. Hence, 
in this case, the common mode noise increases the differ¬ 
ential swing by three diode drops. 
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FIGURE 3. High State Output Voltage 
as a Function of Output Current 


Note 1 : Kalb, “Design Considerations for a TTL Gate”, National Semicon¬ 
ductor TP-6, May, 1968 

The AND output is similarly protected by R6 and Q5, which 
limits the maximum output current to about 100 mA, prevent¬ 
ing damage to the circuit from shorts between the outputs 
and ground. 

The current limiting transistors also serve to increase the low 
state output current capability under severe transient condi¬ 
tions. For example, when the current into the NAND output 


Having explained the operation of the line driver, it is appro¬ 
priate to look at the performance in more detail. Figure 3 
shows the high-state output characteristics under load. Over 
the normal range of output currents, the output resistance is 
about 1012. With higher output currents, the short circuit 
protection is activated, causing the output voltage to drop to 
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Line Driver (Continued) 

zero. As can be seen from the figure, the short-circuit current 
decreases at higher temperatures to minimize the possibility 
of over-heating the integrated circuit. 



OUTPUT SINK CURRENT (mA) 


FIGURE 4. Low-State Output Current as a 
Function of Output Current 
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FIGURE 5. Differential Output Voltage as a 
Function of Differential Output Current 
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FIGURE 6. Power Dissipation as a 
Function of Switching Frequency 


Figure 4 is a similar graph of the low-state output character¬ 
istics. Here, the output resistance is about 5Q with normal 
values of output current. With larger currents, the output 
transistor is pulled out of saturation; and the output voltage 
increases. This is more pronounced at -55°C where the 
transistor current gain is the lowest. However, when the 
output voltage rises about two diode drops above ground, 
the collector-base junction of the current-limit transistor be¬ 
comes forward biased, providing additional base drive for 
the output transistor. This roughly doubles the current avail¬ 
able for clamping positive common-mode transients on the 
twisted-pair line. It is interesting to note that even though the 
output level increases to about 2V under this condition, the 
differential noise immunity does not suffer because the 
high-state output also, increases by about 3V with positive 
going common-mode transients. 

It is clear from the figure that the low state output current is 
not effectively limited. Therefore, the device can be dam¬ 
aged by shorts between the output and the 5V supply. How¬ 
ever, protection against shorts between outputs or from the 
outputs to ground is provided by limiting the high-state cur¬ 
rent. 

The curves in Figure 3 and Figure 4 demonstrate the perfor¬ 
mance of the line driver with large, capacitively-coupled 
common-mode transients, or under gross overload condi¬ 
tions. Figure 5 shows the ability of the circuit to drive a 
differential load: that is, the transmission line. It can be seen 
that for output currents less than 35 mA, the output resis¬ 
tance is approximately 15Q. At both temperature extremes, 
the output falls off at high currents. At high temperatures, this 
is caused by current limiting of the high output state. At low 
temperatures, the fall off of current gain in the low-state 
output transistor produces this result. 

Load lines have been included on the figure to show the 
differential output with various load resistances. The output 
swing can be read off from the intersection of the output 
characteristic with the load line. The figure shows that the 
driver can easily handle load resistances greater than 100Q. 
This is more than adequate for practical, twisted-pair lines. 
Figure 6 shows the no load power dissipation, for one-half of 
the dual line driver, as a function of frequency. This informa¬ 
tion is important for two reasons. First, the increase in power 
dissipation at high frequencies must be added to the excess 
power dissipation caused by the load to determine the total 
package dissipation. Second, and more important, it is a 
measure of the “glitch” current which flows from the positive 
supply to ground through the output transistors when the 
circuit is going through a transition. If the output stage is not 
properly designed, the current spikes in the power supplies 
can become quite large; and the power dissipation can 
increase by as much as a factor of five between 100 kHz and 
10 MHz. The figure shows that, with no capacitive loading, 
the power increases with frequencies as high as 10 MHz is 
almost negligible. However, with large capacitive loads, 
more power is required. 

The line receiver is designed to detect a zero crossing in the 
differential output of the line driver. Therefore, the propaga¬ 
tion time of the driver is measured as the time difference 
between the application of a step input and the point where 
the differential output voltage crosses zero. A plot of the 
propagation time over temperature is shown in Figure 7 . 
This delay is added directly to the propagation time of the 
transmission line and the delay of the line receiver to deter¬ 
mine the total data-propagation time. However, in most 
cases, the delay of the driver is small, even by comparison to 
the uncertainties in the other delays. 
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FIGURE 7. Propagation Time as a 
Function of Temperature 

To summarize the characteristics of the DS7830 line driver, 
the input interfaces directly with standard TTL circuits. It 
presents a load which is equivalent to a fan out of 3 to the 
circuit driving it, and it operates from the 5.0V, ±10% logic 
supplies. The output can drive low impedance lines down to 
500. and capacitive loads up to 5000 pF. The time skew 
between the outputs is minimized to reduce radiation from 
the twisted-pair lines, and the circuit is designed to clamp 
common mode transients coupled into the line. Short circuit 
protection is also provided. The integrated circuit consists of 
two independent drivers fabricated on a 41 x 53 mil-square 
die using the standard TTL process. A photomicrograph of 
the chip is shown in Figure 8 . 



FIGURE 8. Photomicrograph of the 
DS7830 Dual Line Driver 


Line Receiver 

As mentioned previously, the function of the line receiver is 
to convert the differential output signal of the line driver into 
a single ended, ground-referred signal to drive standard 
digital circuits on the receiving end. At the same time it must 
reject the common mode and induced noise on the transmis¬ 
sion line. 

Normally this would not be too difficult a task because of the 
large signal swings involved. However, it was considered 
important that the receiver operate from the +5V logic supply 
without requiring additional supply voltages, as do most 
other line receiver designs. This complicates the situation 
because the receiver must operate with ±15V input signals 
which are considerably greater than the operating supply 
voltage. 

The large common mode range over which the circuit must 
work can be reduced with an attenuator on the input of the 
receiver. In this design, the input signal is attenuated by a 
factor of 30. Hence, the ±15V common mode voltage is 
reduced to ±0.5V, which can be handed easily by circuitry 
operating from a 5V supply. However, the differential input 
signal, which can go down as low as ±2.4V in the worst 
case, is also reduced to ±80 mV. Hence, it is necessary to 
employ a fairly accurate zero crossing detector in the re¬ 
ceiver. 

System requirements dictated that the threshold inaccuracy 
introduced by the zero crossing detector be less than 17 mV. 
In principle, this accuracy requirement should not pose in¬ 
surmountable problems because it is a simple matter to 
make well matched parts in an integrated circuit. 

Figure 9 shows a simplified schematic diagram of the circuit 
configuration used for the line receiver The input signal is 
attenuated by the resistive dividers R1-R2 and R8-R3. This 
attenuated signal is fed into a balanced DC amplifier, oper¬ 
ating in the common base configuration. This input amplifier, 
consisting of Q1 and Q2, removes the common mode com¬ 
ponent of the input signal. Further, it delivers an output signal 
at the collector of Q2, which is nearly equal in amplitude to 
the original differential input signal, this output signal is 
buffered by Q6 and drives an output amplifier, Q8. The 
output stage drives the logic load directly. 

An understanding of the circuit can be obtained by first 
considering the input stage. Assuming high current gains 
and neglecting the voltage drop across R3, the collector 
current of Q1 will be; 


, - Vbei - Vbe3 - VbE4 

=- 

( 1 ) 

With equal emitter-base voltages for all transistors, this be¬ 
comes: 


lci = 


V'*' - 3Vbe 

R11 


The output voltage at the collector of Q2 will be: 
Vc2 = V+ - Ic2R12 


( 2 ) 

(3) 
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Line Receiver (Continued) 

When the differential input voltage to the receiver is zero, the 
voltages presented to the emitters of Q1 and Q2 will be 
equal. If Q1 and Q2 are matched devices, which is easy to 
arrange when they are fabricated close together on a single 
silicon chip, their collector currents will be equal with zero 
input voltage. Hence, the output voltage from Q2 can be 
determined by substituting (2) into (3); 


Vc2 = ~ 

For R11 = R12, this becomes: 

Vq2 = 3Vbe 


( 4 ) 



FIGURE 9. Simplified Schematic of the Line Receiver 


The voltage on the base of Q6 will likewise be 3 Vbe when 
the output is on the verge of switching from a zero to a one 
state. A differential input signal which causes Q2 to conduct 
more heavily will then make the output go high, while an 
input signal in the opposite direction will cause the output to 
saturate. 

It should be noted that the balance of this circuit is not 
affected by absolute values of components—only by how 
well they match. Nor is it affected by variations in the positive 
supply voltage, so it will perform well with standard logic 
supply voltages between 4.5V and 5.5V. In addition, compo¬ 
nent values are chosen so that the collector currents of Q4 
and Q6 are equal. As a result, the base currents of Q4 and 
Q6 do not upset the balance of the input stage. This means 
that circuit performance is not greatly affected by production 
or temperature variations in transistor current gain. 

A complete schematic of the line receiver, shown in Figure 
10, shows several refinements of the basic circuit which are 
needed to secure proper operation under all conditions. For 
one, the explanation of the simplified circuit ignores the fact 
that the collector current of Q1 will be affected by common 
mode voltage developed across R3. This can give a 0.5V 
threshold error at the extremes of the ±15V common mode 


range. To compensate for this, a separate divider, R9 and 
R10, is used to maintain a constant collector current in Q1 
with varying common mode signals. With an increasing com¬ 
mon mode voltage on the non-inverting input, the voltage on 
the emitter of Q1 will increase. Normally, this would cause 
the voltage across R11 to decrease, reducing the collector 
current of Q1. However, the increasing common mode signal 
also drives the top end of R11 through R9 and R10 so as to 
hold the voltage drop across R11 constant. 

In addition to improving the common mode rejection, R9 also 
forces the output of the receiver into the high state when 
nothing is connected to the input lines. This means that the 
output will be in a pre-determined state when the transmis¬ 
sion cables are disconnected. 

A diode connected transistor, Q5, is also added in the com¬ 
plete circuit to provide strobe capability. With a logic zero on 
the strobe terminal, the output will be high no matter what the 
input signal is. With the strobe, the receiver can be made 
immune to any noise signals during intervals where no digital 
information is expected. The output state with the strobe on 
is also the same as the output state with the input terminals 
open. 


WWW national.com 


7-8 




Line Receiver (Continued) 


RESPONSE TIME 
CONTROL 



DM7820 dual line receiver (one side) 


FIGURE 10. Complete Schematic of One Half of the DS7820 Line Receiver 


The collector of Q2 is brought out so that an external capaci¬ 
tor can be used to slow down the receiver to where it will not 
respond to fast noise spikes. This capacitor, which is con¬ 
nected between the response-time-control terminal and 
ground, does not give exactly-symmetrical delays. The delay 
for input signals which produce a positive-going output will 
be less than for input signals of opposite polarity. This hap¬ 
pens because the impedance on the collector of Q2 drops as 
Q6 goes into saturation, reducing the effectiveness of the 
capacitor. 

Another difference in the compiete circuit is that the output 
stage is improved both to provide more gain and to reduce 
the output resistance in the high output state. This was 
accomplished by adding Q9 and Q10. When the output 
stage is operating in the linear region, that is, on the verge of 
switching to either the high or the low state, Q9 and Q10 
form sort of an active collector load for Q8. The current 
through R15 is constant at approximately 2 mA as the output 
voltage changes through the active region. Hence, the per¬ 
centage change in the collector current of Q8 due to the 
voltage change across R17 is made smaller by this pre-bias 
current; and the effective stage gain is increased. 

With the output in the high state (Q8 cut off), the output 
resistance is equal to R15, as long as the load current is less 
than 2 mA. When the load current goes above this value, Q9 
turns on; and the output resistance increases to 1.5k, the 
value of R17. 


This particular output configuration gives a higher gain than 
either a standard DTL or TTL output stage. It can also drive 
enough current in the high state to make it compatible with 
TTL, yet outputs can be wire OR’ed as with DTL. 
Remaining details of the circuit are that Q7 is connected as 
an emitter follower to make the circuit even less sensitive to 
transistor current gams. R16 limits the base drive to Q7 with 
the output saturated, while R17 limits the base drive to the 
output transistor, Q8. A resistor, R7, which can be used to 
terminate the twisted-pair line is aiso included on the chip. It 
is not connected directly across the inputs. Instead, one end 
is left open so that a capacitor can be inserted in series with 
the resistor. The capacitor significantly reduces the power 
dissipation in both the line transmitter and receiver, espe¬ 
cially in low-duty-cycle applications, by terminating the line at 
high frequencies but blocking steady-state current flow in the 
terminating resistor. 

Since line receivers are generally used repetitively in a sys¬ 
tem, the DS7820 has been designed with two independent 
receivers on a single silicon chip. The device is fabricated on 
a 41 X 49 mil-square die using the standard six mask 
planar-epitaxial process. The processing employed is iden¬ 
tical to that used on TTL circuits, and the design does not 
impose any unusual demands on the processing. It is only 
required that various parts within the circuit match well, but 
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Line Receiver (Continued) 

this is easily accomplished in a monolithic integrated circuit 
without any special effort in manufacturing. A photomicro¬ 
graph of the integrated circuit chip is shown in Figure 11. 



00718812 


FIGURE 11. Photomicrograph of the DS7820 
Dual Line Receiver 

The only components in the circuit which see voltages higher 
than standard logic circuits are the resistors used to attenu¬ 
ate the input signal. These resistors, R1, R7, R8 and R9, are 
diffused into a separate, floating, N-type isolation tub, so that 
the higher voltage is not seen by any of the transistors. For 
a ±15V input voltage range, the breakdown voltages re¬ 
quired for the collector-isolation and collector-base diodes 
are only 15V and 19V, respectively. These breakdown volt¬ 
ages can be achieved readily with standard digital process¬ 
ing. 

The purpose of the foregoing was to provide some insight 
into circuit operation. A more exact mathematical analysis of 
the device is developed in Appendix A. 

Receiver Performance 

The characteristics of the line receiver are described graphi¬ 
cally in Figures 12, 13, 14, 15, 16, 17, 18. Figure 12 illus¬ 
trates the effect of supply voltage variations on the threshold 
accuracy. The upper cun/e gives the differential input voltage 
required to hold the output at 2.5V while it is supplying 200 
pA to the digital load. The lower curve shows the differential 
input needed to hold the output at 0.4V while it sinks 3.5 mA 
from the digital load. This load corresponds to a worst case 
fanout of 2 with either DTL or TTL integrated circuits. The 


data shows that the threshold accuracy is only affected by 
±60 mV for a ±10% change in supply voltage. Proper op¬ 
eration can be secured over a wider range of supply volt¬ 
ages, although the error becomes excessive at voltages 
below 4V. 



4 4.5 5 5.5 6 

SUPPLY VOLTAGE (V) 

00718813 

FIGURE 12. Differential Input Voltage Required for 
High or Low Output as a Function of Supply Voltage 

Figure 13 is a similar plot for varying common mode input 
voltage. Again the differential input voltages are given for 
high and low states on the output with a worst case fanout of 
2. With precisely matched components within the integrated 
circuit, the threshold voltage will not change with common 
mode voltage. The mismatches typically encountered give a 
threshold voltage change of ±100 mV over a ±20V common 
mode range. This change can have either a positive slope or 
a negative slope. 
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FIGURE 13. Differential Input Voltage Required for 
High or Low Output as a Function 
of Common Mode Voltage 
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Receiver Performance (Continued) 
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FIGURE 14. Voltage Transfer Function 


of the transmitter and the receiver It is important to note that 
Figure 16 gives the dissipation for one half the dual receiver. 
The total package dissipation will be twice the values given 
when both sides are operated under identical conditions. 



INPUT VOLTAGE (V) 


The transfer function of the circuit is given in Figure 14. The 
loading is for a worst case fanout of 2. The digital load is not 
linear, and this is reflected as a non-linearity in the transfer 
function which occurs with the output around 1.5V. These 
transfer characteristics show that the only significant effect of 
temperature is a reduction in the positive swing at -55°C. 
However, the voltage available remains well above the 2.5V 
required by digital logic. 
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FIGURE 15. Response Time with and 
without an External Delay Capacitor 
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FIGURE 16. Internal Power Dissipation as a Function 
of Common Mode input Voltage 

Figure //shows that the power supply current also changes 
with common mode input voltage due to the current drawn 
out of or fed into the supply through R9. The supply current 
reaches a maximum with negative input voltages and can 
actually reverse with large positive input voltages. The figure 
also shows that the supply current with the output switched 
into the low state is about 3 mA higher than with a high 
output. 



-20 -10 0 10 20 


Figure 15 gives the response time, or propagation delay, of 
the receiver. Normally, the delay through the circuit is about 
40 ns. As shown, the delay can be increased, by the addition 
of a capacitor between the response-time terminal and 
ground, to make the device immune to fast noise spikes on 
the input. The delay will generally be longer for negative 
going outputs than for positive going outputs. 

Under normal conditions, the power dissipated in the re¬ 
ceiver is relatively low. However, with large common mode 
input voltages, dissipation increases markedly, as shown in 
Figure 16. This is of little consequence with common mode 
transients, but the increased dissipation must be taken into 
account when there is a DC difference between the grounds 
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FIGURE 17. Power Supply Current as a Function of 
Common Mode Input Voltage 

The variation of the internal termination resistance with tem¬ 
perature is illustrated in Figure 18. Taking into account the 
initial tolerance as well as the change with temperature, the 
termination resistance is by no means precise. Fortunately, 
in most cases, the termination resistance can vary apprecia¬ 
bly without greatly affecting the characteristics of the trans¬ 
mission line. If the resistor tolerance is a problem, however, 
an external resistor can be used in place of the one provided 
within the integrated circuit. 
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FIGURE 18. Variation of Termination Resistance 
with Temperature 


Data Transmission 

The interconnection of the DS7830 line driver with the 
DS7820 line receiver is shown in Figure 19. With the excep¬ 
tion of the transmission line, the design is rather straightfor¬ 
ward. Connections on the input of the driver and the output 
or strobe of the receiver follow standard design rules for DTL 
or TTL integrated logic circuits. The load presented by the 
driver inputs is equal to 3 standard digital loads, while the 
receiver can drive a worst-case fanout of 2. The load pre¬ 
sented by the receiver strobe is equal to one standard load. 
The purpose of Cl on the receiver is to provide DC isolation 
of the termination resistor for the transmission line. This 


capacitor can both increase the differential noise immunity, 
by reducing attenuation on the line, and reduce power dis¬ 
sipation in both the transmitter and receiver. In some appli¬ 
cations, Cl can be replaced with a short between Pins 1 and 
2, which connects the internal termination resistor of the 
DS7820 directly across the line. C2 may be included, if 
necessary, to control the response time of the receiver, 
making it immune to noise spikes that may be coupled 
differentially into the transmission lines. 


ci^ 

0.002 mF 



LINE DRIVER AND RECEIVER* 

*Exact value depends on line length 

*V+ IS 4 5V to 5 5V for both the DS720 and DS7830 

^Optional to control response time 


FIGURE 19. Interconnection of the Line Driver and Line Receiver 
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Data Transmission (Continued) 

The effect of termination mismatches on the transmission 
line is shown in Figure 20. The line was constructed of a 
twisted pair of No. 22 copper conductors with a characteristic 
impedance of approximately 170Q. The line length was 
about 150 ns and it was driven directly from a DS7830 line 
driver. The data shows that termination resistances which 
are a factor of two off the nominal value do not cause 
significant reflections on the line. The lower termination re¬ 
sistors do, however, increase the attenuation. 



tor is used. The line is identical to that used in the previous 
example. It can be seen that the transient reponse is nearly 
the same as a DC terminated line. The attenuation, on the 
other hand, is considerably lower, being the same as an 
unterminated line. An added advantage of using the isolation 
capacitor is that the DC signal current is blocked from the 
termination resistor which reduces the average power drain 
of the driver and the power dissipation in both the driver and 
receiver. 



TIME (ms) 
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FIGURE 20. Transmission Line Response 
with Various Termination Resistances 

Figure 21 gives the line-transmission characteristics with 
various termination resistances when a DC isolation capaci¬ 


FIGURE 21. Line Response for Various Termination 
Resistances with a DC Isolation Capacitor 

The effect of different values of DC isolation capacitors is 
illustrated in Figure 22. This shows that the RC time constant 
of the termination resistor/isolation capacitor combination 
should be 2 to 3 times the line delay. As before, this data was 
taken for a 150 ns long line. 
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FIGURE 22. Response of Terminated Line with 
Different DC Isolation Capacitors 
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FIGURE 23. Line Response With Different Terminations and Common Mode Input Voltages 


In Figure 23, the influence of a varying ground voltage 
between the transmitter and the receiver is shown. The 
difference in the characteristics arises because the source 
resistance of the driver is not constant under all conditions. 
The high output of the transmitter looks like an open circuit to 
voltages reflected from the receiving end of the transmission 
line which try to drive it higher than its normal DC state. This 
condition exists until the voltage at the transmitting end 
becomes high enough to forward bias the clamp diode on 
the 5V supply. Much of the phenomena which does not 
follow simple transmission-line theory is caused by this. For 
example, with an unterminated line, the overshoot comes 
from the reflected signal charging the line capacitance to 
where the clamp diodes are forward biased. The overshoot 
then decays at a rate determined by the total line capaci¬ 
tance and the input resistance of the receiver. 

When the ground on the receiver is 15V more negative than 
the ground at the transmitting end, the decay with an un¬ 
terminated line Is faster, as shown in Figure 23. This occurs 
because there is more current from the input resistor of the 
receiver to discharge the line capacitance. With a terminated 
line, however, the transmission characteristics are the same 
as for equal ground voltages because the terminating resis¬ 
tor keeps the line from getting charged. 

Figure 23 gives the transmission characteristics when the 
receiver ground is 15V more positive than the transmitter 
ground. When the line is not terminated, the differential 
voltage swing is increased because the high output of the 
driver will be pulled against the clamp diodes by the common 
mode input current of the receiver. With a DC isolation 
capacitor, the differential swing will reach this same value 
with a time constant determined by the isolation capacitor 
and the input resistance of the receiver. With a DC coupled 
termination, the characteristics are unchanged because the 
differential load current Is large by comparison to the com¬ 
mon mode current so that the output transistors of the driver 
are always conducting. 

The low output of the driver can also be pulled below ground 
to where the lower clamp diode conducts, giving effects 
which are similar to those described for the high output. 
However, a current of about 9 mA is required to do this, so it 
does not happen under normal operating conditions. 

To summarize, the best termination Is an RC combination 
with a time constant approximately equal to 3 times the 


transmission-line delay. Even though its value is not pre¬ 
cisely determined, the internal termination resistor of the 
integrated circuit can be used because the line characteris¬ 
tics are not greatly affected by the termination resistor. 

The only place that an RC termination can cause problems is 
when the data transmission rate approaches the line delay 
and the attenuation down the line (terminated) is greater 
than 3 dB. This would correspond to more than 1000 ft. of 
twisted-pair cable with No. 22 copper conductors. Under 
these conditions, the noise margin can disappear with 
iow-duty-cycle signals. If this is the case, it is best to operate 
the twisted-pair line without a termination to minimize trans¬ 
mission losses. Reflections should not be a problem as they 
will be absorbed by the line losses. 

Conclusion 

A method of transmitting digital information in high-noise 
environments has been described. The technique is a much 
more attractive solution than high-noise-immunity logic as it 
has lower power consumption, provides more noise rejec¬ 
tion, operates from standard 5V supplies, and is fully com¬ 
patible with almost all integrated logic circuits. An additional 
advantage is that the circuits can be fabricated with inte¬ 
grated circuit processes used for standard logic circuits. 

Appendix A 

LINE RECEIVER 
Design Analysis 

The purpose of this appendix is to derive mathematical 
expressions describing the operation of the line receiver. It 
will be shown that the performance of the circuit is not greatly 
affected by the absolute value of the components within the 
integrated circuit or by the supply voltage. Instead, it de¬ 
pends mostly on how well the various parts match. 

The analysis will assume that all the resistors are well 
matched in ratio and that the transistors are likewise 
matched, since this is easily accomplished over a broad 
temperature range with monolithic construction. However, 
the effects of component mismatching will be discussed 
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Appendix A (Continued) 

where important. Further, large transistor current gains will 
be assumed, but it will be pointed out later that this is valid 
for current gains greater than about 10. 

A schematic diagram of the DS7820 line receiver is shown in 
Figure 24. Referring to this circuit, the collector current of the 
input transistor is given by 

I ~ VbEI ~ VbE3 - VbE4 

R9//R10 + R11 + R3//R8 

R3 R3//R11 

R4 + 2R6 -f R3 R8 + R3//R1 

R9//R10 + R11 + R3//R8 
rv . R10//R11 

+ R9 + R10//R11 

^ R9//R10 + R11 + R3//R8 

(5) 

where V|n is the common mode input voltage and Ra//Rb 
denotes the parallel connection of the two resistors. In Equa¬ 
tion (5), R8 = R9, R3 = RIO, RIO^ R11, R9 > RIO, 
R3 R11, R8 > R3 and 


R4 + 2R6 + R3 


so It can be reduced to 


lci 


\/+ qw w4 

RIO + R11 + R3 


( 6 ) 


which shows that the collector current of Q1 is not affected 
by the common mode voltage. 

The output voltage on the collector of Q2 is 

Vc2 = V+-Ic2R12 (7) 

For zero differential input voltage, the collector currents of 
Q1 and Q2 will be equal so Equation (7) becomes 

R12(v+ -3 Vbe-^V+) 

RIO + R11 + R3 

( 8 ) 

It is desired that this voltage be 3Vbe so that the output stage 
IS just on the verge of switching with zero input. Forcing this 
condition and solving for R12 yields 


R12 = (RIO + R11 + R3)- 


8Vbe 




■3Vbe-^V" 


(9) 


This shows that the optimum value of R12 is dependent on 
supply voltage. For a 5V supply it has a value of 4.7 kQ. 
Substituting this and the other component values into {Equa¬ 
tion (8)), 


Vc2 = 2.83 Vbe + 0.081 V+, (10) 


which shows that the voltage on the collector of Q2 will vary 
by about 80 mV for a IV change in supply voltage. 

The next step in the analysis is to obtain an expression for 
the voltage gam of the input stage. 


RESPONSE TIME 
CONTROL 



FIGURE 24. Schematic Diagram of One Haif of the DS7820 Line Receiver 


An equivalent circuit of the input stage is given in Figure 25. 
Noting that R6 = R7 = R8 and R2 = 0.1 (R6 + R7[D ]R8), the 
change in the emitter current of Q1 for a change in input 
voltage is 


A1e2 ^ 


0.9 R2 


R1 (0.9 R2 -f Re2) 


AV,n 


( 11 ) 
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Appendix A (Continued) 

Hence, the change in output voltage will be 


^Vqut = alE2R'>2 

0.9aR2R12 


R1 (0.9 R2 + Re2 


AV|n 


Since a = 1, the voltage gain is 

0.9R2R12 


Avi = 


R1 (0.9 R2 + Re2) 


The emitter resistance of Q2 is given by 
kT 


Re2 = 


Ic2 ^ 


Re2 = 


qic2 


3VbE 


R12 

kTR12 

q (V+ - 3 Vbe) 


( 12 ) 


(13) 


(14) 


(15) 


(16) 


Therefore, at 25°C where Vve = 670 mV and kT/q = 26 mV, 
the computed value for gam is 0.745. The gain is not greatly 
affected by temperature as the gain at -55°C where V^^ = 
810 mV and kT/q = 18 mV is 0.774, and the gain at 125°C 
where V^e = 480 mV and kT/q = 34 mV is 0.730. 

With a voltage gain of 0.75, the results of Equation (10) show 
that the input referred threshold voltage will change by 0.11 V 
for a IV change in supply voltage. With the standard 
± 10-percent supplies used for logic circuits, this means that 
the threshold voltage will change by less than ±60 mV. 


Finally, the threshold error due to finite gain in the output 
stage can be considered. The collector current of Q7 from 
the bleeder resistor R14, is large by comparison to the base 
current of Q8, if Q8 has a reasonable current gain. Hence, 
the collector current of Q7 does not change appreciably 
when the output switches from a logic one to a logic zero. 
This is even more true for Q6, an emitter follower which 
drives Q7. Therefore, it is safe to presume that Q6 does not 
load the output of the first-stage amplifier, because of the 
compounded current gain of the three transistors, and that 
Q8 is driven from a low resistance source. 


It follows that the gain of the output stage can be determined 
from the change in the emitter-base voltage of Q8 required 
to swing the output from a logic one state to a logic zero 
state. The expression 


* kT lci 
AVbe = — loge ^ 
q iC2 

(17) 

describes the change in emitter-base voltage required to 
vary the collector current from one value, lci, to a second, 
Iq 2 . With the output of the receiver in the low state, the 
collector current of Q8 is 


lOL = 


- VqL ~ VbE9 ~ VbE10 
R17 


VbE9 

R15 


VbE8 , VbE7 , , 


(18) 


where Vql is the low state output voltage and Isink is the 
current load from the logic that the receiver is driving. Noting 
that R13 = 2R14 and figuring that all the emitter-base volt¬ 
ages are the same, this becomes 


lOL = 


- Vql - 2Vbe 
R17 


+ 


Vbe 

R15 


. ^BE 
2R14 


+ isiNK 


(19) 


Similarly, with the output in the high state, the collector 
current of Q8 is 


•oh - 


~ Vqh ~ Vbe9 ~ Vbeio 
R17 


+ ^BE9 _ VbE8 
R15 R14 


_i- ^BE7 , 


( 20 ) 


where Vqh is the high-level output voltage and Isource is 
the current needed to supply the input leakage of the digital 
circuits loading the comparator. 



FIGURE 25. Equivalent Circuit Used to Calculate Input Stage Gain 
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With the same conditions used in arriving at {Equation (19)), 
this becomes 


Iqh = 


V+ - Vqh - 2Vbe 
R17 


+ 


Vbe 

R15 


Vbe 

2R14 


- IsOURCE 


( 21 ) 


From {Equation (17)) the change in the emitter-base voltage 
of Q8 in going from the high output level to the low output 
level IS 


^Vbe = ^ loge 

q Iqh 

( 22 ) 

providing that Q8 is not quite in saturation, although it may 
be on the verge of saturation. 

The change of input threshold voltage is then 


AVth = 

qAvi loH 


(23) 


where A^i is the input stage gain. With a worst case fanout of 
2, where Vqh = 2.5V, Vql = 0 4V, Isource = 40 pAand Isink 
= 3.2 mA, the calculated change in threshold is 37 mV at 
25°C, 24 mV at -55°C and 52 mV at 125°C. 


The measured values of overall gain differ by about a factor 
of two from the calculated gain. This is not too surprising 
because a number of assumptions were made which intro¬ 
duce small errors, and all these errors lower the gam. It is 
also not too important because the gain is high enough 
where another factor of two reduction would not cause the 
circuit to stop working. 

The mam contributors to this discrepancy are the non-ideal 
behavior of the emitter-base voltage of Q8 due to current 


crowding under the emitter and the variation in the emitter 
base voltage of Q7 and Q8 with changes in collector-emitter 
voltage (hpE)- 

Although these parameters can vary considerably with dif¬ 
ferent manufacturing methods, they are relatively fixed for a 
given process. The AVg^ errors introduced by these quanti¬ 
ties, if known, can be added directly into Equation (22) to 
give a more accurate gain expression. 

The most stringent matching requirement in the receiver is 
the matching of the input stage divider resistors: R1 with R8 
and R2 with R3. As little as 1% mismatch in one of these 
pairs can cause a threshold shift of 150 mV at the extremes 
of the ±15V common mode range. Because of this, it is 
necessary to make the resistors absolutely identical and 
locate them close together. In addition, since R1 and R8 do 
dissipate a reasonable amount of power, they have to be 
located to minimize the thermal gradient between them. To 
do this, R9 was located between R1 and R8 so that it would 
heat both of these resistors equally. There are not serious 
heating problems with R2 and R3; however, because of their 
low resistance value, it was necessary even to match the 
lengths of the aluminum interconnects, as the resistance of 
the aluminum is high enough to cause intolerable mis¬ 
matches. Of secondary importance is the matching of Q1 
and Q2 and the matching of ratios between R11 and R12. A 
1 mV difference in the emitter-base voltages of Q1 and Q2 
causes a 30 mV input offset voltage as does a 1 % mismatch 
in the ratio of R11 to R12. 

The circuit is indeed insensitive to transistor current gains as 
long as they are above 10. The collector currents of Q4 and 
Q6 are made equal so that their base currents load the 
collectors of Q1 and Q2 equally. Hence, the input threshold 
voltage is affected only by how well the current gains match. 
Low current gam in the output transistor, Q8, can cause a 
reduction in gain. But even with a current gain of 10, the error 
produced in the input threshold voltage is less than 50 mV. 


7-17 


WWW. national com 


AN-22 




AN-214 


Transmission Line Drivers 
and Receivers for TiA/EiA 
Standards RS-422 and 
RS-423 

Introduction 

With the advent of the microprocessor, logic designs have 
become both sophisticated and modular in concept. Fre¬ 
quently the modules making up the system are very closely 
coupled on a single printed circuit board or cardfile. In a 
majority of these cases a standard bus transceiver will be 
adequate. However because of the distributed intelligence 
ability of the microprocessor, it is becoming common prac¬ 
tice for the peripheral circuits to be physically separated from 
the host processor with data communications being handled 
over cables (e.g. plant environmental control or security 
system). And often these cables are measured in hundreds 
or thousands of feet as opposed to inches on a backplane. At 
this point the component wavelengths of the digital signals 
may become shorter than the electrical length of the cable 
and consequently must be treated as transmission lines. 
Further, these signals are exposed to electrical noise 
sources which may require greater noise immunity than the 
single chassis system. 

It is the object of this application note to underscore the more 
important design requirements for balanced and unbalanced 
transmission lines, and to show that National’s DS1691 
driver and DS78LS120 receiver meet or exceed all of those 
requirements. 

The Requirements 

The requirements for transmission lines and noise immunity 
have been adequately recognized by National Semiconduc- 


National Semiconductor 
Application Note 214 
John Abbott 
John Goldie 


tor’s application note AN-108 and TIA/EIA standards TIA/ 
EIA-422-B (balanced) and TIA/EIA-423-B (unbalanced). In 
this application note the generic terms of RS-422 and 
RS-423 will be used to represent the respective TIA/EIA 
standards. A summary review of these notes will show that 
the controlling factors in a voltage digital interface are: 

1. The cable length 

2. The data signaling rate 

3. The characteristic of the interconnection cable 

4. The rise time of the signal 

RS-422 and RS-423 contain several useful guidelines rela¬ 
tive to the choice of balanced circuits versus unbalanced 
circuits. Figure 1 and Figure 2 are the digital interface for 
balanced (1) and unbalanced (2) circuits. 

Even though the unbalanced interface circuit is intended for 
use at lower modulation rates than the balanced circuit, its 
use IS not recommended where the following conditions 
exist: 

1. The interconnecting cabie is exposed to noise sources 
which may cause a voltage sufficient to indicate a 
change of binary state at the load. 

2. It is necessary to minimize interference with other sig¬ 
nals, such as data versus clock. 

3. The interconnecting cable is too long electrically for 
unbalanced operation {Figure 3). 




Legend 

Rt = Transmission line termination and/or receiver input impedance 
Vqround = Ground potential difference 
A, B = Driver interface 
A', B' = Load interface 
C = Driver circuit ground 
C = Load circuit ground 


FIGURE 1. Balanced Digital Interface Circuit 
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The Requirements (Continued) 



UNBALANCED 
-INTERCONNECTING — 
CABLE 

SIGNAL CONDUCTOR 


SIGNAL COMMON RETURN 


^^Rounio- 


00585402 

Legend 

Rt = Transmission line termination and/or receiver input impedance 
Vground = Ground potential difference 
A, C = Driver interface 
A', B‘ = Load interface 
C = Driver circuit ground 
C = Load circuit ground 



FIGURE 2. Unbalanced Digital Interface Circuit 


Cable Length 

While there is no maximum cable length specified, guide¬ 
lines are given with respect to conservative operating dis¬ 
tances as a function of data signaling rate. Figure 3 is a 
composite of the guidelines provided by RS-422 and RS-423 
for data signaling rate versus cable length. The data is for 24 
AWG twisted pair cable terminated for worst case (due to IR 
drop) in a 1000 load, with rise and fall times equal to or less 
than one half unit interval at the applied data rate. 

The maximum cable length between driver and load is a 
function of the data signaling rate. But it is influenced by; 

1. A maximum common noise range of ±7 volts 

A. The amount of common-mode noise 

Difference of driver and receiver ground potential 
plus driver offset voltage and coupled peak random 
noise. 

B. Ground potential differences between driver and 
load. 

C. Cable balance 

Differential noise caused by imbalance between the 
signal conductor and the common return (ground) 

2. Cable termination 

At rates above 200 kbps or where the rise time is 4 times 
the one way propagation delay time of the cable 


3. Tolerable signal distortion 



DATA SIGNALING RATE (BIT/SEC) 


FIGURE 3. Data Signaling Rate vs Cable Length 

Data Signaling Rate 

The TIA/EIA Standards recommend that the unbalanced 
voltage interface will normally be utilized on data, timing or 
control circuits where the data signaling rate on these cir¬ 
cuits is below 100 kbps, and balanced voltage digital inter- 
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Data Signaling Rate (Continued) 

face on circuits up to 10 Mbps. The voltage digital interface 
drivers and receivers meeting the electrical characteristics of 
this standard need not meet the entire data signaling range 
specified. They may be designed to operate over narrower 
ranges to more economically satisfy specific applications, 
particularly at the lower data signaling rates. 

As pointed out in AN-108, the duty cycle of the transmitted 
signal contributes to the distortion. The effect is the result of 
rise time. Due to delay and attenuation caused by the cable, 
it IS possible due to AC averaging of the signal, to be unable 
to reach one binary level before it is changed to another. If 
the duty cycle is V 2 (50%) and the receiver threshold is 
midway between logic levels, the distortion is small. How¬ 
ever if the duty cycle were Vs (12.5%) the signal would be 
considerably distorted. 

Characteristics 

DRIVER UNBALANCED (RS-423) 

The unbalanced driver characteristics as specified by 
RS-423 are as follows: 


1. A driver circuit should be a low impedance (50^^ or less) 
unbalanced voltage source that will produce a voltage 
applied to the interconnecting cable in the range of 4V to 
6V. 

2. With a test load of 450Q connected between the driver 
output terminal and the driver circuit ground, the magni¬ 
tude of the voltage (VT) measured between the driver 
output and the driver circuit ground shall not be less than 
90% of the open circuit voltage magnitude (> 3.6V) for 
either binary state. 

3. During transitions of the driver output between alternat¬ 
ing binary states, the signal measured across a 450Q 
test load connected between the driver output and circuit 
ground should be such that the voltage monotonically 
changes between 0.1 and 0.9 of Vss- Thereafter, the 
signal shall not vary more than 10% of Vss the 
steady state value, until the next binary transition oc¬ 
curs, and a^o time shall the instantaneous magnitude 
of VT and VT exceed I6VI, nor be less than I3.6VI. Vqq 
is defined as the voltage difference between the two 
steady state values of the driver output. 
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Baud 

Bits per Second 

Hertz 


Baud 

Bits per Second 

Hertz 

CLOCK 

NRZ 

1/T 

1/T 

1/T 

Manchester 

2/T 

1/T 

— 


Note: bps (bits per second) - Data Information Rate “the number of bits passed along in one second.” 
baud-Modulation Rate “the reciprocal of the minimum pulse width.” 

For NRZ bps = bauds 

FIGURE 4. Definition of Baud, Bits per Second (bps), Hertz (Hz) for NRZ and Manchester Coding 
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Characteristics (Continued) 
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1^ 

1/8 DUTY 





CYCLE DATA 







V 



^ -V 

1/8 DUTY CYCLE „ \ f _ \ ( _ 

LINE RESPONSE ''TH 



FIGURE 5. Signal Distortion Due to Duty Cycle 



00585407 

^SS = IVt - Vtl 

^ss = Difference in steady state voltages 


FIGURE 6. Unbalanced Driver Output Signal Waveform 
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Characteristics (Continued) 

DRIVER BALANCED (RS-422) 

The balanced driver characteristics as specified by RS-422 
are as follows: 

1. A driver circuit should result in a low impedance (100i2 
or less) balanced voltage source that will produce a 
differential voltage applied to the interconnecting cable 
In the range of 2V to 10V. 

2. With a test load of 2 resistors, 50Q each, connected in 
series between the driver output terminals, the magni¬ 
tude of the differential voltage (VT) measured between 
the 2 output terminals shall not be less than either 2.0V 
or 50% of the magnitude of Vq, whichever is greater. For 
the oppos]^ binary state the polarity of VT shall be 
reversed (VT ). The magnitude of the difference in the 
magnitude of VT and VT shall be less than 0.4V. The 
magnitude of the driver offset voltage (Vqs) measured 
between the center point of the test load and driver 
circuit ground shall not be greater than 3.0V. The mag¬ 
nitude of the diff erenc e in the magnitude of Vqs for one 
binary state and Vqs for the opposing binary state shall 
be less than 0.4V. 

3. During transitions of the driver output between alternat¬ 
ing binary states, the differential signal measured across 
a 100Q test load connected between the driver output 
terminals shall be such that the voltage monotonically 
changes between 0.1 and 0.9 of Vqs within 10% of the 
unit interval or 20 ns, whichever is greater. Thereafter 
the signal voltage shall not vary more than 10% of Vqs 
from the steady state value, until the next binary transi¬ 
tion occurs, and at no time shall the instantaneous mag¬ 
nitude of VT or VT exceed 6V, nor less than 2V. 

INTERCONNECTING CABLE 

The characteristics of the interconnecting cable should result 
in a transmission line with a characteristic impedance in the 
general range of 100^^ to frequencies greater than 100 kHz, 
and a DC series loop resistance not exceeding 240Q.. The 
cable may be composed of twisted or untwisted pair (flat 
cable) and is not further specified within the standards. 

1. Conductor size of the 2 wires 24 AWG or larger, and wire 
resistance not to exceed 30^i per 1000 feet per conduc¬ 
tor. 

2. Mutual pair capacitance between 1 wire in the pair to the 
other should be less than 20 pF/ft. 


A 




tb = Time duration of the unit interval at the applicable modulation rate 

tr < 0.1 tb when tb ^ 200 ns 

tr < 20 ns when tb < 200 ns 

Vss = Difference in steady state voltages 

Vss = IVt - Vtl 

FIGURE 7. Balanced Driver Output Signal Waveform 
RECEIVER 

The receiver characteristics are identical for both balanced 
(RS-422) and unbalanced (RS-423) circuits. The electrical 
characteristics of a single receiver without termination or 
optional fall-safe provisions are specified as follows: 

1. Over an entire common-mode voltage range of -7V to 
+7V, the receiver shall not require a differential input 
voltage of more than 200 mV to correctly assume the 
intended binary state. The common-mode voltage (Vcm) 
is defined as the algebraic mean of the 2 voltages 
appearing at the receiver input terminals with respect to 
the receiver circuit ground. Reversing the polarity of VT 
shall cause the receiver to assume the opposite binary 
state. This allows for operations where there are ground 
differences caused by IR drop and noise of up to ±7V. 

2. To maintain correct operation for differential input signal 
voltages ranging between 200 mV and 6V in magnitude. 

3. The maximum voltage present between either receiver 
input terminal and receiver circuit ground shall not ex¬ 
ceed 10V (3V signal plus 7V common-mode) in magni¬ 
tude nor cause the receiver to operationally fail. Addi¬ 
tionally, the receiver shall tolerate a maximum 
differential signal of 12V applied across its input termi¬ 
nals without being damaged. 

4. The total load Including up to 10 receivers shall not have 
a resistance less than 90Q for balanced, and 450Q for 
unbalanced at its input points and shall not require a 
differential input voltage of greater than 200 mV for all 
receivers to assume the correct binary state. 
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Characteristics (Continued) 



FIGURE 8. Receiver Input Sensitivity Measurement 


Signal Rise Time 

The signal rise time is a high frequency component which 
causes interference (near end cross-talk) to be coupled to 
adjacent channels in the interconnecting cable. The 
near-end crosstalk is a function of both rise time and cable 
length, and in considering wave shaping, both should be 
considered. Since in the balanced voltage digital interface 
the output is complementary, there is practically no 
cross-talk coupled and therefore wave shaping is limited to 
unbalanced circuits. 

Per RS-423 the rise time of the signal should be controlled 
so that the signal has reached 90% of Vss between 10% and 
30% of the unit interval at the maximum data signaling rate. 
Below 1 kbps the time to reach 90% Vss shall be between 
100 ps and 300 ps. If a driver is to operate over a range of 
data signaling rates and employ a fixed amount of wave 
shaping which meets the specification for the maximum data 
signaling rate of the operating range, the wave shaping is 
considered adequate for all lesser modulation rates. 
However a major cause of distortion is the effect the trans¬ 
mission line has on the rise time of the transmitted signal. 
Figure 9 shows the effect of line attenuation and delay to a 
voltage step as it progresses down the cable. The increase 
of the rise time with distance will have a considerable effect 


on the distortion at the receiver Therefore in fixing the 
amount of wave shaping employed, caution should be taken 
not to use more than the minimum required. 



TIME 

00585411 

FIGURE 9. Signal Rise Time on 
Transmission Line vs Line Length 

DS1691A/DS78LS120 

THE DRIVER 

The DS1691A/DS3691 are low power Schottky TTL line 
drivers designed to meet the above listed requirements of 
both standards. They feature 4 buffered outputs with high 
source and sink current capability with internal short circuit 
protection. The DS1691/DS3691 employ a mode selection 
pin which allows the circuit to become either a pair of bal¬ 
anced drivers {Figure 10) or 4 independent unbalanced driv¬ 
ers {Figure 11) When configured for unbalanced operation 
{Figure 12) a rise time control pin allows the use of an 
external capacitor to control rise time for suppression of near 
end cross-talk to adjacent channels in the interconnect 
cab\e. Figure 73 is the typical rise time vs external capacitor 
used for wave shaping. Note that the rise time control ca¬ 
pacitors are connected betwen the control pins and the 
respective outputs. 

The DS3691 configured for RS-422 is connected Vcc = 5V 
Vee = OV, and configured for RS-423 is connected Vcc = 5V 
Vee = -5V. For applications with greater cable lengths the 
DS1691/DS3691 may be connected with a Vcc of 5 volts 
and Vee of -5 volts. This will create an output which is 
symmetrical about ground, similar to Mil Standard 188-114. 
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DS1691A/DS78LS120 (Continued) 

This mode is also allowed by the “B” revision of RS-422 
(TIA/EIA-422-B) which relaxed to open circuit voltage from 
6V to 10V in magnitude. 

When configured as balanced drivers {Figure 10), each of 
the drivers is equipped with an independent TRI-STATE® 
control pin. By use of this pin it Is possible to force the driver 
into its high impedance mode for applications using party 
line techniques. If the driver is used in multi-point applica¬ 
tions (multiple drivers) the use of the response control ca¬ 
pacitors is not allowed. 

If the common-mode voltage, between driver 1 and all other 
drivers in the circuit, is small then several line drivers (and 


receivers) may be incorporated into the system. However, if 
the common-mode voltage exceeds the TRI-STATE 
common-mode range of any driver, then the signal will be¬ 
come attenuated by that driver to the extent the 
common-mode voltage exceeds its common-mode range 
(see Figure 14, top waveform). 

It is important then to select a driver with a common-mode 
range equal to or larger than the common-mode voltage 
requirement of the system. In the case of RS-422 and 
RS-423 the minimum common-mode range would be ±7V. 
The DS1691/DS3691 driver is tested to a common-mode 
range of ±10V and will operate within the requirements of 
such a system (see Figure 14, bottom waveform). 
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FIGURE 10. DS3691 Connected for Balanced Mode Operation 
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FIGURE 11. DS3691 Connected for Unbalanced Mode Operation (Non-inverting) 
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DS1691A/DS78LS120 (Continued) 
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FIGURE 14. Comparison of Drivers without TRI-STATE Common-Mode Output Range 
(top waveforms) to DS3691 (bottom waveforms) 
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Top View 


FIGURE 15. DS78LS120/DS88LS120 Dual Differential Line Receiver 


DS78LS120/DS88LS120 

THE RECEIVER 

The DS78LS120/DS88LS120 are high peformance, dual dif¬ 
ferential TTL compatible line receivers which meet or exceed 
the above listed requirements for both balanced and unbal¬ 
anced voltage digital interface. 

The line receiver will discriminate a ±200 millivolt input 
signal over a full common-mode range of ±10 volts and a 
±300 millivolt signal over a full common-mode range of ±15 
volts. 

The DS78LS120/DS88LS120 include response control for 
applications where controlled rise and fall times and/or high 


frequency noise rejection are desirable. Switching noise 
which may occur on the input signal can be eliminated by the 
50 mV (referred to input) of hysteresis built into the output 
gate {Figure 16). The DS78LS120/DS88LS120 makes use 
of a response control pin for the addition of an external 
capacitor, which will not affect the line termination imped¬ 
ance of the interconnect cable. Noise pulse width rejection 
versus the value of the response control capacitor is shown 
in Figure 17 . The combination of the filter followed by 
hysteresis will optimize performance in a worst case noise 
environment. The DS78C120/DS88C120 is identical in per¬ 
formance to the DS78LS120/DS88LS120, except it’s com¬ 
patible with CMOS logic gates. 
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DS78LS120/DS88LS120 (Continued) 



OUTPUT 



FIGURE 16. Application of DS88LS120 Receiver Response Control and Hysteresis 
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FIGURE 17. Noise Pulse Width vs Response Control Capacitor 


Fail-Safe Operation 

Some communication systems require elements of a system 
to detect the loss of signals in the transmission lines. And it 
is desirable to have the system shut-down in a fail-safe 
mode if the transmission line is open or short. To facilitate the 
detection of input opens or shorts, the DS78LS120/ 
DS88LS120 incorporates an input threshold voltage offset. 
This feature will force the line receiver to a specific logic 
state if presence of either fault condition exists. 

The receiver input threshold is ±200 mV and an input signal 
greater than ±200 mV insures the receiver will be in a 
specific logic state. When the offset control input is con¬ 
nected to a Vcc = 5V, the input thresholds are offset from 
200 mV to 700 mV, referred to the non-inverting input, or 
-200 mV to -700 mV, referred to the inverting input. There¬ 
fore, if the input is open or short, the input will remain in a 
specific state (see Figure 18). 


It is recommended that the receiver be terminated in 50012 or 
less to insure it will detect an open circuit in the presence of 
noise. 

For unbalanced operation, the receiver would be in an inde¬ 
terminate logic state if the offset control input was open. 
Connecting the offset to +5V, offsets the receiver threshold 
0.45V. The output is forced to a logic zero state if the input is 
open or short. 

For balanced operation with inputs short or open, receiver C 
will be in an indeterminate logic state. Receivers A and B will 
be in a logic zero state allowing the NOR gate to detect the 
short or open fault condition. The “strobe” input will disable 
the A and B receivers and therefore may be used to “sample” 
the fail-safe detector (see Figure 19). 
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Fail-Safe Operation (Continued) 


DRIVER DS3691 



00585422 




INPUT VOLTAGE 



FIGURE 18. Fail-Safe Using the DS88LS120 Threshold Offset for Unbalanced Lines 
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FIGURE 19. Fail-Safe Using the DS88LS120 Threshold Offset for Balanced Lines 


Conclusion 

This application note provides a brief overview of TIA/ 
EIA-422-B and TIA/EIA-423-B. At the time of publication of 
this application note the Rev. B standards were draft stan¬ 


dard proposals only. For complete/current information on the 
respective standards the reader is referenced to the respec¬ 
tive standards, as minor differences may exist between this 
document and the final versions. 
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Forward 

Designing an interface between systems is not a simple or 
straight-forward task. Parameters that must be taken into 
account include: data rate, data format, cable length, mode 
of transmission, termination, bus common mode range, con¬ 
nector type, and system configuration. Noting the number of 
parameters illustrates how complex this task actually is 
Additionally, the interface’s compatibility with systems from 
other manufacturers is also critically important Thus, the 
need for standardized interfaces becomes evident. Interface 
Standards resolve both the compatibility issue, and ease the 
design through the use of non-custom standardized Drivers 
and Receivers. 

Introduction 

This application note provides a short summary of popular 
Interface Standards. In most cases, a table of the major 
electrical requirements and a typical application is illustrated. 
Interface Standards from the following standardization orga¬ 
nizations are covered in this application note 

• TIA/EIA Telecommunications Industry Association/ 
Electronics Industry Association 

• ITU International Telecommunications Union 

• CCITT International Telegraph and Telephone Consulta¬ 
tive Committee—now replaced by the ITU 

• MIL-STD United States Military Standards 

• FED-STD Federal Telecommunications Standard Com¬ 
mittee 

• Other selected interface standards 

There are two basic modes of operation for line drivers 
(generators) and receivers The two modes are Unbalanced 
(Single-ended) and Balanced (Differential). 

Unbalanced (Single-Ended) Data 
Transmission 

Unbalanced data transmission uses a single conductor, with 
a voltage referenced to signal ground (common) to denote 
logical states. In unbalanced communication only one line is 
switched. The advantage of unbalanced data transmission is 
when mulitple channels are required, a common ground can 


be used (see Figure 1). This minimizes cable and connector 
size, which helps to minimize system cost. The disadvantage 
of unbalanced data transmission is in its inability to reliably 
send data in noisy environments. This is due to very limited 
noise margins. The sources of system noise can include 
externally induced noise, cross talk, and ground potential 
differences. 


00585501 

FIGURE 1. Unbalanced Data Transmission- 3 Channel, 
4 Line 

Balanced (Differential) Data 
Transmission 

Balanced data transmission requires two conductors per 
signal. In balanced communication two lines are switched. 
The logical states are referenced by the difference of poten¬ 
tial between the lines, not with respect to ground. This fact 
makes differential drivers and receivers ideal for use in noisy 
environments (See Figure 2). Differential data transmission 
nullifies the effects of coupled noise and ground potential 
differences. Both of these are seen as common mode volt¬ 
ages (seen on both lines), not differential, and are rejected 
by the receivers. In contrast to unbalanced drivers, most 
balanced drivers feature fast transition times allowing for 
operation at higher data rates. 
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Balanced (Differential) Data 
Transmission (Continued) 



£ 1 
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FIGURE 2. Balanced Data Transmission- 3 Channel, 

7 Line and Ground 

TiA/EiA Data Transmission 
Standards 

The Electronic Industry Association (EIA) and the Telecom¬ 
munications Industry Association (TIA) are industry trade 
associations that have developed standards to simplify inter¬ 
faces in data communication systems. The standards are 
intended for use in Data Terminal Equipment/Data 
Circuit-terminating Equipment (DTE/DCE) Interfaces. The 
classic example of the DTE/DCE interface is the “terminal to 
modem serial interface”. However, the standards are not 
limited to use in DTE/DCE interfaces alone. In fact, many of 
the standards are commonly used in a wide variety of appli¬ 
cations. Examples include Hard Disk Drive Interfaces, Fac¬ 
tory Control Busses, and generic I/O Busses. Previously, EIA 
labeled the standards with the prefix “RS”, which stood for 
recommended standard. This has been replaced with ‘Tl/V 
EIA”, to help in identifying the source of the standard. The 
letter suffix represents the revision level of the standard. For 
example, TIA/EIA-232-E represents the fifth revision of 
RS-232. 

TIA/EIA Data Transmission Standards cover the following 
areas: Complete Interface Standards, Electrical Only Stan¬ 
dards, and Signal Quality Standards. Complete standards 
define functional, mechanical, and electrical specifications. 
Electrical only standards, as their name implies only defines 
electrical specifications. They are intended to be referenced 
by complete standards. Signal Quality Standards define 
terms and methods for measuring signal quality. Examples 
of each type are listed below. 

• Complete DTE/DCE Interface Standards 
TIA/EIA-232-F 
TIA/EIA-530-A 
TIA/EIA-561 
TIA/EIA-574 
TIA/EIA-613 
TIA/EIA-687 
TIA/EIA-688 
TIA/EIA-723 


• Electrical Only Standards 

• Unbalanced Standards 

TIA/EIA-232-F (Section 2) 

TIA/EIA-423-B 

TIA/EIA-562 

TIA/EIA-694 

• Balanced Standards 

TIA/EIA-422-B 

TIA/EIA-485-A 

TIA/EIA-612 

TIA/EIA-644 

• Signal Quality Standards 

EIA-334-A 

EIA-363 

EIA-404-A 

TIA/EIA—Unbalanced 
(Single-Ended) Standards 

TIA/EIA-232-F (RS-232) 

TIA/EIA-232-F is the oldest and most widely known DTE/ 
DCE Interface Standard. It is a complete standard specifying 
the mechanical (connector(s)), electrical (driver/receiver 
characteristics), and functional (definition of circuits) require¬ 
ments for a serial binary DTE/DCE Interface. Under the 
electrical section, the standard specifies an unbalanced, 
unidirectional, point-to-point interface. The drivers feature a 
controlled slew rate, this allows the cable to be seen as a 
lumped load, rather than a transmission line. This is due to 
the fact that the driver’s transition time is substantially 
greater than the cable delay (velocity x length). The maxi¬ 
mum capacitive load seen by the driver is specified 
at 2,500 pF. The standard allows for operation up to 20 
kbps (19.2 kbps). For higher data rates TIA/EIA-562 or 
TIA/EIA-423-B are recommended. Figure 3 illustrates a typi¬ 
cal application, and Table 1 lists the major electrical require¬ 
ments. 

Key Features of the standard are: 

• Single-Ended 

• Point-to-Point Interface 

• Large Polar Driver Output Swing 

• Controlled Driver Slew Rate 

• Fully Defined Interface 

• 20 kbps Maximum Data Rate 


TABLE 1. TIA/EIA-232-F Major Electrical Specifications 


Parameter 

Limit & Units 

Driver Loaded Output Voltages (3 k^2) 

> I 5.0V I 

Driver Open Circuit Voltage 

< I 25V I 

Driver Short Circuit Current 

< I 100 mAI 

Maximum Driver Slew Rate 

< 30 V/ps 

Driver Output Resistance (Power Off) 

>300Q 

Receiver Input Resistance 

3 ki^ to 7 ki;2 

Maximum Receiver Input Voltage 

±25V 

Receiver Thresholds 

±3V 
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TIA/EIA—Unbalanced (Single-Ended) Standards (Continued) 
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FIGURE 3. Typical TIA/EIA-232-F Application 


TIA/EIA-423-B 

TIA/E1A-423-B while similar to TIA/EIA-232-F features a re¬ 
duced driver output swing, and supports higher data rates. 
This standard specifies an unbalanced driver and a bal¬ 
anced receiver. It is an electrical standard, specifying driver 
and receiver requirements only. The receivers’ requirements 
are identical to the receivers’ requirements specified in TIA/ 
EIA-422-B standard. TIA/EIA-423-B is intended to be refer¬ 
enced by complete standards, such as TIA/EIA-530-A. TIA/ 
EIA-423-B specifies a unidirectional, multidrop (up to ten 
receivers) interface. Advantages over TIA/EIA-232-F in¬ 
clude: multiple receiver operation, faster data rates, and 
common power supplies (typically ±5V). Figure 4 illustrates 
a typical application, and Table 2 lists the major electrical 
requirements. 
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FIGURE 4. Typical TIA/EIA-423-B Application 

Key Features of the standard are: 

• Unbalanced Driver and Balanced Receivers 

• Multi-Drop (multiple receivers) 

• Wave Shape Control (Driver Output) 

• ±7V Receiver Common Mode Range 

• ±200 mV Receiver Sensitivity 

• 100 kbps Maximum Data Rate (@40 feet) 

• 4000 Foot Maximum Cable Length (@ 1 kbps) 


TABLE 2. TiA/EiA-423-B Major Eiectricai Specifications 


Parameter 

Limit & Units 

Driver Output Voltage (4500 Load) 

> I3.6VI 

Driver Open Circuit Voltage 

> I4.0VI & < I6.0V1 

Driver Short Circuit Current 

< II50 mAI 

Transition Time 

Controlled 

Driver Output Leakage Current 

< 1100 pAl 

Receiver Specifications 

See TIA/EIA-422-B 


TiA/EIA-562 

TIA/EIA-562 is a electrical standard which is very similar to 
TIA/EIA-232-F, but supports higher data rates (64 kbps). It is 
an electrical only standard, which is intended to be refer¬ 
enced by complete standards, such as TIA/EIA-561. 
TIA/EIA-562 specifies an unbalanced, unidirectional, 
point-to-point interface. This standard supports 
inter-operability with TIA/EIA-232-F devices. Figure 5 illus¬ 
trates a typical application, and Table 3 lists the major elec¬ 
trical requirements. 




FIGURE 5. Typical TIA/EIA-562 Application 


Key Features of the standard are: 

• Unbalanced Driver and Receiver 

• Point-to-Point 

• Inter-Operability with TIA/EIA-232-F Devices 

• 64 kbps Maximum Data Rate 


7-31 


WWW national com 


AN-216 




AN-216 


TIA/EIA—Unbalanced (Single-Ended) Standards (Continued) 


TABLE 3. TIA/EIA-562 Major Electrical Specifications 


Parameter 

Limit & Units 

Driver Loaded Output Voltage (Min. Level) 

> 1 3.3V 1 

Driver Open Circuit Output Voltage 

< 1 13.2V 1 

Driver Loaded Output Voltage (3 k^2) 

> 1 3.7V 1 

Driver Short Circuit Current 

< 1 60 mA 1 

Driver Transition Time 

Controlled 

Maximum Driver Slew Rate 

< 30 V/ps 

Driver Output Resistance (Power Off) 

>300n 

Receiver Input Resistance 

3 kn to 7 kQ 

Maximum Receiver Input Voltage 

±25V 

Receiver Thresholds 

±3V 


TiA/EiA-694 

TIA/EIA-694 is a new electrical standard which is very similar 
to TIA/EIA-232-F, but supports higher data rates (512 kbps). 
It is an electrical only standard, which is intended to be 
referenced by complete standards, such as TIA/EIA-723. 
TIA/EIA-694 specifies an unbalanced, unidirectional, 
point-to-point interface. This standard supports 
inter-operability with TIA/EIA-232-F devices. Figure 6 illus¬ 
trates a typical application, and Table 4 lists the major elec¬ 
trical requirements. 



FIGURE 6. Typical TIA/EIA-694 Application 

Key Features of the standard are: 

• Unbalanced Driver and Receiver 

• Point-to-Point 

• Inter-Operability with TI/VEIA-232-F Devices 

• 512 kbps Maximum Data Rate 


TABLE 4. TIA/EIA-694 Major Electrical Specifications 


Parameter 

Limit & Units 

Driver Open Circuit Output Voltage 

< 1 5.5V 1 

Driver Loaded Output Voltage (3 kO) 

> 1 3.0V 1 

Driver Short Circuit Current 

< 1 100 mAI 

Driver Transition Time 

Controlled 

Receiver Input Resistance 

>3kQ. 

Maximum Receiver Input Voltage 

±12V 

Receiver Thresholds 

±2V 


TIA/EIA Balanced (Differential) 
Standards 

TIA/EIA-422-B 

TIA/EIA-422-B is an electrical standard, specifying a bal¬ 
anced driver and balanced receivers. The receivers’ require¬ 
ments are identical to the receivers’ requirements specified 
in TIA/EIA-423-B. This standard specifies a unidirectional, 
single driver, multiple receivers, terminated, balanced inter¬ 
face. Figure 7 illustrates a point-to-point typical application 
with termination located at the receiver input (end of cable). 
Figure 8 illustrates a fully loaded TI/\/EIA-422-B interface. 
Again termination is located at the end of the cable, also stub 
length should be minimized to limit reflections. Table 5 lists 
the major electrical requirements of the TIA/EIA-422-B Stan¬ 
dard. 

Key Features of the standard are: 

• Balanced Interface 

• Multi-Drop (Multiple Receiver Operation) 

• 10 Mbps Maximum Data Rate (@ 40 feet) 

• 4000 Foot Maximum Cable Length (@ 100 kbps) 
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TIA/EIA Balanced (Differential) Standards (Continued) 


TABLE 5. TIA/EIA-422-B Major Electrical Specifications 


Parameter 

Limit & Units 

Driver Open Circuit Voltage 

< I 10V I 

Driver Loaded Output Voltage 

> 1 2.0V 1 

Balance of Loaded Output Voltage 

< 400 mV 

Driver Output Offset Voltage 

<3.0V 

Balance of Offset Voltage 

< 400 mV 

Driver Short Circuit Current 

< 1150 mA 1 

Driver Leakage Current 

<1 100 pAI 

Driver Output Impedance 

< ^00Q. 

Receiver Input Resistance 

>4 kO 

Receiver Thresholds 

±200 mV 

Receiver Internal Bias 

<3.0V 

Maximum Receiver Input Current 

3.25 mA 

Receiver Common Mode Range 

±7V (±10V) 

Receiver Operating Differential Range 

±200 mV to ±6V 

Maximum Differential Input Voltage 

±12V 



FIGURE 7. Typical TIA/EIA-422-B Point-to-Point Application 
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FIGURE 8. Typical TIA/EIA-422-B Multidrop Application 


TIA/EIA-485-A 

TIA/EIA-485-A is an electrical standard, specifying balanced 
drivers and receivers. It provides all the advantages of 
TIA/EIA-422-B along with supporting multiple driver opera¬ 
tion. TIA/EIA-485-A is the only TIA/EIA standard that allows 
for multiple driver operation at this time. This fact allows for 
multipoint (party line) configurations. The standard specifies 
a bi-directional (half duplex), multipoint interface. Figure 9 
illustrates a typical multipoint application, and Table 6 lists 
the major electrical requirements. For additional applications 
information, refer to the TIA System Bulletin (TSB89). 


Key Features are: 

• Balanced Interface 

• Multipoint Operation 

• Operation From a Single +5V Supply 

• -7V to -1-12V Bus Common Mode Range 

• Up to 32 Transceiver Loads (Unit Loads) 

• 10 Mbps Maximum Data Rate (@ 40 feet) 

• 4000 Foot Maximum Cable Length (@ 100 kbps) 
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TIA/EIA Balanced (Differential) Standards (Continued) 


TABLE 6. TIA/EIA-485-A Major Electrical Specifications 


Parameter 

Limit & Units 

Driver Open Circuit Voltage 

< 1 6.0V 1 

Driver Loaded Output Voltage 

> 1 1.5V 1 

Balance of Driver Loaded 

Output Voltage 

< 1 200 mV 1 

Maximum Driver Offset Voltage 

3.0V 

Balance of Driver Offset 

Voltage 

< 1 200 mV 1 

Driver Transition Time 

< 30% Tul 

Driver Short Circuit Current 

(-7V to -f12V) 

< 1 250 mA 1 

Receiver Thresholds 

±200 mV 

Maximum Bus Input Current 

+12V/-7V 

<1.0 mA/< 0.8 mA 

Max. Unit Loads 

32 



00585508 


FiGURE 9. Typical TIA/EIA-485-A Application 


TIA/EIA Balanced (Differential) 
Standards 

TIA/EIA-612 

TIA/EIA-612 is an electrical standard, specifying a balanced 
driver and balanced receiver. This standard specifies data 
rates up to 52 Mbps using ECL technology. This standard 


specifies a unidirectional, point-to-point interface. Figure 10 
illustrates a typical application with termination located at the 
receiver input (end of cable). Table /lists the major electrical 
requirements of the TIA/EIA-612 Standard. This Standard is 
referenced by TIA/EIA-613, and together implement a HSSI 
(High Speed Serial Interface). 
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TIA/EIA Balanced (Differential) Standards (Continued) 


TABLE 7. TIA/EIA-612 Major Electrical Specifications 


Parameter 

Limit and Units 

Driver Open Circuit Voltage 

< 11.5V I 

Driver Loaded Output Voltage 

> I590 mV I 

Balance of Loaded Output Voltage 

< MOO mV I 

Driver Output Offset Voltage 

<0V and >-1.6V 

Balance of Offset Voltage 

< 1100 mVI 

Driver Short Circuit Current 

< 50 mA 

Receiver Thresholds 

±150 mV 

Receiver Input Range 

-0.5V to -2.0V 

Receiver Input Current 

< 350 pA 

Maximum Differential Input Voltage 

< 1.5V 


TIA/EIA-644 (LVDS) 

TIA/EIA-644 is an electrical standard, specifying a balanced 
driver and a balanced receiver(s). This standard specifies 
data rates up to 655 Mbps (application / device dependent, 
higher is possible) using LVDS (Low Voltage Differential 
Signaling) technology. This standard specifies a unidirec¬ 
tional, point-to-point interface. Multiple receivers are sup¬ 
ported under certain application limitations. Figure 10 illus¬ 
trates the typical point-to-point application with termination 
(required) located at the receiver input (end of cable). Table 
8 list the major electrical requirements of the TiA/EIA-644 
Standard. This Standard is intended to be referenced by 
other standards which specify the complete interface. 


TABLE 8. TIA/EIA-644 LVDS Major Electrical 
Specifications 


Parameter 

Limit and Units 

Driver Output Voltage 

247 mV < Vdiff < 454 mV 

Driver Offset Voltage 

1.125V < Vos ^ 1-375 

Driver Short Circuit Current 

< 24 mA 

Receiver Thresholds 

±100 mV 

Receiver Input Range 

OV to +2,4V 

Receiver Differential Input 
Range 

100 mV to 600 mV 

Receiver Input Current 

±20 pA 
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FIGURE 10. Typical TIA/EIA-612 and TIA/EIA-644 Point-to-Point Application 


other TIA/EIA Standards 

TIA/EIA-232-F 

TIA/EIA-232-F is a standard specifying a DTE/DCE serial 
interface. It is a complete standard specifying the function of 
the lines (Data, Timing, & Control) and a 25 position connec¬ 
tor. The standard supports data rates up to 20 kbps. Two 
connector options are provided; a common 25 position D 
connector, and a smaller 26 position connector. 

EIA-334-A 

EIA-334-A defines signal quality terms for synchronous se¬ 
rial DTE/DCE interfaces. This standard is referenced by the 
complete synchronous standards. 

EIA-363 

EIA-363 defines signal quality terms for non-synchronous 
serial DTE/DCE interfaces. This standard is referenced by 
the complete non-synchronous standards. 

EIA-404-A 

EIA-404-A defines signal quality for start-stop 
non-synchronous DTE/DCE interfaces. 


EIA-449 

EIA-449 was a standard specifying a general purpose DTE/ 
DCE serial interface. It was a complete standard specifying 
the function of the lines (Data, Timing, & Control) and a 37 
position connector. This standard referenced 422 and 423 
standards for line driver and receiver requirements and char¬ 
acteristics. The standard supports data rates up to 2 Mbps. 
The size of the specified connector has prevented wide 
spread acceptance of this standard. New designs are utiliz¬ 
ing TIA/EIA-530-A instead of EIA-449 (RS-449). 

TI/V/EIA-530-A 

TI/VEIA-530-A is a complete standard specifying a high 
speed DTE/DCE serial interface. It is a complete standard 
specifying the function of the lines (Data, Timing, & Control) 
and a 25 position connector. This standard references TIA/ 
EIA-422-B and TI/\/EIA-423-B standards for line driver and 
receiver requirements and characteristics. The standard 
supports data rates up to 2.1 Mbps. Two connector options 
are provided; a common 25 position D connector, and a 
smaller 26 position connector. 

Note: Connector pinout differences exists between EIA-530 and TIA/ 
EIA-530-A 
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other TIA/EIA Standards (Continued) 

TIA/EIA-561 

TIA/EIA-561 is a complete standard specifying a 

non-synchronous DTE/DCE serial interface. It is a complete 
standard specifying the function of the lines (Data, Timing & 
Control) and a small 8 position connector (MJ8). This stan¬ 
dard references TIA/EIA-562 standard for line driver and 
receiver requirements and characteristics. The standard 
supports data rates up to 38.4 kbps. 

TIA/EIA-574 

TIA/EIA-574 is a complete standard specifying a 

non-synchronous DTE/DCE serial interface. It is a complete 
standard specifying the function of the lines (Data, Timing, & 
Control) and a 9 position connector. This standard refer¬ 
ences TIA/EIA-562 standard for line driver and receiver re¬ 
quirements and characteristics. The standard supports data 
rates up to 38.4 kbps. 

TIA/EIA-613 

TIA/EIA-613 is a complete standard specifying a general 
purpose DTE/DCE interface for data rates up to 52 Mbps. 
This standard specifies functional and connector specifica¬ 
tions and references TIA/EIA-612 for electrical characteris¬ 
tics. Together TIA/EIA-612 and TIA/EIA-613 implement a 
HSSI interface. 

TIA/EIA-687 

TlA/EIA-687 is a medium speed standard specifying a DTE/ 
DCE serial interface. It is a complete standard specifying the 
function of the lines (Data, Timing, & Control) and a 25 or 26 
position connector. This standard references TIA/EIA-423-B 
standard for line driver and receiver requirements and char¬ 
acteristics. 

TIA/EIA-688 

TI/VEIA-688 is a standard specifying a DTE/DCE serial in¬ 
terface for Digital Cellular Equipment. It is a complete stan¬ 
dard specifying the function of the lines (Data, Timing, & 
Control) and a 12 position (plus coax) connector. This stan¬ 
dard references TIA/EIA-694 standard for line driver and 
receiver requirements and characteristics. The standard 
supports data rates up to 512 kbps. 

TIA/EIA-723 

TI/\/EIA-723 is a complete standard specifying a high speed 
DTE/DCE serial interface. It is a complete standard specify¬ 
ing the function of the lines (Data, Timing, & Control) and a 
25 or 26 position connector. This standard references 
TIA/EIA-694 standard for line driver and receiver require¬ 
ments and characteristics. The standard supports data rates 
up to 512 kbps. 

CCITT RECOMMENDATIONS / ITU-T 
RECOMMENDATIONS 

CCITT (International Telegraph and Telephone Consultative 
Committee) creates and maintains standards which are in¬ 
tended to help standardize international telecommunication 
services. These standards are recommended technical prac¬ 
tices and approaches, however, in some countries they can 
be considered mandatory. CCITT reviews its standards on a 
4 year cycle. Many of the Interface standards are located in 
volume eight of the CCITT “V” series. This volume is titled 
“Data Communication over the Telephone Network”. Some 
of the Interface standards are also covered in the “X” series. 


The CCITT prefix has been replaced by ITU for International 
Telecommunications Union and the term CCITT will eventu¬ 
ally be phased out. A cross reference is provided in Table 9. 


TABLE 9. V and X Series Cross Reference 


V Series 

X Series 

V.10 

X.26 

V.11 

X.27 


RECOMMENDATION V.10 

Recommendation V.10 defines the electrical characteristics 
for an unbalanced interface. This recommendation specifies 
an unbalanced driver and a balanced receiver. With the 
exception of generator (driver) open circuit output voltage 
specification, V.10 generator (driver) requirements are very 
similar to the TI/VEIA-423-B standard. In V.10 the driver is 
loaded with a 3.9 kQ resistor to ground, while in the TIA/ 
EIA-423-B standard the driver is unloaded. The V.10 re¬ 
ceiver IS specified with ±300 mV thresholds, while the TIA/ 
EIA-423-B receiver supports a tighter specification of 
±200 mV. Other smaller differences also exist. Therefore, for 
exact conditions and requirements consult the respective 
standards. 

RECOMMENDATION V.11 

Recommendation V.11 defines the electrical characteristics 
for a balanced Interface. V.11 specifies a balanced driver 
and balanced receivers. With the exception of generator 
(driver) open circuit output voltage specification, V.11 gen¬ 
erator (driver) requirements very similar to the TIA/ 
EIA-422-B standard. V.11 requires a 3.9 kQ differential load 
for the driver’s open circuit output, while TIA/EIA-422-B test 
conditions require no load (open circuit) The Receiver speci¬ 
fications are also very similar, with the exception of the input 
threshold specification. Recommendation V.11 requires 
thresholds of ±300 mV while TIA/EIA-422-B requires a 
tighter specification of ±200 mV. Other smaller differences 
also exist. Therefore, for exact conditions and requirements 
consult the respective standards. 

RECOMMENDATION V.24 

Recommendation V.24 defines the function of interchange 
circuits tor DTE/DCE interfaces. Circuit class (Data, Timing, 
or Control), direction, and definition are all defined in this 
recommendation. V.24 is intended to be referenced by other 
recommendations. 

RECOMMENDATION V.28 

Recommendation V.28 defines the electrical characteristics 
for an unbalanced Interface. This standard specifies driver 
output and receiver input characteristics. The standard is 
very similar to the Electrical section (2) of the TIA/EIA-232-F 
standard. The one notable exception in the generator (driver) 
requirements is the slew rate specification. The Tl/V 
EIA-232-F lower limit for slew rate is 3 V/ps (@20 kbps), 
(measured between the ±3V and -3V level), while in V.28 
the lower limit is 4 V/ps (@20 kbps). Both standards specify 
the same upper iimit of 30 V/ps under light loading condi¬ 
tions. TI/VEIA-232-F defines the complete interface, while 
V.28 only defines the electrical section of TI/VEIA-232-F. The 
complete interface standard is covered by CCITT Recom¬ 
mendations V.28 (electrical), V.24 (functional), and ISO 2110 
& 4902 (mechanical). For complete specifications refer to 
CCITT Recommendation V.28. 


WWW national.com 


7-36 




other TIA/EfA Standards (Continued) 

RECOMMENDATION V.35 

Recommendation V.35 is actuaily a modem standard that 
also defines a balanced interface. While many applications 
operate at data rates substantially higher than 48 kbps (typi¬ 
cally > 1 Mbps), the interface is only defined to operate up to 
48 kbps. For low speed control lines the standard recom¬ 
mends the use of V.28 generators (drivers) and receivers. 
For use on high speed data and timing lines the standard 
recommends the use of unique V.35 balanced generators 
(drivers). The drivers feature a small swing of ±0.55V across 
a termination load of 100i^. The generator is also specified 
to have polar swings around ground, yielding a OV offset 
voltage. Most implementations use differential current mode 
drivers with external resistors to implement V.35 balanced 
generators. V.35 has been rescinded, and V.10 and V.11 
generators are recommended as replacements. 


TABLE 10. MIL-STD-188C Major Electrical Specifications 


Parameter 

Limit & Units 

Unloaded Driver Output Level 

±5V Min., ±7V Max. 

Driver Output Resistance 
(Power ON) (lo< 10 mA) 

10012 Max. 

Driver Output Short Circuit Current 

±100 mA 

Driver Output Slew Rate 

5% to 15% of 

Modulation Rate 

Receiver Input Resistance 

>6 kl2 

Receiver Input Thresholds 

±100 pA 


us Military Standards 

MIL STD 188C (LOW LEVEL) 

Military Standard 188C (MIL-STD-188C) is similar to TIA/ 
EIA-232-F in the fact that it specifies an unbalanced 
point-to-point interface. However, the driver’s requirements 
are slightly different. The driver is still required to develop a 
I 5V I level. The maximum driver output level is specified at 
I 7V I, and the match between Vql and Vqh levels must be 
within 10% of each other. The driver’s slew rate is specified 
to be between 5% and 15% of the applicable modulation 
rate. Most drivers require an external capacitor to control the 
slew rate. Figure 11 illustrates a typical application, and 
Table 10 lists the major electrical specification of 
MIL-STD-188C. 
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FIGURE 11. Typical MIL-STD-188C Application 
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FIGURE 12. MIL STD 188-114A Unbalanced 
Typical Application 


MIL STD 188-114A 

Military Standard 188-114 specifies four different interfaces; 
three balanced and one unbalanced. The balanced inter¬ 
faces are divided into three types, two of which are voltage 
mode, and one of which is current mode. See Figure 12, 
Figure 13 and Figure 14 . Voltage mode, type 1, defines an 


interface for data rates up to 100 kbps. An additional require¬ 
ment of type 1 is a polar (around ground) output swing. This 
provides a zero offset output voltage. Voltage mode, type 2, 
drivers operate up to 10 Mbps and require the same param¬ 
eters as TIA/EIA-422-B drivers. Additionally, type 2, drivers 
can have an output offset up to 3V. Current mode, type 3, 
drivers operate beyond 10 Mbps. The receiver specified for 
type 1 & 2 balanced, and unbalanced drivers are identical to 
the receivers specified in TIA/EIA-422-B and TIA/EIA-423-B 
standards. 



FIGURE 13. MIL STD 188-114A Balanced, 
Type 1 Typical Application 
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US Military Standards (continue 

^ - ^ 

FIGURE 14. MIL STD 188-114A Balance 
Type 2 Typical Application 

MIL STD 1397 

Military Standard 1397 specifies two interfaces, 
termed “slow” and “fast”. The slow interface ope 
42 kbps, while the fast interface is defined to op 
250 kbps. Comparators and/or discretes compe 
used to implement drivers and receivers. 

TABLE 11. 

d) Federal Telecommunications 

Standards 

^ Federal Standards are from the Federal Telecommunica- 

tions Standards Committee, which is an advisory committee 
that adopts TIA/EIA interface standards. 

1 FEDSTD1020A 

“ The FEDSTD 1020A is identical to TIA/EIA-423-B. It is in- 

00585512 tended for United States, non-military government use. 

FEDSTD 1030A 

The FEDSTD 1030A is identical to TIA/EIA-422-B. It is in¬ 
tended for United States, non-military government use. 

These are Other Standards 

rates up to 

srate up to IEEE488 

Dnents are (Institute of Electrical and Electronics Engineers) 

also has a standard developing arm. Generally the IEEE 
standards deal with complete Bus specifications. IEEE488 is 
a complete Bus standard covering the electrical, mechanical, 
and functional specification of a parallel instrumentation bus. 

The bus is commonly used for communication of lab test 
equipment and machinery control. The standard allows for 

15 devices to be connected together, over cable lengths up 
to 60 feet. The standard defines 16 lines composed of 3 
control, 5 management, and 8 data lines. The major electri¬ 
cal specifications are summarized in Table 11. 

\/lajor IEEE488 Electrical Requirements 

Symbol 

Parameter 

Conditions 

Min 

Max 

Units 

VoH 

Driver Output Voltage 

loH = -5.2 mA 

2.4 


V 

VoL 

Driver Output Voltage 

Iql = 48 mA 


0.4 

V 

Iqz 

Driver Output Leakage Current 

Vo = 2.4V 


±40 

pA 

Iqh 

Driver Output Current Open Collector 

Vo = 5.25V 


250 

pA 

V,H 

Receiver Iriput Voltage 


2.0 


V 

V,L 

Receiver Input Voltage 



0.8 

V 

I.H 

Receiver Input Current 

V,N = 2.4V 


40 

pA 

l|L 

Receiver Input Current 

V,N = 0.4V 


-1.6 

mA 

IcL 

Receiver Clamp Current 

V,n = -1.5V 


12 

mA 

RLi 

Termination Resistor 

Vec = 5V ±5% 

2850 

3150 

a 

RLs 

Termination Resistor 

V = GND 

5890 

6510 

Q 

GA-22-6974-0 short-circuit limiting. Receivers normally feature hysteresis 

IBM specification GA-22-6974-0 specifies the electrical char- prevent output oscillations for slow rising inputs in noisy 

acteristics, format of information, and the control scheme of environments. Care should be taken to limit cable lengths 

an unbalanced interface. This interface is mainly used on such that noise is limited to less than 400 mV. Figure 15 

3601370 equipment and allows up to 10 I/O ports. This illustrates a typical application, and Table 12 lists the major 

unbalanced interface employs 95Q terminated coax cable. electrical requirements. 

Drivers normally feature open-emitter designs, and 
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Other Standards (Continued) 



FIGURE 15. GA-22-6974-0 Typical Application 


TABLE 12. Major Electrical Requirements of GA-22-6974-0 


Symbol 

Parameter 

Conditions 

Min 

Max 

Units 

Vqh 

Driver Output Voltage 

Iqh = 123 mA 


7 

V 

VoH 


Iqh — 30 pA 


5.85 

V 

Vqh 


Iqh = 59.3 mA 

3.11 


V 

VoL 


loL = -240 pA 


0.15 

V 

V.H 

Receiver Input Threshold 



1.7 

V 

V,L 



0.7 


V 

l|H 

Receiver Input Current 

> 

cd 

II 

z 

> 


-0.42 

mA 

l|L 


V,N = 0.15V 

0.24 


mA 


Receiver Input Voltage Range 





V,N 

Power ON 


-0.15 

7 

V 

V.N 

Power OFF 


-0.15 

6 

V 

R|N 

Receiver Input Impedance 

0.15V <V,N< 3.9V 

7.4 


kO. 

l|N 

Receiver Input Current 

V,N = 0.15V 


240 

pA 

Zo 

Cable Impedance 


83 

101 

a 

Ro 

Cable Termination 

PD < 390 mW 

90 

100 

Q 


Noise (Signal and Ground) 



400 

mV 


Conclusion 

This application note provides a brief overview of various 
interface standards from several standardization organiza¬ 
tions. It is only intended to point out the major requirements 
of each standard and to illustrate a typical application. When 
selecting or designing a standardized interface it is highly 
recommended to carefully review the complete standard. 
Standards can be ordered from the respective organizations 
or from: 


Global Engineering Documents 
15 Inverness Way East 
Englewood, CO 80112-5704 USA 
USA and Canada 1-800-854-7179 
International 303-397-7956 
http://global.ihs.com/ 
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Low Power RS-232C Driver 
and Receiver in CMOS 


National Semiconductor 
Application Note 438 
Gordon W. Campbell 



This article sets out to describe the new innovative low 
power CMOS RS-232C driver and receiver IC’s introduced 
by National Semiconductor with particular reference to the 
EIA RS-232C standard. Comparison will also be made with 
existing bipolar driver and receiver circuits. 

The DS14C88 and DS14C89A are monolithic MOS circuits 
utilizing a standard CMOS process. Important features are a 
wide operating voltage range (4.5V-12.6V), together with 
ESD and latch up protection and proven reliability. 

The Electronics Industries Association released Data Termi¬ 
nal Equipment (DTE) to Data Communications Equipment 
(DCE) interface standards to cover the electrical, mechanical 
and functional interface between/among terminals (i.e. tele¬ 
typewriters, CRT’s etc.) and communications equipment (i.e. 
modems, cryptographic sets etc.). 

The EIA RS-232C is the oldest and most widely known 
DTE/DCE standard. Its European version is CCITT V.24 
specification. It provides for one-way/non-reversible, single 
ended (unbalanced) non-terminated line, serial digital data 
transmission. 

The DS14C88 quad CMOS driver and its companion circuit, 
the DS14C89Aquad CMOS receiver, combine to provide an 
efficient low power system for RS-232C or CCITT V.24 ap¬ 
plications. 


RS232C 

INTERFACE 



FIGURE 1. EIA RS-232C Application 


The Driver 

The DS14C88 quad CMOS line driver is a pin replacement 
of the existing bipolar circuit DS1488/MC1488. 

The DS14C88 is fabricated in CMOS technology and there¬ 
fore has an inherent advantage over the bipolar DS1488/ 
MC1488 line driver in terms of current consumption. Under 
worst case static conditions, the DS14C88 is a miser when it 
comes to current consumption. In comparison with the 
DS1488/MC1488 line driver, a current consumption reduc¬ 
tion to 500 pA max versus 25 mA can be achieved. 

The RS-232C specification states that the required driver 
output voltage is defined as being between +5V and +15V 
and is positive for a logic “0” (+5V to +15V) and negative for 
a logic “1” (-5V to -15V). These voltage levels are defined 
when driver is loaded (3000Q < Rl < 70000). The 
DS14C88 meets this voltage requirement by converting HC 
or TTL/LSTTL levels into RS-232C levels through one stage 
of inversion. 

In applications where strict compliance to RS-232C voltage 
levels is not essential, a ±5V power supply to the driver may 
be used. The output voltage of the DS14C88 will be high 
enough to be recognized by either the 1489 or 14C89A 
receiver as valid data. 

The RS-232C specification further states that, during transi¬ 
tions, the driver output slew rate must not exceed 30V/ps. 
The inherent slew rate of the equivalent bipolar circuit 
DS1488/MCI 488 is much too fast and requires the connec¬ 
tion of one external capacitor (330-400 pF) to each driver 
output in order to limit the slew rate to the specified value. 
However, the DS14C88 does not require any external com¬ 
ponents. The DS14C88 has a novel feature in that unique 
internal slew rate control circuitry has been incorporated 
which eliminates the need for external capacitors; to be 
precise, a saving of four capacitors per package. The 14C88 
minimizes RFI and transition noise spikes by typically setting 
the slew rate at 5V-6V/ps. This will enable optimum noise 
performance, but will restrict data rates to below 40k baud. 
The DS14C88 can also withstand an accidental short circuit 
from a conductor in the interconnecting cable to any one of 
four outputs In a package without sustaining damage to itself 
or its associated equipment. 
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The Driver (Continued) 


INPUT 1 


INPUT 2 



OUTPUT 


SLEW RATE 
CONTROL 


(1/4 circuit shown) 


00868102 


FIGURE 2. DS14C88 Line Driver Block Diagram 


The Receiver 

The DS14C89A quad CMOS line receiver is a pin replace¬ 
ment of the existing bipolar circuit DS1489/MC1489/ 
DS1489A/MC1489A. 

The DS14C89A is fabricated in CMOS technology giving it 
an inherent advantage over the bipolar DS1489/MC1489/ 
DS1489A/MC1489A circuits in terms of power consumption. 
Under worst case static conditions a power consumption 
reduction of 97% (900 pA against 26 mA) is achieved. 

The RS-232C specification states that the required receiver 
input impedance as being between 3000^2 and 70000 for 
input signals between 3.0V and 25.0V. Furthermore, the 
receiver open circuit bias voltage must not be greater than 
+2V. 

The DS14C89A meets these requirements and is able to 
level shift voltages in the range of -30V to +30V to HC or 
TTL/LSTTL logic levels through one stage of inversion. A 
voltage of between -3.0V and -25.0V is detected as a logic 
“1” and a voltage of between -i-3.0V and +25.OV is detected 
as logic “0”. 

The RS-232C specification states that the receiver should 
interpret an open circuit or power off condition (source im¬ 
pedance of driver must be 300^2 or more to ground) as an 
OFF condition. In order to meet this requirement the input 
threshold of the DS14C89A is positive with respect to ground 
resulting in an open circuit or “power off” condition being 
interpreted as a logic “0” at the input. 

Although the DS14C89A is pin replacement for the bipolar 
circuits DS1489/MC1489/DS1489A/MC1489A, its perfor¬ 
mance characteristics are modeled on the DS1489A/ 
MC1489A. 

The response control input on each of the bipolar circuits 
facilitates the rejection of noise signals by means of an 
external capacitor between each response control pin and 
ground. 


When communicating between components of a data pro¬ 
cessing system in a hostile environment, spurious data such 
as ground shifts and noise signals may be introduced and it 
can become difficult to distinguish between a valid data 
signal and those signals introduced by the environment. 
The DS14C89A eliminates the need for external response 
control capacitors and overcomes the effects of spurious 
data by means of unique internal noise filtering circuitry. 
Figure 4 shows typical turn on threshold versus response 
control capacitance for existing bipolar devices. Note the 
curve for the DS14C89A CMOS device. The DS14C89A will 
not recognize any input signal whose pulse width is less than 
1 ps, regardless of the voltage level of that input signal. 
Noise rejection in the bipolar parts depends on the voltage 
level of the noise transients. Therefore, in hostile environ¬ 
ments the CMOS parts offer improved noise rejection prop¬ 
erties. The DS14C89A has an internal comparator which 
provides input hysteresis for noise rejection. The DS14C89A 
has a typical turn-on voltage of 2.0V and a typical turn-off 
voltage of 1 .OV resulting in 1 .OV of hysteresis. 



(1/4 circuit shown) 


FIGURE 3. DS14C89A Line Receiver Block Diagram 
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The Receiver (Continued) 
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FIGURE 4. 


Typical Applications 

Obviously the major advantage of these CMOS devices is 
that with the large reduction of operating current, it is now 
possible to implement the “FULL” RS-232 interface in re¬ 
mote or portable equipment. Imagine that previously a de¬ 
signer, using a CMOS pP, RAM, ROM, and peripherals, 
could implement a complete system that consumes between 
200 and 300 mW, but just adding the RS-232 interface (one 
driver, and one receiver) would add another 450 to 700 mW 


to the total system power consumption. This would severely 
shorten the battery life. The CMOS driver and receiver would 
only add about 40-50 mW. 

In addition, the CMOS devices provide better noise rejection 
in harsh EMI environments, thus better data integrity. At the 
same time the internal slew rate limiting of the driver reduces 
the output transition time along the cable interface, hence 
reducing RFI emission, and easing the ability for portable (or 
non-portable) systems to meet FCC noise emission regula¬ 
tions. Also, since space is a premium in remote and portable 
systems, by integrating the function of the external capaci¬ 
tors on-chip (eliminating 8 capacitors), and designing these 
into S.O. packages, significant reduction in board space can 
be achieved. 

For example. Figure 5 shows a small CMOS system utilizing 
a CMOS NSC800 microprocessor, NSC858 CMOS UART, 
CMOS RAM/ROM, and a clock timer. This system runs off a 
9V battery so a DC-DC converter is used to generate -9V 
for the RS-232 interface. In this design a standard DC-DC 
convert IC is used to generate a -9V supply from the single 
-I-9V battery. 

As a second example, a “cheater” RS-232 interface is some¬ 
times implemented. This interface is compatible with the 
current RS-232 driver/receiver products, but rather than us¬ 
ing a ±(9-15)V supply, a ±5V supply is used. The drivers will 
not meet the RS-232 output voltage level specifications, but 
will correctly drive either the CMOS or bipolar receivers. The 
DC-DC converter circuit in Figure 5 may be used to imple¬ 
ment this. While for non-portable applications this can be 
done with the old bipolar 1488/89s, the DC-DC converter is 
somewhat simpler with the CMOS parts due to the much 
reduced current consumption. 

The RS-232 driver/receivers are also useful in non-power 
sensitive multi-user computers. Imagine a 16 terminal cluster 
controller for a multi-user computer system. Figure 6. This 
controller would require 16 drivers and 16 receivers with a 
total power of 8 watts when using the bipolar devices. The 
CMOS devices need only 400 mW. 

Also proper noise rejection for receivers and slew rate limit¬ 
ing for the driver would require 128 capacitors for the bipolar 
parts, but they are unnecessary in the CMOS 
implementation. 
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Typical Applications (Continued) 



REQUEST TO SEND 

DATA TERMINAL READY 

TRANSMIT DATA 


DATA CARRIER DETECT 

CLEAR TO SEND 

DATA SET READY 

RECEIVE DATA 


00868105 


FIGURE 5. Typical portable system application using CMOS pP, ROM, RAM, and UART. 
RS-232 interface is shown using 7660 supply inverter and CMOS Receiver/Driver. 
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Typical Applications (Continued) 


BIPOLAR CMOS 



00868106 


FIGURE 6. A multi-terminal application showing a comparison of Bipolar vs CMOS solutions. 
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High Speed, Low Skew 
RS-422 Drivers and 
Receivers 

Solve Critical System 
Timing Problems 

In system design, due to the distributed intelligence ability of 
the microprocessor, it is a common practice to have the 
peripheral circuits physically separated from the host proces¬ 
sor with data communications being handled over cables. 
Usually, these cables are measured in hundreds or thou¬ 
sands of feet. Signals transmitted on these lines (or cables) 
are exposed to electrical noise sources which may require 
large noise immunity. The requirements for transmission 
lines and noise immunity are covered in E.I.A. standard 
RS-422. 

The object of this application note is to describe the design 
requirement of RS-422 standard and to show that National’s 
DS8921, DS8922 and DS8923 Differential Driver and Re¬ 
ceiver pair meet all of those requirements. Special circuit 
design techniques are used to achieve small skew on 
complementary signals of the driver outputs. In fact, these 
devices are designed specifically for applications which must 
meet stringent timing constraints including the ESDI Disk 
Drive standard. Additionally, the DS8921 series meet the 
requirement of ST506 and ST412HP standards. 

Balanced Voltage Digital Interface 
Circuits (RS-422) Requirement 

Balanced circuits are normally used in data, timing, or con¬ 
trol applications where the data signaling rate approaches 
speeds of 10 Mbit/s In addition, balanced data transmission 
techniques should be used whenever the following condi¬ 
tions exist: 


National Semiconductor 
Application Note 457 
Toan Tran 
Larry Kendall 



1. The cable length 

2. The modulation rate 

3. The characteristics of the Driver and Receiver 

Cable Length 

There is no maximum cable length specified in the RS-422 
standard. Guidelines are given with respect to conservative 
operating distances as a function of modulation rate. Figure 
1 below IS the guideline provided by RS-422 for data modu¬ 
lation rate versus cable length. 



FIGURE 1. Data Modulation Rate vs Cable Length 


1. The interconnecting cable is too long for effective unbal¬ 
anced operation. 

2. The interconnecting cable is exposed to a noise source 
which may cause a voltage sufficient to indicate a 
change of binary state at the load. 

3. It is necessary to minimize interference with other sig¬ 
nals. 

Figure 2 below is a balanced circuit connection. 

There are three major controlling factors in balanced voltage 

digital interface: 


The curve is based on empirical data using a 24 AWG, 
copper conductor, twisted pair cable terminated for worst 
case in a 100^1 load, with rise and fall time equal or less than 
one half unit interval at the applied modulation rate. 

Even though the maximum cable length between driver and 
load is a function of data signaling rate, it is also influenced 
by the tolerable signal distortion, the amount of longitudinally 
coupled noise and ground potential difference introduced 
between the generator and load circuit grounds. 
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Cable Length (Continued) 



00883701 

Legend 

Rt = Optional cable transmission resistance/receiver input impedance. 

Vqround = Ground potential difference 
A, B = Driver interface 
A’, B’ = Load Interface 
C = Driver circuit ground 
C’ = Load circuit ground 


FIGURE 2. RS-422 Balanced Digital Interface Circuit 


Modulation Rate 

The balanced (or differential) voltage mode interface will 
normally be utilized on data, timing or control circuits oper¬ 
ating at up to 10 Mbps. The voltage digital interface devices 
meeting the electrical characteristics of this standard need 
not meet the entire modulation range specified. They may be 
designed to operate over narrower ranges to more economi¬ 
cally satisfy specific applications, particularly at the lower 
modulation rates. The DS8921 family of devices meets or 
exceeds all of the recommended RS-422 performance 
specifications. 

RS-422 Characteristics 

A. The Driver 

The balanced driver characteristics are specified in RS-422 
as follows: 

1. A driver circuit should result in a low impedance (100^2 
or less) balanced voltage source that will produce a 
differential voltage to the interconnecting cable in the 
range of 2V to 6V. 

2. With a test load of 2 resistors, 50^2 each, connected in 
series between the driver output terminals, the magni¬ 
tude of the differential voltage (VT) measured between 
the two output terminals shall be equal to or greater than 
2V, or 50% of the magnitude of Vq, whichever is greater. 
For the opposite binary state the polarity of VT is re¬ 
versed (VT). 

3. During transitions of the driver output between alternat¬ 
ing binary states, the differential voltage measured 
across lOOil load shall monotonically change between 
0.1 and 0.9 of Vqq within 0.1 of the unit interval or 20 ns, 
whichever is greater. Thereafter, the signal voltage shall 
not change more than 10% of Vqq from the steady state 
value until the binary state occurs. 

B. The Receiver 

The electrical characteristics of the receiver are specified in 
RS-422 as follows: 


1. The receiver shall not require a differential input voltage 
more than 200 mV to correctly assume the intended 
binary state, over an entire common-mode voltage 
range of -7 to +7V. The common-mode voltage (Vcm) >s 
defined as the algebraic mean of the 2 voltages appear¬ 
ing at the receiver input terminals with respect to the 
receiver circuit ground. This allows for operations where 
there are ground differences caused by IR drop and 
noise of up to ±7V. 

2. The receiver shall maintain correct operation for a differ¬ 
ential input signal ranging between 200 mV and 6V in 
magnitude. 

3. The maximum voltage between either receiver input 
terminal and receiver circuit ground shall not exceed 
10V (3V signal +7V common-mode) in magnitude. Also, 
the receiver shall tolerate a maximum differential signal 
of 12V applied across its input terminals without being 
damaged. 

4. The total load (up to 10 receivers) shall not have a 
resistance more than 90a at its input points. 

DS8921, DS8922 andDS8923 

The DS8921 is a single differential line driver and receiver 
pair. Whereas, the DS8922 and DS8923 are dual differential 
line driver and receiver pairs. The difference between the 
DS8922 and DS8923 is in the TRI-STATE® control {Figure 
3). 

These devices are designed to meet the full specifications of 
RS-422. The driver features high source and sink current 
capability. 

The receiver will discriminate a ±200 mV input signal over a 
full common-mode range of ±7V. Switching noise which may 
occur on input signal can be eliminated by the built-in hys¬ 
teresis (50 mV typical, and 15 mV min.). An input fail-safe 
circuit is provided so that if the receiver inputs are open, the 
output will assume the logical one state. 
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DS8921, DS8922 andDS8923 

(Continued) 

These devices have power up/down circuitry that will 
TRI-STATE the outputs and prevent erroneous glitches on 
the transmission lines during system power up or down 
operation. 


The most attractive feature of these devices is the small 
skew beween the complementary outputs of the driver, typi¬ 
cally about 0.5 ns. This small skew specification is often 
necessary to meet tight system timing requirements. 


DS8922A DS8923A DS8923A 





FIGURE 3. DS8921A, DS8922A and DS8923A Connection Diagrams 




Note 1: All times in ns measured at I/O connector of the drive T is the period of the clock signals and is the inverse of the reference or read clock frequency 
Note 2: Similar period symmetry shall be in ±4 ns between any two adjacent cycles during reading and writing 

Note 3: Except during a head change or PLO synchronization the clock variances for spindle speed and circuit tolerances shall not vary more than -5 5% to +5 0% 
Phase relationship between reference clock and NRZ write data or write clock is not defined 

Note 4: The write clock must be the same frequency as the drive supplied reference clock (i e , the write clock is the controller received and retransmitted drive 
reference clock) 

Note 5: Reference clock is valid when read gate is inactive. Read clock is valid when read gate is active and PLO synchronization has been established. 

FIGURE 4. ESDI Timing Diagrams 
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DS8921, DS8922 andDS8923 (Continued) 

DM74AS74 Switching Characteristics 


over recommended operating free air temperature range (Note 1). All typical values are measured at Vcc= 5V, T^= 25°C. 


Parameter 

From 

To 

Conditions 

DM74AS74 

Units 

Min 

Typ 

Max 

F max 



Vcc = 4.5V to 5.5V 

105 



MHz 

TpLH 

Preset 

Q or 

Rl = 500a 

3.3 


7.5 

ns 

TpHL 

or clear 

Q 

Cl = 50 pF 

3.5 


10.5 

ns 

TpLH 

Clock 

Q or 


3.5 


8 

ns 

TpHL 


Q 


4.5 


9 

ns 


FIGURE 5.1 ns Clock Skew 


ESDI Enhanced Small Device 
Interface 

The ESDI specification requires that the read and Reference 
Clock must meet the symmetry shown in Figure 4. This 
necessitates the use of National’s DS8921A/22A/23A series 
of transceivers. 

All specifications are in % T, where 



the ESDI specification is assumed to be a 10 Mbits/second 
standard, T = 100 ns. 

Given this, the negative pulse width measured at the drive 
connector must equal 0.5T ±0.05T (50 ns ±5 ns). The best 
available RS-422 driver, other than the DS8921A Family, is 
specified at ±4 ns differential skew. If the clock is from a high 
speed 74AS74 device, shown in Figure 5, it will have a 
typical skew of 1 ns. 

This combination of 4 ns +1 ns uses all of the ESDI specified 
5 ns and leaves no margin for noise. Use of the DS8921A, 
22A, or 23A, specified at ±2.75 ns max. differential skew 
would allow up to ±2.25 ns for clock skew and noise. This is 
as close a guarantee to meeting the ±5 ns spec, of ESDI, as 
is possible with todays advanced testing systems. 


One other consideration is the relationship between Read 
Clock and Read Data. Figure 4 shows that the positive edge 
of Read Clock must be 0.31 T (31 ns) after the leading edge 
of Read Data, and 0.31 T (31 ns) before the traiiing edge of 
Read Data. 

The Read Clock positive edges will be used to strobe Read 
Data into the controller after both signals go through their 
respective cabie lines and receivers. Use of the DS8922A/ 
23A assures minimum skew between these two signals. 
Because both drivers, or both receivers, are on the same 
piece of silicon an optimum match is achieved. 

The above is applicable to an ESDI controller as well as the 
Drive itself. The controller receives the Reference Ciock and 
uses both positive and negative edges to generate WRiTE 
CLOCK. The negative edge of WRITE CLOCK is used to 
strobe out WRITE DATA and the positive edge will strobe 
WRITE DATA into the Drive. 

The WRITE CLOCK positive edge has to be centered within 
WRITE DATA after it is received by the Drive. The transmit¬ 
ted WRITE CLOCK and WRITE DATA must be as closely 
matched as possible. 

National’s DS8921A, 22A, and DS8923A devices offer the 
combination of tightly spac’d parameters and drivers and 
receivers on one chip to meet various system timing con¬ 
straints. 
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Comparing EIA-485 and 
EIA-422-A Line Drivers and 
Receivers in Multipoint 
Applications 

Introduction 

EIA-485 IS a unique interface standard because, of all the 
EIA Standards, only EIA-485 allows for multiple driver opera¬ 
tion. At first glance EIA-485 and EIA-422-A appear to be very 
similar. Thus, EIA-485 is commonly confused with 
EIA-422-A. EIA-485 components (drivers and receivers) are 
backward compatible with EIA-422-A devices and may be 
interchanged. However, EIA-422-A drivers should not be 
used in EIA-485 applications. This application note de¬ 
scribes the differences between EIA-422-A and EIA-485 de¬ 
vices. 

EIA-422-A drivers face three major problems if they are used 
in multipoint (multiple driver) applications. The first deals with 
the common mode range of the drivers. The TRI-STATE® 
common mode range for a EIA-422-A driver is -250 mV to 
+6V. If a ground potential difference exists between drivers 
as shown in Figure 1, the disabled driver can come out of its 
high impedance state and clamp the line to one diode drop 
below ground The second problem deals with contention 
between active drivers. Faults may occur that cause two 
drivers to be enabled at the same time. If this happens and 
the drivers are in opposite states, high currents will flow 
between devices. The maximum package power dissipation 
ratings for the devices can be easily exceeded, thermally 
damaging the devices. The third problem deals with drive 
current. For bi-directional data flow, the line should be termi¬ 
nated with a resistor at both ends of the cable. Therefore 
drivers are required to source/sink twice the current required 
by an EIA-422-A termination (single resistor). 

Problem #1—Common Mode 
Range 

A typical bipolar EIA-422-A output structure is shown in 
Figure 2. Associated with the classical totem pole output 
structure is the parasitic substrate diode formed between the 
EPI layer and the substrate. This parasitic diode limits the 
negative common mode range of the driver’s output. Given 
the case when the driver on the left is disabled (high imped¬ 
ance state), the driver on the right is active, and the two 
drivers are referenced to local grounds a fault can occur. If a 
ground potential difference exists between the two grounds 
(Vcm). the disabled driver can clamp the line. An example of 
this occurs when the disabled driver’s ground is two volts 
higher in potential than the active driver’s ground. If the 
output voltage goes below its ground by one diode drop, the 
parasitic diode becomes forward biased. For this example, 
assume a Vql of 0.5V, and a Vcm of +2V. The active driver’s 
Vql is 0.5V, but with respect to the disabled driver’s ground 
it becomes -1.5V. Clearly the EPI/SUB diode is forward 
biased and the line is clamped to -0.7V instead of the driven 
level. Data flow is not guaranteed, if the line is clamped. 
EIA-485 driver output structures, shown in Figure 3, include 
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a Schottky diode in both the source and sink side of the 
output structure. This diode isolates the EPI/SUB diode from 
the output pin, and eliminates the possibility of the parasitic 
diode from turning on and clamping the data line. The com¬ 
mon mode range is now -7V to +12V (7V from either rail). 
The adverse affects of this diode are minimal. The driver’s 
Vql is a Schottky diode drop higher, and Vqh is one diode 
drop lower However, the driver’s output will remain in a high 
impedance state for applied voltages between -7V and 
-h12V. 

Problem #2—Contention Between 
Drivers 

If by hardware or software error two drivers are enabled at 
the same time, a fault occurs. In applications that use mul¬ 
tiple drivers, protection from this fault should be considered. 
This fault can be more damaging to the drivers if the two 
active drivers are separated by a large ground potential 
difference. For example, transceiver one (T1) shown in Fig¬ 
ure 3 IS referenced to earth ground GND1 (OV). While T2’s 
ground potential (GND2) is 7V higher in magnitude with 
respect to GND1. If the two drivers are in opposite states, 
then a 12V difference exists between the drivers (12V - Vcm 
+ Vcc)- A large current will flow, and the maximum package 
power dissipation rating would be exceeded. EIA-422-A driv¬ 
ers do not have contention protection built in, since they are 
intended for use in single driver/multiple receiver applica¬ 
tions. Power dissipation increases if multiple drivers are 
involved. EIA-485 line drivers are protected from this con¬ 
tention problem through the use of short circuit current lim¬ 
iting over a wide common mode range. Most EIA-485 drivers 
have a thermal shutdown feature (although not required by 
EIA-485). If an active EIA-485 driver output is shorted to any 
voltage between -7V and -i-12V, the resulting current will be 
less than 250 mA. Realizing that drivers can be thermally 
damaged, ALL National Semiconductor’s EIA-485 drivers 
feature thermal shutdown protection (TS). For example, a 
worse case fault occurs if the driver is shorted to +12V, and 
the resulting current is 250 mA. The power dissipated on the 
device is simply current multiplied by voltage (P=IV): 12V 
(250 mA) = 3W. Three watts clearly exceeds the rated 
maximum package power dissipation speci fication for all 
common packages. However, the thermal shutdown feature 
senses this fault and disables the drivers output. Hence, the 
250 mA current drops to 0 mA; the device cools down and is 
automatically reset. If the fault is still present, the device will 
cycle into and out of thermal shutdown until the fault is 
removed. Some of National’s devices feature an open col¬ 
lector pin that reports the occurrence of a thermal shutdown 
(DS3696 for example). EIA-422-A drivers would commonly 
incur damage when this fault occurs. 
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Problem #2—Contention Between Drivers (Continued) 
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FIGURE 1. Typical Multiple Driver Application 


T1 Driver Output Structure 
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FIGURE 2. EIA-422-A Driver Output Structures Have A Limited Common Mode Range 


WWW national.com 


7-50 








Problem #2—Contention Between Drivers (Continued) 


T1 Driver Output Structure 



FIGURE 3. EIA-485 Driver Output Supports -7V to +12V Common Mode Range 


Problem #3—Drive Current 

The third problem deals with the drivers load current capa¬ 
bility. EIA-422-A drivers are rated at ±20 mA minimum, while 
EIA-485 devices have ±55 mA minimum drive capability. 
Current sourced by the driver either flows through the termi¬ 
nation resistor(s), or into receiver input structures. In multiple 
driver applications, two termination resistors (RT) are re¬ 
quired (one at each end of the cable), a driver would see 
these two resistors in parallel, resulting in a 60Q load (as¬ 
suming the termination resistors are 1201^ each). Receiver 
input structures are also seen in parallel by the driver, and 
the EIA-422-A receiver input impedance is also too low to be 
used in applications requiring a high number of receivers. To 
overcome these problems EIA-485 drivers have roughly 
three times the drive capability of EIA-422-A drivers. In ad¬ 
dition EIA-485 receivers feature a higher input impedance, 
which is typically three times the EIA-422-A limit of 4 kO. 

Conclusions 

EIA-485 drivers are the best choice for multipoint (multiple 
driver) applications as shown in Figure 4. They can tolerate 
ground potential differences of up to 7V from either rail. They 
are contention safe and thermally protected. Finally, the 
drivers can handle up to 32 transceiver loads compared to 
EIA-422-A’s limit of ten receivers. National offers a wide 
range of EIA-485 devices: Transceivers, Repeaters, Quad 
Drivers, Quad Receivers and Quad Transceivers are all 


offered. Select devices are available in the Industrial and 
Military temperature ranges. National also offers MIL-883C 
qualified Quad Drivers, Quad Receivers and Transceiver 
(see the selection guide located in the front of chapter one of 
the Interface Databook for a complete listing of all EIA-485 
Devices). 
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FIGURE 4. Typical EIA-485 Multipoint Application 
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Introduction 

In many board and system level designs, it is often neces¬ 
sary to determine the total power dissipated by the individual 
components of that application. This determination of total 
device power dissipation is important for two reasons. First, 
It can be used to select the power supply best suited to 
satisfy the needs of the application. And second, a power 
dissipation calculation facilitates the analysis of how the 
board or system’s operating conditions might adversely af¬ 
fect the reliability of, or otherwise damage, the on board 
components. 

The purpose of this application note is to provide end users 
with a sample power dissipation calculation for typical TIA/ 
EIA-422 and TIA/EIA-485 differential line drivers. Other top¬ 
ics which will be addressed by this application note include 
worst case power dissipation, and packaging/thermal con¬ 
siderations. 

Contributions to Total Device 
Power Dissipation 

Under normal operating conditions, the total device power 
dissipation is determined primarily by output load current 
and quiescent current. These current terms are modified by 
external loading conditions, device switching frequency, 
power supply voltage and ambient operating temperature. 
The following discussion of device power dissipation will 
take all these factors into consideration. 

The power dissipated by a device in its quiescent state and 
that dissipated by the outputs when the device is switching 
constitute the primary contributions to total device power 
dissipation. Quiescent power dissipation is defined as the 
product of power supply voltage (Vcc) and power supply 
current (Ice)- 

P^QUIESCENT = (Vcc) (Icc) (^) 

The power dissipation by the outputs, takes into account the 
power dissipated by the output structures of the device when 
the outputs are driving a load. When the device output is in 
the LOW state, the output sinks a sufficient amount of load 


current to develop a Vql with respect to ground. Conversely, 
when the device output is in the HIGH state, the output 
sources a load current sufficient to develop a Vqh with a 
respect to ground. The power dissipated, then, by a single 
channel is: 

PDqutput = Ioh(Vcc “ Vqh) + Iol(Vol) (2) 
where, Ioh= HIGH level output current 
Iql = LOW level output current 
The general expression to describe the dissipated power for 
all outputs is: 

Pl^ouTPUTs “ channels) [Ioh(Vcc “ Vqh + Iql 

(Vql))] (3) 

Together, the sum of quiescent power dissipation and power 

dissipation at the device outputs approximates the total 
power dissipated by the device. 

PDjotal = PDquiescent + PDquyputs (4) 

A more comprehensive total device power dissipation calcu¬ 
lation, however, might also incorporate the contribution to 
device power dissipation from the device’s switching fre¬ 
quency. Therefore, Equation (4) could be changed to look 
like the following. 

PDjotal = PDquiescent + PDqutputs + 

CouT(Vcc)^(f) (5) 

where, Cqut = device output capacitive load 
f= device switching frequency 
For this application note, the last term of Equation (5) was 
intentionally omitted. These are several reasons for this 
omission. First, switching frequency does not lend itself well 
to this general discussion of power dissipation since it varies 
from application to application. Second, in terms of the qui¬ 
escent and output power dissipation components, the mag¬ 
nitude of the CV^f term on total device power dissipation is 
negligibly small for most line drivers. And third. Figure 1 
demonstrates that switching frequency will not heavily im¬ 
pact quiescent device power dissipation (see Equation (1)) 
since the magnitude of the change in Ice due to switching 
frequency is small. 
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Contributions to Totai Device Power Dissipation (Continued) 


DS26LS31CN Unloaded Ice vs Frequency vs 
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AVG lcc/70°C 
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FIGURE 1. Supply Current vs Switching Frequency vs Temperature 


Typical Power Dissipation Calculations Using the DS26LS31CN 


To better illustrate a total power dissipation calculation in a 
typical TIA/EIA-422 application, consider the DS26LS31CN 
(molded DIP package) Quad Differential Line Driver operat¬ 
ing under following conditions; 

Vec = 5.0V 

Ambient Operating Temperature = 25°C 
Switching Frequency = 1 MHz 
Duty Cycle = 50% 

Measured Vqh = 3.2V 
Measured Vql = 0.3V 
Termination Resistor = 100Q 

Figure 2 indicates that the Ice typically associated with a 
Vec of 5.0V, at room temperature, is approximately 39 mA. 
Figure 1 indicated that a device, operating at room tempera¬ 
ture, switching at 1 MHz will generate an Ice of approxi¬ 


mately 41 mA. Note in both Figure 1 and Figure 2 that the 
change in Ice with respect to switching frequency and the 
change in Ice with respect to Vce. respectively, is rather 
small. Also note that in both figures there is little Ice depen¬ 
dence on temperature. 

For this typical calculation, 41 mA will be used for leetypicai 
since it is a better representation of actual device operating 
conditions. 

From (1), the static power dissipation is: 

PDquiesCENT = (Vectypical (IcCtypical) 

= (5.0V) (41.0 mA) 

= 205.0 mW 

Given that the measured Vqh >s 3.2V, one can extract the 
corresponding Iqh Figure 3. The Iqh required to de¬ 
velop a Vqh of 3.2V Is approximately 30 mA. 


DS26LS31 Ice vs Vec vs 
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Typical Power Dissipation Calculations Using the DS26LS31CN (Continued) 


DS26LS31CN Vqh vs Iqh vs Ta 



Iqh - high output current - mA 


AVG Vo^,/250C 
AVG Voh/0°C 
AVG Voh/700C 
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FIGURE 3. High Output Voltage vs High Output Current vs Temperature 


From Figure 4, one can likewise obtain an Iql of approxi¬ 
mately 30 mA given a measured Vql of 0.3V. 

The outputs, then, of the DS26LS31CN dissipate power 
according to the following relationship; 

P^ouTPUTs = (ff of Channels) [Iqh (^cc “ Vqh) + 
loL (Vol)] 

= (4) [30 mA (5.0V - 3.2V) + 30 mA 
(0.3V)] 

= (4) [54.0 mW + 0.9 mW] 

= 252.0 mW 

From the given typical operating conditions, the total power 
dissipated by the DS26LS31CN is: 

PDjotal = PDquiescent + PDoutputs 
= 205.0 mW + 252.0 mW 
= 457 0 mW 

Worst Case Power Dissipation 
Calculations 

While a typical power dissipation calculation is informative, a 
board or system level designer will invariably be forced to 
also perform a worst case calculation. With the exception of 
several minor changes, the same procedure is followed for 
both typical and worst case power dissipation calculations. 
Starting with static power dissipation, this calculation must 
now use the maximum values for both power supply voltage 
(Vccmax) and power supply current (Iqc max)- The Iccmax 
used is normally that specified by the data sheet. However, if 
the application were to force the device beyond its 10 MHZ 
operating window, the Iccmax could exceed the data sheet 


specifications of 60 mA (see Figure /). In either case, the 
larger current value must be used for Iccmax in the worst 
case quiescent power calculation. 

The next step is to calculate the power dissipation from the 
device outputs. To do so, place the device under the worst 
case board or system conditions, and measure the resulting 
Vqh and Vql levels. Given these worst case Vqh and Vql 
values, one can extract the corresponding worst case Iqh 
and Iql values with the help of Figure 3 and Figure 4, 
respectively. A substitution of these values into Equation (3) 
will then yield the worst case power dissipation due to the 
device outputs. 

An alternative method to calculate the power dissipated by 
the device outputs requires that a differential output voltage 
versus output current (Vqd vs Iq) curve be generated. Keep¬ 
ing in mind that Vqd = Vqh - Vql. a Vqd vs Iq curve can be 
developed by “subtracting” the Vql vs Iql curve from the 
Vqh vs Iqh curve. On the resulting Vqd vs Iq curve, draw a 
load line corresponding to the worst case loading conditions. 
This will then yield the output differential voltage and output 
currents being sourced and sunk by the device under a worst 
case loading condition. A substitution of these quantities into 
Equation (6) will yield the power being dissipated by the 
device outputs. 

P^diffERENTIAL outputs = (^) 

(# of channels) [lo(Vcc - Vqd)] 

As an example, consider the output voltage versus output 
current curves previously given for the DS26LS31CN {Figure 
3 and Figure 4). The Vqd vs Iq curve for the DS26LS31CN, 
as illustrated in Figure 5, can be drawn by “subtracting” 
Figure 4 from Figure 3. 


7-55 


WWW. national com 


AN-805 




AN-805 


Worst Case Power Dissipation Caicuiations (Continued) 


DS26LS31CN Vql vs Iql vs 
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FIGURE 4. Low Output Voltage vs Low Output Current vs Temperature 


DS26LS31CN Vqd vs Iq vs 
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FIGURE 5. Output Differential Voltage vs Output Current vs Temperature 


A sample worst case load line of 1 0OQ. superimposed upon 
Figure 5 reveals the corresponding worst case operating 
point for the DS26LS31CN; that is, it reveals the device’s 
output differential voltage and output current given a sample 
worst case output load. When substituted into Equation (6), 
these voltage and current quantities will yield the worst case 
power dissipation at the device outputs. 

The sum of the worst case quiescent and output power 
dissipation components will approximate the total worst case 
device power dissipation. 

Power Calculation for TIA/EIA-485 
Differential Line Drivers 

Let’s first compare a typical TIA/EIA-422 output structure to a 
typical TIA/EIA-485 output structure. As shown in Figure 6, 
the presence of Schottky diodes in the output stage of an 
TIA/EIA-485 device clearly differentiates it from a similar 
TIA/EIA-422 device. The addition of the Schottky diodes to 
the TI/VEIA-485 output stage enable it to safely operate in 


multipoint (multiple driver) applications over a -7V to +12V 
common mode range versus the -250 mV to +6V common 
mode range of TIA/EIA-422. However, the Schottky diodes in 
the TIA/EIA-485 outputs have the net effect of raising the 
value of Vql by one diode drop and decreasing the value of 
Vqh by the same amount. This change in output voltage 
levels will, in turn, affect the amount of power being dissi¬ 
pated in the output stage. 

Despite the fact that the output structure of an TIA/EIA-422 
line driver differs from that of the TI/VEIA-485 line driver, the 
procedure outlined earlier to calculate power dissipation is 
applicable for both TI/VEIA-422 devices and TIA/EIA-485 
devices. Quiescent and output power dissipation calcula¬ 
tions for an TIA/EIA-485 line driver will again employ Equa¬ 
tions (1), (3) respectively. 

As with the sample power calculation for the TIA/EIA-422 
device, the sum of the quiescent and output power compo¬ 
nents will yield the total approximated power dissipated by 
the TIA/EIA-485 device. 
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Power Calculation for TIA/EIA-485 
Differential Line Drivers (Continued) 

As an example, consider the worst case power dissipation of 
the DS96F172CJ (ceramic DIP package). Other than the fact 
that the DS96F172CJ is an TIA/EIA-485 device, it is pin for 
pin compatible with the DS26LS31CN. As outlined earlier, 


the first step is to calculate the quiescent power dissipation. 
From Equation (1), the worst case quiescent power dissipa¬ 
tion is: 

P^QuiESCENTmax = (VcCmax) (IcCmax) 

= (5.25V) (50 mA) 

= 262.5 mW 


TIA/EIA-422 


TIA/EIA-485 



FIGURE 6. TIA/EIA-422 and TIA/EIA-485 Output Structures 
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FIGURE 7. High Output Voltage vs High Output Current vs Temperature 
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Power Calculation for TIA/EIA-485 Differential Line Drivers (Continued) 


DS96F172CJ Vql vs Iql vs 
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FIGURE 8. Low Output Voltage vs Low Output Current vs Temperature 


The next step is to calculate the power dissipated at the 
device outputs under a worst case load condition. Again, 
there are two ways to do this. First, one can measure the 
worst case output voltage levels and reference them with 
Figure 7 and Figure 8 to extract the corresponding worst 
case output currents. 

A substitution of these resulting quantities into Equation (3) 
will yield the power dissipated at the device outputs given a 
worst case load. The second method to calculate output 
power dissipation involves drawing a worst case load line on 


the differential output voltage versus output current curve. In 
the case of the DS96F172CJ, the worst case load line is 
assumed to be 60^2. This assumption was made because in 
a typical TIA/EIA-485 application, both ends of the transmis¬ 
sion line are terminated with 120Q and so the TI/VEIA-485 
driver is effectively loaded with 60Q. In Figure 9 a 60Q load 
line has been superimposed upon the differential output 
versus output current curve and consequently, worst case 
values of output current and differential output voltage (un¬ 
der the given load) have been obtained. 


DS96F172CJ Vqd vs Iq vs T^ 
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FIGURE 9. Output Differential Voltage vs Output Current vs Temperature 


At room temperature, the worst case power dissipation at the 
device outputs is (from Equation (6)): 

PDdifferential outputs 

= (# of channels) [Iq (Vcc - Vqd)] 

= (4) [39 mA (5.25V - 2.4V)] 

= 444.6 mW 


The only remaining task is to sum together the quiescent and 
output power dissipation terms to obtain a total worst case 
power dissipation. From (4), the DS96F172CJ operating at 
room temperature, under a worst case load of 60n, will 
dissipate: 
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Power Calculation for TIA/EIA-485 
Differential Line Drivers (Continued) 

PDjotal = PDquiescent + PDqutputs 
= 262.5 mW + 444.6 mW 
= 707.1 mW 

Packaging and Thermal 
Considerations 

Having calculated the total power dissipated by the device, 
the next logical step is to ascertain that the power dissipated 
does not thermally damage the device. To do so, the follow¬ 
ing equation is used: 

Tj = [PDtotalOja)] + Ta (7) 

where, 0 ja = Thermal Resistance from Junction to 
Ambient (°C/W) 

PDtotal= Total Power Dissipated by Device (W) 

Tj= Junction Temperature (°C) 

Ta= Ambient Temperature (°C) 

The only variable which remains unknown is Gj^. Gja mfor- 
mation for the available package types of most devices can 
be found in the respective device’s data sheet. Keep in mind 
that the data sheet often refers to Gja m terms of derate 
factors. Determining Gja involves taking the inverse of the 
derate factor. 

Gja = 1/Derate Factor (8) 


For example, all the information is now available for a 
sample calculation of the DS26LS31CN’s junction tempera¬ 
ture using the operating conditions specified earlier. The 
data sheet of the DS26LS31CN specifies a derate factor, for 
the plastic DIP package, of 11.9 mW/°C. From (8), the Gja is: 
Gja = 1/Derate Factor 
= 1/(0.0119 W/°C) 

= 84.0 °C/W 

The thermal resistance from junction to ambient for the 
DS26LS31CN is now known. Also known are the ambient 
operating temperature and the total power dissipated (ob¬ 
tained earlier). From (7), the junction temperature is: 

Tj = [(PDjotal) (®ja)] + Ta 

= [(0.457W) (84.0°C/W)] + 25°C 
= 63.4°C 

The maximum allowable junction temperature for plastic DIP 
packages is 150°C. The junction temperature of the 
DS26LS31CN operating under the conditions specified ear¬ 
lier, by the typical power dissipation calcuiation, is weil within 
the allowed maximum. Applications where the maximum 
allowable junction temperature is exceeded should be 
avoided since this condition may thermally damage the de¬ 
vice and package. 

Looking at this thermai analysis from a slightly different 
perspective. Equation (7) can be rewritten as: 

PDpACKAGEmax = (Tj„.ax-TA)/GjA (9) 
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Packaging and Thermal 
Considerations (Continued) 

By substituting 150°C for the maximum allowable junction 
temperature, the maximum allowable package power dissi¬ 
pation at 25°C can be calculated using the 0JA for the 
DS26LS31CN plastic DIP (N) package. 

PDpACKAGEmax @ 25”C = (L max Ta)/0ja 

= (150°C - 25°C)/84.0“C/W 
= 1.48W 

To calculate the maximum allowable package power dissi¬ 
pation at 70°C, the 1.48W maximum at 25°C must be der¬ 
ated using the following procedure: 

PDpACKAGEmax @ 70°C= 

PDpACKAGEmax @ 25 ”c “ (Derate) (ATa) 

= 1.48W-(0.0119wrc) 

(45°C) = 0.94W (10) 

This sample calculation illustrates that as ambient tempera¬ 
ture increases, the DS26LS31CN is able to dissipate less 
power before the maximum allowable junction temperature 
specification is violated. Keep in mind that this thermal 
analysis also applies to TiA/EIA-485 devices such as the 
DS96F172CJ. 

It should be noted that this generai thermal analysis is 
applicable to all other packages and device types assuming 
that the maximum power dissipation and 0 ja are known. 


standard. Samples calculations for the DS26LS31CN and 
the DS96F172CJ were presented. Worst case consider¬ 
ations were also discussed. And finally, the relationship be¬ 
tween power dissipation and thermal/packaging limitations 
was introduced. 


Special Notes 

Figure 1 : 

Figure 2 : 

Figure 3, Figure 4, Figure 5 : 

Figure 7, Figure 8, Figure 9 : 


Ten samples from three data 
codes. 

Ten samples from three data 
codes. Outputs unloaded and 
Vcc = 5.0V. 

Ten samples from three date 
codes. 

Vcc = 5.0V 

Ten samples from two date 
codes. 

Vcc = 5.0V 


The graphical data referenced in this application note are not 
intended to guarantee performance as they only represent 
typical values. 
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Overview 

This application note discusses the general characteristics of 
transmission lines and their derivations. Here, using a trans¬ 
mission line model, the important parameters of character¬ 
istics impedance and propagation delay are developed in 
terms of their physical and electrical parameters. This appli¬ 
cation note IS a revised reprint of section two of the Fairchild 
Line Driver and Receiver Handbook This application note, 
the first of a three part series (see AN-807 and AN-808), 
covers the following topics. 

• Transmission Line Model 

• Input Impedance of a Transmission Line 

• Phase Shift and Propagation Velocity for the Transmis¬ 
sion Line 

• Summary—Characteristics Impedance and Propagation 
Delay 

Introduction 

A data transmission line is composed of two or more con¬ 
ductors transmitting electrical signals from one location to 
another. A parallel transmission line is shown in Figure 1. To 
show how the signals (voltages and currents) on the line 
relate to as yet undefined parameters, a transmission line 
model is needed. 

Transmission Line Model 

Because the wires A and B could not be ideal conductors, 
they therefore must have some finite resistance. This 
resistance/conductivity is determined by length and 
cross-sectional area. Any line model, then, should possess 
some series resistance representing the finite conductivity of 
the wires. It is convenient to establish this resistance as a 
per-unit-length parameter. 

Similarly, the insulating medium separating the two conduc¬ 
tors could not be a perfect insulator because some small 
leakage current is always present. These currents and di¬ 
electric losses can be represented as a shunt conductance 
per unit length of line To facilitate development of later 
equations, conductance is the chosen term instead of resis¬ 
tance. 

If the voltage between conductors A and B is not variable 
with time, any voltage present indicates a static electric field 


between the conductors. From electrostatic theory it is 
known that the voltage V produced by a static electric field E 
IS given by 


V = jE«d/ 

( 1 ) 

This static electric field between the wires can only exist if 
there are free charges of equal and opposite polarity on both 
wires as described by Coulomb’s law 


where E is the electric field in volts per meter, q is the charge 
in Coulombs, e is the dielectric constant, and r is the distance 
in meters. These free charges, accompanied by a voltage, 
represent a capacitance (C = qA/), so the line model must 
include a shunt capacitive component. Since total capaci¬ 
tance IS dependent upon line length, it should be expressed 
in a capacitance per-unit-length value. 

It is known that a current flow in the conductors induces a 
magnetic field or flux This is determined by either Ampere’s 
law 


H • d/ = I 


or the Biot-Savart law 


(3) 


dB ^ 


jald/ X r 
47rr3 


(4) 


where r = radius vector (meters) 

€ = length vector (meters) 

I = current (amps) 

B = magnetic flux density (Webers per meter) 
H = magnetic field (amps per meter) 
p = permeability 
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Transmission Line Model (Continued) 



I = CURRENT FLOW 
€ = LINE LENGTH 
E = ELECTRIC FIELD 
H = MAGNETIC FIELD 


FIGURE 1. Infinite Length Parallel Wire Transmission Line 


If the magnetic flux ((|)) linking the two wires is variable with 
time, then according to Faraday’s law 

dt 

(5) 

A small line section can exhibit a voltage drop—in addition 
to a resistive drop—due to the changing magnetic flux (({)) 
within the section loop. This voltage drop is the result of an 
inductance given as 


Therefore, the line model should Include a series inductance 
per-unit-length term. In summary, it is determined that the 
model of a transmission line section can be represented by 
two series terms of resistance and inductance and two shunt 
terms of capacitance and conductance. 

From a circuit analysis point of view, the terms can be 
considered in any order, since an equivalent circuit is being 
generated. Figure 2 shows three possible arrangements of 
circuit elements. 


V = 


dt 


( 6 ) 



For consistency, the circuit shown in Figure 2 will be used 
throughout the remainder of this application note. Figure 3 
shows how a transmission line model is constructed by 
series connecting the short sections into a ladder network. 
Before examining the pertinent properties of the model, 
some comments are necessary on applicability and limita¬ 
tions. A real transmission line does not consist of an infinite 
number of small lumped sections—rather, it is a distributed 


network. For the lumped model to accurately represent the 
transmission line (see Figured), the section length must be 
quite small in comparison with the shortest wavelengths 
(highest frequencies) to be used in analysis of the model. 
Within these limits, as differentials are taken, the section 
length will approach zero and the model should exhibit the 
same (or at least very similar) characteristics as the actual 
distributed parameter transmission line. The model in Figure 
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Transmission Line Modei (Continued) 

3 does not include second order terms such as the increase 
in resistance due to skin effect or loss terms resulting from 
non-linear dielectrics. These terms and effects are discussed 
in the references rather than in this application note, since 
they tend to obscure the basic principles under consider¬ 
ation. For the present, assume that the signals applied to the 
line have their minimum wavelengths a great deal longer 
than the section length of the model and ignore the second 
order terms. 

input Impedance of a 
Transmission Line 

The purpose of this section is to determine the input imped¬ 
ance of a transmission line; i e., what amount of input current 


liNis needed to produce a given voltage V,n across the line 
as a function of the LRCG parameters in the transmission 
line, (see Figure 4 ). 

Combining the series terms IR and IL together simplifies 
calculation of the series impedance (Zg) as follows 

Zg = €(R + jcoL) (7) 

Likewise, combining 1C and IG produces a parallel imped¬ 
ance Zp represented by 

z - ^ ^ 

^ Yp /(G + jft>C) 

( 8 ) 


ll 

ZR 

ZL 

ZR 

ZL 

ZR 
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FIGURE 3. A Transmission Line Model Composed of Short, Series Connected Sections 
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FIGURE 4. Series Connected Sections to Approximate a Distributed Transmission Line 



FIGURE 5. Cascaded Network to Model Transmission Line 


Since it is assumed that the line model in Figure 5 is infinite 
in length, the impedance looking into any cross section 
should be equal, that is Zi = Zg = Z 3 , etc. So Figure 5 can be 
simplified to the network in Figure 5 where Zq is the charac¬ 
teristic impedance of the line and Z,n must equal this imped¬ 
ance (Z,n = Zq). From Figure 5, 


^in 


Zs 




ZpZp 
Zq + Zp 


= Zo 


(9) 
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Input Impedance of a 
Transmission Line (Continued) 

Multiplying through both sides by (Zq + Zp) and collecting 
terms yields 

Zo2 - Z3Z0 - ZsZp = 0 (10) 

which may be solved by using the quadratic formula to give 
Zs ± ^/Zs2 + 4ZsZp 

Zo =-^- 

( 11 ) 

Substituting in the definition of Zg and Zp from Equation (7) 
and Equation (8), Equation (11) now appears as 


Zo = 


/(R + jcoL) 
2 


2 




/2 (R + ja)L)2 + 4 


R + jcoL 
G + ja)C 


( 12 ) 


Now, as the section length is reduced, all the parameters 
(IR, IL, IG, and 1C) decrease in the same proportion. This is 
because the per-unit-length line parameters R, L, G, and C 
are constants for a given line. By sufficiently reducing €, the 
terms in Equation (12) which contain I as multipliers will 
become negligible when compared to the last term 


fundamental frequency in the 1-to-50 MHz area with har¬ 
monics extending upward in frequency. The expressions for 
Zq in Equation (13), Equation (14) and Equation (15) do not 
contain any reference to line length, so using Equation (14) 
as the normal characteristic impedance expression, allows 
the line to be replaced with a resistor of Rq = Zq neglecting 
any small reactance. This is true when calculating the initial 
voltage step produced on the line in response to an input 
current step, or an initial current step in response to an input 
voltage step. 



1k 5k 10k 50k 100k 500k 1M 5M 10M 


R 4- jcoL 
G + ja)C 


FREQUENCY - Hz 

01133609 


which remains constant during the reduction process. Thus 
Equation (12) can be rewritten as 


/ R + 

V G + JwC 


VZgZp 


(13) 


particularly when the section length € is taken to be very 
small. Similarly, if a high enough frequency is assumed. 


— > 100 kHz 

27r 


such that the coL and coC terms are much larger respectively 
than the R and G terms, Zg = jco€L and Zp = 1/ja)€ C can be 
used to arrive at a lossless line value of 


In the lower frequency range, 

Ct) 

— ^ 1 kHz 

277 


(14) 


FIGURE 6. Characteristics Impedance 
versus Frequency 

Figure 7 shows a 2V input step into a 96^2 transmission line 
(top trace) and the input current required for line lengths of 
150, 300, 450, 1050, 2100, and 3750 feet, respectively 
(second set of traces). The lower traces show the output 
voltage waveform for the various line lengths. As can be 
seen, maximum input current is the same for all the different 
line lengths, and depends only upon the input voltage and 
the characteristic resistance of the line. Since Rq = 96Q and 
V|N = 2V, then I in = V|n/Ro = 20 mA as shown by Figure 7. 
A popular method for estimating the input current into a line 
in response to an input voltage is the formula 
C(dv/dt) = / 

where C is the total capacitance of the line (C = C per foot x 
length of line) and dv/dt is the slew rate of the input signal. If 
the 3750-foot line, with a characteristic capacitance per unit 
length of 16 pF/ft is used, the formula Ctotai = (C x €) would 
yield a total lumped capacitance of 0.06 pF. Using this C(dv/ 
dt) = /formula with (dv/dt = 2V/10 ns) as in the scope photo 
would yield 


2V 

I -- X 0.06 jaF = 12A 

10 ns 


the R and G terms dominate the impedance giving 

(15) 

A typical twisted pair would show an impedance versus 
applied frequency cun/e similar to that shown in Figure 6. 
The Zq becomes constant above 100 kHz, since this is the 
region where the coL and coC terms dominate and Equation 
(13) reduces to Equation (14). This region above 100 kHz is 
of primary interest, since the frequency spectrum of the fast 
rise/fall time pulses sent over the transmission line have a 


This is clearly not the case! Actually, since the line imped¬ 
ance is approximately 100^2, 20 mAare required to produce 
2V across the line. If a signal with a rise time long enough to 
encompass the time delay of the line is used (tr ^t), then 
the C(dv/dt) = / formula will yield a resonable estimate of the 
peak input current required. In the example, if the dv/dt is 
2V/20 ps (tr = 20 ps > T = 6 ps), then 1 = 2V/20 ps x 0.06 pF 
= 6 mA, which is verified by Figure 8. 

Figure 8 shows that C(dv/dt) = 1 only when the rise time is 
greater than the time delay of the line (tr > t). The maximum 
input current requirement will be with a fast rise time step. 
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Input Impedance of a 
Transmission Line (Continued) 

but the line is essentially resistive, so V|n/I|n = Rq = Zq will 
give the actual drive current needed These effects will be 
discussed later in Application Note 807. 

Phase Shift and Propagation 
Veiocity for the Transmission Line 

There will probably be some phase shift and loss of signal Vg 
with respect to v-, because of the reactive and resistive parts 



01133610 


FIGURE 7. Input Current Into a Transmission Line for a 2V Input Step for Various Line Lengths 
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FIGURE 8. Input Current Into Line with Controlied Rise Time tr > 2n 


of Zs and Zp in the model {Figure 5). Each small section of 
the line (€) will contribute to the total phase shift and ampli¬ 
tude reduction if a number of sections are cascaded as in 
Figure 5. So, it is important to determine the phase shift and 
signal amplitude loss contributed by each section. 
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Phase Shift and Propagation keeping in mind tue 

Veiocity for the Transmission Line 

(Continued) 


Using Figure 5, Vg can be expressed as 

_ _ 1 _ 

Zp + Zo Zs + ZpZo/(Zp + Zo) 

(16) 

or 


vi _ Zs(Zp + Zo) + ZpZo 
V 2 ZpZo 

and further simplification yields 


(17) 


Yl 

V2 


= 1 + Zs 


_L -1' 
Zo Zp. 


(18) 


Remember that a per-unit-length constant, normally called y 
is needed. This shows the reduction in amplitude and the 
change in the phase per unit length of the sections. 

y^ = a^ = jp^ (19) 


Since 


V2 = = Vi + V( (20) 

where v-,"^ is a signal attenuation and v-, is the change 
in phase from Vi to Vg, 


value will be much less than one because the section length 
is allowed to become very small, the higher order expansion 
terms can be neglected, thereby reducing Equation (24) to 

yi=JZ^ = l^B + \(oL) (G + jo)C) 

(26) 

If Equation (26) is divided by the section length, 
y — — = \/(R + jwL) (G + jft)C 

(27) 

the propagation constant per unit length is obtained. If the 
resistive components R and G are further neglected by 
assuming the line is reasonably short. Equation (26) can be 
reduced to read 


7l ^ \Pi = vUC 

(28) 

Equation (28) shows that the lossless transmission line has 
one very important property: signals Introduced on the line 
have a constant phase shift per unit length with no change in 
amplitude. This progressive phase shift along the line actu¬ 
ally represents a wave traveling down the line with a velocity 
equal to the inverse of the phase shift per section. This 
veiocity is 


/n — = In = a/ + j/3/ = 

V 2 J 


yi 


( 21 ) 

Thus, taking the natural log of both sides of Equation (18) 


In 


/n 1 4- Z< 


\ Zo Zp / J 


Substituting Equation (13) for Zq and Ypfor tep 


yi — In \ 1 + Z< 




)i 


( 22 ) 


(23) 


Now when allowing the section length € to become small, 
Yp = €(G + jcoC) 

will be very small compared to the constant 




since the expression for Zq does not contain a reference to 
the section length €. So Equation (23) can be rewritten as 


_ 0 ) _ 1 

(29) 

for lossless lines. Because the LRCG parameters of the line 
are independent of frequency except for those upper fre¬ 
quency constraints previously discussed, the signal velocity 
given by Equation (29) is also independent of signal fre¬ 
quency. In the practical world with long lines, there is in fact 
a frequency dependence of the signal velocity. This causes 
sharp edged pulses to become rounded and distorted. More 
on these long line effects will be discussed in Application 
Note 807. 

Summary—Characteristic 
impedance and Propagation Deiay 

Every transmission line has a characteristic impedance Zq, 
and both voltage and current at any point on the line are 
related by the formula 



In terms of the per-unit-length parameters LRCG, 


71 


= ln( 


1 + Zc 


/n(1 + v^) 


By using the series expansion for the natural log: 

£2 r3 

/n (1 + C) = C - Y + j • • ■ etc. 


(24) 


(25) 


Zo = 


4 


R + jcoL 
G + ja)C 


Since R ^ jwL and G jcoC for most lines at frequencies 
above 100 kHz, the characteristic impedance is best ap¬ 
proximated by the lossless line expression 
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Summary—Characteristic 
Impedance and Propagation Deiay 

(Continued) 



The propagation constant, y, shows that signals exhibit an 
amplitude loss and phase shift with the latter actually a 
velocity of propagation of the signal down the line. For 
lossless lines, where the attenuation is zero, the phase shift 
per unit length is 

/3 = ^ = CO vCC 

/ 

This really represents a signal traveling down the line with a 
velocity 

_ 0 ) _ 1 

This velocity is independent of the applied frequency. 

The larger the LC product of the line, the slower the signal 
will propagate down the line. A time delay per unit length can 
also be defined as the inverse of v 



V 


(30) 

and a total propagation delay for a line of length ^ as 
T = /S = / nCc 

(31) 

For a more detailed discussion of characteristic impedances 
and propagation constants, the reader is referred to the 
references below. 
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Reflections: Computations 
and Waveforms 


National Semiconductor 
Application Note 807 
Kenneth M. True 



Overview 

In this application note, the logical progression from the ideal 
transmission line to the real world of the long transmission 
line with its attendant losses and problems is made; specifi¬ 
cally, the methods to determine the practicality of a certain 
length of line at a given data rate is discussed. Transmission 
line effects on various data formats are examined as well as 
the effects of several types of sources (drivers) on signal 
quality. A practical means is given to measure signal quality 
for a given transmission line using readily available test 
equipment This, in turn, leads to a chart that provides the 
designer a way to predict the feasibility of a proposed 
data-transmission circuit when twisted-pair cable is used. 
This application note is a revised reprint of section three of 
the Fairchild Line Driver and Receiver Handbook. This ap¬ 
plication note, the second of a three-part series (see AN-806 
and AN-808), covers the following topics: 

• The Initial Wave 

• Cut Lines and a Matched Load 

• Kirchoff’s Laws and Line-Load Boundary Conditions 

• Fundamental Principles 

• Tabular Method for Reflections—The Lattice Diagram 

• Limitations of the Lattice Diagram Method 

• Reflection Effects for Voltage-Source Drivers 

• Reflection Effects for Matched-Source Drivers 

• Reflection Effects for Current-Source Drivers 

• Summary—Which are the Advantageous Combinations? 

• Effect of Source Rise Time on Waveforms 

Introduction 

In AN-806 it was determined that transmission lines have 
two important properties: one, a characteristic impedance 
relating instantaneous voltages and currents of waves trav¬ 
eling along the line and, two, a wave propagation velocity or 
time delay per unit length. In this chapter, both Zoand 5 are 
used to compute the line voltages and currents at any point 
along the line and at any time after the line signal is applied. 
Also, concepts of reflections and reflection coefficients are 
explored along with calculating methods for voltages and 
currents. 

The Initial Wave 

Application Note AN-806 also showed that for most practical 
purposes, where fast rise and fall time signals are con¬ 
cerned, the characteristic impedanc e of the line actually 
behaves as a pure resistance (Rq = \/L/C) . 

Figure 1 shows a generator comprised of a voltage source 
(magnitude V), a source resistance of Rs ohms, and a switch 
closing at time t = 0 connected to a lossless, infinite length 


transmission line having a characteristic resistance, Rq. Be¬ 
cause the relationship of V|n to I|n is known as V|n = Rq I|n, 
the lossless transmission line can be replaced with a resistor 
as shown in Figure 2. The loop equation is. 

I,n(Rs + Ro) = V (1) 

Substituting Vin/Rq for liNand collecting terms shows 

( 2 ) 

This shows that both source and characteristic resistances 
act as voltage dividers for the source voltage V. Figure 3 
shows voltage and current steps for the various source 
resistances. Source resistances of less than Rq produce 
initial voltage steps on the line which are greater than half 
the compliance of the source voltage, V. A matched source 
(Rs = Rq) produces voltage steps exactly half of V and 
source resistances greater than Rq produce an initial voltage 
step less than one half V in magnitude. Generators can be 
classified into three categories: 

• Voltage source types where Rg < Rq 

• Matched source types where Rs = Rq 

• Current source types where Rs > Rq 

Waveforms of these types will be discussed more fully in 
AN-808 on long line effects. Suffice to say that initial voltage 
wave amplitude depends greatly on source resistance. Volt¬ 
age source type drivers produce higher amplitude initial 
voltage waves in the line than either matched source or 
current source type drivers. 
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FIGURE 1. Generator Driving an Infinite Transmission 
Line 



FIGURE 2. Thevenin Equivalent 
for Initial Wave 
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The Initial Wave (Continued) 
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FIGURE 3. Voltage/Current Steps for Three Source Resistances 


Cut Lines and a Matched Load 

In examining an infinite, lossless line {Figure 4), it is already 
known that the ratio of line voltage to current is equal to the 
characteristic resistance of that line. The line is lossless, and 
the same voltages and currents should appear at point x 
down the line after a time delay of x5. If the line at point x is 
cut, and a resistor of value Rq is inserted, there would not be 
a difference between the cut, terminated finite line and the 
infinite line. The v^ and i^ waves see the same impedance 
(Rq) they were launched into at time t = 0, and indeed, the 
waves are absorbed into Rl (= Rq) after experiencing a time 
delay of t = x6 So, from an external viewpoint, an 
infinite-length lossless line behaves as a finite-length loss¬ 
less line terminated in its characteristic resistance. 
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FIGURE 4. Voltages and Current 
on an Infinite Length Line 
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Kirchoff’s Laws and Line-Load Boundary Conditions 


The principle of energy conservation, widely known and 
accepted in the sciences, applies as well to transmission line 
theory; therefore, energy (as power) must be conserved at 
boundaries between line and load. This is expressed in an 
English language equation as follows. 

[power available at] _ [Power absorbed] , [Power not absorbed] 

[ the line end J [ by the load J [ by the load J 


Vx + Vr ^ ^ 

Rl Rq Rq 

(9) 

The minus sign associated with v/Romeans, in this case, 
that the reflected voltage wave v^ travels in the -x direction 
toward the generator. 

Collecting like terms of Equation (9) yields 


Figure 5 shows power available at the line end is derived by 
the following formula. (This is assuming in-phase current 
and voltage.) 


_ Vx^ 


The power absorbed by the load will be 

2 


(3) 


Pl = VL • it = 


Rl 


(4) 


while power not absorbed by the load is represented by 

Pr = Vr • ir 


R^ 


(5) 

Here, the r subscript stands for reflected (not absorbed) 
power, voltage or current, respectively. 

Applying Kirchoff’s laws to point x in Figure 5, the current to 
the load is 

'l = 'x - ir (6) 

and voltage across the load is 

Vl = 'l Rl = Vx + V, (7) 



FIGURE 5. Boundary Conditions 
at the Line/Load Interface 

To find the ratio of Vr to Vx so that it can be ascertained how 
much power is absorbed by the load, and how much is not 
absorbed (therefore, reflected), substitute Vx/Rofor ix and 
v/Rq for ir into Equation (6). 


j 

^ Ro Ro 


( 8 ) 


Rearranging Equation (7) and substituting for iL in Equation 
(8) yields 





and the desired relation for Vf/Vx is 


( 10 ) 


( 11 ) 


Vr Rl - Rq 

Vx Ro + Rl 

( 12 ) 

This ratio is defined as the voltage reflection coefficient of 
the load pvL 


_ Vr _ Rl - Rq 
V x Rq + Rl 

(13) 

A similar derivation for currents shows 


PIL = - 


Rl ~ Rq 
Rl + Rq 


= -pvL 


(14) 


For the remainder of this application note and AN-808, the v 
or I subscript on the reflection coefficient is dropped, and Pl 
is assumed to be the voltage reflection coefficient of the 
load. Similarly, applying Kirchoffs laws to the source-line 
interface, the voltage reflection coefficient of the source is 


_ Rs ~ Rq 
“ Rs + Ro 

(15) 

The current reflection coefficient of the source has the same 
magnitude as ps, but is opposite in algebraic sign. 

When a traveling wave v^, ix meets a boundary such as the 
line load interface, a reflected wave is instantaneously gen¬ 
erated so that Kirchoff’s laws are satisfied at the boundary 
conditions. This is the direct result of the conservation of 
energy principle. Referring again to Figure 5, the effects of 
three different termination resistance Rl values are shown. 
Case 1, Rl = Rq 

In this case, Rl is equal to the characteristic resistance of the 
line. Using Equation (13), the voltage reflection coefficient of 
the load pL is 


Rq ~ Rq _ _o_ _ ^ 

Rq + Rq 2Ro 

(16) 
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Kirchoff’s Laws and Line-Load 
Boundary Conditions (Continued) 

Since v/v^ = Pl, then Vr = Pl = 0 and no reflection is 
generated. This agrees with the discussion of cut lines and 
matched load where a line terminated in its characteristic 
impedance behaves the same as an infinite line. All power 
delivered by the line is absorbed into the load. The wave¬ 
forms appear as shown in Figure 6. The wave starting at the 
source at time t = 0 is reproduced at point x down the line 
after a time delay of t = x6 = x. 


Vs 


V 


Rq + 


Vl 


V 

Rq + Rs 


t 


V 


Rq 

Rq + Rs 


V 

Rq + Rs 
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FIGURE 6. Waveforms for Rl = Rq 
C ase 2, Rl > Rq 

To simplify this case, assume that Rs = Rq- This means that 
the initial voltage is 


Ro 


Rq + Ro 2 

(17) 

Also assume Rl = 3 Rq, then the load voltage reflection 
coefficient is 


3Ro - Rq ,1 

Pi =-= + — 

3Ro + Ro 2 

(18) 

The voltage wave arriving at point x at time t = x8 generates 
a refiected voltage wave of magnitude 


Vr = pLVx ^ 

and the load voltage is 


( 4 ) 0 - 


(19) 


V V 3V 
Vl = Vv + Vr = —I— = — 
*^244 


( 20 ) 


The reflected voltage wave v^ generated at t = x8 = x travels 
back down the line toward the source arriving at the source 
at time t = 2x5 = 2x. This wave will be absorbed without 
generating another reflection because Rs was picked to 
equal Rq, making ps equal to zero. The source voltage is 
now 


Vs + Vr = 


V y _ 3y 

2 4 “ 4 


and equilibrium is achieved. 


( 21 ) 


If the circuit in Figure 5 is analyzed using simple circuit 
theory and neglecting the transmission line effects, it is 
easily seen that 


vs = Vl = 


V 


Rl 

Ro + Rl 


3 y 

4 


( 22 ) 


This agrees exactly with Equation (21) and will always be the 
case. After all reflections cease and the circuit reaches equi¬ 
librium, the steady state voltages and currents on the line are 
the same as those produced using simple dc circuit analysis. 
Waveforms for Rl > Rq (specifically Rl = 3 Rq) appear in 
Figure 7. 


In general, the case where Rl > RqIS viewed in the foliowing 
manner. Because the line is capable of delivering more 
power than can be instantaneously absorbed by the load, 
the excess power is returned to the source and absorbed in 
the source resistor (assuming Rs = Rq)- 


An upper limit on the voltage reflection coefficient is found by 
allowing Rl to go to infinity. In this case. Equation (13) goes 
to +1. 


Case 3, Rl < Rq 

In this case, again set Rg = Roand allow Rl to equal Ro/3. 
The initial wave, as before, is 


Vs = V-— = - 

^ Ro + Rs 2 

and the load voltage reflection coefficient is 

50-r 

= Rl - Rq ^ J_^ ^ 

Rl + Ro Ro , D 2 
-5-+ Ro 


Therefore, the reflected voltage wave Vr is 


(23) 


(24) 



(25) 


which starts propagating back toward the source at time 
t = X. The load voltage at time t = x is 


Vx 


+ Vr = 


V V V 

-1_-— _l— 

2 4 4 


(26) 
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Kirchoff’s Laws and Line-Load 
Boundary Conditions (Continued) 

The (-V/4) reflected wave arrives back at the source at time 
t = 2 t. Because Rg is set equal to Rq, ps is, then, equal to 
zero and no reflected wave will be generated. The voltage at 
the source is now 


V V V 

vs + Vr + psvr = 2"^ “4 “^^^4 


From a dc circuit analysis, the steady state voltage is 


(27) 


Vss = V 


Rl 

Rl + Rq 


y 

4 


(28) 


This agrees with the result of Equation (27). The waveforms 
for Case 3 (Rl < Rq) appear in Figure 8. 

An interpretation of the actions occurring when load resis¬ 
tance is less than the characteristic line resistance is as 
follows: when power available at the line end is less than the 
power the load can absorb, a signal is sent back to the 
source saying, in essence, “send more power”. 

It has been shown that a ratio of line and load resistance (p) 
can be used to calculate the voltages and currents in terms 
of a wave arriving at the boundary, possibly generating a 
reflected, reverse-traveling wave to satisfy the conservation 
of energy principle at the line-to-load boundary. This ratio is 


Vss = V 


Rl 

Rl + Rq 


y 

4 


(29) 


where Rg represents the resistance into the boundary, Rg is 
Rg when considering the source-to-line interface and Rg 
would be Rl when considering the line-to-load interface. It is 
obvious that if discussing impedances, then Zgwould be 
substituted for Rg in Equation (29), and there may be some 
phase angle between the voltage and current waves. 


The forward traveling wave, v^, plus the reflected wave, Vp is 
equal to the load voltage (Vl). Since v^ is pL v^, this can be 
expressed as 

Vx(1 + Pl) = Vl (30) 

This quantity (1 + p) can be defined as the voltage transmis¬ 
sion coefficient of the load and it is known that 


Vx 


(1 + Pl) 


(31) 


V 

2 
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FIGURE 7. 
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Kirchoff’s Laws and Line-Load 
Boundary Conditions (Continued) 

The cases with various load resistances can be summa¬ 
rized. 


Condition Circuit at time t = x (one iine 

delay time) 


1. Rl _ Rq Pl - 0 


No reflection is 
produced—circuit reaches 
steady state immediately. 


2. Rl > Rq Pl > 0 Positive voitage 

reflection—wave is sent back 
toward source. Voltage at load 
is higher than steady stage 
voltage (overshoot). 


3. Rl < Rq Pl < 0 Negative voltage 

reflection—wave is sent back 
toward source. Voltage at load 
is lower than steady state 
voltage (undershoot). 


Fundamental Principles 

Before examining the algorithm for keeping track of refiec- 
tions, there are two principles to keep in mind. 

• Energy (as power) is conserved at boundary conditions 
(as expiored previously) 

• The principle of linear superposition applies. This means 
any arbitrary excitation function can be broken down into 
step functions, or ramps. The reaction of the circuit to 
each part can be analyzed, and the results can be added 
together when finished. This means that a positive puise 
of duration t is examined by superimposing two step 
functions, one positive and one negative, starting after a 
delay of t {Figure 9). It also means the voltage at any 
point on the line is the sum of initial voltage plus the sum 
of all voltage waves that have arrived at or passed 
through the point up to and including the time of exami¬ 
nation. Also, the current on the line is, at any point, the 
sum of initial current plus any forward or reverse traveling 
currents passing the point up to and including the time 
the current is examined. 

It has also been established that the steady state solution for 
voltages and currents on the line can be found by simple dc 
circuit anaiysis. 

In examining reflection effects for the remainder of this ap¬ 
plication note, the following conventions are used. 

A voltage or current wave traveling toward the point of 
interest will have the subscript “i” for incident wave, 

A voitage or current wave traveling away from the point of 
interest wiil have the subscript “r” for refiected wave. 


The subscript “S” means the parameter applied to the source 
(vgfor the voltage at the source, etc.), and 
The subscript “L” means the parameter applied to the ioad 
(vl for the voltage at the load, etc.) 

Sign conventions for voltage waves and their associated 
currents are shown in Figure 10. 


1 - 

DESIRED 

FUNCTION 


0 


f(t) = u(t-ti )-u(t-t 2 ) 




t 
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FIGURE 9. Superposition of Simple Waveforms 
to Form More Complex Excitations 


Tabular Method for Reflections— 
the Lattice Diagram 

The waves going up and down the line can be monitored by 
drawing a time scale, as a vertical line with time increasing m 
the down direction, to represent the location on the line 
under examination. Because voltages at the source and load 
ends of the transmission line are normally of primary inter¬ 
est, two time scales are necessary. Drawing arrows from one 
time scale to the other as in Figure 10 shows the direction of 
travel of the waves during a specific time interval. Since the 
main concern is only with the waveforms at the line ends, 
time scales are ruled off in multiples of the time delay of the 
line X. If a unit-step type wave is launched from the source at 
time t = 0-I-, it is known that the magnitude of the wave will 
persist unchanged until a wave arrives back from the load 
after a round trip delay time of two line delays. The source 
time scale then is incremented in multiples of 2 mx where m 
= 0, 1, 2, 3,... Likewise, the first wave arrives at the load 
after a single time delay, so the first increment ruling on the 
load time scale is x, or one time delay of the line. Because 
the subsequent waves arrive back at the load in increments 
of 2x, the load time scale is ruled off in multiples of (2m + 1)x 
where m = 0, 1, 2, 3,... The operation of the lattice diagram 
is discussed using the example In Figure 11 which is the 
lattice diagram for the associated circuit, 
time t = 0- (just before the switch closes) 

The voltages at the source and load are equal with a mag¬ 
nitude of v,n,t,ai- Assume that no initial voltage is present. So, 
in this case, the voltage at the source and load equals zero. 

V.n.t,al = Vs(O-) = Vl(O-) = 0 
time t = 0-1- Oust after the switch has closed) 
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Tabular Method for Reflections— 
the Lattice Diagram (Continued) 

Because the switch closure represents a step function, the 
source voltage remains at this level until a wave returns after 
reflecting from the load at time t = 2t. 
time t = T 

The incident voltage wave v,(1) now arrives at the load and 
generates a reflected voltage wave 


Vr(1) = plv,(i); pl = 


Rl ~ Rq 
Rl + Rq 


where Pl is the voltage reflection coefficient of the load. The 
reflected voltage wave Vr(1) immediately starts traveling 
back toward the source becoming the incident voltage wave 
V ,(2) which arrives back at the source at t = 2x. The voltage 
at the load is now the sum of the initial voltage plus the 
incident voltage wave v,(1) that just arrived plus the reflected 
voltage wave that is just departing. 

vl(1) = vl(O-) + v,(1) + vr{1) 

= 0 + v,(1) -f pLVi(1) 

= v,(1) (1 + Pl) 

Again, because of the step function excitation, the load 
voltage remains unchanged until the new wave arrives at 
time t = 3 t. 
time t = 2 t 

v,(2) now arrives at the source and generates a reflected 
voltage wave Vr(2) of magnitude 


Vr(2) = psv,(2); ps - 


~ Rq 
Rs + Rq 


where ps is the source voltage reflection coefficient. 

The reflected voltage wave Vr(2) starts back toward the load 
end of the line and becomes the incident voltage wave v,(3) 
arriving at the load at time t = 3x. The voltage at the source 
is now the sum of the voltage that was there plus the incident 
voltage wave just arrived plus the reflected voltage wave just 
departed for the load. 


vs(2) = vs(0 + ) + Vi(2) + Vr(2) 
_ .. Ro 


Rq + Rs 

,_5o_ 

Rq + Rs 


+ v,(2) + psv,(2) 
+ v,(2) (1 + ps) 


time t = 3 t 

v,(3) arrives at the load generating Vr(3) 
v,(3) = PlV,(3) 

Vr(3) departs back toward the source becoming v ,(4) to the 
source. The load voltage is now 

Vl(3) = Vl(1) + v,(3) (1 + Pl) 

time t = 4 t 

When v,(4) arrives at the source and generates v ^(4), then 
Vr(4) = PsV,(4) 

starts back toward the load to become v,(5) to the load. The 
load voltage is now 


Vl(4) = Vl( 2) + v,(4) (1 + Pl) 

This process can continue ad infinitum or until no measur¬ 
able changes are detected. The reflection process at that 
time is considered complete and the line assumes a steady 
state condition. Steady state conditions can be found by 
applying simple dc circuit theory to source load circuits. 
Summarizing this lattice diagram method, any time t = mx 
and m > 1 , the following relationships exist: 

If m is odd, the v,(m) wave is arriving at the load and 
generates a reflected wave 

Vr(m) = PlV ,(m) 

This becomes v,(m -i- 1) as it starts toward the source. The 
voltage at the load at time t = mx will be 

VL(m) = VL(m - 2) + v,(m) (1 + Pl) 

This is the sum of the voltage that was there before the wave 
arrived, i.e., VL(m - 2), plus the wave arriving v, (m) and the 
reflected wave Vr(m) departing. 

If m is even, the v,(m) wave is arriving at the source and 
generates a reflected wave 

Vr(m) = psv ,(m) 

This becomes v,(m + 1) as it starts toward the load. The 
voltage at the source is now 

Vs(m) = Vs(m - 2) + v,(m) (1 + ps) 

This is the sum of the voltage that was present Vs(m - 2) 
plus the incident wave arriving v,(m) plus the reflected wave 
departing Vr(m). 

The voltage and current at the source end of the line for a 
lossless line can be expressed as a summation. 


vs(t) ^ 


Ro 


Rs + Rq 


e(t)u(t) + (1 + 


s'I 


is(t) 


1 


Rs + Rq 

oo 

e(t)u(t) + (1 - —) y 
PS ^ 


psi^ pL'^e(t “ 2nT)u(t - 2nT)J 
(32) 

PS*^ pL"e(t - 2nT)u(t - 2nT) ] 


(33) 

where e(t) is the generator voltage as a function of time, and 
u(t) is the unit step function. 

Likewise, the load voltage and load current for the lossless 
line can be expressed as a summation. 


VL(t) = 


Rq 


Rs + Rq 


(1 + Pl) [I psnpLne(t-(2n + 1)T)u(t-(2n + 1)t) 

n = 0 


(34) 
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Tabular Method for Reflections— 
the Lattice Diagram (Continued) 


(1 - PL) 




PL'^e{t-(2n + 1)T)u(t-(2n + 1)t) 


(35) 

A similar expression of summation can be developed for the 
voltage (or current) at any point along the line at any time. 


Because the lattice diagram is tabular in method, a computer 
program can be written relieving the designer of bookkeep¬ 
ing and repetitive calculations. A BASIC computer program 
for lattice diagrams appears in > Figure 12. 


Limitations of the Lattice Diagram 
Method 

Before using the lattice diagram to explore reflection effects 
with various source and load characteristics, it is necessary 
to pause at this point and examine the models used by the 
lattice diagram. 

First, both the line driver and receiver are simulated either by 
a constant input or output resistance. The source has two 
voltage sources and a switch representing the internal 
source voltage at a time less than zero and equal to (or 
greater than) zero. The receiver is represented by a single 
resistor shunting the line end opposite the driver site. The 
line itself is represented by its characteristic resistance Rq 
and its total one-way time delay (t). This is equal to length 
times propagation delay per unit length. This model is shown 
in Figure 12. 


DRIVER RECEIVER 



Rs 
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The lattice diagram method cannot easily use source or 
receiver current/voltage relationships that are non-linear; 
i.e., not purely resistive. For non-linear current/voltage char¬ 
acteristics such as found in diodes, a graphic method can be 
used called the reflection diagram or the Bergeron method. 

Note: A French hydraulic engineer, L J B Bergeron developed the method to 
study the propagation of water hammer effects in hydraulics See 
references, AN-806 

Signals exchanged using lattice diagrams are of the unit step 
variety. When ramps or more complex waves are ex¬ 
changed, the complexity of the bookkeeping increases dra¬ 
matically. Additionally, the lines are presumed to be lossless, 
although a constant line attenuation factor could be accom¬ 
modated without excessive bookkeeping. These limitations 
should be kept in mind when examining various source and 
load resistance combinations and their reflection character¬ 
istics. 

There are three classes of source resistance, Rs < R o> 
Rs = Rq and Rg > Rq- There are also three classes of load 
resistance, Rl< Rq, Rl = Ro and Rl > Rq. This gives nine 
types of single driver, single receiver line circuits. Each 
circuit will be examined in turn to determine reflection effects 
for these combinations with evaluations of each combination 
for voltage type communications. 

Reflection Effects for Voltage 
Source Drivers 

Initial waves launched by a voltage source type driver (R s < 
Rq) are greater than one-half the magnitude of the internal 
voltage source. Referring to Figure 12, the initial voltage 
wave is derived as follows. 


v,(1) = (Vo+ - Vo-) 


Rq 

Rq + Rs 


while the voltage at the source at t = O-i- is 


(36) 


vs(0 + ) = vs(O-) + v,(1) = Vo- ^ 5 - + v,(1) 

Rl + Rs 

(37) 

If the receiver switching point is at the mean of the driver 
voltage swing, the initial wave always has sufficient magni¬ 
tude to indicate the correct logic state as it passes the 
receiver site. This maximizes the noise margins of the re¬ 
ceiver. 

Since Rg < Rq, the source voltage reflection coefficient pg is 
iess than zero. Any voltage waves, then, arriving back at the 
source are changed in sign, reduced in amplitude (assuming 
Rg > OQ), and sent back toward the load. If the load resis¬ 
tance equals the characteristic line resistance (Rl = Rq), the 
voltage reflection coefficient of the load is 


FIGURE 12. Model Used for Lattice Diagram Method 


_ Rl ~ Rq _ 0 

Ri_ + Ro 2Ro 


Because most data communication circuits are voltage 
types, that is, the receiver senses the line voltage to decide 
if a logic One or logic Zero is present, the primary interest is 
in voltages at the source and load as a function of time. 
Major exceptions include the current loops used in teletype¬ 
writers, telegraphs, and burglar alarm systems. The majority 
of data communications circuits used in computers, periph¬ 
erals, and general controllers are voltage types. 


No reflections, therefore, are generated at the load. The 
voltage wave produced at the source is reproduced at the 
load after a time delay of x = €5, and the line assumes a 
steady state condition. Figure 16 illustrates the source and 
load voltage waveforms for this case. 

If Rl is greater than Rq, p l 'S positive. Waves arriving at the 
load generate the same polarity reflections as the arriving 
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Reflection Effects for Voltage 
Source Drivers (Continued) 

waves, ps and pLare of opposite signs, so a dampened 
oscillatory behavior of the load voltage is expected. The 
oscillation period or ringing is 4%. The overshoot of Vl from 
t = T to Si may cause breakdown of the input circuitry of a 
receiver, depending on the receiver voltage rating. The un¬ 
dershoot at t = 3 t or 5x can reduce the noise immunity of a 
receiver or even cause a logic level misinterpretation—an 
error in the data. These waveforms are shown in Figure 16. 
If Rl is less than Rq, then p l is negative and a wave arriving 
at the load generates a reflection opposite in polarity to the 
incident wave. This causes the voltage at the source to 
overshoot steady state voltage at t = 0. Each reflection 
returning from the load causes the source voltage to con¬ 
tinually step down toward the steady state voltage Vgs- 
These steps last for 2 t, or one round trip delay. Load voltage 
starts an increasing step-up waveform towards Vss at time t 
= T, with steps again taking one round trip delay, 2 t. A line 
receiver placed in the middle of the line sees an entirely 
different waveform—dampened oscillations much like the 
load voltage in Figure 16. This is caused by the negative 
signs of both source and load voltage reflection coefficients. 
Each time an incident wave arrives at either source or load, 
the reflected wave generated at that time has a sign opposite 
to the sign of the incident voltage wave. The voltage at a 
distance half way down the line is composed of these for¬ 
ward and reverse traveling waves arriving at that point com¬ 


mencing at time t = 0.5 t, and with each new wave passing 
that point after one line delay (x). These waveforms are 
shown in Figure 16. 

The optimum load resistance for voltage signal communica¬ 
tions on transmission lines driven by a low impedance 
source (Rs < Rq) is equal to the characteristic line resis¬ 
tance. Large signal line voltages are produced and there are 
no reflection effects complicating the waveforms Figure 14. 
However, a matched load (Rl = Rq) is a dc load on the 
driver, thus it increases system power dissipation. But, it 
does preserve signal fidelity and amplitude allowing use of 
multiple bridging receivers (R,n ^ Rq) along the line. 

The unterminated case (Rl > Rq) reduces dc driver loading 
and also reduces system power dissipation over the 
matched load case. The unterminated case does, however, 
allow the load signal to exhibit pronounced overshoot and 
undershoot around the steady state voltage. If the load 
signal undershoot places the receiver in its threshold uncer¬ 
tainty region, data errors result. There is a way to “civilize” 
the voltage waveform of the unterminated line load by trad¬ 
ing off signal rise time versus line time delay This is dis¬ 
cussed later. 

The final case of Rg < Rq and R l < Rq' s not generally 
useful in terms of voltage signals produced {Figure 16). 
Systems using this case consume more power than the 
previous two cases and have no particular advantage for 
voltage mode communications 
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Reflection Effects for Voltage Source Drivers (Continued) 


Rl ^ Rq Rl “ Rq Rl ^ Rq 



6 2t 4t 6t 8t 
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FIGURE 13. Rs < Rq 
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FIGURE 14. Rs = Rq 
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FIGURE 15. Rs > Rq 
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FIGURE 16. Source and Load Voltage Waveforms for Various Rs and R^ 
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Reflection Effects for 
Matched-Source Drivers 

In all three cases under discussion here, the initial voltage 
produced by the driver onto the line is 


v,(,) = (Vo.-Vo_)^^ = l(Vo, +Vo-) 

(38) 

since Rg = Rq- The voltage at the source at time t = 0+ is 


vs{0+) = vs(O-) + v,(1) = Vo- •-—4 v,(1) 

Rl + Rs 

(39) 

Assume, for clarity, that initial voltage (Vo_) is zero, thus 
Equation (39) simplifies to 



(40) 

Since Rg = Rq, psis equal to zero. This means that 
load-generated reflections due to load mismatch are ab¬ 
sorbed at the source when, at time t = 2t, the reflected wave 
arrives back at the source. The line then assumes a steady 
state throughout. This back match or series termination ef¬ 
fect of a matched source allows a wide latitude in choice of 
load resistance without sacrificing the signal fidelity of the 
load voltage waveform. 

If the load resistance equals the characteristic line resis¬ 
tance Rl = Rq, then Pl equals zero and no load site reflec¬ 
tions are generated The initial voltage wave arrives at the 
load at time t = x (one line delay) and voltages (and currents) 
on the line immediately assume steady state conditions (see 
Figure 16). The optimum receiver threshold here is one-half 
the steady state voltage or VqJA. The mam advantage over 
the voltage source type driver with matched load case (Rg < 
Rq, Rl = Rq) is that Rgand Rl resistance tolerances may be 
relaxed without incurring much signal ringing. This effect is 
due primarily to the termination provided by both line ends, 
rather than just one line end. Any reflected voltage wave on 
either system is attenuated by the product of pg and Pl for 
each round trip line delay time. Since the pgpL product for 
the fully matched case is smaller than the pgpLproduct for 
the single matched case, the reflections are attenuated and 
die out in fewer round trips. For example, if 20% tolerance 
resistors are used in both cases, pg and Pl values for the 
fully matched case become 0.0 ±0.0909, which is a pgp l 
product of ±0 0033. This means that after one round trip 
(2x), the reflection amplitude starting back toward the load 
would be less than 0.33% of the initial wave. 

Using Rg = 1 0H, Rl = 1 0OQ, and Rq = 1 0OQ as for Figure 
16, shows the same 20% tolerances applied to the single 
matched case 


— 0.8519<ps< —0.7857 
—0.0909 < Pl < -^0.0909 
and 

Ipg < Pl I< 0.0909 

The voltage reflection amplitude after one round trip is a 
maximum of 7.7% of the initial wave. 


The choice between using the single and fully matched 
system should be carefully considered because the fully 
matched system does sacrifice signal voltage magnitude to 
get a decreased dependence on absolute resistor values. 


If the load resistance for a matched driver circuit is made 
much greater than the line resistance, the initial wave arriv¬ 
ing at the load at time t = x will be almost double since pL will 
be close to -i-1.0 Because source resistance is set equal to 
line resistance, p g becomes zero, the reflected voltage wave 
from the load is absorbed by the source at time t = 2x, and 
steady state conditions prevail. Waveforms for this case are 
shown in Figure 16. This is called back matching or series 
termination. 

The mam advantage of series termination is a great reduc¬ 
tion in steady state power consumption when compared with 
the parallel terminated case (Rg Rq, Rl = Rq) At the 
same time, series termination provides the same signal fi¬ 
delity to a receiver placed at the line end. Compare the load 
voltage waveforms for the two cases in and Figure 16. The 
main disadvantage to series termination is that receivers 
placed along the line see a waveform similar to that shown 
for the source in Figure 16. That is, receivers along the line 
see the V qJ2 initial wave as it passes that point on the line, 
and do not see a full signal swing until the load end reflection 
passes that point. Consequently, receivers along the line do 
not see a signal sufficient to produce the valid logic state 
output until the load reflection returns. Depending on actual 
line length and receiver characteristics, the receiver may 
even oscillate, having been placed in its linear operation 
region. With the benefit, then, of reducing system power, the 
series termination method has a constraint of allowing only 
one line receiver located at the line load end. The parallel 
termination method should be used if other receivers along 
the line are required. 

The final case of matched source drivers is with the use of a 
load resistance less than the characteristic line resistance. 
The waveforms for this case are shown in Figure 16. A line 
receiver with a threshold of Vq/A placed at the source re¬ 
sponds like a positive, edge triggered one-shot and pro¬ 
duces a pulse in response to a +V/2 initial wave of 2x 
duration. Aside from its use as a one-shot, this circuit doesn’t 
seem to offer any advantages for voltage mode communica¬ 
tions. 

Reflection Effects for 
Current-Source Drivers 

The name current source drivers is somewhat of a misno¬ 
mer, and might be more properly called current-limited volt¬ 
age source drivers. True current source drivers such as the 
DS75110A are normally used in conjunction with parallel 
termination resistors to create a matched source. 

The current source drivers (Rg > Rq) discussed resemble 
true current sources in the respect that their output resis¬ 
tance is usually much greater than the characteristic line 
resistance. The initial voltage step produced on the line is 
thus usually small v,(1) = (is(1 )R o)- This is due to the voltage 
divider action of the driver source resistance and the char¬ 
acteristic line resistance. 

Voltage waveforms for a current source type driver either 
step up to Vgg, reach steady state after 2x, or execute a 
dampened oscillation around Vgg, depending on whether the 
load resistance Rl is greater, equal, or less than Rq, respec¬ 
tively. The second case Rl = Rq provides signals much the 
same as the other two cases where Rl = Rq, that is, the 
source voltage steps immediately to Vgg, with the load volt¬ 
age following after one line time delay. Here the amplitude of 
the signal is much smaller than previous matched load 
cases. Since the current source type drivers (DS75110A) 
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Reflection Effects for 
Current-Source Drivers (Continued) 

have high off-state impedances, they allow multiple drivers 
on the line to produce data bus or party line. Waveforms for 
the matched load case are shown in Figure 16. 

The case Rl < Rq really provides no useful advantage for 
voltage mode communications. The negative sign for p l and 
the positive sign for ps lead to dampened oscillatory behav¬ 
ior, or ringing. The maximum perturbation takes place at the 
source end of the line. Waveforms for this case are similar to 
those shown in Figure 16, and are shown to scale in Figure 
16. With the given values used to produce the figure, the 
maximum amplitude ringing appears at the source line end. 
The Rl > Rq case is of interest because it is representative 
of DTL driving a transmission line with the output going from 
LOW to HIGH. DTL has a high value Rs, (2 kQ or 6 kQ) in the 
HIGH logic state. Since both Rg and Rl are greater than Rq, 
both Ps and Pl are positive. A small voltage step starts from 
the source at t = 0+; its magnitude is 


v,(1) = V 


Rq 

Rq + Rs 


Note: Since the input diode is not represented, the representation of DTL 
input as a single resistor to ground is not strictly correct For purposes 
of approximation, this simple representation is used Treatment of 
non-linear current/voltage sources and loads is covered by Metzger & 
Vabre. (op cit) 

Upon arrival at the load at time t = x, this initial wave 
generates a positive voltage reflection since Pl > 0. The 
voltage reflection arrives back at the source site at time t = 
2x. Since ps is also positive, another positive voltage reflec¬ 
tion is launched back toward the load. The process repeats, 
and the source and load voltages both execute a step-up 
approach toward steady state voltage Vss- These wave¬ 
forms are shown in Figure 16. 

In examining voltage at the line midpoint (x = €/2), a step-up 
type waveform is seen which is the sum of all the incident 
voltage waves passing the line midpoint up to the time of 
examination. The midpoint voltage is expressed as follows. 

Vm(t) = Vss(1 - exp[-(t + 0.5-1)^) (41) 

Note: This equation is presented without derivation, but a procedure similar 
to that used by Matick (Ref 2, AN-806) can be used 

for t = n -F 0.5x with n = 0, 1,2, 3, etc. Vss in Equation (41) 
is the steady state line voltage 


Vss = Vo + 


Rs “*■ Rl 


and T is a time constant given by 


T 


2t 

/ n(pspL) 


(42) 


with X being one line delay (x = €5). 

Note: This equation is presented without derivation, but a procedure similar 
to that used by Matick (Ref 2, AN-806) can be used 


Equation (41) provides an exact solution for odd multiples of 
n (n = 1, 3, 5..., so t = 1.5x, 3.5x, 5.5x...), while it approxi¬ 
mates Vm(t) for even multiples of n (n = 0, 2, 4..., so t = 0.5x, 
2.5x, 4.5x...). The closer the pspL product is to 1, the better 
Equation (41) predicts Vm(t), particularly for even multiples of 


n. To illustrate the fitting. Table 1 and Table 2 are generated 
by the BASIC language computer program Table 3 and their 
data is plotted in Figure 18. 

Designers familiar with DTL circuits should quickly recognize 
that the waveforms shown in Figure 18 are very similar to the 
rising edge waveforms found when a DTL gate output goes 
from the LOW to HIGH state. This characteristic waveform 
has usually been attributed to the series RC circuit (a gate 
output resistance driving a lumped transmission line capaci¬ 
tance). The time constant for this approach, based on the 
C(dv/dt) = i rule from simple circuit theory, provides only an 
approximation. The actual cause of the waveform shape, 
however, is due to reflection effects. Unfortunately, the only 
way to speed up the rising edge is to reduce source resis¬ 
tance, (providing an initial step greater than the receiving 
threshold) and terminate the line to eliminate the load reflec¬ 
tions. 

DTL inability to drive transmission lines at high repetition 
rates is the direct result of the signal rise time limitation 
caused by positive reflection coefficients for both the source 
and load. A transmitted positive pulse may be missed if its 
duration is less than the time required for the load signal to 
reach the receiver threshold. 

The Rs > Rq and Rl > Rq case provides no definite advan¬ 
tages as voltage mode communication is concerned. This 
case, in fact, poses a definite hazard to high speed data 
communications because the reflections cause, in effect, a 
slow, exponential signal transition. Because line delay is a 
factor, longer lines will only increase the effect. 


TABLE 1. (Rs = 2000^2, Rq = 100^, Rl = 4000^2) 

RHOS = 0.904762 RHOL = 0.951220 TAU = 

-13.3250 VI (1) = 4.76190H-C2 Vgs = 0.666667 


TIME 

VM(T) 

VAPPX 

%DIFF 

0.5 

0.04762 

0.04820 

-fI.220% 

1.5 

0.09292 

0.09292 

-1-0.000% 

2.5 

0.13390 

0.13440 

-f-0.373% 

3.5 

0.17288 

0.17288 

-fO.000% 

4.5 

0.20815 

0.20858 

-fO.207% 

5.5 

0.24170 

0.24170 

-fO.000% 

6.5 

0.27206 

0.27243 

+0.136% 

7.5 

0.30093 

0 30093 

+0.000% 

8.5 

0.32705 

0.32737 

+0.097% 

9.5 

0.35190 

0.35190 

+0.000% 

10.5 

0.37439 

0.37466 

+0.073% 

11.5 

0.39577 

0.39577 

+0.000% 

12.5 

0.41512 

0.41536 

+0.057% 

13.5 

0.43353 

0.43353 

+0.000% 

14.5 

0.45018 

0.45038 

+0.045% 

15.5 

0.46602 

0.46602 

+0.000% 

16.5 

0.48035 

0.48053 

+0.036% 

17.5 

0.49399 

0.49399 

+0.000% 

18.5 

0.50632 

0.50647 

+0.030% 

19.5 

0.51805 

0.51805 

+0.000% 

20.5 

0.52867 

0.52880 

+0.024% 

21.5 

0.53877 

0.53877 

+0.000% 
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Reflection Effects for 
Current-Source Drivers (Continued) 


TABLE 2. (Rs = SOOa, Ro = 75Q, Rl = 10 kQ) 
RHOS = 0.739130 RHOL = 0.985112 TAU = 
-6.30356 V1(1) = 1.30435 Vss = 0.952381 


TIME 

VM(T) 

VAPPX 

%DIFF 

0.5 

0.13043 

0.13971 

+7.112% 

1.5 

0.25893 

0.25893 

+0.000% 

2.5 

0.35390 

0.36066 

+1.909% 

35 

0.44746 

0.44746 

+0.000% 

4.5 

0.51661 

0.52153 

+0.952% 

5.5 

0.58473 

0.58473 

+0.000% 

6.5 

0.63509 

0.63867 

+0.564% 

7.5 

0.68469 

0.68469 

+0.000% 

8.5 

0.72135 

0.72396 

+0.361% 

9.5 

0.75747 

0.75747 

+0.000% 


RHOS = 0.739130 RHOL = 0.985112 TAU = 
-6.30356 V1(1) = 1.30435 Vss = 0.952381 


TIME 

VM(T) 

VAPPX 

%DIFF 

10.5 

0.78416 

0.78606 

+0.242% 

11.5 

0.81046 

0.81046 

+0.000% 

12.5 

0.82990 

0.83128 

+0.167% 

13.5 

0.84904 

0.84904 

+0.000% 

14.5 

0.86320 

0.86420 

+0.117% 

15.5 

0.87714 

0.87714 

+0.000% 

16.5 

0.88744 

0.88818 

+0.083% 

17.5 

0.89759 

0.89759 

+0.000% 

18.5 

0.90510 

0.90563 

+0.059% 

19.5 

0.91249 

0.91249 

+0.000% 

20.5 

0.91795 

0.91834 

+0.042% 

21.5 

0.92334 

0.92334 

+0.000% 
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Reflection Effects for Current-Source Drivers (Continued) 

TABLE 3. BASIC Program Listing 

100 PRINT'ENTER RS, RO, RL'l 

110 INPUT Rl, RO, R2 
120 P1=(R1-R0)/Rl+RO) 

130 P2=(R2-R0)/R2+R0) 

140 V1=R0/R1+R0) 

150 Kl=2./LOG(Pl*P2) 

160 V9=R2/(R1+R2) 

170 PRINT'RHOS='; Pi;'RHOL=';PS;'TAU=';Kl 

180 PRINT 'VI(1)=';V1;'VSS=';V9 
190 V=V1 

200 PRINT'TIME VM(T) VAPPX %DIFF' 

210 FOR T=0.5 TO 20.5 STEP 2. 

220 V2=V9*(l.-EXP((T+.5)/KL)) 

230 P=100.*(V2-V)/V 

240 PRINT USING 250,T,V,V2,P 

250 :##.# -#.##### -#.##### +###.###% 

260 V1=V1*P2 

270 V=V+V1 

280 REM SOURCE END 

290 V2=V9*(l.-EXP( (T+1.5)/kl ) ) 

300 P=100.*(V2-V)/V 

310 PRINT USING 250,T+1.,V,V2,P 

320 V1=P1*V1 

33 0 V=V+V1 

340 NEXT T 

350 PRINT 

360 PRINT 

370 PRINT 

380 GOTO 100 

390 END 

FIGURE 17. Comparison of Formula to Computed Midline Voltage 
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Summary—Which are the 
Advantageous Combinations? 

In examining the basic combinations of source, line and load 
resistances, and typical waveforms characteristic of each 
case, advantageous combinations can be determined. The 
primary results are tabulated in Figure 19. those combina¬ 
tions generally used in voltage mode communications cir¬ 
cuits are as follows. 

1. Unterminated case (Rs ^ Rq, R l ^ Ro)- This situation 
provides low steady state power dissipation and large 
signal levels, but also shows pronounced “ringing” ef¬ 
fects. The “ringing” can be reduced by controlling signal 
rise/fall time versus x, or by clamping diodes to limit load 
signal excursions. This case is representative of TTL 
circuits and is thus widely employed. 

2. The parallel terminated case (Rg ^ Rq, Rl = Ro) Pro¬ 
vides large signal levels, and excellent signal fidelity. 
However, it is power consuming with most of that power 
dissipated in the load resistor. This case is useful for 
cleaning up the reflection effects of Case 1 but, at the 
same time, does require a driver circuit to have its 
internal current limits set at greater values than those 
required to produce the desired signal level into the 
minimum line resistance used. Thus, this case requires 
specific line driver devices such as the DS75114/ 
DS9614. Ordinary TTL, except for the above mentioned 
circuits, has too low a current limit point to adequately 
drive 50Q lines. 

3. The series terminated or backmatched driver case 
Rg = R 0, Rl ^ Rq provides a low steady state power 


dissipation system for use with one receiver located at 
the load end of the line. The positive reflection coefficient 
of the load is used to approximately double the initial 
wave arriving at the load. Setting R g = Rq terminates 
the reflected wave when it arrives back at the source site 
after two line delays, and the line then assumes steady 
state conditions. The use of other receivers located 
along the line is not recommended, because they will not 
see the full driver signal swing until the reflection from 
the load passes their particular bridging points Such 
receivers could malfunction, as they would see a voltage 
very close to their threshold, and perhaps even place the 
line receiver in its linear operating region. This could 
make the line receiver sensitive to oscillatory, parasitic 
feedback. If these constraints are acceptable, the series 
termination method can be used to good advantage in 
providing the same signal fidelity and signal amplitude 
as with the parallel termination method, while at the 
same time, contributing a significant savings in steady 
state power consumption. 

4. The fully matched case Rg = Rq, Rl = Ro not only 
provides excellent signal fidelity all along the line, but 
also has reduced signal amplitude over that of the par¬ 
allel terminated case. Additionally, the power consump¬ 
tion is somewhat less than the parallel termination case 
and the power is divided equally by the source and load. 
The primary advantage of the fully matched system is 
that termination resistor tolerances can be relaxed 
somewhat without incurring large amounts of ringing. 
This is because both the source and load act as line 
terminations. 
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Summary—Which are the Advantageous Combinations? (Continued) 


Configuration 
Name (if any) 

(Driver) 

Source 

Resistance 

(Receiver) 

Load 

Resistance 

Signal 

Characteristics 

Optimum 

Receiver 

Threshold 

Line Receivers 

Allowed at Other 

Than Load End 

of Line? 

Comments 

Unterminated 

^ Ro 

> Ro 

Ringing 

Pronounced 

0.5 Vss 

Yes 

Undershoot May 
Cause Errors 

Parallel 

Terminated 

^ Ro 

= Ro 

Excellent Fidelity 

0.5 Vss 

Yes 

Load Resistor 

Consumes Power 

p _(VSS)2 

^ Rl 


^ Ro 

^ Ro 

Awful — Different 
Signals at Each 
Point on the Line 

NA 

No 

Not Generally Useful 

Series 

Terminated or 

Backmatched 

Driver 

= Ro 

> Ro 

Load Signal 
Excellent 

0.5 Vss 

No 

Reduced Power 
Consumption Over 
Parallel Termination 

Fully Matched 

= Ro 

= Ro 

Excellent Fidelity 

0.25 Vss 

Yes 

Greater Tolerances 

on Resistors Allowed 
for Same Fidelity as 
Parallel Termination 


= Ro 

< Ro 

Load Signal Like a 
One-Shot 

NA 

NA 

Not Generally Useful 
for Data, is Useful as 
Pulse Generator 


> Ro 

> Ro 

Exponential Like 
Signal Waveforms 

0.5 Vss 

Yes 

Low Power 
Consumption. 
Increased Delay due 
to Signal “Rise” 

Times. 


> Ro 

= Ro 

Small Signal 
Amplitude and 
Excellent Fidelity 

0.5 Vss 

Yes 

Produces Only Small 
Signal Voltages 
Compared with Other 
Methods. Uses 

Current Sinking 

Drivers such as the 

7511OA. 


> Ro 

< Ro 

Very Small Signal 
Amplitudes, also 
Ringing 

NA 

NA 

Not Generally Useful 


FIGURE 19. Summary of Effects 
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Effect of Source Rise Time on 
Waveforms 

Previously, it was assumed that the source-produced signal 
rise time was always much less than the line time delay (x). 
Because the waveforms for the source and load voltage 
were the superposition of incident and reflected waves oc¬ 
curring at their proper times, and because the shape of each 
wave was a square edged step function, the resultant source 
and load waveforms were thus also square edged, or ideal 'm 
nature. In many practical cases, particularly when line length 
is short, the source excitation possesses a finite, and 
non-negligible, rise time. Therefore, depending on the ratio 
of rise time to line delay, it is possible to have a new wave 
start arriving at the point of interest before the previous wave 
can reach its final value. The net waveform for voltage or 
current at that point, then, would consist of the superposition 
of two or more waves during their time of overlap. To study 
the superposition effect on signal waveforms, the source 
excitation is represented as a simple linear ramp rise to its 
final value of Vo+, so 
e(t) = 0 for t < 0 


e(t) = Vo+*t/tr for 0 < t < tr 
e(t) = Vo+ for t > tr 

and where tr represents the O-to-100% source rise time. The 
circuit model and its lattice diagram are shown in Figure 20. 
The values of Rg, Rq and Rl were chosen to equal those of 
an actual circuit on hand, allowing the theoretical wave¬ 
forms, obtained by graphical superposition, to be compared 
with the measured response of an actual circuit. 

Figure 21 shows the load voltage Vl, source voltage Vg and 
source current ig waveforms versus time for a circuit with a 
source rise time very much less than x. The actual wave¬ 
forms for Vi_, V g and ig are composed of the superposition of 
both incident and reflected waves in their proper time se¬ 
quence. In the figures, these waves are shown as dotted 
lines. Each wave represents the sum of the incident wave 
plus its reflection. The resultant Vl, Vg and i g waveforms 
(shown as solid lines) are the superposition of the waves 
represented by the dotted lines. With the exception of a 
slight rounding of the edges, the actual waveforms for the 
circuit, shown in the oscilloscope photograph in Figure 21, 
closely approximate the waveforms predicted by theory. 


Source 

t 

in(T) 

Vj + Vr 

(V) 

ii + i, 

(mA) 

Vs 

(V) 

>s 

(mA) 

Load 

t 

In (x) 

V, + Vr 

(V) 

i; + if 

(mA) 

Vl 

(V) 

II 

(mA) 

0 

0.9400 

12.53 

0.9400 

12.53 

1 

1.8500 

0.40 

1.8500 

0.40 

2 

0.1224 

-22.64 

1.0624 

-10.10 

3 

-1.5500 

-0.34 

0.3000 

0.06 

4 

-0.1026 

18.97 

0.9599 

8.87 

5 

1.2986 

0.28 

1.5986 

0.35 

6 

0.0859 

-15.90 

1.0458 

-7.03 

7 

- 1.0881 

-0.24 

0.5106 

0.11 

8 

-0.0720 

13.32 

0.9738 

6.29 

9 

0.9116 

0.20 

1.4222 

0.31 

10 

0.0603 

-11.17 

1.0341 

-4.87 

11 

-0.7638 

-0.17 

0.6584 

0.14 

12 

-0.0505 

9.36 

0.9836 

4.48 

13 

0.6399 

0.14 

1.2983 

0.28 

14 

0.0424 

-7.84 

1.0259 

-3.36 

15 

-0.5362 

-0.12 

0.7622 

0.16 

16 

0.0355 

6.57 

0.9904 

3.21 

17 

0.4492 

0.10 

1.2114 

0.26 


1.0 

0 



FIGURE 20. 
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Transmission Line Modei and its Lattice Diagram 
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Effect of Source Rise Time on Waveforms (Continued) 



DOTTED LINES ARE 
V|(n)(l +P 5 ) WAVES 
ARRIVING AT LOAD- 
THEIR SUM IS THE 
LOAD VOLTAGE Vl (t) 
(SOLID LINE) 


01133729 



SOME WAVES 
OMITTED FOR 
CLARITY 


01133730 



DOTTED LINES ARE 
i,(n)(1 +ps) WAVES 
AT SOURCE. THEIR 
SUM IS THE SOURCE 
CURRENT INTO THE LINE Is (t) 
(SOLID LINE) 


01133732 



} 

} 


0.5V 


10 mA 


0 2t 4t 6t 8t IOt 1 2t 14t 16 t t=70ns 

(RG59A/p) 


01133731 


FIGURE 21. Waveforms for t, = 2 t 
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Effect of Source Rise Time on 
Waveforms (Continued) 

If the source excitation is adjusted so that its O-to-100% rise 
time tr is equal to 2 t, each of the v, + Vr and i, + ir waveforms 
must be modified to include this rise time. The waves will 
have the same final value as predicted by the lattice dia¬ 
gram, but they now require two line time delays to reach this 
final value. The Vl, Vq and is waveforms consist of the 
superposition of these linear ramps. Because each wave 
reaches its final value just as a new wave arrives, their 
superposition converts the square edged V|_, Vg and is wave¬ 
forms into triangular waveforms. This is shown in Figure 22. 
The accompanying oscilloscope plot shows the close corre¬ 
spondence between the actual and theoretical waveforms 
whereas an additional oscilloscope photograph in Figure 22 
shows the actual waveforms for the case where t^ = t. Not 
surprisingly, the tr = t case changes the Vl, Vs and is 
waveforms of the tr ^ t case into trapeziodal forms because 
each arriving wave reaches its final value well before a new 
wave arrives. 

If the source excitation is adjusted such that its rise time 
equals three line delays ^ = 3t, the v, + v^ and i, + ir waves 
overlap for a period of time equal to x. That is, each wave 
reaches only % of its final value when a new wave starts 
arriving. Considering the waveform, the load voltage from 
time X to 3x is 

V,(1) (1 + Pl) e (t - t) 


Starting at t = 3x, the wave 

v,(3) = v,(1)p sPl e(t - 3x). 

begins arriving from the source, and the load voltage then is 
the superposition of these two waves. Because v,(3) is a 
negative wave (ps < 0), the algebraic sum of the last third of 
the first wave and the first third of the second wave v,(3) 
arriving at the load causes the load voltage to reduce in 
amplitude from the (t r ^ x) case. Likewise, the source 
voltage and source current show reduced amplitudes over 
the ideal case, due to the overlap period of the waves 
arriving at the source. 

Theoretical and actual waveforms for the tr = 3x case are 
shown in Figure 23. Notice that load voltage perturbations 
and source current \q requirements are reduced from those 
of the tr ^ X case. Similarly, the ratio of tr to x can be 
successively increased. This results in reduced ringing on 
the load voltage and reduced source current due to the 
overlapping of more and more v, + Vr (or i, + ir) waves. Actual 
and theoretical waveforms for tr equal to 4x, 6x, and 8x are 
shown in Figure 24, Figure 25 an6 Figure 26, respectively. In 
each case, as the tr to x ratio is increased, the instantaneous 
source and load voltages become more equal. The source 
current is also reduced so that the circuit exhibits fewer 
reflection effects and the transmission line itself can be 
considered as a simple Interconnection from dc circuit 
theory. 
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Effect of Source Rise Time on Waveforms (Continued) 
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FIGURE 25. Waveforms for tr = 6t 
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FIGURE 26. Waveforms for = 8 t 


Using the tr to x ratio to reduce reflection effects has many 
practical advantages in digital design. The low source and 
high input resistance of TTL or ECL circuits allows one gate 
to drive many receiving gates. The reflection effects of this 
unterminated combination, however, can cause data errors 
or at least lead to reduced noise immunity due to the pro¬ 
nounced load voltage undershoot. Since the rise and fall 
times of these devices are easily measured, a maximum line 
length can be set such that the resulting tr to t ratio provides 


the desired reduction in ringing. This is the primary basis for 
the wiring rules of each logic family and, usually, the tr to t 
ratio IS chosen somewhere between 3:1 and 4:1. As an 
example, the rise and fall time for normal TTL is 
tio%_ 9 o% = 6 ns. When this is converted to an equivalent 
linear 0% to 100% time, t r = 8 ns. A common propagation 
delay of 1.7 ns/ft, in combination with the requirement that tr 
= 3 t, gives the maximum line length of approximately 18 
inches. This corresponds with the published recommenda- 
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Effect of Source Rise Time on 
Waveforms (Continued) 

tion of the various manufacturers for the 74 series TTL 
circuits. A simiiar computation of the rise and fali times for 
other iogic families yields their respective line length recom¬ 
mendations. The faster families require shorter iine lengths 
for the same t^to x ratio, and slower logic famiiies ailow 
relatively longer line length. This ratio can also be used to 
make stubs or taps on lines “disappear”. In other words, if 
the stub’s time delay is made very short when compared to 
the tr of the signal at the stub line iocation, the stub refiec- 
tions wiil have a minimal effect on the line signais. A stub 
length to generate a tr to x ratio of greater than 8:1 is usuaiiy 
considered adequate to negate the stub reflections. 

The third primary application of the tr to x ratio for controlling 
reflection effects is that used in some standard data commu¬ 


nications interfaces such as EIA/TIA-232-E (RS-232). Here, 
driver siew rate is expiicitly controiled. This, along with the 
impiied maximum interconnect cabie length serves to pro¬ 
duce a tr to X ratio of 3:1 or greater. This, in turn, reduces the 
refiection effects inherent in a voltage source driver, unter¬ 
minated line system. The main disadvantage of using the tr 
to X ratio to controi reflection effects is in the overaii time for 
the signai representing the data to rise above the receiver 
threshoid levei. With the parallel terminated method, the 
minimum time delay was x or one line deiay. When the tr to 
X ratio is used, an additional delay time of approximateiy 
0.5 tris added to the iine delay yielding, therefore, a greater 
effective signai propagation delay. This increased deiay may 
or may not be acceptabie in the desired system so the 
trade-off between ease of usage of the unterminated case 
must be weighed against the increased effective signal delay 
over that delay obtainable with the terminated case. 
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Long Transmission Lines 
and Data Signal Quality 


National Semiconductor 
Application Note 808 
Kenneth M. True 



Overview 

This application note explores another important transmis¬ 
sion line characteristic, the reflection coefficient. This con¬ 
cept IS combined with the material in AN-806 to present 
graphical and analytical methods for determining the volt¬ 
ages and currents at any point on a line with respect to 
distance and time. The effects of various source resistances 
and line termination methods on the transmitted signal are 
also discussed This application note is a revised reprint of 
section four of the Fairchild Line Driver and Receiver Hand¬ 
book. This application note, the third of a three part series 
(See AN-806 and AN-807), covers the following topics: 

• Factors Causing Signal Wave-Shape Changes 

• Influence of Loss Effects on Primary Line Parameters 

• Variations in Zq, a(co) and Propagation Velocity 

• Signal Quality—Terms 

• Signal Quality Measurement—The Eye Pattern 

• Other Pulse Codes and Signal Quality 

Introduction 

Transmission lines as discussed in AN-806 and AN-807 
have always been treated as ideal lossless lines. As a con¬ 
sequence of this simplified model, the signals passing along 
the lines did not change in shape, but were only delayed in 
time. This time delay is given as the product of 
per-unit-length delay and line length (t = €5). Unfortunately, 
real transmission lines always possess some finite resis¬ 
tance per unit length due to the resistance of the conductors 
composing the line. So, the lossless model only represents 
short lines where this resistance term can be neglected. In 
AN-806 the per-unit-length line parameters, L, R, C, G, were 
assumed to be both constant and independent of frequency 
(up to the limits mentioned, of course). But with real lines, 
this IS not strictly correct as four effects alter the 
per-unit-length parameters, making some of them frequency 
dependent. These four effects are skin effect, proximity ef¬ 
fect, radiation loss effect, and dielectric loss effect. These 
effects and how they influence the intrinsic line parameters 
are discussed later in this application note Since these 
effects make simple ac analysis virtually impossible, opera¬ 
tional (Laplace) calculus is usually applied to various simpli¬ 
fied line models to provide somewhat constrained analytical 
solutions to line voltages and currents. These analytical 
solutions are difficult to derive, perhaps even more difficult ot 
evaluate, and their accuracy of prediction depends greatly 
on line model accuracy Analytical solutions for various lines 
(primarily coaxial cables) appear in the references, so only 
the salient results are examined here. 

Engineers designing data transmission circuits are not usu¬ 
ally interested in the esoterica of lossy transmission line 
theory. Instead, they are concerned with the following ques¬ 
tion; given a line length of x feet and a data rate of n bps, 
does the system work—and if so—what amount of transi¬ 
tion Jitter IS expected? To answer this question using analyti¬ 
cal methods is quite difficult because evaluation of the ex¬ 
pressions representing the line voltage or current as a 
function of position and time is an involved process. The 


references at the end of this application note provide a 
starting point to generate and evalute analytical expressions 
for a given cable 

The effects on the LRCG line parameters, the variations in 
Zq, a(co), and propagation velocity as a function of applied 
frequency are discussed later in this application note. Using 
an empirical approach to answer the “how far—how fast” 
question involves only easily made laboratory measure¬ 
ments on that selected cable. This empirical approach, using 
the binary eye pattern as the primary measurement tool, 
enables the construction of a graph showing the line length/ 
data rate/signal quality trade-offs for a particular cable. The 
terms describing signal quality are discussed later in this 
application note. The technique of using actual measure¬ 
ments from cables rather than theoretical predictions is not 
as subject to error as the analytical approach. The only 
difficulties in the empirical method are the requirements for a 
high quality, real time (or random sampling) oscilloscope 
and, of course, the requisite amount of transmission line to 
be tested. 

Also discussed in this application note are commonly used 
pulse codes. 

Factors Causing Signal Wave 
Shape Changes 

In AN-806 and AN-807, it was assumed that the transmission 
lines were ideal so the step functions propagated along the 
lines without any change in wave shape. Because a single 
pulse is actually composed of a continuous (Fourier) spec¬ 
trum, the phase velocity independence on an applied fre¬ 
quency, and the absence of attenuation (R = 0, G = 0) of the 
ideal line always allows the linear addition of these fre¬ 
quency components to reconstruct the original signal without 
alteration. For real lines, unfortunately, the series resistance 
is not quite zero, and the phase velocity is slightly dependent 
on the applied frequency. The latter results in dispersion, i.e., 
the propagation velocity will differ for the various frequen¬ 
cies, while the former results in signal attenuation (reduction 
in amplitude). This attenuation may also be a function of 
frequency. Attenuation and dispersion cause the frequency 
components of a signal, at some point down the line, to be 
quite different from the frequency components of the signal 
applied to the input of the line. Thus, at some point down the 
line, the frequency components add together to produce a 
wave shape that may differ significantly from the input signal 
wave shape. In many ways, then, a real transmission line 
may be thought of as a distributed lowpass filter with loss. 
The fast rise and fall times of the signals become progres¬ 
sively “rounded” due to attenuation and dispersion of the 
high frequency signal components. 

It should be noted that there is a theoretical condition where 
attenuation is independent of frequency and dispersion is 
zero. This results in a line causing signal amplitude reduc¬ 
tion, but no change in signal wave shape. This condition was 
first discussed by Heavyside and is called the distortionless 
line. To make a line distortionless, the primary line param¬ 
eters must satisfy the relation (R/L) = (G/C). Because for real 
lines (R/L) > (G/C), the distortionless line is only of historical 
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Factors Causing Signal Wave 
Shape Changes (Continued) 

interest, and it is not possible to satisfy the (R/L) = (G/C) 
condition over a sufficiently wide bandwidth to allow a proper 
transmission of short duration pulses. Over a limited fre¬ 
quency range such as that encountered in telephony 
(0 kHz-4 kHz), the Lterm can be increased by either adding 
lumped inductances at fixed intervals along the line or by 
winding a magnetic material (as a thin tape) around the 
conductors of the line throughout its length. Lumped loading 
is commonly applied to long telephone circuits to reduce the 
signal attenuation over a narrow frequency range; however 
this linearity is at the expense of in-band attenuation and 
non-linear delay distortion. The distributed loading method 
has been tried, but the mechanical characteristics of the 
magnetic materials have made the winding process very 
difficult. In any event, neither method allows short pulses to 
retain their wave shapes. The interest in line loading to 
produce the Heavyside condition for pulse transmission is 
therefore largely academic. 

The following sections discuss the origins of the secon- 
dorder effects—skin effect, proximity effect, radiation loss 
effect, and dielectric loss effect—and their influence on the 
LRCG transmission line parameters. 

• Skin Effect: The phenomenon is based on two facts: a 
current flow in any real conductor produces an electric 
field given by Ohm’s Law; the current distribution and/or 
magnetic field distribution in a conductor is frequency 
dependent. For dc current in a single isolated conductor, 
the current density is uniform across the conductor. 
When alternating current is used, the current density is 
not uniform across the conductor. Instead, the current 
tends to concentrate on the conductor surface. Current 
density continuously increases from the conductor center 
to its surface, but for practical purposes, the current 
penetration depth, d, is assumed as a dividing line for 


current density. The current is assumed to flow in a 
imaginary cylinder of thickness d with a constant current 
density throughout the cylinder thickness. Distribution of 
current densities for both actual and assumed models is 
shown in Figure 1. 

It can be seen that for ciassical skin effects, the penetra¬ 
tion depth is given by 



( 1 ) 

where 

K = 1/\/^juLcr, 

p = magnetic permeability of the conducting material 
expressed in henries per unit length, and 2 = conductivity 
of the conducting material. For MKS (SI) units and for a 
copper conductor 

I = 5.85 X 10^(Q meter)"'* 
p = 471 X 10"^ (H/meter) 

in which case, d would be the penetration depth ex¬ 
pressed in meters. 

Because the skin effect reduces the equivalent conductor 
cross-sectional area, increasing frequencies cause an 
increase in the effective resistance per unit length of the 
line. This in turn leads to signal attenuation increasing 
with frequency. If the frequency response of a cable is 
plotted on log-log graph paper, log dB, or Nepers vs log 
frequency, the curve slope will be 0.5 if the cable losses 
are primarily governed by classicai skin effects. The 
slope of the attenuation curve, along with the attenuation 
at a particular frequency, can be used to estimate coaxial 
cable transient response as a function of length.^’ "* 

Note: *See Reference 2 and 4 
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FIGURE 1. Current Distributions Across and Conductor for Several Frequencies 
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Factors Causing Signal Wave 
Shape Changes (Continued) 

• Proximity Effect: This is a current density redistribution in 
a conductor due to the mutual repulsion (or attraction) 
generated by currents flowing in nearby conductors. The 
current density at those points on the conductor close to 
neighboring conductors varies from the current density 
when the conductor is isolated from other conductors. 
This current density redistribution reduces the effective 
cross-sectional area of the conductor, thereby increasing 
the per-unit-length line resistance. This effect is a func¬ 
tion of the conductor diameters, the separation of the 
conductors from each other, and frequency. The analyti¬ 
cal evaluation of the proximity effect is quite complicated 
and except for certain limited cases*, no general rule of 
thumb expressions have been proposed. The proximity 
effect is not present in coaxial cables because of their 
circular symmetry. The proximity effect is a significant 
contributor to signal losses particularly in cases of a 
twisted pair or parallel wire lines. 

• Radiation Loss: Radiation losses cause an apparent rise 
in resistance per unit length increasing with frequency. 
The mechanism of radiation loss is energy dissipation 
either as heat or magnetization via eddy currents in 
nearby metallic or magnetic masses, with the eddy cur¬ 
rents induced by line currents. Coaxial cables do not 
exhibit this effect because the signal magnetic field is 
confined between the shield and the outside of the center 
conductor. Ideally, the magnetic field produced by shield 
current cancels the field produced by current in the center 
conductor (for points outside the shield). 

Both twisted pair and parallel wire lines exhibit radiation 
losses and these losses contribute to the effective 
per-unit-length line resistance. Radiation loss is depen¬ 
dent to a large extent on the characteristics of the mate¬ 
rials close to the line; so radiation loss is quite difficult to 
calculate, but can be measured if necessary. 

• Dielectric Loss Effect: Dielectric losses result from leak¬ 
age currents through the dielectric material. This causes 
an increase in the shunt conductance per unit length and 
produces signal attenuation. Fortunately, for most dielec¬ 
tric materials in common use, this loss is very small 
particularly for frequencies below 250 MHz. For most 
practical purposes, then, dielectric losses may be ne¬ 
glected as they are usually overshadowed by skin effect 
losses. 

Influence of Loss Effects on 
Primary Line Parameters 

Resistance Per Unit Length, R. It Is composed of a basic dc 
resistance term R^c plus the contributions of skin effect, 
proximity effect and radiation loss effect. For coaxial lines, 
the proximity and radiation loss effects are negligible in most 
cases, so the primary contribution is made by the skin effect. 
Thus the resistance per unit length becomes 

R = R^e + Ks^ (2) 

where 0 < m < 1. 

Note: *See References Arnold^^ and Dwight^^ **See References 5 and 6 


For 2-wire lines (twisted pair, parallel wire), the resistance 
per unit length is increased by the skin effect. For closely 
spaced wires, however, the proximity effect also contributes 
significantly to a resistance increase. Radiation loss should 
also be included, but is very difficult to calculate because it 
depends on the surroundings of the line. 

Inductance Per Unit Length, L. It can be shown** that, as the 
frequency is increased, the skin effect, proximity effect, and 
radiation loss effect cause a reduction in the effective 
per-unit-length self-inductance of the line. 

Capacitance Per Unit Length, C. This depends primarily on 
the dielectric constant of the insulating medium and conduc¬ 
tor geometry. This term is constant over a wide range of 
frequencies for most dielectrics (Teflon®, Polyethylene). For 
Polyvinylchloride (PVC) insulation, the relative dielectric con¬ 
stant shows a decrease as frequency increases (cr = 4.7 @ 
1 kHz, Cr = 2.9 @ 100 MHz). The capacitance per unit length, 
therefore, will show a decrease corresponding with increas¬ 
ing frequency for PVC insulation and little change for most 
other dielectrics. 

Conductance Per Unit Length, G. Because resistance per 
unit length usually has a much greater magnitude, this value 
is negligible. When this term cannot be neglected, it is rep¬ 
resented as 

G = coCtan(|) (3) 

where C is capacitance per unit length, co is the angular 
frequency (= 2 %f) and tan ([) is a dielectric material coeffi¬ 
cient. The angle (j) is called the dielectric loss angle. This 
angle is usually quite small (< 0.005 radians) for the majority 
of dielectrics up to several hundred megahertz. 

Variations in Zg, a(co), and 
Propagation Veiocity 

The variations in the primary line parameters as a function of 
frequency shown by Figure 2 have a profound influence on 
the three secondary line parameters of characteristic imped¬ 
ance, attenuation, and velocity of propagation. 

In the expression for the characteristic impedance of a line. 


R + jct)L 
G + jo)C 

at low frequencies, jcoL is small compared to R, and G is 
small compared to jcoC. So the characteristic impedance is 


vR/jcoC. 

At high frequencies, the increase in R is overshadowed by 
jcoL even though L is being reduced. With G still much 
smaller than jcoC, the characteristic impedance is almost a 
pure resistance 

Ro = ^UC. 
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Variations in Zq, a((o), and 
Propagation Veiocity (Continued) 

The behavior of the characteristic impedance as a function 
of frequency (Zq = Rq - jXo) is shown in Figure 3. 


Typical behavior of the line attenuation as a function of 
frequency is shown in Figure 4. This line attenuation is the 
real part of the equation 


7 ( 0 )) = \/(R + jct)L) (G + jwC). 
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FIGURE 2. Variations in Primary Parameters 
as a Function of Frequency 
(22 AWG Polyethylene Insulated Twisted Pair) 



Ik 10k 100k 1M 



01133805 


FIGURE 4, Attenuation vs Frequency 

The change in resistance is the primary contributor to the 
attenuation increase as a function of frequency. For coaxial 
cables, this resistance increase is due primarily to the skin 
effect (Rsk = Kf"^). The slope of the attenuation curve on a 
log-log graph (log dB vs log frequency), therefore, is essen¬ 
tially linear and, at the same time, equal to m. For twisted 
pair and parallel wire lines, proximity effects and radiation 
losses make the curves less linear, but for high frequencies 
(over 100 kHz), the attenuation expressed in nepers per unit 
length is approximated by 


a 



(4) 


The R term is, of course, the sum of the dc resistance, plus 
the incremental resistance due to skin, proximity and radia¬ 
tion loss effects. This R term usually varies as follows. 


Rsk 


= Kr 


where 0.6 < m < 1.0 


The signal velocity propagation (v = co/p) is given by the 
imaginary part of the propagation constant y- As shown in 
AN-807, V IS a constant given by 


t) = >/LC 


for lossless lines. For real lines, this value is approached at 
high frequencies. At low frequencies, however, (when co is 
small compared to R/L or G/C), then 

vif s (C/2) 


FREQUENCY(Hz) 
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FIGURE 3. Typical Variation in Zq 
as a Function of Frequencies 


and the velocity is reduced. The propagation velocity as a 
function of frequency is shown in Figure 5. This variation in 
signal velocity as a function of signal frequency is dispersion 
which was previously discussed. 
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Variations in Zq, a((o), and 
Propagation Velocity (Continued) 

The signal at a point down the line represents the sum of that 
original signal’s Fourier spectrum. Because both the attenu¬ 
ation and propagation velocity of these Fourier components 
increase with frequency, the resultant signal shape at that 
point down the line depends greatly on the winners of the 
race to get to that point. The high frequency components, 
with their faster propagation velocities, arrive first, but the 
increased attenuation minimizes their effect. The low fre¬ 
quency signals arrive later, but the reduced attenuation al¬ 
lows them a greater influence on the resultant signal. In 
general, the output signal from the line should show a rela¬ 
tively fast rise up to some signal value (20% to 50% of the 
final value). This is due to arrival of the high frequency 
components, followed by a more leisurely rise to the final 
value as the slower, low frequency components arrive. 



FREQUENCY (Hz) 
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FIGURE 5. Propagation Velocity vs Frequency 

Signal Quality—Terms 

Before the concepts presented in the previous sections can 
be used to answer the “how far—how fast” question, some 
familiarity with the terms describing data and signal quality is 
necessary. 

The primary objective of data transmission is the transfer of 
information from one location to another. The information 
here is digital in nature; i.e , a finite number of separate 
states or choices. This is in contrast to analog which has an 
infinite number of separate states or a continuous range of 
choices. The digital information is binary or two-valued; thus 
two different, recognizable electrical states/levels are used 
to symbolize the digital information. A binary symbol is com¬ 
monly called a binary-digit or bit A single binary symbol or 
bit, by Itself, can represent only one of two possible things. 
To represent alphabetic or numeric characters, a group of 
bits IS arranged to provide the necessary number of unique 
combinations. This arrangement of bits which is then consid¬ 
ered an information unit is called a byte. In the same manner 
that a group of bits can be called a byte, a collection of bytes, 
considered as a unit, is called a word. Selective arrangement 
of seven bits will provide 2^ (or 128) distinct character com¬ 
binations (unique bytes). The American Standard Code for 


Information Interchange (ASCII) is an excellent example of 
just such an arrangement—upper and lower case alpha¬ 
betic, zero to nine numeric, punctuation marks, and miscel¬ 
laneous information-code control functions. 

Now with the means for representing information as bits or 
bytes, and the means for transmission of the bits (symbols) 
from one location to another (transmission line), the remain¬ 
ing task is to ensure that a particular bit arriving at its 
destination is interpreted in the proper context. To achieve 
this, both the sender and receiver of the data must accom¬ 
plish the five following requirements. 

1. Agree upon the nominal rate of transmission; or how 
many bits are to be emitted per second by the sender. 

2. Agree upon a specified information code providing a 
one-to-one mapping ratio of information-to-bit pattern 
and vice versa. 

3. Establish a particular scheme whereby each bit can be 
properly positioned within a byte by the receiver of the 
data (assuming that bit-serial transmission is used). 

4. Define the protocol (handshaking) sequences necessary 
to ensure an orderly flow of information. 

5. Agree to the electrical states representing the logic val¬ 
ues of each bit and the particular pulse code to be used. 

These are by no means all of the points that must be agreed 
upon by sender and receiver—but these are probably the 
most important. Items 2, 3 and 4 are more or less “software” 
type decisions, because the actual signal flow along the 
transmission line is usually independent of these decisions. 
Because items 1 and 5 are much more dependent on the 
characteristics of line drivers, line receivers, and transmis¬ 
sion lines, they are the primary concern here. 

Figure 6 represents the components of a typical data trans¬ 
mission system. The information source can be a computer 
terminal or a digitized transducer output, or any device emit¬ 
ting a stream of bits at the rate of one bit every tg seconds. 
This establishes the information rate of the system at l/tg 
bits per second. The information source in the figure feeds a 
source encoder which performs logic operations not only on 
the data, but also on the associated clock and, perhaps, the 
past data bits. Thus, the source encoder produces a binary 
data stream controlling the line driver. The line driver inter¬ 
faces the source internal logic levels (TTL, CMOS, etc.) with 
transmission line current/voltage requirements. The trans¬ 
mission line conveys signals produced by the line driver to 
the line receiver. The line receiver makes a decision on the 
signal logic state by comparing the received signal to a 
decision threshold level, and the s/n/c decoder performs logic 
operations on the binary bit stream recovered by the line 
receiver. For example, the sink decoder may extract the 
clock rate from the data or perhaps detect and correct errors 
in the data. From the optional sink decoder, the recovered 
binary data passes to the information sink —the destination 
for the information source data. 

Assume for the moment that the source encoder and sink 
decoder are “transparent”; that is, they will not modify the 
binary data presented to them in any way. Line driver sig¬ 
nals, then, have the same timing as the original bit stream. 
The data source emits a new bit every tg seconds. The pulse 
code produced by the source encoder and line driver Is 
called Non-Return to Zero (NRZ), a very common signal in 
TTL logic systems. A sample bit pattern with its NRZ repre- 
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Signal Quality—Terms (Continued) 

sentation is shown in Figure 7. The arrows at the top repre¬ 
sent the ideal instants, or the times the signal can change 
state. The term unit interval is used to express the time 
duration of the shortest signaling element. The shortest sig¬ 
naling element for NRZ data is one bit time Xq, so the unit 
interval for NRZ data is also t^. The rate at which the signal 
changes is the modulation rate (or signaling speed), and 
baud is the unit of modulation rate. A modulation rate of one 


baud corresponds to the transmission of one unit interval per 
second. Thus the modulation rate, in baud, is just the recip¬ 
rocal of the time for one unit interval. A unit interval of 20 ms, 
therefore, means the signaling speed is 50 baud. The reason 
for differentiating between the information rate in bits per 
second (bps) and the modulation rate in baud will be clarified 
after examining some of the other pulse codes later in this 
application note. 
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FIGURE 6. Data Transmission System 
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FIGURE 7. NRZ Signaling 
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Signal Quality — Terms (Continued) 

NRZ data should always be accompanied by a clock signal, 
Figure 7, which tells the receiver when to sample the data 
signal and thus determine the current logic state. For the 
example in Figure 7, the falling edge of the clock corre¬ 
sponds to the middle of the data bits, so it could be used to 
transfer the line receiver data output into a binary latch. The 
falling edge of the clock is thus the sampling instant for the 
data. The line receiver does have a decision threshold or 
slicing point so that voltages above that threshold level 
produce one logic state output, while voltages below the 
threshold produce the other logic state at the receiver output. 
The receiver may incorporate positive feedback to produce 
hysteresis in its transfer function. This reduces the possibility 
of oscillation in response to slow rise or fall time signals 
applied to the receiver inputs. 

Previously in this application note, it was stated that the fast 
rise and fall times of signals, corresponding to the transi- 
sions between data bits, are rounded out and slowed down 
by a real transmission line. Each transition of the signal 
applied to the line by the line driver is transformed to a 
rounded out transition by the dispersion and attenuation of 
the transmission line. The resultant signal at the load end of 
the line consists of the superposition of these transformed 
transitions. The waves arriving at the load end of the line are 
shown in Figure 7 and their superposition is shown in Figure 
7. It is assumed that the line is terminated in its characteristic 
resistance so that reflections are not present. The receiver 
threshold level is shown here, superimposed on the resultant 
load signal, and the re-converted data output of the line 
receiver is shown in Figure /along with the ideal instants for 
the data transitions (tick marks). 

Comparing the original data {Figure 7) to the recovered data 
{Figure 7) shows that the actual recovered data transitions 
may be displaced from their ideal instants (tic marks on 
Figure 7). This time displacement of the transitions is due to 
a new wave arriving at the receiver site before the previous 


wave has reached its final value. Since the wave represent¬ 
ing a previous data bit is interfering m\h the wave represent¬ 
ing the present data bit, this phenomenon is called intersym- 
bol interference (in telegraphy it is called characteristic 
distortion). The intersymbol interference can be reduced to 
zero by making the unit interval of the data signal quite long 
in comparison to the rise/fall time of the signal at the receiver 
site. This can be accomplished by either reducing the modu¬ 
lation rate for a given line length, or by reducing the line 
length for a given modulation rate. 

Signal quality is concerned with the variance between the 
ideal instants of the original data signal and the actual tran¬ 
sition times for the recovered data signal. 

For synchronous signaling, such as NRZ data, the isochro¬ 
nous distortion of the recovered data is the ratio of the unit 
interval to the maximum measured difference irrespective of 
sign between the actual and theoretical significant instants. 
The isochronous distortion is, then, the peak-to-peak time 
jitter of the data signal expressed as a percentage of the unit 
interval. A 25% isochronous distortion means that the 
peak-to-peak time jitter of the transition is 0.25 unit interval 
(max). 

Another type of received-signal time distortion can occur if 
the decision threshold point is misplaced from its optimum 
value. If the receiver threshold is shifted up toward the One 
signal level, then the time duration of the One bits shortens 
with respect to the duration of the Zero bits, and vice versa. 
This is called bias distortion in telegraphy and can be due to 
receiver threshold offset (bias) and/or asymmetrical output 
levels of the driver. These effects are shown in Figure 8. 
Bias distortion and characteristic distortion (intersymbol in¬ 
terference) together are called systemic distortion, because 
their magnitudes are determined by characteristics within the 
data transmission system. Another variety of time distortion 
is called fortuitous distortion and is due to factors outside the 
data transmission system such as noise and crosstalk, 
which may occur randomly with respect to the signal timing. 
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FIGURE 8. Bias Distortion 
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Signal Quality Measurement—The 
Eye Pattern 

To examine the relative effects of intersymbol interference on 
random NRZ data and a “dotting”* pattern, see Figure 9. The 
top two waveforms represent the NRZ data and dotting 
pattern as outputs into two identical long transmission lines. 
The middle two traces illustrate the resultant signals at the 
line outputs and the bottom two traces show the data output 
of the line receivers. The respective thresholds are shown as 
dotted lines on the middle two traces. The arrows indicate 
the ideal instants for both data and dotting signals. 

Notice that the dotting signal (D) is symmetrical, i.e., every 
One is preceded by a Zero and vice versa, while the NRZ 
data is random. The resultant dotting signal out of the line is 
also symmetrical. Because, in this case, the dotting halfcycle 
time IS less than the rise/fall time of the line, the resultant 
signal out of the line (E) is a partial response —it never 
reaches its final level before changing. The dotting signal, 
due to its symmetry, does not show intersymbol interference 
in the same way that a random NRZ signal does. The 
intersymbol interference in the dotting signal shows up as a 
uniform displacement of the transitions as shown in Figure 9. 


The NRZ data shows Intersymbol interference, in its worst 
light, due to its unpredictable bit sequence. Thus, whenever 
feasibility of a data transmission system is to be tested, a 
random data sequence should be used. This is because a 
symmetrical dotting pattern or clock signal cannot always 
show the effects of possible intersymbol interference. 

Note: *The term clotting pattern is from telegraphy and means an alternating 
sequence of 1 bits and 0 bits (the “dot dot dot” etc). Note that an NRZ 
dotting pattern generates a signal which has a 50 % duty cycle and a 
frequency of Va te (Hz) 

Avery effective method of measuring time distortion through 
a data transmission system is based on the eye pattern. The 
eye pattern, displayed on an oscilloscope, is simply the 
superposition—over one unit interval—of all the 
Zero-to-One and One-to-Zero transitions, each preceded 
and followed by various combinations of One and Zero, and 
also constant One and Zero levels. The name eye pattern 
comes from the resemblance of the open pattern center to 
an eye. The diagramatic construction of an eye pattern is 
shown in Figure 10. The data sequence can be generated by 
a pseudo-random sequence generator (PRSG), which is a 
digital shift register with feedback connected to produce a 
maximum length sequence. 
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FIGURE 9. Comparison of NRZ Random Data and “Dotting” Signals 
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Signal Quality Measurement—The Eye Pattern (Continued) 
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FIGURE 10. Formation of an Eye Pattern by Superposition 
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FIGURE 11. Bench Set-Up to Measure Data Signal Quality 
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Signal Quality Measurement—The Eye Pattern (Continued) 
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FIGURE 12. NRZ Data Eye Pattern 
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FIGURE 13. Using Eye Pattern to Determine Characteristic Resistance of Line 


Several features of the eye pattern make it a useful tool for 
measuring data signal quality. Figure 13 shows a typical 
binary eye pattern for NRZ data. The spread of traces cross¬ 
ing the receiver threshold level (dotted line) is a direct mea¬ 
sure of the peak-to-peak transition jitter—isochronous dis¬ 
tortion in a synchronous system—of the data signal. The 
rise and fall time of the signal can be conveniently measured 
by using the built-in 0% and 100% references produced by 
long strings of Zeros and Ones. The height of the trace 
above or below the receiver threshold level at the sampling 
instant is the noise margin of the system. If no clear 
transition-free space in the eye pattern exists, the eye Is 
closed. This indicates that error-free data transmission is not 
possible at the data rate and line length with that particular 
transmission line without resorting to equalizing techniques. 
In some extreme cases, error-free data recovery may not be 
possible even when using equalizing techniques. 

The eye pattern can also be used to find the characteristic 
resistance of a transmission line. The 250Q printed 
circuit-type potentiometer termination resistor {Figure 11) 


can be adjusted to yield the minimum overshoot and under¬ 
shoot of the data signal. Figure 14 shows the NRZ data eye 
patterns for Rj > Rq, Rj = Rq and Rj < Rq- The 100% and 
0% reference levels are again provided by long strings of 
Ones and Zeros, and any overshoot or undershoot is easily 
discernible. The termination resistor is adjusted so that the 
eye pattern transitions exhibit the minimum perturbations 
{Figure 13). The resistor is then removed from the transmis¬ 
sion line, and its measured value is the characteristic resis¬ 
tance of the line. 

By using the eye pattern to measure signal quality at the load 
end of a given line, a graph can be constructed showing the 
tradeoffs in signal quality—peak-to-peak jitter—as a func¬ 
tion of line length and modulation rate for a specific pulse 
code. An example graph for NRZ data is shown in Figure 14. 
The graph was constructed using eye pattern measure¬ 
ments on a 24 AWG twisted pair line (PVC insulation) driven 
by a differential voltage source driver (75114/9614) with the 
line parallel-terminated in its characteristic resistance (96Q). 
The oscilloscope plots in Figure 15 show the typical eye 
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Signal Quality Measurement—The 
Eye Pattern (Continued) 

patterns for NRZ data with various amounts of isochronous 
distortion. The straight lines represent a “best fit” to the 
actual measurement points. Since the twisted pair line used 
was not specifically constructed for pulse service, the graph 
probably represents a reasonably good worst-case condition 
insofar as signal quality vs line length is concerned Twisted 
pair lines with polyethylene or Teflon insulation have shown 
better performance at a given length than the polyvinyl chlo¬ 
ride insulation. Likewise, larger conductors (20 AWG, 22 
AWG) also provide better performance at a given length. 
Thus, the graph in Figure 14 can be used to estimate feasi¬ 
bility of a data transmission system when the actual cable to 
be used is unavailable for measurement purposes. The ar¬ 
bitrary cutoff of 4000 feet on the graph was due to the 
observed signal amplitude loss of 6 dBV {V 2 voltage) of the 


24 AWG line at that distance. The cutoff of 10 Mbaud is 
based on the propagation delays of the typical TTL line 
drivers and receivers. Field experience has shown that 
twisted pair transmission systems using TTL drivers and 
receivers have operated essentially error-free when the line 
length and modulation rate are kept to within the recom¬ 
mended operating region shown in Figure 14. This has not 
precluded operation outside this region for some systems, 
but these systems must be carefully designed with particular 
attention paid to defining the required characteristics of the 
line, the driver, and the receiver devices. The use of coaxial 
cable instead of twisted pair lines almost always yields better 
performance, i.e, greater modulation rate at a given line 
length and signal quality. This is because most coaxial cable 
has a wider bandwidth and reduced attenuation at a given 
length than twisted pair line (one notable exception is RG 
174/U cable). 


MINIMUM PULSE WIDTH (DURATION OF UNIT INTERVAL) 
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FIGURE 14. Signal Quality as a Function of Line Length and Modulation Rate for Terminated 24 AWG Twisted Pair 

(PVC Insulation) 
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Signal Quality Measurement—The Eye Pattern (Continued) 
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PROBABLY NOT POSSIBLE 


FIGURE 15. Eye Patterns for NRZ Data Corresponding to Various Peak-to-Peak Transition Jitter 


It should be remembered that, in some ways, the eye pattern 
gives the minimum peak-to-peak transition jitter for a given 
line length, type, pulse code, and modulation rate. This is 
because the eye pattern transition spread is the result of 
intersymbol interference and reflection effects (if present) 
and this minimum jitter is only obtainable if the following 
conditions are met. 

• The One and Zero signal levels produced by the line 
driver are symmetrical, and the line receiver’s decision 
threshold (for NRZ signaling) is set to coincide with the 
mean of those two levels. 


• The line is perfectly terminated in its characteristic resis¬ 
tance to prevent reflections from altering the signal 
threshold crossings. 

• The time delays through driver and receiver devices for 
both logic states is symmetrical and there is no relative 
skew in the delays (difference between tpi^ and tp^i 
propagation delays = 0). This is especially important 
when the device propagation delays become significant 
fractions of the unit interval for the applicable modulation 
rate. 
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Signal Quality Measurement—The 
Eye Pattern (Continued) 

If any one of these conditions is not satisfied, the signal 
quality is reduced (more distortion). The effects of receiver 
bias or threshold ambiguity and driver offset can be deter¬ 
mined by location of the decision threshold(s) on the oscil¬ 
lograph of the eye pattern for that driver/cable modulation 
rate combination. For eye patterns displaying more than 
20% isochronous distortion, the slope of the signal in the 
transition region is relatively small. Therefore, a small 
amount of bias results In a large increase in net isochronous 
distortion See Figure 16 for a graphic illustration of this 
effect. In the interest of conservative design practices, sys¬ 
tems should always be designed with less than 5% transition 
spread in the eye pattern. This allows the detrimental effects 
due to bias to be minimized, thus simplifying construction of 
line drivers and receivers. 

other Pulse Codes and Signal 
Quality 

In the preceding sections, the discussion of signal quality 
has been centered around the use of NRZ signaling, bec- 
uase it represents the simplest and most commonly used 
pulse code. Other pulse codes have been developed which 
provide one or more of the following desirabie features: 

• Compress the overall bandwidth normally required to 
adequately transmit the signal yet still ensure recovery of 
the binary data. 

• Eliminate the need for a dc response in the transmission 
medium so that transformer coupling can be used for 
phantom power distribution on repeated lines. (The elimi¬ 
nation of a dc characteristic of the pulse code also allows 
ac coupling of amplifier circuits). 


• Provide a clocking scheme within the signal so that no 
separate clock channel is required for synchronization. 

• Provide built-in error detection. 

The following discussion is restricted to the binary class of 
baseband signals. This simply means that each decision by 
the line receiver yields one bit of information. The 
M-ary schemes {M >3) can encode more than one bit of 
information per receiver decision*, but these schemes are 
seldom applied to baseband signaling due to the complexi¬ 
ties of the driver and receiver circuits (especially for M >3). 
M-ary schemes, however, are applied to high speed 
non-baseband data transmission systems using modems. 
The price to be paid for the increased bit-packing with 
multi-level signaling is decreased immunity to noise relative 
to a binary system. This is because a smaller relative thresh¬ 
old displacement (or amount of noise) is required to produce 
a signal representing another logic state in the M-ary 
schemes. 

Note: ’‘•It can be shown that, for M levels, the information per receiver 
decision will be S = log 2 fW bits/decision Thus, three levels theoretically 
yield 1 58 bits, four levels yield 2 bits of information, eight levels yield 
3 bits, etc 

In general, the binary class of pulse codes can be grouped 
into four categories: 

• Non-Return to Zero (NRZ) 

• Return to Zero (RZ) 

• Phase Encoded (PE) (sometimes called Split Phase) 

• Multi-Level Binary (MLB). (The MLB scheme uses three 
levels to convey the binary data, but each decision by the 
line receiver yields only one bit of information.) 
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FIGURE 16. Receiver Bias Effect on Total Isochronous Distortion 


A secondary differentiation among the pulse codes in con¬ 
cerned with the algebraic signs of the signal levels. If the 
signal levels have the same algebraic sign for their voltages 
(or currents) and differ only in their magnitudes, the signaling 
is called unipolar. A very common example of unipolar sig¬ 
naling is TTL or ECL logic. TTL uses two positive voltages to 


represent its logic states, while ECL uses two negative volt¬ 
ages for its logic states. The complement of unipolar signal¬ 
ing is po/arsignaling. Here, one logic state is represented by 
a signal voltage or current having a positive sign and the 
other logic state is represented by a signal with a negative 
sign. For binary signals, the magnitude of both signals 
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other Pulse Codes and Signal 

Quality (Continued) 

should be equal, ideally. Their only difference should be in 
the algebraic signs. This allows the receiver to use ground 
as its decision thershold reference. 

NON-RETURN TO ZERO (NRZ) PULSE CODES 

There are three NRZ pulse codes: NRZ-Level (NRZ-L), 
NRZ-Mark (NRZ-M), and NRZ-Space (NRZ-S). NRZ-L is the 
same pulse code as previously discussed. In NRZ-L signal¬ 
ing, data is represented by a constant signal level during the 
bit time interval, with one signal level corresponding to one 
logic state, and the other signal level corresponding to the 
opposite logic state. In NRZ-M or NRZ-S signaling, however, 
a change in signal level at the start of a bit interval corre¬ 
sponds to one logic state and no change in signal level at the 


start of a bit interval corresponds to the opposite logic state. 
For NRZ-M pulse codes, a change in signal level at the start 
of the bit interval indicates a logic One (Mark), while no 
change in signal level indicates a logic Zero (Space). NRZ-S 
is a logical complement to NRZ-M. A change in signal level 
means a logic Zero and no change means logic One. With 
NRZ-M and NRZ-S pulse codes, therefore, there is no direct 
correspondence between signal levels and logic states as 
there is with NRZ-L signaling. Any of the NRZ pulse codes 
may, of course, be used in unipolar or polar form. The NRZ 
codes are shown in Figure 17, along with their generation 
algorithm*, signal levels vs time, and their general power 
density spectrum. 

Note: *The generation algorithm showing the sequence of signal levels on 
the line, represented by the set {bp}, is determined by the sequence of 
input logic states, represented by the set {ap} See Bennet'''^ for 
detailed usage of this notation 
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FIGURE 17. Non-Return to Zero (NRZ) Pulse Codes 
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Quality (Continued) 

The degradation in signal quality caused by intersymbol 
interference for NRZ-L signaling was discussed earlier. 
Since the minimum signaling element (unit interval) for all 
three NRZ pulse codes is equal to Xq, the previous signal 
quality discussion for NRZ-L also applies equally to NRZ-M 
and NRZ-S pulse codes. The following is a capsule sum¬ 
mary of the previous discussion on NRZ signal quality. 

• When tg is less than the 0%-50% rise or fall time of the 
signal at the line end, the open space in the eye pattern 
closes, thereby indicating error-free data transmission is 
unlikely. 

• When \q is less than the 10%-90% rise or fall time of the 
line end signal, some intersymbol interference is present 
and thus, some time jitter in the transitions of the recov¬ 
ered data will be present. 

NRZ codes are simple to generate and decode because no 
precoding or special treatment is required. This simplicity 
makes them probably the most widely used pulse codes, 
with NRZ-L the leader by far. NRZ-M has been widely used 
in digital magnetic recording where it is usually called NRZI 
for Non-Return to Zero, Invert-on-Ones. In terms of the four 
desirable features for a pulse code listed at the start of this 
section, however, non of the NRZ codes are all that 
great—NRZ codes do possess a strong dc component, and 
have neither intrinsic clocking, nor error detection features. 
Even so, their power frequency spectra are used as refer¬ 
ences for comparison with other pulse codes. 


RETURN TO ZERO (RZ) PULSE CODES 

The RZ group of pulse codes are usually simple combina¬ 
tions of NRZL data and its associated single or double 
frequency clock. By combining the clock with data, all RZ 
codes possess some intrinsic synchronization feature. Three 
representative RZ pulse codes are shown in Figure 18. 
Unipolar RZ is formed by performing a logic AND between 
the NRZ-L data and its clock. Thus a logic Zero is repre¬ 
sented by the absence of a pulse during the bit time interval, 
and a logic One is represented by a pulse as shown. Pulse 
Position Modulation (PPM) uses a pulse of tgM duration 
beginning at the start of the bit interval to indicate a logic 
Zero, and a \qIA pulse beginning at the middle of the bit 
intervai to indicate a logic One. Pulse Duration Moduiation 
(PDM) uses a tg/S duration pulse for a logic Zero and a (%) 
tg pulse for a logic One, with the rising edge of both pulses 
coinciding with the start of the bit interval. PDM with tgM 
pulse widths is also used but better results are usually 
obtained with the tg/S, 2 tg/S scheme. 

The reason for differentiating between information rate and 
modulation rate can now be further clarified. Each of the RZ 
pulse codes in Figure 18 has the same information rate; i.e., 
l/tg bits per second. Their respective minimum signaling 
elements (unit intervals) however, are all less than tg so the 
moduiation rate for the RZ pulse code is greater than the 
information rate. Remember that with NRZ signaling, the unit 
interval and the bit time interval are equal in duration, so the 
information rate in bps is equal to the modulation rate in 
bauds. For isochronous NRZ signaling, the measures bps 
and baud are both synonymous and interchangeable. 
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FIGURE 18. Return to Zero (RZ) Pulse Codes 


Inspection of unipolar RZ signaling reveals that the unit 
interval is bit interval (t^, = tg/Z). When this unit interval is 
less than the 0%-50% rise or fall time of the line, the data is 
likely to be unrecoverable. With a fixed modulation rate, the 
price paid to include clocking information into unipolar RZ is 
reduced information rate over that for NRZ signaling Like¬ 
wise, for PPM with its unit interval of tgM, the information 
rate reduces to % that of NRZ data under the same condi¬ 
tions. This is because the maximum modulation rate is de¬ 
termined by the 50% rise time of the line which is constant 


for a given length and type of line. PDM has a unit interval of 
te/S so, for a given maximum modulation rate, the resulting 
information rate is Vb that of NRZ data. 

The preceding argument should not be taken as strictly 
correct—since the actual intersymbol interference patterns 
for the three RZ codes discussed differ somewhat from the 
pattern with NRZ codes. A random sequence of NRZ data 
can easily consist of a long sequence of Zeros followed by a 
single One and then a long sequence of Zeros, so the ^50% 
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other Pulse Codes and Signal 

Quality (Continued) 

limit can be accurately applied. Unipolar RZ, in response to 
the same long data sequence, produces a tg/Z pulse, so the 
^50% argument can be applied here too. With PPM and PDM, 
the maximum time that the line signal can be in one state is 
quite reduced from the NRZ case. For PPM, this time is 1.25 
tg (010 data sequence) while for PDM, it is 0.67 tg (see 
Figure 18). With PPM and PDM, then, the line signal may 
never reach the final signal levels that it does with NRZ data. 
So, the PPM and PDM signals have a head start, so to 
speak, in reaching the threshold crossing of the receiver. 
Because of the reduced time that PDM and PPM signal 
levels are allowed to remain at one signal level, their signal¬ 
ing may still operate at a modulation rate slightly above that 
where the NRZ data shows 100% transition jitter. Even with 
this slight correction to the previous discussion, the RZ 
group of pulse codes still sacrifice information rate in return 
for synchronization. The PPM scheme appears to be a poor 
trade in this respect, since PDM allows a greater information 
rate while retaining the self-clocking feature. Unipolar RZ, 
because it provides no clocking for a logic Zero signal, is not 
generally as useful as PDM for baseband data transmission. 
However, unipolar RZ is used in older digital magnetic tape 
recorders. 

Examination of RZ codes shows only one more desirable 
feature than NRZ codes: clocking. RZ codes still have a dc 
component in their power density spectrum {Figure 18) and 
their bandwidth is extended (first null at 2/tg) over that of 
NRZ (first null 1/tg). RZ codes do not have any intrinsic error 
detection features. 

PHASE ENCODED (PE) PULSE CODES 

The PE group of pulse codes uses signal level transitions to 
carry both binary data and synchronization information. Each 
of the codes provides at least one signal level transition per 
bit interval aiding synchronous recovery of the binary data. 
Simply stated, Biphase-Level (Bl(t)-L) code is binary phase 
shift keying (PSK) and is the result of an Exclusive-OR logic 
function performed on the NRZ-L data and its clock; it is 
further required that the resultant signal be phase coherent 
(i.e., no glitches). Biphase—Mark (Bi(t)-M) and 
Biphase-Space (Bi(t)-S) codes are essentially phase coher¬ 
ent, binary frequency shift keying (FSK). In Bi(l)-M, a logic 
One is represented by a constant level during the bit interval 
(one-half cycle of the lower frequency 1/(2 tg), while a logic 
Zero IS represented by one-half cycle of the higher frequency 
1/tg. In Bi(|)-S, the logic states are reversed from those in 
Bi(l)-M. Another way of thinking of Bicji-M or B\^-S is as 
follows. 

• Change signal level at the end of each bit interval regard¬ 
less of the logic state of the data. 

• Change signal level at the middle of each bit interval to 
mean a particular logic state. 

In Bi(l)-M (sometimes call diphase), a mid-bit interval change 
in signal level indicates a logic One (Mark), while no change 


indicates a logic Zero. For Bi(|)-S, no signal level change in 
the middle of the bit interval means a logic One, while a 
change means a logic Zero. 

In Bi(j)-L (also called Manchester Code), a positive-going 
transition at the middle of the bit interval means a logic Zero, 
while a negative-going transition there indicates a logic One. 
The fourth member of the PE family is Delay Modulation 
(DM) ’ sometimes referred to as Miller code. Here logic 
One is represented by a mid-bit interval signal level change, 
and a logic Zero is represented by a signal level change at 
the end of the bit inten/al if the logic Zero is followed by 
another logic Zero. If the logic Zero is immediately followed 
by a logic One, no signal level transition at the end of the first 
bit interval is used. The waveforms encoding algorithms, and 
general power density spectra for the PE pulse code family 
are shown in Figure 19. 

Note: *Delay Modulation^®' has a maximum of 2 tg without a signal level 
transition 

A brief inspection of the signal waveforms for the three 
Biphase pulse codes reveals that their minimum signaling 
element has a duration of one-half bit interval (tu, = tg/2); the 
longest duration of either signal level is one bit inten/al 
Similarly, DM is seen to have a minimum signaling element 
of one bit interval (tu, = tg) and the maximum duration of 
either signal level is two bit inten/ais (produced by a 101 
pattern). Biphase codes should exhibit eye closure (they 
would not be recoverable without equalization) when tu, < 
to%- 5 o%- So, a 50% jitter on NRZ signaling approximately 
corresponds to the Biphase codes non-operation point. Bi¬ 
phase codes, therefore, provide one-half the information rate 
of NRZ signals at a given maximum modulation rate. This is 
in exchange for synchronization information and a dc-free 
spectrum when used in polar form. 

DM should have essentially the same intersymbol interfer¬ 
ence characteristics as NRZ, since the unit interval is the 
same for both codes. DM may perform slightly better than 
NRZ, because the maximum duration of either signal level is 
two bit intervals. Overall, DM is better coding scheme than 
the Bi(t). It does not require as much bandwidth as Bicj) and 
still possesses the desirable dc response and synchroniza¬ 
tion qualities. 

Both Bi(t) and DM are good choices for digital magnetic 
recording^®; Bi(|) is widely used in disc memory equipment, 
and DM is rapidly gaining acceptance where high bit packing 
densities are desired. Overall scoring, in terms of the four 
desirable characteristics, shows the PE pulse codes with 
three primary features; bandwidth compression, no dc, and 
intrinsic synchronization. 

Th Bi(l) family does not possess any intrinsic error detection 
scheme. DM does possess the capability of detecting 
some—but not all—single bit errors. This detection process 
IS accomplished by checking to see if a single level persists 
longer than two bit intervals, in which case, an error is 
indicated. DM detection requires two samples per bit 
interval. 
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FIGURE 19. Phase Encoded (PE) Pulse Codes 


7-111 


WWW national com 





AN-808 


other Pulse Codes and Signal Quality (Continued) 


tu. 

tg/a 

^82 

tB/2 

fe 

a„ = 1 

bn = (+){o < t < wa 

bn = (-) {W2 < t < te 

$ 

bn = (-) bn _ 1* 
*complement of 

final level of 

last bp 

if final value of bp _ = (+) 
then bp = (+){0 < t < tg/Z 
and bp = (—) { tg/Z < t < tg 
else, compliment above bp 

values for times shown 

an = 0 

bn = (-) { 0 < t < te/a 

bn = (+){tB/a<t<tB 

bn = (-) bn_i* 
^complement of 

final level of 

last bp 

$ 

if final value of bp _ ^ = (+) 
then bp = (-I-) { 0 < t < tg 

If ap ^ 1 = (0) then bp = (-) { t = tg 
else bp = (-I-) { t = tg 
if final value of bp _ 1 = (-) 
then complement bp values above 


t If bn - 1 final level = ( + ), then [ bn = (-) I 0 i t < te/a 

I bn = ( + )(tB/2St<tB 
If bn - 1 final level = (-), then T bn = (+) ( 0 s t < tg/a 
I bn = (-) I tB/a g t < tB 


MULTI-LEVEL BINARY (PLB) PULSE CODES 

The pulse codes in the MLB groupd discussed have a com¬ 
mon characteristic of using three signal levels (expressed in 
shofthand notation as +, 0, -) to represent the binary infor¬ 
mation, but each receiver decision yields only one bit of 
information. These are sometimes called pseudoternary 
codes to distinguish them from true ternary codes wherein 
each receiver decision can yield 1.58 information bits. 

The most straightforward pulse code in the MLB group is 
polar RZ {Figure 20). Some authors place PRZ in the RZ 
group, but since PRZ uses three signal levels, it is placed in 
the MLB group here. A logic One is represented by a positive 
polarity pulse, and a logic Zero is represented by a negative 
polarity pulse. Each pulse lasts for one-half bit interval. PRZ 
has excellent synchronization properties since there is a 
pulse present during every bit interval. 

Bipolar (BP)^^* uses a tg/Z duration pulse to signify a logic 
One, and no pulse during the bit interval to signify a logic 
Zero. The polarity of the pulses for a logic One is alternated 
as shown in Figure 20. Bipolar coding is also known as 
Alternate Mark Inversion. BP is widely used in Bell Systems 
T1-PCM carrier systems as a pulse code transmitted along 
a regenerative repeated transmission line. Since BP has no 
dc component, the regenerative repeaters along the span 
line may be transformer coupled and powered by a phantom 
constant current power loop from the central office. The 
synchronization properties of BP are excellent if the number 
of Zero bits transmitted in series is constrained. This con¬ 
straint on the number of sequential Zeros allows clock cir¬ 


cuits in each repeater to remain in synchronization. A 
scheme called Binary with 6 Zeros Substitution (B6ZS) was 
developed to replace 6 Zeros with a given signal sequence 
to offset this loss of synchronization^®. Bipolar coding has a 
limited capability to detect single errors, all odd errors, and 
certain even error combinations which violate the mark al¬ 
ternation rule. Another scheme called High Density Bipolar 
with 3 Zeros substitution (HDB-3) replaces four successive 
Zeros (no pulses) with three Zeros followed by a pulse 
whose polarity violates the Mark alternation rule"'®. Subse¬ 
quent detection of this pattern (three Zeros and pulse violat¬ 
ing the polarity coding rule) causes the receiver to substitute 
four Zeros for the received 0001 pattern. 

In Dicode (Dl)^®’ a polar pulse (either tg for DI-NRZ or tg/a 
for DI-RZ) is sent for every input data transition. The limiting 
constraint is that the successive pulses must alternate in 
sign {Figure 19). As in NRZ-M and NRZ-S, the actual polarity 
of the pulses does not necessarily correspond to the logic 
state of the data (a positive pulse may represent either a 
Zero-to-One or a One-to-Zero transition of the input data). 
The power spectrum for Dl is the same as for BP (no dc 
component). Bit synchronization for Dl can be obtained in 
the same manner as for BP, but with Dl, the number of bits of 
the same logic state must be controlled in order for the 
receiver to maintain bit synchronization. Dl also has the 
intrinsic capability of detecting single bit errors (via two suc¬ 
cessive positive or negative signal levels), all odd, and some 
even numbers of errors. 
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FIGURE 20. Multilevel Binary (MLB) or Pseudoternary Pulse Codes 


Pair Selected Ternary (PST)^®- ^2 and Modified PST 
(MPST)^^ were proposed to minimize the disadvantages of 
BP coding: loss of synchronization with long strings of Zeros 
and timing jitter. PST/MPST maintains the strong features of 
BP: dc free spectrum, single error detection. To produce PST 
or MPST, the incoming bits are grouped into pairs, and the 
signal produced on the line is governed by a coding table. 
Two modes are also used in the coding table with a change 
in mode occurring after a certain bit pair is transmitted. The 
features of PST/MPST thus include: 

• No dc spectral component, 

• No loss of synchronization with long strings of Zeros, 

• Intrinsic error detection, 

• Simplification of requirements for timing extraction cir¬ 
cuits with respect to BP. 


MPST coding was developed primarily to speed up the 
framing process, i.e., selecting which two successive pulses 
constitute a valid pair, when the probability for a Zero and a 
One are not equal. 

Duobinary^®’ is an example of a correlative level coding 
technique, wherein a correlation exists between successive 
signal levels. Duobinary uses three signal levels with the 
middle level corresponding to a logic Zero, and the other two 
levels corresponding to a logic One. The pseudoternary 
signal is generated by precoding the input data, which re¬ 
sults in constraining the line signal to change only to the 
neighboring level, i.e., the (-i-) to (-) and (-) to (+) level 
changes are not allowed. This precoding process uses con¬ 
trolled intersymbol interference as part of the coding 
scheme. The benefit is an effective doubling of the bit rate for 
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a given bandwidth and concentration of the power spectrum 
toward dc {Figure 20). Duobinary has the capability to detect 
single errors which violate the encoding rules. In terms of 
bandwidth utilization, Duobinary ranks first among all the 
binary and MLB codes^°, but its strong dc component pro¬ 
hibits the use of ac-coupled transmission media. Synchroni¬ 
zation properties are similar to NRZ, thus external clocking 
must be used to recover the data. 
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A Comparison of 
Differential Termination 
Techniques 

Introduction 

Transmission line termination should be an important con¬ 
sideration to the designer who must transmit electrical sig¬ 
nals from any point A to any point B Proper line termination 
becomes increasingly important as designs migrate towards 
higher data transfer rates over longer lengths of transmis¬ 
sion media. However, the subject of transmission line termi¬ 
nation can be somewhat confusing since there are so many 
ways in which a signal can be terminated. Therefore, the 
advantages and disadvantages of each termination option 
are not always obvious 

The purpose of this application note is to remove some of the 
confusion which may surround signal termination. This dis¬ 
cussion, however, will focus attention upon signal termina¬ 
tion only as it applies to differential data transmission over 
twisted pair cable. Common differential signal termination 
techniques will be presented and the advantages and disad¬ 
vantages of each will be discussed. 

Each discussion will also include a sample waveform gener¬ 
ated by a setup consisting of a function generator whose 
signals are transmitted across a twisted pair cable by a 
differential line driver and sensed at the far end by a differ¬ 
ential line receiver. This application note will specifically 
address the following differential termination options: 

• Unterminated 

• Series/Backmatch 

• Parallel 

• AC 

• Power (Failsafe) 

• Alternate Failsafe 

• Bi-Directional 

For the purposes of discussion, popular TIA/EIA-422 drivers 
and receivers, such as the DS26LS31 and DS26LS32A, will 
be used to further clarify differential termination. 

Unterminated 

The selection of one termination option over another is of¬ 
tentimes dictated by the performance requirements of the 
application. The selection criteria may also hinge upon other 
factors such as cost. From this cost perspective the option of 
not terminating the signal is clearly the most cost effective 
solution. Consider Figure 1, where a DS26LS31 differential 
driver and a DS26LS32A differential receiver have been 
connected (using a twisted pair cable) together without a 
termination element. Because there is no signal termination 
element, the DS26LS31 driver’s worst case load is the 
DS26LS32A receiver’s minimum input resistance. 
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FIGURE 1. Unterminated Configuration 

Since, TIA/EIA-422-A (RS-422) standard defines the 
DS26LS32A’s minimum input resistance to be 4 kQ, the 
driver’s worst case load, as seen in Figure 1, is then 4 kQ 
In the unterminated configuration, the DS26LS31 driver is 
only required to source a minimal amount of current in order 
to drive a signal to the receiver. This minimal DC current 
sourcing requirement in turn minimizes the driver’s on chip 
power dissipation. In addition, the 4 kQ driver output load 
results in a higher driver output swing (than if the driver was 
loaded with 100Q) which in turn increases DC noise margin. 
This increase in noise margin further diminishes the possi¬ 
bility that system noise will improperly switch the receiver. To 
be sure that there is no confusion, noise margin is defined as 
the difference between the minimum driver output swing and 
the maximum receiver sensitivity. On the other hand, if a 
receiver was used which complies to TIA/EIA-485 (RS-485), 
the resulting noise margin would be even greater. This is 
because the minimum input resistance of an RS-485 re¬ 
ceiver must be greater than 12 kQ as compared to 4 kQ for 
an RS-422 receiver. 

The absence of a termination element at the DS26LS32A’s 
inputs also guarantees that the receiver output is in a known 
logic state when the transmission line is in the idle or open 
line state (receiver dependent). This condition is commonly 
referred to as open input receiver failsafe. This receiver 
failsafe (Note 1) bias is guaranteed by internal pull up and 
pull down resistors on the positive and negative receiver 
inputs, respectively. These pull up and pull down resistors 
bias the input differential voltage (V|d) to a value greater than 
200 mV when the line is, for example, idle (un-driven). This 
bias is significant in that it represents the minimum guaran¬ 
teed V,D required to switch the receiver output into a logic 
high state. 

Note: A complete discussion of receiver failsafe can be found in Application 
Note 847 (AN-847) 

There are, however, some disadvantages with an untermi¬ 
nated cable. The most significant effect of unterminated data 
transmission is the introduction of signal reflections onto the 
transmission line. Basic transmission line theory states that 
a signal propagating down a transmission line will be re¬ 
flected back towards the source if the outbound signal en¬ 
counters a mismatch in line impedance at the far end. In the 
case of Figure 1, the mismatch occurs between the charac¬ 
teristic impedance of the twisted pair (typically 100Q) and 
the 4 kQ input resistance of the DS26LS32A. The result is a 
signal reflection back towards the driver. This reflection then 
encounters another impedance mismatch at the driver out¬ 
puts which in turn generates additional reflections back to¬ 
ward the receiver, and so on. The net result is a number of 
reflections propagating back and forth between the driver 
and receiver. These reflections can be observed in Figure 2. 
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Unterm inated (Continued) 



FIGURE 2. Unterminated Waveforms 


The main limitation of unterminated signals can be clearly 
seen in Figure 2. A positive reflection is generated when the 
signal encounters the large input resistance of the receiver. 
These reflections propagate back and forth until a steady 
state condition is reached after several round trip cable 
delays. The delay Is a function of the cable length and the 
cable velocity. Figure 2 shows that the reflections settle after 
three round trips. To limit the effect of these reflections, 
unterminated signals should only be used in applications 
with low data rates and short driving distances. 

The data being transmitted should, therefore, not make any 
transitions until after this steady state condition has been 
reached. A low data rate ensures that reflections have suffi¬ 
cient time to settle before the next signal transition. At the 
same time, a short cable length ensures that the time re¬ 
quired for the reflections to settle is kept to a minimum. The 
low data rate and short cable length dictated by the lack of 
termination is probably the most significant shortcoming of 
the unterminated option. 

Low speed is generally characterized to be either signalling 
rates below 200 kbits/sec or when the cable delay (the time 
required for an electrical signal to transverse the cable) is 


substantially shorter than the bit width (unit interval) or when 
the signal rise time is more than four times the one way 
propagation delay of the cable (i.e., not a transmission line). 
As a general rule, if the signal rise time is greater than four 
times the propagation delay of the cable, the cable is no 
longer considered a transmission line. 

It should be mentioned that most differential data transmis¬ 
sion applications provide for some kind of signal termination. 
This is because most differential applications transmit data 
at relatively high transfer rates over relatively long distances. 
In these type of applications, signal termination is critically 
important. If the application only requires low speed opera¬ 
tion over short distances, an unterminated transmission line 
may be the simplest solution. 

Series Termination 

Another termination option is popularly known as either se¬ 
ries or backmatch termination. Figure 3 illustrates this type of 
termination. The termination resistors, Rg, are chosen such 
that their value plus the impedance of the driver’s output 
equal the characteristic impedance of the cable. Now as the 
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Series Termination (Continued) 

driven signal propagates down the transmission line an im¬ 
pedance mismatch is still encountered at the far end of the 
cable (receiver inputs). 
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FIGURE 3. Series Termination Configuration 

However, when that signal propagates back to the driver the 
reflection is terminated at the driver output. There is only one 
reflection before the driven signal reaches a steady state 
condition. How long it takes for the driven signal to reach 
steady state is still dependent upon the length of cable the 
signal must traverse. As with the unterminated option the 
driver power dissipation is still minimized due to the light 
loading presented by the 4 k^2 receiver input resistance. The 
driver loading remains unchanged from the unterminated 
option. In both cases the driver is effectively loaded with the 


receiver’s input impedance. DC noise margin has again 
increased and the open input receiver failsafe feature is still 
supported for idle and open line conditions. 

There are three major disadvantages in using series termi¬ 
nation. First, the driver output impedances can vary, due to 
normal process variations, from one manufacturer to another 
and from one driver load to another. Should there be a 
problem which involves replacing line drivers, there is a 
chance that the designer might have to rework the board in 
order to ensure that the Rs matches the new driver’s output 
impedance. 

Second, series termination is commonly limited to only point 
to point applications. Consider the following example. If a 
second receiver (multidrop application) was located halfway 
between the driver and receiver at the far end of the cable, 
the noise margin seen by the middle receiver would change 
between the incident signal and the reflected signal. Such a 
problem would not exist in a point to point application where 
only one receiver is used with one driver. 

Third, there is still an impedance mismatch at the receiver 
inputs. Again, this mismatch is caused by a signal propagat¬ 
ing down a lOOQ cable suddenly encountering a 4 kO. re¬ 
ceiver input resistance. This impedance mismatch will con¬ 
tinue to cause reflections on the transmission line as 
illustrated in Figure 4. 
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FIGURE 4. Series Termination Waveforms 


Notice the reflections which result when the driven signal 
encounters an impedance mismatch at the receiver input. 
The reflection propagates back to the driver and is some¬ 
what terminated by the driver’s output impedance. The re¬ 
flected signal is terminated because the combined imped¬ 
ance of the series resistor (Rg) and the driver’s output 
impedance comes close to matching the characteristic im¬ 


pedance of the cable. In contrast with Figure 2s untermi¬ 
nated signal waveform, the waveform seen in Figure 4 is 
characterized by only one reflection. 

In all it will take the signal one round trip cable delay to be 
reflected back towards the signal source. Since all reflec¬ 
tions should be allowed to settle before the next data tran- 
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sition (to maintain data integrity), it is imperative that the 
round trip cable delay be kept much less than the time unit 
interval (TUI—defined to be the minimum bit width or the 
“distance” between signal transitions). In other words, series 
termination should be limited to applications where the cable 
lengths are short (to minimize round trip cable delays) and 
the data rate is low (to maximize the TUI). And to a lesser 
degree, the series termination option may not be the ideal 
choice from a cost perspective in that it requires two addi¬ 
tional external components. 

Parallel Termination 

Parallel termination Is arguably one of the most prevalent 
termination schemes today. In contrast to the series termi¬ 
nation option, parallel termination employs a resistor across 
the differential lines at the far (receiver) end of the transmis¬ 
sion line to eliminate all reflections. See Figure 5. 



FIGURE 5. Parallel Termination Configuration 

Eliminating all reflections requires that Rj be selected to 
match the characteristic impedance (Zq) of the transmission 
line. As a general rule, however, it is usually better to select 
Rjsuch that it is slightly greater than Zq. Over-termination 
tends to be more desirable than under-termination since 
over-termination has been observed to improve signal qual¬ 
ity. Rj is typically chosen to be equal to Zq. When 
over-termination is used Ry is typically chosen to be up to 
10% larger than Zq. The elimination of reflections permits 
higher data rates over longer cable lengths. Keep in mind, 
however, that there is an Inverse relationship between data 
rate and cable length. That is, the higher the data rate the 
shorter the cable and conversely the lower the data rate the 
longer the cable. Higher data rates and longer cable lengths 
translate simply into smaller TUI’s and longer cable delays. 
Unlike series termination where high data rates and long 
cable lengths can negatively impact data integrity, parallel 
termination can effectively remove all reflections; thereby 
removing all concerns about reflections interfering with data 
transitions. See Figure 6. 
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FIGURE 6. Parallel Termination Waveforms 


As seen in Figure 6 both driver output and receiver input 
signals are free of reflections. Such results make parallel 
termination optimal for use in either high speed (10 Mb/s), or 
long cable length (up to 4000 feet), applications. 

Another benefit the parallel termination provides is that both 
point to point and multidrop applications are supported. Re¬ 
call that multidrop is defined as a distribution system com¬ 
posed of one driver and up to ten receivers spread out along 
the cable as defined in the TIA/EIA-422 standard. The par¬ 
allel termination is located at the far end (opposite the driver) 
of the cable and effectively terminates the signal at that 
location, preventing reflections. 

There are also disadvantages to parallel termination. Let’s 
examine these disadvantages as they pertain to multidrop 
configurations. An intrinsic assumption to multidrop opera¬ 
tion is that stub lengths, as measured by “I” in Figure 5, are 
minimized. Despite the fact that all receivers are effectively 
terminated with Ry, long stub lengths will once again reintro¬ 
duce impedance mis-matches and reflections. So while par¬ 
allel termination may remove reflections and permit multi¬ 
drop configurations, it does place a restriction upon the stub 
lengths associated with these other receivers. Typically 
stubs should be kept to less that Va of the drivers rise time in 
length to minimize transmission line effects, and reflections. 


TIA/EIA-422-A standard does recommend a 10OQ resistor to 
be used when the differential line is parallel terminated. 
Therefore, applications which use a TIA/EIA-422-A driver 
such as the DS26LS31 or DS26C31 are commonly termi¬ 
nated with 100Q at the far end of the twisted pair cable. 
While the 100^2 parallel termination eliminates all reflections, 
the power dissipated by the driver will increase substantially 
with the addition of this resistor. This increased driver power 
dissipation is a major disadvantage of parallel termination. 
The absence of this termination resistor keeps driver power 
dissipation low for unterminated and series terminated driv¬ 
ers and is a major advantage of these two termination op¬ 
tions. 

Noise margin will also decrease with parallel termination. 
The relatively light loading (4 kQ) of unterminated and series 
terminated drivers led to larger driver output swings. The 
heavier driver load (typically 100Q) brought on by parallel 
termination reduces the driver’s output signal swing. How¬ 
ever, even with this reduction, there is ample noise margin 
left to ensure that the receiver does not improperly switch. 
Recall the discussion earlier about receiver failsafe with the 
unterminated and series options. In both cases, open input 
receiver failsafe operation was guaranteed because of inter¬ 
nal circuitry (receiver dependent) which biases the differen- 
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Parallel Termination (Continued) 

tial input voltage (V,d) to a value greater than its differential 
threshold. Since the resulting bias voltage at the receivers 
inputs (V|d), is greater than +200 mV, the output of the 
DS26LS32A receiver remains in a stable HIGH state. Unlike 
unterminated and series options, parallel termination cannot 
support open input receiver failsafe when the transmission 
line is in the idle state. This shortcoming of parallel termina¬ 
tion is discussed in much greater detail later in the section 
which describes power and alternate failsafe termination 
(see AN-847 for more of information on failsafe biasing 
differential buses). 

AC Termination 

The effectiveness of parallel termination is oftentimes coun¬ 
tered by increased driver power dissipation and receiver 
failsafe concerns. The DC loop current required by the ter¬ 
mination resistor, Ry (see Figure 5), is often too large in 
order to be useful for power conscious applications or for 
seldomly switched control lines. In asynchronous applica¬ 
tions, parallel termination’s is not able to guarantee receiver 
failsafe during idle bus states which in turn makes the sys¬ 
tem susceptible to errors such as false start bits and framing 
errors. The primary reason for the AC termination, however, 
grew out of the need for effective transmission line termina¬ 
tion with minimal DC loop current. 

A representation of an AC terminated differential line is 
shown in Figure 7. 
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FIGURE 7. AC Termination Configuration 

The value of Ry generally ranges from 100Q-150Q (cable 
Zq dependent) and is selected to match the characteristic 
impedance (Zq) of the cable. Cy, on the other hand, is 
selected to be equal to the round trip delay of the cable 
divided by the cable’s Zq. 

EQ1: Cy < (Cable round trip delay) / Zq 
F or this example: 

Cable Length = 100 feet 

Velocity = 1.7 ns/foot 

Char. Impedance = 100Q 
Therefore, 

Cy < (100 ft X 2 X 1.7 ns/ft)/100i2 or < 3,400 pF. 
Further, the resulting Rq time constant should be less than or 
equal to 10% of the unit interval (TUI). In the example 
provided the maximum switching rate therefore should be 
less than 300 kHz. This termination should now behave like 
a parallel termination during transitions, but yield the ex¬ 
panded noise margins during steady state conditions. See 
Figure 8. 

Figure 8 illustrates the tradeoff between parallel terminated 
and unterminated signals. There are no major reflections 
and driver power dissipation is reduced at the expense of a 
low pass filtering effect which essentially limits the applica¬ 
tion of AC termination to low speed control lines. Note that 
the frequency of the driven signal in Figure 8 is 300 kHz 
whereas it was 500 kHz for the other plots. This was done to 
maintain the ratio between bit time and the Rc time constant. 
The draft revision of RS-422-A will include AC termination as 
an alternative to parallel termination. 
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FIGURE 8. AC Termination Waveforms 


The waveforms in Figure 8 should be viewed together with 
the following brief explanation of how AC termination works. 
When the driven signal transitions from one logic state to 
another, the capacitor Cy behaves as a short circuit and 
consequently, the load presented to the driver is essentially 
Ry. However, once the driven signal reaches its intended 
levels, either a logic HIGH or logic LOW, Cy will behave as 
an open circuit. DC loop current is now blocked. The driver 
power dissipation will then decrease. The load presented to 
the driver also decreases. This is due to the fact that the 
driver is now loaded with a large receiver input resistance 
typically greater than 4 kQ; versus the typical Ry of 
100Q-120^2. This reduced loading condition increases the 
signal swing of the driver and results in increased noise 
margin. The idle bus state also forces Cy into the open circuit 
mode. Once this takes place, the receiver’s internal pull up 
and pull down resistors will bias the output into a known 
state. Therefore, besides minimizing DC loop current, pre¬ 
venting line reflections, and increasing noise margin, AC 
termination also supports open input receiver failsafe. 

As with all the previously discussed termination options, 
there are disadvantages in using AC termination. AC termi¬ 


nation introduces a low pass filtering effect on the driven 
signal which tends to limit the maximum data rate of the 
application. This data rate limitation is the result of the im¬ 
pact that Ry and Cy, together, have upon the driven signal’s 
rise time. How much the data rate is limited is dependent 
upon the selection of Ry and Cy. Long Rc time constants will 
have a greater impact upon the driven signal’s maximum 
data rate, and vice versa. Because of of these data rate 
limitations, the transmission lines best suited for AC termi¬ 
nation are typically low speed control lines where level sen¬ 
sitivity IS desired over edge sensitivity. Finally, the part count 
required by AC termination can put it at a disadvantage in 
cost conscious applications. 

Power Termination 

Recall that AC termination is intended primarily to eliminate 
the large DC loop current inherent in parallel termination. 
The power termination, on the other hand, addresses paral¬ 
lel termination’s inability to support receiver failsafe during 
the idle bus state. See Figure 9 for an illustration of a 
transmission line terminated using the power option. 
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FIGURE 9. Power Termination Configuration 

The lack of Ra and Rg, when the bus is idle, almost assures 
that the receiver output will not be in a known state. This is 
due to the insufficient voltage across Rj (on the order of 
1 mV-5 mV) as caused by the receiver’s internal high value 
pull up and pull down resistors. The presence of these 
internal pull up and pull down resistors will guarantee re¬ 
ceiver failsafe only for the open input condition. In order to 
switch the receiver into the logic high state, regardless of 
whether the bus is open or idle, a minimum of +200 mV (with 
respect to the inverted receiver input) must be developed 
across Rj. The sole purpose, then, of Ra and Rg is to 
establish a voltage divider whereby at least +200 mV will be 
dropped across Rj. A complete explanation of selection 
criteria for resistor values (Ra and Rg) can be found in 
AN-847. 

The addition of external receiver failsafe biasing resistors, 
however, does pose some concerns. The primary drawback 
relates to the increased driver loading with the addition of Ra 
and Rg. The increased driver loading decreases the driver’s 
output swing and, in turn, reduces the noise margin. Higher 
driver power dissipation is also symptomatic of the increased 
driver loading since the driver must source the additional 
current required by the external failsafe network. One last 
concern is that the extra cost and subsequent handling of 
two additional resistors (excluding Rj) might outweigh power 
termination’s advantages in some applications. 

Alternate-Failsafe Termination 

This version of failsafe termination is essentially an exten¬ 
sion of power termination. The addition of Rc and Rg greatly 
enhances the receiver’s ability to operate in harsher environ¬ 
ments. See Figure 10. 



FIGURE 10. Alternate Failsafe 
Termination Configuration 


The advantages of this failsafe termination point directly to 
this increased ruggedness. A transmission line terminated 
using the failsafe option will be able to withstand larger 
common mode voltages. A careful selection of Rc and Rg 
will determine how much more common mode voltage a line 
can endure. This is because Rc and Rgact as a voltage 
dividers between the receivers input resistance. The TIA/ 
EIA-422-A standard allows for common mode shifting up to 
7V in magnitude, however most integrated circuits support 
absolute maximum rating that exceed the ±7V limit. The 
DS26LS32A supports a ±25V ABS MAX input rating. Careful 
selection of resistors can allow common mode voltages in 
the 35V-45V range on the cable, while still honoring the 25V 
limit in the receiver input pins. Rc and Rg are typically 4.7 
kQ, while Ra and Rg are 47 kO. This provides 9.5 kO, 
between the receiver input pins, and also allows the pull up 
and pull down resistors to be increased in value to 47 kQ. 
This capability lends itself well to applications, such as fac¬ 
tory control and building to building data transmission, where 
the common mode range can occasionally exceed ±7V. 
Failsafe termination also guarantees receiver failsafe for 
open, idle, as well as shorted line conditions. Of all the 
terminations options discussed, the failsafe option is the only 
one for which receiver failsafe can be guaranteed for shorted 
differential lines. Shorting the differential lines together 
merely shorts out Ry. In this short condition, the receiver will 
still see the series combination of Rg and Rg across its 
inputs. Receiver failsafe can, therefore, still be supported. 
The short condition just described yields another benefit of 
failsafe termination. The increased impedance between Vgg 
and ground, with the addition of Rg and Rg, also results in 
increased fault or short circuit current limiting. 

While the addition of Rg and Rg improves the transmission 
line’s ability to withstand larger common mode voltages, it 
might also negatively impact the receiver’s sensitivity. Con¬ 
sider, for example, a TIA/EIA-422 receiver. The minimum 
differential input signal (V|g) required to switch the receiver is 
normally 1200 mVI. Depending on the values of Rg and Rg, 
it may be necessary to develop a minimum of +400 mV 
across Rj in order to ensure that there is at least 200 mV 
across the receiver input terminals. The other significant 
disadvantage with failsafe termination may be the number of 
resistors required to implement it. Five resistors per line may 
prove too costly. 

Bi-Directional Termination 

The last type of termination which will be discussed is known 
as bi-directional termination. Figure 11 illustrates a typically 
multipoint application composed of drivers, receivers, and 
transceivers. Bi-directional termination is parallel termination 
carried one step further. Bi-directional termination now per¬ 
mits multiple drivers (multipoint configuration) to be con¬ 
nected to the same twisted pair. With multiple drivers con¬ 
nected to the same twisted pair, data can now be transmitted 
in two directions. Keep in mind, however, that while data 
transmission can now take place in two directions, only half 
duplex transmission is allowed (as defined by TIA/EIA-485 
standard). Multiple TIA/EIA-485 drivers cannot simulta¬ 
neously drive the line since this would result in line conten¬ 
tion. It should be mentioned that system timing should be 
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Bi-Directional Termination (Continued) 

carefully inspected to ensure that line contention does not 
occur. The advantages in using bi-directional termination are 
almost identical to those with parallel termination. 



FIGURE 11. Bi-Directional Termination Configuration 

These advantages include the prevention of signal reflec¬ 
tions, and the ability to drive long transmission lines at high 
data rates As with parallel termination, Ry should be se¬ 
lected so that it matches the characteristic impedance (Zq) 
of the twisted pair cable. 

The disadvantages in using parallel termination also extend 
to bi-directional termination. Receiver failsafe cannot be 
guaranteed due to the interaction between Ry and the re¬ 
ceiver’s open circuit failsafe network. Stub lengths must be 
minimized and an Ry must each be placed at both extreme 
ends of the line in order to minimize transmission line effects. 
However, when two termination resistors are placed at the 
far ends of the cable, the effective load of the driver is now 
60Q (since Ry is typically 120^2). This “doubling” of the driver 
load, using bidirectional termination, has two effects. First, it 
places a greater demand upon the driver’s ability to source 
current. As described above, a multipoint driver must be able 
to source approximately twice the amount of current that is 
required from a multidrop driver. A driver expected to meet 
this increased current demand naturally experiences greater 
power dissipation. And second, noise margin tends to be 
reduced since the driver’s output levels tend to decrease 
with increased loading. 

Conclusion 

The advantages and disadvantages of unterminated lines 
and those with series, parallel, AC, power, failsafe, and bi¬ 
directional terminations were contrasted. It should now be 
clear that there is no one termination scheme which is suited 
for all applications. Table 1 provides a summary of the 
differential termination options discussed in this application 
note. 


TABLE 1. Termination Summary 


Termination 

Signal 

Quality 

Data 

Rate 

Comments 

Unterminated 

Poor 

Low 

Low Power 

Series 

Good 

Low 

Low Power 

Parallel 

Excellent 

High 

Single Resistor 

AC 

Good 

Med. 

Ideal for use on 

control lines 


Termination 

Signal 

Quality 

Data 

Rate 

Comments 

Power 

Excellent 

High 

Failsafe bias for idle 

line 

Alt. Failsafe 

Excellent 

High 

Failsafe for open, 
shorted, and idle 

lines 

Bi-Directional 

Excellent 

High 

Ideal for bidirectional 
half duplex operation 


The termination scheme used will essentially be dictated by 
the needs of the system. Specifically, the choice of termina¬ 
tion will depend upon the system’s data transmission re¬ 
quirements. 

Special Notes 

The waveforms illustrated in this application note were ac¬ 
quired from laboratory testing of TIA/EIA-422 (RS-422) Driv¬ 
ers, and Receivers under the following conditions: 

• DS26LS31 Quad Differential Driver 

• DS26LS32A Quad Differential Receiver 

• Cable = 100', 24AWG, ^00Q, twp cable 

(Berk-Tek #520382) 

• Driver input signal with f = 500 kHz, 

V,H = 3.0V, V,L = OV, 

Duty cycle = 50% 

• Vcc=5.0V 

• Ta= 25°C 

The cable selected for this testing was supplied by Berk-Tek 
Inc. and represents a typical twisted pair cable commonly 
used in TIA/EIA-422 applications. Additional information on 
cables can be obtained from: 

Berk-Tek Inc. 

132 White Oak Road 
New Holland, PA 17557 
(717) 354-6200 

The RS-422-A standard was developed by the Technical 
Recommendation (TR30.2) TIA/EIA committee on DTE-DCE 
Interfaces. Since publication of the revision A, the EIA (Elec¬ 
tronic Industries Association) has aligned with the TIA (Tele¬ 
communications Industry Association), and future revisions 
and new standards carry the TIA/EIA prefix, replacing the 
familiar “RS” (for Recommended Standard) prefix. Revision 
“B” of RS-422-A is expected in late 1993, and will become 
TIA/EIA-422-B. 
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Common Data 
Transmission Parameters 
and their Definitions 

Overview 

The scope of this application note is to introduce common 
data transmission parameters and to provide their defini¬ 
tions. This application note is subdivided into five sections, 
which are: 

• Voltage Parameters 

• Current Parameters 

• Timing Parameters 

• Miscellaneous Parameters 

• Truth Table Explanations 

Each parameter definition typically includes the following 
information: symbol, full name, description of measurement, 
measurement diagram, and a list of alternate names where 
applicable. Due to historical reasons (Fairchild origin. Na¬ 
tional origin, second sourcing, etc.) some devices use alter¬ 
nate symbols for the same parameters. Whenever possible, 
a list of common alternate symbols is provided for cross 
reference. New and future devices from National’s Data 
Transmission Products Group will use the parameters as 
described in this application note for consistency and clarity 
reasons and to limit confusion. 

This application note will be revised to add new parameters 
as required by new product definition. 

In this application note the following symbols are used in test 
circuit diagrams. The measured parameter symbol repre¬ 
sents a PMU — Precision Measurement Unit located at the 
test points Illustrated in the test circuit. The PMU symbol also 
includes the parameter’s name that is under test. The forced 
condition represents a forced voltage or current which is 
required to make the parameter measurement. Once again, 
it includes the parameter symbol that is being forced. 


= Measured Parameter 


= Forced Condition 

01193201 

Voltage Parameters 

INPUT VOLTAGE PARAMETERS 

VcL—Input Clamp Voltage. An input voltage in a region of 
relatively low differential resistance that serves to limit the 
input voltage swing. 

VcM“ Common Mode Voltage. The algebraic mean of the 
two voltages applied to the referenced terminals, for ex¬ 
ample the receiver’s input terminals. This voltage is refer¬ 
enced to circuit common (ground). This parameter is illus¬ 
trated in Figure 1 along with its mathematical equation. 



National Semiconductor 
Application Note 912 
John Goldie 




FIGURE 1. Common Mode Voltage 

Vqiff—D ifferential Input Voltage. The potential difference 
between the input terminals of the device (receiver) with 
respect to one of the inputs (typically the inverting input 
terminal). This parameter may be a positive or negative 
voltage, and commonly specifies the minimum operating 
voltage and the absolute maximum differential input voltage. 
See Figure Vdiff is also known as V,d for input differential 
voltage. 



GND 


FIGURE 2. Differential Input Voltage 

V,H—High-Level Input Voltage. An input voltage within the 
more positive (less negative) of the two ranges of values 
used to represent the binary variables. For example an input 
voltage between 2.0V and 5.0V in the case of standard TTL 
logic. 

Note: A mininnum is specified that is the least positive value of the high-level 
input voltage for which operation of the logic element within specifica¬ 
tion limits IS guaranteed 

V,L—Low-Level Input Voltage. An input voltage within the 
less positive (more negative) of the two ranges of values 
used to represent the binary variables. For example an input 
voltage between O.OV and 0.8V in the case of standard TTL 
logic. 

Note: A maximum is specified that is the most positive value of the low-level 
input voltage for which operation of the logic element within specifica¬ 
tion limits IS guaranteed 

Vth ■—Positive-Going Threshold Voltage. The voltage 
level at a transition-operated input that causes operation of 
the logic element according to specification, as the input 
voltage rises from a level below the negative-going threshold 
voltage, Vjl- See Figure 3. Note that Vjh has also been 
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Voltage Parameters (Continued) 

used in the past to specifiy both thresholds in one parameter. 
In this case, Vth represents the Threshold Voltages and 
supports a minimum and maximum limit, for example, ±200 
mV. 


Voltage Transfer Curve (VTC) 



FIGURE 3. Threshold Voltages 

Vtl — Negative-Going Threshold Voltage. The voltage 
level at a transition-operated input that causes operation of 
the logic element according to specification, as the input 
voltage falls from a level above the positive-going threshold 
voltage, Vjh- See Figure 3 above 

Vhys — Hysteresis. The absolute difference in voltage value 
between the positive going threshold and the negative going 
threshold. See Figure 4. Hysteresis is the most widely sym¬ 
bolized parameter Alternate symbols include: Vhy. Vy+-VT_, 
Vhyst, AVth, Vth-Vtl, and Vhst- 


VTC Curve 



FIGURE 4. Hysteresis Voltage 


Output Voltage Parameters 

Vqd—O utput Differential Voltage. The output voltage be¬ 
tween the output terminals of a differential driver with input 
conditions applied that, according to the product specifica¬ 
tion, will establish a voltage level at the output. This voltage 
is measured with respect to the inverting output of the differ¬ 
ential driver. Vqd is defined as the voltage at true output (A, 
Dout+. 01' DO) niinus the voltage at the inverting output (B, 
Dqut-. or DO*). Commonly an alpha-numeric suffix is 
added to designate specific test conditions. For example the 
case of different resistive loads. Also a star or over-score 
bar is used with the parameter to designate the parameters’ 


value with the opposite input state applied. This parameter 
has also been designated Terminated Output Voltage (Vy) in 
some datasheets. 



01193206 


FIGURE 5. Vqd Test Circuit 

AVqd—O utput Voltage Unbalance. The change in magni¬ 
tude of the differential output voltage between the output 
terminals of a differential driver with opposite input condi¬ 
tions applied AVqd is defined as: AVod=IVodI-IVod"'I- 
Vqh — High Levei Output Voltage. The output voltage at an 
output terminal with input conditions applied that, according 
to the product specification, will establish a logic high level at 
the output. This voltage is measured with respect to circuit 
common (ground) See Figure 6. 



GND 
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FIGURE 6. Vqh Test Circuit 

VoL—Low Level Output Voltage. The output voltage at an 
output terminal with input conditions applied that, according 
to the product specification, will establish a logic low level at 
the output. This voltage is measured with respect to circuit 
common (ground). See Figure 7 



FIGURE 7. Vql Test Circuit 

Vos—Offset Voltage. The center point output voltage be¬ 
tween the output terminals of a differential driver with input 
conditions applied that, according to the product specifica¬ 
tion, will establish a voltage level at the output. This voltage 
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Output Voltage Parameters 

(Continued) 

IS measured with respect to the driver’s circuit common 
(ground). Commonly a star or over-score bar is used with 
the parameter to designate the parameter’s value with the 
opposite input state applied (see Figure 8). This parameter is 
also referred to as Vqc—C ommon Mode Voltage. 



01193209 


FIGURE 8. Vos Test Circuit 

AVqs —Offset Voltage Unbalance. The change in magni¬ 
tude of the offset voltage at the output terminals of a differ¬ 
ential driver with opposite input conditions applied. AVqs is 
defined as: 

AVos=IVosl-IVos*l- 

Vss—Steady State Output Voltage. The steady state dif¬ 
ferential output voltage is defined as IVodI+IVod*I- This is 
typically a calculated parameter only, based on the formula 
shown above. The Vqd parameter is defined above and 
illustrated in Figure 5. Vgs is equal to twice the magnitude of 
Vqd and is shown in Figure 9. 



FIGURE 9. Differential Output Steady State Voltage 

Vj—Terminated Output Voltage. The output voltage at an 
output terminal with input conditions applied that, according 
to the product specification, will establish a known logic level 
at the output. This voltage is measured with respect to circuit 
common (ground) with a stated resistance, and may be a 
positive or negative voltage. This parameter is typically used 
in conjunction with single-ended (unbalanced) line drivers. 
See Figure 10. 



— GND 
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FIGURE 10. Vt Test Circuit 

AV-r—Terminated Output Voltage Unbalance. The 

change in magnitude of the terminated output voltage at the 
output terminal of a single-ended line driver with opposite 
input conditions applied. AVy is defined as: 

AVt=IVtI-IVt*1. 

Current Parameters 

Note: Current is specified as magnitude value only, with the sign denoting the 
current direction only A negative sign defines current flowing out of a 
device pm, while a positive sign defines current flowing into a device 
pin The largest current limit is specified as a maximum, and zero (0) 
by default is the smallest minimum All future DTP datasheets will 
follow this convention, and only some existing datasheets follow this 
convention 

liH—High-Level Input Current. The current into (out of) an 
input when a high-level voltage is applied to that input. Note 
that current out of a device pin is given as a negative value. 
Typically this parameter specifies a positive maximum value 
for bipolar devices. 

I,L—Low-Level Input Current. The current into (out of) an 
input when a low-level voltage is applied to that input. Note 
that current out of a device pin is given as a negative value. 
I, — Maximum Input Current. The current into (out of) an 
input when the maximum specified input voltage is applied to 
that input. Note that current out of a device pin is given as a 
negative value. 

liN—Input Current. The current into (out of) a receiver input 
when a specified input voltage, or voltage range is applied to 
that input. Note that current out of a device pin is given as a 
negative value. This parameter is typically tested at the 
maximum voltage specified for the input. For differential 
receivers the other input (not under test) is held at OV (in the 
case of RS-422/3 and 485 receivers). 

•iNG—Input Current, Power Up Glitch. The current into 
(out of) an input when a specified input voltage, or voltage 
range is applied to that input. Note that current out of a 
device pin is given as a negative value. This parameter 
applies to transceivers (RS-485) only, and is actually speci¬ 
fying the driver’s performance at a specific power supply 
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Current Parameters (Continued) 

level. Additionally the driver is biased such that it is enabled, 
with the specified power supply voltage applied. This param¬ 
eter assures that the driver is disabled by an internal circuit 
at the specified power supply level, even though the enable 
pin is active. If the driver was enabled, Iqs current would be 
observed, instead of the combined measured current of 
driver TRI-STATE® leakage (Iqz) plus receiver input current 
(Iin). For example Vcc=3.0V is commonly referenced to 
represent a single point in a power up/down cycle (See 
AN-905 for more information on this parameter). 

Iqs—O utput Short Circuit Current. The current into (out 
of) an output when that output is short-circuited to circuit 
common (ground) or any other specified potential, with input 
conditions as noted, typically such that the output logic level 
IS the furthest potential from the applied voltage. This param¬ 
eter commonly includes an identifying suffix. For example 
Iqsd represents the output short circuit current of a driver, 
while Iqsr represents the receiver’s output short circuit cur¬ 
rent. Output short circuit current is also designated by the 
following symbols: lo+, Isc. Is- See Figure 11. 



— GND 
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FIGURE 11. Iqs Test Circuit 

ioz—TRI-STATE Output Current. The current into (out of) 
a TRI-STATE output having input (control) conditions applied 
that, according to the product specification, will establish a 
high impedance state at the output. This parameter com¬ 
monly includes an identifying suffix. For example, Iqzd rep¬ 
resents the TRI-STATE output current of a driver, while Iqzr 
represents the receiver’s TRI-STATE output current. In ad¬ 
dition Iqzh srid Iqzl are also commonly used and denote the 
forced voltage (logic) level. See Figure 12. 


— GND 

01193213 

FIGURE 12. loz Test Circuit 

iox—Power Off Leakage Current. The current flowing into 
(out of) an output with input conditions applied that, accord¬ 
ing to the product specification, will establish a high imped¬ 
ance state at the output. Commoniy a known state is re¬ 
quired on the power supply pin as an input condition. For 


example, power supply terminal (Vqq) equal to zero volts 
may be a required condition of an Iqx parameter. See Figure 
13. 


— GND 

01193214 

FIGURE 13. Iox Test Circuit 

Iqd —Differentiai Output Current. The current flowing be¬ 
tween the output terminals of a differential line driver with an 
external differential load applied that, according to the prod¬ 
uct specification, will establish a known state at the output. 
See Figure 14. 



- GND 


01193215 

FIGURE 14. Differential Output Current 

loH—High-Level Output Current. The current into (out of) 
an output terminal with input conditions applied that, accord¬ 
ing to the product specification, will establish a logic high 
level at the corresponding output. Note that current out of a 
terminal Is given as a negative value. 

Iql—L ow-Level Output Current. The current into (out of) 
an output terminal with input conditions applied that, accord¬ 
ing to the product specification, will establish a logic low level 
at the corresponding output. Note that current out of a ter¬ 
minal IS given as a negative value. 

Ice—Supply Current. The current into the Vqc supply ter¬ 
minal of the integrated circuit. Normally the parameter is 
measured with all loads removed. It may also include a suffix 
that denotes that state of the device. For example: 
lccD= Power Supply Current 

(drivers enabled, receivers disabled) 

•ccR= Power Supply Current 

(receivers enabled, drivers disabled) 

•ccz= Power Supply Current 

(drivers and receivers disabled) 

•ccx= Power Supply Current 

(sleep or shutdown mode) 

Iee—S upply Current. The current into the Vee supply ter¬ 
minal of the integrated circuit. Normally the parameter is 
measured with all loads removed. It may also include a suffix 
that denotes that state of the device. Note that current out of 
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Current Parameters (Continued) 

a terminal is given as a negative value. For example: 

•eed= Power Supply Current 

(drivers enabled, receivers disabled) 

Ieer= Power Supply Current 

(receivers enabled, drivers disabled) 

Ieez= Power Supply Current 

(drivers and receivers disabled) 

Ieex= Power Supply Current 

(sleep or shutdown mode) 

Timing Parameters 

tpLH—Propagation Delay Time, Low-to-High-Level Out¬ 
put. The time between specified reference points on the 
input and output voltage waveforms with the output changing 
from a logic low level to a logic high level. 
tpHL"~ Propagation Delay Time, High-to-Low-Level Out¬ 
put. The time between specified reference points on the 
input and output voltage waveforms with the output changing 
from a logic high level to a logic low level. 
tsK—Propagation Delay Skew. The magnitude difference 
between complementary propagation delays. Skew is de¬ 
fined as ItpLH-tpHLi- This specification is a per channel pa¬ 
rameter unless specified otherwise. 
tpi_HD—Differential Propagation Delay Time, 

Low-to-High-Level Output. The time between specified ref¬ 
erence points on the input and output differential voltage 
waveforms with the output changing from a logic low level to 
a logic high level. 

^PHLD—Differential Propagation Delay Time, 

High-to-Low-Level Output. The time between specified ref¬ 
erence points on the input and output differential voltage 
waveforms with the output changing from a logic high level to 
a logic low level. 

tsKD—Differential Propagation Delay Skew. The magni¬ 
tude difference between complementary differential propa¬ 
gation delays. Skew is defined as ItpLHD-fpHLol- This speci¬ 
fication is a per channel parameter unless specified 
otherwise. 

tpzH—Output Enable Time. The propagation delay time 
between the specified reference points on the input (control) 
and output voltage waveforms with the TRI-STATE output 
changing from a high impedance (off) state to a logic high 
level. 

tpzL—Output Enable Time. The propagation delay time 
between the specified reference points on the input (control) 
and output voltage waveforms with the TRI-STATE output 
changing from a high impedance (off) state to a logic low 
level. 

tpHz—Output Disable Time. The propagation delay time 
between the specified reference points on the input (control) 
and output voltage waveforms with the TRI-STATE output 
changing from logic high level to a high impedance (off) 
state. 

tpLz—Output Disable Time. The propagation delay time 
between the specified reference points on the input (control) 
and output voltage waveforms with the Tl=ll-STATE output 
changing from logic low level to a high impedance (off) state. 
tpsH“ Propagation Delay Time, Sleep-to-High-Level 
Output. The propagation delay time between the specified 


reference points on the input (control) and output voltage 
waveforms with the output changing from an off state to a 
logic high level. 

tpsL—Propagation Delay Time, Sleep-to-Low-Level Out¬ 
put. The propagation delay time between the specified ref¬ 
erence points on the input (control) and output voltage wave¬ 
forms with the output changing from an off state to a logic 
low level. 

tpHs—Propagation Delay Time, High-Level Output to 
Sleep. The propagation delay time between the specified 
reference points on the input (control) and output voltage 
waveforms with the output changing from logic high level to 
an off state. 

tpLs—Propagation Delay Time, Low-Level Output to 
Sleep. The propagation delay time between the specified 
reference points on the input (control) and output voltage 
waveforms with the output changing from logic low level to 
an off state. 

Xf —Rise Time. The time between two specified reference 
points on an input waveform, normally between the 10% and 
90% or the 20% and 80% points, that is changing from low to 
high. Note, also commonly specified as transition time (It-lh)- 
tf —Fall Time. The time between two specified reference 
points on an input waveform, normally between the 10% and 
90% or the 20% and 80% points, that is changing from high 
to low. Note, also commonly specified as transition time 

(tTHL)- 

trLH—Transition Time Low to High. The time between two 
specified reference points on an input waveform, normally 
between the 10% and 90% or the 20% and 80% points, that 
IS changing from low to high. Note, also commonly specified 
as rise time (t^). 

txHL—Transition Time High to Low. The time between two 
specified reference points on an output waveform, normally 
between the 10% and 90% or the 20% and 80% points, that 
is changing from high to low. Note, also commonly specified 
as fall time (tf). 

t^w—Noise Pulse Width. The width in time of a pulse 
applied to a device. The parameter is commonly specified 
with receivers that feature low pass noise filters. tNw is the 
pulse width assumed to be noise and guaranteed to be 
rejected. 

Miscellaneous Parameters 

SR—Slew Rate. The time between two specified reference 
points on an output waveform, normally between the ±3V 
level for TIA/EIA-232 (RS-232) drivers, divided by the volt¬ 
age difference. Note, this parameter is normally specified in 
Volts per microsecond (V/ps). A suffix may be added to 
denote different loading conditions. 

R,n—I nput Resistance. The slope of the input voltage vs. 
input current curve of an input when a specified voltage 
range is applied to that input and the current is measured. 
Note, that two points must be measured for the parameter to 
be calculated correctly as R,n is defined as AV/AI not V/l. 
Rout—O utput Impedance. The resulting output imped¬ 
ance calculated from measured currents at applied voltages. 

Truth Table Explanantions 

Symbols generally associated with functional truth tables are 
listed below: 

H or 1 = Logic High Level (steady state) 
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Truth Table Explanantions (Continued) 

L or 0 = Logic Low Level (steady state) 

Z = TRI-STATE® (high impedance off state) 

X = irrelevant (input, including transitions) 
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Understanding Power 
Requirements in RS-232 
Appiications 

Introduction 

As the popularity of asynchronous serial communication be¬ 
came widely accepted by the industry, the RS-232 standard 
gained very wide acceptance. The use of this standard is 
visibie in aimost all Industrial, Portable, Desktop, Data Ac- 
quistion and Test Measurement applications using a serial 
port for communication. Even though the standard specifies 
a maximum data rate for RS-232 of 20 kbps, some applica¬ 
tions need for higher speed is overwheiming. More and more 
applications today require at least 120 kbps to support 
Laplink®, a popular communication software used by 
Laptop/Desktop computers for fast file transfer between two 
computers. RS-232 type Drivers and Receivers must also 
support this higher data rate to be Laplink compatible. 

This application note covers the RS-232 circuit functions, an 
explanation of hardware handshaking, a step by step analy¬ 
sis of the hardware handshaking between a local and remote 
terminal, and power requirements/dissipation of the 
DS14C335. 

RS-232 Handshaking Circuits 

In a Terminal (DTE-Data Terminal Equipment) to Modem 
(DCE-Data Circuit Terminating Equipment) application, as 
shown in Figure 2, commonly only eight dedicated lines are 
required. Even though the standard defines a 25 pin connec¬ 
tion, the de-facto 9 pin connector is very popular. These lines 
are DCD, RXD, TXD, DTR, DSR, RTS, CTS, Rl and GND 
and are shown in Figure 1. Lets take a quick iook at these 
dedicated lines along with their respective functions. Note 
that ON is defined as a positive voltage and OFF is a 
negative voltages on the cable. 
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FIGURE 1. Direction of Flow from DTE/DCE 


DCD: Data Carrier Detect (DCE to 
DTE) 

When this circuit is OFF iocally, it indicates to the local 
terminal that the remote DTE has not switched its RTS circuit 
ON yet and the local terminal can gain control over the 
carrier line if needed. When this circuit is ON iocally, it 
indicates to the local terminal that the remote modem has 
received a RTS ON condition from its terminal and the 
remote DTE is in control over the carrier line. 

RXD: Receive Data (DCE to DTE) 

Receive data circuit from modem to DTE. 

TXD: Transmit Data (DTE to DCE) 

Transmit data circuit from DTE to modem. 



DTR: Data Terminal Ready (DTE to 
DCE) 

The DTR pin is generally ON when the terminal is ready to 
establish communication channel through its modem. By 


keeping the DTR circuit ON the DTE lets an “auto answer” 
modem accept the call unattended. The DTR circuit is OFF, 
only when the DTE does not want its modem to accept calls 
from remote locations. This is known as iocal mode. 
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DSR: Data Set Ready (DCE to DTE) 

Both modems switch their DSR circuit ON when a commu¬ 
nication path has been established between the two sites 
(local and remote modem). 

RTS: Request To Send (DTE to 
DCE) 

When a terminal is ready to transmit data, it switches the 
RTS circuit ON, indicating to the local modem that it is ready 
to transmit data. This information also gets passed to the 
remote modem. The RTS line controls the direction of data 
transmission. During transmit mode, the line is ON and 
during receive mode it’s OFF. 

CTS: Clear To Send (DCE to DTE) 

When CTS swicthes ON, the local modem is ready to re¬ 
ceive data from its DTE and the local modem has control 
over the telephone lines for data transmission. 

Rl: Ring Indicator (DCE to DTE) 

When the modem receives a call, the Rl circuit switches 
ON/OFF in sequence with the phone ringing informing the 
DTE that a call is coming in. This indicates that a remote 
modem is requesting a dial-up connection. 

GND 

Ground, signal common. 

Hardware Handshake Flow 

A step by step analysis of handshaking illustrates how each 
circuit IS used to establish communication between a local 
and a remote site. To keep the subject simple, assumption 
has been made that transmission is from Local to Remote 
only. 


DTR 

(Local & Remote) 
Rl 

(Remote) 

DSR 

(Local & Remote) 

RTS 

(Local) 

DCD 

(Local & Remote) 

CTS 

(Local) 

TXD 

(Local) 

RXD 

(Remote) 


FIGURE 3. Graphical Illustration of Hardware Handshaking 
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1. Local DTE switches DTR ON and local modem dials the 
phone number of the remote modem. 

2. If DTR at remote location is ON, the remote modem’s Rl 
turns ON/OFF in sequence with the phone ringing, indi¬ 
cating a call coming in. 

3. The remote modem returns an answer-back tone to the 
local modem Upon detection of this tone, the local 
modem and the remote modem establishes the on-line 
connection. At this point both modems switch their DSR 
pins ON indicating that a connection has been estab¬ 
lished. 

4. The local DTE switches RTS ON indicating that it is 
ready to send data. This signal gets passed on to the 
remote modems DCD circuit. 

5. The local modem checks to make sure that local DCD is 
OFF, which indicates that the remote modem is not in 
control of the carrier line. 

6. The local modem then switches CTS ON to the local 
DTE to inform that it can start sending data. Locally the 
DCD circuit stays OFF. On the remote modem DCD 
stays ON. RTS is held ON by the local DTE throughout 
the duration of the connection. 

7. The local DTE sends data through TXD to modem for 
transmittal. 

8. The remote modem receives the data and sends the 
data to Its terminal via the RXD circuit. 

9. When data transmittal is finished, local DTE drops RTS, 
which drops the DCD at remote modem and CTS at 
local modem. Transmission of data can be discontinued 
by hanging up the phone line, by the DTE dropping its 
DTR circuit, by disconnecting the modem cable from the 
DTE. 

10. Now, either DTE is ready to start all over again and gain 
control of the telecommunication line. 
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Hardware Handshake Flow (Continued) 

From the above explanations, in half-duplex communication, 
we can derive that in transmit mode, only one driver (TXD) Is 
switching (up to 120 kbps) while the other drivers/receivers 
are at some known steady state (not switching). Similarly, on 
a receive mode, only one receiver (RXD) is switching while 
other lines maintain known steady state levels. 

Power Consumption 

Based on the above observations, lets determine how Iqq, 
frequency, internal/external capacitance and load resistance 
play a role in power consumption for the DS14C335. Total 
power consumption is the static and the dynamic power 
combined. CMOS devices typically consume minimal power 
in a static condition. This can be calculated simply by multi¬ 
plying Ice with Vec- 

Under a loaded condition, the external loading of the driver 
directly effects the power dissipation of the device and ap¬ 
plication. The RS-232 driver is normally connected to a cable 
and a receiver at the far end. Since the transition time of the 
driver is set to be substantially longer than the cable delay, 
the cable load represents a lumped capacitive load and a 
series resistance. The series resistance on short cables (< 
200 feet) can be neglected since it is very small compared to 
the receiver input resistance. This means the cable may be 
modeled as a lumped capacitive load equal to the capaci¬ 
tance per unit length multiplied by the length of the cable. 
1000 pF is commonly used to represent a 20 foot cable, and 
2500 pF is used as the maximum specified cable load. The 
receiver input resistance is specified to be between 3 kQ and 
7 kQ, 5 kQ is used as a typical, and 3 kQ is the worst case 
from a power point of view. This equivalent load is illustrated 
in Figure 4. 


v+ 
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FIGURE 4. Load Seen by the Driver 

Where: Rg = Cable series resistance. 

Cl = Cable load capacitance. 

Rin = Input resistance of the Receiver. 

A channel that is in a steady state is loaded by the receivers 
input impedance since the cable capacitance has charged 
up. The output current of the driver is determined by the 
output voltage of the driver (Vqh or Vql) divided by the input 
resistance of the receiver. For example, a 7V level, across 
the 3 kO. load, requires 2.3 mA. 

Dynamic power consumption has three major components. 
The switching current (spike current, also commonly called 
Conduction Overlap Current) during transitions, external 
load resistance and external load capacitance transient dis¬ 
sipation. 

When the voltages to an NMOS/PMOS pair are in transition, 
both transistors turn on partially, creating a relatively low 
impedance path between the supply rails (V+ and V-). This 
is known as simultaneous conduction and is illustrated in 
Figure 5. As input frequency increases, the period de¬ 
creases. At some point the output transistors fail to charge 
and discharge fully causing both upper and lower output 
transistor to stay on momentarily. This simultaneous conduc¬ 
tion increases Iqc the input signal’s frequency is in¬ 
creased. 

The charging and discharging of the large load capacitance 
Cl contributes to power consumption as well. The external 
load capacitance increases power in the same manner as 
the internal capacitance. A channel that is switching at speed 
is affected by all the components described previously. 
These new components contribute to the increased output 
current sourced or sunk by the driver to charge or discharge 
the capacitive load. This component of the load current will 
increase if the external capacitance is increased and also if 
the switching rate of the device is increased. 
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Power Consumption (Continued) 



FIGURE 5. Simultaneous Conduction and Ice 


DS14C335 and Power 
Consumption 

National’s DS14C335 is a 3 X 5 Driver/Receiver combination 
providing a one-chip solution for a 9 pin RS-232 DTE appli¬ 
cation. Figure 6 shows a worst case situation where all 3 
drivers and 5 receivers are switching under different loading 
conditions. Under this worst case condition, at 10 kHz 
(20 kbps), supply current is 30 mA (2500 pF). Under a no 


load condition, supply current stays relatively flat. Figure 7 
shows a true RS-232 application where one driver (TXD) is 
switching while the other two are driver (DTR and RTS) 
remain High (loaded) as shown in Figure 3. At 10 kHz, 
supply current reads 26 mA (2500 pF), under this real world 
RS-232 application. Decreasing the capacitive load also de¬ 
creases the supply current as shown in Figure 7. Figure 8 
illustrates one receiver (RXD) switching. Supply current is 
almost constant under this operating condition. 
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DS14C335 and Power 
Consumption (Continued) 


DS14C335 Supply Current vs Frequency vs Driver 
Loads 



1 10 100 
f - Frequency (kHz) 
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FIGURE 6. All Driver and Receiver Switching 


DS14C335 Supply Current vs Frequency vs Driver 
Loads 
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FIGURE 7. One Driver (TXD) Switching 


DS14C335 Suppiy Current vs Frequency (Receiver) 
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FIGURE 8. One Receiver (RXD) Switching 

Looking at the Supply Power vs Data Rate {Figure 9) we can 
see that under multipie driver switching and at a maximum 
data rate of 120 kbps, the supply power is 120 mW (2500 pF 
load). With one driver switching and the other two driver 
output at High (RS-232 Application), the supply power at 
maximum data rate of 120 kbps drops to 103 mW (2500 pF 
load). 


DS14C335 Suppiy Power vs Data Rate 
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FIGURE 9. Supply Power vs Data Rate 

The DS14C335 also offers a SHUTDOWN (SD) feature 
where the device can be de-activated by applying a logic 
High on the SD pin. This will lower the supply current to less 
than 1 pA (typical). In addition, in this mode one receiver 
(R5) remains active to monitor Rl (Ring Indicator). This 
active receiver can sense incoming calls and inform the 
power management circuit to activate the device. SHUT¬ 
DOWN mode saves battery life when the serial port is not 
used. In this mode, power dissipation is only 3.3 pW allowing 
battery charge to be used by other active circuitry. 

other Industry Standards (RS-232) 

RS-562 is another standard that is gaining popularity in the 
Industry. RS-562 is compatible to RS-232, however, there 
are some trade-offs. Table 1 illustrates a comparison and the 
major differences between the two standards. 
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other Industry Standards (RS-232) (Continued) 


TABLE 1. Comparison and Major Differences between RS-232 and RS-562 


Specifications 

RS-232 

RS-562 

Mode of Operation 

Single-ended 

Single-ended 

Receiver Input 

Resistance (Q) 

3 ka to 7 ka 

3 kQ to 7 kQ. 

Receiver Sensitivity 

±3V 

±3V 

Driver Output Current 
(Powered Off, ±2V) 

±6.67 mA (3000) 

±6.67 mA (300i^) 

Driver Output Short 

Circuit Current Limit 

<100 mA 

<60 mA 

Number of Drivers and 

1 Driver 

1 Driver 

Receivers Allowed 

1 Receiver 

1 Receiver 

Max Cable Length 

~50’ (2500 pF) 

2500 pF (20 kbps) 

1000 pF (64 kbps) 

Max Data Rate 

20 kbps 

64 kbps 

Driver Output 

±5V Min 

±3.7V Min 


±15V Max 

±13.2V Max 

Driver Load 

3 kfl to 7 kQ 

3 kfi to 7 ka 

Driver Slew Rate 

<30 V/ps 

<30 V/ps 


Even though RS-562 standard specifies data rates greater 
than RS-232, the DS14C335 (RS-232) far exceeds the 
64 kbps of RS-562. The most significant difference between 
the two standards is the noise margin. As shown in 
Figure 10, RS-232 devices have a noise margin of 2V or 
greater. Typically for DS14C335, the noise margin is 4.5V 


(7.5V - 3V) whereas RS-562 has a noise margin as low as 
700 mV (3.7V - 3V). A lower noise margin (RS-562) means 
limited rejection of external noise, crosstalk and ground po¬ 
tential differences which can all commonly occur in RS-232 
type communication. 



FIGURE 10. Noise Margin Comparison 


Conclusion 

Design Engineers are plagued with ground shift, noise prob¬ 
lems and a noise margin of only 700 mV is not acceptable in 
many applications. RS-232 guarantees a 2V noise margin 
and Nationals DS14C335 is the preferred choice for appli¬ 
cations requiring data rates pushing 120 kbps. Also, we have 
observed that in a half-duplex RS-232 DTE to DCE applica¬ 
tion, the supply current of the device is lower than simulta¬ 
neous switching of all drivers and receivers as the applica¬ 
tion only requires one driver (TXD) or one receiver (RXD) 
switching at a time while the rest of the drivers/receivers 
maintain known steady state levels. Along with the power 


dissipation calculations, a discussion of the SHUTDOWN 
feature was also presented. This SHUTDOWN mode is 
highly desirable for any application that is battery powered, 
as it saves battery charge when the serial port is inactive. 
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Automotive Physical Layer 
SAE J1708 and the 
DS36277 
Introduction 

Multiplex (MUX) wiring, or networking, has been introduced 
in automotive applications to address the increase in com¬ 
plexity and the number of onboard electronic devices in 
automobiles. Both standardized and proprietary solutions 
exist to address these issues. A standardized approach may 
be more desirable as cost and interoperability become im¬ 
portant factors to consider for all original equipment manu¬ 
facturers including automobile manufacturers. 

The purpose of this application note is to give a general 
understanding of the J1708 recommended practice (SAE 
J1708) and the DS36277 transceiver which is optimized for 
use with SAE J1708. Additionally, this application note ex¬ 
plains the significant differences between the DS36277 and 
a standard RS-485 transceiver, the DS75176B. 

Explanation of Terms 

Dominant Mode—This is a mode of operation in which one 
logic state is dominant over any other state on the bus. 
Listen Mode—This is a mode of operation in which a re¬ 
ceiver is always active (assuming the device is powered) 
and Its output is always in a known state. 

Definition of TIA/EIA-485 and SAE 
J1708 

This section explains the definition of TIA/EIA-485 (RS-485) 
and SAE J1708. However, this section does not explain the 
electrical characteristic specifications of RS-485 or SAE 
J1708. The provisions for SAE J1708 will be discussed in the 
next section and for a brief definition of the RS-485 electrical 
specifications, refer to National application note AN-216. 
First, RS-485 is an interface standard that specifies only 
electrical characteristics for balanced multipoint interface 
circuits. A complete interface standard will specify electrical, 
mechanical, and functional characteristics as does the popu¬ 
lar interface standard TIA/EIA-232-E (see Table 1). Second, 
SAE J1708 specifies only the functional characteristics for 
balanced interface circuits. RS-485 is referenced by SAE 
J1708 for its electrical specifications but with a few modifi¬ 
cations. Thus, the end designer of a SAE J1708 application 
must specify their own mechanical connections. 


TABLE 1. Definition of RS-485 and SAE J1708 



Mechanical 

Functional 

Electrical 

TIA/EIA-485 




SAE J1708 



REF. RS-485 

TIA/EIA-232-E 
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The SAE Recommended Practice 
J1708 

The Society of Automotive Engineers (SAE) has defined this 
recommended practice for serial data communications be¬ 
tween microcomputer systems in heavy duty vehicle appli¬ 
cations. It IS also well suited to passenger car applications 
(as shown in Figure 1) and many non-automotive uses. The 
bus is expected to be used for sharing data. An applications 
document, like SAE J1587 or SAE J1922, defines the actual 
data and/or functions to be transmitted. SAE J1708 only 
defines the hardware and basic software. 




FIGURE 1. Automobile Controls on a SAE J1708 Bus 

The physical media is a two-wire bus using 18-gauge twisted 
pair with a minimum of 1 twist per inch. The maximum length 
IS intended to be 40m. A maximum of 20 nodes is specified. 
Deviations from this must be carefully analyzed to determine 
impact on bus performance over the entire operating range. 
Each node may access the bus randomly once the bus is 
idle for a predetermined access time. If two or more nodes 
attempt to access the bus at the same time, the contending 
nodes must arbitrate for the bus. Arbitration is determined by 
priority, which is set between 1 (top priority) and 8. An 
applications document shall reference SAE J1708 and de¬ 
fine the priority associated with each message. Since there 
can be up to 20 nodes, it is possible for two contending 
nodes to have the same priority. When contention exists 
between two or more nodes, arbitration is determined by the 
bus access time. This is the time a node is required to wait 
before it can attempt to access the bus. 

The protocol is consistent with standard UART operation. A 
message consists of a Message Identification character 
(MID), a data character(s) and a checksum character. The 
total message length should not exceed 21 characters. A 
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The SAE Recommended Practice 
J1708 (Continued) 

character is defined as 10 bits: the first bit is aiways the start 
bit (iogic level LOW), followed by eight bits of data and, the 
tenth bit is the stop bit (logic level HIGH) (see Figure 2). 
The bit timing equates to a baud rate of 9600. The logic LOW 
and HIGH levels are encoded as “dominant” and “recessive” 
which will be described later. The hardware is defined by the 
RS-485 standard for its electrical characteristics, with some 
exceptions and modifications. 

"~ \stary^ Stop 

01193602 

FIGURE 2. Character Format 

J1708 Bus Loading 

The recommended implementation for a SAE J1708 load is 
shown in Figure 3. The recommended implementation for a 
SAE J1708 system using a standard RS-485 transceiver, 
such as the DS75176B (see Figure 4), is shown in Figure 7. 
The circuitry between the bus and the transceiver differs 
from RS-485 and is intended to provide several features; 

• R1 and R2 provide the bias for the “recessive” state. 

• Cl and C2 combine to form a 6 MHz low pass filter, 
effective for reducing FM interference. 

• R2, Cl, R4 and C2 combine to form a 1.6 MHz low pass 
filter, effective for reducing AM interference. 

• Since the bus is unterminated, at high frequencies R3 
and R4 perform a pseudo-termination. This makes the 
implementation more flexible as no specific “termination 
nodes” are required at the ends of the bus. 

The resistor and capacitor values are as follows and are 
shown in Figure 3: 

Resistor 1 and 2 (R1 and R2)— 4.7 kQ 
Resistor 3 and 4 (R3 and R4)— 47Q 
Capacitor 1 and 2 (Cl and C2)— 2.2 nF 


\ 



— GND 


J1708 LOAD 
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FIGURE 3. Node Load Circuit 
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FIGURE 4. The DS75176B in a SAE J1708 Appiication 

Dominant Mode 

The drivers used by SAE J1708 are used in a dominant 
mode application. The driver’s input (Dl) is tied LOW and the 
signal (Tx) to be transmitted is tied to the driver’s enable. 
The enable (DE) is active HIGH for the DS75176B while the 
enable (DE*) for the DS36277 is active LOW. First, this 
information is very important because this teiis us that the 
driver is only capable of driving LOW. Therefore, a logic level 
LOW is encoded as “dominant”. When the driver is disabled, 
the bus is pulled high by externai bias resistors R1 and R2 
(as shown in Figure 3). Thus, a logic level HIGH is encoded 
as “recessive”. Second, if the driver’s enable is active LOW, 
then you will transmit positive logic. But, if the driver’s enable 
is active HIGH you will transmit negative logic. SAE J1708 is 
oniy defined for positive logic. Therefore, to implement a 
SAE J1708 application using DS75176B, which has an ac¬ 
tive HIGH driver enable, an inverter is needed for the driver 
enable (see Figure 4 and Figure 6 ). However, the active 
LOW driver enable pin on the DS36277 saves the user an 
externally needed inverter (see Figure 5). 
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Dominant Mode (Continued) 
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FIGURE 5. The DS36277 in a SAE J1708 Application 

In the case of a SAE J1708 application, a logic LOW can 
overwrite a logic HIGH. Thus, if contention exists between 
two drivers with transmitting signals (Tx) in opposite states, 
the driver driving the “dominant” state wins. 



01193606 


FIGURE 6. Typical SAE J1708 System Block Diagram 

SAE J1708 requires all receivers to listen to every message 
identification character transmitted to determine if contention 
exists. Unlike the driver, the receiver’s enable (RE*) is al¬ 
ways tied LOW (see Figure 4 and Figure 5). This means the 
receiver is always in listen mode (see Explanation of Terms). 
The external components shown in Figure 3 provide the 
necessary bias for a logic High “recessive” state. SAE J1708 
requires no additional external components other than the 
J1708 load. This means that no parallel termination can be 
used at the ends of the SAE J1708 bus. The required loading 
also provides failsafe protection. 

Features of the DS75176B 

The DS75176B offers full compliance with the RS-485 stan¬ 
dard and it is compatible with RS-422 and V.11. The device 
is available with industrial temperature range. Additionally, a 
thermal shutdown circuit protects the device against thermal 
overstress due to excessive power dissipation. Furthermore, 
the receiver has failsafe protection. However, the receiver’s 
output is only guaranteed to be in a logic HIGH state for an 
open input line condition. The receiver also has ±200 mV 
threshold levels. The driver has an active HIGH enable while 
the receiver has an active LOW enable. 



FIGURE 7. SAE J1708 Typical Bus Configuration and Loading 
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Features of the DS36277 

The DS36277 is optimized for use with SAE J1708 electrical 
applications and the device is still compatible with RS-485, 
RS-422, and V.11 standards. Like the DS75176B, the device 
is available with industrial temperature range. Also the de¬ 
vice Includes thermal shutdown protection; plus the receiver 
has failsafe protection. Additionally, the receiver has full 
failsafe defenses that includes shorted and terminated line 
fault/conditions as well as open line conditions. The receiv¬ 
er’s output is guaranteed to be in a logic HIGH state for all 
three line fauits/conditions. The receiver’s OV to -500 mV 
threshold provides the protection from shorted line faults. 
Unlike the DS75176B, both the driver and the receiver have 
an active LOW enable. 

The DS36277 also has a very rugged ESD structure that 
allows it to withstand electrostatic discharges (ESD) up to 
7 kV (HBM). The device is also available in SOIC as well as 
DIP packages. 

Conclusions 

Selecting an established physical layer such as J1708 can 
eliminate many of the challenges of designing a serial com¬ 
munications system. The dominant mode operation allows 
for a non-destructive arbitration scheme. 

J1708 is based on RS-485 electrical specifications and 
therefore benefits from the ruggedness, low cost and avail¬ 
ability of compliant ICs already on the market. 


The DS36277 transceiver has been optimized for J1708. It 
provides failsafe protection against bus faults and eliminates 
the need for an external inverter. 

This application note provides a brief oven^iew of the recom¬ 
mended practice and the interface standard. It is highly 
recommended to carefully review the complete documents. 
The documents can be obtained from: 

SAE, 400 Commonwealth Dr. 

Warrendale, PA 15096-0001 
Global Engineering Documents 
2805 McGraw Avenue 
P.O. Box 19539 
Irvine, CA 92174 
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Popular Connector Pin 
Assignments for Data 
Communication 

introduction 

This application note provides a graphical reference to popu¬ 
lar connector pin assignments (pin outs) that are commonly 
used in telecom and computing applications. 

In the field of data communication, the cable and connector 
play a critical part in the system’s performance along with the 
line driver and receiver integrated circuits. Together the com¬ 
ponents (PCBs, ICs, cables, and connectors) form a chan¬ 
nel, which all information must pass through. This channel 
forms a true chain, and a fault in any link may break the 
chain. 

As stated in the introduction, this application note focuses on 
the connectors, and more specifically the pin assignments of 
the connectors. When equipment is built by a manufacturer 
and is intended to interwork with equipment from different 
manufacturers the use of an industry standard is critical. To 
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FIGURE 1. RS-232 DB-25 


Secondary Transmitted Data 
Transmitter Signal Element Timing 
Secondary Received Data 
Receiver Signal Element Timing 
Local Loopback 
Secondary Request To Send 
DTE Ready 

Remote Loopback/Sig. Quality Det. 

Ring Indicator 
Data Signal Rate Selector 
Transmit Signal Element Timing 
Test Mode 



National Semiconductor 
Application Note 917 
John Goldie 
Syed Huq 


properly inter-operate, the two pieces of equipment must 
support the same protocol (functional specifications), electri¬ 
cal levels, mechanical dimensions of the connector, and 
most importantly the connector’s pin assignment. Since in¬ 
dustry standards, TIA/EIA (Telecommunications Industry 
Association/Electronic Industries Association) for example, 
commonly specify or reference all three areas. Functional, 
Electrical, and Mechanical specifications, the chance of suc¬ 
cess is greatly increased when hooking up the two pieces of 
equipment. 

A substantial amount of standardization work has been done 
in the telecommunications and computing area for interface 
standards. In addition to the connector pin outs, this appli¬ 
cation note also provides a short description of the standard 
or historical perspective. The reader is referenced to the 
actual standards from complete information on the standard. 
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FIGURE 2. RS-232 ALT-A 


RS-232 

RS-232 IS one of the most popular interface standards in the 
world. Originally intended for DTE/DCE interfacing, this stan¬ 
dard has been used in a wide range of applications including 
telecom, computing, test and measurement, and industrial 
control applications. Now in its fifth revision (E), RS-232 is 
still very popular, and new devices (line drivers and receiv¬ 
ers) are being developed to support the standard. The cor¬ 
rect name of the standard is EIA/TIA-232-E which has re¬ 
placed the more common RS-232 nomenclature. This 
standard specifies two connectors, the standard DB-25, also 
a new smaller alternate connector with 26 pins. The original 
version of RS-232 dates back to the early 1960s and is 
known as a complete standard as it specifies all functional, 
electrical, and mechanical specifications. There is also a 
very popular 9 pin defacto version of this standard commonly 
employed on personal computers that was developed by 
IBM®. The two full (25 line) connector pin outs are shown on 


Figure 1 and Figure 2. See Figure 7 for an illustration of the 
defacto 9 pin implementation, now standardized as EIA/ 
TAI-574. 

RS-449 

RS-449 was intended to replace RS-232 at one time. It also 
specifies a DTE/DCE interface, but references the RS-422-A 
and RS-423-A standards for electrical specifications. This 
standard specified a DB-37 pin connector along with an 
additional DB-9 pin connector when additional lines were 
required. The 37 pin connector proved too large for many 
applications and limited the acceptance of this interface. 
RS-449 is mainly found in high-end telecom applications but 
rarely elsewhere. It has been replaced with a new standard 
that specifies the common DB-25 connector (EIA/ 
TIA-530-A). The pin out of the DB-37 pin connector is shown 
In Figure 3. 


www.national.com 


7-142 




RS-449 (Continued) 


DB-37 


Send Common 
Standby Indicator 
Terminal Timing (B) 
New Signal 
Signal Quality 
Select Standby 
Receiver Ready (B) 
Terminal Ready (B) 
Data Mode (B) 
Terminal In Service 
Clear To Send (B) 
Receive Timing (B) 
Request To Send (B) 
Receive Data (B) 
Send Timing (B) 
Send Data (B) 
Unassigned 
Receive Common 



Signal Ground 
Test Mode (A) 
Terminal Timing (A) 
Select Frequency 
Incoming Call 
Remote Loopback 
Receiver Ready (A) 
Terminal Ready (A) 
Data Mode (A) 

Local Loopback 
Clear To Send (A) 
Receive Timing (A) 
Request To Send (A) 
Receive Data (A) 

Send Timing (A) 

Send Data (A) 

Unassigned 

Signal Rate Indicator 

Shield 


01194003 


FIGURE 3. RS-449 DB-37 


EIA-530 and EIA/TIA-530-A 

EIA-530 is an extension of RS-449 but is based on the 
DB-25 connector. This standard specifies both functional 
and mechanical specifications, and references RS-422-A 
and RS-423-A standards for electrical specifications. This 


connector is the same one commonly used in EIA/TIA-232-E 
(RS-232) applications. This standard has been revised (de¬ 
noted by the letter suffix — “A”), which altered the pin 
assignments slightly from EIA-530. Both pin assignments 
are shown in Figure 4 and Figure 5. 
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EIA-530 and EIAATIA-SSO-A (Continued) 
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FIGURE 4. EIA-530 DB-25 
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FIGURE 5. EIA/TIA-530-A DB-25 
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EIA/TIA-561 

EIA/TIA-561 IS a new standard released in 1990 and speci¬ 
fies a small 8 position interface for non-synchronous inter¬ 
face between DTEs and DCEs. The uniqueness of this 
standard is the fact that it does not specify a DB style 
connector, but rather a modular receptacle and plug type 
connector. This standard references the companion stan¬ 
dard EIA/TIA-562 for electrical levels (similar to RS-232 but 
lower power and faster). The plug and jack are shown in 
Figure 6. 


Several other pin out options for the MJ connector exist. 
Most of these are proprietary implementations. Check with 
the specifications for the equipment that is being interfaced 
to This will ensure inter-operation when employing an MJ 
connector. 
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FIGURE 6. EIA/TIA-561 MJ-8 


EIA/TIA-574 

EIA/TIA-574 was developed due to confusion arising be¬ 
tween the official RS-232 interface and the exceedingly 
popular defacto 9-pin version developed by IBM. This stan¬ 
dard specifies the DB-9 interface, however, it recommends 
the use of the RS-562 standard instead of RS-232 electrical 
levels. It IS noted that EIA/TIA-562 can inter-operate with 
RS-232 drivers and receivers in many applications. This 
standard supplies the minimum number of lines for 
non-synchronous serial data interchange between DTEs and 
DCEs The connector pin out is shown in Figure 7. 

V.35 

Recommendations V.35 was developed by the CCITT (Inter¬ 
national Telegraph and Telephone Consultative Committee) 


as a high speed modem standard that also specified the 
DTE/DCE interface. This standard used RS-232 type line 
drivers and receivers for control circuits, and its own unique 
differential drivers and receivers for high speed data and 
timing lines. This recommendation specifies a unique con¬ 
nector and is shown in Figure 8. It should also be noted that 
the CCITT has been replaced with the ITU (International 
Telecommunications Union) and new standards will adopt 
the ITU prefix instead of CCITT. 
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FIGURE 7. EIA/TIA-574 DB-9 
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FIGURE 8. CCITT V.35 


WWW national.com 


7-146 





IEEE-488 

The IEEE (Institute of Electrical and Electronic Engineers) 
also standardizes many interfaces in the area of computing 
and instrumentation. IEEE-488 is a complete standard 
specifying all functional, electrical, and mechanical specifi¬ 
cations for a 16 line parallel bus for instrumentation. This 


interface is commonly found on test, and measurement 
equipment that feature computerized programming and con¬ 
trol. This standard is also known under the acronym as GPIB 
(General Purpose Interface Bus). The pin out of the stan¬ 
dardized connector is shown in Figure 9. 
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FIGURE 9. IEEE-488 
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Centronics Port and IBM PC 
Parallel Port 

These two defacto standards both specify parallel interface 
that are commonly used in computing applications (com¬ 
puter to peripheral-printer). Both are defacto standards, and 
support similar functions but different pin outs and mechani¬ 


cal specifications. The IEEE has also defined a parallel port 
in the 1284 standard. It defines the 1284 connector and pin 
out (not shown here). The Centronics and IBM Parallel port 
pin outs are defined in the informational annexes of 
IEEE-1284. The two defacto connectors are shown in Figure 
Wand Figure 11. 
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FIGURE 10. Centronics Port 
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Centronics Port and IBM PC Parallel Port (Continued) 
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FIGURE 11. IBM PC Parallel Port 


Summary 


By selecting an industry standard, the problem of getting 
signals from one board or box to another is greatly reduced. 
This is especially true when inter-operation between sys¬ 
tems built by different manufacturers is required (open sys¬ 
tem). 

Interface standards from the TIA/EIA and other standards 
groups greatly resolve this interfacing problem. This applica¬ 
tion note provides insight into those standards by providing a 
graphical representation of the connectors referenced in the 
standards. As aiways, whenever designing a system to an 
industry standard, a thorough review of the most recent 
revision of the standard is highly recommended. 

Reference 

Most standards are available from: 

Global Engineering Documents 


15 Inverness Way East 
Englewood, CO 80112-5704 
303-397-7956 or 800-854-7179 
http://global.ihs.com/ 

Various connector, cable and data communication products 
are available from: 

South Hills Datacom 
Pittsburgh, PA, USA 
Toll-Free: 800-245-6215 
Local: 412-921-9000 

FAX: 412-921-2254 
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Introduction 

When communication is required between systems that sup¬ 
port d/'/iferenf interfaces is required, a detailed study of driver 
output and receiver input characteristics is required to deter¬ 
mine if direct “electrical” inter-operation is possible. The 
results of this study may also conclude that some translation 
devices are required for inter-operation. This may include 
passive devices or active devices, and even perhaps a 
repeater circuit. This application note focuses on the sim¬ 
plest way to gain electrical inter-operation between devices 
conforming to different Interface standards. Compatibility of 
various protocol and mechanical dimensions of connectors 
is beyond the scope of this application note, but must also be 
investigated to determine if inter-operation is possible. The 
following cases are covered, along with a discussion on 
important electrical characteristics of standard drivers and 
receivers. 

• Single-ended to Differential 

RS-232 to RS-422 
TTL to RS-422 

• Differential to Single-ended 

RS-422 to RS-232 (unipolar) 

RS-422 to RS-232 (polar) 

RS-422 to TTL 
RS-485 to TTL 

• Single-ended to Single-ended 

TTL to RS-232 
RS-232 to TTL 

• Differential to Differential 

ECL to RS-422 
RS-422 to RS-485 

Driver Output and Receiver input 
Characteristics 

Before any connection is made, a careful review of the driver 
output electrical characteristics, and the receiver input elec¬ 
trical characteristics should be completed. For the driver, the 
following parameters should be reviewed: driver output lev¬ 
els (minimum and maximum), and typical driver loading. For 
the receiver, the following parameters should be reviewed: 
input thresholds (sensitivity), input voltage range, and input 
resistance. Once these parameters have been reviewed, a 
decision upon what intermediate circuitry between the driver 
and receiver is required if any. The following pairs of param¬ 


eters should be compared to determine if they are directly 
compatible: driver load to receiver input resistance, driver 
output levels to receiver input voltage range, and driver 
output levels to receiver thresholds. 

Case One: Single-Ended to 
Differential 

When interfacing a single-ended driver to a differential re¬ 
ceiver it is important to establish that the maximum output 
voltage of the single-ended driver does not exceed the rec¬ 
ommended input voltage rating of the differential receiver. If 
it does not, then a direct connection is possible from a 
maximum voltage level point of view. If it does a simple 
resistor voltage divider should be inserted to attenuate the 
signal down to acceptable levels. A second check must be 
done to make sure that the minimum driver level, after the 
divider network if employed, is still greater than the receiv¬ 
er’s sensitivity. The divider network, should be selected such 
that the total load presented to the driver is that of a 
single-ended receiver. Two examples are provided. 

RS-232 to RS-422 

Depending upon the RS-232 driver that has been specified, 
driver output levels may be as high as ±15V, and for some 
RS-422 receivers the maximum input range is specified at 
±10V. For this case, a divider network is required. A simple 
3 kQ in series with a 2 k^^ will provide the required attenua¬ 
tion and the correct load. It attenuates the signal 40%, 
dropping the ± 15V to ±9V on the high side, and ±5V (driver 
minimum output level) to ±3V (which is greater than the 
receivers thresholds of ±200 mV). In addition the RS-232 
driver also sees a 5 kQ load of the divider network as it 
should. If the RS-422 receivers can withstand a ±15V input 
signal, the attenuator circuit is not required from a voltage 
level point perspective, but may still be desirable. This is due 
to the fact that many RS-422 (or RS-485) receiver’s input 
impedance is in the range of 18 kf2, which would cause a 
faster driver transition time and possibly an EMI and or 
crosstalk issue. Figure 1 illustrates inter-operation between 
the RS-232 driver with a divider network to a RS-422 differ¬ 
ential receiver. Note, that one receiver input is referenced to 
ground. Depending upon the input referenced to ground, a 
logic NOT may be achieved by tying the + input to ground, 
and connection to the divider network with the - input. His¬ 
torically, this divider network has been termed an L-Pad in 
TIA/EIA documents and other international standards. 



FIGURE 1. RS-232 to RS-422 
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TTL to RS-422 

Since differential receivers are basically modified compari- 
tors, they detect logical states by the difference in potential 
between their input pins, not with respect to circuit ground. 
Due to this fact, they can also accept standard TTL or CMOS 
levels if the other input is appropriately referenced. For TTL 
levels, one input should be tied to +1.5V, and the resulting 
thresholds will be +1.7V, and +1.3V. In other words, any 
levels greater that or equal to +1.7V will be a logic HIGH, and 
any level less than or equal to +1.3V a LOW, if the reference 
voltage was applied to the - input. Receivers normally have 
internal references between +2V and +3V, but it is not rec¬ 
ommended that you float the reference input and rely on the 
internal reference due to the following reasons. First, the 
internal reference voltage is not normally specified in a 
datasheet, thus tolerances are not guaranteed or supported. 
Secondly, the input is a high impedance input, and depend¬ 
ing upon the environment, it may pick up external noise and 
shift the thresholds around. A voltage regulator, or a simple 
resistor divider may be used depending upon the accuracy 
required. If a resistor divider is used, remember to take into 
account the input impedance of the receiver, which can be 
model (1st level) as a resistor to the internal bias voltage. 
These two values may be measured with a curve tracer. By 
sweeping voltage on the reference input, the resulting slope 
of the line (V|n vs. I|n) is the input impedance, and the 
crossing of the X axis is the zero current point or internal 
reference voltage. Note, that this test must be done with the 
receiver powered up to measure the reference voltage. Fig¬ 
ure 2 illustrates the inter-operation between standard TTL 
logic and a differential RS-422 receiver. 

Case Two: Differential to 
Single-Ended 

Differential to single-ended poses a more difficult problem to 
solve. Since single-ended receivers, RS-232 for example, 


essentially detect positive or negative voltage with respect to 
ground, an active solution is required to gam inter-operation 
with a single supply differential drivers. The following cases 
are provided as examples. 

RS-422 to RS-232 

RS-422 drivers (unipolar) are commonly powered from a 
single +5V power supply, thus both output states are positive 
voltages (Vql and Vqh)- RS-232 receivers as discussed 
detect positive and negative voltages, therefore to obtain 
inter-operation the circuit illustrated in Figure Scan be used. 
The PNP transistor is used as a switch, that when it is ON, 
the receiver input voltage is basically a Vce(sat) below the 
driver’s Vqh level. This is typically greater than +3V, and is a 
valid RS-232 input level. When the driver is in the opposite 
state, the PNP is off, the receiver input is pulled to ground by 
Its internal input resistor. Note, RS-232 specifies the receiver 
thresholds are between -3V and +3V, however most re¬ 
ceiver support TTL like thresholds centered around -I-1.5V, 
and guarantee a failsafe HIGH output state for an open input 
state (pulled low by internal input resistor). In the circuit 
shown in Figure 3, the resistor (R1) limits the base current 
and prevents the PNP from entering deep saturation, the 
diode (D1) prevents break down of the emitter base junction 
when the PNP is off. An additional resistor (R2) may be 
inserted to pull the RS-232 input to a voltage (below -3V) if 
required, but this also requires a negative supply and is 
typically not necessary. Figure 3 illustrates this case of 
inter-operation. 


TTL 422 RECEIVER 



232 RECEIVER 



FIGURE 3. RS-422 to RS-232—with Active Device 
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RS-422 to RS-232 (Continued) 

However, this active circuitry may not be required if the two 
systems share the same ground reference, are iocated close 
together, are in a relativity noise free environment and the 
RS-232 receiver provides a TTL threshoid. This is due to the 
fact that RS-422 driver output ievels are quite similar to 
standard TTL levels, however, driver output curves should 
be consulted to determine that the drivers VoH level will be 
detected by the RS-232 receiver as a vaiid V,h, and the Vql 
as a V|L respectiveiy. These output ieveis can be determined 
by superimposing a 5 load line over the driver Vqh/Ioh 
curve. If the resulting driver Vqh is greater than the receivers 
V|H, then inter-operation is possible. Similarly the output low 
case should be checked. RS-422 drivers are voltage mode 
drivers, and both outputs are not required to inter-operate 
with the single-ended receiver. Therefore, select the output 
which provides the desired logic (true or inverting), and leave 
the other output “open”. Do not tie the unused output to 
ground, as that could yield an output short circuit condition 
(los) which is undesirable from a power dissipation consid¬ 
eration. Figure 4 illustrates the direct connection example. 

RS-422 to RS-232 

RS-422 drivers are also available that are powered from 
polar (±5V) power supplies. If this is the case then once 


again a direct connection to a RS-232 receiver is possible. 
This is possible since the Vqh of the driver is typically 
between -f-3V and Vcc, while the Vql of the driver is between 
-3V and V^e. in both the output levels are greater in mag¬ 
nitude than the RS-232 receivers thresholds. Figure 5 illus¬ 
trates this second case of direct inter-operation. 

RS-422 to TTL 

As discussed above, RS-422 driver output levels are quite 
similar to standard TTL levels, however, driver output curves 
should be consulted to determine that the drivers Vqh level 
will be detected by the TTL input as a valid V|h, and the Vql 
as a ViL respectively. In almost all cases a direct connection 
will be possible. RS-422 drivers are voltage mode drivers, 
and both outputs need not be used. Simply pick the output 
(true or inverting), and leave the other output “open”. Do not 
tie the unused output to ground, as that could yield an output 
short circuit condition (Iqs) which is undesirable from a 
power dissipation consideration. Figure 6 illustrates the 
inter-operation of a RS-422 driver with a standard TTL input. 


422 DRIVER 
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FIGURE 4. RS-422 to RS-232—Direct Connection 


+ 5V 



422 DRIVER 



FIGURE 6. RS-422 to TTL 
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RS-485 to TTL 

RS-485 driver output levels are NOT similar to standard TTL 
levels, however, direct inter-operation may be possible. 
Again, driver output curves should be consulted to determine 
that the drivers Vqh level will be detected by the TTL input as 
a valid V,H, and the Vql as a V|l respectively. Since the 
RS-485 outputs include blocking diodes, the Vqh levels are 
lower than standard TTL levels, and the Vql levels are a 
diode higher than standard levels. Once again, RS-485 driv¬ 
ers are voltage mode drivers, and both outputs need not be 
used. Simply select the desired output (true or inverting), 
and leave the other output “open”. Do not tie the unused 
output to ground, as that could yield an output short circuit 
condition (Iqs) which is undesirable from a power dissipation 
consideration. If the driver output levels do not meet the TTL 
input V|H and V|l specifications, a RS-485 receiver should be 
used to receive the RS-485 levels and correctly translate 
them to TTL compatible levels Figure 7 illustrates this con¬ 
nection. 

Case Three: Single-Ended To 
Single-Ended 

Single-ended to Single-ended is once again simply compar¬ 
ing output levels to thresholds and input voltage ranges. In 
some cases, a direct connection is possible, as described in 
the following examples. 


TTL to RS-232 

TTL output levels can directly inter-operate with certain 
RS-232 receivers. This is true since most RS-232 receivers 
support a tighter threshold specification than required by the 
RS-232 standard. The RS-232 standard specifies that the 
thresholds are between -i-3V and -3V, however, most thresh¬ 
olds are centered around -i-1.5V. If this is the case, then 
standard TTL levels (High > 2.0V and Low < 0.8V) will be 
detected correctly. One note of caution is that the TTL gate 
will be loaded with the 5 kQ load instead of a standard TTL 
input load. The TTL gate driving the RS-232 receiver must 
have adequate drive capability to obtain the correct levels 
with the RS-232 receiver load. This connection is illustrated 
in Figure 8. 

RS-232 to TTL 

RS-232 output levels are polar, and therefore they swing 
around ground. This negative swing typically prevents direct 
inter-operation to TTL inputs which prefer positive voltages 
only. To clamp off the negative swing a diode may be used to 
clip the negative swing but will load down the driver when the 
diode is forward biased. This is typically acceptable if the 
driver employed provides a relatively tight current limit in the 
range of 10 mA. Figure 9 illustrates this inter-operation with 
a diode clamp. 


485 DRIVER 485 RECEIVER 232 RECEIVER 



232 RECEIVER 



232 DRIVER 


TTL 
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FIGURE 9. RS-232 to TTL 
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Case Four: Differential to 
Differential 

As in the other three cases described, driver output levels 
need to be compared to receiver input thresholds and input 
voltage ranges. If they agree, then a direct connection is 
possible. If the levels are not compatible then a repeater/ 
translator circuit will be required. 

ECL to RS-422 

Differential ECL or even Pseudo ECL (PECL) will typically 
directly inter-operate with a RS-422 receiver. This is possible 
since a RS-422 receiver provides a tight threshold specifica¬ 
tion of ±200 mV, and a wide common mode range of ±10V. 
Differential ECL output levels are normally between 
±500 mV to ±800 mV which are detectable by the receiver. 
Since the receiver supports a positive and negative common 
mode range ECL or PECL signals may be received. Figure 
10 illustrates a ECL to RS-422 (or RS-485) connection. 

RS-422 to RS-485 

Direct connection of RS-422 to RS-485 is always possible. 
RS-485 can be considered a subset of RS-422 which sup¬ 
ports multipoint (multiple drivers) applications. RS-422 and 
RS-485 receivers are virtually identical, except for the fact 
that the RS-485 receiver present a input impedance that is 
typically 3 times the RS-422 receiver. For this reason, the 
RS-422 driver can now drive at least 32 receiver loads 


opposed to the RS-422 limit of 10. Recall that RS-422 is 
limited to single driver/multiple receiver applications, and 
only RS-485 devices (drivers) should be employed in true 
multipoint (multiple driver) applications. Figure 11 illustrates 
a RS-422 driver driving up to 32 RS-485 receivers in a 
multidrop uni-directional application. 

Summary 

In many cases direct inter-operation is possible between 
different interface standards. In cases where that is not 
possible, typically simple circuitry can be inserted between 
the two devices to alter or clamp the levels to levels that are 
compatible with the other device. In the extreme case, where 
simple circuitry can not solve the problem, a repeater may be 
used. For example, if an “A” driver needs to inter-operate 
with a “B” receiver, a repeater may be inserted between the 
two that includes a “A” receiver and a “B” driver. For ex¬ 
ample, this may be desirable for interfacing a RS-422 driver 
to a ECL differential receiver since most ECL receivers can 
not accept positive (above ground) input voltages. This 
method should be a solution of last resort due to the added 
cost of the active devices, and the repeater itself. The meth¬ 
ods described above are preferred, as they provide direct, or 
inter-operation with only simple circuitry. As a final word of 
caution, always review the respective device specifications 
to determine if inter-operation is possible before connecting 
the two together. 



422 DRIVER 485 RECEIVER 



Table 1 lists key generic electrical characteristics of common 
interface standards. 


TABLE 1. Electrical Characteristics Comparison of Common Interface Standards 


Parameter 

RS-232 

RS-422 

RS-423 

RS-485 

Maximum Driver Output Level 

±25V No Load 

±15V 7 ka Load 

±10V No Load 

±6V Diff. 

±6V No Load 

±6V No Load 

±6V Diff. 

Minimum Driver Output Level 

±5V 

3 k^2 Load 

±2V 

100Q Load 

±3.6V 

45012 Load 

±1.5V 

54Q Load 
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Summary (Continued) 

TABLE 1. Electrical Characteristics Comparison of Common Interface Standards (Continued) 


Parameter 

RS-232 

RS-422 

RS-423 

RS-485 

Standard Driver Load 

3 Wa-7 kQ 

5 ktl Typical 

lOOQ 

>4 kQ Typical 

450Q Minimum 

54Q 

Receiver Input Voltage Range 

±15V 

±10V 

±10V 

±10V 

Receiver Thresholds 

±3V 

+1.5V Typical 

±0.2V 

±0.2V 

±0.2V 

Receiver Input Impedance 

3 kQ-7 ka 

5 kQ Typical 

>4 kO 

>4 kQ 

~>12 kQ 

MODE 

Single Ended 

Differential 

Single Ended 

Differential 
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Introduction 

This application note discusses the EIA-485 standard for 
differential multipoint data transmission and its practical lim¬ 
its. It is commonly called RS-485, however its official name Is 
EIA-485 which reflects the name of the committee at the time 
it was released. It is expected to be revised soon and will 
then become TIA/EIA-485-A. 

Differential data transmission is ideal for transmitting at high 
data rates, over long distances and through noisy environ¬ 
ments. It nullifies the effects of ground shifts and noise 
signals which appear as common mode voltages on the 
transmission line. TIA/EIA-422-B is a standard that defines 
differential data transmission from a single driver to multiple 
receivers. RS-485 allows multiple drivers in operation, which 
makes multipoint (party line) configurations possible. 

This application note will discuss the specifications as de¬ 
fined in the RS-485 document. Interpretations of the stan¬ 
dard and device specifications can vary among manufactur¬ 
ers. However, there are some guarantees required to be 
completely compliant with the standard. 

There are many possibilities and trade-offs associated with 
being partially compliant—or “compatible.” Some applica¬ 
tions can tolerate the trade-offs in return for increased per¬ 
formance or added value. For that reason, this application 
note will discuss the practical application of the specifica¬ 
tions. 

A detailed explanation of each requirement of the standard 
will not be given as this is beyond the scope of this note. Also 
beyond the scope are advanced topics relating to new tech¬ 
nology. 

Key RS-485 Requirements 

The key features are: 

• Differential (Balanced) Interface 

• Multipoint Operation 

• Operation from a single -i-5V Supply 

• -7V to -I-12V Bus Common Mode Range 

• Up to 32 Unit Loads (Transceivers) 

• 10 Mbps Maximum Data Rate (@40 feet) 

4000 Foot Maximum Cable Length (@100 kbps) 

A typical application is shown in Figure 4. 

The key requirement of the driver is its guaranteed differen¬ 
tial output voltage as measured: with no load; with a mini¬ 


mum configuration of two nodes; and with the full load of 32 
nodes. The terms used in the specification are: 

VoA True output voltage with respect to ground 

Vqb Complimentary output voltage with respect to ground 

Vqd Differential output voltage (Vqa-Vob) 

Vos Offset voltage, or center point of Vqa or Vqa, also 
called Voc 

VcM Algebraic mean of Vqa and Vqb, including any ground 
potential difference or noise 

The specifications are best represented by the following 
figures and table. 



FIGURE 1. No Load Configuration 



FIGURE 2. Termination Load Configuration 

375n 



FIGURE 3. Full Load Configuration 


www.national.com 


7-156 




Key RS-485 Requirements (Continued) 
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FIGURE 4. Typical RS-485 Application 


TABLE 1. Driver Output Voltage Requirements 


Configuration 

Test 

Min 

Max 

Units 

No Load 

Figure 1 

Vqdi 

1.5 

6.0 

V 

Vqa 

0 

6.0 

V 

Vqb 

0 

6.0 

V 

Termination 

Figure 2 

VoD2 

1.5 

5.0 

V 

Vos 

-1.0 

3.0 

V 

Full Load 

Figure 3 

VoD3 

1.5 

50 

V 

with-7V< Vcm^+12V | 


There is also a condition that the driver must not be dam¬ 
aged when the outputs are shorted to each other or any 
potential within the common mode range of -7V to +12V 
The peak current under shorted conditions must be less than 
250 mA. This point is key to multipoint operation, since 
contention may occur. 

The data rate requirements have implications on the speed 
of the device. Switching characteristics must specify that the 
transition time (tp tf) be < 0.3 of the unit interval. The mini¬ 
mum unit interval for 10 Mbps at 40 feet is 100 ns so 
t/t f < 33 ns; for 100 kbps at 4000 feet it is 10 ps so t/tf 
< 3.3 ps. 

A Unit Load is defined as a load on the bus, it is commonly 
a driver and a receiver. The result should be that the unit 
load does not load down the bus under power-on or 
power-off conditions. Driver leakage tends to be in 
micro-amps but receiver input current can be significant 
compared to driver leakage. Four points define the unit load, 
shown in Figure 5. 


Rec. Input current (I|n) at +12V <1 mA 
l,N between +5V and -i-12V>0 mA 
l,N at -7V> -0.8 mA 
liN between -3V and -7V< 0 mA 



FIGURE 5. V/l Relationship defining a Unit Load 

The shaded area effectively defines the receiver input im¬ 
pedance (R|n), >10.6 kn (19V/1.8 mA). The standard does 
not require a specific impedance, only that it falls within the 
shaded area. 

The key receiver requirements are its threshold voltage lev¬ 
els and common mode range. The receiver output must be 
HIGH if the true input is more than 200 mV above the 
complimentary input; LOW if it is more than 200 mV below 
the complimentary input. This must be possible with the 
inputs varying from -7V to -i-l 2V. A graphic representation is 
shown in Figure 6. In this diagram, the lightly shaded region 
represents the range of points where Rl is more than 
200 mV below Rl*; therefore the output is LOW. 
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Key RS-485 Requirements (Continued) 

Rl* 



FIGURE 6. Receiver Input Range 

The 200 mV receiver threshold and the 1.5V minimum dif¬ 
ferential driver output voltage provide 1.3V of differential 
noise margin. Since the bus is typically a twisted pair, ground 
noise is canceled out by the differential operation. The result 
is a bus that is well suited for high data rates and noisy 
environments. 

There are further requirements such as balance of termi¬ 
nated voltage, balance of offset voltage and timing which 
can be reviewed in the standard. Note that all of these 
requirements should be met over the full supply voltage and 
temperature range in which the device will operate. 
Interpreting the standard and creating device specifications 
appears to be straight forward. However, the range of prac¬ 
tices shows that there are differing opinions. 

Compatibility Tradeoffs 

It is not always practical to meet all of the requirements. The 
devices may have limitations, the applications may not need 
full compliance or there may be a possible improvement in 
one area at the expense of another. 

Commonly accepted minimum specifications for compatibil¬ 
ity include Vqdi. Vod 2 . Iqs- Vcm. Vyn- At times, these are 
specified at controlled conditions—not over the full operat¬ 
ing range, as is required. Furthermore, “Up to 32 unit 
loads ...” implies Vqds and R|n or the V/l relationship dis¬ 
cussed above. Vqds can be traded off if the application is not 
expected to be fully loaded. 

Rin can be increased and thereby allowing more than 32 
nodes to be connected without exceeding the 32 unit loads. 
For example, a Rin of 24 kQ implies that 64 nodes equates 
to 32 unit loads. 

In many applications. Ice 'S the differentiating factor. Opti¬ 
mizing a device for low power may slow switching speed. 
The end user may define the acceptable speed but switching 
speed is quite often defined by the choice of protocol. 

Many low power technologies have lower breakdown volt¬ 
ages, which reduces the recommended maximum voltage 
range for the bus pins. The recommended voltage range for 
the bus pins defines how much protection the device has 
beyond the -7V to -i-12V common mode range. If the envi¬ 


ronment demands that the bus survive voltages up to ±24V, 
then the device must guarantee this, otherwise external 
protection must be included. 

External limitations may dictate controlled edge rates to 
allow greater stub lengths or reduced EMI, which may result 
in a device that does not meet the prescribed data rate. All of 
these trade-offs must be considered in the design of the 
system. 

Implementation Issues 

Topology: RS-485 is defined as a multi-point bus, {Figure 7) 
therefore multiple drivers and receivers can be connected to 
the bus at the same time (see discussion regarding unit 
load). 
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FIGURE 7. Bus Topology 

In such a configuration, only one driver has control at a time 
and all the active receivers receive the same signals. 

A ring which is created by connecting both ends of a bus 
together will not work. A traditional ring uses point-to-point 
links between the nodes. This can be implemented using 
RS-485, however, there are many other point-to-point tech¬ 
nologies available. 

Star configurations are also discouraged. In a star configu¬ 
ration {Figure 8) the device is effectively at the end of a very 
long stub, and this causes reflection and termination prob¬ 
lems. 
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Implementation Issues (Continued) 
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FIGURE 8. Star Topology 

Stubs: RS-485 recommends keeping the stubs as short as 
practical. A stub is the distance from the device to the bus, or 
the termination resistor (in the case at the ends of the bus), 
see Figure 9. The maximum length is not defined by the 
standard, but longer stubs will have a negative impact on 
signal quality. This affect can be reduced by controlling the 
transition time of the driver. 
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FIGURE 9. Stub Length 

The driven signal encounters a reflection at the end of the 
stub, if this occurs within the rising edge of the signal then it 
can be neglected. A general rule is that stubs should be less 
than Vs of the transition time. Therefore, slowing the transi¬ 
tion time can extend the practical stub length, 
stub € < Vs (transition time)/(velocity) 

€ft < Vs (tr or tf)/(1.5 ns/ft) 

Number of Nodes: The standard allows 32 unit loads, as 
defined by the driver leakage and receiver impedance—this 
was intended to mean 32 transceivers. If a number of the 
devices guarantee a greater impedance, then it is possible to 
add more than 32 transceivers to a bus. 

Termination: RS-485 has defined the termination as 120Q 
parallel termination at each end of the bus. This assumes a 
characteristic impedance in the range of Zq = 100Q to 1200 
for the cable. Other termination schemes could be imple¬ 


mented, but a thorough analysis must be done to assure 
adequate signal quality. For more information on termination, 
see AN-903. 

Bus Fauits: This bus is defined to be resistant to many of 
the faults associated with a cable environment such as noise 
and variations in device ground. It is built for party line 
applications so it can withstand driver contention. In most 
cases, there is enough noise margin to detect a valid HIGH 
or LOW. However, in the case where both lines are open or 
there is a short between the two lines, the state may be 
unknown. Such a case requires the designer to implement a 
“failsafe” scheme to bias the receiver to a known state. See 
AN-847 and AN-903 for a detailed discussion of failsafe 
techniques. 

Data Rate: Earlier, the data rate vs distance guidelines were 
given as 10 Mbps at 40 feet and 100 kbps at 4000 feet. 
Advances in technology continue to push these limits. At 
long distances the practical limitation is dominated by the 
rise time degradation due to the cable. The approximate 
delay associated with 100^2 cable is 1.5 ns/foot. Therefore, 
4000 feet of cable will cause 6 ps of delay—which limits the 
data rate to 333 kbps (166 kHz) before device delays are 
involved. At 100 feet only 150 ns of delay are added by the 
cable, so an ideal driver/receiver could switch at 10 Mbps 
theoretically. Further complications are added by encoding 
schemes (PWM, RTZ, etc.) and protocol requirements (idle 
time, overhead, etc.). If an off-set bias is implemented for 
receiver failsafe, this may induce some signal distortion or 
cause slight duty cycle distortion which must be factored in 
to the data rate considerations. 

RS-485 is defined as a half-duplex bus, though many appli¬ 
cations use multiple channels in parallel or full-duplex. In 
parallel bus applications, channel-to-channel skew becomes 
a critical issue. These and possible protocol requirements 
would have to be considered in the evaluation of each 
device. 

Suppiy Power: Iqq is not always the dominant indicator of 
power requirements. Low power CMOS devices require littie 
quiescent current, typicaily less than 1 mA. However, when 
switching against a heavy load, the load current can be over 
60 mA! And switching at higher frequencies aiso requires 
more current. Comparing bipolar and CMOS devices should 
include the case when switching a heavy load at high fre¬ 
quencies as well as the quiescent case. The total require¬ 
ment will depend on the portion of time at Idle versus switch¬ 
ing. 

Signai Quality: At the extremes of distance and data rate, 
the signal quality will be degraded. This is a qualitative 
parameter that is usually judged with eye patterns or in 
probabilities of errors. 

Eye patterns show the effects of intersymbol interference, a 
hypothetical example is shown in Figure 10. A full discussion 
on signal quality is given in AN-808. 

Interfacing to other standards: This bus is not intended to 
be inter-operable with other standards such as TIA/ 
EIA-232-E or ECL. TIA/EIA-422-B buses can accept RS-485 
devices, but the opposite case is not true for the drivers. For 
a full discussion on this topic, see AN-972. The international 
standard ISO 8482.1994 has recently become compatible 
with RS-485. 
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Practical Limits 

Theoretical limits defined by the standard should not be 
exceeded without fully examining the trade-offs discussed 
above. However, there are some common practices which 
can extend RS-485 beyond its defined limits. 

The maximum number of nodes can exceed 32. R|n can be 
defined as V 2 unit load or unit load, thus extending the 
number of nodes that can be attached to a single bus to 64 
or 128 respectively. The leakage specifications must also 
support the stated unit load. Note that a bus with 128 nodes 
requires that the average loading be unit load—including 
any third-party nodes that may be attached. Not all devices 
need the same unit load rating, but the total cannot exceed 
32 unit loads. 

The common-mode voltage range requirements continue to 
be a factor that limits many other types of interfaces. TIA/ 
EIA-422-B offers a common-mode range of ±7V, but does 
not allow multiple drivers on the bus. The process technolo¬ 
gies and design techniques required to meet the -7V to 
+12V range are somewhat unique. In fact, many applications 


see common-mode voltages beyond this range, such as 
±24V! Generally, reducing common-mode voltage in trade 
for any performance or integration gains has not been ac¬ 
ceptable. Increasing common-mode beyond the RS-485 lim¬ 
its depends on the specific devices; wider common-mode 
may affect the thresholds and hysteresis of the receiver 
which reduces the noise margin. 

Speed and power requirements are opposing trends: higher 
data rates tend to use more power, yet lower power (Iqc) 
technologies tend to be slower. Technologies that effectively 
combine both high speed and low power are becoming 
available, and will come down in cost. Optimizing for speed 
in excess of the RS-485 limits may require technologies that 
consume greater quiescent current. In applications that are 
not transmitting for extended periods, optimizing for low 
power is common. Such devices may not meet the 10 Mbps 
data rate referenced in RS-485, which is acceptable since 
many of these applications are specified between 9600 bps 
and 1 Mbps. 
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FIGURE 10. Eye Patterns 


Conclusion 

RS-485 is a well-defined, multi-purpose electrical specifica¬ 
tion for multi-point data transmission. The standard allows 
manufacturers to optimize devices for speed and power. 
Despite the definition, there is still potential for compatibility 
issues If the devices are not fully specified. 

Many of the limits imposed in RS-485 can be exceeded at 
some cost and with increased risk. But technology barriers 
are continuously being removed and this promises tremen¬ 
dous performance gains, perhaps eliminating those costs 
and risks. 

RS-485 is a very rugged standard for multi-point applica¬ 
tions. It has proven to be popular over a span of many years. 


With the breadth of devices available and new technologies 
being applied, RS-485 will continue for many years to come. 
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Abstract 

This application note covers topics associated with concerns 
for implementing a balanced interface circuit utilizing the 
TIA/EIA-422-B (formerly RS-422-A) electrical interface stan¬ 
dard The items designated by bullets below indicate the 
topics covered within this application note. 

• Cable Length and Data Rate 

• Termination 

• Failsafe 

• Configuration 

• ESD Protection 

• Live Insertion 

• By-Pass Capacitors 

• Stub Lengths 

• Receiver Power Off Characteristics 

• Typical Cable Media 

Each topic has an independent section. The sections are 
identified by bold all upper case titles Subsection titles are 
bold only 

Introduction/Overview 

TIA/EIA-422-B (RS-422) is an industry standard specifying 
the electrical characteristics of a balanced interface circuit 
Other prefixes are commonly used with the RS-422 stan¬ 
dard. These include EIA, EIA/TIA, and RS, although previ¬ 
ously correct, today TIA/EIA is the correct prefix. However, 
for simplicity, RS-422 will be used throughout the rest of this 
application note Also, a suffix letter denotes the different 
revisions of the standard but various prefixes with the same 
suffix reference the same identical standard. 

RS-422 was introduced to solve the limitation problems of 
single-ended standards like TIA/EIA-232-E Single-ended in¬ 
terfaces lack common-mode noise rejection capability; ideal 
for noisy environments. Also, data rates are usually limited to 
less than 0.5 Mbps. A RS-422 interface may be implemented 
to overcome these limitations. 

A RS-422 driver can drive up to ten unit loads (i e., 4 kO. to 
circuit common is one unit load). The driver is capable of 
transmitting data across 4000 feet (recommended limit) of 
cable; but not at maximum data rates (see Figure 3). Stan¬ 
dard RS-422 drivers are guaranteed to source and sink a 
minimum 20 mA across a 100n load. This corresponds to a 
minimum differential output voltage, Vqd- of 2V across the 
load (see Figure 1). 
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FIGURE 1. Terminated Configuration 

The complement RS-422 receiver must be equal to or less 
than one unit load. This is represented by the slope of the 
shaded region in Figure 2. The operating range of receiver is 
defined between ±10V and is represented by the shaded 
area in Figure 2. 
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FIGURE 2. Receiver Operating Range 

Also, RS-422 receivers have a ±200 mV threshold over the 
entire common mode range of ±7V. A differential noise mar¬ 
gin >1.8V IS guaranteed between the driver’s differential 
output swing and the receiver’s threshold. 

RS-422 drivers and receivers are designed for point-to-point 
and multi-drop configurations but not multi-point. For 
multi-drop configurations, a daisy chain is the recommended 
interface configuration. 

Caution, at long distances or high data rates, termination is 
recommended to reduce reflections caused by a mismatch 
in the impedance of the cable and the impedance of the 
receiver’s input Refer to the section entitled “Termination” 
for further information. 

Significantly, the RS-485 differential interface standard is 
very similar to RS-422 However, there are differences that 
distinguish the two standards from one another; which in¬ 
clude the output stage of the driver, the common mode range 
of the interface, the input resistance of the receiver, and the 
drive capability of the driver. For more details concerning the 
comparison of RS-422 and RS-485, please reference Na¬ 
tional’s application note AN-759 
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Cable Length and Data Rate 

Cable Length and Data Rate have an inverse affect on each 
other. When operating at either the recommended maximum 
cable length or data rate the other can not be obtained. For 
instance, it is not possible to operate at 4000 feet when 
operating at 10 Mb^ or vice-versa. 


A chart displaying the recommended operational region of a 
typical RS-422 standard interface is shown in Figure 3. 
Other electrical interface standards operating regions are 
also shown for comparison. The curves were obtained from 
empirical data using a 24 AWG, copper, 16 pF/ft, twisted-pair 
cable parallel terminated with a 100Q load. 



FIGURE 3. Cable Length vs. Data Rate 


Termination 

Termination is recommended for use when designing a 
RS-422 interface that is considered to be a transmission line. 
An interface is considered to be a transmission line if the 
propagation delay of the cable is greater than Vs the transi¬ 
tion (rise or fall) time of the signal. This is a time-domain 
analysis. The same is also true in frequency-domain. 

For clarification, the transition time for the time-domain 
analysis is measured from zero to one hundred percent of 
the transition. The rising or falling edge may be used for 
analysis, whichever edge is the fastest. 

Transmission lines may restrict the use of a multi-drop con¬ 
figuration and limit the maximum data rate of the RS-422 
interface. 

Transmission line theory will not be discussed in this appli¬ 
cation note but is useful knowledge. For more details on 
transmission line theory, please refer to National application 
notes AN-806, AN-807, and AN-808. 

PARALLEL TERMINATION 

Parallel termination, a very popular form of termination, has 
the advantage of allowing higher data rates and longer cable 
lengths than an interface using some other termination 
schemes because transmission line effects are minimized. 
This is possible because the termination resistor (Rt) is 
chosen to closely match the cable impedance (Zq) (see 
Figure 4). The cable impedance can be obtained from the 
cable manufacturer. The cable impedance may also be mea¬ 
sured using TDR, time domain reflectometry, techniques. 
Additionally, because of the minimized affect of the transmis¬ 
sion line, multi-drop configurations with good signal quality 
are also possible, as long as the stubs (discussed later) are 
not transmission lines themselves. 

A disadvantage of parallel termination is the high power 
dissipation associated with the heavy termination load. This 


also leads to a smaller differential output voltage and lower 
DC noise margins than with a series termination. Also, if the 
receiver has built-in failsafe circuitry, a known output can not 
be guaranteed with this type of termination scheme unless 
the receiver specifically says that It supports “terminated” 
failsafe. The cost associated with purchasing the one exter¬ 
nal component should also be considered. 

Other schemes exist to choose from and each type has its 
advantages and disadvantages. Please refer to application 
note AN-903 for more detailed information on parallel and 
other termination schemes. 

Failsafe 

For typical RS-422 interfaces, open, terminated, and shorted 
input are the three types of failsafe to consider as shown in 
Figure 5. A receiver with full failsafe protection guarantees a 
known receiver output for all three types failsafe conditions. 

OPEN INPUT FAILSAFE 

Open input failsafe is the condition when the receiver’s 
output is known when its inputs are left open or floating. The 
driver is not connected but the receiver is powered. A re¬ 
ceiver that provides failsafe for an open input condition, may 
provide failsafe for idle (driver’s output idle) and TRI-STATE® 
(driver’s output disabled) conditions if the bus is not parallel 
terminated. Therefore, the output state of the receiver may 
be known for both idle and TRI-STATE bus conditions in 
some instances. 

A receiver is able to provide open input failsafe with internal 
pull-up and pull-down resistors, typically >50 kQ. Some¬ 
times only one bias resistor is used on one input and the 
other input biased to a voltage reference point. Note that any 
receiver that does not have built-in failsafe, may use external 
pull-up and pull-down resistors to provide failsafe protection. 
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Failsafe (Continued) 
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Rt = Zo 
where 

Rt = termination resistor 

Zq = characteristic impedance of cable 


FIGURE 4. Multi-Drop Application with Parallel Termination 


TERMINATED INPUT FAILSAFE 

A receiver has terminated failsafe when its output can be 
determined while its inputs are under terminated conditions. 
This must be valid for various types of termination schemes; 
otherwise the receiver does not have terminated failsafe. 
Additionally, terminated idle line and terminated TRI-STATE 
line conditions should also be supported. For RS-422 receiv¬ 
ers with built-in open input failsafe, the protection circuitry 
does not guarantee terminated failsafe operation. If a re¬ 
ceiver does not have this feature, external bias resistors may 
be used to provide terminated failsafe protection. For more 
information please reference application note AN-847 that is 
devoted to this topic. 



FIGURE 5. Types of Failsafe 


SHORTED INPUT FAILSAFE 

Shorted failsafe is when the receiver output is known when 
the receiver inputs are shorted together. If a receiver does 
not have this type of failsafe, external pull-up and pull-down 
resistors alone may not help. However, using an 


alternate-failsafe termination technique will provide protec¬ 
tion. Please refer to application note AN-903 for details about 
alternate-failsafe termination. 

National’s DS36276 and DS36277 are interface devices that 
provide all three forms of failsafe protection with no external 
components required. To accomplish this, the threshold point 
of the receiver was shifted, violating the RS-422 ±200 mV 
threshold specification. 

Configuration 

For RS-422 interface devices, usually three types of configu¬ 
rations are commonly used. 

POINT-TO-POINT CONFIGURATION 

First, point-to-point, is a one driver and one receiver system. 
Point-to-point applications may be thought of as using 
single-ended standards like TIA/EIA-232-E because this is 
the configuration single-ended standards are popular for. 
However, differential standards are not restricted from use in 
point-to-point applications. A typical point-to-point system is 
shown in Figure 7. 

MULTI-DROP CONFIGURATION 

The second configuration, multi-drop, is one driver with two 
or more receivers normally connected in a daisy chain lay¬ 
out. For RS-422, the maximum number of receivers is 10 if 
the receiver’s input impedance (R,n) is equal to 4 kQ or one 
unit load. If a receiver’s R|n is equal to 8 kQ then that 
receiver is equal to V 2 a unit load. Therefore a RS-422 driver 
that can drive 10 unit loads can drive 20 receivers with a R|n 
= 8 k^2, An example of a multi-drop application is shown in 
Figure 4. 

MULTI-POINT 

The last type of configuration is multi-point, which uses two 
or more drivers connected to one or more receivers (see 
Figures). RS-422 drivers are normally not designed into this 
type of configuration. However, a multi-point system can be 
accomplished if certain issues are addressed. The three 
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Configuration (Continued) 

issues are ground potential differences between drivers, 
contention between drivers, and the drive capability of the 
drivers. Therefore, RS-485 devices are recommended for 
multi-point applications. 

For further details and illustrations concerning these issues 
please reference application note AN-759. 

ESD Protection 

Electrostatic Discharge (ESD) is normally an event of very 
high potential for a short period of time. This may be dam¬ 
aging to some integrated circuits (IC). ESD is not limited to a 
one time occurence in the life of an IC, unless it is fatal the 
very first time. It may be an ongoing transpiration that can 
wear down an IC until it eventually fails fatally. 


The RS-422 standard does not specify requirements for 
ESD protection. However, the industry has developed a 
defacto minimum standard of 2,000V ESD protection under 
human body model (HBM) conditions. However, many sys¬ 
tems today require much higher levels of ESD protection. 
Possibly as high as 10 kV or 15 kV. 

ESD protection may be enhanced in different ways. IC pro¬ 
tection circuitry, TransZorbs®, and protected connectors are 
three possible solutions for increasing an IC’s ESD protec¬ 
tion. The first method is built-in IC protection circuitry that 
requires no external components. This type of protection is 
the result of the manufacturer’s IC design. In the early years 
of IC manufacturing, ESD was not as well publicized or 
standardized as it is today. Today, IC designers strive to 
achieve five, ten, even fifteen thousand Volts of ESD 
protection. 



FIGURE 6. Example of Multi-Point Configuration 
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FIGURE 7. A PoInt-to-Point RS-422 System with TransZorbs 


The later two solutions, TransZorbs and protected connec¬ 
tors, are both external to the IC and usually implemented, by 
the system manufacturer, to provide additional protection, if 
needed, beyond that which is supplied by the IC itself. 

INTEGRATED CIRCUITS 

IC protection circuitry is normally designed into the die at the 
input and output stages of the device. This is because these 
are the stages that connect to the outside world (via cables 
or other media). Thus, these are the locations damaged 
most often by ESD phenomenon. The purpose of the cir¬ 
cuitry is to, one, be able to drain off very large amounts of 
current very quickly, and two, keep the high current away 
from sensitive areas of the IC. An analogy may be made with 


lightning rods that channel away large amounts of current, 
caused by a very large electric field (potential), from your 
house. 

TRANSZORB 

TransZorbs are like back-to-back diodes. They are con¬ 
nected between the interface line that needs protection and 
ground. They act like voltage clamps, clamping voltages that 
are above the TransZorb’s specified reverse stand-off volt¬ 
age (Vrs). Take care when selecting a TransZorb, if the V^s is 
too high, the IC may become damaged before the TransZorb 
ever turns on. One TransZorb should be used per interface 
line. This solution could become expensive as the number of 
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ESD Protection (Continued) 

interface lines requiring protection increases. Figure 7shows 
an example of a RS-422 point-to-point system with 
TransZorbs. 

PROTECTED CONNECTORS 

Protected connectors, another solution for increasing ESD 
protection of an 1C, provides the same type of clamping 
protection that TransZorbs do. However, only one device is 
needed per interface connector. Therefore, if you have a 
DB-25 pin connector, all 25 lines receive the same increase 
in ESD damage resistance. Additionally, designers do not 
need to worry about lack of additional PC board space, since 
the device is built into the connector. Also, the protected 
connector only adds an additional 5 pF or 6 pF of capaci¬ 
tance to the signal load. Designers will be able to find 
protected connectors in a variety of connector sizes. Figure 
8 shows a diagram of two connectors with built-in ESD 
protection. 

In the later two solutions, the system manufacturer provides 
additional ESD protection. Ideally, system manufacturers 
would like the 1C manufacturers to provide all the ESD 
protection required for their systems, internal to the device. 
National Semiconductor’s Interface Group recognizes the 
importance of ESD protection and has released the 
DS36276 and the DS36277 with ESD protection up to 
7,500V. Future Interface products will trend toward higher 
ESD protection. 


Live Insertion 

RS-422 does not specify how to insert an 1C (driver or 
receiver) into a live interface. The same is true for removing 
the 1C. PC board connectors, cable connectors, and sockets 
are likely interface points A device may be inserted live via 
one of these interfaces. Live insertion is a larger concern, 
since removing an 1C, from a live interface, normally is less 
damaging to an 1C For live insertion, the device may not be 
powered up when being inserted Thus, the RS-422 device 
may receive bus potentials that exceed the power supply 
voltage (Vcc)- First, this may cause biasing of diodes and 
bus clamping, or result in large current faults that damage 
devices. Second, the potential difference between ICs con¬ 
nections and the interface connector may be large enough to 
cause ESD strikes which may be harmful to the 1C. In 
addition, the 1C may transmit signals when the supply volt¬ 
age IS below minimum operating level which may result in 
data transfer errors. On the other hand, when removing an 
1C from an active interface, the Vcc should be within normal 
operating levels with no device pins higher than the supply 
pin. Also, the potential difference at the instance of the 
disconnect is minimized since the potential is the equivalent 
just prior. 


built-in protected connectors 
add >: 1 5 kV ESD protection 
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FIGURE 8. Example of Protected Connectors 


Recommendations for implementing a live interface are, 
one, use an IC that supports the feature. Look for this feature 
in the device’s datasheet. However, it will not always appear 
there so be sure to ask the chip manufacturer’s technical 
support group, to be certain. These ICs usually have spe¬ 
cially designed input and output structures that prevent dam¬ 
age to the device even if bus voltages exceed Vcc- Two, 
since removal is less harmful than inserting, try to create 
similar conditions for inserting the chip that would exist when 
removing the chip. In other words, it is ideal to have the 
device powered and referenced to the same ground poten¬ 
tial as the interface before the inputs and outputs make 
physical contact. 

For a PC board, a staggered connection where the ground 
trace is the longest, so that it makes contact first, and the 
Vcc trace is the second longest followed by the input traces 
then the output traces last would suffice. Live insertion via 
cables or sockets may require special design but should 
make contact in the same pattern. 


By-pass Capacitors 

By-pass capacitors help reduce transients on output signals. 
Therefore, by-pass capacitors are recommended for better 
signal quality. One 0.1 pF capacitor is recommended for 
each powered IC in the system. If a device has more than 
one power supply (i.e., Vcc arid V^e) then use one capacitor 
for each supply. The capacitor should be placed between the 
power supply pm and ground. Place the capacitor as close to 
the Vcc ot the device as possible. Additionally, a 10 pF 
capacitor may be used near the mam path where Vcc 'S 
delivered to the system for bulk charge storage. If a system 
is large, additional bulk capacitance may be distributed 
across the system. 

stub Length 

Since RS-422 is a multi-drop standard, receivers may be 
connected to the bus via a stub. The length of the stub is 
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stub Length (Continued) 


important because of the affect it may have on the signal. As 
the stub length is increased, its characteristics begin to act 
as a transmission line. When is a stub considered to be a 
transmission line? A typical guideline for stubs and transmis¬ 
sion lines is stated here: 

Time Domain: 

If the propagation delay of the stub (one way trip) is greater 
than Va the transition time, measured from 0% to 100% of the 
signal transition, then the stub may be considered a trans¬ 
mission line. 

The boundary conditions at which a stub begins to act as a 
transmission line are not precise. Therefore, designers may 
use slightly different ratios. 

Furthermore, the maximum length of the stub depends on 
the transition time measured at the point of the stub inter¬ 
connect. This is very important to remember because If the 
total length of the cable is 1,000 feet, a longer stub can be 
hung off the cable at 750 feet away from the driver than at 75 
feet away from the driver. This is because the cable capaci¬ 
tance slows the transition time of the driver’s output as it 
propagates down the cable and the transition time is longer. 
The length of the stub may be increased by slowing down 
the transition edge at the stub interconnect. This can be 
done using a bulk capacitance load or a RS-422 driver with 
output wave shape control like National’s DS3691, DS3692, 
or DS36C280. 

To implement a RS-422 interface with stubs of equal length. 
Apply the stub guideline rule to the stub(s) closest to the 
driver’s output and use this length for the maximum length 
for all stubs on the interface bus. 

If a stub is too long and causes a noticeable reflection, it will 
be measured positive on the stub because the voltage re¬ 
flection coefficient is positive since the load impedance Zl is 
larger than the stub impedance Zq. The formula for the 
reflection coefficient at the load is shown in equation 1. 

I Zi + Zo\ 

Eq. 1. Load Reflection Coefficient 



VERT 

100 ;iA/DIV 


HORZ 

1V/DIV 


Receiver 
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(A) 


Note, the load impedance is equivalent to the input imped¬ 
ance of the receiver which is equal to or greater than 4 k^2. 
The stub impedance is typically about 100^2-130^^. The 
reflection created at the stub will propagate in both directions 
away from the stub (see Figure 9). Keep in mind that reflec¬ 
tions are time dependent events. 

Receiver Power Off Characteristics 

The receivers characteristics powered down are similar to 
those when powered up (see Figure 10). Therefore, the 
receiver, when physically connected, may be powered up or 
down transparent to the RS-422 driver. 

RECEIVER INPUT IMPEDANCE 

The receiver input impedance curve is identical for both 
inputs while the receiver is powered off. The characteristic 
curves also pass through the (OV, 0 mA) coordinate (see 
Figure 10). While the receiver is powered on, the impedance 
of both inputs are the same but the input impedance curves 
do not pass through the (OV, 0 mA) point. Additionally, the 
curves may or may not cross the x and y axis at the same 
points (see Figure 10). For receivers with built-in open input 
failsafe, the curves will differ by at least 200 mV over oper¬ 
ating range. 

The input impedance of a RS-422 receiver is guaranteed 
from -10V to +10V which is the operating range for RS-422 
receivers. The 10V is equal to the 7V common mode voltage 
plus 3V offset voltage. 



FIGURE 9. Stub Reflections 
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FIGURE 10. Receiver ON/OFF Characteristics 
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Receiver Power Off Characteristics 

(Continued) 

RECEIVER BREAKDOWN VOLTAGE 

The receiver breakdown voltage is guaranteed to be greater 
than ±10V whether the receiver is powered on or off. The 
breakdown point may be found by curve tracing the device 
out past ±10V. Breakdown voltages may be more than twice 
the maximum operating voltage. 

Typicai Cabie Media 

CABLE TYPE 

Flat or round cables may be used when connecting a 
RS-422 driver and receiver(s). Twisted pair or non-twisted 
conductors may be used. Twisted pair cables have an ad¬ 
vantage over non-twisted when transmitting differential sig¬ 
nals. Twisted pair cables couple noise more symmetrically 
than non-twisted pair cables. This helps preserve the noise 
rejection limits of the RS-422 receiver (±7V). 

CABLE SIZE 

The defacto standard gauge size is 24 AWG. A range of 
22 AWG to 28 AWG is acceptable for most applications. For 
cable length see “Cable Length and Data Rate” section in 
this application note. 


MORE ON CABLES 

For more details on cable selections, including information 
concerning shields, insulation, and cable characteristics, re¬ 
fer to application note AN-916. 

Summary 

RS-422 is a standardized differential electrical interface ca¬ 
pable of transmitting data in point-to-point and multi-drop 
applications. When implementing a RS-422 interface, make 
sure design-in concerns are addressed at the early stages of 
design to eliminate problems later in the application, which 
may be a lot more costly. Understanding RS-422 means 
understanding the issue associated with the interface. 
RS-422 IS a well-defined standard and has many applica¬ 
tions. However, RS-422 has been superseded by RS-485 
which builds onto the existing foundation and creates an 
even more rugged standard. For more information on 
RS-485, please reference AN-979. 
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Ten Ways to Bulletproof 
RS-485 Interfaces 


Despite its widespread use, RS-485 is not as well under¬ 
stood as it should be. However, if you invest a little time on 
familiarizing yourself with the bus and pay attention to 10 
aspects of your application, you’ll find that designing 
rock-solid implementations is easy. 

Recommended Standard 485 (RS-485) has become the 
industry’s workhorse interface for multipoint, differential data 
transmission. RS-485 is unique in allowing multiple nodes to 
communicate bidirectionally over a single twisted pair. No 
other standard combines this capability with equivalent noise 
rejection, data rate, cable length, and general robustness 
For these reasons, a variety of applications use RS-485 for 
data transmission. The list includes automotive radios, 
hard-disk drives, LANs, cellular base stations, industrial pro¬ 
grammable logic controllers (PLCs), and even slot ma¬ 
chines. The standard’s widespread acceptance also results 
from its generic approach, which deals only with the inter¬ 
face’s electrical parameters. RS-485 does not specify a con¬ 
nector, cable, or protocol. Higher level standards, such as 
the ANSI’s SCSI standards and the Society of Automotive 
Engineers’ (SAE’s) J1708 automotive-communication stan¬ 
dard, govern these parameters and reference RS-485 for the 
electrical specifications. 

Although RS-485 is extremely popular, many system design¬ 
ers must learn how to address its interface issues. You 
should review 10 areas before you design an RS-485 inter¬ 
face into a product. Understanding the issues during system 
design can lead to a trouble-free application and can reduce 
time to market. 

RS-485 addresses a need beyond the scope of RS-422, 
which covers buses with a single driver and multiple receiv¬ 
ers RS-485 provides a low-cost, bidirectional, multipoint 
interface that supports high noise rejection, fast data rates, 
long cable, and a wide common mode range. The standard 
specifies the electrical characteristics of drivers and receiv¬ 
ers for differential multipoint data transmission but does not 
specify the protocol, encoding, connector mechanical char¬ 
acteristics, or pinout. RS-485 networks include many sys¬ 
tems that the general public uses daily. These applications 
appear wherever a need exists for simple, economical com¬ 
munication among multiple nodes Examples are gas-station 
pumps, traffic and railroad signals, point-of-sale equipment, 
and aircraft passenger seats. The Electronic Industries As¬ 
sociation (EIA) Technical Recommendation Committee, 
TR30, made RS-485 a standard in 1983. The Telecommu- 
nitcations Industry Association (TIA) is now responsible for 
revisions. RS-485 is currently being revised. After successful 
balloting, the revised standard will become “ANSI TIA/ 
EIA-485-A.” 

The 10 considerations that you should review early in a 
system design are: 

• Mode and nodes, 

• Configurations, 

• Interconnect media, 

• Data rate vs cable length, 

• Termination and stubs, 

• Unique differential and RS-485 parameters. 
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• Grounding and shielding, 

• Contention protection, 

• Special-function transceivers, and 

• Fail-safe biasing. 

Mode and Nodes 


In Its simplest form, RS-485 is a bidirectional half-duplex bus 
comprising a transceiver (driver and receiver) located at 
each end of a twisted-pair cable. Data can flow in either 
direction but can flow only in one direction at a time. A 
full-duplex bus, on the other hand, supports simultaneous 
data flow in both directions. RS-485 is mistakenly thought to 
be a full-duplex bus because it supports bidirectional data 
transfer. Simultaneous bidirectional transfers require not one 
but two data pairs, however. 

RS-485 allows for connection of up to 32 unit loads (ULs) to 
the bus. The 32 ULs can include many devices but com¬ 
monly comprise 32 transceivers Figure 1 illustrates a multi¬ 
point bus. In this application, three transceivers—two re¬ 
ceivers receivers and one driver—connect to the twisted 
pair. You must observe the 32-UL limitation, because the 
loads appear in parallel with each other and add to the load 
that the termination resistors present to the driver. Exceed¬ 
ing 32-UL loads excessively limits the drivers and attenuates 
the differential signal, thus reducing the differential noise 
margin. 

RS-485 drivers are usually called “60 mA drivers.” The name 
relates to the allowable loading. Developing 1.5V across the 
60Q termination load (120^2 at each end of the bus) requires 
25 mA. The worst-case input current of a UL is 1 mA (at 
extreme common mode, explained later) Figure 2 shows the 
loading curve of a full UL. The worst-case UL input resis¬ 
tance IS 10 56 kQ, although a frequently quoted incorrect 
value is 12 k^l. Thus, 32 ULs require 32 mA drive capability 
Adding this current to the 25 mA for the terminations yields 
57 mA, which rounds up to an even 60 mA. A driver that 
cannot supply the full 60 mA violates the standard and 
reduces the bus’s performance. The resulting problems in¬ 
clude reduced noise margin, reduction in the number of unit 
loads or allowable cable length, and limited common-mode 
voltage tolerance. 

Designers frequently ask, “What is the maximum number of 
transceivers the bus allows?” The standard does not specify 
a maximum number of transceivers, but it does specify a 
maximum of 32 ULs. If a transceiver imposes one unit load, 
the maximum number of transceivers is also 32. You can 
now obtain transceivers with Va- and V4-UL ratings, which 
allow 64 and 128 transceivers. However, these fractional-UL 
devices, with their high-impedance input stages, typically 
operate much more slowly than do single-UL devices. The 
lower speed is acceptable for buses operating in the low 
hundreds of kilobits per second, but it may not be acceptable 
for a 10 Mbps bus. 

Note: EDN Design Feature Article, Reprinted with permission, Copyright 
1996 Reed Elsevier Inc 


7-169 


WWW national.com 


AN-1057 



AN-1057 


Mode and Nodes (Continued) 

A solution exists for high-speed buses: You can use RS-485 
repeaters to connect multiple buses end to end. In this setup, 
each bus must have no more than 32 loads. Directional 


control of the repeaters Is complex, but hardware can handle 
it (Reference 1). Therefore, a conservative estimate is that, 
without using special transceivers, a bus can include 32 
transceivers. 



01288201 

An RS-485 bus supports two-way data transfer over a single pair of wires. A typical bus includes multiple nodes. Each transceiver includes a differential driver, 
D, and a differential receiver, R The stub length is I The bus is terminated only at the ends —not at each node x 


FIGURE 1. 



The loading of a tranceiver must remain within the shading region to be one unit load 


FIGURE 2. 
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Mode and Nodes (Continued) 



Although you can make RS-485 buses with all of these configurations work, you should avoid the ones in (a), (c), and (e) Those in (b), (d), and (f), offer 
superior transmission-line performance 


FIGURE 3. 


Warning: A final word of caution Do not connect too many transceivers to 
the bus or lump too many transceivers too close together The AC 
loading, which results mainly from the devices’ pin I/O capacitance 
(usually about 15 pF), can alter the interconnect-medium imped¬ 
ance and cause transmission-line problems 

Configurations 

Because RS-485 allows connecting multiple transceivers, 
the bus configuration is not as straightforward as in a 
point-to-point bus (RS-232C, for example). In a point-to-point 
bus, a single driver connects to one receiver alone. The 
optimal configuration for the RS-485 bus is the daisy-chain 
connection from node 1 to node 2 to node 3 to node n. The 
bus must form a single continuous path, and the nodes in the 
middle of the bus must not be at the ends of long branches, 
spokes, or stubs. Figure 3a, Figure 3c, and Figure 3eillus- 
trate three common but impropetbus configurations. (If you 
mistakenly use one of these configurations, you can usually 
make it work but only through substantial effort and modifi¬ 
cation.) Figure 3b, Figure 3d, and Figure 3f show equivalent 
daisy-chained configurations. 

Connecting a node to the cable creates a stub, and, there¬ 
fore, every node has a stub. Minimizing the stub length 
minimizes transmission-line problems. For standard trans¬ 
ceivers with transition times around 10 ns, stubs should be 
shorter than 6 in. A better rule is to make the stubs as short 
as possible. A “star” configuration {Figure 3c) is a special 
case and a cause for concern. This configuration usually 
does not provide a clean signaling environment even if the 
cable runs are all of equal length. The star configuration also 
presents a termination problem, because terminating every 


endpoint would overload the driver. Terminating only two 
endpoints solves the loading problem but creates 
transmission-line problems at the unterminated ends. A true 
daisy-chain connection avoids all these problems. 

Interconnect Media 

The standard specifies only the driver-output and 
receiver-input characteristics—not the interconnection me¬ 
dium. You can build RS-485 buses using twisted-pair cables, 
flat cable, and other media, even backplane pc traces. How¬ 
ever, twisted-pair cable is the most common. You can use a 
range of wire gauges, but designers most frequently use 24 
AWG. The characteristic impedance of the cable should be 
10OQ to 120f2. A common misconception is that the cable’s 
chatacteristic impedance (Zq) must be 1200, but 1000 
works equally well in most cases. Moreover, the 1200 ca¬ 
ble’s higher Zq presents a lighter load, which can be helpful 
if the cable runs are extremely long. 

Twisted pair offers noise benefits over flat or ribbon cables. 
In flat cable, a noise source (usually a conductor carrying an 
unrelated signal) can be closer to one member of the con¬ 
ductor pair than to the other over an entire wiring-run length. 
In such cases, more noise capacitively couples to the closer 
conductor than to the more distant one, producing a differ¬ 
ential noise signal that can be large enough to corrupt the 
data. When you use the twisted pair, the noise source is 
closest to each of the conductors for roughly half of the 
wiring-run length. Therefore, the two conductors pick up 
roughly equal noise voltages. The receiver rejects these 
voltages because they appear mainly as common mode. 
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Interconnect Media (Continued) 

A special ribbon cable that is useful for noise reduction 
intermixes relatively long twisted sections with short flat sec¬ 
tions. This cable provides the advantages of twisted pair 
between the flat sections and allows the use of insulation 
displacement connectors at the flat points. 

Data Rate Vs Cable Length 

You can transmit data over an RS-485 bus for 4000 ft 
(1200m), and you can also send data over the bus at 10 
Mbps. But, you cannot send 10 Mbps data 4000 ft. At the 
maximum cable length, the maximum data rate is not obtain¬ 
able. The longer the cable, the slower that data rate, and 
vice versa. Figure 4a shows a conservative curve of data 
rate vs cable length for RS-422 and RS-485. The two slopes 
result from different limitations. The maximum cable length is 
the result of the voltage divider that the cable’s DC loop 
resistance and the termination resistance create. Remem¬ 
ber, for differential buses, the loop resistance is twice as high 
as you might expect, because both conductors in the pair 
equally contribute. 

The curve’s sloped portion results from AC limitations of the 
drivers and the cable. Figure 4b shows four limits for a 
DS3695 transceiver that drives a common twisted-pair 
cable. Notice that the data rate vs cable length depends 
significantly on how you determine the necessary signal 
quality. This graph includes two types of criteria. The first is 
a simple ratio of the driver’s transition time to the unit inter¬ 
val. A curve showing the results for the common 30% ratio 
defines the most conservative set of operating points. 



(a) DATA RATE (bps) 
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( 1 ^) DATA RATE (Mbps) 
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As you increase the cable length, the maximum data rate decreases The 
more jitter you can accept, the greater is the allowable data rate for a 
given length of cable 


FIGURE 4. 

Special Transceivers Soive Special Problems 


DS3696/A —Thermal shutdown 
reporting pin; This device provides an 
open collector pin that reports the 
occurrence of a severe bus fault that 
has caused a thermal shutdown of the 
driver (>150°C junction temperature). 
DS3697 —Repeater pinout: Special 
pinout that internally connects a 
receiver port to a driver port. You need 
two of these devices for a bidirectional 
repeater. 


DS3698 — Repeater pinout with 
thermal-shutdown pin; A repeater 
device that also provides the 
thermal-shutdown reporting pin. 


DS36276 —Fail-safe transceiver: 
Standard transceiver pinout with 
fail-safe detecting receiver, optimal for 
use with UARTs and asynchronous 
buses. 

DS36277 — Fail-safe transceiver with 
active-low driver enable: Similar to the 
DS36276 but includes an active-low 
driver-enable pin. This feature allows a 
simplified connection to a UART and 
supports dominant-mode operation (use 
of the enable pin as the data pin). 
DS36C278 —Ultra-low-power CMOS 
transceiver: pA supply current and full 
RS-485 drive capability. One-fourth unit 
load allows up to 128 transceivers on 
the bus. 


DS36C279 —Ultra-low-power CMOS 
transceiver with automatic-sleep mode: 
Optimizes current with the 
automatic-sleep mode. With inactivity 
on the enable lines, I cc drops to less 
than 10 pA. 

DS36C280 —Ultra-low-power CMOS 
transceiver with adjustable-slew-rate 
control: Adjustable driver slew rate 
allows tailoring for long stub lengths 
and reduced emissions. 


DS36954 —Quad transceiver: Offers 
four independent transceivers in a 
single package. Useful for parallel 
buses. 


A second method of determining the operating points uses 
eye-pattern (jitter) measurements. To make such measure¬ 
ments, you apply a pseudo random bit sequence (PRBS) to 
the driver’s input and measure the resulting eye pattern at 
the far end of the cable. The amount of jitter at the receiver’s 
threshold vs the unit interval yields the data point. Less jitter 
means better signal quality. Common operating curves use 
5, 10, or 20% jitter. Above 50%, the eye pattern starts to 
close, and error-free data recovery becomes difficult (Refer¬ 


ence 2). The key point is that you can’t obtain the maximum 
data rate at the maximum cable length. But, if you operate 
the bus within the published, conservative curves, you can 
expect an error-free installation. 

Termination and Stubs 

Most RS-485 buses require termination because of fast 
transitions, high data rates, or long cables. The purpose of 
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Termination and Stubs (Continued) 

the termination is to prevent adverse transmission-line phe¬ 
nomena, such as reflections. Both ends of the main cable 
require termination. A common mistake is to connect a ter¬ 
minating resistor at each node—a practice that causes 
trouble on buses that have four or more nodes. The active 
driver sees the four termination resistors in parallel, a con¬ 
dition that excessively loads the driver. If each of the four 
nodes connects a 100^^ termination resistor across the bus, 
the active driver sees a load of 25Q instead of the intended 
50fii. The problem becomes substantially worse with 32 
nodes. If each node includes a 100i^ termination resistor, the 
load becomes 3.12Q. You can include provisions for termi¬ 
nation at every node, but you should activate the termination 
resistors only at the end nodes (by using jumpers, for ex¬ 
ample). 

Stubs appear at two points. The first is between the termi¬ 
nation and the device behind it. The second is between the 
main cable and a device at the middle of the cable. Figure 1 
shows both stubs. The symbol T denotes the stub length. 
Keep this distance as short as possible. Keeping a stub’s 
electrical length below one-fourth of the signal’s transition 
time ensures that the stub behaves as a lumped load and not 
as a separate transmission line. If the stub is long, a signal 
that travels down the stub reflects to the mam line after 
hitting the input impedance of the device at the end of the 
stub. This impedance is high compared with that of the 
cable. The net effect is degradation of signal quality on the 
bus. Keeping the stubs as short as possible avoids this 
problem. Instead of adding a long branch stub, loop the mam 
cable to the device you wish to connect. If you must use a 
long stub, drive it with a special transceiver designed for the 
purpose. 


Termination Options 

You have several options for terminating an RS-485 bus. 
The first option is no termination. This option is feasible if the 
cable is short and if the data rate is low. Reflections occur, 
but they settle after about three round-trip delays. For a 
short-cable, the round-trip delay is short and, if the data rate 
IS low, the unit interval is long. Under these conditions, the 
reflections settle out before sampling, which occurs at the 
middle of the bit interval 

The most popular termination option is to connect a single 
resistor across the conductor pair at each end The resistor 
value matches the cable’s differential-mode characteristic 
impedance. If you terminate the bus in this way, no reflec¬ 
tions occur, and the signal fidelity is excellent. The problem 
with this termination option is the power dissipated m the 
termination resistors. 

If you must minimize power dissipation, an RC termination 
may be the solution. In place of the single resistor, you use a 
resistor m seris with a capacitor. The capacitor appears as a 
short circuit during transitions, and the resistor terminates 
the line. Once the capacitor charges, it blocks the DC loop 
current and presents a light load to the driver. Lowpass 
effects limit use of the RC termination to lower data-rate 
applications, however (Reference 3). 

Another popular option is a modified parallel termination that 
also provides a fail-safe bias. A detailed discussion of 
fail-safe biasing occurs later m the article. Figure 5 compares 
the four popular termination methods. The main point to 
remember is that, if you use termination, you should locate 
the termination networks at the two extreme ends of the 
cable, not at every node. 



TERMINATION NAME: 

UNTERMINATED 

PARALLEL 

RC TERMINATION 

FAILSAFE 

DATA RATE: 

LOW 

HIGH 

MEDIUM 

HIGH 

SIGNAL QUALITY: 

LIMITED 

EXCELLENT 

LIMITED 

EXCELLENT 

POWER: 

LOW 

HIGH 

LOW 

HIGH 
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RS-485 buses can use four methods of termination Achieving the best electrical performance requires accepting higher power dissipation in the termination 
resistors 


FIGURE 5. 


Unique Differential and RS-485 
Parameters 

Four parameters that are important to differential data trans¬ 
mission and RS-485 are Vqd. Vqs. Vqpd, and Vcm- Figure 6, 


Figure Zand Figure 8 illustrate these parameters, which are 
not common in the world of single-ended signaling and 
standard logic families. 
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Unique Differential and RS-485 
Parameters (Continued) 

Vqd represents the differential output voltage of the driver 
across the termination load. The RS-485 standard refers to 
this parameter as “termination voltage” (Vy), but Vqd is also 
commonly used. You measure Vqd differentially across the 
transmission line—not with respect to ground. On long 
cable runs, the DC resistance attenuates Vqd. but the re¬ 
ceivers require only a 200 mV potential to assume the proper 
state. Attenuation, therefore, is not a problem. At the driver 
output, Vqd is 1.5V minimum. The IC manufacturer should 
guarantee this voltage under two test conditions: The first 
uses a simple differential load resistor. The second includes 
two 375Q resistors connected to a common-mode supply. 
These resistors model the input impedance of 32 parallel 
ULs, all referenced to an extreme common-mode voltage. To 
make the 1.5V limit in this test, the driver must source or sink 
roughly 60 mA. This test is difficult and is important, because 
it essentially guarantees the system’s differential-noise mar¬ 
gin under worst-case loading and common-mode conditions. 
Data sheets for RS-485 drivers usually do not include Vql or 
Vqh specifications. The driver’s VqlIS typically around 1V. 
Even for CMOS devices, Vqh is slighly above 3V, because 
both the source and sink paths of the output structure in¬ 
clude a series-connected diode, which provides the 
common-mode tolerance for an Off driver. Because Vql is 
usually greater than 0.8V, an RS-485 driver is not 
TTL-compatible. 


Vqs represents the driver’s offset voltage measured from the 
center point of the load with respect to the driver’s ground 
reference. Vqs is also called “Voc” for output common-mode 
voltage. This parameter is related to Vcm- 
VcM represents the common-mode voltage for which 
RS-485 is famous. The limit is -7V to +12V. Common-mode 
voltage is defined as the algebraic mean of the two 
local-ground-referenced voltages applied to the referenced 
terminals (receiver input pins, for example). The 
common-mode voltage represents the sum of three voltage 
sources. The first is the active driver’s offset voltage. The 
second is coupled noise that shows up as common mode on 
both signal lines. The third is the ground-potential difference 
between the node and the active driver on the bus. Math¬ 
ematically, 

Vcm = Vqs + V^oise + Vqpd. 

Vqpd represents the ground-potential difference that can 
exist between nodes in the system. RS-485 allows for a 7V 
shift in grounds. A shift of 7V below the negative (OV) power 
rail yields the -7V common-mode limit, whereas 7V above 
the 5V positive power rail yields the other common-mode 
limit of 12V. Understanding these parameters enables im¬ 
proved component selection, because some devices trade 
off certain parameters to gain others. 

To further illustrate RS-485’s common-mode noise-rejection 
capability, you can conduct the following test: Connect a 
driver to a receiver via an unshielded twisted-pair cable. 
Then, couple a noise signal onto the line, and, from the 
scope, plot the resulting waveform at the receiver input 
{Figure 9). The plot includes the receiver’s output signal. 
Note that the receiver clearly detects the correct signal state, 
despite the common-mode noise. Differential transmission 
offers this high noise rejection; a single-ended system would 
erroneously switch states several times under these test 
conditions. 
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Because RS-485 buses are differential, they involve parameters that have no counterparts in single-ended systems 


FIGURE 6. 
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Unique Differential and RS-485 Parameters (Continued) 



Although the voltages on the bus’s two conductors vary symmetrically about a value that is halfway between the driver’s Low and High output-state values, the 
differential voltage between the conductors varies about zero In addition, the differential voltage swing is double the swing on either of the bus conductors 


FIGURE 7. 
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The common-mode voltage, Vc^, is the average of the voltages at a driver’s two outputs or a receiver’s two inputs You measure all voltages with respect to 
the driver’s or receiver’s common terminal 


FIGURE 8. 
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Unique Differential and RS-485 Parameters (Continued) 
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Because of the bus’s differentail nature and the receiver’s common-mode rejection, the receiver’s output (lowest trace) is clean despite large common-mode 
noise voltages on both of the bus conductors 


FIGURE 9. 


Standards Related to RS-485 

EIA RS-485 —Originally published in 
1983, the multipoint standard specifies 
the concept of the unit load along with 
electrical characteristics of the drivers 
and receivers. It was developed from 
the RS-422 standard, adding multipoint 
capability, extended common-mode 
range, increased drive capability, and 
contention protection. It is an 
“electrical-only” standard that does not 
specify the function of the bus or any 
connectors. 

TIA/EIA-485-A (PN-3498)— The TIA 

expects completion of the first revision 
to RS-485 this year (Project Number 
3498). The goals of the revision are to 
clean up vague text and to provide 
additional information to clarify certain 
technical topics. This work will become 
the “A” revision of RS-485 once the 
balloting (approval) process is 
complete. In addition to the revision 
work, an application bulletin (PN-3615) 
is also in process. This document will 
provide additional application details 
and system considerations to aid the 
designer. 

ISO/IEC 8482.1993 —The current 

revision of this international standard 
maps closely to RS-485. The original 

ISO standard specified different iimits 
and conditions. However, the 1993 
revision changed many of these 
differences, and RS-485 and ISO 8482 
are now similar. 


Grounding and Shielding 

Although the potential difference between the data-pair con¬ 
ductors determines the signal without officiaily involving 
ground, the bus needs a ground wire to provide a return path 
for induced common-mode noise and currents, such as the 
receivers’ input current. A typical mistake is to connect two 
nodes with only two wires. If you do this, the system may 
radiate high levels of EMI, because the common-mode re¬ 
turn current finds its way back to the source, regardless of 
where the loop takes it. An intentional ground provides a 
low-impedance path in a known location, thus reducing 
emissions. 

Electromagnetic-compatibility and application requirements 
determine whether you need a shield. A shield both prevents 


the coupling of external noise to the bus and limits emissions 
from the bus. Generaliy, a shieid connects to a solid ground 
(normally, the metal frame around the system or subsystem) 
with a low impedance at one end and a series RC network at 
the other. This arrangement prevents the flow of DC 
ground-loop currents in the shield. 

Contention Protection 

Because RS-485 allows for connecting multiple drivers to 
the bus, the standard addresses the topic of contention. 
When two or more drivers are in contention, the signai state 
on the bus is not guaranteed. If two drivers are on at the 
same time and if they are driving the same state, the bus 
state is valid. However, if the drivers are in opposite states. 
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Contention Protection (Continued) 

the bus state is undetermined, because the differentiai volt¬ 
age on the bus drops to a low value within the receiver’s 
threshoid range Because you do not know the driver states, 
you must assume the worst—nameiy, that the data on the 
bus is invaiid. 

Contention can also damage the ICs. If several drivers are in 
one state, a singie driver in the opposite state sinks a high 
current (as much as 250 mA). This iarge current causes 
excessive power dissipation. A difference in ground potential 
between nodes only aggravates this dissipation. In this situ¬ 
ation, the driver’s junction temperature can increase beyond 
safe limits. The RS-485 standard recommends the use of 
special circuitry, such as a thermal shutdown circuit, to pre¬ 
vent such damage. Most RS-485 devices use this technique. 
The shutdown circuit disables the driver outputs when the 
junction temperature exceeds 150“C and automatically 
re-enables the outputs when the junction cools. If the fault is 
still present, the device cycles into and out of thermal shut¬ 
down until someone clears the fault. 

Besides thermal shutdown, other current limiting is required 
to prevent accidental damage. If an active output is shorted 
to any voltage within the -7V to +12V range, the resulting 
current must not exceed 250 mA In addition, the outputs of 
a driver must not sustain damage if they are shorted together 
indefinitely (Entering thermal shutdown is allowed, of 
course.) Lastly, RS-485 drivers must source and sink large 
currents (60 mA) This situation requires outputs of rather 
large geometry, which provide robust ESD protection. 

Special-Function Transceivers 

You can handle many of the above-mentioned issues by 
using special transceivers, of which there are several types, 
differing in pinout or functions supported. The most common 
device is a standard transceiver (DS3695/DS75176B), which 
provides a two-pin connection to the RS-485 bus and a 
four-pin TTL interface (driver input, driver enable, receiver 
output, and receiver enable). Among the problems you can 
solve with an appropriate transceiver are these: 

For ultra-low-power applications, the DS36C279 provides an 
auto-sleep function. Inactivity on the two enable lines auto¬ 
matically triggers the sleep mode, dropping the 
power-supply current to less than 10 pA. This characteristic 
IS extremely valuable in applications that provide an inter¬ 
face connection but that are connected to their cables for 
down-loading only a small percentage of the time. This is the 
case for package-tracking boxes carried by many 
overnight-delivery services. With this sleep feature, idle 
transceivers do not consume precious battery current. 

For applications that are asynchronous and based on a 
standard UART, fail-safe biasing is an issue. UARTs look for 
a low or a high state, and, between characters, the line 
usually remains high. With RS-485, this condition is trouble¬ 
some, because, when there are no active drivers on the bus, 
the bus state is undetermined. (See the following section for 
a detailed discussion of fail-safe biasing.) In this case, the 
DS36276 simplifies the hardware design. This unique trans¬ 
ceiver’s receiver detects a high state for a driven high and 
also for the nondriven (V,d = 0) bus state, thus providing the 
UART with the high state between characters and only valid 
start bits 


Although the discussion of configurations and the section on 
stubs advises minimizing stub length to avoid 
transmission-line problems, the application may not permit 
minimizing stub length Another approach is to increase the 
driver’s transition time to permit longer stubs without 
transmission-line effects. If you use the DS36C280, long 
stubs can branch off the main cable. This arrangement 
keeps the mam cable short, whereas looping the cable back 
and forth to reach inconveniently located nodes would 
greatly increase the main-cable length. Besides allowing 
longer stubs, the slower edge rates generate lower emis¬ 
sions. Thus, this transceiver is also useful for applications 
that severely limit emitted noise. 

Fail-Safe Biasing 

The need for fail-safe operation is both the principal applica¬ 
tion issue and most frequently encountered problem with 
RS-485. Fail-safe biasing provides a known state in which 
there are no active drivers on the bus. Other standards do 
not have to deal with this issue, because they typically define 
a point-to-point or multidrop bus with only one driver. The 
one driver either drives the line or is off. Because there is 
only one source on the bus, the bus is off when the driver is 
off. RS-485, on the other hand, allows for connection of 
multiple drivers to the bus. The bus is either active or idle. 
When it is idle with no drivers on, a question arises as to the 
state of the bus. Is it high, low, or in the state last driven? The 
answer is any of the above. With no active drivers and 
low-impedance termination resistors, the resulting differen¬ 
tial voltage across the conductor pair is close to zero, which 
IS in the middle of the receivers’ thresholds. Thus, the state 
of the bus is truly undetermined and cannot be guaranteed. 
Some of the functional protocols that many applications use 
aggravate this problem. In an asynchronous bus, the first 
transition indicates the start of a character. It is important for 
the bus to change states on this leading edge. Otherwise, 
the clocking inside the UART is out of sync with the charac¬ 
ter and creates a framing error. The idle bus can also ran¬ 
domly switch because of noise. In this case, the noise emu¬ 
lates a valid start bit, which the UART latches. The result is 
a framing error or, worse, an interrupt that distracts the CPU 
from other work. 

The way to provide fail-safe operation requires only two 
additional resistors. At one end of the bus (the master node, 
for example), connect a pullup and pulldown resistor {Figure 
10). This arrangement provides a simple voltage divider on 
the bus when there are no active drivers. Select the resistors 
so that at least 200 mV appears across the conductor pair. 
This voltage puts the receivers into a known state. Values 
that can provide this bias are 750^ for the pullup and pull¬ 
down resistors, 130^^ across the conductor pair at the 
fail-safe point, and a 120Q termination at the other end of the 
cable. For balance, use the same value for the pullup and 
pulldown resistors. Reference 4 provides extensive details 
on this issue. 

Forethought into these 10 areas before production greatly 
reduces the likelihood of problems. RS-485 is unique in its 
capabilities and requirements. Fully understanding these 10 
issues leads to a rock-solid, trouble-free, multipoint differen¬ 
tial interface that maximizes the benefits of RS-485 and 
provides the application with robust, rugged, highly 
noise-tolerant data communication. 
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Fail-Safe Biasing (Continued) 
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Unless you do something to keep the situation from occurring, when no 
driver is driving the bus, the receivers cannot determine the bus state 
Fail-safe biasing is a bus-termination method, which ensures that, even 
when no driver is active, a differential voltage large enough to 
unambiguously determine the bus state appears at the receiver inputs 

FIGURE 10. 
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Understanding the Power 
Supply Requirements of 
PCI Bus Standard-How to 
Protect the Digital 
Components 

Until recently, PCI systems primarily used 5V components. 
But as submicron process technology advances, the trend is 
to support mixed voltage components in the newer PCI 
systems. As a result, power supply requirements on mixed 
voltage PCI systems are getting increasing attention from 
the design community. Understanding and designing to 
these requirements will prevent any power supply variations 
from damaging PCI components. These requirements are 
defined in the analog portion of the PCI Specification Revi¬ 
sion 2.1. They specifically deal with 5V and 3.3V mixed- 
voltage environment. 

This article provides a guide to the PCI system designers. 
The analog portion of the PCI 2.1 is scattered in various 
sections of the document. This article compiles all the analog 
requirements in Table 1 and explains the requirements in 
detail. 

Inside a typical computer, there are ±12V, ±5V and +3.3V 
power supplies. The analog portion of PCI Specification 
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Revision 2.1 focuses on the +5V and +3.3V power supply 
requirements, because the PCI local bus and add-in cards 
may run on either or both voltages. The requirements outline 
what actions must be taken when the supply voltages are out 
of tolerance, as in Section 4.3.2 of PCI 2.1. It also describes 
possible behaviors of supply voltages that may destroy PCI 
components. Real danger exists if these requirements are 
ignored. Therefore, building a robust PCI system demands a 
solution to address the issues discussed above. This re¬ 
sponsibility falls on the PCI system architecture designers 
and system design engineers. 

Table 1 lists the sections in the PCI Specification Revision 
2.1 that cover the analog requirements. Specs I and II es¬ 
tablish the ±5% initial tolerance forSV supply. Specs III and 
IV establish ±9% initial tolerance for 3.3V supply. 



TABLE 1. Analog Requirements Found in PCI Specification Revision 2.1 



PCI Local Bus Specification Revision 2.1 

Where to Find 
Spec 

Page # 

I 

Maximum for 5V Supply Voltage 5.25V *see Spec V 

Section 4.2.1.1 

Table 4.1 

123 

II 

Minimum for 5V Supply Voltage 4.75V *see Spec V 

Section 4.2.1.1 

Table 4.1 

123 

III 

Maximum for 3.3V Supply Voltage 3.6V *see Spec V 

Section 4.2.2.1 

Table 4.3 

128 

IV 

Minimum for 3.3V Supply Voltage 3.0V *see Spec V 

Section 4.2.2.1 

Table 4.3 

128 

V 

The value of Tfa,, is the minimum of 

500 ns (maximum) from either power rail going out of specifications 
*(exceeding specified toierances by more than 500 mV). 

100 ns (maximum) from the 5V rail failing below 3.3V rail by more than 
500 mV. 

Section 4.3.2 

Reset Section 

139 

VI 

Anytime RST is asserted, ail PCI output signals must be driven to their 
benign state. In general, this means they must be asynchronously 
tri-stated. 

Section 2.2.1 

RST Section 

9 

VII 

Clamping directly to the 3.3V rail with a simple diode must never be 
used in the 5V signaling environment. When dual power rails are used, 
parasitic diode paths can exist from one supply to another. These diode 
paths can become significantly forward biased (conducting) if one of the 
power rails goes out of spec momentarily. Diode clamps to a power rails 
as well as to output pull-up devices, must be able to wthstand short 
circuit current until drivers can be tri-stated. Refer to Section 4.3.2 for 

more information. 

Section 4.2.1.2 
(refer to the 
article for more 
information) 

126 
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TABLE 1. Analog Requirements Found in PCI Specification Revision 2.1 (Continued) 



PCI Local Bus Specification Revision 2.1 

Where to Find 
Spec 

Page # 

VIII 

There is no specified sequence in which the four power rails (12V, -12V, 
5V and 3.3V) are activated or deactivated. They may come up and go 
down in any order. The system must assert RST both at power up and 
whenever either the 5V or 3.3V rails go out of spec (per Section 4.3.2). 
During reset, all PCI signals are driven to a “safe” state, as described in 
Section 4.3.2. 

Section 4.3.4.2 
(refer to the 
article for more 
information) 

142 


Spec V establishes an additional ±500 mV on both of the 5V 
and 3.3V supplies for noise margin consideration. Moreover, 
Spec V states t hat if either the 5V supply or the 3.3V supply 
is out of limit, a RST signal has to be assert ed wit hin 500 ns. 
For example, if 5V supply is over 5.75V, RST has to be 
asserted within 500 ns. The worst case in Spec V, and a 
potentially destructive case, i s if 5 V supply falls below 3.3V 
supply by more than 300 mV. RST signal has to be asserted 
within 100 ns when this occurs. 

Spec VI requires that all PCI output signals be tri-stated once 
RST is asserted. Tri-stating the PCI devices will prevent any 
current flowing from the PCI devices to damage other PCI 
devices connected to the PCI bus. 

Spec VII describes possible dangers of protection diodes 
being turned on in mixed voltage environment. In the event 
that a protection diode is clamped directly to 3.3V supply in 
an 3.3V I/O device, it will be forwarded biased when the input 
of the I/O is coming from 5V devices. This is shown in Figure 
1. Possibly, a large amount of current will flow from 5V 
outputs into the 3.3V device through the protection diode, 
damaging the 3.3V device. Consequently, Spec VII advises 
never to clamp a diode directly to 3.3V supply in 5V signaling 
environment. 

Specs VII describes another situation where the current flow 
IS from 3.3V supply to 5V supply. In the case when 5V supply 
is accidently crowbarred to ground, a current path exists 
between 3.3V supply and 5V supply (now ground), shown in 
Figure 2. The current flows from the 3.3V device through the 
PCI bus into the 5V device. Since the 5V supply is now 
ground, the input protection diode inside the 5V device be¬ 
comes forward biased, allowing the large current to pass 
through, possibly damaging the 5 V dev ice. Spec V and VI 
protect the 5V device by asserting RST In 100 ns wh en the 
5V falls below 3.3V by more than 300 mV. Upon RST asser¬ 
tion, all PCI output signals will be tri-stated. 

The 5V and the 3.3V devices in Figure 2 can be part of a 
discrete logic, chipset, or ASIC. 

Spec VIII points out another threat that mixed voltage sup¬ 
plies have on PCI components. PCI 2.1 does not guarantee 



FIGURE 1. Possible Current Diode Path from 5V to 3.3V via 3.3V Clamp Diode 


power-up and power-down sequences. As as example of 
Spec VIII, consider the instance where 3.3V supply comes 
up before 5V supply. If 5V rises slowly, staying under 3.3V, 
there can be a current path from 3.3V supply to 5V supply 
through the protection diode inside the 5V logic. Destruction 
can happen. The same principle applies when 3.3V power 
supply goes to ground slow er than 5V. Spec V prevents 
disasters by asserting RST until supplies are within their 
limits. 

A second example on Spec VIII is the case where 5V and 
3.3V supplies are independently regulated from the main 
power supply. If the 5V supply momentarily fails, 5V devices 
can suffer from electrical overstress resulting from current 
flowing from 3.3V to 5V through the 5V device input protec- 
tion d iodes. Again, Spec V saves the situation by asserting 
RST when 5V is out of limit. 

A third example of Spec VIII is the case where 3.3V is 
generated from 5V via a linear regulator either in the main 
power supply or add-in cards. Some regulators do not pro¬ 
vide current limiting on 3.3V output. Electrical overstress can 
damage the pass transistor inside the regulator, allowing the 
3.3V to rise to 5V. This would exceed the operating voltage 
range on the 3.3V de vices. PCI 2.1 provides over-voltage 
protection by asserting RST to tri-state outputs in this situa¬ 
tion. 

Mixed voltage environment presents a new challenge to the 
PCI system architecture designers. With so many different 
power supply sources using various implementations, it is 
very difficult to ensure that a power supply complies with PCI 
2.1 at all times. Many believe that PCI voltage monitoring is 
the responsibility of the power supply section. Today, this is 
not the case. A PCI system designer has no control of power 
supplies and add-in cards. However, he does have control of 
the motherboard. Therefore, it is far better to design the 
protection function that will monitor all types of power sup¬ 
plies and add-in cards on the motherboard. As a reference. 
Table 2 shows some safe and unsafe conditions in mixed 
voltage PCI systems. 
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FIGURE 2. Possible Current Diode Path from 3.3V to 5V when 5V is Crowbarred 


TABLE 2. Safe and Unsafe Conditions in 
Mixed Voltage PCI Systems 

UNSAFE CONDITIONS: 

3.3V supply coming up before 5V supply. 

5V and 3.3V power supplies are independently regulated 
from the main power supply. 

3.3V IS generated from 5V via linear regulator. 

Any 3.3V logic 1C that is not 5V tolerant and does not 
use buffers that are 5V tolerant to drive directly on the 

PCI bus. _ 

SAFE CONDITIONS: 

PCI bus is 5V only or 3.3V only This includes PCI add-in 
cards. 

3.3V logic is 5V tolerant. This includes any I/O being 
directly connected to the PCI bus. Mixed 5V and 3.3V 
have compatible logic levels. 

Any 3.3V logic IC’s that are not 5V tolerant use buffers 
that are 5V tolerant to drive directly on the PCI bus. This 
applies to motherboard as well as add-in cards. 

National Semiconductor recognizes the need for monitoring 
power supplies in PCI environment to ensure system integ¬ 
rity and safety. The LMC6953 PCI power supply monitor 1C is 
designed to comply with PCI 2.1, meeting all the analog 
requirements. It fully addresses all the specs discussed. 
There are five comparators inside the LMC6953. Two of 
them monitor over-voltage and under-voltage on the 5V 


supply; two other monitor the over-voltage and under¬ 
voltage on the 3.3V supply. The fifth one is a differential 
comparator monitoring for power failure - 5V going 300 mV 
below 3.3V. The LMC6953 also has a 5V/3.3V logic co mpat- 
ible interrupt pin. During power-up, the LMC6953 holds RST 
low for 100 ms (as required by Section 4.3.2, Figure 4.12 on 
page 140 of PCI 2.1) after both 5V and 3.3V supplies are 
within their specified windows. It asserts RST within 490 ns 
when an over-voltage or an under-voltage is detected. In 
case of power failure or momentary fault where the 5 V 
supply falls below 3.3V supply by 300 mV maximum, RST is 
asserted within 90 ns. 

RST also can be instantly asserted by send ing a CMOS logic 
low to the manual interrupt pin. Each time RST is asserted, 
it holds low for 100 ms after all fault conditions are recov¬ 
ered. The 100 ms delay is generated by the 0.01 pF Cext 
capacitor, and can be adjusted by changing the value of 
Cext- 

The LMC6953 is designed for desktop PC motherboards or 
add-in cards. Figure 3 shows the LMC6953 monitoring the 
5V and 3 .3V p ower supplies from the power supplies and 
asserting RST to the system controllers in case of a fault 
condition. RST from the LMC6953 has an open-drain output 
and can be ORed to different system controllers. If monitor¬ 
ing a third voltage is desired, for example, 12V, it can be 
achieved by voltage dividing the 12V down to 2.5V and 
connecting it to the manual reset input. Furthermore, the 
manual reset input can, at the same time, accept a logic 
output and the divided-down 12V, as shown in Figure 4. 
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FIGURE 3. Typical Application Circuit using the LMC6953 on a Motherboard 



10003504 


FIGURE 4. Using LMC6953 to Monitor Three Different Voltages 


Power supplies do not provide any functions defined in PCI 
2.1. In fact, power supplies have such diverse designs that 
the only sure way to design a PCI-compliant system is to 
include the power supply monitoring functions on the moth¬ 
erboard. The LMC6953 is designed for that purpose. It offers 
an integrated solution that completely covers the power 
supply requirements in PCI 2.1. Designing the LMC6953 into 
a mixed voltage PCI system will protect the di gital c ompo- 
nents in that system. The LMC6953 asserts RST to the 


system controllers w hen t here is a fault condition on the 
supply voltages. The RST in turn drives all PCI output sig¬ 
nals to their benign state, preventing destructive events due 
to any of the conditions listed in Table 1. 

There are datasheets, demonstration boards and powerpoint 
presentation to aid designers and the sales force to learn 
more about the LMC6953 as well as gaining further insight 
into this subject. 
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Understanding Integrated 
Circuit Package Power 
Capabilities 

Introduction 

The short and long term reliability of National Semiconduc¬ 
tor’s interface circuits, like any integrated circuit, is very 
dependent on its environmental condition. Beyond the 
mechanical/environmental factors, nothing has a greater in¬ 
fluence on this reliability than the electrical and thermal 
stress seen by the integrated circuit. Both of these stress 
issues are specifically addressed on every interface circuit 
data sheet, under the headings of Absolute Maximum Rat¬ 
ings and Recommended Operating Conditions. 

However, through application calls, it has become clear that 
electrical stress conditions are generally more understood 
than the thermal stress conditions Understanding the impor¬ 
tance of electrical stress should never be reduced, but 
clearly, a higher focus and understanding must be placed on 
thermal stress. Thermal stress and its application to interface 
circuits from National Semiconductor is the subject of this 
application note. 

Factors Affecting Device Reliability 

Figure 1 shows the well known “bathtub” curve plotting fail¬ 
ure rate versus time. Similar to all system hardware (me¬ 
chanical or electrical) the reliability of interface integrated 
circuits conform to this curve. The key issues associated 
with this curve are infant mortality, failure rate, and useful 
life. 



EARLY LIFE USEFUL LIFE WEAROUT TIME 

00528001 


FIGURE 1. Failure Rate vs Time 
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Failure rate is the number of devices that will be expected to 
fail in a given period of time (such as, per million hours). The 
mean time between failure (MTBF) is the average time (in 
hours) that will be expected to elapse after a unit has failed 
before the next unit failure will occur. These two primary 
“units of measure” for device reliability are inversely related: 


Failure Rate 


Although the “bathtub” curve plots the overall failure rate 
versus time, the useful failure rate can be defined as the 
percentage of devices that fail per-unit-time during the flat 
portion of the curve. This area, called the useful life, extends 
between t1 and t2 or from the end of infant mortality to the 
onset of wearout. The useful life may be as short as several 
years but usually extends for decades if adequate design 
margins are used in the development of a system. 

Many factors influence useful life Including: pressure, me¬ 
chanical stress, thermal cycling, and electrical stress. How¬ 
ever, die temperature during the device’s useful life plays an 
equally important role in triggering the onset of wearout. 

Failure Rates vs Time and 
Temperature 

The relationship between integrated circuit failure rates and 
time and temperature is a well established fact. The occur¬ 
rence of these failures is a function which can be repre¬ 
sented by the Arrhenius Model. Well validated and predomi¬ 
nantly used for accelerated life testing of integrated circuits, 
the Arrhenius Model assumes the degradation of a perfor¬ 
mance parameter is linear with time and that MTBF is a 
function of temperature stress. The temperature depen¬ 
dence is an exponential function that defines the probability 
of occurrence. This results in a formula for expressing the 
lifetime or MTBF at a given temperature stress in relation to 
another MTBF at a different temperature. The ratio of these 
two MTBFs is called the acceleration factor F and is defined 
by the following equation: 



f 1 

-]] 

[k 

[T2 

Tljj 


Infant mortality, the high failure rate from time tO to t1 (early 
life), is greatly influenced by system stress conditions other 
than temperature, and can vary widely from one application 
to another. The main stress factors that contribute to infant 
mortality are electrical transients and noise, mechanical mal¬ 
treatment and excessive temperatures. Most of these fail¬ 
ures are discovered in device test, burn-in, card assembly 
and handling, and initial system test and operation. Although 
important, much literature is available on the subject of infant 
mortality in integrated circuits and is beyond the scope of this 
application note. 


Where: X1 = Failure rate at junction temperature T1 
X2 = Failure rate at junction temperature T2 
T = Junction temperature in degrees Kelvin 
E = Thermal activation energy in electron volts (ev) 

K = Boltzman’s constant 

However, the dramatic acceleration effect of junction tem¬ 
perature (chip temperature) on failure rate Is illustrated in a 
plot of the above equation for three different activation ener¬ 
gies in Figure 2. This graph clearly demonstrates the Impor- 
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Failure Rates vs Time and 
Temperature (Continued) 

tance of the relationship of junction temperature to device 
failure rate. For example, using the 0.99 ev line, a 30° rise in 
junction temperature, say from 130°C to 160°C, results in a 
10 to 1 increase in failure rate. 



30 60 90 120 150 180 210 

JUNCTION TEMPERATURE (°C) 


00528002 

FIGURE 2. Failure Rate as a Function 
of Junction Temperature 

Device Thermal Capabilities 

There are many factors which affect the thermal capability of 
an integrated circuit. To understand these we need to under¬ 
stand the predominant paths for heat to transfer out of the 
integrated circuit package. This is illustrated by Figure 3 and 
Figure 4. 

Figure 3 shows a cross-sectional view of an assembled 
Integrated circuit mounted into a printed circuit board. 


Figure 4 is a flow chart showing how the heat generated at 
the power source, the junctions of the integrated circuit flows 
from the chip to the ultimate heat sink, the ambient environ¬ 
ment. There are two predominant paths. The first is from the 
die to the die attach pad to the surrounding package material 
to the package lead frame to the printed circuit board and 
then to the ambient. The second path is from the package 
directly to the ambient air. 

Improving the thermal characteristics of any stage in the flow 
chart of Figure 4 will result in an improvement in device 
thermal characteristics. However, grouping all these charac¬ 
teristics into one equation determining the overall thermal 
capability of an integrated circuit/package/environmental 
condition is possible. The equation that expresses this rela¬ 
tionship is: 

Tj = Ta + Pd (0ja) 

Where: Tj = Die junction temperature 

Ta = Ambient temperature In the vicinity device 

Pd = Total power dissipation (in watts) 

®JA = Thermal resistance junction-to-ambient 
Qja. the thermal resistance from device junction-to-ambient 
temperature, is measured and specified by the manufactur¬ 
ers of integrated circuits. National Semiconductor utilizes 
special vehicles and methods to measure and monitor this 
parameter. All interface circuit data sheets specify the ther¬ 
mal characteristics and capabilities of the packages avail¬ 
able for a given device under specific conditions—these 
package power ratings directly relate to thermal resistance 
junction-to-ambient or Gja- 

Although National provides these thermal ratings, it is critical 
that the end user understand how to use these numbers to 
improve thermal characteristics in the development of his 
system using interface components. 



FIGURE 3. Integrated Circuit Soldered into a Printed Circuit Board (Cross-Sectional View) 
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FIGURE 4. Thermal Flow (Predominant Paths) 
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Determining Device Operating 
Junction Temperature 

From the above equation the method of determining actual 
worst-case device operating junction temperature becomes 
straightforward. Given a package thermal characteristic, 6 ja, 
worst-case ambient operating temperature, T/vCmax), the 
only unknown parameter is device power dissipation, Pq. In 
calculating this parameter, the dissipation of the integrated 
circuit due to its own supply has to be considered, the 
dissipation within the package due to the external load must 
also be added. The power associated with the load in a 
dynamic (switching) situation must also be considered. For 
example, the power associated with an inductor or a capaci¬ 
tor in a static versus dynamic (say, 1 MHz) condition is 
significantly different. 

The junction temperature of a device with a total package 
power of 600 mW at 70°C in a package with a thermal 
resistance of 63°C/W is 108°C. 

Tj = 70°C + (63°C/W) X (0.6W) = tOS^C 
The next obvious question is, “how safe is 108°C'?” 


Maximum Allowable Junction 
Temperatures 

What is an acceptable maximum operating junction tempera¬ 
ture is in itself somewhat of a difficult question to answer. 
Many companies have established their own standards 
based on corporate policy. However, the semiconductor in¬ 
dustry has developed some defacto standards based on the 
device package type. These have been well accepted as 
numbers that relate to reasonable (acceptable) device life¬ 
times, thus failure rates. 

National Semiconductor has adopted these industry-wide 
standards. For devices fabricated in a molded package, the 
maximum allowable junction temperature is 150°C. For 
these devices assembled in ceramic or cavity DIP packages, 
the maximum allowable junction temperature is 175°C. The 
numbers are different because of the differences in package 
types. The thermal strain associated with the die package 
interface in a cavity package is much less than that exhibited 
in a molded package where the integrated circuit chip is in 
direct contact with the package material. 

Let us use this new information and our thermal equation to 
construct a graph which displays the safe thermal (power) 
operating area for a given package type. Figure 5 is an 
example of such a graph. The end points of this graph are 
easily determined. For a 16-pin molded package, the maxi¬ 
mum allowable temperature is 150°C; at this point no power 
dissipation is allowable. The power capability at 25°C is 
1.98W as given by the following calculation: 


Pd @ 25"C 


Tj(max)-TA _ 150”C-25X 
0JA 63'’C/W 


1.98W 


As mentioned. Figure 5 is a plot of the safe thermal operating 
area for a device in a 16-pin molded DIP. As long as the 
intersection of a vertical line defining the maximum ambient 
temperature (70°C in our previous example) and maximum 
device package power (600 mW) remains below the maxi¬ 
mum package thermal capability line the junction tempera¬ 
ture will remain below 150°C—the limit for a molded pack¬ 
age. If the intersection of ambient temperature and package 
power fails on this line, the maximum junction temperature 
will be 150°C. Any intersection that occurs above this line will 
result in a junction temperature in excess of 150°C and is not 
an appropriate operating condition. 



25 50 75 100 125 150 175 


TEMPERATURE (°C) 


FIGURE 5. Package Power Capability 
vs Temperature 

The thermal capabilities of all interface circuits are ex¬ 
pressed as a power capability at 25°C still air environment 
with a given derating factor. This simply states, for every 
degree of ambient temperature rise above 25°C, reduce the 
package power capability stated by the derating factor which 
is expressed in mW/°C. For our example—a Gja of 63°C/W 
relates to a derating factor of 15.9 mW/°C. 

Factors influencing Package 
Thermal Resistance 

As discussed earlier, improving any portion of the two pri¬ 
mary thermal flow paths will result in an improvement in 
overall thermal resistance junction-to-ambient. This section 
discusses those components of thermal resistance that can 
be Influenced by the manufacturer of the integrated circuit. It 
also discusses those factors in the overall thermal resistance 
that can be impacted by the end user of the integrated 
circuit. Understanding these issues will go a long way in 
understanding chip power capabilities and what can be done 
to insure the best possible operating conditions and, thus, 
best overall reliability. 


The slope of the straight line between these two points is 
minus the inversion of the thermal resistance. This is re¬ 
ferred to as the derating factor. 

Derating Factor = - —^ 

^JA 


DIE SIZE 

F/gft/re 6shows a graph of our 16-pin DIP thermal resistance 
as a function of integrated circuit die size Clearly, as the chip 
size increases the thermal resistance decreases—this re¬ 
lates directly to having a larger area with which to dissipate 
a given power. 
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Factors Influencing Package 
Thermal Resistance (Continued) 
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DIE SIZE (kMIL^) 

00528006 

FIGURE 6. Thermal Resistance vs Die Size 


frame—these are lead frame materials commonly used in 
the industry. Obviously the thermal conductivity of the lead 
frame material has a significant impact in package power 
capability. Molded interface circuits from National Semicon¬ 
ductor use the copper lead frame exclusively. 



1 2 3 4 5 6 7 8910 

DIE SIZE (kMiL^) 

00528017 


PIN COUNT 

For higher pin count packages such as Plastic Quad Flat 
Packages (PQFPs), Figure 7 shows the range of thermal 
resistances for a number of different package pin counts, 
from 44 to 160-lead. Better thermal dissipation is achieved 
with the larger packages. The values observed depend on 
the die and corresponding paddle sizes. 



FIGURE 7. Thermal resistance for the PQFP family of 
packages. The bars on the data points indicate the 
variation of the thermal resistance. This variation is 
dependent on the device size and the die attach 
paddle size. 


LEAD FRAME MATERIAL 

Figure 8 shows the influence of lead frame material (both die 
attach and device pins) on thermal resistance. This graph 
compares our same 16-pin DIP with a copper lead frame, a 
Kovar lead frame, and finally an Alloy 42 type lead 


FIGURE 8. Thermal Resistance vs 
Lead Frame Material 


BOARD vs SOCKET MOUNT 

One of the major paths of dissipating energy generated by 
the integrated circuit is through the device leads. As a result 
of this, the graph of Figure 9 comes as no surprise. This 
compares the thermal resistance of our 16-pin package 
soldered into a printed circuit board (board mount) compared 
to the same package placed in a socket (socket mount). 
Adding a socket in the path between the PC board and the 
device adds another stage in the thermal flow path, thus 
increasing the overall thermal resistance. The thermal capa¬ 
bilities of National Semiconductor’s interface circuits are 
specified assuming board mount conditions. If the devices 
are placed in a socket the thermal capabilities should be 
reduced by approximately 5% to 10%. 

An example of the thermal resistance observable for board 
mounted packages is illustrated in Figure 10. In this case, 
the typical thermal resistance is shown for three TO-263 
packages mounted on a PC board with 1 oz copper. A rapid 
drop in thermal resistance is observed, albeit the gain has 
diminishing returns as the copper surface area is enlarged. 



1 2 3 4 5 6 7 8910 

DIE SIZE(kMIL^) 

00528008 

FIGURE 9. Thermal Resistance vs 
Board or Socket Mount 
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Factors Influencing Package 
Thermal Resistance (Continued) 



0 12 3 

COPPER FOIL AREA (SQ IN.) 

00528018 

’•For products with high current ratings (>3A), thermal resistance may be 
lower Consult product datasheet for more information 

FIGURE 10. Thermal Resistance (typ.^^) for 3-, 5-, and 
7-L TO-263 packages mounted on 1 oz. (0.036mm) PC 
board foil 


AIR FLOW 

When a high power situation exists and the ambient tem¬ 
perature cannot be reduced, the next best thing is to provide 
air flow in the vicinity of the package. Forced convection 
around packages mounted on boards can be divided into 
laminar flow and turbulent flow. The transition from laminar to 
turbulent occurs at a typical velocity of 180 feet per minute 
(180 LFPM). In laminar flow, the fluid particles follow a 
smooth path, while on the other hand, turbulent flow is 
characterized by irregular motion of fluid "eddies" in which 
particles are continuously re-arranged and mixed. Greater 
heat transfer is obtained with turbulent flow. Figure 11 and 
Figure 12 illustrate the impact of air flow on the thermal 
resistance of a 16-pin DIP and a 100-pin PQFP, respectively. 
The thermal ratings on National Semiconductor’s interface 
circuits data sheets relate to the still air environment. 



AIR FLOW (LINEAR FEET/MINUTE) 

00528009 


FIGURE 11. Thermal Resistance vs Air Flow (16-pin 
DIP) 


< Package Type. 100L PQFP 

3 DAP Size; 260mil 



00528019 


FIGURE 12. Effect of air flow on a 100 lead PQFP 
mounted on a JEDEC thermal board. The package has 
a die attach paddle size of 260x260 mil. The data also 
shows the effect on two different device sizes. 


8-7 


WWW national.com 


AN-336 



AN-336 


Factors Influencing Package 
Thermal Resistance (Continued) 

OTHER FACTORS 

A number of other factors influence thermal resistance. The 
most important of these is using thermal epoxy in mounting 
ICs to the PC board and heat sinks. Generally these tech¬ 
niques are required only in the very highest of power appli¬ 
cations. 

Some confusion exists between the difference in thermal 
resistance junction-to-ambient (0 ja) and thermal resistance 
junction-to-case (Ojc). The best measure of actual junction 
temperature is the junction-to-ambient number since nearly 
all systems operate In an open air environment. The only 
situation where thermal resistance junction-to-case is Impor¬ 
tant is when the entire system is immersed In a thermal bath 
and the environmental temperature Is indeed the case tem¬ 
perature. This is only used in extreme cases and is the 
exception to the rule and, for this reason, is not addressed in 
this application note. 

National Semiconductor Package 
Capabilities 

Figure 13 and Figure 14 show composite plots of the thermal 
characteristics of the most common package types in the 
National Semiconductor Interface Circuits product family. 
Figure 13 is a composite of the copper lead frame molded 
package. Figure 14 is a composite of the ceramic (cavity) 
DIP using poly die attach. These graphs represent board 
mount still air thermal capabilities. Another, and final, thermal 
resistance trend will be noticed in these graphs. As the 
number of device pins increase in a DIP the thermal resis¬ 
tance decreases. Referring back to the thermal flow chart, 
this trend should, by now, be obvious. 


Ratings On Interface Circuits Data 
Sheets 

In conclusion, all National Semiconductor Interface Products 
define power dissipation (thermal) capability. This informa¬ 
tion can be found in the Absolute Maximum Ratings section 
of the data sheet. The thermal information shown in this 
application note represents average data for characteriza¬ 
tion of the indicated package. Actual thermal resistance can 
vary from ±10% to ±15% due to fluctuations in assembly 
quality, die shape, die thickness, distribution of heat sources 
on the die, etc. The numbers quoted in the interface data 
sheets reflect a 15% safety margin from the average num¬ 
bers found in this application note. Insuring that total pack¬ 
age power remains under a specified level will guarantee 
that the maximum junction temperature will not exceed the 
package maximum. 

The package power ratings are specified as a maximum 
power at 25°C ambient with an associated derating factor for 
ambient temperatures above 25°C. It is easy to determine 
the power capability at an elevated temperature. The power 
specified at 25°C should be reduced by the derating factor 
for every degree of ambient temperature above 25°C. For 
example, in a given product data sheet the following will be 
found: 

Maximum Power Dissipation* at 25°C 
Cavity Package 1509 mW 
Molded Package 1476 mW 
Note: Derate cavity package at 10 mW/°C above 25'C, derate molded 
package at 11.8 mW/°C above 25°C 

If the molded package is used at a maximum ambient tem¬ 
perature of 70*C, the package power capability is 945 mW. 

Pd @ 70°C=1476 mW-(11.8 mWrC)x(70“C-25‘C) 

= 945 mW 


Molded (N Package) DIP* Copper Leadframe—HTP Die 
Attach Board Mount-—- Still Air 
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* Packages from 8- to 20-pin 0.3 mil width 

22-pin 0.4 mil width 

24- to 40-pin 0 6 mil width 


Cavity (J Package) DIP* Poly Die Attach Board 
Mount—Still Air 



00528011 

*Packages from 8- to 20-pin 0.3 mil width 

22-pin 0.4 mil width 

24- to 48-pin 0.6 mil width 


FIGURE 13. Thermal Resistance vs Die Sizevs Package 
Type (Molded Package) 


FIGURE 14. Thermal Resistance vs Die Size vs 
Package Type (Cavity Package) 
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Micro SMD Wafer Level 
Chip Scale Package 


National Semiconductor 
Application Note 1112 
Charles Carinalli 
Josip Huljev 



Introduction to MICRO SMD 

Micro SMD is a wafer level CSP (WLCSP) with the following 
features: 

1. Package size equal to die size. 

2. Smallest footprint per I/O count. 

3. No need for underfill material. 

4. Interconnect layout at 0.5 mm pitch. 

5. No interposer between the silicon 1C and the printed 
circuit board. 

Package Construction 

Figure 1 shows typical micro SMD products. They have 
solder bumps located on the active side of silicon IC. The 
micro SMD is offered in the standard and thin version. The 
micro SMD manufacturing process steps include standard 
wafer fabrication process, wafer re-passivation, deposition of 
eutectic solder bumps on i/o pads, backgrinding (for thin 
version only), application of protective encapsulation coat¬ 
ing, testing using wafer sort platform, laser marking, singu¬ 
lation and packing in tape and reel. The package is as¬ 
sembled on PCB using standard surface mount assembly FIGURE 1. Micro SMD 4-20 Bump 

techniques (SMT). 

MICRO SMD Package Data 



Package Arrays 


Bump 

Count 

4 

5 

6 

8 

9 

10 

12 

14 

16 

18 

20 

Array 

Outline 

2x2 

2x1x2 

3x2 

3x3 

(perimeter) 

3x3 

(area) 

4x3 

(perimeter) 

4x4 

(perimeter) 

5x4 

(stagger 

perimeter) 

4x4 

(area) 

5x4 

(stagger 

area) 

4x5 

(area) 


Bump Size Options 



Small bump size 
(0.17 mm diameter) 

Large bump size 
(0.3 mm diameter) 

I/O Count Range 

4-9 

5 - 20 

Pitch (mm) 

0.5 

0.5 

Standard Package Thickness Nominal (mm) 
for 150 mm / 200 mm Wafer Diameter 

0.875 / 0.95 

0.975/ 1.05 

Thin Package Thickness Nominal (mm) 
for 150 mm / 200 mm Wafer Diameter 

0.5 

0.6 

Bump Diameter (mm) 

0.16-0.18 

0.29 - 0.31 

Bump Height (mm) 

0.11 - 0.14 

0.21 - 0.24 

Bump Coplanarity (mm) 

±0.015 

±0.015 

Shipping Media 

Tape & Reel 

Tape & Reel 

Moisture Sensitivity Level 

Level 1 1 

Level 1 
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Surface Mount Assembly 
Considerations 

Micro SMD surface mount assembly operations include, 

• Printing solder paste on PCB. 

• Component placement using standard pick and place 
equipment. 

• Solder reflow and cleaning (depending on flux type). 
Advantages of micro SMD during SMT assembly include, 

• Standard tape and reel shipping media eases handling 
issues (per EIA-481-1) 


• Uses standard SMT pick and place equipment. 

• Standard reflow process. 

PCB Layout 

Two types of land patterns are used for surface mount 
packages, 

1. Non-solder mask defined (NSMD) 

2. Solder mask defined (SMD). 



FIGURE 2. NSMD and SMD Pad Definition 


NSMD configuration is preferred due to its tighter control 
on copper etch process and a reduction in the stress 
concentration points on the PCB side compared to SMD 
configuration. 

A copper layer thickness of less than 1 oz is recom¬ 
mended to achieve higher stand-off. A 1 oz. (30 micron) 
or greater copper thickness results in a lowering of the 


effective stand-off, which may compromise solder joint 
reliability. 

3. For the NSMD pad geometry, the trace width at the 
connection to the land pad should not exceed 2/3 of the 
pad diameter. 

The recommended pad geometry is shown in Table 1. 


TABLE 1. Recommended PCB Pad Geometry 



Small Bump Size (0.17 mm Diameter) 

Large Bump Size (0.3 mm Diameter) 

Pad Definition 

Copper Pad 

Solder Mask Opening 

Copper Pad 

Solder Mask Opening 

NSMD 

0.175 -h0.0/-0.025 mm 

0.350 ± 0.025 mm 

0.275 +0.0/-0.025 mm 

0.375 ± 0.025 mm 

SMD 

0.350 ± 0.025 mm 

0.175 ± 0.025 mm 

0.375 +0.0/-0.025 mm 

0.275 ± 0.025 mm 


For PCB layouts employing via-in-pad structures (micro-via), 
NSMD pad definition should be used, since this ensures 
adequate wetting area on the copper pads and hence a 
better joint. 

Organic solderability preservative coating (OSP) board finish 
is used for Internal characterization. Allowable board finishes 
are Copper-OSP and Nickel-Gold. 

• For Ni-Au (electroplated Nickel, immersion Gold) gold 
thickness must be less than 0.5 microns to avoid solder 
joint embrittlement. 

• The fan-out for the traces should be symmetrical across 
X and Y directions to avoid part rotation due to surface 
tension of solder. 

• HASL (Hot Air Solder Leveled) board finish is not recom¬ 
mended. 


stencil Printing Process 

• Use laser cutting followed by electro-polishing for stencil 
fabrication. 

• The recommended stencil apertures are shown in Table 
2 . 

• If possible, offset apertures from land pads to maximize 
separation and minimize possibility of bridging for micro 
SMD packages with less than 10 bump counts and using 
small bump size. No print offset is required for higher 
bump counts and larger bump size. 

• Use Type 3 (25 to 45 micron particle size range) or finer 
solder paste for printing. 
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stencil Printing Process (Continued) 


Component Placement 

Standard pick-and-place machines can be used for placing 
the micro SMD. Either of the following methods can be used 
for recognition and positioning. 

1. Vision system to iocate package silhouette. 

2. Vision system to locate individual bumps (slower and 
more expensive) 

Other features of micro SMD placement are, 

1. It IS preferable to use IC placement/fine pitch placement 
machines over chip-shooters for better accuracy. 

2. Micro SMD solder bumps self-align when placed at an 
offset due to selfcentering nature of solder bumps. 

3. Though micro SMD can withstand a placement force of 
up to 1 kg for 0.5 seconds, little or no force needs to be 
exerted during placement. It is recommended that 
bumps be dipped into solder paste on PCB to greater 
than 20% of paste block height. 

Solder Paste Reflow and Cleaning 

• Micro SMD is compatible with industry standard reflow 
process. 

140 
120 
100 
80 
60 
40 
20 
0 

-20 
-40 
-60 

2 / 24/98 2 / 24/98 2 / 24/98 2 / 24/98 2 / 24/98 2 / 24/98 2 / 24/98 2 / 24/98 2 / 24/98 2 / 24/98 
7.32 7-42 7-52 8 02 8-12 8-22 8 32 8:42 8:52 9 02 

10092613 

FIGURE 3. -40°C to 125°C, 1 cycle/hr Temperature Cycling Profile per IPC-SM-785 



TABLE 2. Recommended Stencil Apertures 



0.17 mm 

Diameter Solder 
Bump 

0.3 mm 

Diameter Solder 
Bump 

Recommended 
Stencil Aperture 
Size 

0.3 X 0.3 mm 
square, 0.125 
mm thick 

0.25 X 0 25 mm 
square, 0.125 
mm thick 


• It is recommended to use Nitrogen purge during reflow 

• Micro SMD is qualified for up to three reflow operations 
(235° C peak) per J-STD-020. 

• Micro SMD can withstand peak reflow temperatures of 
260° C for up to 30 seconds. 

Rework 

The key features for the micro SMD rework are listed below 

1. Rework procedure used is identical to the one used for 
most BGA and CSP packages 

2. Rework reflow process should duplicate original reflow 
profile used for assembly 

3. Rework system should include localized convection 
heating element with profiling capability, a bottom side 
pre-heater and a part pick and placer with image over¬ 
lay. 

4 A rework demo video is available from National Semi¬ 
conductor at http://www national com/appinfo/microsmd. 

Qualification 

The following sections describe solder joint reliability qualifi¬ 
cation and mechanical testing results for micro SMD when 
mounted on FR-4 PCB. Testing included use of daisy chain 
components. Product reliability data is included in respective 
product qualification reports. 

SOLDER JOINT RELIABILITY QUALIFICATION 

1. TEMPERATURE CYCLING: Testing performed per 
IPC-SM-785 Guidelines for Accelerated Reliability Testing of 
Surface Mount Solder Attachments. The results of this test¬ 
ing after following the above mentioned assembly conditions 
described here are shown in Figure 3, Figure 4 and Table 3 
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Qualification (Continued) 


Cycles to Failure vs PCB Pad Size 



♦ 8 Bump 
■ 5 Bump 


PCB Pad Size (um) 

10092645 


y FIGURE 4. Impact of PCB Pad Size on Reliability for 0.17 mm Bump Package 


TABLE 3. Temperature Cycling of Micro SMD Devices 


Micro SMD 
Assembly 

Stencil 

Type 

Test 

Condition 

0 cycles 

284 cycles 

764 cycles 

1056 cycles 

1152 cycles 


8 bump 
0.17 mm 
bump 
diameter 

0.100 mm 

thick 

0.250 X 

0.300 mm 

Oval 

aperture 

-40 to 125° 
C, 1 

cycle/hr, 25 
min dwell, 5 
min transfer 

0/32 

0/32 

0/32 

4/32 

5/32 


8 bump 
0.17 mm 
bump 
diameter 

0.125 mm 

thick 

0.300 X 

0.300 mm 
Square 
aperture 

0/32 

0/32 

0/32 

0/32 

0/32 


Micro SMD 
Assembly 

Stencil 

Type 

Test 

Condition 

0 cycles 

300 cycles 

600 cycles 

624 cycles 

924 cycles 

1224 cycles 

18 Bump 
0.3 mm 
bump 
diameter 

0.125 mm 

thick 

0.300 X 

0.300 mm 
Square 
aperture 

-40 to 125° 
C, 1 

cycle/hr, 15 
min dwell, 
15 min ramp 

0/102 

0/102 

0/102 

0/102 

0/102 

0/102 


2. PACKAGE SHEAR: As part of the manufacturing process, 
bump shear data is collected at package level to ensure 
attachment of solder ball to the package. The average pack¬ 
age shear strength recorded was approximately 100 gm per 
solder joint for 0.17 mm diameter solder bump. For the 0.3 
mm diameter solder bump, the package shear was greater 
than 200 gm per solder joint. Measured value of package 
shear may vary depending on materials and methods used 
in surface mount assembly. 


3. PULL TEST: Assembled micro SMD 8 bump units were 
pulled vertically upward with a stud machined into the back 
of the component. Component was pulled till it was removed 
off the board. Average stud pull strength was recorded as 80 
gm per solder joint for 0.17 mm diameter solder bump. 


www.national.com 


8-12 






Qualification (Continued) 



FIGURE 5. Pull Test Carried Out on the SMD 8 Bump (0.17 mm Diameter Bump) 


4. DROP TEST: Drop test results are shown in Table 4. The 
tests were carried out on micro SMD 8 bump packages (0.17 
mm diameter bump) mounted on 1.5 mm thick PCB. It 
included 7 drops on first edge, 7 on second edge, 8 drops on 


the corner and 8 drops on flat face, a total of 30 drops. An 
Increase of 10% or more in daisy chain loop resistance was 
considered as a failure. 


TABLE 4. Micro SMD Drop Test Results (0.17 mm Diameter Bump Package) 
Test Results (Failures after 30 drops) 

Length I 1m I 1.5m I 


1m 

1.5m 

2m 

0/8 

0/8 

0/8 

0/8 

0/8 

0/8 


5. THREE-POINT BEND TEST: The three-point bend test 
used a test board with a 100 mm span. Deflection was 


applied at the center at 9.45 mm/min. No solder joint failure 
was observed even with deflections as high as 25 mm. 


-8.0E+08 

< 3 > 

-6.0E+08 S 


0-|—-1- \ -1-1-hO.OE+00 

15:51:07 15:51:50 15:52:34 15:53:17 15:54:00 15:54:43 15:55*26 

10092617 


FIGURE 6. Board Deflection and Net Resistance (0.17 mm Diameter Bump Package) 

Thermal Characterization depends on product die size and applic 


Thermal performance of micro SMD packages was as¬ 
sessed using low effective thermal conductivity test boards 
per EIA/JESD51-3. The performance of the SMD product 


depends on product die size and application (PCB layout 
and design), and the details of Theta JA values are available 
in product data sheets at http://www.national.com . 
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MICRO SMD Do’s and Don’ts 


SMALL BUMP | 


DO’S 

DON’Ts 

PCB 

150 |jm < Pad Dia < 200 pm 

Pad Dia < 150 pm or Pad Dia > 200 
pm 

Prefer non-solder mask defined (NSMD) 
over solder mask defined (SMD). Solder 
mask opening < 350 pm round. 

Solder mask opening > 375 pm round. 

Organic Solderability Preservative (OSP) 
or Ni-Au surface finish (Less than 0.5 
pm Au thickness). 

Greater than 0.5 pm Au thickness for 
Ni-Au surface finish. 

HASL (Hot Air Solder Leveled) board 
finish. 

Stencil 

300 pm X 300 pm square aperture 

Less than 275 x 275 pm square 
aperture 

Greater than 300 pm x 300 pm square 
aperture 

Laser cut + electro-polished or Additive 
build-up 

Chemical etch 

100 pm < Thickness < 125 pm 

Thickness > 125 pm or < 100 pm 

Solder Paste 

Type 3 (25 to 45 pm particle size range) 
or finer 

Type 2 or Type 1 

LARGE BUMP | 


DO’S 

DON’TS 

PCB 

250 pm < Pad Dia < 275 pm 

Pad Dia < 250 pm or Pad Dia > 275 
pm 

Prefer non-solder mask defined (NSMD) 
over solder mask defined (SMD). Solder 
mask opening < 375 pm round. 

Solder mask opening > 375 pm round. 

Organic Solderability Preservative (OSP) 
or Ni-Au surface finish (Less than 0.5 
pm Au thickness). 

Greater than 0.5 pm Au thickness for 
Ni-Au surface finish. 

HASL (Hot Air Solder Leveled) board 
finish. 

Stencil 

250 pm X 250 pm square aperture 

Less than 200 x 200 pm square 
aperture 

Greater than 275 pm x 275 pm square 
aperture 

Laser cut -i- electro-polished or Additive 
build-up 

Chemical etch 

100 pm < Thickness < 125 pm 

Thickness > 125 pm or Thickness < 

100 pm 

Solder Paste 

Type 3 (25 to 45 pm particle size range) 
or finer 

Type 2 or Type 1 
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Lead less Leadframe 
Package (LLP) 



20005901 


FIGURE 1. 24 Pin LLP 


Introduction 

The Leadless Leadframe Package (LLP) is a leadframe 
based chip scale package (CSP) that may enhance chip 
speed, Reduces thermal impedance, and reduces the 
printed circuit board area required for mounting. The small 
size and very low profile make it ideal for high density PCBs 
used in small-scale electronic applications such as cellular 
phones, pagers, and handheld PDAs. The LLP has the 
following advantages: 

• Low thermal resistance 

• Reduced electrical parasitics 

• Improved board space efficiency 

• Reduced package height 

• Reduced package mass 


National Semiconductor 
Application Note 1187 
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Package Overview 

KEY ATTRIBUTES 

• Construction of the LLP is Illustrated in Table 1, Figure 2, 
and Figure 3. 

• Terminal contacts: 

— The contact pads are located peripherally in single 
row, dual rows or in array format depending on the 
specific number of pins and body size. 

— For certain specific applications the packages are in¬ 
corporated with common power and/or ground pins as 
illustrated in Figure 10. 

— All LLP contacts are plated with 85Sn/15Pb solder for 
ease of surface mount processing. 

• Printed Circuit Board (PCB) footprint: 

— National recommends a one-to-one correlation be¬ 
tween the PCB land patterns and the package foot¬ 
print. 

— Soldering the exposed die attach pad (DAP) to the 
PCB provides the following advantages: 

- Optimizes thermal performance. 

- Enhances solder joint reliability. 

- Facilitates package self alignment to the PCB 
during reflow. 

• The LLP is offered in either dual-in-line (DIP) or quad 
configuration. 

• Coplanarity is not an area of concern for this package. 
— All LLP contacts are flush with the bottom of the 

package. 

• Moisture Sensitivity Level (MSL). 

— All LLP packages are MSL 1. Confirm MSL level via 
product application sheets. 

— MSL of specific applications, requiring large packages, 
may vary depending on die size and exposed DAP 
design. 



TABLE 1. Elements of the 24, 44 and 56 pin LLP 



24 Pin 

44 Pin 

56 Pin 

Package Dimensions 

5 X 4 X 0.8 mm 

7 X 7 X 0.8 mm 

9 X 9 X 0.8 mm 

PCB Footprint Area (mm^) 

20 

49 

81 

Standard 

JEDEC 

JEDEC 

JEDEC 

Pitch 

0.5 mm 

0.5 mm 

0.5 mm 

Weight 

0.047 grams 

0.104 grams 

0.208 grams 

Lead Frame 

Copper 

Copper 

Copper 

Lead Finish 

Sn/Pb 

Sn/Pb 

Sn/Pb 

Typical Thermal Resistance 0 ja (Note 1) 

33° C/W 

20° C/W 

27” C/W (Note 2) 


Note 1 : The typical data reported are measured values at still air and 1 watt 
input power using four layer FR4 substrate with Vias and copper thickness of 
2 0/1 0/1 0/2 0 oz. 


Note 2: Package option with limited exposed pad size due to incorporations 
of ground and power rings 
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Package Overview (Continued) 




■ 

O 

LLP 3x3 8L 

■ 

□ 

LLP 4x4 8L 

■ 

HI 

LLP 4x4 16L 

o 

BiliJ 

LLP 4x5 24L 

III 

HI 

1 

LLP 5x5 16L 


□ 

LLP 5x5 28L 

n 

M 

LLP 7x7 44L 


[■ 

1 

LLP 9x9 56L 
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FIGURE 3. Examples 

PACKAGE HANDLING shipped in carrier tape format. Figure 4, Figure 5 and Figure 

The LLP is shipped in standard polycarbonate conductive ^ show configurations of tape cavity design for LLP 
carrier tape with pressure sensitive adhesive (PSA) cover packages, 
tape. The LLP is shipped in 7” reels. Samples can be 
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Package Overview (Continued) 


TABLE 2. Tape and Reel Dimensions 


Package 

Size 

Ao 

Bo 

C 

D 

E 

F 

P 

W 

Ko 


Dimensions for Figure 4 \ 

2.5 X 2.5 

2.8 

2.8 

N/A 

N/A 

1.0 

5.5 

8.0 

12.0 

1.0 

N/A 

2.5 X 3.0 

3.3 

2.8 

N/A 

N/A 

1.0 

5.5 

8.0 

12.0 

1.0 

N/A 

2.92 X 

3.29 

3.6 

3.2 

N/A 

N/A 

1.5 

5.5 

8.0 

12.0 

1.0 


3x3 

3.3 

3.3 

N/A 

N/A 

1.5 

5.5 

8.0 

12.0 

1.0 

N/A 

3x4 

^■3 

3.3 

N/A 

N/A 

1.5 

5.5 

8.0 

12.0 

1.0 

N/A 

Dimensions for Figure 5 \ 

4x4 

4.3 

4.3 

2.6 

2.6 

1.5 

5.5 

8.0 

12.0 

1.3 

1.0 

5x4 

4.3 

5.3 

2.9 

3.9 

1.5 

5.5 

8.0 

12.0 

1.3 

1.0 

5x5 

5.3 

5.3 

3.0 

3.0 

1.5 

5.5 

8.0 

12.0 

1.3 

1.0 

6x5 

5.3 

6.3 

3.9 

4.0 

1.5 

7.5 

12.0 

16.0 

1.5 

1.2 

7x7 

7.3 

7.3 

4.2 

4.2 

1.5 

7.5 

12.0 

16.0 

1.3 

1.0 

Dimensions for Figure 6 \ 

9x9 

9.25 

9.25 

7.35 

7.35 

N/A 

7.5 

12.0 

16.0 

2.3 

1.3 


MARKING LAYOUT 


LLP Size 

No of lines 

Characters / line 

Example 

Comments 

<3x3 mm 

1 

3 

XAB 

0 

X = Single digit date 
code 

A = Product line ID 

B = Product ID 

0 = pin 1 dot 

3x3 mm up to 3 x 4 

mm 

2 

4 

ABCD 

0 123 

AB = 2 digit data code 

CD = 2 digit die-run 
code 

0 = pin 1 dot 

123 = Device ID 

4x4 mm and > 

2 

5 

ABODE 

12345 

0 

A = Plant code 

BC = 2 digit date code 

DE = 2 digit die-run 
code 

12345 = Device ID 

0 = pin 1 dot 


JEDEC REGISTRATIONS • Dual-in-line LLP Packages: MO-229 

• Quad LLP Packages: MO-220 
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PCB Design Recommendations 

NSMD VS. SMD LAND PATTERN 

Two types of land patterns are used for surface mount 
packages: (1) Non-Solder Mask Defined Pads (NSMD) and 
(2) Solder Mask Defined Pads (SMD). NSMD has an open¬ 


ing that is larger than the pad, whereas SMD pads have a 
solder mask opening that is smaller than the metal pad. 
Figure 7 Illustrates the two different types of pad geometry. 




Top View 


NSMD 



Side View 


SMD 


20005906 


FIGURE 7. NSMD and SMD Pad Geometry 


NSMD is preferred because the copper etch process has 
tighter control than the solder masking process. Moreover, 
the smaller size of the copper pad in the NSMD definition 
facilitates escape routing on the PCB when necessary. 
NSMD pads require a ±0.075 mm (3 mils) clearance around 
the copper pad and solder mask this avoids overlap between 
the solder joint and solder mask and account for mask 
registration tolerances 

SMD pad definition can introduce stress concentration points 
near the solder mask on the PCB side. Exrtreme environ¬ 
mental conditions such as large temperature variations may 
cause fatigue that leads to cracked solder joints and reliabil¬ 
ity problems. 

For optimal reliability, National recommends a 1:1 ratio be¬ 
tween the package pad and the PCB pad for the LLP. If 
probing of signal pad is required, it is recommended to 
design probe pads adjacent to signal pads as shown in 
Figure 8. The trace between the signal pad and the probe 
pad must be covered by solder mask such that the require¬ 
ment of 1:1 ratio of package pad to PCB pad is not violated. 
See Figure 9 for PCB pad recommendations. 


Solder 

Mask 


Extended Pad 



FIGURE 8. Recommended Pad Design for Probing 
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PCB Design Recommendations (Continued) 
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LLP Package Outline 


PCB Outline 


Dimensions A, B, C, D, and E of PCB are 1:1 ratio with package pad dimensions. For 
specific detailed package dimensions refer to respective marketing outlines. 

A - LLP Terminal Pitch 
B - LLP Terminal Width 

C - LLP Terminal Length _ 

D - Exposed DAP Width 
E - Exposed DAP Length 

V1 - Thermal Via Diameter. Recommended 0.33 mm 
V2 - Thermal Via Pitch. Recommended 1.27 mm 

FIGURE 9. Typical Recommended Printed Circuit Board Dimensions 
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PCB Design Recommendations (Continued) 



(7 8) 


LLP Package Outline 
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Number of pins 

56 

Package Size (mm) 

9x9 

A - LLP Terminal Pitch (mm) 

0.5 

B - LLP Terminal Width (mm) i 

0.25 

C - LLP Terminal Length (mm) 

0.5 

D - Exposed DAP Width (mm) 

4.8 

E - Exposed DAP Length (mm) 

4.8 

V1 - Thermal Via Diameter (mm) 

0.33 

V2 - Thermal Via Pitch (mm) 

1.27 


FIGURE 10. Recommended Printed Circuit Board Dimensions for LLP 56 L with Power and Ground Rings. 

THERMAL DESIGN CONSIDERATIONS 
THERMAL LAND The LLP thermal land is a metal (normally 
copper) region centrally located under the package and on 
top of the PCB. It has a rectangular or square shape and 
should match the dimensions of the exposed pad on the 
bottom of the package (1:1 ratio). 

For certain high power applications, the PCB land may be 
modified to a "dog bone" shape that enhances thermal per¬ 
formance. The packages used with the "dog bone" lands will 
be a dual inline configuration. (See Figure 11). 
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PCB Design Recommendations 

(Continued) 


percentage of the corresponding material volume (see Fig¬ 
ure 13). NOTE: voids typically do not have an impact on 
reliability. 


Top View Bottom View 



20005909 

FIGURE 11. Dog Bone 

THERMAL VIAS Thermal vias are necessary. They conduct 
heat from the surface of the PCB to the ground plane. The 
number of vias is application specific and is dependent upon 
electrical requirements and power dissipation. A package 
thermal performance may be improved by increasing the 
number of vias. The improvement diminishes, however, as 
the number of vias increase. See Figure 12. 

A typical array of vias with a 1.27 mm pitch is shown in 
Figure 9. The via diameter should be 0.3 mm to 0.33 mm 
with loz. copper via barrel plating. It is important to plug the 
via to avoid any solder wicking inside the via during the 
soldering process. If the copper plating does not plug the via, 
the thermal vias can be tented with solder mask on the top 
surface of the PCB. The solder mask diameter should be at 
least 4 mils larger than the via diameter. The solder mask 
thickness should be the same accross the entire PCB. 


44L LLP 

40 T-,-,- f. 


35+-J-'-t-i- 



0 20 40 60 80 100 

Volume % 
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FIGURE 13. Thermal Voids Impact for the 44L LLP 

THERMAL LAYERS IN THE PCB Because of the small size 
and low profile, the majority of heat generated by the die 
within the LLP is dissipated through the exposed pad to 
PCB. Consequently, the PCB configuration and metal layers 
embedded in the PCB become important to achieving good 
thermal performance. In a 4-layer PCB (2 layers for signals 
and 2 layers for power/ ground), the area of the embedded 
copper layer connecting to the thermal vias has significant 
effect on the thermal performance of the package. Figure 14 
shows simulation data of ©ja vs. the embedded copper layer 
area for the 44L LLP. Increasing the copper layer area 
reduces the thermal resistance. However, in a manner simi¬ 
lar to what occurs as the number of vias increases, the 
amount of thermal resistance improvement diminishes as 
the embedded copper area increases. 



20005910 

FIGURE 12. ©JA vs. Number of Thermal Vias for the 
44L LLP 


44L LLP 



Embedded Copper Layer Area (mm^) 


EFFECTS OF THERMAL VOIDS A void in the solder paste 
or die attach (generated during the manufacturing process) 
could have a direct impact on heat dissipation. The effect is 
not significant unless the void volume exceeds a certain 


20005912 

FIGURE 14. Effect of Thermal Layers on the 44L LLP’s 
Junction-to-Ambient Thermal Resistance 
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SMT Assembly Recommendations 

The LLP surface mount assembly operations include: 

• PCB plating requirements 

• Screen printing the solder paste on the PCB 

• Monitor the solder paste volume (uniformity) 

• Package placement using standard SMT placement 
equipment 

• X-ray pre reflow check - paste bridging 

• Reflow and cleaning (dependent upon the flux type) 

• X-ray post reflow check - solder bridging & Voids 

PCB PLATING REQUIREMENTS 

A uniform PCB plating thickness is key for high assembly 
yield. 

• For an electroless, nickel-immersion, gold finish, the gold 
thickness should range from 0.05 pm to 0.127 pm to 
avoid solder joint embrittlement. 

• Using a PCB with Organic Solderability Preservative 
coating (OSP) finish is also recommended, as an alter¬ 
native to Ni-Au. 

SOLDER STENCIL 

Solder paste deposition using a stencil-printing process in¬ 
volves the transfer of the solder paste through pre-defined 
apertures with the application of pressure. Stencil param¬ 
eters such as aperture area ratio and the fabrication process 
have a significant impact on paste deposition. Inspection of 
the stencil prior to placement of the LLP package is highly 
recommended to improve board assembly yields. 


Stencils fabricated from Nickel-plated electro polished 
chem-etch or Laser cut is recommended. Tapered aperture 
walls (5° tapering) is recommended to facilitate paste re¬ 
lease. Recommended stencil thickness is 127 pm. In order 
to prevent solder bridging the stencil aperture openings need 
to be modified as follows: 

• The terminal contact aperture openings should be offset 
by 0.1 mm from the pads. 

• For exposed pad aperture, up to 5 mm, the opening 
should be reduced to 95% of the corresponding PCB 
exposed DAP dimensions. See Figure 15 and Figure 16. 

• For exposed pad aperture with any side greater than 5 
mm, the stencil opening should be split in two for any side 
> 5 mm. See Figure 18. 

• For packages with exposed Power and Ground Rings, 
the stencil opening for the exposed pad aperture of any 
size should be split into an array of opening with minimal 
spacing between each openings. 

• The aperture opening for the power and ground pads is 
1:1 with pads but with splits into several openings. See 
Figure 19. 

• Stencil openings for SOT23 5/6L footprint compatible 
LLP: 

— For the SOT23 5/6L footprint compatible LLP for which 
the PCB has been designed for the SOT23 package, 
refer to Figure 17 for solder stencil openings. 

— For new board design, it is recommended to use Fig¬ 
ure 16 for PCB pad and stencil openings. 
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SMT Assembly Recommendations (Continued) 
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Recommended Pad Recommended Stencil Aperture 


Stencil Over 
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O 

JU. 

DETAIL A 
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A, B and C of Stencil 

1:1 ratio with A, B and C of PCB pad 

D1 

0.95 X D 

E1 

0.95 X E 

F 

0.1 mm 

Note: For specific detailed package dimensions refer to respective Marketing Outlines. | 


Note 3: Dimensions shown are for a specific case - LLP 24 package only 

FIGURE 15. Typical Recommended PCB Dimensions vs. Stencil Aperture for Quad Packages. 
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SMT Assembly Recommendations (Continued) 
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A, B and C of Stencil 

1:1 ratio with A, B and C of PCB pad 

D1 

0.95 X D 

El 
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F 

0.1 mm 

Note: For specific detailed package dimensions refer to respective Marketing Outlines. | 


FIGURE 16. Typical Recommended PCB Dimensions vs. Stencil Aperture for Dual In-line Packages. 
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SMT Assembly Recommendations (Continued) 



Standard Land Pattern Recomnnended Stencil Aperture Stencil Over 

for SOT23 5/6 Lead 


20005929 


FIGURE 17. Recommended Stencil Aperture for SOT23 5/6 Lead Footprint Compatible LLP 


Note: 2. For new board designs, it is recomeneded to use Figure 

1. For stencil thickness of 0.15 mm and above a 0.50 mm stencil openings. 

(min) aperture length is recommended. For stencil thick¬ 
ness of 0.13 mm and below a 0.75 mm (max) aperture 
length is recommended. 
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SMT Assembly Recommendations (Continued) 


T 
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□□□□□□□□□□ 


□□□□□□□□□□□□ 


Recommended Pad 




TYP 


DETAIL A 


20005924 


Number of pins 

44 

A - LLP, PCB, Stencil Terminal Pitch (mm) 

0.5 

B - LLP, PCB, Stencil Terminal Width (mm) 

0.25 

C - LLP, PCB, Stencil Terminal Length (mm) 

0.5 

D - LLP, PCB Exposed DAP Width (mm) 

5.2 

D1 - Exposed DAP Aperture Width (mm) 

D1 = .95 D 

4.94 

H - Aperture split width, centered (mm) 

0.5 

E - LLP, PCB Exposed DAP Length (mm) 

5.2 

E1 - Exposed DAP Aperture Length (mm) 

E1 = .95 E 

4.94 

F - Stencil Aperture opening offset (mm) 

0.1 


FIGURE 18. Typical Recommended Stencil Opening for Exposed DAP > 5 mm on any side. 

Note: For DAP options with exposed DAP < 5 mm, use 
similar stencil opening as recommended in Figure 15. 


8-29 


www.national.com 


AN-1187 




AN-1187 


SMT Assembly Recommendations (Continued) 
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35 


QD 


DETAIL A 


Number of pins 

56 

A - LLP, PCB, Stencil Terminal Pitch (mm) 

0.5 

B - LLP, PCB, Stencil Terminal Width (mm) 

0.25 

C - LLP, PCB, Stencil Terminal Length (mm) 

0.5 

D - LLP, PCB Exposed DAP Width (mm) 

4.8 

D1 - Exposed DAP Aperture Width (mm) 

4.5 

H - Aperture split width, centered (mm) 

0.3 

E - LLP, PCB Exposed DAP Length (mm) 

4.8 

E1 - Exposed DAP Aperture Length (mm) 

4.5 

F - Stencil Aperture opening offset (mm) 

0.1 


FIGURE 19. Typical Recommended Stencil Opening for LLP with Exposed DAP, Power and Ground Rings 


PACKAGE PLACEMENT 

LLP packages can be placed using standard pick and place 
equipment with an accuracy of ±0.05 mm. Component pick 
and place systems are composed of a vision system that 
recognizes and positions the component and a mechanical 
system which physically performs the pick and place opera¬ 
tion. Two commonly used types of vision systems are: (1) a 
vision system that locates a package silhouette and (2) a 


vision system that locates individual bumps on the intercon¬ 
nect pattern. The latter type renders more accurate place but 
tends to be more expensive and time consuming. Both meth¬ 
ods are acceptable since the parts align due to a 
self-centering feature of the LLP solder joint during solder 
reflow. 

It is recommended to release the LLP package 1 to 2 mils 
into the solder paste. 
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SMT Assembly Recommendations 

(Continued) 

SOLDER PASTE 

Type 3 or Type 4 solder paste is acceptable. 

REFLOW AND CLEANING 

The LLP may be assembled using standard IR / IR convec¬ 
tion SMT reflow processes without any special consider¬ 
ations. As with other packages, the thermal profile for spe¬ 
cific board locations must be determined. Nitrogen purge is 


recommended during solder for no-clean fluxes. The LLP is 
qualified for up to three reflow cycles at 235°C peak 
(J-STD-020). The actual temperature of the LLP is a function 
of: 

• Component density 

• Component location on the board 

• Size of surrounding components 

It is recommended that the temperature profile be checked 
at various locations on the board. Figure 20 illustrates a 
typical reflow profile. 



Minutes 

20005915 


FIGURE 20. Typical Reflow Profile 


SOLDER JOINT INSPECTION 

After surface mount assembly, transmission X-ray should be 
used for sample monitoring of the solder attachment pro¬ 
cess. This identifies defects such as solder bridging, shorts, 
opens and voids. NOTE: voids typically do not have an 
impact on reliability. Figure 21 shows a typical X-ray photo¬ 
graph after assembly. 



20005916 


FIGURE 21. Typical X-ray after process 

In the process setup, it is recommended to use side view 
inspection in addition to X-ray to determine if there are ‘Hour 


Glass’ shaped solder existing. The ‘Hour Glass’ solder shape 
is is not a reliable joint. 90° mirror projection can be used for 
side view inspection. 



REPLACEMENT/ REWORK 

The quality of the rework is controlled by: 

• Directing the thermal energy through the component 
body to solder without over-heating the adjacent compo¬ 
nents. 

• Heating should occur in an encapsulated, inert, 
gas-purged environment where the temperature gradi¬ 
ents do not exceed ±5°C across the heating zone. 

• Using a convective bottom side pre-heater to maximize 
temperature uniformity. 
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SMT Assembly Recommendations 

(Continued) 

• Interchangeable nozzles designed with different geom¬ 
etries will accommodate different applications to direct 
the airflow path 

NOTE: Standard SMT rework systems are capable of these 
elements. 

Removal of the LLP Removing the LLP from the PCB 
involves heating the solder joints above the liquidus tem¬ 
perature of eutectic (63Sn-37Pb) solder using a vacuum gas 
nozzle. Baking the PCB at 125°C for 4 hours is recom¬ 
mended PRIOR to any rework. Doing this removes any 
residual moisture from the system, preventing moisture in¬ 
duced cracking or PCB delamination during the demount 
process. 

A 1.27 mm (50 mil) keep-out zone for adjacent components 
is recommended for standard rework processing. If the ad¬ 
jacent components are closer than 1.27 mm, custom tools 
are required for the removal and rework of the package. 

It is recommended that the reflow profile used to reflow the 
LLP be as close to the PCB mount profile as possible. 
Preheat the PCB area, through the bottom side of the board, 
to 100°C before heating the LLP to ensure a controlled 
process. Once the liquidus temperature is reached, nozzle 
vacuum is automatically activated and the component is 
removed. After removing the package, the pads may be 
heated with the nozzle to reflow any residual solder, which 
may be removed using a Teflon tipped vacuum wand. 



Site Preparation Once the LLP is removed, the site must be 
cleaned in preparation for package attachment. The best 
results are achieved with a low-temperature, blade-style 
conductive tool matching the footprint area of the LLP in 
conjunction with a de-soldering braid. No-clean flux is 
needed throughout the entire rework process. Care must be 
taken to avoid burn, lift-off, or damage of the PCB attach¬ 
ment area. See Figure 23. 

Solder Paste Deposition Because the LLP is a land area 
type package, solder paste is required to insure proper 
solder joint formation after rework. A 127 pm (5 mil) thick 
mini-stencil is recommended to deposit the solder paste 
patterns prior to replacement of the LLP. See Figure 24. 
Component Placement Most CSP rework stations will have 
a pick and place feature for accurate placement and align¬ 
ment. Manual pick and place, with only eye-ball alignment, is 
not recommended. It is difficult or impossible to achieve 
consistent placement accuracy. 

Component Reflow It is recommended that the reflow pro¬ 
file used to reflow the LLP be as close to the PCB mount 
profile as possible. Preheat the PCB area, through the bot¬ 
tom side of the board, to 100”C before heating the LLP to 
ensure a controlled process. Once the liquidus temperature 
is reached, the solder will reflow and the LLP will self align. 
Figure 25 shows a cross section of a solder joint after 
rework. 



FIGURE 23. Pads After Removing Components and Cleaning 
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SMT Assembly Recommendations (Continued) 



20005918 


FIGURE 24. Solder Paste Printing of LLP 24 and LLP 44 Using 127 |jm (5 mil) Thick Stencil 



20005920 


FIGURE 25. X-section Across Solder Joints 
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Appendices 


APPENDIX 1: REFLOW RECOMMENDATIONS 




Convection / iR 

Ramp Up “C/sec (Note 6) 

Maximum 

4“C/sec 

Recommended 

2°C/sec (Note 4) 

Minimum 

(Note 5) 

Dwell Time > 183“C (Note 6) 

Maximum 

85 seconds 

Recommended 

75 seconds (Note 4) 

Minimum 

(Note 5) 

Peak Temperature (Note 6) 

Maximum 

240“C 

Recommended 

215“C 

Minimum 

(Note 5) 

Dweli Time Max. 

(within 5°C of peak temperature) 

Maximum 

10 seconds 

Recommended 

5 seconds 

Minimum 

1 second 

Ramp Down ”C/sec (Note 6) 

Maximum 

4°C/sec 

Recommended 

2°C/sec 

Minimum 

(Note 5) 


Note 4: Will vary depending on board density, geometry, and package types 
May vary depending on solder paste manufactures recommendations. 

Note 5: Will vary depending on package types, and board density 
Note 6: All Temperatures are measured at the PCB surface 

APPENDIX 2: BOARD LEVEL RELIABILITY TEST DATA 

Temperature Cycle Test 

Test Conditions: 

• Temperature Range: -40 to 125°C 

• Cycle Duration: 1 hour (15 minute ramp/15 minute Dwell) 

• Test Board Dimension: 142.5 mm x 142.5 mm x 1.6 mm 

• Test Board Finish: Ni-Au 0.05 pm to 0.127 pm thickness 

• Dummy die in package 

• Package is bonded with a Daisy Chain Circuit 


Timepoint 

Lot A 

LotB 

LotC 

0 Cycles 

0/33 

0/69 

0/88 

500 Cycles 

0/33 

0/69 

0/88 

1050 Cycles 

0/33 

0/69 

0/88 


44L 7 mm x 7 mm LLP Package (Package Die Attach Pad 
NOT soldered to the PCB) 


Timepoint 

Lot A 

Lot B 

Lot C 

0 Cycles 

0/81 

0/78 

0/76 

500 Cycles 

0/81 

0/78 

0/76 

950 Cycles 

0/81 

0/78 

0/76 

1050 Cycles 

0/81 

0/78 

0/76 


56L 9 mm x 9 mm Package (With Power and Ground 


Failure Determination: Change of 

10% in Net Resistance 

Rings) (Package Die Attach Pad soldered, Power 

Results: 




Ground Ring not soldered to the PCB) 


24L 4 mm x 5 mm LLP Package 

(Package Die 

Attach Pad 

Timepoint 


Resuits 

soldered to the PCB) 



0 Cycles 


0/75 

Timepoint 

Lot A 

Lot B 

LotC 

500 Cycles 


0/75 

0 Cycles 

0/41 

0/84 

0/83 

1050 Cycles 


0/75 

500 Cycles 

0/41 

0/84 

0/83 








SOT23 5/6L Footprint Compatibie LLP 

1050 Cycles 

0/41 












DAP not 

24L 4 mm x 5 mm LLP Package 

(Package Die 

Attach Pad 

Timepoint 

DAP soidered 

soidered to 

NOT soldered to the PCB) 




to PCB 

PCB 

Timepoint 

Lot A 

LotB 

LotC 

0 cycles 

0/126 

0/84 

0 Cycles 

0/81 

0/78 

0/76 

500 cycles 

0/126 

0/84 

500 Cycles 

0/81 

0/78 

0/76 

1050 cycles 

0/126 

0/84 

950 Cycles 

0/81 

0/78 

0/76 








14 Lead Power LLP 



1050 Cycles 

0/81 

0/78 

0/76 








Timepoint 


Resuits 

44L 7 mm x 7 mm LLP Package 

soldered to the PCB) 

(Package Die 

Attach Pad 

0 Cycles 


0/80 





500 Cycles 


0/80 





1050 Cycles 


0/80 
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Appendices (Continued) 

Board Drop Test 

Test Conditions: 

• Test Board Dimension: 142.5 mm x 142.5 mm x 1.6 mm 

• Printed Circuit Board Finish: Ni-Au 2 - 5 micro inches 
thickness 

• Dummy die in package 

• Package is bonded with a Daisy Cham Circuit 

• Cumulative Dead weight of the board: 150 Grams 

• Drop Height: 1.5 meters 

• Drop Surface: Non cushioning vinyl tile 

• Number of Drops: 30 total 

— 7 drops: along the length of the PCB 

— 7 drops: along the width of the PCB 

— 8 Drops: Along the diagonal of the board 

— 8 Drops: With the components on the top of the board 
Failure Determination: Change of 10% in Net Resistance 
Results: 


Package Type 

44L 7 mm x 7 mm LLP 
56L 9 mm x 9 mm LLP 
14L 6 mm x 5 mm 
Power LLP 

Vibration Test 

Test Conditions: 

• Test Board Dimension: 142.5 mm x 142.5 mm x 1.6 mm 

• Printed Circuit Board Finish: Ni-Au 0.05 pm to 0.127 pm 
thickness 

• Dummy die in package 

• Package is bonded with a Daisy Chain Circuit 

• Die attach pad soldered to PCB 

• Vibration test conditions: 

— Sinusoidal excitation performed for 1 hour at 20G 
force followed by 3 hours at 40G force 
— Random Vibration with variable frequencies ranging 
from 20Hz to 2,000Hz for 3 hours with a force of 2G 


Bend Test Results 

0/15 

0/25 

0/8 


Package Type 

Drop Test Results 

24L 4 mm x 5 mm LLP 
(DAP soldered to PCB) 

0/20 

24L 4 mm x 5 mm LLP 
(DAP NOT soldered to 

PCB) 

0/20 

44L 7 mm x 7 mm LLP 
(DAP soldered to PCB) 

0/20 

44L 7 mm x 7 mm LLP 
(DAP NOT soldered to 

PCB) 

0/20 

56L 9 mm x 9 mm LLP 
(DAP soldered, 
Power/Ground Rings 
soldered to PCB) 

0/25 

14L Power LLP 

3 Point Bend Test 

Test Conditions: 

0/32 


• Test Board Dimension: 142.5 mm x 142.5 mm x 1.6 mm 

• Printed Circuit Board Finish: Ni-Au 0.05 pm to 0.127 pm 
thickness 

• Dummy die in package 

• Package is bonded with a Daisy Chain Circuit 

• Bend Span: 100 mm 

• Bend Speed: 3.81 mm/min 

• Die attach pad soldered to PCB 

Package Type Bend Test Results 

24L 4 mm x 5 mm LLP 0/10 


RMS 

Results: DAP Soldered to PCB 


Package Type Test Results 

24L 4 mm x 5 mm LLP 0/24 

44L 7 mm x 7 mm LLP 0/20 

56L 9 mm x 9 mm LLP 0/25 

14L 6 mm x 5 mm Power 0/32 

LLP 


APPENDIX 3: THERMAL SIMULATION DATA FOR 
POWER LLP 

Thermal Simulation Conditions 

All dimensions are in millimeters 
Die Size 4.09x2.67x0.216 
DAP Size 4.35x3.00 
Package 6.00 x 5.00 x 1.00 
Size 

Thermal 0, 2, 4, 8, 12. See Figure 26. 

Vias 

Board 101.6 x 76.2 x 1.6 (4 layer JEDEC) 

Size 

Copper 2.0/1.0/1.0/2.0 oz. (1 oz. = 36 pm) 
Thickness 

Copper Top layer: traces (27.5 x 0.25) plus 
Coverage metalization area as shown in Figure 27. 
Middle layers: 60.0 x 60.0 
Bottom layer: 15% of the board area. 
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Appendices (Continued) 



20005931 


FIGURE 26. 6ja as a Function of Number of Vlas Placed in PCB 



FIGURE 27. Oja as a Function of Top Metaiization Area 
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PCB Bottom Copper Pattern 
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Performance Data 


8-Lead LLP Thermal 
Performance and Design 
Guidelines 

Introduction 

The new leadless leadframe package (LLP) provides signifi¬ 
cantly increased power dissipation capability in a tiny 
surface-mount package. The key feature of the LLP is that it 
has a center metal area located directly below the die which 
allows a direct path for heat to flow out, providing very low 
thermal resistance. When this pad is connected to PC board 
copper to provide heatsinking, values of total thermal resis¬ 
tance (junction-to-ambient) below 40°C/\N can be obtained in 
still air environments. 

Modelling Assumptions 

The data listed in this application note is derived from finite 
element modelling in which the following assumptions are 
used: 

1. DAP (die attach paddle) size = 3.0 mm x 2.2 mm 

2. Die size = 2.11 mm X 1.63 mm 

3. Package size = 4.0 mm x 4.0 mm x 0.75 mm 

4. Power Dissipation = 1W 

5. Thermal Vias (0.3 mm diameter) = 8 

Copper Patterns 

Data is provided for PCB designs using copper patterns 
which are "dog-bone" shaped on the top layer and a square 
pattern directly beneath the part on the bottom layer (see 
below). In the bottom layer pattern, the X and Y dimensions 
are equal. 


PCB Top Copper Pattern 



Curves are provided showing the thermal resistance 
(junction-to-ambient) values obtained for various size copper 
patterns using top layer only, bottom layer only, and top + 
bottom layer for PC boards with 0.5 oz., 1 oz., and 2 oz. 
copper weights (all data is for still air): 



0 0.5 1 1.5 2 2.5 

COPPER AREA (in^) 


20022902 

FIGURE 1. Thermal Data for Top Layer only 
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Performance Data (Continued) 



COPPER AREA (in^) 

20022903 FIGURE 3. Thermal Data for Top and Bottom Layers 

FIGURE 2. Thermal Data for Bottom Layer only 

Conclusions 

It was shown that the still-air thermal resistance value 
(junction-to-ambient) for the 8-lead LLP will vary from a 
maximum of 115°C/W down to about 37°C/W by increasing 
the available PCB copper from about 0.5 sq. in. (0.5 oz., top 
layer only) to about 2 sq. in. (2 oz., top and bottom layers 
used). This gives the designer the information needed to 
design a PC board which can provide a thermal resistance 
value within that range. 
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Electrical Performance of 
Packages 

Introduction 

This note is a snapshot of electrical performance of Nation¬ 
al’s 1C packages. It is provided to help designers get an idea 
about electrical parasitics associated with the package, and 
help them compare the electrical performance of different 
packages The electrical performance of a package is usu¬ 
ally expressed in terms of resistance (R), inductance (L), and 
capacitance (C). Example R-L-C data is provided for Nation¬ 
al’s package types. 

RESISTANCE 

Resistance is the cause of IR drops in the package. DC 
resistance is the resistance of a conductor when the entire 
cross section of the conductor is carrying current. At higher 
frequencies, the current is concentrated along the surface of 
the conductor, due to skin effect. AC resistance increases 
with frequency, because as the frequency increases, skin 
depth decreases, and the available cross section for the 
current flow decreases. AC resistance varies linearly with 
length of the conductor, but not with respect to cross sec¬ 
tional area. 

INDUCTANCE 

Inductance (L) is defined as the relationship between the 
following for a closed current path: 

• flux linkage (k) and current flow (i): X = L x i or 

• time varying voltage (v) and current (i): v = L x di /dt 
On an 1C package, signals propagate in and out through the 
signal leads and return through the power leads. The closed 
current path (or loop) is thus formed by signal leads together 
with power or ground leads. It is also possible to calculate 
inductance for an open circuit path, or a section of a closed 
loop (e.g., just a single lead). This is called partial induc¬ 
tance. Using this concept, the inductance contributions of 
different elements in the loop (and their interactions) can be 
separated into different inductance elements. This allows the 
designer to determine return paths and noise by simulation. 
It IS possible to determine the total loop inductance of an 10 
signal (returning through the power lead) or a differential pair 
using partial self and mutual inductance. (See Figure 1). 

DC and AC Inductance: DC Inductance is calculated assum¬ 
ing that the current flows through the entire cross section of 
the conductor. AC inductance is calculated assuming that 
the skin depth is small compared to the cross section of the 
conductor, and current flows only on the surface of the 
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conductors. Both DC and AC Inductance can be provided for 
packages. To determine which inductance is appropriate for 
your application, please see the section "Frequency limita¬ 
tions of R-L-C parameters". 


Li 




M 




■2M 


FIGURE 1. Inductance of a Signal Loop 
CAPACITANCE 

Self capacitance is the capacitance of any element to 
"ground" In package electrical models, the plane on the PC 
board is assumed to be an ideal ground Thus, self capaci¬ 
tance of any package element is the capacitance of that 
element to the board plane. Mutual capacitance is the ca¬ 
pacitance between any two elements. For example, in a 
lumped model of ball grid array package, capacitance from a 
package trace to the package VSS plane is mutual capaci¬ 
tance. 

FREQUENCY LIMITATIONS OF R-L-C PARAMETERS 

As long as the conductor lengths are small compared to the 
maximum sinusoidal frequency of the signal, the lumped 
R-L-C approximation of the element is appropriate. For digi¬ 
tal ICs, a lumped model is appropriate for a maximum lead 
length of 60 x t^ (tr is rise time in nanoseconds and length is 
in millimeters). When using lumped elements, it is important 
to know which parameters (DC or AC) should be used. Table 
1 gives this information. 

Transmission line models or distributed models should be 
used for high frequencies. To determine if your product 
requires this analysis, contact your local National Semicon¬ 
ductor technical representative 


TABLE 1. Frequency limitations of RLC parameters 


Parameter 

Valid Frequency Range 

DC Resistance 

Leadframe packages: DC to 500 kHz 

Substrate packages: DC to 5 MHz 

AC Resistance 

Leadframe packages: 500 kHz to any freq. 

Substrate packages: 5 MHz to any freq. 

DC Inductance 

Leadframe packages: DC to 10 MHz 

Substrate packages: DC to 100 MHz 

AC Inductance 

Leadframe packages: 10 MHz to any frequency provided lumped model is adequate. 

Substrate packages: 10 MHz to any frequency provided lumped model is adequate. 

Capacitance 

From DC to any frequency, as long as dielectric loss can be neglected. 
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Circuit Model of a Package Lead 

National Semiconductor defines package models In terms of 
their T-equivalent circuits. Each lead has two terminals - a 
"source" and a "sink" - representing its two ends. In a 
T-equivalent circuit, the lead inductance and resistance are 
divided in two parts, and placed on either sides of the lead 
capacitance. Figure 2 shows a T-equivalent model of three 
leads. The leads are labeled "Lead 1", "Lead 2" and "Re¬ 
turn". Signal current flows in or out of "Lead 1" and return 


current flows on the "Return" lead. Mutual inductance be¬ 
tween signal and return lead significantly affects the perfor¬ 
mance of the signal loop. Therefore, mutual inductance of all 
leads to the ground lead must be included in detailed simu¬ 
lations. Similarly for calculating package cross-talk, mutual 
inductance between two signal leads should be taken into 
account. Package circuit models can be provided in SPICE 
format. For package SPICE models contact your local Na¬ 
tional Semiconductor technical representative. 


m 


U2 


U2 


R/2 



FIGURE 2. Equivalent of three package leads 


Example R-L-C Values for 
Packages 

This section provides RLC values for National’s packages. 

The following is true for the data presented in this note: 

1. Example R-L-C data is provided for typical leads only. 
For detailed analysis, accurate package models should 
be obtained. 

2. The PC board plane is assumed 20 mils (0.5 mm) below 
the seating plane of the package. 

3. Wirebond parasitics are not included in this section; they 
are separately provided in Table 7. 


Inductance given is partial AC inductance; it does not 
scale linearly with length. 

Resistance provided is AC resistance calculated at 
1GHz. 

Mutual inductance to the immediate (Ml2) and the 
next-of-immediate (Ml3) leads is provided. It should be 
noted that in packages with no power planes, significant 
mutual coupling exists beyond these. For example for a 
PQFP, the coupling coefficient (k) between two leads 
that are separated by 10 leads can be as high as 0.3. 


TABLE 2. Example RLC values for lead-frame based packages and micro SMD 


Package 

Body Size 
(mm) 

Lead 

Count 

R (ohm) 

L(nH) 

M (nH) 

C(pF) 

Cm12 

(PF) 

Corner 

Center 

Corner 

Center 

Corner 

Center 

Corner 

Center 

Corner 

Center 

M12 

M13 

M12 

M13 

QFP 

28x28 

208 

0.90 

0.65 

12.00 

8.00 

8.00 

6.50 

5.50 

4.50 

0.20 

0.06 

1.00 

0.60 


20x 14 

128 

1.2 

0.8 

4.50 

2.40 

2.80 

2.20 

1.40 

1.10 

0.10 

0.05 

0.45 

0.20 


12x 12 

80 

0.36 

0.28 

2.90 

2.40 

2.30 

1.60 

1.30 

0.90 

0.15 

0.10 

0.27 

0.20 

LLP 

all sizes 

ail 

0.001 

0.001 

0.008 

0.008 

0.001 

0.001 

0.001 

0.001 

0.03 

0.03 

0.03 

0.03 

Mini SOIC 

5x3 

8 

0.015 

0.015 

0.45 

0.45 

0.15 

0.08 

0.15 

0.08 

0.05 

0.05 

0.04 

0.04 

SC-70 

2 X 1.25 

5 

0.015 

- 

0.45 

- 

0.08 

0.05 

- 


0.06 

- 

0.06 

- 

PLCC 

11.43 X 11.43 

28 

0.05 

0.04 

4.4 

3.2 

2 

1.5 

1.5 

1.1 

0.35 

0.25 

0.6 

0.45 

SSOP 

5.3 X 10.2 

28 

0.3 

0.25 

2.9 

1.3 

1.45 

0.85 

0.6 

0.35 

0.2 

0.08 

0.27 

0.1 

MDIP 

19x6.35 

14 

0.15 

0.05 

7.0 

3.0 

2.5 

1.8 

1.0 

0.7 

0.65 

0.25 

1.1 

0.4 
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Example R-L-C Values for Packages (Continued) 

TABLE 2. Example RLC values for lead-frame based packages and micro SMD (Continued) 


0) 

O) 

Body Size 
(mm) 

Lead 

Count 

R (ohm) 

L(nH) 


M (nH) 


C(pF) 

Cm12 

(PF) 

o 

Corner 

Center 

Corner 

Center 

1 Corner 

1 Center 

Corner 

Center 

- 1 

Corner 

Center 

w 

Q. 

M12 

M13 

M12 

M13 

Micro 

SMD 
(small 
bump) 
(Note 1) 

all sizes 

all 

0.003 


0.011 


0.002 




0.012 


0.005 


Micro 

SMD 
(large 
bump) 
(Note 1) 

all sizes 

all 

0.002 


0.013 


0.002 




0.016 


0.012 



Note 1: Micro SMD package does not have wirebonds 

LAMINATE BASED CSP (CHIP-SCALE PACKAGE) 

There are two types of laminate based CSPs: single row and 
dual row. Because the lead-geometry of all single row CSPs 
is the same, the RLC parasitics are the same. However, for 
the dual row CSPs, there are three types of lead geometries 
(labeled as #1, #2 and #3 in Table 3), and the parasitics are 
different for different geometries. To determine which dual 
row design is being used for your product, please contact 


your local National Semiconductor technical representative. 
Figure 3 shows a picture of a typical single and dual row 
CSP. Table 3 gives typical RLC characteristics of CSPs. 
Mutual inductance terms in the columns in Table 3 are 
illustrated in Figure 3. M12 is the mutual inductance between 
two neighboring leads in the same (inner or outer) row. Mrr 
is the mutual inductance between the neighboring leads of 
different rows. For more details on the construction of CSP 
packages, browse to http://www.national.com/packaging. 


M12, outer 

^ -► 


Single-row 16-lead CSP 

/ 





/ 



o 


o 




—J 

0I 


Outer 

row 

Inner 

row 


M12, inner 


Dual-row 176-lead CSP 


FIGURE 3. Laminate CSP packages (not to scale) 
TABLE 3. Example RLC data for CSP packages 



Lead 

Count 

R (ohm) 

L(nH) 

M (nH) 

C(pF) 


Package 

Outer 

inner 

Outer 

Inner 

M12 

MRR 

Outer 

inner 

Cm (pF) 


Outer 

Inner 


Dual row, 

#1 

128 /176 

0.03 

0.03 

0.40 

0.40 

0.10 

0.10 

0.08 

0.08 

0.08 

0.07 
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Example R-L-C Values for Packages (Continued) 

TABLE 3. Example RLC data for CSP packages (Continued) 


Package 


Lead 

Count 


R (ohm) 


Outer 


Inner 


L(nH) 


Outer 


inner 


M (nH) 


M12 


Outer 


Inner 


MRR 


C(pF) 


Outer 


Inner 


Cm (PF) 


Dual row/ 
inline 
bond 
pads #2 


128 /176 


0.04 


0.03 


0.60 


0.40 


0.09 


0.06 


0.06 


0.10 


0.08 


0.07 


Dual row/ 
inline 
bond 
pads #3 


128 /176 


0.03 


0.08 


0.40 


1.00 


0.06 


0.27 


0.12 


0.08 


0.10 


0.07 


Single 

row 


all 


0.03 


0.40 


0.10 


0.08 


0.07 


BGA PACKAGES 

A typical BGA (ball grid array) package is shown in Figure 4. 
Each side of the package has four rows of solder-balls. The 
traces going to the solder balls in the corners of the package 
are significantly longer, therefore the data is grouped by 
"corner" and "center" leads. In Table 4, "O" column gives 
data for the outermost row of solder-balls on the package (as 



illustrated in Figure 4); similarly, "I" column gives data for the 
Innermost row of solder balls on the package. LBGAs and 
FBGAs (low-profile BGAs and fine-pitch BGAs, respectively) 
are often custom routed, and it is therefore difficult to provide 
generalized R-L-C data. Data for an LBGA and an FBGA is 
provided for reference. 


Corner signals 
Center signals 


Outer row 
Inner row 

Tliemial balls 
(optional) 


FIGURE 4. Ball Grid Array packages 
TABLE 4. Example RLC Characteristics of BGAs (without planes) 


a> 

O) 

s 

s 

a. 

Body 

Size 

(mm) 

R (ohm) 

L(nH) 

M(nH) 

C(pF) 

Cm (pF) 

Corner 

Center 

Corner 

Center 

Corner 

Center 

Corner 

Center 

Corner 

Center | 

0 

1 

0 

1 

0 

1 

O 

1 

0 

1 

0 

1 

0 

1 

0 

1 

0 

1 

0 

1 

PBGA- 

208 

23 X 

23 

1.20 

0.80 

0.90 

0.60 

9.00 

6.00 

5.50 

2.50 

6.00 

4.50 

3.50 

1.50 

0.20 

0.10 

0.15 

0.10 

0.35 

0.15 

0.15 

0.10 

PBGA- 

388 

35 X 

35 

1.80 

1.20 

1.35 

1.00 

14.00 

10.00 

8.00 

4.50 

9.00 

6.50 

5.00 

3.00 

0.30 

0.15 

0.25 

0.18 

0.50 

0.25 

0.25 

0.15 

LBGA- 

196 

15 X 

15 

0.4 

0.2 

0.3 

1.70 


0.90 

1.20 

0.60 


0.30 

0.45 

0.08 


0.04 

0.04 

0.10 


0.10 

0.10 

FBGA- 

81 

9x 

9 

0.025 - 0.075 

0.4 - 1.5 

0.03 - 0.1 

0.04 - 0.06 

0.03 - 0.075 


Modeling packages which have planes for power and ground 
is more complex. Signals propagate through the signal leads 
and return over the power and ground planes. The 


high-speed return signal tends to concentrate on the area of 
the plane closest to the propagating signal. This means that 
the current density on the plane is non-uniform, and 
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Lead 

Count 

L 

M 

M (trace to planes) 


Package 

Corner 

Center 

Corner 

Center 

Corner (Note 2) 

Center (Note 2) 

LpLANE 


1 

2 


1 

2 

3 


EBGA 

215 

5.0 - 7.8 

2.5 - 4.0 

2.9 - 3.8 

1.4-2.0 

2.8 - 4.0 

2.2 - 3.2 

2.0 - 2.8 

2.0 - 2.5 

1.4-2.2 

1.2 - 1.5 

4.0 


368 

7.5 - 10.5 

6.5 - 8.0 

2.5 - 4.0 

2.5 - 3.5 

3.1 - 4.0 

2.5 - 3.0 

2.5 - 2.8 

1.8 - 3.0 

1.5-2.0 

1.1 - 1.5 

4.0 


Example R-L-C Values for 
Packages (Continued) 

non-constant with time. It is therefore not possible to give a 
single inductance number for a power or a ground plane in 
a package. However, inductance for the return path of a 
particular signal lead on a plane can be calculated. Table 5 


and Table 6 give the example RLC values for EBGA pack¬ 
ages. Plane inductance values in the Lplane column of 
Table 5 give inductance in the return path (VDDIO and/or 
VSSIO) of a typical signal that returns over the power plane. 
Similarly, the plane capacitance values pertain only to that 
section of the plane. 


TABLE 5. AC Inductance - EBGA packages 


Note 2: Mutual inductance to all the 3 planes is given, 1 is nearest to traces 
3 IS farthest 


TABLE 6. Resistance and Capacitance - EBGA packages 



Body Size 
(mm) 

Lead 

Count 





CpLANE 

Package 

Corner 

Center 

C 

Cm 

Cm-plane 

Self 

(Note 3) 

Mutual 

(Note 4) 

EBGA 

27x27 

215 

0.75 - 0.90 

0.60 - 0.80 

0.08-0.12 

0.10 - 0.14 

1.10 - 1.50 

0.6 - 1.2 

5.0 - 8.0 


40x40 

368 

1.00 - 1.30 

o 

b 

0.30 - 0.50 

0.10 - 0.20 

1.20 - 1.80 

1.5-2.0 

14.51 - 50 


Note 3: Self capacitance of the plane closest to the board ground plane Self 
capacitance to planes other than this plane is zero 
Note 4: Mutual capacitance between adjacent planes This capacitance, if 
between power planes, will provide help in decoupling 

Wirebonds 

To obtain package parasitics with wirebonds, add the induc¬ 
tances and resistances for the appropriate wire lengths to 
the package parasitics provided in the previous sections. 
Following table gives wirebond inductance for different wire 
lengths. AC resistance of wirebonds (at 1 GHz) is 0.1-Q/mm 
(= 0.0025-i2/mil). Capacitance of wirebonds is negligible, 
and is therefore omitted from this note. For CSPs and LLPs, 


use the L and M values in the "Wire Inductance" column of 
the table. It has been observed that there is a significant 
amount of coupling between wirebonds and leads/traces of a 
package (exceptions: CSPs and LLPs, due to their short 
trace/lead lengths). The column "Effective Inductance" in 
Table 7 gives L and M values corrected for this mutual 
coupling. Use the L and M values in this column for all 
packages other than CSPs and LLPs. Because of space 
limitations, mutual inductance is provided only for two neigh¬ 
boring wires. Significant mutual coupling exists beyond 
these, and it should be taken into account in detailed analy¬ 
sis. 


TABLE 7. Wirebond inductance 


Length 


Wire Inductance 
(For CSPs and LLPs) 


Effective Inductance 
(For all other packages) 


(mm) 


(mils) 


L(nH) 


M12(nH) 


Ml 3 (nH) 


L(nH) 


M12 (nH) 


M13 (nH) 


0.50 


19.60 


0.32 


0.14 


0.09 


0.45 


0.19 


0.12 


1.00 


39.20 


0.78 


0.39 


0.28 


1.09 


0.55 


0.39 


2.00 


78.40 


1.83 


1.04 


0.78 


2.57 


1.46 


1.12 


3.00 


117.60 


2.99 


1.80 


1.40 


4.19 


2.52 


1.96 


4.00 


156.80 


4.22 


2.62 


2.09 


5.91 


3.67 


2.93 


5.00 


196.00 


5.50 


3.48 


2.82 


7.70 


4.87 


3.95 
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High-Efficiency Reguiator 
has Low Drop-Out Voitage 


National Semiconductor 
Application Brief 11 



Conventional regulators have a high drop-out voltage that is 
a function of the total output current. However, with just a 
regulator chip, an external transistor and a few passive 
components, this design forms a high output current regula¬ 
tor with a limited input voltage and high efficiency. The circuit 
presented has a drop-out of 0.7V at 5A load current and 1.3V 
at a current level of as high as 10A. 

The circuit output voltage equals that of PNP regulator U1 
and may be expressed as Vqut = Vref (FH + R2)/R1 where 
Vref equals UTs reference voltage of 1.2V. To compensate 
for bias-current errors and to keep the extra quiescent cur¬ 
rent that is induced by this resistor network to a few pA, 
resistor R1 is set at 28 kQ. Thus for a 5V regulated output 
voltage, R2 is set at 88.7 k^2. In addition, the output voltage 
can be adjusted between 3V and 24V by varying R2. 

The circuit can handle a great deal of current because of 
external PNP transistor Q1. At high current levels, the cir¬ 
cuit’s drop-out voltage is a function of the saturation voltage 
of the PNP device. As a result, Q1 must have low saturation 
levels for Vqe and Vbe along with a high beta. In addition, the 
maximum output current is equal to the maximum output 
sink of regulator U1 multiplied by the maximum beta of Q1. A 
germanium transistor, such as a 2N4277 for the external 
pass element, satisfies the above requirements. For the 
components shown, the circuit gives excellent regulation at 
V,N = 5.7V up to 5A in load current, giving a drop-out of only 
0.7V. 


U1 is biased to a minimum of 30 mA by a resistor R3, which 
also functions as a bleeding resistor for Q1. The on-off pin of 
U1 permits extra remote on-off control and current-limiting 
functions for the circuit. Pulling this pin to ground enables the 
circuit, whereas keeping it open disables the circuit and 
leaves the regulator in the standby mode. The ratio R5:R6 
limits the maximum output current. When the load current 
exceeds this maximum, the output voltage begins to fall and 
the voltage across R6 decreases. This low voltage cuts off 
transistor Q2, thereby disabling the circuit output. As a result, 
transistor Q1 and the load are protected from overdrive and 
damage. 

Efficiency 

Using National Semiconductor’s regulator LM2931CT, exter¬ 
nal transistors Q1 and Q2, and a few passive components, 
this circuit forms a high-current regulator having a low 
drop-out. For the components shown in the figure, the regu¬ 
lator has a drop-out of 0.7V at 5A load current and 1.3V at a 
level as high as 10A. The on-off pin of regulator U1 provides 
remote control, while transistor Q2 limits the maximum out¬ 
put current. 



REMOTE 
ON/OFF ■ 


R5 

33k 




■I 


ON/ 

OFF 

U1.LM2931CT 

VOLTAGE OUT 

REGULATOR 



02 

2N4401 


; R1 
» 28k 


; R2 
» 88 7k 


, VOUT 
5V 


. Cl 
► 300 
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Wide Adjustable Range 
PNP Voltage Regulator 


National Semiconductor 
Application Brief 12 



What happens when the need arises for a regulator voltage 
that isn’t matched by your stock of fixed voltage I/C regula¬ 
tors? For the standard NPN pass transistor regulators 
(LM340 for example) the answer may be as simple as add¬ 
ing a resistor (R1) in the ground pin {Figure 1). The new 
output voltage (Vq) will then be- 

Vq = Vreg + Iq X R1 (1) 

where: Vreq is the original regulator output voltage, 

Iq is the regulator’s quiescent current. 

But if the need is also for a low drop across the regulator, 
then a PNP pass regulator is required. Simply adding a 
resistor in the ground pin doesn’t work, since the regulator 
internal current varies too much because of increased base 
drive to compensate for lower PNP beta. However, if a zener 
is used instead of a resistor, the higher voltages can be 
accommodated (Figure 2). The new output voltage (Vq) is: 

Vq = Vreq + Vz (2) 

where is the zener voltage. 

As Vreg is constant, the output voltage regulation will de¬ 
pend largely on the zener voltage (V^) and its dynamic 
impedance. 

The zener voltage will vary slightly with the current flowing 
through. Let’s take the popular LM2931Z PNP regulator from 
National Semiconductor as an example of variation of the 
quiescent current. When the regulator load changes from 
50 mA to 150 mA, the zener current will increase by 12.5 
mA. The zener voltage variation due to this current change 
will only be a few hundred mV. That is, the output voltage will 
vary slightly, but not as much (as high as a few volts) as with 
a resistor to ground. Thus, a much better regulated output 
voltage is maintained. 



FIGURE 1. NPN Regulator 

One advantage inherent to this circuit is the ability to achieve 
higher output voltages than the normal regulator rating The 
maximum regulator output is limited by the breakdown of its 
internal circuitry. However, carefully selecting the zener to 
keep the input and ground pin differential voltage well below 
the breakdown, the input is allowed to exceed its maximum 
rating. For example, a 5V 3-terminal LM2931Z PNP regula¬ 
tor (maximum operating input voltage = 26V) can become a 
56V regulator with a 51V zener. And the input voltage can be 
as low as 56 6V with a load current of 150 mA or less. Most 
of the PNP regulator’s features are still maintained. The 
short circuit protection may or may not be there, depending 
on the output voltage and the safe operating area of the 
output pass PNP transistor. 

Capacitors Cl and C2 should have the same values as 
those specified for normal operation. However, their maxi¬ 
mum operating voltage ratings should exceed the input volt¬ 
age. Capacitor C3 should be located as close as possible to 
the ground pin to get good decoupling and ensure stable 
operation. The value of C3 will depend on zener impedance 
and noise characteristics. The capacitor types must also be 
rated over the desired operating temperature range. 



FIGURE 2. PNP Regulator 
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LM340 Series Three 
Terminal Positive 
Regulators 

Introduction 

The LM340-XX are three terminal 1 .OA positive voltage regu¬ 
lators, with preset output voltages of 5.0V or 15V. The 
LM340 regulators are complete 3-terminal regulators requir¬ 
ing no external components for normal operation. However, 
by adding a few parts, one may improve the transient re¬ 
sponse, provide for a variable output voltage, or increase the 
output current. Included on the chip are all of the functional 
blocks required of a high stability voltage regulator; these 
appear in Figure 1. 



COMMON 

00741301 


National Semiconductor 
Application Note 103 
George Cleveland 




FiGURE 2. Simplified Volt Reference 

Figure 2 illustrates a simplified reference using the predict¬ 
able temperature, voltage, and current relationship of 
emitter-base junctions. 

Assuming Jq.| > Jq 2 ) Icq 2 ^ ^bq 2 — ^bqs > 

Area (emitter Q1) = Area (emitter Q2), and 

Vbeqi = VbEQ3> (1) 

then 


FIGURE 1. Functional Block of the LM340 

The error amplifier is internally compensated; the voltage 
reference is especially designed for low noise and high 
predictability; and, as the pass element Is included, the 
regulator contains fixed current limiting and thermal protec¬ 
tion. The LM340 is available in either metal can TO-3 or 
plastic TO-220 package. 

1.0 Circuit Design 

VOLTAGE REFERENCE 

Usually IC voltage regulators use temperature-compensated 
zeners as references. Such zeners exhibit BV > 6.0V which 
sets the minimum supply voltage somewhat above 6.0V. 
Additionally they tend to be noisy, thus a large bypass ca¬ 
pacitor is required. 


Vref = 



R2 

R3 


+ VbeQ3 


( 2 ) 


SIMPLIFIED LM340 

In Figure 3 the voltage reference includes R1-R3 and 
Q1-Q5. Q3 also acts as an error amplifier and Q6 as a 
buffer between Q3 and the current source. If the output 
drops, this drop is fed back, through R4, R5, Q4, Q5, to the 
base of Q3. Q7 then conducts more current re-establishing 
the output given by: 


VouT = Vref 


R4 + R5 
R4 


( 3 ) 
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1.0 Circuit Design (Continued) 



00741303 


FIGURE 3. LM340 Simplified 


COMPLETE CIRCUIT OF THE LM340 Figure 4 

Here (Jq 2 , Jqs) > (Jq 4 , Jqs) and a positive TC AVbe appears 
across R6. This is amplified by 17, (R6/R6 = 17) and is 
temperature compensated by the Vbe of Q6, Q7, Q8 to 
develop the reference voltage. R17 is changed to get the 
various fixed output voltages. 

SHORT CIRCUIT PROTECTION 

1. V,n-Vout < 6.0V: There is no current through D2 and 
the maximum output current will be given by: 

loUT MAX = ^ 2 2A (T, = 25"C) 

(4) 

2. V|n-Vout > 6.0V: To keep Q16 operating within its 
maximum power rating the output current limit must 
decrease as V,n-Vout increases. Here D2 conducts 
and the drop across R16 is less than Vbe fo turn on Q14. 
In this case Iqut maximum is: 


lOUT MAX 


ls( 


VbEQ14 ■ 


[(V|N - Vqut) ~ VZD2 ~ VBEQI 4 ] 
R13 


R14 


0.077 [37.2 - (V,N - Vqut)] (A) 
at Tj = 25“C 


(5) 
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1.0 Circuit Design (Continued) 



^ Senes pass element 
tStarting up resistor 


FIGURE 4. Complete Circuit of the LM340 


THERMAL SHUT DOWN 

In Figure 4 the Vbe of Q13 is clamped to 0.4V. When the die 
temperature reaches approximately +175°C the Vbe fo turn 
on Q13 is 0.4V. When Q13 turns on it removes all base drive 
from Q15 which turns off the regulator thus preventing a 
further increase in die temperature. 


ViN MAX = 23V, Iqut max = 1-OA, LM340T-15. 

Equation Equation (7) yields: Tj^ = 200°C. So the Tj max of 
150°C specified in the data sheet should be the limiting 
temperature. 

From Equation (6) Pq = 8.1 W. The thermal resistance of the 
heat sink can be estimated from: 


POWER DISSIPATION 

The maximum power dissipation of the LM340 is given by: 

PD MAX = (ViN MAX “ Vqut) IqUT MAX +V in MAX 'q (W)(6) 

The maximum junction temperature (assuming that there is 
no thermal protection) is given by: 


36-13 Iqut MAX “ (V|N “ Vqut) , 


Example: 


(7) 


a = Ta _ ^ 

( 8 ) 

The thermal resistance (junction to case) of the TO-220 
package is 6°C/W, and assuming a Gc-s (case to heat sink) of 
0.4, equation Equation (8) yields: 

8s-a = 8.4°C/W 
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2.0 Current Source 

The circuit shown on Figure 5 provides a constant output 
current (equal to Vqut/R'I of 200 mA) for a variable load 
impedance of 0 to 85iQ. Using the following definitions and 
the notation shown on Figure 5, Zqut arid Iqut are: 


and a line regulation (interpolated for Iqut = 200 mA) of 
35 mV maximum for a 7.0V to 25V change in input voltage: 

_ , 1.0 mA 

Qcc/V = = 55 txA/W 

(13) 



^Required if regulator is located far from power supply filter 


FIGURE 5. Current Source 

Qqq/V = Quiescent current change per volt of input/output 
(pin 1 to pin 2) voltage change of the LM340 
LfA/ = Line regulation per volt: the change in the LM340 
output voltage per volt of input/output voltage 
change at a given Iqut- 


^•ouT = (Qcc/V) AVqut + AVqut 


(9) 


Zqut = 


AVqut 

AIqut 


( 10 ) 


Zqut = 


AVqut 


(Qcc/V)aVout + ~~AVout 


R1 


( 11 ) 


Zqut = 


1 


(Qqc/V) + 


(Lr/V) 

R1 


( 12 ) 

The LM340-5.0 data sheet lists maximum quiescent current 
change of 1.0 mA for a 7.0V to 25V change in input voltage; 


(14) 

The worst case change in the 200 mA output current for a 
1 .OV change in output or input voltage using equation Equa¬ 
tion (9) is: 


AIqut 

1.0V 


= 55 fxA + 


2 mV 
25n 


= 135 jaA 


(15) 

and the output impedance for a 0 to 85Q change in Zl using 
equation Equation (12) is: 


Zqut = ■ 


55 jaA + 


2 mV 
25n 


7.4 kn 


(16) 


Typical measured values of Zqut varied from 10-12.3 kQ, or 
81-100 pAA/ change input or output (approximately 
0.05%A/). 


3.0 High Current Regulator with 
Short Circuit Current Limit 

The 15V regulator circuit of Figure 6 includes an external 
boost transistor to increase output current capability to 5.0A. 
Unlike the normal boosting methods, it maintains the 
LM340’s ability to provide short circuit current limiting and 
thermal shut-down without use of additional active compo¬ 
nents. The extension of these safety features to the external 
pass transistor Q1 is based on a current sharing scheme 
using R1, R2, and D1. Assuming the base-to-emitter voltage 
of Q1 and the voltage drop across D1 are equal, the voltage 
drops across R1 and R2 are equal. The currents through R1 
and R2 will then be inversely proportional to their resis¬ 
tances. For the example shown on Figure 6, resistor R1 will 
have four times the current flow of R2. For reasonable 
values of Q1 beta, the current through R1 is approximately 
equal to the collector current of Q1; and the current through 
R2 is equal to the current flowing through the LM340. There¬ 
fore, under overload or short circuit conditions the protection 
circuitry of the LM340 will limit its own output current and, 
because of the R1/R2 current sharing scheme, the output 
current of Q1 as well. Thermal overload protection also 
extends Q1 when its heat sink has four or more times the 
capacity of the LM340 heat sink. This follows from the fact 
that both devices have approximately the same input/output 
voltage and share the load current in a ratio of four to one. 
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3.0 High Current Regulator with Short Circuit Current Limit (Continued) 


R1 



*Solid tantalum 


00741306 


Note 1: Current sharing between the LM340 and Q1 allows the extension of short circuit current limit, safe operating area protection, and (assuming Q1’s heat sink 
has four or more times the capacity of the LM340 head sink) thermal shutdown protection 
Note 2: Ishort circuit's approximately 5.5 amp. 

Note 3: Iqut max at Vqut = 1 5V is approximately 9 5 amp 

FIGURE 6.15V 5.0A Regulator with Short Circuit Current Limit 


The circuit shown on Figure 6 normaily operates at up to 
5.0A of output current. This means up to 1.0A of current 
flows through the LM340 and up to 4.0A flows through Q1. 
For short term overload conditions the curve of Figure 7 
shows the maximum instantaneous output current versus 
temperature for the boosted regulator. This curve reflects the 
approximately 2.0A current limit of the LM340 causing an 
8.0A current limit in the pass transistor, or 10A, total. 



0 10 20 30 40 50 60 70 


to 6.0A as shown in Figure 8. This curve was taken using a 
Wakefield 680-75 heat sink (approximately 7.5”C/W) at a 
25°C ambient temperature. 



19 20 21 22 23 24 25 

INPUT VOLTAGE (V) 


00741308 


FIGURE 8. Continuous Short Circuit 
Current vs input Voltage 


JUNCTION TEMPERATURE (°C) 

00741307 

FIGURE 7. Maximum Instantaneous Current vs 
Junction Temperature 

Under continuous short circuit conditions the LM340 will heat 
up and limit to a steady total state short circuit current of 4.0A 


For optimum current sharing over temperature between the 
LM340 and Q1, the diode D1 should be physically located 
close to the pass transistor on the heat sink in such a 
manner as to keep it at the same temperature as that of Q1. 
If the LM340 and Q1 are mounted on the same heat sink the 
LM340 should be electrically isolated from the heat sink 
since its case (pin 3) is at ground potential and the case of 


www.national.com 


9-10 




3.0 High Current Regulator with 
Short Circuit Current Limit (Continued) 

Q1 (its collector) is at the output potential of the regulator. 
Capacitors C1 and C2 are required to prevent oscillations 
and improve the output impedance respectively. Resistor R3 
provides a path to unload excessive base charge from the 
base of Q1 when the regulator goes suddenly from full load 
to no load. The single point ground system shown on Figure 
6 allows the sense pins (2 and 3) of the LM340 to monitor the 
voltage directly at the load rather than at some point along a 
(possibly) resistive ground return line carrying up to 5.0A of 
load current. Figure 9 shows the typical variation of load 
regulation versus load current for the boosted regulator. The 
insertion of the external pass transistor increases the input/ 
output differential voltage from 2.0V to approximately 4.5V. 
For an output current less than 5.0A, the R2/R1 ratio can be 
set lower than 4:1. Therefore, a less expensive PNP transis¬ 
tor may be used. 



0 1 0 2 0 3.0 4.0 5.0 

LOAD CURRENT (AMPS) 

00741309 


FIGURE 9. Load Regulation 

4.0 5.0V, 5.0A Voltage Regulator 
for TTL 

The high current 5.0V regulator for TTL shown in Figure 11 
uses a relatively inexpensive NPN pass transistor with a 
lower power PNP device to replace the single, higher cost, 
power PNP shown in Figure 6. This circuit provides a 5.0V 
output at up to 5.0A of load current with a typical load 
regulation of 1.8% from no load to full load. The peak instan¬ 
taneous output current observed was 10.4A at a 25°C junc¬ 
tion temperature (pulsed load with a 1.0 ms ON and a 200 


ms OFF period) and 8 4A for a continuous short circuit. The 
typical line regulation is 0.02% of input voltage change 
(Iqut = 0)- 

One can easily add an overload indicator using the Nation¬ 
al’s new NSL5027 LED. This is shown with dotted lines in 
Figure 11. With this configuration R2 is not only a current 
sharing resistor but also an overload sensor. R5 will deter¬ 
mine the current through the LED; the diode D2 has been 
added to match the drop across D1. Once the load current 
exceeds 5.0A (1 .OA through the LM340 assuming perfect 
current sharing and Vqi = Voa) Q3 turns ON and the over¬ 
load indicator lights up 
Example: 

Iqverload = 3.0A 

Iled = 40 mA (light intensity of 16 mcd) 


Vled = R5 s 


VlN - 2.65 
•led 


(17) 


5.0 Adjustable Output Voltage 
Regulator for Intermediate Output 
Voltages 

The addition of two resistors to an LM340 circuit allows a 
non-standard output voltage while maintaining the limiting 
features built into IC. The example shown in Figure 10 
provides a 10V output using an LM340K-5.0 by raising the 
reference (pin number 3) of the regulator by 5.0V. 



FIGURE 10. 10V Regulator 

The 5 OV pedestal results from the sum of regulator quies¬ 
cent current Iq and a current equal to Vr^q/RI- flowing 
through potentiometer R2 to ground R2 is made adjustable 
to compensate for differences in Iq and Vreg output. The 
circuit is practical because the change in Iq due to line 
voltage and load current changes is quite small. 
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5.0 Adjustable Output Voltage Regulator for Intermediate Output Voltages 

(Continued) 


01 



FIGURE 11. 5.0V, 5.0A Regulator for TTL (with short circuit, thermal shutdown protection, and overload indicator) 


The line regulation for the boosted regulator is the sum of the 
LM340 line regulation, its effects on the current through R2, 
and the effects of AIq in response to input voltage changes. 
The change in output voltage is: 


AVout = (Lr/V) AV|n + 


(Lr/V) AV|n R2 
R1 


+ (Qcc/V) AV,n R2 
giving a total line regulation of: 


(18) 


^ = (W/V)(i+^) +(Qcc/V) R2 

(19) 

The LM340-5.0 data sheet lists AVqut < 50 mV and AIq < 
1.0 mA for AV,n = 18V at Iqut = 500 mA. This is: 


Lr/V = 


50 mV 
18V 


~ 3 mV/V 


( 20 ) 


Qcc/V = = 55 p,A/V 

( 21 ) 

The worst case at line regulation for the circuit of Figure 10 
calculated by equation Equation (19), Iqut = 500 mAand R2 
= 31 on is: 




3ion \ 

soon) 


+ (55 pAA/)310a 


( 22 ) 


= 6 mV/V + 17 mV/V = 23 mV/V 

1.0V 

(23) 

This represents a worst case line regulation value of 
0.23%A/. 

The load regulation is the sum of the LM340 voltage regula¬ 
tion, its effect on the current through R2, and the effect of AIq 
in response to changes in load current. Using the following 
definitions and the notation shown on Figure 10 AVquj is: 
Zqut = Regulator output impedance: the change in output 
voltage per amp of load current change. 

Z 340 = LM340 output impedance 

Quiescent current change per amp of load current 
change 


AVqut = (Z340) AIl + AIl R 2 


(+ Qqc/A) AIl R2 

and the total output impedance is: 


^ AVqut _ ^ 

"Air" 




(24) 


(25) 

+(Qcc/A) R2 

The LM340-5.0 data sheet gives a maximum load regulation 
Lr = 50 mV and AIq = 1.0 mA for a 1 .OA load change. 


50 mV 

= TSa " 


(26) 
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5.0 Adjustable Output Voltage 
Regulator for Intermediate Output 
Voltages (Continued) 

1 mA 

Qcc/A = = 100 ^lA/A 

(27) 

This gives a worst case dc output impedance (ac output 
impedance being a function of C2) for the 10V regulator 
using equation Equation (25) of: 

/ 310fl \ 

ZoUT = 0.05fi(l + —j 

(28) 

+ (100 pA/A) 310^2 


ZouT = 0.10Q + 0.03112 = 0.1312 

or a worst case change of approximately 1.5% for a 1 .OA 
load change. Typical measured values are about one-third of 
the worst case value. 

6.0 Variable Output Regulator 

In Figure 12 the ground terminal of the regulator is “lifted” by 
an amount equal to the voltage applied to the non-inverting 
input of the operational amplifier LM101A. The output volt¬ 
age of the regulator is therefore raised to a level set by the 
value of the resistive divider R1, R2, R3 and limited by the 
input voltage. With the resistor values shown in Figure 12, 
the output voltage is variable from 7.0V to 23V and the 
maximum output current (pulsed load) varies from 1.2A to 
2.0A (Tj = 25°C) as shown in Figure 13. 



=^Required if the regulator is located far from the power supply filter 
**Solid tantalum 

FIGURE 12. Variable Output Regulator 

R3 has been added to insure this when R2 = 0. Furthermore 
the bias current Ig of the operational amplifier should be 
negligible compared to the current flowing through the resis¬ 
tive divider. 

Example: 

V,N = 25V 

Vqut min = 5-1- Vg, (R2 = 0), 

Vg = R3 (I - Ig) = 2.0V 
R1 = 2.5 R3 

VouT MAX = V,N - dropout volt 
(R2 = R2 max) 

= 5.3 R1 

So setting R3, the values of R1 and R2 can be determined. 
If the LM324 is used instead of the LM101A, R3 can be 
omitted since its common mode voltage range includes the 
ground, and then the output will be adjustable from 5 to a 
certain upper value defined by the parameters of the system. 
The circuit exhibits the short-circuit protection and thermal 
shutdown properties of the LM340 over the full output range. 



7.0 9 0 11 13 15 17 19 21 23 

VouT(V) 

00741313 

FIGURE 13. Maximum Output Current 

Since the LM101A is operated with a single supply (the 
negative supply pin is grounded). The common mode volt¬ 
age Vg must be at least at a 2.0 Vgg -i- Vqat above ground. 
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6.0 Variable Output Regulator 

(Continued) 

The load regulation can be predicted as: 


^Vqut = 


R1 + R2 + R3 
R1 


AV340 


(29) 


where AV 340 is the load regulation of the device given in the 
data sheet. To insure that the regulator will start up under full 
load a reverse biased small signal germanium diode, 1N91, 
can be added between pins 2 and 3. 


7.0 Variable Output Regulator 
0.5V-29V 

When a negative supply is available an approach equivalent 
to that outlined in section 6 may be used to lower the 


minimum output voltage of the regulator below the nominal 
voltage that of the LM340 regulator device. In Figure 14 the 
voltage Vq at the ground pin of the regulator is determined 
by the drop across R1 and the gain of the amplifier. The 
current I may be determined by the following relation: 


V 340 R2 R5 - R3 R4 Vin" 
R1 R4 (R2 + R3) R1 


or if R2 + R3 = R4 + R5 = R 


(30) 


. _ V34oR2 ■ 
R1 R4 


^ (V|N - V340) 


(31) 



FIGURE 14. Variable Output Voltage 0.5V-30V 


considering that the output is given by: 


Vqut = Vq + V340 

(32) 

and 


Vg = Ri 1 - v,N- 

(33) 


combining equations 31, 32, and 33 an expression for the 
output voltage is: 


VoUT = V340 ^ 

(34) 

Notice that the output voltage is inversely proportional to R4 
so the output voltage may be adjusted very accurately for 
low values. A minimum output of 0.5V has been set. This 
implies that 


R2 

R4 


R3 


0.9 


. R3 
R2 


= 9 


(35) 


An absolute zero output voltage will require R4 = 0 ° or 
R2 = 0, neither being practical in this circuit. The maximum 
output voltage as shown in Figure 14 is 30V if the high 
voltage operational amplifier LM143 is used. If only low 
values of Vqut a''® sought, then an LM101 may be used. R1 
can be computed from: 


IQ340 


(36) 
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7.0 Variable Output Regulator 
0.5V-29V (Continued) 



0 10 20 30 

Vqut(V) 


FIGURE 15. Typical Load Regulation for a 0.5V-30V 
Regulator (AIqut = l-OA) 

Figure 15 illustrates the load regulation as a function of the 
output voltage 

8.0 Dual Power Supply 

The plus and minus regulators shown in Figure 75 will exhibit 
line and load regulations consistent with their specifications 


as individual regulators. In fact, operation will be entirely 
normal until the problem of common loads occurs. A 30Q 
load from the +15V output to the -15V output (representing 
a 0.5A starting load for the LM340K-15 if the LM320K-15 is 
already started) would allow start up of the LM340 in most 
cases. To insure LM340 startup over the full temperature 
range into a worst case 1 .OA current sink load the germa¬ 
nium power “diode” D1 has been added to the circuit. Since 
the forward voltage drop of the germanium diode D1 is less 
than that of the silicon substrate diode of the LM340 the 
external diode will take any fault current and allow the 
LM340 to start up even into a negative voltage load. D1 and 
silicon diode D2 also protect the regulator outputs from 
inadvertent shorts between outputs and to ground. For 
shorts between outputs the voltage difference between ei¬ 
ther input and the opposite regulator output should not ex¬ 
ceed the maximum rating of the device. 

The example shown in Figure 16 is a symmetrical ±15V 
supply for linear circuits. The same principle applies to 
non-symmetrical supplies such as a -i-5.0V and -12V regu¬ 
lator for applications such as registers 

9.0 Tracking Dual Regulators 

In Figure 17, a fraction of the negative output voltage “lifts” 
the ground pins of the negative LM320K-15 voltage regulator 
and the LM340K-15 through a voltage follower and an in¬ 
verter respectively. The dual operational amplifier LM1558 is 
used for this application and since its supply voltage may go 
as high as ±22V the regulator outputs may be set between 
5.0V and 20V. Because of the tighter output tolerance and 
the better drift of the LM320, the positive regulator is made to 
track the negative. The best tracking action is achieved by 
matching the gain of both operational amplifiers, that is, the 
resistors R2 and R3 must be matched as closely as possible. 


’‘•Solid tantalum 




LIVI340K-15 


1 Q Vout"^ 

V|N - ZOV u 

n 

T ' 

' +15V AT 1 AMP 

— C2 

1— OAuf 

Lo, 

— 0.22/iF 

2I\I3612 1 

pj 

< 

+ 

■^2 2/jF 


D2 "2 
1N4720 J 


+ 

C4* 

. p, VoUT~ 


LM320K-1S 

A 

-20V 0—< 




'-'-15V AT 1 AMP 


00741316 


**Germanium diode (using a PNP germanium transistor with the collector shorted to the emitter) 
Note: Cl and C2 required if regulators are located far from power supply filter 


FIGURE 16. Dual Power Supply 
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9.0 Tracking Dual Regulators 

(Continued) 

Indeed, with R2 and R3 matched to better than 1%, the 
LM340 tracks the LM320 within 40-50 mV over the entire 
output range. The typical load regulation at Vqut = ±15V for 
the positive regulator is 40 mV from a 0 to 1 .OA pulsed load 
and 80 mV for the negative. 

Figure 18 illustrates ±15V tracking regulator, where again 
the positive regulator tracks the negative. Under steady state 
conditions V^ is at a virtual ground and Vg at a Vbe above 
ground. Q2 then conducts the quiescent current of the 
LM340. If -Vqut becomes more negative the collector base 
junction of Q1 is forward biased thus lowering Vg and raising 
the collector voltage of Q2. As a result +Vout rises and the 
voltage Va again reaches ground potential. 

Assuming Q1 and Q2 to be perfectly matched, the tracking 
action remains unchanged over the full operating tempera¬ 
ture range. 

With R1 and R2 matched to 1%, the positive regulator tracks 
the negative within 100 mV (less than 1%). The capacitor C4 
has been added to improve stability. Typical load regulations 
for the positive and negative sides from a 0 to 1 .OA pulsed 
load (toN = l-O ms, toFP = 200 ms) are 10 mV and 45 mV 
respectively. 

10.0 High Input Voltage 

The input voltage of the LM340 must be kept within the limits 
specified in the data sheet. If the device is operated above 


the absolute maximum input voltage rating, two failure 
modes may occur. With the output shorted to ground, the 
series pass transistor Q16 (see Figure 4) will go to ava¬ 
lanche breakdown; or, even with the output not grounded, 
the transistor Q1 may fail since it is operated with a 
collector-emitter voltage approximately 4.0V below the input. 
If the only available supply runs at a voltage higher than the 
maximum specified, one of the simplest ways to protect the 
regulator is to connect a zener diode in series with the input 
of the device to level shift the input voltage. The drawback to 
this approach is obvious. The zener must dissipate (Vqupply 
- V|N max I-M340) (louTMAx) which may be several watts. 
Another way to overcome the over voltage problem is illus¬ 
trated in Figure 19 where an inexpensive, 
NPN-zener-resistor, combination may be considered as an 
equivalent to the power zener. The typical load regulation of 
this circuit is 40 mV from 0 to 1 .OA pulsed load (Tj = 25°C) 
and the line regulation is 2.0 mV for 1.0V variation in the 
input voltage (Iqut = 0). A similar alternate approach is 
shown in Figure 20. 

With an optional output capacitor the measured noise of the 
circuit was 700 pVp-p. 



FIGURE 19. High Input Voltage 


*Heat sink Q1 and LM340 



00741320 


FIGURE 20. High Input Voltage 
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10.0 High Input Voltage (Continued) 



* Germanium signal diode 


or 



2N3612. 


00741321 


FIGURE 21. High Voltage Regulator 


11.0 High Voltage Regulator 

In previous sections the principle of “lifting the ground termi¬ 
nal” of the LM340, using a resistor divider or an operational 
amplifier, has been illustrated. One can also raise the output 
voltage by using a zener diode connected to the ground pin 
as illustrated in Figure 21 to obtain an output level increased 
by the breakdown voltage of the zener. Since the input 
voltage of the regulator has been allowed to go as high as 
80V a level shifting transistor-zener (D2)—resistor combina¬ 
tion has been added to keep the voltage across the LM340 
under permissible values. The disadvantage of the system is 
the increased output noise and output voltage drift due to the 
added diodes. 

Indeed it can be seen that, from no load to full load condi¬ 
tions, the Alz will be approximately the current through R1 
(= 35 mA) and therefore the degraded regulation caused by 
D1 will be Vz (at 35 mA -i- Iq) - Vz (at Iq). 

The measured load regulation was 60 mV for AIqut of 5.0 
mAto 1.0A (pulsed load), and the line regulation is 0.01 %V 
of input voltage change (Iqut = 500 mA) and the typical 
output noise 2.0 mVp-p (C2 = 0.1 pF). The value of R1 is 
calculated as: 


R1 ss 


V|N - (Vzi 
I full load 


+ Vz 2 ) ' 
ad 


(37) 


12.0 Electronic Shutdown 


Figure 22 shows a practical method of shutting down the 
LM340 under the control of a TTL or DTL logic gate. The 
pass transistor Q1 operates either as a saturated transistor 
or as an open switch. With the logic input high (2.4V speci¬ 
fied minimum for TTL logic) transistor Q2 turns on and pulls 
50 mA down through R2. This provides sufficient base drive 
to maintain Q1 in saturation during the ON condition of the 
switch. When the logic input is low (0.4V specified maximum 
for TTL logic) Q2 is held off, as Is Q1; and the switch is In the 
OFF condition. The observed turn-on time was 7.0 ps for 
resistive loads from 15Q to infinity and the turn-off time 
varied from approximately 3.0 ps for a 15Q load to 3.0 ms for 
a no-load condition. Turn-off time is controlled primarily by 
the time constant of Rload and Cl. 
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12.0 Electronic Shutdown (Continued) 



00741322 

*Required if the regulator is located far from the power supply filter 
**Head sink Q1 and the LM340 


FIGURE 22. Electronic Shutdown Circuit 



FIGURE 23. Variable High Voltage Regulator with Shortcircuit and Overvoltage Protection 


13.0 Variable High Voltage 
Regulator with Overvoltage 
Shutdown 

A high voltage variable-output regulator may be constructed 
using the LM340 after the idea illustrated in section 7 and 
drawn in Figure 23. The principal inconvenience is that the 
voltage across the regulator must be limited to maximum 


rating of the device, the higher the applied input voltage the 
higher must be lifted the ground pin of the LM340. Therefore 
the range of the variable output is limited by the supply 
voltage limit of the operational amplifier and the maximum 
voltage allowed across the regulator. An estimation of this 
range is given by: 

Vqut max “ Vqut min = 

^SUPPLY MAX340 “ VnoMINAL340 ~ 2.0V (38) 
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13.0 Variable High Voltage 
Regulator with Overvoltage 
Shutdown (Continued) 

Examples: 

LM340-15: Vqutmax “ Vqutmin = 35-15-2 = 18V 
Figure 23 illustrates the above considerations. Even though 
the LM340 is by itself short circuit protected, when the output 
drops, Va drops and the voltage difference across the device 
increases. If it exceeds 35V the pass transistor internal to the 
regulator will breakdown, as explained in section 11. To 
remedy this, an over-voltage shutdown is included in the 
circuit. When the output drops the comparator switches low, 
pulls down the base Q2 thus opening the switch Q1, and 


shutting down the LM340. Once the short circuit has been 
removed the LM311 must be activated through the strobe to 
switch high and close Q1, which will start the regulator again. 
The additional voltages required to operate the comparator 
may be taken from the 62V since the LM311 has a certain 
ripple rejection and the reference voltage (pin 3) may have a 
superimposed small ac signal. The typical load regulation 
can be computed from equation 29. 
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Fast 1C Power Transistor 
with Thermai Protection 


National Semiconductor 
Application Note 110 
George Cleveland 



Introduction 

Overload protection is perhaps most necessary in power 
circuitry. This is shown by recent trends in power transistor 
technology. Safe-area, voltage and current handling capabil¬ 
ity have been increased to limits far in excess of package 
power dissipation In RF transistors, devices are now avail¬ 
able and able to withstand badly mismatched loads without 
destruction. However, for anyone working with power tran¬ 
sistors, they are still easily destroyed. 

Since power circuitry, in many cases, drives other low level 
circuitry—such as a voltage regulator—protection is doubly 
important Overloads that cause power transistor failure can 
result in the destruction of the entire circuit. This is because 
the common failure mode for power transistors is a short 
from collector to emitter—applying full voltage to the load. In 
the case of a voltage regulator, the raw supply voltage would 
be applied to the low level circuitry. 

A new monolithic power transistor provides virtually absolute 
protection against any type of overload. Included on the chip 
are current limiting, safe area protection and thermal limiting. 
Current limiting controls the peak current through the chip to 
a safe level below the fuzing current of the aluminum metal- 
ization. At high collector to emitter voltage the safe area 
limiting reduces the peak current to further protect the power 
transistor. If, under prolonged overload, power dissipation 
causes chip temperature to rise toward destructive levels, 
thermal limiting turns off the device keeping the devices at a 
safe temperature. The inclusion of thermal limiting, a feature 
not easily available in discrete circuitry makes this device 
especially attractive in applications where normal protective 
schemes are ineffective. 

The device’s high gam and fast response further reduce 
requirements of surrounding circuitry. As well as being used 
in linear applications, the IC can interface 

transistor-transistor logic or complementary-MOS logic to 
power loads without external devices. In fact, the 
input-current requirement of 3 microamperes is small 
enough for one CMOS gate to drive over 400 LM195’s. 
Besides high dc current gam, the IC has low input capaci¬ 
tance so It can be easily driven from high impedance 
sources—even at high frequencies. In a standard TO-3 
power package, the monolithic structure ties the emitter, 
rather than the collector, to the case effectively 

boot-strapping the base-to-package capacitance. Addition¬ 
ally, connecting the emitter to the package is especially 
convenient for grounded emitter circuits. 

The device is fully protected against any overload condition 
when It is used below the maximum voltage rating. The 
current-limiting circuitry restricts the power dissipation to 35 
watts, 1.8 amperes are available at collector-to-emitter volt¬ 
age of 17V decreasing to about 0.8 amperes at 40V. In 
reality, however, like standard transistors, power dissipation 
in actual use is limited by the size of the external heat sink. 
Switching time is fast also. At 40V 25 Ohm load can be 
switched on or off in a relatively fast 500 ns. The internal 
planar double diffused monolithic transistors have an f^ of 
200 MHz to 400 MHz. The limiting factor on overall speed is 


the protective and biasing circuitry around the output tran¬ 
sistors. An important performance point is that no more than 
the normal 3 pA base current is needed for fast switching. 
To the designer, the LM195 acts like an ordinary power 
transistor, and its operation is almost identical to that of a 
standard power device. However, it provides almost absolute 
protection against any type of overload And, since it is 
manufactured with standard seven-mask IC technology, the 
device is produceable in large quantities at reasonable cost. 

Circuit Design 

Besides the protective features, the monolithic power tran¬ 
sistor should function as closely to a discrete transistor as 
possible. Of course, due to the circuitry on the chip, there will 
be some differences. 

Figure 1 shows a simplified schematic of the power transis¬ 
tor. A power NPN Darlington is driven by an input PNP. The 
PNP and output NPN’s are biased by internal current source 
I-,. The composite three transistors yield a total current gam 
in excess of 10® making it easy to drive the power transistors 
from high impedance sources. Unlike normal power transis¬ 
tors, the base current is negative, flowing out of the PNP. 
However, in most cases this is not a problem. 



FIGURE 1. Simplified Circuit of the LM195 

The input PNP transistor is made with standard IC process¬ 
ing and has a reverse base-emitter breakdown voltage in 
excess of 40V. This allows the power transistor to be driven 
from a stiff voltage source without damage due to excessive 
base current. At input voltages in excess of about IV the 
input PNP becomes reverse biased and no current is drawn 
from the base lead. In fact it is possible for the base of the 
monolithic transistor to be driven with up to 40V even though 
the collector to emitter voltage is low. Further, the input PNP 
isolates the base drive from the protective circuitry insuring 
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Circuit Design (Continued) 

that even with high base drive the device will be protected. 
When the device is turned off current l^ is shunted from the 
base of the NPN transistor by the PNP and appears at the 
emitter terminal. This sets the minimum load current to about 
2 mA, not a severe restriction for a power transistor. Be¬ 
cause of the PNP and li, the power transistor turns “on” 
rather than “off” if the base is opened; however, most power 
circuits already include a base-emitter resistor to absorb 
leakage currents in present power transistors. 

A schematic of the LM195 is shown in Figure 2. The circuitry 
is biased by four current sources comprised of Q4, Q7, Q8 
and Q9. The operating current is set by Q5 and Q6 and is 
relatively independent of supply voltage. FET Q1 and R2 
insure reliable starting of the bias circuitry while D1 clamps 
the output of the FET limiting the starting current at high 
supply voltage. 

The output transistors Q19 and Q20 are driven from input 
PNP Q14. Current limiting independent of temperature 
changes is provided by Q21, Q16, and Q15. At high collector 
to emitter voltages the current limit decreases due to the 
voltage across R21 from D3, D4 and R20. The double emit¬ 
ter structure used on Q21 allows the power limiting to more 
closely approximate constant power curve rather than a 
straight line decrease in output current as input voltage 
increases. 

Transistor Q13 thermally limits the device by removing the 
base drive at high temperature. The actual temperature 
sensing is done by Q11 and Q12 with Q10 regulating the 


voltage across the sensors so thermal limit temperature 
remains independent of supply. As temperature increases, 
the collector current of Q11 increases while the Vbe of Q12 
decreases. At about 170°C the Q12 turns on Q13 removing 
the base drive from the output transistors. Finally, C1, Q2 
and Q3 boost operating currents during switching to obtain 
faster response time and Q17 and Q18 compensate for hfe 
variations in the power devices. 

Performance 

The new power transistor is packaged in a standard TO-3 
transistor package making it compatible with standard power 
transistors. An added advantage of the monolithic structure 
is that the emitter is tied to the case rather than the collector. 
This allows the device to be connected directly to ground in 
collector output applications. 

A photomicrograph of the LM195 is shown in Figure 3. More 
than half of the die area is needed for the output power 
transistor (Q20). Actually, the power transistor is many indi¬ 
vidual small transistors connected in parallel with a common 
collector. Partitioning the power device into small discrete 
areas improves power handling over a single large device. 
Firstly, the power device has ten base sections spread 
across the chip. Between the base diffusion are N-i- collector 
contacts. Each section has its own emitter ballasting resistor 
to insure current sharing between sections. One of these 
resistors is used to sense the output current for current 
limiting. 


COLLECTOR 
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FIGURE 3. LM195 Chip 

TABLE 1. Typical Performance 


Collector to Emitter Voltage 42V 

Base to Emitter Voltage (max.) 42V 

Peak Collector Current (internally limited) 1.8 amps 

Reverse Base Emitter Voltage 20V 

Base to Emitter Voltage (Ic = 1.0 amp) 0.9V 

Base Current 3 pA 

Saturation Voltage 2V 

Switching Time (turn on or turn off) 500 ns 

Power Dissipation (internally limited) 35 watts 

Thermal Limit Temperature 165°C 

Maximum Operating Temperature 150”C 

Thermal Resistance (Junction to Case) 2.3°C/W 


A detail of one of the base sections is shown in Figure 4. An 
interdigitated structure is used with alternating base contacts 


and emitter stripes. Integrated into each emitter is an indi¬ 
vidual emitter ballasting resistor to insure equal current shar¬ 
ing between emitters in each section. Aluminum metalization 
runs the length of the emitter stripe to prevent lateral voltage 
drop from debiasing a section of the stripe at high operating 
currents. All current in the stripe flows out through the small 
ballasting resistor where it is summed with the currents from 
the other stripes in the section. The partitioning in conjunc¬ 
tion with the emitter resistor gives a power transistor with 
large safe-area and good power handling capability. 

Applications 

With the full protection and high gain offered by this mono¬ 
lithic power transistor, circuit design is considerably simpli¬ 
fied. The inclusion of thermal limiting, not normally available 
in discrete design allows the use of smaller heat sinks than 
with conventional protection circuitry. Further, circuits where 
protection of the power device is difficult—if not 
impossible—now cause no problems. 

For example, with only current limiting, the power transistor 
heat sink must be designed to dissipate worst case overload 
power dissipation at maximum ambient temperature. When 
the power transistor is thermally limited, only normal power 
need be dissipated by the heat sink. During overload, the 
device is allowed to heat up and thermally limit, drastically 
reducing the size of the heat sink needed. 

Switching circuits such as lamp drivers, solenoid drivers or 
switching regulators do not dissipate much power during 
normal operation and usually no heat sink is necessary. 
However, during overload, the full supply voltage times the 
maximum output current must be dissipated. Without a large 
heat sink standard power transistors are quickly destroyed. 
Using this new device is easier than standard power transis¬ 
tors but a few precautions should be observed. About the 
only way the device can be destroyed is excessive collector 
to emitter voltage or improper power supply polarity. Some¬ 
times when used as an emitter follower, low level high fre¬ 
quency oscillations can occur. These are easily cured insert¬ 
ing a 5k-10k resistor in series with the base lead. The 
resistor will eliminate the oscillation without effecting speed 
or performance. Good power supply bypassing should also 
be used since this is a high frequency device. 
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FIGURE 4. Detailed Structure of one Section of the Power Transistor 



00741805 

* Sixty turns wound on arnold type A-083081-2 core 
** Four devices in parallel 
t Solid tantalum 


FIGURE 5. 6 Amp Variable Output Switching Regulator 


Figure 5 shows a 6 amp, variable output switching regulator 
for general purpose applications. An LM105 positive regula¬ 
tor is used as the amplifier-reference for the switching regu¬ 
lator. Positive feedback to induce switching is obtained from 
the LM105 at pin 1 through an LM103 diode. The positive 
feedback is applied to the internal amplifier at pin 5 and is 
independent of supply voltage. This forces the LM105 to 


drive the pass devices either “on” or “off,” rather than linearly 
controlling their conduction. Negative feedback, delayed by 
L1 and the output capacitor, C2, causes the regulator to 
switch with the duty cycle automatically adjusting to provide 
a constant output. Four LM195’s are used in parallel to 
obtain a 6 amp output since each device can only supply 
about 2 amps. Note that no ballasting resistors are needed 
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Applications (Continued) 

for current sharing. When Q1 turns “on” all bases are pulled 
up to V"^ and no base current flows in the LM195 transistors 
since the input PNP’s are reverse biased. 

A two terminal current/power limiter is shown in Figure 6. 
The base and collector are shorted—turning the power 
transistor on. If the load current exceeds 2 amps, the device 
current limits protecting the load. If the overload remains on, 
the device will thermal limit, further protecting itself and the 
load. In normal operation, only 2V appear across the device 
so high efficiency is realized and no heat sink is needed. 
Another method of protection would be to place the mono¬ 
lithic power transistor on a common heat sink with the de¬ 
vices to be protected. Overheating will then cause the 
LM195 to thermal limit protecting the rest of the circuitry. 



FIGURE 6. Two Terminal Current Limiter 

The low base current make this power device suitable for 
many unique applications. Figure 7 shows a time delay 
circuit. Upon application of power or S1 closing, the load is 
energized. Capacitor C1 slowly charges toward V“ through 
R1. When the voltage across R1 decreases below about 0.8 
volts the load is de-energized. Long delays can be obtained 
with small capacitor values since a high resistance can be 
used. 



00741807 


FIGURE 7. Time Delay Circuit 


V,N 

36V 



FIGURE 8.1 Amp Positive Voltage Regulator 



FIGURE 9. 1 Amp Negative Regulator 

Figure 8 and Figure 9 show how the LM195 can be used with 
standard IC’s to make positive or negative voltage regula¬ 
tors. Since the current gain of the LM195 is so high, both 
regulators have better than 2 mV load regulation. They are 
both fully overload protected and will operate with only 2V 
input-to-output voltage differential. 

An optically isolated power transistor is shown in Figure 10. 
D1 and D2 are almost any standard optical isolator. With no 
drive, R1 absorbs the base current of Q1 holding it off. When 
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power is applied to the LED, D2 allows current to flow from 
the collector to base. Less than 20 pA from the diode is 
needed to turn the LM195 fully on. 



FIGURE 10. Optically Isolated Power Transistor 


An alternate connection for better ac response is to return 
the cathode of D2 to separate positive supply rather than the 
collector of Q1, as shown in Figure 11, eliminating the added 
collector to base capacitance of the diode. With this circuit a 
40V 1 amp load can be switched in 500 ns. Of course, any 
photosensitive diode can be used instead of the opto-isolator 
to make a light activated switch. 



FIGURE 11. Fast Optically Isolated Switch 
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FIGURE 12. 1 Amp Lamp Flasher 


* Protects against excessive base drive 
** Needed for stability 



FIGURE 13. PNP Configuration for LM195 
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* Adjust for 50 mA quiescent current, 
t Solid tantalum 


FIGURE 14. Power Op Amp 


A power lamp flasher is shown in Figure 12. It is designed to 
flash a 12V bulb at about a once-per second rate. The 
reverse base current of Q2 provides biasing for Q1 eliminat¬ 
ing the need for a resistor. Typically, a cold bulb can draw 8 
times its normal operating current. Since the LM195 is cur¬ 
rent limited, high peak currents to the bulb are not experi¬ 
enced during turn-on. This prolongs bulb life as well as 
easing the load on the power supply. 

Since no PNP equivalent of this device is available, it is 
advantageous to use the LM195 in a quasi-complementary 
configuration to simulate a power PNP. Figure 13 shows a 
quasi PNP made with an LM195. A low current PNP is used 
to drive the LM195 as the power output device. Resistor R1 
protects against overdrive destroying the PNP and, in con¬ 
junction with Cl, frequency compensates the loop against 
oscillations. Resistor R2 sets the operating current for the 
PNP and limits the collector current. 

Figure 14 shows a power op amp with a 
quasi-complementary power output stage. Q1 and Q2 form 
the equivalent of a power PNP. The circuit is simply an op 
amp with a power output stage. As shown, the circuit is 
stable for almost any load. Better bandwidth can be obtained 
by decreasing Cl to 15 pF (to obtain 150 kHz full output 


response), but capacitive loads can cause oscillation. If due 
to layout, the quasi-complimentary loop oscillates, collector 
to base capacitance on Q1 will stabilize it. A simpler power 
op amp for up to 300 Hz operation is shown in Figure 15. 
One of the more difficult circuit types to protect is a current 
regulator. Since the current is already fixed, normal protec¬ 
tion doesn’t work. Circuits to limit the voltage across the 
current regulator may allow excessive current to flow 
through the load. About the only protection method that 
protects both the regulator and the driven circuit is thermal 
limiting. 

A100 mA, two terminal regulator is shown in Figure 16. The 
circuit has low temperature coefficient and operates down to 
3V. Once again, the reverse base current of the LM195 to 
bias the operating circuitry. 

A 2N2222 is used to control the voltage across a current 
sensing resistor, R2 and diode D1, and therefore the current 
through it. The voltage across the sense network is the Vbe 
of the 2N2222 plus 1.2V from the LM113. In the sense 
network R2 sets the current while D1 compensates for the 
Vbe of the transistor. Resistor R1 sets the current through 
the LM113 to 0.6 mA. 
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tSolid tantalum 
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FIGURE 15.1 Amp Voltage Follower 



FIGURE 16. Two Terminal 100 mA Current Regulator 


Conclusions 

A new 1C power transistor has been developed that signifi¬ 
cantly improves power circuitry reliability. The device is vir¬ 
tually impossible to destroy through abuse. Further it has 
high gain and fast response. It is manufactured with stan¬ 


dard seven mask 1C technology making it produceable in 
large quantities at reasonable prices. Finally, in addition to 
the protection features, it has high gain simplifying surround¬ 
ing circuitry. 


www.national.com 


9-28 




3-Terminal Regulator is 
Adjustable 


National Semiconductor 
Application Note 181 



Introduction 

Until now, all of the 3-terminal power IC voltage regulators 
have a fixed output voltage. In spite of this limitation, their 
ease of use, low cost, and full on-chip overload protection 
have generated wide acceptance. Now, with the introduction 
of the LM117, it is possible to use a single regulator for any 
output voltage from 1.2V to 37V at 1.5A. Selecting 
close-tolerance output voltage parts or designing discrete 
regulators for particular applications is no longer necessary 
since the output voltage can be adjusted. Further, only one 
regulator type need be stocked for a wide range of applica¬ 
tions. Additionally, an adjustable regulator is more versatile, 
lending itself to many applications not suitable for fixed 
output devices. 

In addition to adjustability, the new regulator features perfor¬ 
mance a factor of 10 better than fixed output regulators. Line 
regulation is 0.01 %A/ and load regulation is only 0 1%. It is 
packaged in standard TO-3 transistor packages so that heat 
sinking is easily accomplished with standard heat sinks. 
Besides higher performance, overload protection circuitry is 
improved, increasing reliability. 


dent; however, worst case minimum load for commercial 
grade parts requires a minimum load of 10 mA. The mini¬ 
mum load current can be compared to the quiescent current 
of standard regulators. 



20010201 


Adjustable Regulator Circuit 

The adjustment of a 3-terminal regulator can be easily un¬ 
derstood by referring to Figure 1, which shows a functional 
circuit An op amp, connected as a unity gain buffer, drives a 
power Darlington. The op amp and biasing circuitry for the 
regulator are arranged so that all the quiescent current is 
delivered to the regulator output (rather than ground) elimi¬ 
nating the need for a separate ground terminal. Further, all 
the circuitry is designed to operate over the 2V to 40V input 
to output differential of the regulator. 

A 1.2V reference voltage appears inserted between the 
non-inverting input of the op amp and the adjustment termi¬ 
nal. About 50 pA is needed to bias the reference and this 
current comes out of the adjustment terminal. In operation, 
the output of the regulator is the voltage of the adjustment 
terminal plus 1.2V. If the adjustment terminal is grounded, 
the device acts as a 1.2V regulator. For higher output volt¬ 
ages, a divider R1 and R2 is connected from the output to 
ground as is shown in Figure 2. The 1.2V reference across 
resistor R1 forces 5 mA of current to flow. This 5 mA then 
flows through R2, increasing the voltage at the adjustment 
terminal and therefore the output voltage. The output voltage 
is given by: 

VouT = 1.2V (l + + 50 R2 

The 50 pA biasing current is small compared to 5 mA and 
causes only a small error in actual output voltages. Further, 
it IS extremely well regulated against line voltage or load 
current changes so that it contributes virtually no error to 
dynamic regulation. Of course, programming currents other 
than 5 mA can be used depending upon the application. 
Since the regulator is floating, all the quiescent current must 
be absorbed by the load. With too light of a load, regulation 
is impaired. Usually the 5 mA programming current is suffi- 


FIGURE 1. Functional Schematic of the LM117 


LM117 
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tSolid tantalum 

*Discharges C1 if output is shorted to ground 


FIGURE 2. Adjustable Regulator with 
improved Ripple Rejection 

Overload Protection Circuitry 

An important advancement in the LM117 is improved current 
limit circuitry. Current limit is set internally at about 2.2A and 
the current limit remains constant with temperature. Older 
devices such as the LM309 or LM7800 regulators use the 
turn-on of an emitter-base junction of a transistor to set the 
current limit. This causes current limit to typically change by 
a factor of 2 over a -55°C to -i-150“C temperature range. 
Further, to insure adequate output current at 150°C the 
current limit is relatively high at 25°C, which can cause 
problems by overloading the input supply. 

Also included is safe-area protection for the pass transistor 
to decrease the current limit as input-to-output voltage differ¬ 
ential increases. The safe area protection circuit in the 
LM117 allows full output current at 15V differential and does 
not allow the current limit to drop to zero at high 
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Overload Protection Circuitry 

(Continued) 

input-to-output differential voltages, thus preventing start up 
problems with high input voltages. Figure 3 compares the 
current limit of the LM117 to an LM340 regulator. 



0 10 20 30 40 

INPUT-OUTPUT DIFFERENTIAL (V) 
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FIGURE 3. Comparison of LM117 Current 
Limit with Older Positive Regulator 

Thermal overload protection, included on the chip, turns the 
regulator OFF when the chip temperature exceeds about 
170°C, preventing destruction due to excessive heating. Pre¬ 
viously, the thermal limit circuitry required about 7V to oper¬ 
ate. The LM117 has a new design that is operative down to 
about 2V. Further, the thermal limit and current limit circuitry 
in the LM117 are functional, even if the adjustment terminal 
should be accidently disconnected. 

Operating the LM117 

The basic regulator connection for the LM117, as shown in 
Figure 2, only requires the addition of 2 resistors and a 
standard input bypass capacitor. Resistor R2 sets the output 
voltage while R1 provides the 5 mA programming current. 
The 2 capacitors on the adjustment and output terminals are 
optional for improved performance. 

Bypassing the adjustment terminal to ground improves ripple 
rejection. This bypass capacitor prevents ripple from being 
amplified as the output voltage is increased. With a 10 pF 
bypass capacitor, 80 dB ripple rejection is obtainable at any 
output level. Increases over 10 pF do not appreciably im¬ 
prove the ripple rejection at 120 Hz. If a bypass capacitor is 
used, it is sometimes necessary to include protection diodes 
as discussed later, to prevent the capacitor from discharging 
through internal low current paths in the LM117 and damag¬ 
ing the device. 

Although the LM117 is stable with no output capacitors, like 
any feedback circuit, certain values of external capacitance 
can cause excessive ringing. This occurs with values be¬ 
tween 500 pF and 5000 pF. A 1 pF solid tantalum (or 25 pF 
aluminum electrolytic) on the output swamps this effect and 
insures stability. When external capacitors are used with any 
1C regulator, it is sometimes necessary to add protection 
diodes to prevent the capacitors from discharging through 
low current points into the regulator. Most 10 pF capacitors 


have low enough internal series resistance to deliver 20A 
spikes when shorted. Although the surge is short, there is 
enough energy to damage parts of the 1C. 

When an output capacitor is connected to a regulator and 
the input is shorted, the output capacitor will discharge into 
the output of the regulator. The discharge current depends 
on the value of the capacitor, the output voltage of the 
regulator, and the rate of decrease of V|n. In the LM117, this 
discharge path is through a large junction that is able to 
sustain a 20A surge with no problem. This is not true of other 
types of positive regulators. For output capacitors of 20 pF or 
less, there is no need to use diodes. 

The bypass capacitor on the adjustment terminal (C2) can 
discharge through a low current junction. Discharge occurs 
when either the input or output is shorted. Internal to the 
LM117 is a 50Q resistor which limits the peak discharge 
current. No protection is needed for output voltages of 25V 
and less than 10 pF capacitance. Figure 4 shows an LM117 
with protection diodes included for use with outputs greater 
than 25V and high values of output capacitance. 


D1 

1N4002 
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D1 protects against Cl (input shorts) 

D2 protects against C2 (output shorts) 

FIGURE 4. Regulator with Protection Diodes 
Against Capacitor Discharge 

Some care should be taken in making connection to the 
LM117 to achieve the best load regulation. Series resistance 
between the output of the regulator and programming resis¬ 
tor R1 should be minimized. Any voltage drop due to load 
current through this series resistance appears as a change 
in the reference voltage and degrades regulation. If possible, 
2 wires should be connected to the output—1 for load 
current and 1 for resistor R1. The ground of R2 can be 
returned near the ground of the load to provide remote 
sensing and improve load regulation. 

Applications 

Figure 5 shows a OV to 25V general purpose lab supply. 
Operation of the LM317 down to OV output requires the 
addition of a negative supply so that the adjustment terminal 
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can be driven to -1.2V. An LM329 6.9V reference is used to 
provide a regulated -1.2V reference to the bottom of adjust¬ 
ment pot R2. The LM329 is an IC zener which has excep¬ 
tionally low dynamic impedance so the negative supply need 
not be well regulated. Note that a 10 mA programming 
current is used since lab supplies are often used with 
no-load, and the LM317 requires a worst-case minimum load 
of 10 mA. 

The 1.2V minimum output of the LM117 makes it easy to 
design power supplies with electrical shut-down. At 1.2V, 
most circuits draw only a small fraction of their normal oper¬ 
ating current. In Figure 6, a TTL input signal causes Q1 to 
ground the adjustment terminal decreasing the output to 
1.2V. If true zero output is desired, the adjustment can be 
driven to -1.2V; however, this does require a separate nega¬ 
tive supply. 

When fixed output voltage regulators are used as on-card 
regulator for multiple cards, the normal output voltage toler¬ 
ance of ±5% between regulators can cause as much as 10% 
difference in operating voltage between cards. 

This can cause operating speed differences in digital cir¬ 
cuitry, interfacing problems or decrease noise margins. 
Figure 7 shows a method of adjusting multiple on-card regu¬ 
lators so that all outputs track within ±100 mV. The adjust¬ 
ment terminals of all devices are tied together and a single 
divider is used to set the outputs. Programming current is set 
at 10 mAto minimize the effects of the 50 pA biasing current 
of the regulators and should further be increased if many 
LM117’s are used. Diodes connected across each regulator 
insure that all outputs will decrease if 1 regulator is shorted. 
Two terminal current regulators can be made with 
fixed-output regulators; however, their high output voltage 
and high quiescent current limit their accuracy. With the 
LM117 as shown in Figure 8, a high performance current 
source useful from 10 mA to 1.5A can be made. Current 
regulation is typically 0.01 %A/ even at low currents since the 
quiescent current does not cause an error. Minimum operat¬ 
ing voltage is less than 4V, so it is also useful as an in-line 
adjustable current limiter for protection of other circuitry. 
Low cost adjustable switching regulators can be made using 
an LM317 as the control element. Figure 9 shows the sim¬ 


plest configuration. A power PNP is used as the switch 
driving an L-C filter. Positive feedback for hysteresis is ap¬ 
plied to the LM317 through R6. When the PNP switches, a 
small square wave is generated across R5. This is level 
shifted and applied to the adjustment terminal of the regula¬ 
tor by R4 and C2, causing it to switch ON or OFF. Negative 


LM317 
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FIGURE 5. General Purpose 0-30V Power Supply 
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*Min output« 1 2V 
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FIGURE 6. 5V Logic Regulator 
with Electronic Shutdown^ 


LM1 17 
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=^AI1 outputs within ±100 mV 
tMinimum load -10 mA 


FIGURE 7. Adjusting Multiple On-Card Regulators with Single Control* 
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*0 8Q < R1 < 120Q 

FIGURE 8. Precision Current Limiter 

feedback is taken from the output through R3, making the 
circuit oscillate. Capacitor C3 acts as a speed-up, increasing 
switching speed, while R2 limits the peak drive current to Q1. 
The circuit in Figure 9 provides no protection for Q1 in case 
of an overload. A blow-out proof switching regulator is shown 
in Figure 10. The PNP transistor has been replaced by a 
PNP-NPN combination with LM395’s used as the NPN tran¬ 
sistors. The LM395 is an IC which acts as an NPN transistor 
with overload protection. Included on the LM395 are current 
limiting, safe-area protection and thermal overload protec¬ 
tion making the device virtually immune to any type of over¬ 
load. 

Efficiency for the regulators ranges from 65% to 85%, de¬ 
pending on output voltage. At low output voltages, fixed 
power losses are a greater percentage of the total output 
power so efficiency is lowest. Operating frequency is about 
30 kHz and ripple is about 150 mV, depending upon input 
voltage. Load regulation is about 50 mV and line regulation 
about 1% for a 10V input change. 


One of the more unique applications for these switching 
regulators is as a tracking pre-regulator. The only DC con¬ 
nection to ground on either regulator is through the 100Q 
resistor (R5 or R8) that sets the hysteresis. Instead of tying 
this resistor to ground, it can be connected to the output of a 
linear regulator so that the switching regulator maintains a 
constant input-to-output differential on the linear regulator. 
The switching regulator would typically be set to hold the 
input voltage to the linear regulator about 3V higher than the 
output. 

Battery charging is another application uniquely suited for 
the LM117. Since battery voltage is dependent on 
electro-chemical reactions, the charger must be designed 
specifically for the battery type and number of cells. Ni-Cads 
are easily charged with the constant current sources shown 
previously. For float chargers on lead-acid type batteries all 
that is necessary is to set the output of the LM117 at the float 
voltage and connect it to the battery. An adjustable regulator 
is mandatory since, for long battery life the float voltage must 
be precisely controlled. The output voltage temperature co¬ 
efficient can be matched to the battery by inserting diodes in 
series with the adjustment resistor for the regulator and 
coupling the diodes to the battery. 

A high performance charger for gelled electrolite lead-acid 
batteries is shown in Figure 11. This charger is designed to 
quickly recharge a battery and shut off at full charge. 
Initially, the charging current is limited to 2A by the internal 
current limit of the LM117. As the battery voltage rises, 
current to the battery decreases and when the current has 
decreased to 150 mA, the charger switches to a lower float 
voltage preventing overcharge. With a discharged battery, 
the start switch is not needed since the charger will start by 
itself; however, it is included to allow topping off even slightly 
discharged batteries. 


Q1 



1.8V TO 32V 


C4 

100 


20010211 

tSolid tantalum 

*Core—Arnold A-254168-2 60 turns 


FIGURE 9. Low Cost 3A Switching Regulator 
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Applications (Continued) 

When the start switch is pushed, the output of the charger 
goes to 14.5V set by R1, R2 and R3. Output current is 
sensed across R6 and compared to a fraction of the 1.2V 
reference (across R2) by an LM301A op amp. As the voltage 
across R8 decreases below the voltage across R2, the 
output of the LM301A goes low shunting R1 with R4. This 
decreases the output voltage from 14.5V to about 12.5V 
terminating the charging. Transistor Q1 then lights the LED 
as a visual indication of full charge. 

The LM117 can even be used as a peak clipping AC voltage 
regulator. Two regulators are used, 1 for each polarity of the 
input as shown in Figure 12, internal to the LM117 is a diode 
from input-to-output which conducts the current around the 
device when the opposite regulator is active. Since each 
regulator is operating independently, the positive and nega¬ 
tive peaks must be set separately for a symmetrical output. 


Conclusions 

A new 1C power voltage regulator has been developed which 
is significantly more versatile than older devices. The output 
voltage is adjustable, in addition to improved regulation 
specifications. Further, reliability is increased in 2 fashions. 
Overload protection circuitry has been improved to make the 
device less susceptable to fault conditions and under short 
circuit conditions, minimum stress is transmitted back to the 
input power supply. Secondly, the device is 100% burned-in 
under short circuit conditions at the time of manufacture. 
Finally, the LM117 is made with a standard 1C production 
process and packaged in a standard TO-3 power package, 
keeping costs low. 


LM317 





20010214 


FIGURE 12. AC Voltage Regulator 
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Introduction 

The LM628/LM629 are dedicated motion control processors 
Both devices control DC and brushless DC servo motors, as 
well as, other servomechanisms that provide a quadrature 
incremental feedback signal Block diagrams of typical 
LM628/LM629-based motor control systems are shown in 
Figures 1, 2. 

As indicated in the figures, the LM628/LM629 are bus pe¬ 
ripherals; both devices must be programmed by a host pro¬ 
cessor. This application note is intended to present a con¬ 
crete starting point for programmers of these precision 
motion controllers. It focuses on the development of short 
programs that test overall system functionality and lay the 
groundwork for more complex programs. It also presents a 
method for tuning the loop-compensation PID filter. (Note 1) 


National Semiconductor 
Application Note 693 
Steven Hunt 



Reference System 

Figure 15 is a detailed schematic of a closed-loop motor 
control system. All programs presented in this paper were 
developed using this system. For application of the pro¬ 
grams in other LM628-based systems, changes in basic 
programming structure are not required, but modification of 
filter coefficients and trajectory parameters may be required. 

I. Program Modules 

Breaking programs for the LM628 into sets of functional 
blocks simplifies the programming process; each block ex¬ 
ecutes a specific task. This section contains examples of the 
principal building blocks (modules) of programs for the 
LM628. 



incremental encoder 

01086001 


FIGURE 1. LM628-Based Motor Control System 



incremental encoder 


FIGURE 2. LM629-Based Motor Control System 


Note 1: For the remainder of this paper, all statements about the LM628 also 
apply to the LM629 unless otherwise noted 
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I. Program Modules (Continued) 

BUSY-BIT CHECK MODULE 

The first module required for successful programming of the 
LM628 is a busy-bit check module. 

The busy-bit, bit zero of the status byte, is set immediately 
after the host writes a command byte, or reads or writes the 
second byte of a data word. See Figure 5. While the busy-bit 
is set, the LM628 will ignore any commands or attempts to 
transfer data. 

A busy-bit check module that polls the Status Byte and waits 
until the busy-bit is reset will ensure successful host/LM628 
communications. It must be inserted after a command 
write, or a read or write of the second byte of a data 
word. Figure 3 represents such a busy-bit check module. 
This module will be used throughout subsequent modules 
and programs. 



FIGURE 3. Busy-bit Check Module 

Reading the Status Byte is accomplished by executing a 
RDSTAT command. RDSTAT is directly supported by LM628 
hardware and is executed by pulling CS, PS, and RD logic 
low. 

INITIALIZATION MODULE 

In general, an initialization module contains a reset com¬ 
mand and other initialization, interrupt control, and data re¬ 
porting commands. 

The example initialization module, detailed in Tabie 1, con¬ 
tains a hardware reset block and a PORT 12 command. 

Hardware Reset Block 

Immediately following power-up, a hardware reset mus t be 
executed. Hardware reset is initiated by strobing RST (pin 
27) logic low for a minimum of eight LM628 clock periods. 


The reset routine begins after RST is returned to logic high. 

During the reset execution time, 1.5 ms maximum, the 

LM628 will ignore any commands or attempts to transfer 

data. 

A hardware reset forces the LM628 into the state described 

in what follows. 

1. The derivative sampling coefficient, ds, is set to one, and 
all other filter coefficients and filter coefficient input buff¬ 
ers are set to zero. With dg set to one, the derivative 
sampling interval is set to 2048/fcLK- 

2. All trajectory parameters and trajectory parameters input 
buffers are set to zero. 

3. The current absolute position of the shaft is set to zero 
(“home”). 

4. The breakpoint interrupt is masked (disabled), and the 
remaining five interrupts are unmasked (enabled). 

5. The position error threshold is set to its maximum value, 
7FFF hex. 

6. The DAC output port is set for an 8-bit DAC interface. 



01086005 


FIGURE 4. Hardware Reset Block 

Figure 4 illustrates a hardware reset block that includes an 
LM628 functionality test. This test should be completed im¬ 
mediately following all hardware resets. 
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I. Program Modules (Continued) 

Reset Interrupts 


TABLE 1. Initialization Module (with Hardware Reset) 


Port 

Bytes 

Command 

Comments 


(Note 5) 

hardware 

reset 

Strobe RST, pin 27, logic low for eight clock periods minimum. 



wait 

The maximum time to complete hardware reset tasks is 1.5 ms. During this reset 
execution time, the LM628 will ignore any commands or attempts to transfer data. 

c 

(Note 2) 

XX 

(Note 3) 

RDSTAT 

This command reads the status byte. It is directly supported by LM628 hardware and 
can be executed at any time by pulling CS, PS, and RD logic low. Status information 
remains valid as long as RD is logic low. 



decision 

If the status byte is C4 hex or 84 hex, continue. Otherwise loop back to hardware reset. 

c 

ID 

RSTI 

This command resets only the interrupts indicated by zeros in bits one through six of 
the next data word. It also resets bit fifteen of the Signals Register and the host 
interrupt output pin (pin 17). 

Busy-bit Check Module | 


XX 

HB 

(Note 4) 

don’t care 

_d_, 

00 

LB 

Zeros in bits one through six indicate all interrupts will be reset. 

Busy-bit Check Module | 

c 

XX 

RDSTAT 

This command reads the status byte. 



decision 

If the status byte is CO hex or 80 hex, continue Otherwise loop back to hardware reset. 

c 

06 

PORT12 

The reset default size of the DAC port is eight bits. This command initializes the DAC 
port for a 12-bit DAC. It should not be issued in systems with an 8-bit DAC. 

Busy-bit Check Module | 


Note 2: The 8-bit host I/O port is a ^l-mode port, it operates in command 

or data mode The logic level at PS (pin 16) selects the mode Port c 

represents the LM628 command port-commands are written to the command 

port and the Status Byte is read from the command port A logic level of “0” 

at PS selects the command port Port d represents the LM628 data 

port — data is both written to and read from the data port A logic level of “1 ” 

at PS selects the data port 

Note 3: x - don’t care 

Note 4; HB - high byte, LB - low byte 

Note 5: All values represented in hex 

An RSTI command sequence allows the user to reset the 
interrupt flag bits, bits one through six of the status byte. See 
Figure 5. It contains an RSTI command and one data word. 
The RSTI command initiates resetting the interrupt flag bits. 
Command RSTI also resets the host interrupt output pin (pin 
17). 


ing interrupts. See Figure 6. Any combination of the interrupt 
flag bits can be reset within a single RSTI command se¬ 
quence. This feature allows interrupts to be serviced accord¬ 
ing to a user-programmed priority. 


high byte 


15 

ii 

13 

12 


El 

10 




not used 


7 6 5 4 3 2 10 


Motor 

Excessive 

1 

Index 

Command 

off 

Position 

Pulse 

Error 


Error 

Observed 

(interrupt) 


(interrupt) 

(interrupt) 



Breakpoint Wrap-around 

Reached Occurred 

(interrupt) (interrupt) 


Trajectory Busy-bit 

Complete 

(interrupt) 
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low byte 


7 6 5 4 3 2 1 0 



1 

nr 

1 I 

1 not used 

not used 

Position 

Index 

Command 


Error 

Pulse 

Error 


Interrupt 

Interrupt 

Interrupt 


Breakpoint 

Interrupt 


Wrap¬ 

around 

Interrupt 


Trajectory 

Complete 

Interrupt 


FIGURE 5. Status Byte Bit Allocation 

immediately following the RSTI command, a single data 
word is written. The first byte is not used. Logical zeros in 
bits one through six of the second byte reset the correspond- 


FIGURE 6. Interrupt Mask/Reset Bit Allocations 
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I. Program Modules (Continued) 

In the case of the example module, the second byte of the 
RSTI data word, 00 hex, resets all interrupt flag bits. See 
Table 1. 

DAC Port Size 

During both hardware and software resets, the DAC output 
port defaults to 8-bit mode. If an LM628 control loop utilizes 
a 12-bit DAC, command PORT12 should be issued immedi¬ 
ately following the hardware reset block and all subsequent 
resets. Failure to issue command PORT12 will result in 
erratic, unpredictable motor behavior. 

If the control loop utilizes an 8-bit DAC, command PORT12 
must not be executed; this too will result in erratic, unpre¬ 
dictable motor behavior. 

An LM629 will ignore command PORT8 (as it provides an 
8-bit sign/magnitude PWM output). Command PORT12 
should not be issued in LM629-based systems. 


Comments 

Figure 7 illustrates, in simplified block diagram form, the 
LM628. The profile generator provides the control loop input, 
desired shaft position. The quadrature decoder provides the 
control loop feedback signal, actual shaft position. At the first 
summing junction, actual position is subtracted from desired 
position to generate the control loop error signal, position 
error. This error signal is filtered by the PID filter to provide 
the motor drive signal. 

After executing the example initialization moduie, the follow¬ 
ing observations are made. With the integration limit term (ij 


Software Reset Considerations 

After the initiai hardware reset, resets can be accomplished 
with either a hardware reset or command RESET (software 
reset). Software and hardware resets execute the same 
tasks (Note 6) and require the same execution time, 1.5 ms 
maximum. During software reset execution, the LM628 will 
ignore any commands or attempts to transfer data. 

The hardware reset module includes an LM628 functionality 
test. This test is not required after a software reset. 

Table 2 details an initialization module that uses a software 
reset. 

Note 6: In the case of a software reset, the position error threshold remains 
at Its pre-reset value 


and the filter gam coefficients (kp, k„ and k^) initialized to 
zero, the filter gain is zero. Moreover, after a reset, desired 
shaft position tracks actual shaft position. Under these con¬ 
ditions, the motor drive signal is zero. The control system 
can not affect shaft position. The shaft should be stationary 
and “free wheeling”. If there is significant drive amplifier 
offset, the shaft may rotate slowly, but with minimal torque 
capability. 

Note: Regardless of the free wheeling state of the shaft, the LM628 continu¬ 
ously tracks shaft absolute position 


TABLE 2. Initialization Module (with Software Reset) 


Port 

Bytes 

Command 

Comments 

c 

00 

RESET 

See Initialization Module text. 



wait 

The maximum time to complete RESET tasks is 1.5 ms. 

c 

06 

PORT12 

The RESET default size of the DAC port is eight bits. This command initializes the DAC 
port for a 12-bit DAC. It should not be issued in a system with an 8-bit DAC. 

Busy-bit Check Module | 

c 

ID 

RSTI 

This command resets only the interrupts indicated by zeros in bits one through six of 
the next data word. It also resets bit fifteen of the Signals Register and (pin 17) the host 
interrupt output pin. 

Busy-bit Check Module | 

d ' 

XX 

HB 

Don’t care 

d 

00 

LB 

Zeros in bits one through six indicate all interrupts will be reset. 

Busy-bit Check Module | 
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I. Program Modules (Continued) 

FILTER PROGRAMMING MODULE 

The example filter programming module is shown in Table 4. 

Load Filter Parameters (Coefficients) 

An LFIL (Load FILter) command sequence includes com¬ 
mand LFIL, a filter control word, and a variable number of 
data words. 

The LFIL command initiates loading filter coefficients into 
input buffers. 

The two data bytes, written immediately after LFIL, comprise 
the filter control word. The first byte programs the derivative 
sampling coefficient, ds (i.e selects the derivative sampling 
interval). The second byte indicates, with logical ones in 
respective bit positions, which of the remaining four filter 
coefficients will be loaded. See Figure 8,Table 3. Any com¬ 
bination of the four coefficients can be loaded within a single 
LFIL command sequence 

Immediately following the filter control word, the filter coeffi¬ 
cients are written. Each coefficient is written as a pair of data 


bytes, a data word. Because any combination of the four 
coefficients can be loaded within a single LFIL command 
sequence, the number of data words following the filter 
control word can vary in the range from zero to four. 

In the case of the example module, the first byte of the filter 
control word, 00 hex, programs a derivative sampling coef¬ 
ficient of one. The second byte, x8 hex, indicates only the 
proportional gam coefficient will be loaded. 

Immediately following the filter control word, the proportional 
gam coefficent is written. In this example, kp is set to ten with 
the data word OOOA hex. The other three filter coefficients 
remain at zero, their reset value. 

Update Filter 

The update filter command, UDF, transfers new filter coeffi¬ 
cients from input buffers to working registers. Until UDF is 
executed, the new filter coefficients do not affect the transfer 
characteristic of the filter. 



01086009 


FIGURE 7. LM628—Simplified Block Diagram Form 
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I. Program Modules (Continued) 


high byte 



Derivative-term Sampling Interval 
selection code 


low byte 

7 6 5 4,3 210 


logical 1 - corresponding coefficient 
v/ill be loaded 

logical 0 - corresponding coefficient 
will not be loaded 


FIGURE 8. Filter Control Word Bit Aliocation 


TABLE 3. Derivative—Term Sampling Interval Selection Codes 
Fiiter Control Word Bit Position I dl 


Selected Derivative-Term 

Sampling Interval—T a 

_ 

2T3 

STs 

4T. 


Ts = (2048) X I;-) System Sample Period 

v^clk/ 

Td = ds X Ts Derivative-term Sampling Interval 
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I. Program Modules (Continued) 

TABLE 4. Filter Programming Module 


Port 

Bytes 

Command 

Comments 

c 

IE 

LFIL 

This command initiates loading the filter coefficients input buffers. 

Busy-bit Check Module | 

d 

d 

00 

x8 

HB 

LB 

These two bytes are the filter control word. A 00 hex HB sets the derivative sampling 
interval to 2048/fcLK by setting dg to one. A x8 hex LB indicates only kp will be loaded. 
The other filter parameters will remain at zero, their reset default value. 

Busy-bit Check Module | 

d 

d 

00 

OA 

HB 

LB 

These two bytes set kp to ten. 

Busy-bit Check Module | 

c 

04 

UDF 

This command transfers new filter coefficients from input buffers to working registers. 

Until UDF IS executed, coefficients loaded via the LFIL command do not affect the filter 
transfer characteristic. 

Busy-bit Check Module | 


Comments 

After executing both the example initialization and example 
filter programming modules, the following observations are 
made. Filter gain is nonzero, but desired shaft position con¬ 
tinues to track actual shaft position. Under these conditions, 
the motor drive signal remains at zero. The shaft should be 
stationary and “free wheeling”. If there is significant drive 
amplifier offset, the shaft may rotate slowly, but with minimal 
torque capability. 

Initially, kp should be set below twenty, dg should be set to 
one, and k„ k^, and i| should remain at zero. These values 
will not provide optimum system performance, but they will 
be sufficient to test system functionality. See Tuning the PID 
Filter. 

TRAJECTORY PROGRAMMING MODULE 

Table 5 details the example trajectory programming module. 

Load Trajectory Parameters 

An LTRJ (Load TRaJectory) command sequence includes 
command LTRJ, a trajectory control word, and a variable 
number of data words. 

The LTRJ command initiates loading trajectory parameters 
into input buffers. 

The two data bytes, written immediately after LTRJ, com¬ 
prise the trajectory control word. The first byte programs, 
with logical ones in respective bit positions, the trajectory 
mode (velocity or position), velocity mode direction, and 
stopping mode. See Stop Module. The second byte indi¬ 
cates, with logical ones in respective bit positions, which of 
the three trajectory parameters will be loaded. It also indi¬ 
cates whether the parameters are absolute or relative. See 
Figure 9. Any combination of the three parameters can be 
loaded within a single LTRJ command sequence. 
Immediately following the trajectory control word, the trajec¬ 
tory parameters are written. Each parameter is written as a 
pair of data words (four data bytes). Because any combina¬ 
tion of the three parameters can be loaded within a single 
LTRJ command sequence, the number of data words follow¬ 
ing the trajectory control word can vary in the range from 
zero to six. 


In the case of the example module, the first byte of the 
trajectory control word, 00 hex, programs the LM628 to 
operate in position mode. The second byte, OA hex, indi¬ 
cates velocity and position will be loaded and both param¬ 
eters are absolute. Four data words, two for each parameter 
loaded, follow the trajectory control word. 

Start Motion Control 

The start motion control command, STT (STarT), transfers 
new trajectory parameters from input buffers to working reg¬ 
isters and begins execution of the new trajectory. Until STT is 
executed, the new trajectory parameters do not affect shaft 
motion. 

Note: At this point no actual trajectory parameters are loaded Calculation of 
trajectory parameters and execution of example moves is left for a 
later section 


high byte 



(Velocity Mode 
only) 


Stop 

Smoothly 


Turn off 
Motor 


low byte 


Acceleration 
will be loaded 


T 

not 

-y- 

not 

Acceleration 

1 

Velocity 

1 

Position 

used 

used 

data is 

will be 

will be 



relative 

loaded 

loaded 


Velocity 
data is 
relative 


Position 
data is 
relative 
01086012 


FIGURE 9. Trajectory Control Word Bit Allocation 
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I. Program Modules (Continued) 

TABLE 5. Trajectory Programming Module 


Port 

Bytes 

Command 

Comments 

c 

1F 

LTRJ 

This command initiates loading the trajectory parameters input buffers. 

Busy-bit Check Module | 

d 

00 

HB 

These two bytes are the trajectory control word. A OA hex LB indicates velocity and 

d 

OA 

LB 

position will be loaded and both parameters are absolute. 

Busy-bit Check Module | 

d 

XX 

HB 

Velocity is loaded in two data words. These two bytes are the high data word. 

d 

XX 

LB 


Busy-bit Check Module | 

d 

XX 

HB 

velocity data word (low) 

d 

XX 

LB 


Busy-bit Check Module | 

d 

XX 

HB 

Position is loaded in two data words. These two bytes are the high data word. 

d 

XX 

LB 


Busy-bit Check Module | 

d 

XX 

HB 

position data word (low) 

d 

XX 

LB 


Busy-bit Check Module | 


01 

STT 

STT must be issued to execute the desired trajectory. | 

Busy-bit Check Module | 


STOP MODULE 

This module demonstrates the programming flow required to 
stop shaft motion. 

While the LM628 operates in position mode, normal stopping 
IS always smooth and occurs automatically at the end of a 
specified trajectory (i.e. no stop module is required). Under 
exceptional conditions, however, a stop module can be used 
to affect a premature stop. 

While the LM628 operates in velocity mode, stopping is 
always accomplished via a stop module. 

The example stop module, shown in Table 5, utilizes an 
LTRJ command sequence and an STT command. 

Load Trajectory Parameters 

Bits eight through ten of the trajectory control word select the 
stopping mode. See Figure 9. 

In the case of the example module, the first byte of the 
trajectory control word, x1 hex, selects motor-off as the 
desired stopping mode. This mode stops shaft motion by 
setting the motor drive signal to zero (the appropriate 
offset-binary code to apply zero drive to the motor). 

Setting bit nine of the trajectory control word selects stop 
abruptly as the desired stopping mode. This mode stops 
shaft motion (at maximum deceleration) by setting the target 
position equal to the current position. 

Setting bit ten of the trajectory control word selects stop 
smoothly as the desired stopping mode. This mode stops 
shaft motion by decelerating at the current user-programmed 
acceleration rate. 


Note: Bits eight through ten of the trajectory control word must be used 
exclusively, only one of them should be logic one at any time. 

Start Motion Control 

The start motion control command, STT, must be executed 
to stop shaft motion. 

Comments 

After shaft motion is stopped with either an “abrupt” or a 
“smooth” stop module, the control system will attempt to hold 
the shaft at its current position. If forced away from this 
desired resting position and released, the shaft will move 
back to the desired position. Unless new trajectory param¬ 
eters are loaded, execution of another STT command will 
restart the specified move. 

After shaft motion is stopped with a “motor-off” stop module, 
desired shaft position tracks actual shaft position. Conse¬ 
quently, the motor drive signal remains at zero and the 
control system can not affect shaft position; the shaft should 
be stationary and free wheeling. If there is significant drive 
amplifier offset, the shaft may rotate slowiy, but with minimal 
torque capability. Unless new trajectory parameters are 
loaded, execution of another STT command will restart the 
specified move. 
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Program Modules 

(Continued) 







TABLE 6. Stop Module (Motor-Off) 



Port 

Bytes 

Command 

Comments 



c 

1F 

LTRJ 

This command initiates loading the trajectory parameters input buffers. 



Busy-bit Check Module 



d 

d 

X1 

00 

HB 

LB 

These two bytes are the trajectory control word. A x1 hex HB selects motor-off as the 
desired stopping mode. A 00 hex LB indicates no trajectory parameters will be loaded. 



Busy-bit Check Module 



c 

01 

STT 

The start motion control command, STT, must be executed to stop shaft motion. 



Busy-bit Check Module 


II. Programs 

This section focuses on the development of four brief LM628 
programs. 

LOOP PHASING PROGRAM 

Following initial power-up, the correct polarity of the motor 
drive signal must be determined. If the polarity is incorrect 
(loop inversion), the drive signal will push the shaft away 
from its desired position rather than towards it This results in 
“motor runaway”, a condition characterized by the motor 
running continuously at high speed. 

The loop phasing program, detailed in Table 7, contains both 
the example initialization and filter programming modules. It 
also contains an LTRJ command sequence and an STT 
command. 

Note: Execution of this simple program is only required the first \\me a new 
system is used 

Load Trajectory Parameters 

An LTRJ (Load TRaJectory) command sequence inciudes 
command LTRJ, a trajectory control word, and a variable 
number of data words. 

In the case of the Loop Phasing Program, the first byte of the 
trajectory control word, 00 hex, programs the LM628 to 
operate in position mode. The second byte, 00 hex, indicates 
no trajectory parameters will be loaded (i.e. in this program, 
zero data words follow the trajectory control word). The three 
trajectory parameters will remain at zero, their reset value. 

Start Motion Control 

The start motion controi command, STT (STarT), transfers 
new trajectory parameters from input buffers to working reg¬ 
isters and begins execution of the new trajectory. Until STT is 
executed, the new trajectory parameters do not affect shaft 
motion. 





TABLE 7. Loop Phasing Program 



Port 

Bytes 

Command 

Comments 



Initialization Module 



Fiiter Programming Module 



c 

IF 

LTRJ 

This command initiates loading the trajectory parameters input buffers. 



Busy-bit Check Module 



d 

d 

00 

00 

HB 

LB 

These two bytes are the trajectory control word. A 00 hex LB indicates no trajectory 
parameters wiil be loaded 



Busy-bit Check Module 



c 

01 

STT 

STT must be issued to execute the desired trajectory. | 


Comments 

Execution of command STT results in execution of the de¬ 
sired trajectory. With the acceleration set at zero, the profile 
generator generates a desired shaft position that is both 
constant and equal to the current absolute position. See 
Figure 7. Under these conditions, the control system will 
attempt to hold the shaft at its current absoiute postion. The 
shaft will feel lightly “spring loaded”. If forced (CAREFULLY) 
away from its desired position and released, the shaft will 
spring back to the desired position. 

If the polarity of the motor drive signal is incorrect (loop 
inversion), motor runaway wili occur immediateiy after ex¬ 
ecution of command STT, or after the shaft is forced (CARE¬ 
FULLY) from Its resting position. 

Loop inversion can be corrected with one of three methods: 
interchanging the shaft position encoder signals (channel A 
and channel B), interchanging the motor power leads, or 
inverting the motor command signal before application to the 
motor drive amplifier. For LM629 based systems, loop inver- 

Sion can be corrected by interchanging the motor power 
leads, interchanging the shaft position encoder signals, or 
logically inverting the PWM sign signal. 

SIMPLE ABSOLUTE POSITION MOVE 

The Simple Absolute Position Move Program, detailed in 
Table 8, utilizes both the initialization and filter programming 
modules, as well as, an LTRJ command sequence and an 

STT command. 

Factors that influenced the development of this program 
included the following: the program must demonstrate 
simple trajectory parameters calculations, the program must 
demonstrate the programming flow required to load and 
execute an absolute position move, and correct completion 
of the move must be verifiable through simple observation. 
Move: The shaft will accelerate at 0.1 rev/sec^ until it 
reaches a maximum velocity of 0.2 rev/sec, and then decel¬ 
erate to a stop exactly two revolutions from the starting 
position. See Figure 10. 
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II. Programs (Continued) 

Note: Absolute position is position measured relative to zero (home) An 
absolute position move is a move that ends at a specified absolute 
position For example, independent of the current absolute position of 
the shaft, if an absolute position of 30,000 counts is specified, upon 
completion of the move the absolute position of the shaft will be 30,000 
counts (i.e 30,000 counts relative to zero) The example program calls 
for a position move of two revolutions Because the starting absolute 
position IS 0 counts, the move is accomplished by specifying an 
absolute position of 8000 counts See Table 8 

The Quadrature Incremental Encoder 

As a supplement to the trajectory parameters calculations, a 
brief discussion is provided here to differentiate between 
encoder lines and encoder counts. 

A quadrature incremental shaft encoder encodes shaft rota¬ 
tion as electrical pulses. Figure 11 details the signals gener¬ 
ated by a 3-channel quadrature incremental encoder. The 
LM628 decodes (or “counts”) a quadrature incremental sig¬ 
nal to determine the absolute position of the shaft. 


The resolution of a quadrature incremental encoder is usu¬ 
ally specified as a number of lines. This number indicates 
the number of cycles of the output signals for each complete 
shaft revolution. For example, an N-line encoder generates 
N cycles of its output signals during each complete shaft 
revolution. 

By definition, two signals that are in quadrature are 90° out of 
phase. When considered together, channels A and B {Figure 
11) traverse four distinct digital states during each full cycle 
of either channel. Each state transition represents one 
count of shaft motion. The leading channel indicates the 
direction of shaft rotation. 

Each line, therefore, represents one cycle of the output 
signals, and each cycle represents four encoder counts. 

CYCLES \ / COUNTS\ COUNTS 

REVOLUTION/ V CYCLE / REVOLUTION 

The reference system uses a one thousand line encoder. 



FIGURE 10. Velocity Profile for Simple 
Absolute Position Move Program 


I POSITIVE 
DIRECTION 

NEGATIVE 
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FIGURE 11. 3-Channel Quadrature Encoder Signals 


ONE 

- ENCODER LINE 


-TUrLTL 

lirtlirLTL 


- INDEX = A*B*IN 


CYCLES \ 

^ REVOLUTION/^ 


COUNTS \ 
CYCLE / 


...... COUNTS 

4000- 

REVOLUTION 


Sample Period 

Sampling of actual shaft position occurs at a fixed frequency, 
the reciprocal of which is the system sample period. The 
system sample period is the unit of time upon which shaft 
acceleration and velocity are based. 

Ts = (2048) X (—-—) System Sample Period 
Vtclock/ 

The reference system uses an 8 MHz clock. The sample 
period of the reference system follows directly from the 
definition. 




SECONDS 

SAMPLE 


Trajectory Parameters Caicuiations 

The shaft wili acceierate at 0.1 rev/sec^ until it reaches a 
maximum velocity of 0.2 rev/sec, and then decelerate to a 
stop exactly two revolutions from the starting position. 
Trajectory parameters calculations for this move are detailed 
in Figure 12. 

Comments 

After completing the move, the control system will attempt to 
hold the shaft at its current absolute position. The shaft will 
feel lightly “spring loaded”. If forced away from its desired 
resting position and released, the shaft will move back to the 
desired position. 
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II. Programs (Continued) 


. COUNTS \ .SECONDS^ / REVOLUTIONS^ ^ ^COUNTS 

A = 4000- X 256 X 10-6- X 0.1- r — = 2.62 X 10-5- 

V revolution; V sample ; V second2 ; sample2 


/ , COUNTS\ COUNTS 

A = (^2.62 X X (65,536) = 1.718 ^—— Acceleration Scaled 


■ SAMPLE2 


Acceleration Rounded 


A = 00 00 00 02 hex 


SAMPLE2 


REVOLUTION/ 


/ ^ .SECONDS\ / REVOLUTONS\ COUNTS 

256 X 10-6 - X 0.2- = 0.2048- 

I, SAMPLE ) V SECOND / SAMPLE 


/ COUNTS\ COUNTS 


V = 13,422- 


Velocity Rounded 


V =00 00 34 6E hex- 


/ COUNTS \ 

P = UOOO ^^^^^^^^^^ 1 X (2.0 REVOLUTIONS) = 8000 COUNTS 


P = 00 00 1F 40 hex COUNTS 


FIGURE 12. Calculations of Trajectory Parameters for Simple Absolute Position Move 
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II. Programs (Continued) 


TABLE 8. Simple Absolute Position Move Program 


Port 

Bytes 

Command 

Comments | 

Initialization Module 

Filter Programming Module 

c 

1F 

LTRJ 

This command initiates loading the trajectory parameters input buffers | 

Busy-bit Check Module | 

d 

00 

HB 

These two bytes are the trajectory control word. A 2A hex LB indicates acceleration, 

d 

2A 

LB 

velocity, and position will be loaded and all three parameters are absolute. 

d 

00 

HB 

Acceleration is loaded in two data words. These two bytes are the high data word. In 

d 

00 

LB 

this case, the acceleration is 0.1 rev/sec^. 

Busy-bit Check Module | 

d 

00 

HB 

acceleration data word (low) 

d 

02 

LB 


d 

00 

HB 

velocity is loaded in two data words. These two bytes are the high data word. In this 

d 

00 

LB 

case, the velocity is 0.2 rev/sec. 

Busy-bit Check Module | 

d 

34 

HB 

velocity data word (low) 

d 

6E 

LB 


Busy-bit Check Module | 

d 

00 

HB 

Position is loaded in two data words. These two bytes are the high data word. In this 

d 

00 

LB 

case, the position loaded is eight thousand counts. This results in a move of two 
revolutions in the forward direction. 

Busy-bit Check Module | 

d 

1F 

HB 

position data word (low) 

d 

40 

LB 


Busy-bit Check Module | 

c 

01 

STT 

STT must be issued to execute the desired trajectory. | 


SIMPLE RELATIVE POSITION MOVE 

This program demonstrates the programming flow required 
to load and execute a relative position move. See Table 9. 
Move: Independent of the current resting position of the 
shaft, the shaft will complete thirty revolutions in the reverse 
direction. Total time to complete the move is fifteen seconds. 
Total time for acceleration and deceleration is five seconds. 

Note: Target position is the final requested position If the shaft is stationary, 
and motion has not been stopped with a “motor-off’ stop module, the 
current absolute position of the shaft is the target position If motion 
has been stopped with a “motor-off’ stop module, or a position move 
has begun, the absolute position that corresponds to the endpoint of 
the current trajectory is the target position Relative position is position 
measured relative to the current target position of the shaft. A relative 
position move is a move that ends the specified “relative” number of 
counts away from the current target position of the shaft For example, 
if the current target position of the shaft is 10 counts, and a relative 
position of 30,000 counts is specified, upon completion of the move the 
absolute position of the shaft will be 30,010 counts (i e 30,000 counts 
relative to 10 counts) 

Load Trajectory Parameters 

The first byte of the trajectory control word, 00 hex, programs 
position mode operation. The second byte, 2B hex, indicates 
all three trajectory parameters will be loaded. It also indi¬ 
cates both acceleration and velocity will be absolute values 
while position will be a relative value. 


Trajectory Parameters Calculations 

Independent of the current resting position of the shaft, the 
shaft will complete thirty revolutions in the reverse direction. 
Total time to complete the move is fifteen seconds. Total time 
for acceleration and deceleration is five seconds. 

The reference system utilizes a one thousand line encoder. 
The number of counts for each complete shaft revolution and 
the total counts for this position move are determined. 


^1000 


CYCLES \ / COUNTS \ 

revolution;^ V CYCLE ) 


= 4000 


COUNTS 

REVOLUTION 


f COUNTS \ 

V REVOLUTION j ^ REVOLUTIONS) = 120,000 COUNTS 


With respect to time, two-thirds of the move is made at 
maximum velocity and one-third is made at a velocity equal 
to one-half the maximum velocity (Note 7). Therefore, total 
counts traveled during acceleration and deceleration periods 
is one-fifth the total counts traveled. See Figure 13. 
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II. Programs (Continued) 


120,000 COUNTS 
5 


= 24,000 COUNTS 


total counts traveled during 
acceleration and deceleration 


24,000 COUNTS 
2 


= 12,000 COUNTS 


counts traveled during 
acceleration 


The reference system uses an 8 MHz clock. The sample 
period of the reference system is determined. 


Ts = 


(2048) X 


(axioSHz) 


256X10-6 


SECONDS 

SAMPLE 


The number of samples during acceleration (and decelera¬ 
tion) is determined. 


2 5 SECONDS 


- = 9766 SAMPLES 


256X10-6- 


number of samples 
during acceleration 


Using the number of counts traveled during acceleration and 
the number of samples during acceleration, acceleration is 
determined. 


distance traveled during 
° 2 time t at acceleration a 

2s (2) X (12,000 COUNTS) COUNTS 

= — = — -^- - = 0.000252- 

t2 (9766 SAMPLES)2 SAMPLE2 


Total counts traveled while at maximum velocity is four-fifths 
the total counts traveled. 


(4) X (120,000 COUNTS) 
5 


= 96,000 COUNTS 


Note 7: Average velocity during acceleration and deceleration periods is 
one-half the maximum velocity 


TABLE 9. Simple Relative Position Move Program 


Port 

Bytes 

Command 

Comments | 

Initialization Module 

Filter Programming Module 

c 

1F 

LTRJ 

This command initiates loading the trajectory parameters input buffers | 

Busy-bit Check Module | 

d 

00 

HB 

These two bytes are the trajectory control word. A 2B hex LB indicates all three 

d 

2B 

LB 

parameters will be loaded and both acceleration and velocity will be absolute values 
while position will be a relative value. 

Busy-bit Check Module | 

d 

00 

HB 

Acceleration is loaded in two data words. These two bytes are the high data word. In 

d 

00 

LB 

this case, the acceleration is 17 counts/sample^. 

Busy-bit Check Module | 

d 

00 

HB 

acceleration data word (low) 

d 

11 

LB 


Busy-bit Check Module | 

d 

00 

HB 

Velocity is loaded in two data words. These two bytes are the high data word. In this 

d 

02 ^ 

LB 

case, velocity is 161,087 counts/sample. 

Busy-bit Check Module | 

d 

75 

HB 

velocity data word (low) 

d 

3F 

LB 


Busy-bit Check Module | 

d 

FF 

HB 

Position is loaded in two data words. These two bytes are the high data word. In this 

d 

FE 

LB 

case, the position loaded is -120,000 counts. This results in a move of thirty revolutions 
in the reverse direction. 

Busy-bit Check Module | 

d 

2B 

HB 

position data word (low) 

d 

40 

LB 


Busy-bit Check Module | 

c 

01 

STT 

STT must be issued to execute the desired trajectory. | 
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II. Programs (Continued) 


96,000 COUNTS ^ COUNTS 
— 2.458 .. 

39,062 SAMPLES SAMPLE 



FIGURE 13. Velocity Profile for Simple 
Relative Position Move Program 

The number of samples while at maximum velocity is deter¬ 
mined. 


256 X 10-6- 


SAMPLE 


= 39,062 SAMPLES 


number of samples while at 
maximum velocity 


Using the total counts traveled while at maximum velocity 
and the number of samples while at maximum velocity, 
velocity is determined. 


Both acceleration and velocity values are scaled. 


( 

( 


COUNTS \ COUNTS 


COUNTS\ 


X (65,536) = 161,087 488 


COUNTS 

SAMPLE 


Acceleration and velocity are rounded to the nearest integer 
and all three trajectory parameters are converted to hexa¬ 
decimal. 


A = 17 = 00 00 0011 hex 


COUNTS 

SAMPLE2 

COUNTS 


V = 161,087 = 00 02 75 3F hex -__ 

SAMPLE 

P = -120,000 = FF FE 2B 40 hex COUNTS 


BASIC VELOCITY MODE MOVE WITH BREAKPOINTS 

This program demonstrates basic velocity mode program¬ 
ming and the (typical) programming flow required to set both 
absolute and relative breakpoints. See Table 10. 

Move: The shaft will accelerate at 1.0 rev/sec^ until it 
reaches a maximum velocity of 2.0 rev/sec. After completing 
twenty forward direction revolutions (including revolutions 
during acceleration), the shaft will accelerate at 1.0 rev/sec^ 
until It reaches a maximum velocity of 4.0 rev/sec. After 
completing twenty forward direction revolutions (including 
revolutions during acceleration), the shaft will decelerate (at 
1.0 rev/sec^) to a stop. See Figure 14. 



FIGURE 14. Velocity Profile for Basic Velocity Mode with Breakpoints Program 


Mask Interrupts 

An MSKI command sequence allows the user to determine 
which interrupt conditions result in host interrupts; interrupt¬ 
ing the host via the host interrupt output (pin 17). It contains 
an MSKI command and one data word. 

The MSKI command initiates interrupt masking. 


Immediately following the MSKI command, a single data 
word is written. The first byte is not used. Bits one through 
six of the second byte determine the masked/unmasked 
status of each interrupt. See Figure 6. Any zeros in this 6-bit 
field mask (disable) the corresponding interrupts while any 
ones unmask (enable) the corresponding interrupts. 
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II. Programs (Continued) 

In the case of the examiple program, the second byte of the 
MSKI data word, 40 hex, enables the breakpoint interrupt. All 
other interrupts are disabled (masked). 

When interrupted, the host processor can read the Status 
Byte to determine which interrupt condition(s) occurred. See 
Figure 5. 

Note: Command MSKI controls only the host interrupt process Bits one 
through six of the Status Byte reflect actual conditions independent of 
the masked/unmasked status of individual interrupts This feature 
allows interrupts to be serviced with a polling scheme 

Set Breakpoints (Absolute and Relative) 

An SBPA command sequence enables the user to set break¬ 
points in terms of absolute shaft position. An SBPR com¬ 
mand sequence enables setting breakpoints relative to the 
current target position. When a breakpoint position is 
reached, bit six of the status byte, the breakpoint interrupt 
flag, IS set to logic high. If this interrupt is enabled (un¬ 
masked), the host will be interrupted via the host interrupt 
output (pin 17). 

An SBPA (or SBPR) command initiates loading/setting a 
breakpoint. The two data words, written immediately follow¬ 
ing the SBPA (or SBPR) command, represent the breakpoint 
position. 

The example program contains a relative breakpoint set at 
80,000 counts relative to position zero (the current target 
position). This represents a move of twenty forward direction 
revolutions. When this position is reached, the LM628 inter¬ 
rupts the host processor, and the host executes a sequence 
of commands that increases the maximum velocity, resets 
the breakpoint interrupt flag, and loads an absolute break¬ 
point. 


TABLE 10. Basic Velocity Mode Move with 
Breakpoints Program 


Port 

Bytes 

Command 

Comments | 

Initialization Module 

Filter Programming Module 

c 

1C 

MSKI 

Mask interrupts. | 

Busy-bit Check Module | 

d 

XX 

HB 

don’t care 

d 

40 

LB 

A 40 hex LB enables (unmasks) the breakpoint interrupt. All other interrupts are 
disabled (masked). 

Busy-bit Check Module | 

c 

21 

SPBR 

This command initiates loading a relative breakpoint. | 

Busy-bit Check Module | 

d 

00 

HB 

A breakpoint is loaded in two data words. These two bytes are the high data word. In 

d 

01 

LB 

this case, the breakpoint is 80,000 counts relative to the current commanded target 
position (zero). 

Busy-bit Check Module | 

d 

38 

HB 

breakpoint data word (low) 

d 

80 

LB 


Busy-bit Check Module | 

c 

IF 

LTRJ 

Load trajectory. | 

Busy-bit Check Module | 

d 

18 

HB 

These two bytes are the trajectory control word. A 18 hex HB programs forward 

d 

28 

LB 

direction velocity mode operation. A 28 hex LB indicates acceleration and velocity will 
be loaded and both values are absolute. 


The example program contains an absolute breakpoint set at 
160,000 counts. When this absolute position is reached, the 
LM628 interrupts the host processor, and the host executes 
a Smooth Stop Module. 

Breakpoint positions for this example program are deter¬ 
mined 


. COUNTS \ 

1 4000 I X (20 REVOLUTIONS) 


revolution; 

= 80,000 COUNTS 


breakpoint 


, COUNTS \ 

I 4000 — Tr — ) x (40 REVOLUTIONS) 


REVOLUTION J 
■- 160,000 COUNTS 


absolute 

breakpoint 


Load Trajectory Parameters 

This example program contains two LTRJ command se¬ 
quences. The trajectory control word of the first LTRJ com¬ 
mand sequence, 1828 hex, programs forward direction ve¬ 
locity mode, and indicates an absolute acceleration and an 
absolute velocity will be loaded. The trajectory control word 
of the second LTRJ command sequence, 180C hex, pro¬ 
grams forward direction velocity mode, and indicates a rela¬ 
tive velocity will be loaded. See Figure 9. 

Trajectory parameters calculations follow the same format 
as those detailed for the simple absolute position move. See 
Figure 12. 
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II. Programs (Continued) 

TABLE 10. Basic Velocity Mode Move with 
Breakpoints Program (Continued) 


Port 

Bytes 

Command 

Comments | 

Busy-bit Check Module | 

d 

00 

HB 

Acceleration is loaded in two data words. These two bytes are the high data word. In 

d 

00 

LB 

this case, the acceleration is 1.0 rev/sec^. 

Busy-bit Check Module | 

d 

00 

HB 

acceleration data word (low) 

d 

11 

LB 


Busy-bit Check Module | 

d 

00 

HB 

Velocity IS loaded in two data words. These two bytes are the high data word. In this 

d 

02 

LB 

case, velocity is 2.0 rev/s. 

Busy-bit Check Module | 

d 

OC 

HB 

velocity data word (low) 

d 

4A 

LB 


Busy-bit Check Module | 

c 

01 

STT 

Start motion control. | 

Busy-bit Check Module | 

c 

IF 

LTRJ 

This command initiates loading the trajectory parameters input buffers. | 

Busy-bit Check Module | 

d 

18 

HB 

These two bytes are the trajectory control word. A 18 hex HB programs forward 

d 

OC 

LB 

direction velocity mode operation. A OC hex LB indicates only velocity will be loaded 
and it will be a relative value. 

Busy-bit Check Module | 

d 

00 

HB 

Velocity is loaded in two data words. These two bytes are the high data word. In this 

d 

02 

LB 

case, velocity is 2.0 rev/s. Because this is a relative value, the current velocity will be 
increased by 2.0 rev/s. The resultant velocity will be 4.0 rev/s. 

Busy-bit Check Module | 

d 

OC 

HB 

velocity data word (low) 

d 

4A 

LB 




wait 

This wait represents the host processor waiting for an LM628 breakpoint interrupt. 

c 

01 

STT 

Start motion control. 

Busy-bit Check Module | 

c 

ID 

RSTI 

Reset interrupts. | 

Busy-bit Check Module | 

d 

XX 

HB 

don’t care 

d 

00 

LB 

Zeros in bits one through six reset all interrupts. 

Busy-bit Check Module | 

c 

20 

SPBA 

This command initiates loading an absolute breakpoint. | 

Busy-bit Check Module | 

d 

00 

HB 

A breakpoint is loaded in two data words. These two bytes are the high data word. In 

d 

02 

LB 

this case, the breakpoint is 160,000 counts absolute. 

Busy-bit Check Module | 

d 

71 

HB 

breakpoint data word (low) 

d 

00 

LB 




wait 

This wait represents the host processor waiting for an LM628 breakpoint interrupt. 

“Smooth” Stop Module | 
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III. Tuning the PID Filter 

BACKGROUND 

The transient response of a control system reveals important 
information about the “quality” of control, and because a step 
input is easy to generate and sufficiently drastic, the tran¬ 
sient response of a control system is often characterized by 
the response to a step input, the system step response. 

In turn, the step response of a control system can be char¬ 
acterized by three attributes: maximum overshoot, rise time, 
and settling time. These step response attributes are defined 
in what follows and detailed graphically in Figure 16. 

1. The maximum overshoot, Mp, is the maximum peak 
value of the response curve measured from unity. The 
amount of maximum overshoot directly indicates the 
relative stability of the system. 

2. The rise time, tp is the time required for the response to 
rise from ten to ninety percent of the final value. 

3. The settling time, tg, is the time required for the response 
to reach and stay within two percent of the final value. 

A critically damped control system provides optimum perfor¬ 
mance. The step response of a critically damped control 
system exhibits the minimum possible rise time that main¬ 
tains zero overshoot and zero ringing (damped oscillations). 
Figure y 7 illustrates the step response of a critically damped 
control system. 



FIGURE 16. Unit Step Response Curve Showing 
Transient Response Attributes 



01086018 

FiGURE 17. Unit Step Response of a 
Criticaiiy Damped System 


INTRODUCTION 

The LM628 is a digital PID controller. The 
loop-compensation filter of a PID controller is usually tuned 
experimentally, especially if the system dynamics are not 
well known or defined. 

The uitimate goai of tuning the PiD fitter is to criticaiiy damp 
the motor controt system —provide optimum tracking and 
settling time. 

As shown in Figure 7, the response of the PID filter is the 
sum of three terms, a proportional term, an integral term, and 
a derivative term. Five variables shape this response. These 
five variables include the three gain coefficients (kp, k„ and 
kd), the integration limit coefficient (i,), and the derivative 
sampling coefficient (dg). Tuning the fitter equates to deter¬ 
mining vaiues for these variabte coefficients, vaiues that 
criticaiiy damp the controi system . 

Filter coefficients are best determined with a two-step experi- 
mentai approach, in the first step, the values of kp, k„ and k^ 
(along with i, and dg) are systematically varied until reason¬ 
ably good response characteristics are obtained. Manual 
and visual methods are used to evaluate the effect of each 
coefficient on system behavior. In the second step, an oscil¬ 
loscope trace of the system step response provides detailed 
information on system damping, and the filter coefficients, 
determined in step one, are modified to critically damp the 
system. 

Note: In step one, adjustments to filter coefficient values are inherently 
coarse, while in step two, adjustments are inherently fine Due to this 
coarse/fine nature, steps one and two complement each other, and the 
two-step approach is presented as the “best” tuning method The PID 
filter can be tuned with either step one or step two alone 

STEP ONE-MANUAL VISUAL METHOD 

Introduction 

In the first step, the values of kp, k„ and k^ (along with i| and 
dg) are systematically varied until reasonably good response 
characteristics are obtained. Manual and visual methods are 
used to evaluate the effect of each coefficient on system 
behavior. 

Note: The next four numbered sections are ordered steps to tuning the PID 
filter 

1. Prepare the System 

The initialization section of the filter tuning program is ex¬ 
ecuted to prepare the system for filter tuning. See Tabte 11. 
This section initializes the system, presets the filter param¬ 
eters (kp, k„ il = 0, kd = 2, dg = 1), and commands the control 
loop to hold the shaft at the current position. 

After executing the initialization section of the filter tuning 
program, both desired and actual shaft positions equal zero; 
the shaft should be stationary. Any displacement of the shaft 
constitutes a position error, but with both kp and k, set to 
zero, the control loop can not correct this error. 

2. Determine the Derivative Gain Coefficient 

The filter derivative term provides damping to eliminate os¬ 
cillation and minimize overshoot and ringing, stabilize the 
system. Damping is provided as a force proportional to the 
rate of change of position error, and the constant of propor¬ 
tionality is kd X dg. See Figure 18. 

Coefficients kd and dg are determined with an iterative pro¬ 
cess. Coefficient kd is systematically increased until the shaft 
begins high frequency oscillations. Coefficient dg is then 
increased by one. The entire process is repeated until dg 
reaches a value appropriate for the system. 


www.national.com 


9-52 








III. Tuning the PID Filter (Continued) 

The system sample period sets the time interval between 
updates of position error. The derivative sampling interval is 
an integer multiple of the system sample period. See Table 
3. It sets the time interval between successive position error 
samples used in the derivative term, and, therefore, directly 
affects system damping. The derivative sampling interval 
should be five to ten times smaller than the system mechani¬ 
cal time constant — this means many systems will require 
low ds- In general, however, and 6^ should be set to give 
the largest x dg product that maintains acceptably low 
motor vibrations. 

Note: Starting at two and doubling it is a good method of increasing 

Manually turning the shaft reveals that with each increase of k^, the 
resistance of the shaft to turning increases The shaft feels increas¬ 
ingly sluggish and, because k^ provides a force proportional to the rate 
of change of position error, the faster the shaft is turned the more 
sluggish it feels For the reference system, the final values of k^ and dg 
are 4000 and 4 respectively 


FIGURE 18. Proportional, integral, and Derivative (PID) 
Force Components 


TABLE 11. initialization Section— Filter Tuning Program 


Port 

Bytes 

Command 

Comments 

c 

00 

RESET 

See Initialization Module Text 



wait 

The maximum time to complete RESET tasks is 1.5 ms. 

c 

06 

PORT12 

The RESET default size of the DAC port is eight bits. This command initializes the DAC 
port for a 12-bit DAC. It should not be issued in systems with an 8-bit DAC. 

Busy-bit Check Module | 

c 

1D 

RSTI 

This command resets only the interrupts indicated by zeros in bits one through six of 
the next data word. It also resets bit fifteen of the Signals Register and the host 
interrupt pin (pin 17). 

Busy-bit Check Module | 

d 

XX 

HB 

don’t care 

d 

00 

LB 

Zeros in bits one through six indicate all interrupts will be reset. 

Busy-bit Check Module | 

c 

1C 

MSKI 

This command masks the interrupts indicated by zeros in bits one through six of the 
next data word. 

Busy-bit Check Module | 

d 

XX 

HB 

don’t care | 


Proportional Term 




01086020 


Derivative Term 
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III. Tuning the PID Filter (Continued) 


TABLE 11. Initialization Section— Filter Tuning Program (Continued) 


Port 

Bytes 

Command 

Comments 

d 

04 

LB 

A 04 hex LB enables (unmasks) the trajectory complete interrupt. All other interrupts are 
disabled (masked). See Figure 6. 

Busy-bit Check Module | 

c 

IE 

LFIL 

This command initiates loading the filter coefficients input buffers. | 

Busy-bit Check Module | 

d 

00 

HB 

These two bytes are the filter control word. A 00 hex HB sets the derivative sampling 

d 

x2 

LB 

interval to 2048/fcLK by setting ds to one. A x2 hex LB indicates only k^ will be loaded. 
The other filter parameters will remain at zero, their reset default value. 

Busy-bit Check Module | 

d 

00 

HB 

These two bytes set k^ to two. 

d 

02 

LB 


Busy-bit Check Module | 

c 

04 

UDF 

This command transfers new filter coefficients from input buffers to working registers. 

Until UDF is executed, coefficients loaded via the LFIL command do not affect the filter 

transfer characteristic. 

Busy-bit Check Module | 

c 

IF 

LTRJ 

This command initiates loading the trajectory parameters input buffers. | 

Busy-bit Check Module | 

d 

00 

HB 

These two bytes are the trajectory control word. A 00 hex LB indicates no trajectory 

d 

00 

LB 

parameters will be loaded. 

Busy-bit Check Module | 

c 

01 

STT 

STT must be issued to execute the desired trajectory. | 


3. Determine the Proportional Gain Coefficient 

Inertial loading causes following (or tracking) error, position 
error associated with a moving shaft. External disturbances 
and torque loading cause displacement error, position error 
associated with a stationary shaft. The filter proportional 
term provides a restoring force to minimize these position 
errors. The restoring force is proportional to the position error 
and increases linearly as the position error increases. See 
Figure 18. The proportional gain coefficient, kp, is the con¬ 
stant of proportionality. 

Coefficient kp is determined with an iterative process—the 
value of kp is increased, and the system damping is evalu¬ 
ated. This is repeated until the system is critically damped. 
System damping is evaluated manually. Manually turning the 
shaft reveals each increase of kp increases the shaft “stiff¬ 
ness”. The shaft feels spring loaded, and if forced away from 
its desired holding position and released, the shaft “springs” 
back. If kp is too low, the system is over damped, and the 
shaft recovers too slowly. If kp is too large, the system is 
under damped, and the shaft recovers too quickly. This 
causes overshoot, ringing, and possibly oscillation. The pro¬ 
portional gain coefficient, kp, is increased to the largest value 
that does not cause excessive overshoot or ringing. At this 
point the system is critically damped, and therefore provides 
optimum tracking and settling time. 

Note: Starting kp at two and doubling it at each iteration is a good method of 
increasing kp. The final value of kp for the reference system is 40. 

4. Determine the Integral Gain Coefficient 

The filter proportional term minimizes the errors due to iner¬ 
tial and torque loading. The integral term, however, provides 
a corrective force that can eliminate following error while the 
shaft is spinning and the deflection effects of a static torque 
load while the shaft is stationary. This corrective force is 


proportional to the position error and increases linearly with 
time. See Figure 18. The integral gain coefficient, k„ is the 
constant of proportionality. 

High values of k, provide quick torque compensation, but 
increase overshoot and ringing. In general, k, should be set 
to the smallest value that provides the appropriate compro¬ 
mise between three system characteristics: overshoot, set¬ 
tling time, and time to cancel the effects of a static torque 
load. In systems without significant static torque loading, a k, 
of zero may be appropriate. 

The corrective force provided by the integral term increases 
linearly with time. The integration limit coefficient, i,, acts as a 
clamping value on this force to prevent integral wind-up, a 
backlash effect. As noted in Figure 18, i| limits the summation 
of error (over time), not the product of k, and this summation. 
In many systems i| can be set to its maximum value, 7FFF 
hex, without any adverse effects. The integral term has no 
effect if i, is set to zero. 

For the test system, the final values of k, and i, are 5 and 
1000 respectively. 

STEP TWO-STEP RESPONSE METHOD 
Introduction 

The step response of a control system reveals important 
information about the “quality” of control—specifically, de¬ 
tailed information on system damping. 

In the second step to tuning the PID filter, an oscilloscope 
trace of the control system step response is used to accu¬ 
rately evaluate system damping, and the filter coefficients, 
determined in step one, are fine tuned to critically damp the 
system. 
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III. Tuning the PID Filter (Continued) 

Software Considerations 

The step generation section of the filter tuning program 
provides the control loop with a repetitive small-signal step 
input. This is accomplished by repeatedly executing a small 
position move with high maximum velocity and high accel¬ 
eration. See Figure 19 and Table 12. 



01086022 


FIGURE 19. Step Generation Section of Filter Tuning Program 
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III. Tuning the PID Filter (Continued) 


TABLE 12. Step Generation Section — Filter Tuning Program 


Port 

Bytes 

Command 

Comments 

c 

IF 

LTRJ 

This command initiates loading the trajectory parameters input buffers. 

Busy-bit Check Module | 

d 

00 

HB 

These two bytes are the trajectory control word. A 2B hex LB indicates acceleration. 

d 

2B 

LB 

velocity, and position will be loaded and both acceleration and velocity are absolute 
while position is relative. 

Busy-bit Check Module | 

d 

00 

HB 

Acceleration is loaded in two data words. These two bytes are the high data word. 

d 

04 

LB 


Busy-bit Check Module | 

d 

93 

HB 

acceleration data word (low) 

d 

EO 

LB 


Busy-bit Check Module | 

d 

00 

HB 

Velocity is loaded in two data words. These two bytes are the high data word. 

d 

07 

LB 


Busy-bit Check Module | 

d 

A1 

HB 

velocity data word (low) 

d 

20 

LB 


Busy-bit Check Module | 

d 

00 

HB 

Position is loaded in two data words. These two bytes are the high data word. 

d 

00 

LB 


Busy-bit Check Module | 

d 

00 

HB 

position data word (low) 

d 

C8 

LB 


Busy-bit Check Module | 

c 

01 

STT 

STT must be issued to execute the desired trajectory. | 

Busy-bit Check Module | 

c 

XX 

RDSTAT 

This command reads the Status Byte. It is directly supported by LM628 hardware and 




can be executed at any time by pulling CS, PS, and RD logic low. Status information 




remains valid as long as RD is logic low. 



decision 

If the Trajectory Complete interrupt bit is set, continue. Otherwise loop back to RDSTAT. 

c 

ID 

RSTI 

This command resets only the interrupts indicated by zeros in bits one through six of 
the next data word. It also resets bit fifteen of the Signals Register and the host 
interrupt pin (pin 17). 

d 

XX 

HB 

don’t care 

d 

00 

LB 

Zeros in bits one through six indicate all interrupts will be reset. 



wait 

This wait block inserts a delay between repetitions of the step input. The delay is 
application specific, but a good range of values for the delay is 5 ms to 5000 ms. 



loop 

Loop back to STT. 


Hardware Considerations 

For a motor control system, an oscilloscope trace of the 
system step response is a graph of the real position of the 
shaft versus time after a small and instantaneous change in 
desired position. 

For an LM628-based system, no extra hardware is needed 
to view the system step response. During a step, the voltage 
across the motor represents the system step response, and 
an oscilloscope is used to generate a graph of this response 
(voltage). 

For an LM629-based system, extra hardware is needed to 
view the system step response. Figure 20 illustrates a circuit 


for this purpose. During a step, the voltage output of this 
circuit represents the system step response, and an oscillo¬ 
scope is used to generate a graph of this response. 

The oscilloscope trigger signal, a rectangular pulse train, is 
taken from the host interrupt output pin (pin 17) of the 
LM628/LM629. This signal is generated by the combination 
of a trajectory complete interrupt and a reset interrupts 
(RSTI) command. See Figure 19. 

Note: The circuit of Figure 20 can be used to view the step response of an 
LM628-based system. 
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III. Tuning the PID Filter (Continued) 

Observations 

What follows are example oscilloscope traces of the step 
response of the reference system. 

Note 8: All traces were generated using the circuit of Figure 20 
Note 9: All traces were generated using the following “step” trajectory pa¬ 
rameters. relative position, 200 counts, absolute velocity, 500,000 counts/ 
sample, acceleration, 300,000 counts/sample/sample These values gener¬ 
ated a good small-signal step input for the reference system, other systems 
will require different trajectory parameters In general, step trajectory param¬ 
eters consist of a small relative position, a high velocity, and a high accelera¬ 
tion 

The position parameter must be relative Otherwise, a define home command 
(DFH) must be added to the mam loop of the step generation section—filter 
tuning program See Figure 19 

The circuit for viewing the system step response uses an 8-bit 
analog-to-digital converter See Figure 20 To prevent converter overflow, the 
step position parameter must not be set higher than 200 counts 
Note 10: The circuit of Figure 20 produces an “inverted” step response 
graph The oscilloscope input was inverted to produce a positive-going (more 
familiar) step response graph 


Figure 21 represents the step response of an under damped 
control system; this response exhibits excessive overshoot 
and long settling time. The filter parameters used to gener¬ 
ate this response were as follows: kp, 35; k„ 5; k^, 600; dg, 4; 
I,, 1000. Figure 21 indicates the need to increase k^, the 
derivative gain coefficient. 

Figure 22 represents the step response of an over damped 
control system; this response exhibits excessive rise time 
which indicates a sluggish system. The filter parameters 
used to generate this response were as follows: kp, 35; k„ 5, 
kd, 10,000; dg, 7; i,, 1000. Figure 22 Indicates the need to 
decrease k^ and dg. 

Figure 23 represents the step response of a critically 
damped control system; this response exhibits virtually zero 
overshoot and short rise time. The filter parameters used to 
generate this response were as follows: kp, 40; k„ 5; k^, 
4000; dg, 4; i,, 1000. 


HCTL - 2000 



_ oscilloscope 
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FIGURE 20. Circuit for Viewing the System Step Response with an Oscilloscope 
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FIGURE 21. The Step Response of an Under Damped Control System 
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III. Tuning the PID Filter (Continued) 



FIGURE 22. The Step Response of an Over Damped Control System 


T 



FIGURE 23. The Step Response of a Critically Damped Control System 
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A DMOS 3A, 55V, H-Bridge: 
The LMD18200 


National Semiconductor 
Application Note 694 
Tim Regan 



Introduction 

The switching power device shown in Figure 1 is called an 
H-Bridge. It takes a DC supply voltage and provides 
4-quadrant control to a load connected between two pairs of 
power switching transistors. Because the switches allow 
current to flow bidirectionally, the voltage across the load 
and the direction of current through the load can be of either 
polarity. 

H-Bridges are often used to control the speed, position or 
torque of DC and stepper motors. Traditionally implemented 
with either discrete or monolithic bipolar transistors, fully 
integrated solutions are becoming increasingly popular in 
printer, plotter, robotics and process control applications that 
require 0.5A to 3.0A and operate from 12V to 55V. The 
LMD18200 was designed to operate within this range and 
was optimized for such applications. 



FIGURE 1. Basic H-Bridge Circuit 

The LMD18200 was implemented in a process that allows 
bipolar, CMOS and DMOS devices to be incorporated to¬ 
gether on one die. As each of these types of transistor 
structures has its own unique characteristics, each is ideally 
suited for a different function. By integrating them together. 


this allowed us to take advantage of several innovative 
design techniques to provide easy to use benefits typically 
unassociated with a simple motor driver. 

Figure 2 sho^NS a functional block diagram of the LMD18200. 
The circuit contains four DMOS power switching transistors, 
with intrinsic clamp diodes, connected in an H-Bridge con¬ 
figuration. All level shifting and drive circuits are included to 
permit control of the H-Bridge from standard logic compat¬ 
ible signal levels. Other unique features include current 
sense circuitry, overcurrent and under-voltage protection, 
thermal warning and thermal shutdown. Each is discussed in 
more detail in the following section. 

Key Features 

DMOS POWER DRIVERS 

DMOS power transistors allow current to flow bidirectionally 
and provide a lower voltage drop than similarly rated bipolar 
power transistors by virtue of a greatly reduced on resis¬ 
tance for each switch. They also have the potential to oper¬ 
ate at much faster switching speeds for more efficient opera¬ 
tion. And, as each switch contains its own intrinsic protection 
diode, the additional external protection diodes that are re¬ 
quired for bipolar transistor implementations are no longer 
necessary. 

LOW ON RESISTANCE 

Unlike bipolar transistors, which have a relatively high volt¬ 
age drop across them, even at lower currents, the DMOS 
devices in the LMD18200 have a voltage drop that is essen¬ 
tially a linear function of temperature. The on resistance, 
RDS(on). of each output transistor is typically 0.3Q at a junc¬ 
tion temperature of 25°C and 0.6^2 at 125“C. At 100°C and 
1A of current, a comparable bipolar transistor will have a 
voltage drop from collector to emitter of about 1.1V whereas 
with the LMD18200 this voltage drop will only be 0.45V. At 
higher current levels the lower voltage drop across a DMOS 
power device provides an appreciable reduction in power 
dissipation resulting in smaller heat sink requirements and 
better efficiency with more power throughput to the load. 


9 


9-59 


WWW national com 


AN-694 




AN-694 


Key Features (Continued) 


THERMAL FLAG OUTPUT BOOTSTRAP 1 


OUTPUT 1 


9 


2 


Vs OUTPUT 2 BOOTSTRAP 2 
6 10 11 



GROUND 


FIGURE 2. Block Diagram of the LMD18200 




Intrinsic 

Diode 


O Reverse current 
through switch 


FIGURE 3. A DMOS Switch with Intrinsic Protection Diode 


Logic 

A1 On 

A1 Off 

Command 

A 2 Off 

A2 On 





FIGURE 4. Waveforms Illustrating the Commutation of “Reverse” Current 
in One Switch (A1) to “Forward” Current in Another Switch (A2) 
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Key Features (Continued) 

BIDIRECTIONAL CURRENT SWITCHES WITH 
INTRINSIC PROTECTION DIODES 

When driving inductive and inertial loads such as motors the 
power switches must be able to conduct “forward” as well as 
“reverse” current. The energy stored in these types of loads 
must generally be free to return to the supply. 

The conventional method of providing a path for reverse 
current is to connect an antiparallel diode across the power 
switch as shown in Figure 3. 

With the DMOS structure used in the LMD18200 this diode is 
intrinsic. Reverse current is actually shared between the 
power switch and the diode due to the fact that the DMOS 
switch can conduct current in either direction. For current 
levels less than 2A to 2.5A the voltage across the power 
switch, (IxRDS(on)). is less than the forward threshold voltage 
of the diode and all of the current flows through the switch. At 
higher current levels the diode conducts and the current is 
shared 

An important consideration in the design of the LMD18200 
was to make sure that the power switches could handle not 
only the load current but also the additional reverse recovery 
current of the protection diodes. This is illustrated in Figure 4 
where switch A1 is initially ON and conducting reverse cur¬ 
rent. At the interval when A1 is commanded OFF and the 
lower switch in the same leg of the H-Bridge, A2 is com¬ 
manded ON, a short deadtime (purposely built in to the 
LMD18200 to eliminate “shoot-through” currents) occurs. 
During this time current begins to flow through the protection 
diode across switch A1. When switch A2 comes ON, the 
diode becomes reverse biased. Switch A2 must then con¬ 
duct the load current plus the reverse recovery current of the 
diode for the short (approximately 100 ns) reverse recovery 
time of the diode. This additional requirement on the power 
switches has been accommodated in the design of the 
LMD18200. 

CURRENT SENSING 

A unique feature of the LMD18200 is circuitry that allows for 
the sensing of the current through the load without affecting 
the supply or ground return lines. A common method for 
sensing the load current is to insert a small valued power 
resistor in series with either the Vcc supply or ground lines 
and detect the voltage drop across this resistor. This voltage 
drop not only takes away from the available voltage to be 
applied to the load but is also somewhat difficult to amplify 
due to very low or possibly fast varying common mode 
voltage presented to the amplifier. 

The principle employed in the LMD18200 is the same as that 
used in discrete current sensing power MOSFETs. Each 
DMOS power transistor is actually comprised of many 
smaller cells connected in parallel. Due to the positive tem¬ 
perature coefficient of the ON resistance of each cell, the 
total current through the switch divides almost equally be¬ 


tween the individual cells. A few of these cells are separated 
out to provide a current that is a scaled down replica of the 
total switch current. Figure 5 shows a simplified functional 
diagram of the current sensing circuitry 
The current sourced by the Current Sense Output pin is a 
current proportionai to the sum of the total forward current 
conducted by the two upper DMOS switches of the H-Bridge. 
This sense current has a typicai value of 377 pA per Amp of 
current through the power devices Simply connecting a 
resistor between the sense output pin and ground converts 
this current to a voltage proportional to the current being 
delivered to the load. This voltage is then suitable for feed¬ 
back control or load over-current protection purposes. 



01085905 


FIGURE 5. The Current Sensing 
Circuitry of the LMD18200 

CHARGE PUMP AND BOOTSTRAP CIRCUITRY 

In order to drive a DMOS switch ON, its gate must be driven 
approximately 10V more positive than its source voltage. 
The lower switches of the H-Bridge have their source termi¬ 
nals connected to ground and their gate drive is derived from 
the Vs supply voltage to the device. The two upper switches 
however have their source terminals connected to the output 
pins which are continually being switched between ground 
and Vg. In order to generate the gate drive voltage for these 
switches a charge pump circuit is used. Figure 6a illustrates 
this circuitry. 

Transistors Q1 and Q2 are toggled at an internally generated 
clock frequency of 300 kHz. When Q2 is ON, the on-chip 
charge pump capacitor, Ccp, is charged to approximately 
14V. When Q1 is switched ON the bottom of this capacitor is 
connected to the suppiy voltage, Vg. This causes the voltage 
at point X, which connects to the gate of the upper DMOS 
power switch, to rise to about 14V more positive than the 
supply. This ensures that the upper device switches ON 
even if its source is at the Vg potential. 
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Key Features (Continued) 


(a) 


(b) 





01085906 



11 

EXTERNAL 

BOOTSTRAP 

CAPACITOR 

10 
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FIGURE 6. internal Charge Pump Used in the LMD18200 (a); the Use of External Bootstrap Capacitors (b) 


Capacitor Ccp is limited in value for practical considerations. 
Due to the limited charge that can be stored in Cqp the 
turn-on time of the upper DMOS transistors is relatively slow 
but nevertheless satisfactory for operating frequencies up to 
around 1 kHz. Once the DMOS device is turned ON the 
300 kHz oscillator keeps the charge pump circuit running 
thereby holding the power device ON as long as it is com¬ 
manded by the input control to do so. This charge pump 
circuit takes care of all the necessary voltage conditioning 
required by the DMOS transistors so that the external logic 
control applied to the LMD18200 can be simple TTL com¬ 
patible signals. 

For higher frequency operation, faster turn-on of the upper 
DMOS switches is necessary. This can be obtained through 


the use of external bootstrap capacitors. The bootstrap cir¬ 
cuit is shown in Figure 6b. The operating principle is similar 
to that of the charge pump circuitry except that the switching 
of the bootstrap capacitor, Cb, is assumed by the DMOS 
power switches of the H-Bridge itself. With plenty of current 
available to charge these external capacitors they can have 
a relatively large value (10 nF is recommended) and still be 
charged in typically less than one microsecond. Since Cg is 
much larger than the input capacitance of the DMOS power 
transistors, these transistors can now turn ON very rapidly, 
typically in about 100 ns, thus allowing operating the 
LMD18200 at switching frequencies up to 500 kHz. Figure 7 
illustrates the switching performance of the upper transistors 
with and without the use of external bootstrap capacitors. 
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FIGURE 7. Comparison of Switching Waveforms with and without the Use of Bootstrap Capacitors 


OVERCURRENT PROTECTION 

The current through the upper two power DMOS switches is 
continually monitored and compared against a shutdown trip 
level (approximately 10A). In the event of a short between 
the two outputs or a short from either output to ground or any 
ioad condition creating excessive current to flow, the over¬ 
current protection circuitry will switch the upper switches 
OFF. A unique feature of this protection mechanism is that 
the protection circuitry will periodically (approximately every 
8 ps) turn the upper switches back ON again, so long as the 


input logic is commanding the switch to be ON. This allows 
the H-Bridge to restart automatically following a temporary 
overload fault. 

THERMAL WARNING/THERMAL SHUTDOWN 

As with any power device protection against excessive op¬ 
erating temperature is a must. The LMD18200 continually 
senses the junction temperature near the DMOS switches 
and disables all of the switches in the event that this tem¬ 
perature reaches approximately 170“C thus protecting the 
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Key Features (Continued) 

device from catastrophic failure. There is a slight amount of 
hysteresis associated with this temperature threshold so that 
when the temperature cools slightly the device will automati¬ 
cally restart. 

Another unique feature of the LMD18200 is the provision of 
an early warning flag of excessive operating temperature. 
This is an open collector output pm which pulls to a logic 0 
state when the junction temperature reaches ^45°C. This 
flag can signal the system controller that the power driver is 
getting too hot and should be either shut down or have the 
output power cut back. The warning flags from any number 
of H-Bridges can be directly wired together for an “Or’d” 
connection. 

UNDERVOLTAGE LOCKOUT 

The LMD18200 also features undervoltage lockout. This 
circuitry disables all of the switches when the DC power 
supply voltage falls below approximately 10V. The reason for 
this feature is that reliable, well controlled operation of the 
switches cannot be assured without at least 10V applied. 

Operation 

The average output voltage across the load of the H-Bridge 
is continuously controlled by Pulse Width Modulation 
(PWM). Either polarity of output voltage can be obtained and 
current can flow through the load in either direction as re¬ 
quired. The LMD18200 has three logic control inputs, PWM, 
Direction and Brake which control the switching action of the 
H-Bridge. Figure 8 outlines the effect of these control inputs. 
The logic control inputs can be used directly (without exter¬ 
nal logic) to implement two of the more common PWM 
control techniques. Locked Antiphase control and Sign/ 
Magnitude control. 


PWM 

Dir 

Brake 

Active Output Drivers 

H 

H 

L 

A1, B2 

H 

L 

L 

A2, B1 

L 

X 

L 

A1, B1 

H 

H 

H 

A1, B1 

H 

L 

H 

A2, B2 

L 

X 

H 

NONE 


FIGURE 8. Control Logic Truth Table 


LOCKED ANTI-PHASE CONTROL 

The basic connection diagram and idealized waveforms for 
driving an inductive load using Locked Anti-phase control are 
illustrated in Figure 9. Under the control of the single PWM 
input signal, diametrically opposite pairs of switches (the top 
switch in one leg of the H-Bridge together with the bottom 
switch of the opposite leg) are driven ON and OFF together 
(“locked” together, hence the name Locked Anti-phase con¬ 
trol). At zero average output voltage, the average voltage at 


each output terminal is midway between the Vqq supply and 
ground. For this condition the conduction duty cycle of each 
switch is 50% and the average current through the load is 
zero. 

As the A1,B2 locked conduction interval is increased by 
changing the duty cycle of the control signal (75% as shown 
in the figure), the conduction time for the A2,B1 pair is 
correspondingly decreased. This duty cycle change makes 
the average voltage at VqA more positive than VqB thereby 
impressing a voltage across the load. The average current 
through the load then flows in the direction from terminal 
VqA to VqB. With a motor load this causes rotation in one 
direction with a speed proportional to the amount that the 
duty cycle deviates from 50%. Conversely, when the duty 
cycle IS decreased to less than 50%, the average voltage 
from VqA to VqB becomes negative, the average current 
through the load then flows from VqB to VqA and the direc¬ 
tion of rotation reverses. 

If the ripple current through the load ever wants to reverse its 
direction it is free to do so. This is due to the fact that two 
switches are always driven ON and are always able to 
conduct current of either polarity. Another benefit of this type 
of control is that the voltage across the load is always 
defined by the state of the switches, regardless of the direc¬ 
tion the load current wants to flow. 

In applications where fast dynamic control of inertial loads 
(i.e., the rapid reversal of the direction of rotation of a motor) 
it IS important that the “regeneration” of net average power 
from the load back to the supply be able to take place With 
two switches ON there is always a path for this regenerative 
energy. 

A major advantage of Locked Anti-phase control is that only 
one control signal is required to control both the speed and 
direction of a motor load. Simply modifying the duty cycle 
adjusts the average voltage and current to the load for speed 
control and the direction of rotation depends on whether the 
duty cycle is greater than or less than 50%. 

One disadvantage of Locked Anti-phase control with the 
LMD18200 IS that the current sense output is discontinuous 
as shown in Figure 9. This is because the current sensing 
transistors only mirror “forward” current through the upper 
two DMOS power devices. “Reverse” current, when the 
direction of current flow is in the opposite direction of what it 
should be for a given polarity of voltage across the load, is 
not output to the current sense pin. 

SiGN/MAGNITUDE CONTROL 

A second method of PWM control directly supported by the 
LMD18200 IS termed Sign/Magnitude control. The ideal 
waveforms for this technique are illustrated in Figure 10. 
The voltage of the output terminal of one leg of the H-Bridge 
is held stationary while the average voltage of the opposite 
leg IS varied by the duty cycle of a pulse width modulated 
input signal. The Sign or polarity of the voltage across the 
load Is dictated by which side of the H-Bridge is held station¬ 
ary by having one of the transistors constantly ON, and the 
Magnitude of the average load voltage is determined by the 
switching duty cycle of the two switches in the opposite leg. 
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Locked Antiphase Control 



Switches 'ON' 
5V 

Control Signal 
(Direction pin) 


50% duty cycle 
A2,B1 A1,B2 A2,B1 


75% duty cycle 
A2,B1 A1,B2 A2,B1 


25% duty cycle 
A2,B1 A1,B2 A2,B1 




Motor Action : Motor stopped, average 

current is 0. 


Motor turning in 
direction set by 
average current 
flowing from VgA to 
VqB. 


Motor running at 
same speed as 
with 75% duty cycle 
but in opposite 
direction. 


FIGURE 9. idealized Switching Waveforms for Locked Antiphase Control 
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Sign/Magnitude Control 
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Output Current 
from VqA to VqB 



Current Sense 
output current 



Motor Action: Motor turns at 

average speed in 
direction set by 
current flowing from 
VqA to VqB. 


Motor turns In the 
same direction as 
with 50% duty cycle 
but at half the speed. 


Motor turns at 
average speed but 
in opposite direction 
as set by current 
flowing from VqB to 
VqA. 


Motor turns in opposite 
direction but 50% faster 
than the speed with 50% 
duty cycle. 
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FIGURE 10. Idealized Switching Waveforms for Sign/Magnitude Control 
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Sign/Magnitude Control (Continued) 

The logic level applied to the Direction input turns ON either 
switch A1 or B1. This fixes output VqA or VqB at the positive 
supply voltage potential and therefore sets the direction of 
current flow through the load. The duty cycle of the signal 
applied to the PWM pin then adjusts the average voltage and 
current to the load. As the duty cycle is increased, the power 
to the load increases causing a faster speed of rotation of 
motor loads 

Keeping one of the upper transistors continually ON for 
Sign/Magnitude control is preferred with the LMD18200 be¬ 
cause the current sense output will remain permanently 
active. Current will always be flowing through one upper 
transistor or the other (through switch A1 or B1) which will be 
sensed and output to the current sense pin. This gives a 
continuous representation of the load current without the 
discontinuities of the locked anti-phase technique. This is 
true so long as the direction of the current through the load 
corresponds with the polarity of voltage across the load. If 
the direction of rotation of a motor load is required to reverse 
there will be a short interval where the load regenerates net 
energy back to the supply and “reverse” current flows 
through the upper power devices and momentarily causes a 
discontinuity in the current sense output signal. 

BRAKING 

Emergency braking of a motor by shorting its terminals is 
achieved by taking both the PWM and Brake input pins to a 
logic 1 level. If the Direction input is at a logic 1, then braking 
will be accomplished by the two upper switches (A1 and B1) 
turning ON and shorting the motor, if a logic 0 then the lower 
switches (A2 and B2) will short out the motor. It Is preferable 
to perform braking using the upper switches because they 
are protected by the overcurrent trip circuitry. 

Calculating Power Dissipation 

To obtain the full performance benefits of the LMD18200 it is 
important to consider the power dissipation of the device and 
provide adequate heat sinking as necessary. There are three 
components that make up the total power dissipation, Qui¬ 
escent, Conductive and Switching power. The following 
equations will provide a worst case approximation of each of 
these components. 

QUIESCENT POWER DISSIPATION, Pq 

This term is simply the quiescent, no load, power dissipation: 
PQ = Is X Vqq 

Is = the quiescent supply current (typically 13 mA with a 
maximum value of 25 mA) 

Vqo = the supply voltage 


SWITCHING POWER DISSIPATION, Psw 

Switching power dissipation is the combination of the energy 
dissipated by the switches and protection diodes during the 
ON/OFF switching action of the H-bridge. The combined 
total energy of a switch turning ON and the protection diode 
of a switch turning OFF can be approximated by: 

Eon = ‘ g + Vs Qrr + Vs lo Irr 


When turning OFF one of the DMOS switches and transfer¬ 
ring the current back to the protection diodes of the other 
switches, the turn-off energy can be approximated by: 


Eoff = 


Vs Iq tpFF 
2 


The total average switching power dissipation can then be 
found by: 

Psw = (Eon + Eqff) X f 

This is the switching power dissipation for applications using 
Sign/Magnitude control where only one transistor is switched 
at a time. This power dissipation is doubled with locked 
anti-phase control because two transistors are always being 
switched simultaneously: 

Psw = 2 X (Eon + Eqff) x f, for locked anti-phase. 

For these equations use the following values: 

Vs= Supply voltage 

lo= peak current to the load 

tQ^= turn ON time of the DMOS transistors, 100 ns with 
external bootstrap capacitors, 20 ps without 
toFF= turn OFF time of the DMOS transistors, 100 ns with 
external bootstrap capacitors, 20 ps without 
Qrr= recovered charge of the intrinsic protection diode, 
use 150 nanocoulombs 

tRR= reverse recovery time of the intrinsic diode, use 100 
ns 

f= operating switching frequency of the H-Bridge 
These values will provide a good, worst case approximation 
of the switching power dissipation. 

Total Power Dissipation, Pjqj 

The total power dissipation of the package is the sum of 
these three components: 

E TOT = Eq + E COND + E sw 

At low switching frequencies, less than 50 kHz, most of the 
power dissipated is conductive. When operating at higher 
frequencies, the switching power dissipation can become 
considerable and must be taken into consideration. 


CONDUCTIVE POWER DISSIPATION, Pcond 

This term is the power dissipation of the switches carrying 
the load current. In all applications the load current is con¬ 
ducted by two of the switches. The equivalent series resis¬ 
tance of the H-Bridge is approximately twice the 
on-resistance of one switch. The power dissipated by the 
switches can be found by: 

EcOND = 2 X FRMS X RDS(on) 

Irms = worst case value of the RMS load current 
RDS(on) = the ON resistance of a power switch at the oper¬ 
ating junction temperature, 0.33^^ typically at 
25°C and 0.6^^ maximum at 125°C. 


At 25°C ambient operating temperature with the power 
TO-220 package in free air, the LMD18200 can dissipate 
approximately 3W without requiring a heat sink. 

Application Examples 

Applying the LMD18200 is very easy because it is fully 
self-contained. The only external components required for 
the power stage are supply bypass capacitors and optional 
bootstrap capacitors and/or a current sense resistor depend¬ 
ing on the particular application. The challenging part of any 
application is generating and modulating the PWM control 
signal. This can be achieved with dedicated PWM genera- 
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Application Examples (Continued) 

tors like the LM3524D, with simple op amp/comparator con¬ 
figurations, a programmable micro-controller output line, or 
with a dedicated motion control device like the LM629. 
Figure 11 illustrates the direct interface of an LM629 to the 
LMD18200 to control either the position or velocity of a DC 
motor. The LM629 is a digitally programmable motor control¬ 
ler which outputs a Sign bit and variable PWM control signal 
to drive the LMD18200. Feedback of the motor position is 
accomplished via an optical shaft encoder which generates 
a given number of counts per revolution of the motor shaft. 
The digital control algorithm is processed by the LM629 in 
response to commands from a host microcontroller. As 
shown, the thermal flag output of the LMD18200 can be 
used to shutdown the system or back off the drive to the 
motor should the IC begin to overheat. Emergency braking 
can also be achieved by directly driving the Brake input of 
the LMD18200 from an output line of the processor. 


In many applications it is desired to control the torque of a 
motor load which is proportional to the current through the 
motor. Using the current sense feature of the LMD18200 
provides an easy means of sensing and controlling the motor 
current as shown in Figure 12. In this application the 
LM3524D Regulating Pulse Width Modulator compares the 
voltage at the current sense output pin of the LMD18200 with 
an externally generated control voltage and adjusts the duty 
cycle of the control signal (from 0 to approximately 50%) until 
the motor is running at the set desired current level. In this 
example the switching frequency is set to 40 kHz thereby 
requiring the use of bootstrap capacitors. This is also an 
example of locked anti-phase control. By simply inverting the 
phase of the single control input the direction of motor rota¬ 
tion can be reversed. 



FIGURE 11. Direct Interface of an LMD 18200 to the LM629 Motion Control Device 



01085913 


FIGURE 12. Utilizing the Current Sense Feature to Control the Torque of a Motor Load 
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Application Examples (Continued) 

Figure 13 shows a conventional analog control scheme 
termed “Fixed Off Time Control”. This again takes advantage 
of the current sensing feature of the LMD18200. A voltage 
representing the current through the motor is again com¬ 
pared with an externally generated control voltage. When¬ 
ever the motor current exceeds the desired set level a one 
shot is triggered which turns on the two upper switches of the 
H-Bridge, shorting out the motor for a fixed time interval. This 
causes the motor current to decrease. At the end of the 
one-shot interval, voltage is reapplied to the motor until the 
current once again exceeds the desired level. As shown in 


the accompanying waveforms, Figure 14, the average motor 
current modulates or “dithers” about the preset level. The 
amount of ripple current is proportional to the time interval of 
the one-shot. A certain minimum amount of ripple is required 
to prevent the voltage comparator from oscillating. The 
equivalent of 50 mV voltage change at the input to the 
comparator is sufficient. 

The off time interval is equal to 1.1 RC, which are the timing 
components for the LM555 timer. 

This application is an example of Sign/Magnitude control. To 
reverse the motor direction simply drive the Direction input of 
the LMD18200. 



FIGURE 13. Fixed OFF Time Control 
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FIGURE 14. Switching Waveforms for the Fixed OFF Time Control Loop 
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LM628/629 User Guide 


1.0 introduction 

1.1 APPLICATION NOTE OBJECTIVE 

This application note is intended to explain and complement 
the information in the data sheet and also address the 
common user questions. While no initial familiarity with the 
LM628/629 is assumed, it will be useful to have the LM628/ 
629 data sheet close by to consult for detailed descriptions 
of the user command set, timing diagrams, bit assignments, 
pin assignments, etc. 

After the following brief description of the LM628/629, Sec¬ 
tion 2.0 gives a fairly full description of the device’s opera¬ 
tion, probably more than is necessary to get going with the 
device. This section ends with an outline of how to tune the 
control system by adjusting the PID filter coefficients. 
Section 3 “User Command Set” discusses the use of the 
LM628/629 commands. For a detailed description of each 
command the user should refer to the data sheet. 

Section 4 “Helpful User Ideas” starts with a short description 
of the actions necessary to get going, then proceeds to talk 
about some performance enhancements and follows on with 
a discussion of a couple of operating constraints of the 
device. 

Section 5 “Theory” is a short foray into theory which relates 
the PID coefficients that would be calculated from a continu¬ 
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ous domain control loop analysis to those of the discrete 
domain including the scaling factors inherent to the LM628/ 
629. No attempt is made to discuss control system theory as 
such, readers should consult the ample references available, 
some suggestions are made at the end of this application 
note. Section 5 concludes with an example trajectory calcu¬ 
lation, reviving those perhaps forgotten ideas about accel¬ 
eration, velocity, distance and time. 

Section 6 “Questions and Answers”, is in question and an¬ 
swer format and is born out of and dedicated to the many 
interesting discussions with customers that have taken 
place. 

1.2 BRIEF DESCRIPTION OF LM628/629 

LM628/629 is a microcontroller peripheral that incorporates 
in one device all the functions of a sample-data motion 
control system controller. Using the LM628/629 makes the 
potentially complex task of designing a fast and precise 
motion control system much easier. Additional features, such 
as trajectory profile generation, on the “fly” update of loop 
compensation and trajectory, and status reporting, are in¬ 
cluded. Both position and velocity motion control systems 
can be implemented with the LM628/629. 
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FIGURE 1. LM628 and LM629 Typical System Block Diagram 


LM628/629 is itself a purpose designed microcontroller that 
implements a position decoder, a summing junction, a digital 
PID loop compensation filter, and a trajectory profile genera¬ 
tor, Figure 1. Output format is the only difference between 
LM628 and LM629. A parallel port is used to drive an 8- or 
12-bit digital-to-analog converter from the LM628 while the 
LM629 provides a 7-bit plus sign PWM signal with sign and 


magnitude outputs. Interface to the host microcontroller is 
via an 8-bit bi-directional data port and six control lines which 
includes host interrupt and hardware reset. Maximum sam¬ 
pling rates of either 2.9 kHz or 3.9 kHz are available by 
choosing the LM6268/9 device options that have 6 MHz or 
8 MHz maximum clock frequencies (device -6 or -8 suffixes). 
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1.0 Introduction (Continued) 

In operation, to start a movement, a host microcontroller 
downloads acceleration, velocity and target position values 
to the LM628/629 trajectory generator. At each sample inter¬ 
val these values are used to calculate new demand or “set 
point” positions which are fed into the summing junction. 
Actual position of the motor is determined from the output 
signals of an optical incremental encoder. Decoded by the 
LM628/629’s position decoder, actual position is fed to the 
other input of the summing junction and subtracted from the 
demand position to form the error signal input for the control 
loop compensator. The compensator is in the form of a 
“three term” PID filter (proportional, integral, derivative), this 
is implemented by a digital filter. The coefficients for the PID 
digital filter are most easily determined by tuning the control 
system to give the required response from the load in terms 


of accuracy, response time and overshoot. Having charac¬ 
terized a load these coefficient values are downloaded from 
the host before commencing a move. For a load that varies 
during a movement more coefficients can be downloaded 
and used to update the PID filter at the moment the load 
changes. All trajectory parameters except acceleration can 
also be updated while a movement is in progress. 

2.0 Device Description 

2.1 HARDWARE ARCHITECTURE 

Four major functional blocks make up the LM628/629 in 
addition to the host and output interfaces. These are the 
Trajectory Profile Generator, Loop Compensating PID Filter, 
Summing Junction and Motor Position Decoder {Figure 1). 
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FIGURE 2. Hardware Architecture of LM628/629 


Details of how LM628/629 is implemented by a purpose 
designed microcontroller are shown in Figure 2. The control 
algorithm is stored in a 1 k x 16-bit ROM and uses 16-bit wide 
instructions. A PLA decodes these instructions and provides 
data transfer timing signals for the single 16-bit data and 
instruction bus. User variable filter and trajectory profile pa¬ 
rameters are stored as 32-bit double words in RAM. To 
provide sufficient dynamic range a 32-bit position register is 
used and for consistency. 32 bits are also used for velocity 
and acceleration values. A 32-bit ALU is used to support the 
16 X 16-bit multiplications of the error and PID digital filter 
coefficients. 


2.2 MOTOR POSITION DECODER 

LM628/629 provides an interface for an optical position shaft 
encoder, decoding the two quadrature output signals to pro¬ 
vide position and direction information. Figure 3. Optionally a 
third index position output signal can be used to capture 
position once per revolution. Each of the four states of the 
quadrature position signal are decoded by the LM628/629 
giving a 4 times increase in position resolution over the 
number of encoder lines. An “N” line encoder will be decoded 
as “4N” position counts by LM628/629. 


www.national.com 


9-70 









2.0 Device Description (Continued) 

Position decoder block diagram, Figure 4, shows three lines 
coming from the shaft encoder, M1, M2 and Index. From 
these the decoder PLA determines if the motor has moved 
forward, backward or stayed still and then drives a 16-bit 


up-down counter that keeps track of actual motor position. 
Once per revolution when all three lines including the index 
line are simultaneously low, Figure 3, the current position 
count IS captured in an index latch. 
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FIGURE 3. Quadrature Encoder Output Signals and Direction Decode Table 
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FIGURE 4. LM628/629 Motor Position Decoder 


The 16-bit up-down counter is used to capture the difference 
in position from one sample to the next. A position latch 
attached to the up-down counter is strobed at the same time 
in every sample period by a sync pulse that is generated in 
hardware. The position latch is read soon after the sync 
pulse and is added to the 32-bit position register in RAM that 
holds the actual current position. This is the value that is 
subtracted in the summing junction every sample interval 
from the new desired position calculated by the trajectory 
generator to form the error input to the PID filter. 

Maximum encoder state capture rate is determined by the 
minimum number of clock cycles it takes to decode each 
encoder state, see Figure 3, this minimum number is 8 clock 


cycles, capture of the index pulse is also achieved during 
these 8 clock cycles. This gives a more than adequate 1 
MHz maximum encoder state capture rate with the 8 MHz 
fcLK devices (750 kHz for the 6 MHz fcLK devices). For 
example, with the 1 MHz capture rate, a motor using a 500 
line encoder will be moving at 30,000 rpm. 

There is some limited signal conditioning at the decoder 
input to remove problems that would occur due to the asyn¬ 
chronous position encoder input being sampled on signal 
edges by the synchronous LM628/629. But there is no noise 
filtering as such on the encoder lines so it is important that 
they are kept clean and away from noise sources. 
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2.0 Device Description (Continued) 

2.3 TRAJECTORY PROFILE GENERATOR 

Desired position inputs to the summing junction, Figure 1, 
within the LM628/629 are provided by an internal indepen¬ 
dent trajectory profile generator. The trajectory profile gen¬ 
erator takes information from the host and computes for 
each sample interval a new current desired position. The 
information required from the host is, operating mode, either 
position or velocity, target acceleration, target velocity and 
target position in position mode. 

2.4 DEFINITIONS RELATING TO PROFILE 
GENERATION 

The units of position and time, used by the LM628/629, are 
counts (4 X N encoder lines) and samples (sample Intervals 
= 2048/fQLK) respectively. Velocity is therefore calculated in 
counts/sample and acceleration in counts/sample/sample. 
Definitions of “target”, “desired” and “actual” within the profile 
generation activity as they apply to velocity, acceleration and 
position are as follows. Final requested values are called 
“target”, such as target position. The values computed by the 
profile generator each sample interval on the way to the 
target value are called “desired”. Real values from the posi¬ 
tion encoder are called “actual”. 

For example, the current actual position of the motor will 
typically be a few counts away from the current desired 


position because a new value for desired position is calcu¬ 
lated every sample interval during profile generation. The 
difference between the current desired position and current 
actual position relies on the ability of the control loop to keep 
the motor on track. In the extreme example of a locked rotor 
there could be a large difference between the current actual 
and desired positions. 

Current desired velocity refers to a fixed velocity at any point 
on a on-going trajectory profile. While the profile demands 
acceleration, from zero to the target velocity, the velocity will 
incrementally increase at each sample interval. 

Current actual velocity is determined by taking the difference 
in the actual position at the current and the previous sample 
intervals. At velocities of many counts per sample this is 
reasonably accurate, at low velocities, especially below one 
count per sample, it is very inaccurate. 

3.0 Profile Generation 

Trajectory profiles are plotted in terms of velocity versus 
time. Figure 5, and are velocity profiles by reason that a new 
desired position is calculated every sample interval. For 
constant velocity these desired position increments will be 
the same every sample interval, for acceleration and decel¬ 
eration the desired position increments will respectively in¬ 
crease and decrease per sample interval. Target position is 
the integral of the velocity profile. 


STANDARDS TRAPEZOIDAL VELOCITY PROFILE 
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FIGURE 5. Typical Trajectory Velocity Profile 


When performing a move the LM628/629 uses the informa¬ 
tion as specified by the host and accelerates until the target 
velocity is reached. While doing this it takes note of the 
number of counts taken to reach the target velocity. This 
number of counts is subtracted from the target position to 
determine where deceleration should commence to ensure 
the motor stops at the target position. LM628/629 decelera¬ 
tion rates are equal to the acceleration rates. In some cases, 
depending on the relative target values of velocity, accelera¬ 
tion and position, the target velocity will not be reached and 
deceleration will commence immediately from acceleration. 

3.1 TRAJECTORY RESOLUTION 

The resolution the motor sees for position is one integral 
count. The algorithm used to calculate the trajectory adds 
the velocity to the current desired position once per sample 
period and produces the next desired position point. In order 
to allow very low velocities it is necessary to have velocities 
of fractional counts per sample. The LM628/629 in addition 
to the 32-bit position range keeps track of 16 bits of fractional 
position. The need for fractional velocity counts can be illus¬ 
trated by the following example using a 500 line (2000 count) 
encoder and an 8 MHz clock LM628/629 giving a 256 ps 
sample interval. If the smallest resolution is 1 count per 


sample then the minimum velocity would be 2 revolutions 
per second or 120 rpm. (1/2000 revs/count x 1/256 ps 
counts/second). Many applications require velocities and 
steps in velocity less than this amount. This is provided by 
the fractional counts of acceleration and velocity. 

3.2 POSITION, VELOCITY AND ACCELERATION 
RESOLUTION 

Every sample cycle, while the profile demands acceleration, 
the acceleration register is added to the velocity register 
which in turn is added to the position register. When the 
demand for increasing acceleration stops, only velocity is 
added to the position register. Only integer values are output 
from the position register to the summing junction and so 
fractional position counts must accumulate over many 
sample intervals before an integer count is added and the 
position register changed. Figure 6 shows the position, ve¬ 
locity and acceleration registers. 

The position dynamic range is derived from the 32 bits of the 
integer position register. Figure 6. The MSB is used for the 
direction sign in the conventional manner, the next bit 30 is 
used to signify when a position overflow called “wraparound” 
has occurred. If the wraparound bit is set (or reset when 
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3.0 Profile Generation (Continued) 

going in a negative direction) while in operation the status 
byte bit 4 is set and optionally can be used to interrupt the 
host. The remaining 30 bits provide the available dynamic 
range of position in either the positive or negative direction 
(±1,073,741,824 counts). 

Velocity has a resolution of 1/2"'® counts/sample and accel¬ 
eration has a resolution of 1/2^® counts/sample/sample as 
mentioned above. The dynamic range is 30 bits in both 
cases. The loss of one bit is due to velocity and acceleration 
being unsigned and another bit is used to detect wrap¬ 
around. This leaves 14 bits or 16,383 integral counts and 16 
bits for fractional counts. 

3.3 VELOCITY MODE 

LM628 supports a velocity mode where the motor is com¬ 
manded to continue at a specified velocity, until it is told to 
stop (LTRJ bits 9 or 10). The average velocity will be as 
specified but the instantaneous velocity will vary. Velocities 
of fractional counts per sample will exhibit the poorest in¬ 
stantaneous velocity. Velocity mode is a subset of position 
mode where the position is continually updated and moved 
ahead of the motor without a specified stop position. Care 
should be exercised in the case where a rotor becomes 
locked while in velocity mode as the profile generator will 
continue to advance the position. When the rotor becomes 
free high velocities will be attained to catch-up with the 
current desired position. 


j- 1 6 Bits- 

- 16 Bits - 

- 1 6 Bits -j 

1 1 1 

_ 1 


Velocity 

Acceleration 

- Integer -^— Fraction —^ 

01101806 

FIGURE 6. Position, Veiocity and Acceieration 
Registers 


3.4 MOTOR OUTPUT PORT 

LM628 output port is configured to 8 bits after reset. The 
8-bit output IS updated once per sample interval and held 
until it is updated during the next sample interval. This allows 
use of a DAC without a latch. For 12-bit operation the 
PORT12 command should be issued immediately after re¬ 
set. The output is multiplexed in two 6-bit words using pins 
18 through 23. Pin 24 is low for the least significant word and 
high for the most significant. The rising edge of the active low 
strobe from pin 25 should be used to strobe the output into 
an external latch, see Figure 7. The DAC output is offset 
binary code, the zero codes are hex'80‘ for 8 bits and 
hex‘800' for 12 bits. 



FIGURE 7. LM628 12-Bit DAC Output Multiplexed 
Timing 

The choice of output resolution is dependant on the user’s 
application. There is a fundamental trade-off between sam¬ 
pling rate and DAC output resolution, the LM628 8-bit output 
at a 256 ps sampling interval will most often provide as good 
results as a slower, e.g. microcontroller, implementation 
which has a 4 ms typical sampling interval and uses a 12-bit 
output. The LM628 also gives the choice of a 12-bit DAC 
output at a 256 ps sampling interval for high precision appli¬ 
cations. 

LM629 PWM sign and magnitude signals are output from 
pins 18 and 19 respectively. The sign output is used to 
control motor direction. The PWM magnitude output has a 
resolution of 8 bits from maximum negative drive to maxi¬ 
mum positive drive. The magnitude output has an off condi¬ 
tion, with the output at logic low, which is useful for turning a 
motor off when using a bridge motor drive circuit. The mini¬ 
mum duty cycle is 1/128 increasing to a maximum of 127/ 
128 in the positive direction and a maximum of 128/128 in 
the negative direction, i.e., a continuous output. There are 
four PWM periods in one LM629 sample interval. With an 8 
MHz clock this increases the PWM output rate to 15.6 kHz 
from the LM629 maximum 3.9 kHz sample rate, see Figure 8 
for further timing information. 
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3.0 Profile Generation (Continued) 
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Note: Sign output (pin 18) not shown. 


FIGURE 8. LM629 PWM Output Signal Format 


3.5 HOST INTERFACE 

LM628/629 has three internal registers: status, high, and low 
bytes. Figure 9, which are used to communicate with the 
host microcontroller. These are controlled by the RD, WR, 
and PS lines and by use of the busy bit of the status byte. 
The status byte is read by bringing RD and PS low, bit Ojs 
the busy bit._Commands are written by bringing WR and PS 
low. When PS is high, WRbrought low writes data into 
LM628/629 and similarly, RD is brought low to read data 
from LM628/629. Data transfer is a two-byte operation writ¬ 
ten in most to least_significant byte order. The above descrip¬ 
tion assumes that CS is low. 


INTERNAL 

DATABUS 
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FIGURE 9. Host Interface Internal I/O Registers 

3.6 HARDWARE BUSY BIT OPERATION 

Before and between all command byte and data byte pair 
transfers, the busy bit must be read and checked to be at 
logic low. If the busy bit is set and commands are issued they 
will be ignored and if data is read it will be the current 
contents of the I/O buffer and not the expected data. The 
busy bit is set after the rising edge of the write signal for 
commands and the second rising edge of the respective 
read or write signal for two byte data transfers. Figure 10. 
The busy bit remains high for approximately 15 ps. 
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3.0 Profile Generation (Continued) 
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FIGURE 10. Busy Bit Operation during Command and Data Write Sequence 


The busy bit reset to logic low indicates that high and low 
byte registers shown in Figure 9 have been either loaded or 
read by the LM628/629 internal microcode. To service the 
command or data transfer this microcode which performs the 
trajectory and filter calculations is interrupted, except in criti¬ 
cal areas, and the on-going calculation is suspended The 
microcode was designed this way to achieve minimum la¬ 
tency when communicating with the host. However, if this 
communication becomes too frequent and on-going calcula¬ 
tions are interrupted too often corruption will occur. In a 
256 ps sample interval, the filter calculation takes 50 ps, 
outputting a sample 10 ps and trajectory calculation 90 ps If 
the LM628 behaves in a manner that is unexpected the host 
communication rate should be checked in relation to these 
timings. 

3.7 FILTER INITIAL VALUES AND TUNING 

When connecting up a system for the first time there may be 
a possibility that the loop phasing is incorrect. As this may 
cause violent oscillation it is advisable to initially use a very 
low value of proportional gam, say kp = 1 (with k^, k, and il all 
set to zero), which will provide a weak level of drive to the 
motor. (The Start command, STT, is sent to LM628/629 to 
close the control loop and energize the motor.) if the system 
does oscillate with this low value of kp then the motor con¬ 
nections should be reversed. 

Having determined that the loop phasing is correct kp can be 
increased to a value of about 20 to see that the control 
system basically works. This value of kp should hold the 
motor shaft reasonably stiffly, returning the motor to the set 
position, which will be zero until trajectory values have been 
input and a position move performed. If oscillation or unac¬ 
ceptable ringing occurs with a kp value of 20 reduce this until 
it stops. Low values of acceleration and velocity can now be 
input, of around 100, and a position move commanded to 
say 1000 counts. All values suggested here are decimal. For 
details of loading trajectory and filter parameters see Section 
3.0, reference (5) and the data sheet. 


It IS useful at this stage to try different values of acceleration 
and velocity to get a feel for the system limitations These 
can be determined by using the reporting commands of 
desired and actual position and velocity, to see if the error 
between desired and actual positions of the motor are con¬ 
stant and not increasing without bound. See Section 3.6 and 
the data sheet for information about the reporting com¬ 
mands. Clearly it will be difficult to tune for best system 
response if the motor and its load cannot achieve the de¬ 
manded values of acceleration and velocity. When correct 
operation is confirmed and limiting values understood, filter 
tuning can commence. 

Due to the basic difficulty of accurately modeling a control 
system, with the added problem of variations that can occur 
in mechanical components over time and temperature, it is 
always necessary at some stage to perform tuning empiri¬ 
cally. Determining the PID filter coefficients by tuning is the 
preferred method with LM628/629 because of the inherent 
flexibility in changing the filter coefficients provided by this 
programmable device 

Before tuning a control system the effect of each of the PID 
filter coefficients should be understood. The following is a 
very brief review, for a detailed understanding reference (2) 
should be consulted. The proportional coefficient, kp, pro¬ 
vides adjustment of the control system loop proportional 
gain, as this is increased the output steady state error is 
reduced. The error between the required and actual position 
IS effectively divided by the loop gam. However there is a 
natural limitation on how far kp can be increased on its own 
to reduce output position error because a reduction in phase 
margin is also a consequence of increasing kp This is first 
encountered as ringing about the final position in response 
to a step change input and then instability in the form of 
oscillation as the phase margin becomes zero. To improve 
stability, kd, the derivative coefficient, provides a damping 
effect by providing a term proportional to velocity in an- 
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3.0 Profile Generation (Continued) 

tiphase to the ringing, or viewed in another way, adds some 
leading phase shift into the loop and increases the phase 
margin. 

In the tuning process the coefficients kp and k^ are iteratively 
increased to their optimum values constrained by the system 
constants and are trade-offs between response time, stabil¬ 
ity and final position error. When kp and k^ have been 
determined the integral coefficient, k„ can be introduced to 
remove steady state errors at the load. The steady state 
errors removed are the velocity lag that occurs with a con¬ 
stant velocity output and the position error due to a constant 
static torque. A value of integration limit, il, has to be input 
with k„ otherwise k, will have no effect. The integral coeffi¬ 
cient k, adds another variable to the system to allow further 
optimization, very high values of k, will decrease the phase 
margin and hence stability, see Section 5 and reference (2) 
for more details. Reference (5) gives more details of PID 
filter tuning and how to load filter parameters. 

Figure 11 illustrates how a relatively slow response with 
overshoot can be compensated by adjustment of the PID 
filter coefficients to give a faster critically damped response. 

4.0 User Command Set 

4.1 OVERVIEW 

The following types of User Commands are available: 
Initialization 

Filter control commands 
Trajectory control commands 
Interrupt control commands 
Data reporting commands 

User commands are single bytes and have a varying number 
of accompanying data bytes ranging from zero to fourteen 
depending upon the command. Both filter and trajectory 
control commands use a double buffered scheme to input 
data. These commands load primary registers with multiple 
words of data which are only transferred into secondary 
working registers when the host issues a respective single 
byte user command. This allows data to be input before its 
actual use which can eliminate any potential communication 
bottlenecks and allow synchronized operation of multiple 
axes. 

4.2 HOST-LM628/629 COMMUNICATION—THE BUSY 
BIT 

Communication flow between the LM628/629 and its host is 
controlled by using a busy bit, bit 0, in the Status Byte. The 
busy bit must be checked to be at logic 0 by the host before 
commands and data are issued or data is read. This includes 
between data byte pairs for commands with multiple words 
of data. 

4.3 LOADING THE TRAPEZOIDAL VELOCITY PROFILE 
GENERATOR 

To initiate a motor move, trajectory generator values have to 
be input to the LM628/629 using the Load Trajectory Param¬ 
eters, LTRJ, command. The command is followed by a tra¬ 


jectory control word which details the information to be 
loaded in subsequent data words. Table 1 gives the bit 
allocations, a bit is set to logic 1 to give the function shown. 


TABLE 1. Trajectory Control Word Bit Allocations 


Bit Position 

Function 

Bit 15 

Not Used 

Bit 14 

Not Used 

Bit 13 

Not Used 

Bit 12 

Forward Direction (Velocity Mode Only) 

Bit 11 

Velocity Mode 

Bit 10 

Stop Smoothly (Decelerate as 


Programmed) 

Bit 9 

Stop Abruptly (Maximum Deceleration) 

Bit 8 

Turn Off Motor (Output Zero Drive) 

Bit 7 

Not Used 

Bit 6 

Not Used 

Bit 5 

Acceleration Will Be Loaded 

Bit 4 

Acceleration Data Is Relative 

Bit 3 

Velocity Will Be Loaded 

Bit 2 

Velocity Data Is Relative 

Bit 1 

Position Will Be Loaded 

Bit 0 

Position Data Is Relative 


Bits 0 to 5 determine whether any, all or none of the position, 
velocity or acceleration values are loaded and whether they 
are absolute values or values relative to those previously 
loaded. All trajectory values are 32-bit values, position val¬ 
ues are both positive and negative. Velocity and acceleration 
are 16-bit integers with 16-bit fractions whose absolute value 
IS always positive. When entering relative values ensure that 
the absolute value remains positive. The manual stop com¬ 
mands bits 8, 9 and 10 are intended to allow an unpro¬ 
grammed stop in position mode, while a position move is in 
progress, perhaps by the demand of some external event, 
and to provide a method to stop in velocity mode. They do 
not specify how the motor will stop in position mode at the 
end of a normal position move. In position mode a pro¬ 
grammed move will automatically stop with a deceleration 
rate equal to the acceleration rate at the target position. 
Setting a stop bit along with other trajectory parameters at 
the beginning of a move will result in no movement! Bits 8, 9 
and 10 should only be set one at a time, bit 8 turns the motor 
off by outputting zero drive to the motor, bit 9 stops the motor 
at maximum deceleration by setting the target position equal 
to the current position and bit 10 stops the motor using the 
current user-programmed acceleration value. Bit 11 is set for 
operating in velocity mode and bit 12 is set for forward 
direction in velocity mode. 
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10 ms/div 
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01101822 


FIGURE 11. Position vs Time for 100 Count Step Input 


Following immediately after the trajectory control word 
should be two 16-bit data words for each parameter speci¬ 
fied to be loaded. These should be in the descending order 
of the trajectory control word bits, that is acceleration, veloc¬ 
ity and position. They are written to the LM628/629 as two 
pairs of data bytes in most to least significant byte order. The 
busy bit should be checked between the command byte and 
the data byte pair forming the trajectory control word and the 
individual data byte pairs of the data. The Start command, 
STT, transfers the loaded trajectory data into the working 
registers of the double buffered scheme to initiate movement 
of the motor. This buffering allows any parameter, except 
acceleration, to be updated while the motor is moving by 
loading data with the LTRJ command and to be later ex¬ 
ecuted by using the STT command. 

New values of acceleration can be loaded with LTRJ while 
the motor is moving, but cannot be executed by the STT 
command until the trajectory has completed or the drive to 
the motor is turned off by using bit 8 of the trajectory control 
word. If acceleration has been changed and STT is issued 
while the drive to the motor is still present, a command error 
interrupt will be generated and the command ignored. Sepa¬ 
rate pairs of LTRJ and STT commands should be issued to 
first turn the motor off and then update acceleration. System 
operation when changing acceleration while the motor is 
moving, but with the drive removed, is discussed in Section 
4.5.1. 

4.4 LOADING PID FILTER COEFFICIENTS 

PID filter coefficients are loaded using the Load Filter Pa¬ 
rameters, LFIL, command and are the proportional coeffi¬ 
cient kp, derivative coefficient kp and integral coefficient k,. 
Associated with k„ an integration limit, il, has to be loaded. 
This constrains the magnitude of the integration term of the 
PID filter to the il value, see Section 4 4.2. Associated with 
the derivative coefficient, a derivative sample rate can be 
chosen from 2048/fQLK to (2048 x 256)/f clk 'o steps of 
2048/fcLK. see Section 4.4.1. 

The first pair of data bytes following the LFIL command byte 
form the filter control word. The most significant byte sets the 
derivative sample rate, the fastest rate, 2048/fQLK. being 
hex'OO' the slowest rate (2048 x 256)/fcLK being hex'FF'. The 
lower four bits of the least significant byte tell the LM628/629 
which of the coefficients is going to be loaded, bit 3 is kp, bit 


2 is k„ bit 1 is k^ and bit 0 is il. Each filter coefficient and the 
integration limit can range in value from hex'OOOO' to 7FFF', 
positive only. If all coefficient values are loaded then ten 
bytes of data, including the filter control word, will follow the 
LFIL command. Again the busy bit has to be checked be¬ 
tween the command byte and filter control word and be¬ 
tween data byte pairs. Use of new filter coefficient values by 
the LM628/629 is initiated by issuing the single byte Update 
Filter command, UDF. 

When controlled movement of the motor has been achieved, 
by programming the filter and trajectory, attention turns to 
incorporating the LM628/629 into a system. Interrupt Control 
Commands and Data Reporting Commands enable the host 
microcontroller to keep track of LM628/629 activity. 

4.5 INTERRUPT CONTROL COMMANDS 

There are five commands that can be used to interrupt the 
host microcontroller when a predefined condition occurs and 
two commands that control interrupt operation. When the 
LM628/629 is programmed to interrupt its host, the event 
which caused this interrupt can be determined from bits 1 to 

6 of the Status Byte (additionally bit 0 is the busy bit and bit 

7 indicates that the motor is off) All the Interrupt Control 
commands are executable during motion. 

The Mask Interrupts command, MSKI, is used to tell LM628/ 
629 which of bits 1 to 6 will interrupt the host through use of 
interrupt mask data associated with the command. The data 
is in the form of a data byte pair, bits 1-6 of the least 
significant byte being set to logic 1 when an interrupt source 
is enabled. The Reset Interrupts command, RSTI, resets 
interrupt bits in the Status Byte by sending a data byte pair, 
the least significant byte having logic 0 in bit positions 1 to 6 
if they are to be reset. 

Executing the Set Index Position command, SIP, causes bit 

3 of the status byte to be set when the absolute position of 
the next index pulse is recorded in the index register. This 
can be read with the command. Read Index Position, RDIP. 
Executing either Load Position Error for Interrupt, LPEI, or 
Load Position Error for Stopping, LPES, commands, sets bit 
5 of the Status Byte when a position error exceeding a 
specified limit occurs. An excessive position error can indi¬ 
cate a serious system problem and these two commands 
give the option when this occurs of either interrupting the 
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4.0 User Command Set (Continued) 

host or stopping the motor and interrupting the host. The 
excessive position is specified following each command by a 
data byte pair in most to least significant byte order. 
Executing either Set Break Point Absolute, SBPA, or Set 
Break Point Relative, SBPR, commands, sets bit 6 of the 
status byte when either the specified, absolute or relative, 
breakpoint respectively is reached. The data for SBPA can 
be the full position range (hex'COOOOOOO' to '3FFFFFFF) 
and is sent in two data byte pairs in most to least significant 
byte order. The data for the Set Breakpoint Relative com¬ 
mand is also of two data byte pairs, but its value should be 
such that when added to the target position it remains within 
the absolute position range. These commands can be used 
to signal the moment to update the on-going trajectory or 
filter coefficients. This is achieved by transferring data from 
the primary registers, previously loaded using LTRJ or LFIL, 
to working registers, using the STT or DDF commands. 
Interrupt bits 1, 2 and 4 of the Status Byte are not set by 
executing interrupt commands but by events occurring dur¬ 
ing LM628/629 operation as follows. Bit 1 is the command 
error interrupt, bit 2 is the trajectory complete interrupt and 
bit 4 IS the wraparound interru pt. T hese bits are also masked 
and reset by the MSKI and RSTI commands respectively. 
The Status Byte still indicates the condition of interrupt bits 
1-6 when they are masked from interrupting the host, allow¬ 
ing them to be incorporated in a polling scheme. 

4.6 DATA REPORTING COMMANDS 

Read Status Byte, RDSTAT, su|:^rted by a hardware regis¬ 
ter accessed via CS, RD and PS control, is the most fre¬ 
quently used method of determining LM628/629 status. This 
IS primarily to read the busy bit 0 while communicating 
commands and data as described in Section 3.2. 

There are seven other user commands which can read data 
from LM628/629 data registers. 

The Read Signals Register command, RDSIGS, returns a 
16-bit data word to the host. The least-significant byte re¬ 
peats the RDSTAT byte except for bit 0 which indicates that 


a SIP command has been executed but that an index pulse 
has not occurred. The most significant byte has 6 bits that 
indicate set-up conditions (bits 8, 9, 11, 12, 13 and 14). The 
other two bits of the RDSIGS data word indicate that the 
trajectory generator has completed its function, bit 10, and 
that the host interrupt output (Pin 17) has been set to logic 1, 
bit 15. Full details of the bit assignments of this command 
can be found in the data sheet. 

The Read Index Position, RDIP, command reads the position 
recorded in the 32 bits of the index register in four data 
bytes. This command, with the SIP command, can be used 
to acquire a home position or successive values. These 
could be used, for example, for gross error checking. 

Both on-going 32-bit position inputs to the summing junction 
can be read. Read desired position, RDDP, reads the current 
desired position the demand or “set point input” from the 
trajectory generator and Read Real Position, RDRP, reads 
the current actual position of the motor. 

Read Desired Velocity, RDDV, reads the current desired 
velocity used to calculate the desired position profile by the 
trajectory generator. It is a 32-bit value containing integer 
and fractional velocity information. Read Real Velocity, 
RDRV, reads the instantaneous actual velocity and is a 
16-bit integer value. 

Read Integration-Term Summation Value, RDSUM, reads 
the accumulated value of the integration term. This is a 
16-bit value ranging from zero to the current, il, integration 
limit value. 

4.7 SOFTWARE EXAMPLE 

The following example shows the flow of microcontroller 
commands needed to get the LM628/629 to control a simple 
motor move. As it is non-specific to any microcontroller 
pseudo commands WR,XXXXH and RD.XXXXH with hex 
immediate data will be used to indicate read and write op¬ 
erations respectively by the host to and from the LM628/629. 
Decisions use IF..THEN..ELSE. BUSY is a user routine to 
check the busy bit in the Status Byte, WAIT is a user routine 
to wait 1.5 ms after hardware reset. 


LABEL MNEMONIC :REMARK 

Initialization: 

WAIT :Routine to wait 1.5 ms after reset. 

RDSTAT :Check correct RESET operation by reading the 

:Status Byte. This should be either hex'84' or 'C4' 
IF Status byte not equal hex'84' or 'C4' THEN repeat 
hardware RESET 

:Make decision concerning validity of RESET 


Optionally the Reset can be further checked for correct operation as follows. It is useful to include this to reset all interrupt bits 
in the Status Byte before further action: 


MSKI 

BUSY 

WR, OOOOH 

BUSY 

RSTI 

BUSY 

WR, OOOOH 
RDSTAT 

IF Status Byte 
hardware RESET 


:Mask interrupts 

'.Check busy bit 0 routine 

:Host writes two zero bytes of data to 

:LM628/629. This mask disables all interrupts. 

:Check busy bit 
:Reset Interrupts command 
:Check busy bit 

;Host writes two zero bytes of data to LM628/629 
:Status byte should read either hex'80' or 'CO' 
not equal hex'80' or 'CO' THEN repeat 


IF Status Byte equal to hex'CO' THEN continue ELSE PORT 
BUSY :Check busy bit 
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4.0 User Command Set (continued) 

RSTI 

Reset Interrupts 

BUSY 

Check busy bit 

WR, OOOOH 

Reset all interrupt bits 

Set Output Port Size for a 12-bit DAC. 

PORT BUSY 

Check busy bit 

PORT12 

Sets LM628 output port to 12-bits 
(Only for systems with 12-bit DAC) 

Load Filter Parameters 

BUSY 

Check busy bit 

LFIL 

Load Filter Parameters command 

BUSY 

Check busy bit 

WR, 0008H 

Filter Control Word 

Bits 8 to 15 (MSB) set the derivative 
sample rate. 

Bit 3 Loading kp data 

Bit 2 Loading ki data 

Bit 1 Loading kd data 

Bit 0 Loading il data 

Choose to load kp only at maximum 
derivative sample rate then Filter Control 

Word = 0008H 

BUSY 

Check busy bit 

WR, 0032H 

Choose kp = 50, load data byte pair MS 
byte first 

Update Filter 

BUSY 

Check busy bit 

UDF 


Load Trajectory Parameters 

BUSY 

Check busy bit 

LTRJ 

Load trajectory parameters command. 

BUSY 

Check busy bit 

WR, 002AH 

Load trajectory control word: 

See Table I 

Choose Position mode, and load absolute 
acceleration, velocity and position. Then 
trajectory control word = 002AH. This means 

6 pairs of data bytes should follow. 

BUSY 

Check busy bit 

WR, XXXXH 

Load Acceleration integer word MS byte first 

BUSY 

Check busy bit 

WR, XXXXH 

Load Acceleration fractional word MS byte first 

BUSY 

Check busy bit 

WR, XXXXH 

Load Velocity integer word MS byte first 

BUSY 

Check busy bit 

WR, XXXXH 

Load Velocity fractional word MS byte first 

BUSY 

Check busy bit 

WR, XXXXH 

Load Position MS byte pair first 

BUSY 

Check busy bit 

WR, XXXXH 

Load position LS byte pair 

Start Motion 

BUSY 

Check busy bit 

STT 

Start command 

Check for Trajectory complete. 

RDSTAT 

Check Status Byte bit 2 for trajectory 


complete 

Busy bit check routine 

BUSY RDSTAT 

Read status byte 

If bit 0 is set THEN BUSY ELSE RETURN 

END 

*Consult reference (5) for more information on programming the LM628/629. 
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FIGURE 12. Basic Software Flow 


5.0 Helpful User Ideas 

5.1 GETTING STARTED 

This section outlines the actions that are necessary to imple¬ 
ment a simple motion control system using LM628/629. 
More details on how LM628/629 works and the use of the 
User Command Set are given in the sections “2.0 DEVICE 
DESCRIPTION” and “3.0 USER COMMAND SET”. 


5.2 HARDWARE 

The following hardware connections need to be made: 

5.2.1 Host Microcontroller Interface 

Interface to the host microcontroller is via an 8-bit command/ 
data port which is controlled by f our lines. These are the 
conventional chip select CS, read RD, write WR and a line 
called Port Select PS, see Figure 13. PS is used to select 
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5.0 Helpful User Ideas (Continued) 

user Command or Data transfer between the LM628/629 
and the host. In th^ special case of the Status Byte 
(RDSTAT) bringing PS, CS and RD low together allows 
access to this hardware register at any time. An optional 
interrupt line, HI, from the LM628/629 to the host can be 
used A microcontroller output line is necessary to control the 
LM628/629 hardware reset action. 

5.2.2 Position Encoder Interface 

The two optical incremental position encoder outputs feed 
into the LM628/629 quadrature decoder TTL inputs A and B. 
The leading phase of the quadrature encoder output defines 
the forward direction of the motor and should be connected 
to input A. Optionally an index pulse may b^sed from the 
position encoder. This is connected to the IN input, which 
should be tied high if not used, see Figure 13. 


5.2.3 Output Interface 

LM628 has a parallel output of either 8 or 12 bits, the latter is 
output as two multiplexed 6-bit words. Figure 14 illustrates 
how a motor might be driven using a LM12 power linear 
amplifier from the output of 8-bit DAC0800. 

LM629 has a sign and magnitude PWM output. Figure 13, of 
7-bit resolution plus sign. Figure 15 shows how the LM629 
sign and magnitude outputs can be used to control the 
outputs of an LM18293 quad half-H driver. The half-H drivers 
are used in pairs, by using 100 mn current sharing resistors, 
and form a full-H bridge driver of 2A output. The sign bit is 
used to steer the PWM LM629 magnitude output to either 
side of the H-bridge lower output transistors while holding 
the upper transistors on the opposite side of the H-bridge 
continuously on. 


HOST 

INTERFACE 


/D0-D7 



CS 


DAC0-DAC7 

RD 


^8 ^ 




WD ^ 

LM628/629 


PS 

PWM MAG . 

HI 


PWM SIGN ^ 

RST . 







LM628 

OUTPUT 


1 LM629 
J OUTPUT 


B A IN 


OPTICAL POSITION 
ENCODER INTERFACE 


01101813 


FIGURE 13. LM628 and LM629 Host, Output and Position Encoder Interfaces 


+ 20V 
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FIGURE 14. LM628 Example of Linear Motor Drive Using LM12 
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5V V MOTOR 



01101815 


FIGURE 15. LM629 H-Bridge Motor Drive Example Using LM18293 


5.3 SOFTWARE 

Making LM628/629 perform a motion control function re¬ 
quires that the host microcontroller, after initializing LM628/ 
629, loads coefficients for the PID filter and then loads 
trajectory information. The interrupt and data reporting com¬ 
mands can then be used by the host to keep track of 
LM628/629 actions. For detailed descriptions see the 
LM628/629 data sheet and Section 3. 

5.4 INITIALIZATION 

There is only one initialization operation that must be per¬ 
formed; a check that hardware reset has operated correctly. 
If required, the size of the LM628 output port should be 
configured. Other operations which might be part of user’s 
system initialization are discussed under Interrupt and Data 
Reporting commands. Sections 3.5 and 3.6. 

5.4.1 Initializing LM628 Output Port 

Reset sets the LM628 output port size to 8 bits. If a 12-bit 
DAC is being used, then the output port size is set by the use 
of the PORT12 command. 

5.4.2 Hardware RESET Check 

The hard ware reset is activated by a logic low pulse at pin 
27, RST, from the host of greater than 8 clock cycles. To 
ensure that this reset has operated correctly the Status Byte 
should be checked immediately after the reset pin goes high, 
it should read hex'OO'. If the reset is successful this will 
change to hex'84' or 'C4' within 1.5 ms. If not, the hardware 
reset and check should be repeated. A further check can be 
used to make certain that a reset has been successful by 
using the Reset Interrupts command, RSTI. Before sending 
the RSTI, issue the Mask Interrupts command, MSKI, and 
mask data that disables all interrupts, this mask is sent as 
two bytes of data equaling hex'OOOO'. Then issue the RSTI 
command plus mask data that resets all interrupts, this 
equals hex'OOOO' and is again sent as two bytes. Do not 


forget to check the busy bit between the command byte and 
data byte pairs. When the chip has reset properly the status 
byte will change from hex'84' or 'C4' to hex'80' or 'CO'. 

5.4.3 Interrupt Commands 

Optionally the commands which cause the LM628/629 to 
take action on a predefined condition (e.g., SIP, LPEI, LPES, 
SBPA and SBPR) can be included in the initialization, these 
are discussed under Interrupt Commands. 

5.5 PERFORMANCE REFINEMENTS 

5.5.1 Derivative Sampie Rate 

The derivative sample interval is controllable to improve the 
stability of low velocity, high inertia loads. At low speeds, 
when fractional counts for velocity are used, the integer 
position counts, desired and actual, only change after sev¬ 
eral sample intervals of the LM628/629 (2048/fcLK )■ This 
means that for sample intervals between integer count 
changes the error voltage will not change for successive 
samples. As the derivative term, k^, multiplies the difference 
betweeen the previous and current error values, if the de¬ 
rivative sample interval is the same as the sample interval, 
several consecutive sample intervals will have zero deriva¬ 
tive term and hence no damping contribution. Lengthening 
the derivative sample interval ensures a more constant de- 
rivate term and hence improved stability. Derivative sample 
interval is loaded with the filter coefficient values as the most 
significant byte of the LFIL control word everytime the com¬ 
mand is used, the host therefore needs to store the current 
value for re-loading at times of filter coefficient change. 

5.5.2 Integral Windup 

Along with the integral filter coefficient, k„ an integration limit, 
il, has to be input into LM628/629 which allows the user to 
set the maximum value of the integration term of equation 
(3), Section 5.2.2. This term is then able to accumulate up to 
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5.0 Helpful User Ideas (Continued) 

the value of the integration limit and any further increase due 
to error of the same sign is ignored. Setting the integration 
limit enables the user to prevent an effect called “Integral 
Windup”. For example, if an LM628/629 attempts to accel¬ 
erate a motor at a faster rate than it can achieve, a very large 
integral term will result. When the LM628/629 tries to stop 
the motor at the target position the large accumulated inte¬ 
gral term will dominate the filter and cause the motor to badly 
overshoot, and thus integral windup has occurred. 

5.5.3 Profiles Other Than Trapezoidal 



FIGURE 16. Generating a Non-Trapezoidal Profile 

If It IS required to have a velocity profile other than trapezoi¬ 
dal, this can be accomplished by breaking the profile into 
small pieces each of which is part of a small trapezoid. A 
piecewise linear approximation to the required profile can 
then be achieved by changing the maximum velocity before 
the trapezoid has had time to complete, see Figure 16. 

5.5.4 Synchronizing Axes 

For controlling tightly coupled coordinated motion between 
multiple-axes, synchronization is required. The best possible 
synchronization that can be achieved between multiple 
LM628/629 is within one sample interval, (2048/fcLK. 256 ps 
for an 8 MHz clock, 341 ps for a 6 MHz clock). This is 
achieved by using the pipeline feature of the LM628/629 
where all controlled axes are loaded individually with trajec¬ 
tory values using the LTRJ command and then simulta¬ 
neously given the start command STT PID filter coefficients 
can be updated in a similar manner using LFIL and DDF 
commands. 


5.6 OPERATING CONSTRAINTS 

5.6.1 Updating Acceleration on the Fly 

Whereas velocity and target position can be updated while 
the motor is moving, on the “fly”, the algorithm described in 
Section 2.5 prevents this for acceleration. To change accel¬ 
eration while the motor is moving in mid-trajectory the motor 
off command has to be issued by setting LTRJ command bit 
8. Then the new acceleration can be loaded, again using the 
LTRJ command. When the start command STT is issued the 
motor will be energized and the trajectory generator will start 
generating a new profile from the actual position when the 
STT command was issued. In doing this the trajectory gen¬ 
erator will assume that the motor starts from a stationary 
position in the normal way. If the motor has sufficient inertia 
and IS still moving when the STT command is issued then 
the control loop will attempt to bring the motor on to the new 
profile, possibly with a large error value being input to the 
PID filter and a consequential saturated output until the 
motor velocity matches the profile This is a classic case of 
overload in a feedback system. It will operate in an open loop 
manner until the error input gets within controllable bounds 
and then the feedback loop will close. Performance in this 
situation IS unpredictable and application specific. LM628/ 
629 was not intentionally designed to operate in this way. 

5.6.2 Command Update Rate 

If an LM628/629 is updated too frequently by the host it will 
not keep up with the commands given. The LM628/629 
aborts the current trajectory calculation when it receives a 
new STT command, resulting in the output staying at the 
value of the previous sample. For this reason it is recom¬ 
mended that trajectory is not updated at a greater rate than 
once every 10 ms. 

6.0 Theory 

6.1 PID FILTER 

6.1.1 PID Filter in the Continuous Domain 

The LM628/629 uses a PID filter as the loop compensator, 
the expression for the PID filter in the continuous domain is: 

H(s) = Kp + K,/s + KdS (1) 

Where Kp = proportional coefficient 
K, = integral coefficient 
Kd = derivative coefficient 
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6.0 Theory (Continued) 

6.1.2 PID Filter Bode Plots 



FREQUENCY 



FIGURE 17. Bode Plots of PID Transfer Function 


The Bode plots for this function (shown in Figure 17) show 
the effect of the individual terms of Equation (1). The propor¬ 
tional term, Kp provides adjustment of proportional gain. The 
derivative term increases the system bandwidth but more 
importantly adds leading phase shift to the control loop at 
high frequencies. This improves stability by counteracting 
the lagging phase shift introduced by other control loop 
components such as the motor. The integral term, K „ pro¬ 
vides a high DC gain which reduces static errors, but intro¬ 
duces a lagging phase shift at low frequencies. The relative 
magnitudes of K K, and loop proportional gain have to be 
adjusted to achieve optimum performance without introduc¬ 
ing instability. 


6.2 PID FILTER COEFFICIENT SCALING FACTORS FOR 
LM628/629 

While the easiest way to determine the PID filter coefficient 
kp, kd, and k, values is to use tuning as described in Section 
2.11, some users may want to use a more theoretical ap¬ 
proach to at least find initial starting values before fine tun¬ 
ing. As very often this analysis is performed in the continu¬ 
ous (s) domain and transformed into the discrete digital 
domain for implementation, the relationship between the 
continuous domain coefficients and the values input into 
LM628/629 is of interest. 
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6.0 Theory (Continued) 

6.2.1 PID Filter Difference Equation 

In the discrete domain, Equation (1) becomes the difference 
equation: 


N 

u(n) = Kpe(n) + KjT ^ e(n) + K^/Tje(n) - e(n - 1)] 
n = 0 

( 2 ) 

Where: 

T is the sample interval 2048/fcLK 

Ts is the derivative sample interval (2048/f clk x (1..255) 


6.2.2 Difference Equation with LM628/629 Coefficients 

In terms of LM628/629 coefficients, Equation (2) becomes: 


N 

u(n) = kpe(n) + k; ^ e(n) + k^[e(n') - e(n' - O)] 
n = 0 

(3) 

Where: 

kp, k, and k^ are the discrete-time LM628/629 coefficients 
e(n) IS the position error at sample time n 
n' indicates sampling at the derivative sampling rate. 
The error signal e(n) [or e(n')] is a 16-bit number from the 
output of the summing junction and is the input to the PID 
filter. The 15-bit filter coefficients are respectively multiplied 
by the 16-bit error terms as shown in Equation (3)A to 
produce 32-bit products. 


6.2.3 LM628/629 PiD Filter Output 

The proportional coefficient kp is multiplied by the error sig¬ 
nal directly. The error signal is continually summed at the 
sample rate to previously accumulated errors to form the 
integral signal and is maintained to 24 bits. To achieve a 
more usable range from this term, only the most significant 
16 bits are used and multiplied by the integral coefficient, k,. 
The absolute value of this product is compared with the 
integration limit, il, and the smallest value, appropriately 
signed, is used. To form the derivative signal, the previous 
error is subtracted from the current error over the derivative 
sampling interval. This is multiplied by the derivative coeffi¬ 
cient k d and the product contributes every sample interval to 
the output independently of the user chosen derivative 
sample interval. 

The least significant 16 bits of the 32-bit products from the 
three terms are added together to produce the resulting u(n) 
of Equation (3) each sample interval. From the PID filter 
16-bit result, either the most significant 8 or 12 bits are 
output, depending on the output word size being used. A 
consequence of this and the use of the 16 MSB’s of the 
integral signal is a scaling of the filter coefficients in relation 
to the continuous domain coefficients. 

6.2.4 Scaling for kp and k ^ 

Figure 18 gives details of the multiplication and output for kp 
and kd- Taking the output from the MS byte of the LS 16 bits 
of the 32-bit result register causes an effective 8-bit 
right-shift or division of 256 associated with kp and kd as 
follows: 


e(n) or [e(n')“e(n’- 1)] 16 bits ! I I 

k_ or kj 16 bits I I I 


Result register r 
32 bitsl 


I • 1.1 


8-bit output 
12-bit output 


FIGURE 18. Scaling of kp and kd 


Result = kp X e(n)/256 = KpX e(n) kp 
= 256 X Kp. 

Similarly for kd: 

Result = (kd X [e(n') - e(n'-1)])/256 

= Kd/Ts X e(n) k d = 256 x Kd/Tg 
Where Tg is the derivative sampling rate. 

6.2.5 Scaling for k. 

Figure f 9 shows the multiplication and output for the integral 
term k,. The use of a 24-bit register for the error terms 
summation gives further scaling: 

Result = k/256 x > e(n)/256 

= K, X T .'. k, = 65536 K, x T 
Where T is the sampling interval 2048/fcLK- 
For a 12-bit output the factors are: 


kp = 16 X Kp, kd = 16 X Kd/Tg and k, = 4096 K , x T. 

If the 32-bit result register overflows into the most significant 
16-bits as a result of a calculation, then all the lower bits are 
set high to give a predictable saturated output. 

6.3 AN EXAMPLE OF A TRAJECTORY CALCULATION 

Problem: Determine the trajectory parameters for a motor 
move of 500 revolutions in 1 minute with 15 seconds of 
acceleration and deceleration respectively. Assume the op¬ 
tical incremental encoder used has 500 lines. 

The LM628/629 quadrature decoder gives four counts for 
each encoder line giving 2000 counts per revolution in this 
example. The total number of counts for this position move is 
2000 X 500 = 1,000,000 counts. 

By definition, average velocity during the acceleration and 
deceleration periods, from and to zero, is half the maximum 
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6.0 Theory (Continued) 


velocity. In this example, half the total time to make the move 
(30 seconds) is taken by acceleration and deceleration. Thus 
in terms of time, half the move is made at maximum velocity 
and half the move at an average velocity of half this maxi¬ 


mum. Therefore, the combined distance traveled during ac¬ 
celeration and deceleration is half that during maximum 
velocity or Vs of the total, or 333,333 counts. Acceleration 
and deceleration takes 166,667 counts respectively. 


2 e(n) 24 bits [ 


Result register r 
32 bits I 


FIGURE 19. Scaling for 


166,667 COUNTS- 


- 666,667 COUNTS- 


166,667 COUNTS- 



MAXIMUM VELOCITY 

EQUAL RATES 
OF ACCELERATION 
AND DECELERATION 


AVERAGE VELOCITY 
DURING ACCELERATION 
AND DECELERATION 
EQUALS 1/2 MAXIMUM VELOCITY 



STOPPING POSITION 
IS INTEGRAL OF 
TRAPEZOID AND 
EQUALS 

500 REVOLUTIONS 
(1,000,000 COUNTS) 


TIME (SECONDS) 


FIGURE 20. Trajectory Calculation Example Profile 


The time interval used by the LM628/629 is the sample 
interval which is 256 ps for a fcLK of 8 MHz. 

The number of sample periods in 15 seconds = 15s/ 256 ps 
= 58,600 samples 

Remembering that distance s = at^/2 is traveled due to 
acceleration 'a' and time't'. 

Therefore acceleration a = 2S/t^ 

= 2 X 166,667/58,600 
= 97.1 X 10"® counts/sample ^ 
Acceleration and velocity values are entered into LM628/629 
as a 32-bit integer double-word but represents a 16-bit inte¬ 
ger plus 16-bit fractional value. To achieve this acceleration 
and velocity decimal values are scaled by 65536 and any 
remaining fractions discarded. This value is then converted 
to hex to enter into LM628 in four bytes. 

Scaled acceleration a = 97.1 x 10“®x 65536 

= 6.36 decimal = 00000006 hex. 
The maximum velocity can be calculated in two ways, either 
by the distance in counts traveled at maximum velocity 


divided by the number of samples or by the acceleration 
multiplied by the number of samples over acceleration dura¬ 
tion, as follows; 

Velocity = 666,667/117,200 = 97.1 x 10"® x 58,600 
= 5.69 counts/sample 

Scaled by 65536 becomes 372,899.8 decimal = 0005B0A3 
hex. 

Inputting these values for acceleration and velocity with the 
target position of 1,000,000 decimal, 000F4240 hex will 
achieve the desired velocity profile. 

7.0 Questions and Answers 

7.1 THE TWO MOST POPULAR QUESTIONS 
Why doesn’t the motor move, I’ve loaded filter param¬ 
eters, trajectory parameters and issued Update Fiiter, 
UDF, and Start, STT, commands? 

Answer: The most like cause is that a stop bit (one of bits 8, 
9 or 10 of the trajectory control word) has been set in error. 
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7.0 Questions and Answers 

(Continued) 

supposedly to cause a stop in position mode. This is unnec¬ 
essary, in position mode the trajectory stops automatically at 
the target position, see Section 3.3. 

Can acceleration be changed on the fly? 

Answer: No, not directly and a command error interrupt will 
be generated when STT is issued if acceleration has been 
changed. Acceleration can be changed if the motor is turned 
off first using bit 8 of the Load Trajectory Parameter, LTRJ, 
trajectory control word, see Section 4.6.1. 

7.2 MORE ON ACCELERATION CHANGE 

What happens at restart if acceleration is changed with 
the motor drive off and the motor is still moving? 

Answer: The trajectory generation starting position is the 
actual position when the STT command is issued, but as¬ 
sumes that the motor is stationary. If the motor is moving the 
control loop will attempt to bring the motor back onto an 
accelerating profile, producing a large error value and less 
than predictable results. The LM628/629 was not designed 
with the intention to allow acceleration changes with moving 
motors. 

is there any way to change acceleration? 

Answer: Acceleration change can be simulated by making 
many small changes of maximum velocity. For instance if a 
small velocity change is loaded, using LTRJ and STT com¬ 
mands, issuing these repeatedly at predetermined time in¬ 
tervals will cause the maximum velocity to increment produc¬ 
ing a piecewise linear acceleration profile. The actual 
acceleration between velocity increments remains the same. 

7.3 MORE ON STOP COMMANDS 

What happens if the on-going trajectory is stopped by 
setting LTRJ control word bits 9 or 10, stop abruptly or 
stop smoothly, and then restarted by issuing Start, STT? 

Answer: While stopped the motor position will be held by the 
control loop at the position determined as a result of issuing 
the stop command. Issuing STT will cause the motor to 
restart the trajectory toward the original target position with 
normal controlled acceleration. 

What happens if the on-going trajectory is stopped by 
setting LTRJ control word bit 8, motor-off? 

Answer: The LM628’s DAC output is set to mid-scale, this 
puts zero volts on the motor which will still have a dynamic 
braking effect due to the commutation diodes. The LM629’s 
PWM output sets the magnitude output to zero with a similar 
effect. If the motor freewheels or is moved the desired and 
actual positions will be the same. This can be verified using 
the RDDP and RDRP commands. When Start, STT, is is¬ 
sued the loop will be closed again and the motor will move 
toward the original trajectory from the actual current position. 
If the motor is off, how can the control loop be closed 
and the motor energized? 

Answer: Simply by issuing the Start, STT command. If any 
previous trajectory has completed then the motor will be held 
in the current position. If a trajectory was in progress when 
the motor-off command was issued then the motor will re¬ 
start and move to the target position in position mode, or 
resume movement in velocity mode. 


7.4 MORE ON DEFINE HOME 

What happens if the Define Home command, DFH, is 
issued while a current trajectory is in progress? 

Answer: The position where the DFH command is issued is 
reset to zero, but the motor stili stops at the original position 
commanded, i.e., the position where DFH is issued is sub- 
stracted from the original target position. 

Does issuing Define Home, DFH, zero both the trajectory 
and position register? 

Answer: Yes, use Read Real Position, RDRP, and Read 
Desired Position, RDDP to verify. 

7.5 MORE ON VELOCITY 

Why is a command error interrupt generated when in¬ 
putting negative values of relative velocity? 

Answer: Because the negative relative velocity would cause 
a negative absolute velocity which is not allowed. Negative 
absolute values of velocity imply movement in the negative 
direction which can be achieved by inputting a negative 
position value or in velocity mode by not setting bit 12. 
Similarly negative values of acceleration imply deceleration 
which occurs automatically at the acceleration rate when the 
LM628/629 stops the motor in position mode or if making a 
transition from a higher to a lower value of velocity. 

What happens in velocity (or position) mode when the 
position range is exceeded? 

Answer: The position range extends from maximum negative 
position hex'COOOOOOO' to maximum positive position 
hex'3FFFFFFF' using a 32-bit double word. Bit 31 is the 
direction bit, logic 0 indicates forward direction, bit 30 is the 
wraparound bit used to control position over-range in veloc¬ 
ity (or position) mode. 

When the position increases past hex'3FFFFFFF' the wrap¬ 
around bit 30 is set, which also sets the wraparound bit in the 
Status byte bit 4. This can be polled by the host or optionally 
used to interrupt the host as defined by the MSKI com¬ 
mands. Essentially the host has to manage wraparound by 
noting its occurrence and resetting the Status byte wrap¬ 
around bit using the RSTI command. When the wraparound 
bit 30 is set in the position register so is the direction bit. This 
means one count past maximum positive position 
hex'3FFFFFFF' moves the position register onto the maxi¬ 
mum negative position hex'COOOOOOO'. Continued increase 
in positive direction causes the position register to count up 
to zero and back to positive values of position and on toward 
another wraparound. 

Similarly when traveling in a negative direction, using two’s 
complement arithmetic, position counts range from 
hex'FFFFFFF' (-1 decimal) to the maximum negative posi¬ 
tion of hex'COOOOOOO'. One more negative count causes the 
position register to change to hex'3FFFFFFF', the maximum 
positive position. This time the wraparound bit 30 is reset, 
causing the wraparound bit 4 of the status byte to be set. 
Also the direction bit 31 is reset to zero. Further counts in the 
negative direction cause the position register to count down 
to zero as would be expected. With management there is no 
reason why absolute position should be lost, even when 
changing between velocity and position modes. 
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7.0 Questions and Answers 

(Continued) 

7.6 MORE ON USE OF COMMANDS 
If filter parameter and trajectory commands are pipe¬ 
lined for synchronization of axes, can the Update Filter, 
UDF, and Start, STT, commands be issued consecu¬ 
tively? 

Answer: Yes. 

Can commands be issued between another command 
and its data? 

Answer: No. 

What is the response time of the set breakpoint com¬ 
mands, SBPA and SBPR? 

Answer: There is an uncertainty of one sample interval in the 
setting of the breakpoint bit 6 in the Status Byte in response 
to these commands. 

What happens when the Set Index Position, SIP, com¬ 
mand is issued? 

Answer: On the next occurrence of all three inputs from the 
position encoder being low the corresponding position is 
loaded into the index register. This can be read with the 
Read Index Position command, RDIP. Bit 0 of the Read 
Signals register, shows when an SIP command has been 
issued but the index position has not yet been acquired. 
RDSIGS command accesses the Read Signals Register. 
What happens if the motor is not able to keep up with 
the specified trajectory acceleration and velocity val¬ 
ues? 

Answer: A large, saturated, position error will be generated, 
and the control loop will be non-linear. The acceleration and 
velocity values should be set within the capability of the 
motor. Read Desired and Real Position commands, RDDP 
and RDRP can be used to determine the size of the error. 
The Load Position Error commands, for either host Interrupt 
or motor Stopping, LPEI and LPES, can be used to monitor 
the error size for controlled action where safety is a factor. 
When is the command error bit 1 in the Status Byte set? 
Answer: 

1. When an acceleration change is attempted when the 
motor is moving and the drive on. 

2. When loading a relative velocity would cause a negative 
absolute velocity. 

3. Incorrect reading and writing operations generally. 


What does the trajectory complete bit 2 in the Status 
Byte indicate? 

Answer: That the trajectory loaded by LTRJ and initiated by 
STT has completed. The motor may or may not be at this 
position. Bit 2 is also set when the motor stop commands are 
executed and completed. 

What do the specified minimum and maximum values of 
velocity mean in reality? 

Answer: Assume a 500 line encoder = 1/2000 revs/count is 
used. 

The maximum LM628/629 velocity is 16383 counts/sample 
and for a 8 MHz clock the LM628/629 sample rate is 3.9k 
samples/second, multiplying these values gives 32k revs/ 
second or 1.92M rpm. 

The maximum encoder rate is 1M counts/second multiplied 
by 1/2000 revs/count gives 500 revs/second or 30k rpm. The 
encoder capture rate therefore sets the maximum velocity 
limit. 

The minimum LM628/629 velocity is 1/65536 counts/sample 
(one fractional count), multiplying this value by the sample 
rate and encoder revs/count gives 30 x 10“® revs/second or 
1.8 X 10 rpm. 

The LM628 provides no limitation to practical values of ve¬ 
locity. 

How long will it take to get to position wraparound in 
velocity mode traveling at 5000 rpm with a 500 line 
encoder? 

Answer: 107 minutes. 

8.0 References and Further 
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LM2825 Application 
Information Guide 


National Semiconductor 
Application Note 1038 
Luc Van de Perre 



Introduction 

The LM2825 is a complete 1A DC-DC buck converter pack¬ 
aged in a 24-lead molded dual-in-line integrated circuit pack¬ 
age. 

Contained within the package are all the active and passive 
components for a high efficiency step-down (buck) switching 
regulator. Available in fixed output voltages of 3.3V, 5V, 12V 
and adjustable version, these devices can provide up to 1A 
of load current with fully guaranteed electrical specifications. 
This application note is intended to provide the user of this 
device with all the information and applications necessary to 
use the part in its fullest extent. 

The following topics are covered: 

• Pin functions 

• Input capacitor selection 

• Output ripple voltage and transients 

• Start-up considerations including use of Shutdown/ 
Soft-start feature 

• Application circuits 

• Thermal considerations and board layout 

Pin Functions (See Figure 1) 

Input (pin 16-21)—This is the positive input supply for the 
switching regulator. If the main bypass capacitor is more 
than 6 inches away from the device, a suitable input bypass 
capacitor must be present at this pin to minimize voltage 
transients and to supply the switching currents needed by 
the regulator. See additional information in “Input Capacitor 
Selection” section. 

Ground (pin 1,2,11,12,23)—Circuit ground. See additional 
information in “Thermal Considerations and Board Layout” 
section. 

Output (pin 4-8)—This is the regulated positive output from 
the switching regulator. See additional information in “Output 
Ripple Voltage and Transient” and “Thermal Considerations 
and Board Layout” section. 

Shutdown/Soft-start (pin 13, 14)—This dual function pin 
provides the following features: (a) Allows the switching 
regulator circuit to be shut down using logic level signals 
thus dropping the total input supply current to approximately 
65 pA. (b) Adding a capacitor to this pin provides a Soft-start 
feature which minimizes startup current and provides a con¬ 
trolled ramp up of the output voltage. See additional infor- 
mation in “Start-up Considerations including use of 
Shutdown/Soft-start feature” section. 

NC (Do not use) (pin 3, 9, 10, 15, 22, 24)—These pins 
should remain electrically isolated. Do not connect any sig¬ 
nal to these pins. The only reason to connect these pins to 
the PCB IS for reduced thermal resistance. See additional 
information in “Thermal Considerations and Board Layout” 
section. 

Special Note: If the Shutdown/Soft-start feature is not used, 
the pin should be left open. The internal pull-up current will 
make sure that the device is ON. 



FIGURE 1. Connection Diagram 


Input Capacitor Selection 

If the package is more than 6" away from the main filter or 
bypass capacitor, a low ESR (Equivalent Series Resistance) 
aluminum or tantalum input capacitor is required between 
the input pin and ground pin. This input capacitor prevents 
large voltage transients from appearing at the input, and 
provides the instantaneous current needed each time the 
switch turns on. 

The important parameters for the input capacitor are the 
voltage rating and the RMS current rating. Because of the 
relatively high RMS currents flowing in a buck regulator’s 
input capacitor, this capacitor should be chosen for its RMS 
current rating rather than its capacitance or voltage ratings, 
although the capacitance value and voltage rating are di¬ 
rectly related to the RMS current rating. 

The RMS current rating of a capacitor could be viewed as a 
capacitor’s power rating. The RMS current flowing through 
the capacitor’s internal ESR produces power which causes 
the internal temperature of the capacitor to rise. The RMS 
current rating of a capacitor is determined by the amount of 
current required to raise the internal temperature approxi¬ 
mately 10°C above an ambient temperature of 105°C. The 
ability of the capacitor to dissipate this heat to the surround¬ 
ing air will determine the amount of current the capacitor can 
safely sustain. Capacitors that are physically large and have 
a large surface area will typically have higher RMS current 
ratings. For a given capacitor value, a higher voltage elec¬ 
trolytic capacitor will be physically larger than a lower voltage 
capacitor, which will allow it to dissipate more heat to the 
surrounding air, and therefore will have a higher RMS cur¬ 
rent rating. 

The consequences of operating an electrolytic capacitor 
above the RMS current rating is a shortened operating life. 
The higher temperature speeds up the evaporation of the 
capacitor’s electrolyte, resulting in eventual failure. 




9-89 


WWW national.com 


AN-1038 




AN-1038 


Input Capacitor Selection (Continued) 

Selecting an input capacitor requires consulting the manu¬ 
facturer’s data sheet for maximum allowable RMS ripple 
current. For a maximum ambient temperature of 40°C, a 
general guideline would be to select a capacitor with a ripple 
current rating of approximately 50% of the DC load current. 
For ambient temperatures up to 70°C, a current rating of 
75% of the DC load current would be a good choice for a 
conservative design. If you want a more accurate number for 
the current rating, you can use the following formulas: 


'CAP 


Al 


RMS 




OUT 


- D * I 


OUT 


12 ^ 


(^IN ” ^SAt) ^ 


SATi 


LOAD 


10.2 
^^OUT ■ 


“ ^SAt) (^OUT 


The capacitor voltage rating must be at least 1.25 times 
greater than the maximum input voltage, and often a much 
higher voltage capacitor is needed to satisfy the RMS cur¬ 
rent requirements. 

The graph shown in Figure 2 sho\Ns the relationship between 
a electrolytic capacitor value, its voltage rating, and the RMS 
current it is rated for. These curves were obtained from the 
Nichicon series of low ESR, high reliability electrolytic ca¬ 
pacitors designed for switching regulator applications. Other 
capacitor manufacturers offer similar types of capacitors. 



CAPACITOR VOLTAGE RATING (V) 


01267803 


FIGURE 2. RMS Current Ratings for Low ESR 
Electrolytic Capacitors (typical) 

Standard electrolytic capacitors typically have much higher 
ESR values, lower RMS current ratings and typically have a 
shorter operating lifetime, compared to low ESR electrolytic 
capacitors. 

Surface mount solid tantalum capacitors are often used for 
input bypassing, because of their small size and excellent 
performance. However, several precautions must be ob¬ 
served. A small percentage of solid tantalum capacitors can 
short if the inrush current rating is exceeded. High dV/dt 
applied at the input can cause excessive charge current 
through low ESR tantalum capacitors. This high charge cur¬ 


rent can result in shorting within the capacitor. Several ca¬ 
pacitor manufacturers do a 100% surge current testing on 
their products to minimize this potential problem. If high 
start-up currents are expected, it may be necessary to limit 
this current by adding either some resistance or inductance 
before the tantalum capacitor, or select a higher voltage 
capacitor. As with aluminum electrolytic capacitors, the RMS 
ripple current rating must be sized to the load current. 

An aluminum electrolytic capacitor’s ESR value is related to 
the capacitance value and its voltage rating. In most cases, 
higher voltage electrolytic capacitors have lower ESR values 
(see Figure 3). To provide the low ESR values and the high 
RMS current ratings, a high voltage capacitor may be 
needed. 
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FIGURE 3. Capacitor ESR vs Capacitor Voltage Rating 
(Typical Low ESR Electrolytic Capacitor) 

Electrolytic capacitors are not recommended for tempera¬ 
tures below -25°C. The ESR rises dramatically at cold tem¬ 
peratures and typically rises 3X @ -25°C and as much as 
10X at -40°C (see Figure 4). Fortunately, in an application 
circuit, the current flowing through the capacitor will warm up 
the capacitor, so the ESR will decrease somewhat. 

Solid tantalum capacitors have a much better ESR for cold 
temperatures and are recommended for temperatures below 
-25°C. 



TEMPERATURE (°C) 
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FIGURE 4. Capacitor ESR Changes vs Temperature 

For a through hole design, an electrolytic capacitor (Pana¬ 
sonic HFQ series or Nichicon PL series or equivalent) would 
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Input Capacitor Selection (Continued) 

be adequate. Other types or other manufacturers capacitors 
can be used provided the RMS ripple current ratings are 
adequate. 

For surface mount designs, solid tantalum capacitors can be 
used, but caution must be exercised with regard to the 
capacitor surge current rating. The TPS series available from 
AVX, and the 593D series from Sprague are both surge 
current tested. 

Use caution when using ceramic capacitors for input bypass¬ 
ing, because it may cause severe ringing at the V|n pm 

Output Voltage Ripple and 
Transients 

The output voltage of a switching power supply operating in 
the continuous mode will contain a sawtooth ripple voltage at 
the switcher frequency, and may also contain short voltage 
spikes at the peaks of the sawtooth waveform. The LM2825 
switching power supply will operate in continuous mode 
when the load current is 0.25A or greater. 

A typical output ripple voltage can range from approximately 
0.5% to 3% of the output voltage. If very low output ripple 
voltage is needed (less than 15 mV), a post ripple filter is 
recommended (See Figures 5, 6). The inductance required 
is typically between 2 pH and 3 pH, with low DC resistance, 
to maintain good load regulation. 

A 47 pF capacitor is used to maintain low output impedance 
and good transient response. A smaller capacitor can be 
used if the load does not require these characteristics. 

Post Ripple Filter 
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FIGURE 5. Post Ripple Filter 

The photo shown in Figure 6 shows a typical output ripple 
voltage, with and without a post ripple filter. 



2 ps/div 


01267807 

FIGURE 6. Post Ripple Filter Waveform 

The voltage spikes are caused by the fast switching action of 
the switch, the diode, and the parasitic inductance of the 
output filter capacitor, which are all inside the LM2825 Wir¬ 
ing inductance, stray capacitance, as well as impedance of 
the scope probe used to evaluate these transients, will con¬ 
tribute to the amplitude of these spikes. 

When observing output ripple on an oscilloscope, it is essen¬ 
tial that a short, low inductance scope probe ground connec¬ 
tion be used (see also “Thermal Considerations and Board 
Layout” section) Most scope probe manufacturers provide a 
special probe terminator which is soldered onto the regulator 
board, preferably at the output capacitor This provides a 
very short scope ground thus eliminating the problems as¬ 
sociated with the 3 inch ground lead normally provided with 
the probe, and provides a much cleaner and more accurate 
picture of the ripple voltage waveform. 

When the device is operating in the continuous mode, the 
inductor current waveform ranges from a triangular to a 
sawtooth type of waveform (depending on the input voltage). 
For a given input and output voltage, the peak-to-peak am¬ 
plitude of this inductor current waveform remains constant 
As the load current increases or decreases, the entire saw¬ 
tooth current waveform also rises and falls. The average 
value (or the center) of this current waveform is equal to the 
DC load current. 

If the load current drops to a low enough level, the bottom of 
the sawtooth current waveform will reach zero, and the 
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Output Voltage Ripple and 
Transients (Continued) 

switcher will smoothly change from a continuous to a discon¬ 
tinuous mode of operation. The LM2825 will run discontinu¬ 
ous if the output is lightly loaded. This is a perfectly accept¬ 
able mode of operation. 

Start-Up Considerations, inciuding 
Use of Shutdown/Soft-Start 
Feature 

NORMAL START-UP 

Under normal operating conditions, the LM2825 can require 
large input currents during start-up. Figure 7 shows that the 
input current reaches a peak of almost 2A with only 250 mA 
load current. The output voltage comes up in approximately 
400 ps. Although the input peak current and the output 
voltage transient can be very high, for most conditions, the 
device will start-up without problems. 


Output 

Voltage 


Input 

Current 


( 



FIGURE 7. Output Voltage and 
Input Current during Start-Up 

However, some power supplies can’t deliver these high 
start-up currents, which may cause the device to have diffi¬ 
culties during start-up. 


CIRCUMSTANCES THAT MAY CAUSE DIFFICULTY IN 
START-UP 

The LM2825 will have difficulties starting when the voltage 
applied to the input of the device has a high dV/dt and is 
used under the following conditions: 

• High input voltage (> 20V) 
and/or 

• High temperature (Tj > 75°C) 

Because of the high start-up currents needed at the input 
under these conditions, the device goes into second stage 
current limit (oscillator frequency decreases, output voltage 
drops) and it can’t get out of this state. The start-up current 
is calculated as follows: 


dl = ((V,N - Vout)/L) * dt 

For Example: 

V,N = 35V 

Vqjj-]- == 5V (desired) 

Iqut = "IA 

fosc = 150 kHz->dt = 6.67 ps 
L = 68 pH 

When the device is turned on, the output is OV, so the duty 
cycle wants to go to its maximum. The initial current ramp is: 
dl = ((35V - OV/68 pH) * 6.67 ps 
dl = 3.43A 

The higher the input voltage the higher the dl. Since the 
current limit of the LM2825 is 1.4A (typical), the device will go 
into current limit. Figure 9 shows the inductor current wave¬ 
form versus time. The device goes into current limit even 
faster when the inductor saturates. The inductor is designed 
for a maximum of 1.3A. The higher the temperature, the 
faster the inductor saturates, as indicated by the dotted line 
in Figure 9. 

During the OFF time, we get the following: 

dl = ((0.5V + 0V)/68 pH) * small toff 
As a result: dl = very small 

The inductor won’t be able to release the stored energy. 
During the next ON cycle, the current ramps up quickly until 
it hits current limit again. The device can’t get out of this 
state, unless it is reset. 

IMPROVING START-UP BY USING A SOFT-START 
CAPACITOR 

Start-up can be improved by using a Soft-start capacitor. 
Figure 8 shows the range of input voltages, and ambient 
temperatures, where the Soft-start capacitor (Css) 'S re¬ 
quired. This curve is typical for maximum rated output cur¬ 
rent loads and can be used as a guideline. As the output 
current decreases, the operating area requiring a Soft-start 
capacitor decreases. For temperatures above 70°C, you 
typically need a Soft-start capacitor. Capacitor values be¬ 
tween 0.1 pF and 1 pF are recommended. Tantalum or 
ceramic capacitors are appropriate for the application. 



Ambient Temperature (°C) 
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FIGURE 8. Usage of The Soft-Start Capacitor 
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Start-Up Considerations, Including Use of Shutdown/Soft-Start Feature 

(Continued) 




FIGURE 9. Inductor Current and Switch Voltage vs Time, during Current-Limited Start-Up 


A capacitor on the SD/SS pin provides the regulator with a 
Soft-start feature (slow start-up) When the DC input voltage 
is first applied to the regulator, or when the Shutdown/ 
Soft-start pin is allowed to go high, a constant current (ap- 
proximateiy 5 pA begins charging this capacitor As the 
capacitor voltage rises, the regulator goes through four op¬ 
erating regions (see the bottom curve in Figure 10). 
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Start-Up Considerations, inciuding 
Use of Shutdown/Soft-Start 
Feature (Continued) 



TIME DEPENDENT UPON SOFT-START CAPACITOR VALUE 

01267801 


FIGURE 10. Soft-Start and Output Voltage Waveforms 


1 . Regulator In shutdown. When the SD/SS pin voltage is 
between OV and 1.3V, the regulator is in shutdown, the 
output voltage is zero, and the iC quiescent current is 
approximateiy 65 pA. 

2. Regulator ON, but the output voltage is zero. With 
the SD/SS pin voltage between approximately 1.3V and 
1.8V, the internal regulator circuitry is operating, the 
quiescent current rises to approximately 5 mA, but the 
output voltage is still zero. Also, as the 1.3V threshold is 
exceeded, the Soft-start capacitor charging current de¬ 
creases from 5 pA down to approximately 1.6 pA. This 
decreases the slope of capacitor voltage ramp. 

3. Soft-start Region. When the ^/SS pin voltage is be¬ 
tween 1.8V and 2.8V (@ 25°C), the regulator is in a 
Soft-start condition. The output (pin 4-8) duty cycle 
initially starts out very low, with narrow pulses and 
gradually get wider as the capacitor SD/SS pin ramps up 
towards 2.8V. As the duty cycle increases, the output 
voltage also increases at a controlled ramp up. See the 
top curve in Figure 10. The input supply current require¬ 
ment also starts out at a low level for the narrow pulses 
and ramp up in a controlied manner. This is a very usefui 
feature in some switcher topologies that require large 
startup currents which can load down the input power 
supply. 

Note that the lower curve shown in Figure 10 shows the 
Soft-start region from 0% to 100%. This is not the duty 
cycle percentage, but the output voltage percentage. 
Also, the Soft-start voltage range has a negative tem¬ 
perature coefficient associated with it. 

4. Normal operation. Above 2.8V, the circuit operates as a 
standard Pulse Width Modulated switching regulator. 
The capacitor will continue to charge up until it reaches 
the internal clamp voltage of approximately 7V. 

The circuit of Figure 11 shows the LM2825 with the 
Shutdown/Soft-start feature, using different logic signals to 
shutdown the device, while allowing the use of Soft-start. 
When the regulator is shutdown, the quiescent current is 
typically reduced to 65 pA. 


Input Voltage 
+ 40V (Max) 


Shutdown Input 





LM2825-5.0 


I OUTPUT 


SHUTDOWN/ 

SOFT-START 


0.1 mf: 


Output Voltage 
+ 5V@1A 
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FIGURE 11. Typical Circuits Using Shutdown/Soft-Start Features 
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Start-Up Considerations, inciuding 
Use of Shutdown/Soft-Start 
Feature (Continued) 

The plots in Figures 12, 13 show the effect of Soft-start on 
the output voltage and the input current, with and without a 
Soft-start capacitor. The reduced input current required at 
startup IS very evident when comparing the two plots. The 
Soft-start feature reduces the startup current from almost 2A 
down to several hundred mA (V|n = 10V, Vqut = 5V and 
'load = 250 mA, Css = 0.1 pF). and delays and slows down 
the output voltage rise time. 
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FIGURE 12. Output Voltage and Input 
Current at Start-Up, with Soft-Start 
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FIGURE 13. Output Voltage and Input 
Current at Start-Up, without Soft-Start 

This reduction in start-up current is useful in situations where 
the input power source is limited in the amount of current it 
can deliver. 


If a very slow output voltage ramp is desired, a larger 
Soft-start capacitor can be used. Many seconds or even 
minutes are possible. The Start-up time can be estimated to 
be: 

At = (Css) (2x10®) sec 

This is the time between applying the Input voltage and the 
output reaching its nominal voltage. 

If this pin is driven from a voltage source, the current must be 
limited to about 1 mA. 

Undervoltage Lockout 

Some applications require that the regulator remains OFF 
until the input voltage reaches a predetermined voltage. An 
example of an undervoltage lockout is shown in Figure 14. 
The zener diode establishes the threshold voltage when the 
device begins operating. When the input voltage i s less than 
the zener voltage, resistors R1 and R2 hold the Shutdown/ 
Soft-start pin low, keeping the device in the shutdown mode. 
As the input voltage exceeds th e zener voltage, the zener 
conducts, pulling the Shutdown/Soft-start pin high, allowing 
the LM2825 to begin switching. The threshold voltage for the 
undervoltage lockout feature is approximately 1.5V greater 
than the zener voltage. 



01267814 


FIGURE 14. Undervoltage Lockout Circuit 

This solution is cheap and simple, but at the same time, the 
precision is low. If you want a high precision undervoltage 
lockout circuit. Figure 15 gives you a better solution. 

For a predetermined input voltage, resistor R1 can be cal¬ 
culated with the following equation: 

5 Ti _^3_ 

^ ■ L U|, R3 . R, . R,JJ 

7 1.225 

V V„ ■ Rj + R, + R5/ 

The schematic and equation will provide a hysteretic under¬ 
voltage lockout circuit design. The hysteresis band is ap¬ 
proximately 10 mV. 

Once the circuit has been incorporated with the complete 
power supply and powered circuitry, the values of R1, R2, 
R3, R4, and R5 can be optimized. 
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Undervoltage Lockout (Continued) 



FIGURE 15. Precision Undervoltage Lockout Circuit 


Inverting Regulator 

The circuit in Figure 75 converts a positive input voltage to a 
negative output voltage with a common ground. The circuit 
operates by bootstrapping the regulator’s ground pin to the 
negative output voltage, then grounding the output pin, the 
regulator senses the inverted output voltage and regulates it. 
This example uses the LM2825-5.0 to generate a -5V out¬ 
put, but other output voltages are possible by selecting other 
output voltage versions, including the adjustable version. 
Since this regulator topology can produce an output voltage 
that is either greater than or less than the input voltage, the 
maximum output current greatly depends on both the input 
and output voltage. The curve shown in Figure 7 7 provides a 
guide as to the amount of output load current possible for the 
different input and output voltage conditions. 

The maximum voltage appearing across the regulator is the 
absolute sum of the input and output voltage, and this must 


be limited to a maximum of 40V. For example, when convert¬ 
ing -I-20V to -12V, the regulator would see 32V between the 
input pin and ground pin. The LM2825 has a maximum input 
voltage spec of 40V. 

Additional diodes are required in this regulator configuration. 
Diode D1 is used to isolate input voltage ripple or noise from 
coupling through the 0,^ capacitor to the output, under light 
or no load conditions. Also, this diode isolation changes the 
topology to closley resemble a buck configuration thus pro¬ 
viding good closed loop stability. A Schottky diode is recom¬ 
mended for low input voltages, (because of its lower voltage 
drop) but for higher input voltages, a fast recovery diode 
could be used. 

Without diode D2, when the input voltage is first applied, the 
charging current of C,n can pull the output positive by sev¬ 
eral volts for a short period of time. Adding D2 prevents the 
output from going positive by more than a diode voltage. 
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FIGURE 16. Inverting Regulator 
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Inverting Regulator (Continued) 




FIGURE 17. Inverting Regulator Typical Load Current 

This type of inverting regulator can require relatively large 
amounts of input current when starting up, even with light 
loads. Input currents as high as the LM2825 current limit 
(approx 1.4A) are needed for at least 2 ms or more, until the 
output reaches its nominal output voltage. The actual time 
depends on the output voltage. Input power sources that are 
current limited or sources that can not deliver these currents 
without getting loaded down, may not work correctly. Be¬ 
cause of the relatively high startup currents required by the 
inverting topology, the Soft-start feature shown in Figure 16 
is recommended. 

Also shown in Figure 16 are several shutdown methods for 
the inverting configuration. With the inverting configuration, 
some level shifting is required, because the ground pin of the 
regulator is no longer at ground, but is now at the negative 
output voltage. The shutdown methods shown accept 
ground referenced shutdown signals. 

Figures 18, 19 apply the undervoltage lockout feature to an 
inverting circuit. Figure 18 features a constant threshold 
voltage for turn ON and turn OFF (zener voltage plus ap¬ 
proximately one volt). Since the SD/SS pin has an internal 
7V zener clamp, R2 is needed to limit the current into this pin 
to approximately 1 mA when 01 is on. If hysteresis is 
needed, the circuit in Figure 19 has a turn ON voltage which 
IS different than the turn OFF voltage. The amount of hyster¬ 
esis IS approximately equal to the value of the output volt¬ 
age. 


FIGURE 18. Undervoltage Lockout Without 
Hysteresis for an Inverting Regulator 



FIGURE 19. Undervoltage Lockout With 
Hysteresis for an Inverting Regulator 


Thermal Considerations and Board 
Layout 

For best thermal performance, wide copper traces (several 
mm’s) should be used. Pins should be soldered to generous 
amounts of printed circuit board copper (except for the No 
Connect (NC) pins). Large areas of copper provide the best 
transfer of heat (lower thermal resistance) to the surrounding 
air, and even double sided or multilayer boards provide a 
better heat path to the surrounding air. Unless power levels 
are small, sockets are not recommended because of the 
increased thermal resistance and the resultant higher junc¬ 
tion temperatures. 
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Thermal Considerations and Board 
Layout (Continued) 

Figure 20 shows 0JA for different PCB areas and two differ¬ 
ent output power levels. 



0 12 3 4 5 6 7 

Printed Circuit Board Area (in^) 
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FIGURE 20. 0JA vs Board Area for 2 Output Power 
Levels 

Figure 21 shows the effect of forced air on The higher 
the windspeeds, the less influence the board area has. 
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Printed Circuit Board Area (in^) 
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FIGURE 21. 6ja vs Board Area for 3 Windspeed Levels 

Package thermal resistance numbers are all approximate, 
and there are many factors that will affect the junction tem¬ 
perature. Some of these factors include board size, shape, 
thickness, position, location, and even board temperature. 
Other factors are, trace width, printed circuit copper area, 
copper thickness, single- or double-sided, multilayer board, 
and the amount of solder on the board. 

For best ripple performance, use pin 23 as the input GND 
and pin 11 and 12 as the output GND for minimum spikes at 
the output. If you can, avoid using pins 1,2 and 23 as output 
GND pins. Figure 22 shows the PCB layout which gives you 
the smallest spikes at the output voltage. 

When you measure the output ripple voltage with a 
scopeprobe (see also “Output Ripple Voltage and Tran¬ 
sients” section), it makes a difference where you connect the 
ground of the probe. Photo a) in Figure 23, shows the output 
voltage ripple when the ground is connected to pin 1, 2 
or/and 23. Photo b) shows the same thing when the ground 
is connected to pin 11 and 12. So, for a better ac perfor¬ 
mance, it is better to connect the ground of your power 
supply to pin 23 and the ground of your system electronics to 
pin 11 and 12. 
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Introduction 

A printed circuit board (PCB) has been developed. This 
application note contains information about the board. 

General Description 

The LM2650 evaluation board is provided as a tool for 
developing DC/DC converters based on the LM2650 IC. It is 
configured for single-output, step-down DC/DC converters. 
Figure f is a complete schematic of the board which can 
accommodate up to 28 components including the LM2650. 
Table ) is a complete list of pads for placing components. 
Note: Not all applications will require the placement of all 28 
components. The number of components placed depends 
on the requirements of the application and the use of fea¬ 
tures like programmable soft-start. The LM2650 evaluation 
board is intended to be a reusable tool on which many 
different converters meeting the requirements of many dif¬ 
ferent applications can be built. It is not intended to demon¬ 
strate only one application of the LM2650. 


For convenience, a sample of the LM2650 and eight other 
components have been assembled: a 0.1 pF capacitor at 
each of Cl, C2, C6, and CB, a 0.2 pF capacitor at CVDD, a 
0.01 pF capacitor at CSS, a 24.9 kQ resistor at R2, and a Oil 
resistor at R4. Of the eight, the first seven are common to 
many applications, and the last is simply a jumper grounding 
the SYNC input. When the synchronization feature is not 
being used, the SYNC input should be grounded. 

Example Circuits 

The components contained in Tables 2,3, and 4 can be used 
to build typical application circuits. As with the design of any 
DC/DC converter, the design of these involved tradeoffs 
between efficiency, size, and cost. The converters detailed in 
Table 2 were designed with efficiency as the number one 
criteria. Those detailed in Table 4 trade slightly higher switch¬ 
ing losses for a much smaller inductor. 



FIGURE 1. The LM2650 Evaluation Board Rev. 1 Schematic 


Thermal Performance 

The 24-lead SO package is a molded plastic package with a 
solid copper lead frame. Most of the heat generated at the 
die flows through the lead frame into the 3-ounce copper 
planes on the board. The board then acts as a heat sink. The 
junction-to-ambient thermal resistance of the packaged IC 
mounted on the board has been measured to be 38°C/\N, 37 
°C/W, and 35 °CA/V for the dissipation of 1 .OW, 1.5W, and 


2.0W respectively. These measurements were made in still 
air. The junction-to-ambient thermal resistance of the pack¬ 
aged IC alone in still air is 78°C/W. The board is 0.063" thick 
FR-4 material. 

Art 

Figure 2 through Figure 4 show the PCB art work. 
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TABLE 1. A Complete List of Pads for Placing Components 

Label 

# 

Notes 

U1 

1 

For placing the LM2650. 

C1, C2, C3, and C4 

4 

Capacitors placed here filter high-frequency switching noise from the input power rail. 

C5 

0 

These pads should not be labeled with a C. No component is placed here. They can be 
used to ground the SLEEP LOGIC input. The pad connected to the SLEEP LOGIC pin 
can be used to pull the input up 

C6 

1 

A capacitor placed here also filters high-frequency switching noise from the input power 
rail but at the VIN rail, the rail used by the signal-level circuits inside the 1C. 

C9 

1 

Usuaily no component is placed here. A capacitor might be placed here for loop 
compensation purposes, but most applications don’t use it. 

C10 

1 

A capacitor is placed here for loop compensation purposes. 

CB 

1 

The bootstrap capacitor is placed here. 

CC 

1 

A capacitor is placed here for loop compensation purposes. This capacitor and an internal 
6.5 kQ resistor create an integrator pole. 

CIN1 and CIN2 

2 

The bulk input capacitors are placed here. 

C0UT1, C0UT2, and C0UT3 

3 

The output filter capacitors are placed here. 

CSS 

1 

A capacitor placed here programs the soft-start interval. 

CVDD 

1 

A capacitor placed here bypasses the output of the VDD regulator. 

LI 

1 

The inductor is placed here. 

R1 

1 

One of the feedback resistors is placed here. 

R2 

1 

The other feedback resistor is placed here. 

R3 

1 

A resistor is placed here for loop compensation purposes. 

R4 

1 

These pads can be used to ground the SYNC input when the synchronization feature is 
not being used. The pad connected to the SYNC input can be used to connect the 
synchronization signal. The evaluation board has a OQ. jumper placed here to ground the 
SYNC input. 

RC 

1 

A resistor is also placed here for loop compensation purposes. This resistor and the 
capacitor piaced at CC create an integrator zero. 

RFA 

1 

A resistor placed here adjusts the switching frequency up from the nominal 90 kHz. No 
component is placed here for applications switching at 90 kHz. 

RSIA and RSIC 

2 

Resistors placed here program the sleep-in threshold. 

RSOA and RSOC 

2 

Resistors placed here program the sleep-out threshold. 

TABLE 2. Components for Two Typical 90 kHz Application Circuits 

input Voltage 

7 to 18V IN 

Applicable Cell Stacks 

8- to 12-Cell NiCd or NiMH, 3- to 4-Cell Li Ion, 8- to 11-Cell Alkaline, 6-Cell Lead Acid 

Output 

5V, 3A Out 

3.3V, 3A Out 

Input Filter Capacitors Cl, C2, 
and C6 

0.1 pF ceramic chip capacitor 

0.1 pF ceramic chip capacitor 

Bootstrap Capacitor CB 

0.1 pF ceramic chip capacitor 

0.1 pF ceramic chip capacitor 

Soft-start Capacitor CSS 

0.01 pF ceramic chip capacitor 

0.01 pF ceramic chip capacitor 

VDD Bypass Capacitor CVDD 

0.2 pF ceramic chip capacitor 

0.2 pF ceramic chip capacitor 

Input Bulk Capacitors CIN1 
and CIN2 

22 pF, 35V AVX TPS Series or Sprague 593D 
Series tantaium chip capacitor 

22 pF, 35V AVX TPS Series or Sprague 593D 
Series tantalum chip capacitor 

Inductor LI 

40 pH (See Table 3.) 

33 pH (See Table 3.) 

Output Capacitors COUT1, 
COUT2, and COUT3 

220 pF, 10V AVX TPS Series or Sprague 593D 
Series tantalum chip capacitor 

220 pF, 10V AVX TPS Series or Sprague 593D 
Series tantalum chip capacitor 

Feedback Resistors R1 and 

R2 

R1 = 75 ka, 1%, R2 = 24.9 kQ, 1% 

R1 = 41.2 kQ, 1%, R2 = 24.9 kQ, 1% 

Compensation Components 

RC, CC, R3, and C10 

RC = 37.4 kn, CC = 4.7 nF, R3= 3.57 kt2,C10 
= 5.6 nF 

RC = 23.2 ka, CC= 8.2 nF, R3 = 2.0 kQ, CIO 
= 10 nF 
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TABLE 2. Components for Two Typical 90 kHz Application Circuits (Continued) 


Sleep Resistors RSIA and 

RSIA = 33 ka, RSOA = 200 kQ 

RSIA = 39 k^^, RSOA = 130 kQ 

RSOA 




TABLE 3. Toroidal inductors Using Cores from MICROMETALS, INC. 



Core # 

Core Material 

Wire Gauge 

# of Strands 

# of Turns 

15 pH 

T38 

-52 

AWG #23 

1 

21 

20 pH 

T38 

-52 

AWG #23 

1 

25 

33 pH 

T50 

-52 

AWG #21 

1 

41 

40 pH 

T50(B) 

-18 

AWG #21 

1 

41 


TABLE 4. Components for Two Typical 200 kHz Application Circuits 


input Voltage 

7 to 18V IN 

Applicable Ceil Stacks 

8- to 12-Cell NiCd or NiMH, 3- to 4-Cell Li Ion, 8- to 11-Cell Alkaline, 6-Cell Lead Acid 

Output 

5V, 3A Out 

3.3V, 3A Out 

Input Filter Capacitors Cl, C2, 
and C6 

0.1 pF ceramic chip capacitor 

0.1 pF ceramic chip capacitor 

Bootstrap Capacitor CB 

0.1 pF ceramic chip capacitor 

0.1 pF ceramic chip capacitor 

Soft-start Capacitor CSS 

0.01 pF ceramic chip capacitor 

0.01 pF ceramic chip capacitor 

VDD Bypass Capacitor CVDD 

0.2 pF ceramic chip capacitor 

0.2 pF ceramic chip capacitor 

Input Bulk Capacitors CIN1 
and CIN2 

22 pF, 35V AVX TPS Series or Sprague 593D 
Series tantalum chip capacitor 

22 pF, 35V AVX TPS Series or Sprague 593D 
Series tantalum chip capacitor 

Inductor LI 

20 pH (See Table 3.) 

15 pH (See Table 3.) 

Output Capacitors COUT1, 
COUT2, and COUT3 

220 pF, 10V AVX TPS Series or Sprague 593D 
Series tantalum chip capacitor 

220 pF, 10V AVX TPS Series or Sprague 593D 
Series tantalum chip capacitor 

Feedback Resistors R1 and 

R2 

R1 = 75 kQ, 1%, R2 = 24.9 kQ, 1% 

R1 = 41.2 kQ, 1%, R2 = 24.9 kQ, 1% 

Compensation Components 

RC, CC, R3, and CIO 

RC = 53.6 kQ, CC = 2.7 nF, R3= 4.02 kQ, CIO 
= 4.7 nF 

RC = 33.2 kQ, CC= 3.9 nF, R3 = 3.01 kQ, CIO 
= 6.8 nF 

Sleep Resistors RSIA and 
RSOA 

RSIA = 47 ka, RSOA = 200 kO 

RSIA = 47 kQ, RSOA = 91 kQ 

Frequency Adjusting Resistor 
RFA 

RFA = 24.9 kQ 

RFA = 24.9 kQ 
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FIGURE 2. LIVI2650 Evaluation Board Top Silk Screen (Scale 1:1) 



FIGURE 3. LM2650 Evaluation Board Bottom Silk Screen (Scale 1:1) 
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Adjust or Synchronize 
LM2586/88 Switching 
Frequency 

Introduction 

Switching frequency is a very important parameter in switch¬ 
ing power converters. As the switching frequency increases, 
the physical size of magnetic elements and other compo¬ 
nents in the circuit reduce significantly. Switching frequency 
also plays a great role in control loop gain and compensation 
design. Switching frequency determines the maximum allow¬ 
able bandwidth of the control loop. Switching frequency is 
also important parameter for EMI and noise issues. The EMI 
spectrum is a direct function of the switching frequency. 
From the above cited reasons, it can be deduced that a great 
advantage will be gained by having control over the switch¬ 
ing frequency. Simple switcher boost converters are avail¬ 
able in two flavors. While the LM2585 and LM2587 operate 
at a fixed switching frequency of 100 kHz, the LM2586 and 
LM2588 allows its switching frequency to be modified. Using 
either of two control methods, the switching frequency can 
be varied between 100 kHz (its base frequency) to 200 kHz. 
Figure 1 shows the LM2586 boost regulator with synchroni¬ 
zation and frequency adjust pins. 

Synchronization forces the LM2586/8 switching frequency to 
match that of an external source, such as another switching 
regulator or a system clock. This keeps the EMI generated 
within the system to a predictable set of frequencies. It also 
prevents similar (but not matching) switching frequencies 
from producing a beat frequency. Both of these results make 
It easier to filter out switching noise in the system. By syn¬ 
chronizing to a higher frequency (>100 kHz) system clock or 
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switching regulator, the LM2586/88 can be made to operate 
at higher frequencies, in order to reduce the size of the 
magnetic elements and other components. 

The threshold voltage for the synchronization pin is typically 
around 0.75V. The voltage levels of the clock signal should 
be OV and 2V. If the sync Pin is not used, it should be left 
open. 

The second frequency control method changes the switch¬ 
ing frequency of an LM2586/8, using a single resistor (from 
the Frequency Adjust pin to ground). Once again, this allows 
a design to be customized for a smaller size, as the sizes of 
the transformer and output capacitor tend to go down as the 
switching frequency increases. Table 1 shows the resistor 
values corresponding to commonly used frequencies. 

If the Frequency Adjust pin is not to be used, it should be left 
open. Pulling this pin above 3V will turn the regulator off. 

TABLE 1. Frequency Settling Resistor Guide 


Rset 

Frequency (kHz) 

Open 

100 

200 

125 

47 

150 

33 

175 

22 

200 




FIGURE 1. Synchronizing LM2588 Boost to LM2596 Buck Regulator 
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Example 

In the example shown, the LM2588 has been synchronized 
to the 150 kHz LM2596. With the LM2596 output voltage of 
5V, the resistor divider of R1, R2, and R3 sets the voltage 
applied to the LM2588 SYNC pin to swing between 0.1V and 
1.5V. To assure correct operation, the regulator designated 
“master” (in this case, the LM2596) must be in continuous 
operation (i.e., the current in inductor LI must be continually 
above OA). In addition, to keep the sync voltage at the 


designated levels, the input voltage to the master regulator 
(V|Ni) should not vary more than ±10%. Synchronization of 
the LM2588 (or LM2586) occurs on the falling edge of the 
sync signal. The LM2596 buck converter and LM2588 boost 
regulator are designed using the Switchers Made Simple^ 
Software, SMS4.2.1. Figure 2 shows the diode and switch 
voltage waveforms of the buck and boost regulators 
respectively. 



10008102 


FIGURE 2. Waveforms (Top-Synchronization Signal, Bottom-LM2588 Switch Waveform) 
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LM2675-5.0EVAL 1A 
Step-Down High-Efficiency 
SIMPLE SWITCHER 
Evaluation Board 

Introduction 

The LM2675 SIMPLE SWITCHER step-down regulator pro¬ 
vides all the active functions for a step-down regulator ca¬ 
pable of driving a 1A load with excellent line and load regu¬ 
lation. Switching frequency is internally set to 260 kHz, 
allowing smaller-sized filter components than would be 
needed with lower-frequency switching regulators. The inter¬ 
nal switch IS an 0.25f2 DMOS device, providing very 
high-efficiency power conversion. With this high efficiency, 
the copper traces on the printed circuit board are the only 
heat sinking needed. 

The LM2675-5.0EVAL evaluation board is a fully-assembled 
and tested surface-mount regulator that provides a 
5V±1.5% output at up to 1 A, from an input of 8V to 40V. The 
overall efficiency is typically as high as 90%. The operating 
temperature range is 0°C to +85°C. 

Evaluation Board Design 

This evaluation board is designed for supplying 5V at up to 1 
Amp to a load. The input voltage range is 8V to 40V. Com¬ 
ponents, shown in the schematic of Figure 1, were selected 
based on the design procedure in the LM2675 datasheet. 
Layout is very important in switching regulator designs. Rap¬ 
idly switching currents associated with wiring inductance can 
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generate voltage transients which can cause problems. For 
minimal inductance and ground loops, the traces which carry 
the highest currents (input, ground, switch, and output sig¬ 
nals) are relatively wide and short. The external components 
are located physically close to the IC. 

Components in this design were selected according to the 
design procedure in the LM2675 datasheet. The input ca¬ 
pacitor C|N was chosen for its voltage rating and RMS cur¬ 
rent rating. A 40V maximum input requires a capacitor with 
voltage rating of at least 1.25x40, or 50V. A conservative 
estimate of RMS input current is approximately Va the DC 
load current. The input capacitor chosen for this application 
has a voltage rating of 50V and an RMS current rating of 900 
mA. The inductor and output capacitor were selected for a 
combination of good regulator stability and compact size, 
according to the design tables in the datasheet. 

While the LM2675 has an ON/OFF control, this has not been 
provided on the evaluation board. 

The parts list for this board is given in Table 1, while contact 
information for the component manufacturers is given in 
Table 2. 




FIGURE 1. LM2675-5.0EVAL Schematic 


TABLE 1. Parts List (Bill of Materials) 


Designator 

Description 

Quantity 

U1 

LM2675M-5.0 National Semiconductor SIMPLE SWITCHER voltage converter 

1 

C|N 

15 pF, 50V Solid Tantalum, Sprague type 594D 

1 

CoUT 

68 pF, 16V Solid Tantalum, Sprague type 595D 

1 

D1 

1A, 40V Schottky rectifier 

1 

LI 

47 pH Power Inductor, Coilcraft D03316-473 

1 

Cb 

0.01 pF, 50V Ceramic 

1 



9-107 


WWW national com 


AN-1120 




AN-1120 


Evaluation Board Design (Continued) 


TABLE 2. Component Manufacturers 


Manufacturer 

Phone 

FAX 

Internet 

National Semiconductor 

(800) 272-9959 

(800) 737-7018 

www.national.com 

Coilcraft Inc. 

(800) 322-2645 

(708) 639-1469 

www.coilcraft.com 

Coilcraft Inc., Europe 

+44 1236 730 595 

+44 1236 730 627 

www.coilcraft.com 

Sprague/Vishay 

(207) 324-7223 

(207) 324-4140 

www.vishay.com 


Operating the Evaluation Board 

The input source for the LM2675-5.0 evaluation board must 
be greater than 8V for proper startup and operation. The 
maximum input voltage is 40V, including transients. During 
startup, the LM2675 may be left unloaded. If a load is 
connected, the peak current drawn from the source may be 
as great as 2.2A (for a full 1A load). A source with a lower 
current limit will slow down the startup of the regulator. If its 
current limit is sufficiently low, typically at or near the steady- 
state input current level, the regulator may not start up at all 
The load for the evaluation board can be from 0 Amps (an 
open-circuit) to 1 Amp. Higher load currents can activate the 
LM2675 current limit, which will shut the regulator down until 
the load is reduced. 

Designing with the LM2675 

The LM2675 SIMPLE SWITCHER step-down converters are 
available in fixed output voltages of 3.3V, 5.0V, 12V, and an 
adjustable output version, each rated for a 1A load. 


A family of standard inductors for use with the LM2675 are 
available from several manufacturers, which greatly simpli¬ 
fies the design of switch-mode power supplies. The 
datasheet also includes selection guides for diodes and 
capacitors designed to work in these switching regulator 
designs. 

While the LM2675 product datasheet contains an easy, 
straight-forward design procedure, design software is also 
available, which further simplifies the system design. 
“LM267X Made Simple” is available from the Power Man¬ 
agement Products section of National Semiconductor’s web 
site at www.national.com/appinfo/power/index.html. 
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LM2653EVAL 1.5A 
Synchronous Switching 
Reguiator Evaiuation Board 

Introduction 

The LM2653 switching regulator provides high efficiency 
power conversion over a 100:1 load range (1.5A to 15mA). 
This feature makes the LM2653 an ideal fit in 
battery-powered applications. 

Synchronous rectification and 75 m^2 internal switches pro¬ 
vide up to 97% efficiency. At light loads, the LM2653 enters 
a low power hysteretic or “sleep” mode to keep the efficiency 
high. In many applications, the efficiency still exceeds 80% 
at 15 mA load. A shutdown pin is available to disable the 
LM2653 and reduce the supply current to 7 pA. 

The 1C contains patented current sensing circuitry for current 
mode control. This feature eliminates the external current 
sensing required by other current-mode DC-DC converters. 
The 1C has a 300kHz fixed frequency internal oscillator. The 
high oscillator frequency allows the use of extremely small, 
low profile components. 

The evaluation board can be obtained by ordering part num¬ 
ber LM2653EVAL from your local National Semiconductor 
sales office, or National’s website at http://www.national 
.com. 

Evaluation Board Design 

The evaluation board is designed to supply 2.5V at up to 
1.5A. The input voltage range is 4V to 14V. Components 
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were selected based on the design procedure in the LM2653 
datasheet. The feedback resistors can be adjusted to 
achieve a different output voltage: 

VouT= 1-238Vx[U(Ri/R2)] 

Choose 1% resistors between lOkO to 100kl2 for R1 and 
R2. 

PCB layout is critical to reduce noises and ensure specified 
performance. See the LM2653 datasheet for layout guide¬ 
lines. The artwork for the evaluation board is shown at the 
end of this application note. 

The schematic for the evaluation board is shown in Figure 1, 
and the parts list is given in Table 1. 

When the undervoltage protection occurs, the output voltage 
can be pulled below ground as the inductor current is re¬ 
versed through the synchronous FET. For applications which 
need to be protected from a negative voltage, a clamping 
diode D2 is recommended. 

The PGOOD flag goes low whenever the overvoltage or 
undervoltage latch protection is enabled. The overvoltage 
protection will be enabled immediately when the output volt¬ 
age exceeds 110% of its nominal. While the undervoltage 
latch protection will wait for a period of time set by the 
LDELAY capacitor. If the output voltage is still below 80% of 
Its nominal after this waiting period, the latch protection will 
be enabled. 



TABLE 1. Parts List (Bill Of Materials) 


Designation 

Description 

LI 

22pH, Coilcraft D03316P-223 

CIN (input capacitor) 

lOOpF, 16V, Sprague 594D107X0016D2T 

CIN2 (input capacitor) 

0.1 pF ceramic capacitor 

CB (bootstrap capacitor) 

0.1 pF ceramic capacitor 

CSS (softstart capacitor) 

4.7nF ceramic capacitor 

COUT (output capacitor) 

120pF, 6.3V, Sprague 594D127X06R3C2T 

CC1 (compensation) 

2.2nF ceramic capacitor 

CC2 (compensation) 

lOOpF ceramic capacitor 


El 
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Evaluation Board Design (Continued) 


TABLE 1. Parts List (Bill Of Materials) (Continued) 


Designation 

Description 

RC (compensation) 

30kQ, 5% resistor 

D1 

1A Schottky diode, Motorola MBRA130LT3 

R1 

20.0k, 1% resistor 

R2 

19.6k, 1% resistor 

CDELAY 

10OnF ceramic capacitor 

RP 

50K, 5% resistor 

D2 

Open 


Typical PC Board Layout: (2X Size) 
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Component Placement Guide 
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Component Side PC Board Layout 
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LM267X 3A, 5A Evaluation 
Boards 


National Semiconductor 
Application Note 1135 



Introduction 

The LM267X evaluation board was developed for the evalu¬ 
ation of LM267X SIMPLE SWITCHER® series of 3 Amp and 
5 Amp high efficiency step-down (Buck) switching voltage 
regulators. This application note describes the printed circuit 
board, and provides example circuits and directions on setup 
and operation of the LM2673S-5_EVAL and 
LM2679S-5_EVAL evaluation boards. 

General Description 

Many of our boards are intended to provide the user with 
device characterization and layout optimization data. The 
LM267X evaluation board was intended to allow the user to 
experiment with a variety of circuit topologies and compo¬ 
nents, and therefore not optimized for size. Please refer to 
the discussions of layout optimization in the PCB Layout 
Optimization section. 

This board was designed such that both through-hole and 
surface-mount components can be used for construction. 


The regulator IC can be placed on the board as a 
surface-mount component only. The ground plane serves as 
a heatsink. 

Table 1 shows an overview of the family of devices with 
'Special features of each indicated. Consult the device data 
sheet, or use the special power supply design software 
ca\\e6Switchers Made Simple version 6.X (available for 
free download from National Semiconductor’s Internet page, 
power.national.com) to determine all necessary component 
values for the particular device being used to accomplish a 
specific design and board layout considerations. 

The printed circuit board, PCB, is labeled to indicate the 
location of all of the needed components for all possible 
design options. Table 2 shows a complete list of the compo¬ 
nent labels and their functions. 

Figure 1 identifies all components, but not all are necessary 
in every design. 

Figure 2, Figure 3 and Figure 4 show the top, bottom and silk 
screen of the printed circuit board respectively. 


TABLE 1. LM267X Family of High-Current Regulators supported by the Evaluation Board 


DEVICE 

Maximum Load Current 

(A) 

SPECIAL FEATURES 

LM2670 

3 

ON/OFF, External Frequency Sync Capability 

LM2673 

3 

Adjustable Current Limit, Softstart 

LM2676 

3 

ON/OFF 

LM2677 

5 

ON/OFF, External Frequncy Sync. Capability 

LM2678 

5 

ON/OFF 

LM2679 

5 

Adjustable Current Limit, Softstart 


R1 R2 
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FIGURE 1. Example Schematic Showing Connection for all Components. 
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General Description (Continued) 

TABLE 2. List of Component Labels and Functionality 


LABEL 

FUNCTION 

U1 

LM267X Switching Regulator IC 

CIN 

Input Capacitor(s): All devices. 

CINX 

0.47pF, optional high frequency input bypass capacitor, recommended in all designs: 

All devices. 

CB 

Boost capacitor; All devices. 

D1 

Catch diode; All devices. 

R1 

Feedback resistor (IkH) for adjustable output devices and shorted, replaced by a 
jumper wire, with fixed output voltage devices. 

R2 

Feedback resistor for adjustable output devices and open, not connected for fixed 
voltage devices. 

R3* 

Current limit resistor for LM2673, LM2679; Sync input resistor (1 K^2) for LM2670 and 
LM2677; Not inserted for LM2676 and LM2678. 

L1 

Inductor; All devices. 

CSYNC 

Sync input capacitor (100pF); LM2670 and LM2677only. Not inserted with other 
devices. 

CSS 

Soft start capacitor; LM2673 and LM2679 only. Not inserted with other devices. 

COUTX 

0.47pF, optional high frequency output bypass capacitor; All devices. 

COUT 

Output capacitor(s); All devices. 


*AII devices have internally preset current limits, but those with adjustable current limit capability can be used to set the current limit to any value up to the 
maximum preset value. 



10114502 


FIGURE 2. Top Layer Foil Pattern of Printed Circuit Board 
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SPBCIbI NotOS (Continued) example, it is desired to convert a voltage range of 

between 8V and 12V, to 5VDC with load current of 3A. It is 
end application, these components are normally not required also desired to implement the design with surface mount 

if proper care to minimize trace lengths is taken in the PCB components only. Softstart duration will be set to between 1 

design. and 1.5 ms. 

Example Circuit Designs 

Example 1: 5V/3A Converter with Surface Mount Compo¬ 
nents. 

Target Design Specifications 

V|N min. 8V 

V|N max. 16V 

VouT 5V 

I LOAD 3 A 

IcL 5.0A (approx.) 

Tqs 1 to 1.5ms 


TABLE 3. Component Values for an 8-12V in, 5V/3A Out LM2673S-5.0 Buck Converter 


Component 

Value 

Suggested Part Number 

U1 


National LM2673S-5.0 

CIN 

2 X 33mF/35V 

Sprague 594D336X0035R2T 

CINX 

0.47mF 

Vitramon VJ1210U474ZXAA 

CB 

0.01pF/50V 

Vitramon VJ1206Y103MXXA 

D1 

3A/60V Schottky (450mV at 3A) 

Motorola MBRD360 

R3* 

7.15 ka 

(5.19A current limit) 

DALE CRCW12067151J 

LI 

22|jH (L41) 

SUMIDA ELECTRIC CO. CDRH127-220 

CSS 

3.3nF/100V (softstart) 

Vitramon VJ1206Y33ZJXBAB 

COUTX 

0.47pF 

Vitramon VJ1210U474ZXAA 

COUT 

2 X 180mF/16V 

Sprague 594D187X0016R2T 


Figure 5 below shows the 5V/3A design circuit. This solution 
is available as evaluation board LM2673S-5_EVAL. 

Figure 6, Figure 7, Figure 8 and Figure 9 show the output 
waveforms for output voltage with 500 mA load, output volt¬ 


age with 1A load, output ripple with 1A load, output voltage 
with 3A load, output ripple with 3A load, output response to 
1A transient load and output response to 3A transient load 
respectively. 
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Time (20 ms/div) 

10114505 

A OUTPUT VOLTAGE Vqut. 2V/DIV 
B LOAD CURRENT Ilqad = 500mA, 500mA/DIV 

Output Voltage with 500mA Load 


Time (1 /is/div) 

10114506 

A: OUTPUT RIPPLE; 10mV/DIV 
B- LOAD CURRENT- Ilqad = 0 5A, 1A/DIV 

Output Ripple with 500mA Load 


FIGURE 6. Output Voltage Waveforms with 500mA Load 



Time (10 ms/div) 

10114507 

A- OUTPUT VOLTAGE. Vqut, 2V/DIV 
B: LOAD CURRENT Ilqad = 1A, 500mA/DIV 

Output Voltage with 1A Load 



Time (1 |is/div) 

10114508 

A OUTPUT RIPPLE; 10mV/DIV 
B: LOAD CURRENT Ilqad = 1A; 1A/DIV 

Output Ripple with 1 Amp Load 


FIGURE 7. Output Voltage Waveforms with 1A Load 



Time (lO.O ms/div) 

10114509 

A OUTPUT VOLTAGE- Vqut, 2V/DIV 
B- LOAD CURRENT Ilqad = 3A; 1A/DIV 

Output Voltage with 3A Load 



Time (l /is/div) 

10114510 

A. OUTPUT RIPPLE, lOmV/DIV 

B. LOAD CURRENT Ilqad = 3A; 1A/DIV 

Output Ripple with 3 Amp Load 


FIGURE 8. Output Voltage Waveforms with 3 Amp Load 
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Time (500 //s/div) 

10114511 

A OUTPUT RESPONSE, 1V/DIV 
B TRANSIENT LOAD CURRENT 1A/DIV 

Output Response to 0~1A Transient Load 
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Time (500 ;is/div) 

10114512 

A OUTPUT RESPONSE, 1V/DIV 
B TRANSIENT LOAD CURRENT: 2A/DIV 

Output Response to 0~3A Load Transient 


FIGURE 9. Output Response To Load Transient 
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Example 2: 5V/5A Design with 

Target Design Specifications: 

Surface Mount Components 

V|N min. 

14V 

For this example, it is desired to design a power supply to 

V if^max. 

28V 

convert an input voltage within the range of 14V and 28V to 

VoUT 

5V 

an output voltage of 5V with a maximum load current of 5A 
using only surface mount components. In addition, the cur¬ 

I LOAD 

5A 

rent limit of the regulator will be set to approximately 7.0A, 

IcL 

7.0A (approx.) 

and the softstart time will be set to approximately 1.0ms to 
limit the startup surge current. 

Tss 

1.0ms (approx.) 


TABLE 4. Component Values for an 14V-28V in, 5V/5A Out LM2679S-5.0 Buck Converter 


Component 

Vaiue 

Suggested Part Number 

U1 


National LM2679S-5.0 

CIN 

3 X 15pF/50V 

Sprague 594D336X0035R2T 

CINX 

0.471JF 

Vitramon VJ1210U474ZXAA 

CB 

0.01pF/50V 

Vitramon VJ1206Y103ZXXA 

D1 

8A/35V Schottky (500mV at 5A) 

Motorola MBRD835L 

R3* 

4.99 kn (7.19A current limit) 

DALE CRCW12064991J 

LI 

15mH (L50) 

Pulse Engineering P0850 or 

Coilcraft D05022P-153 

CSS 

4.7nF/100V (1.0ms softstart) 

Vitramon VJ1206Y47ZJXBAB 

COUTX 

0.47mF 

Vitramon VJ1210L)474ZXAA 

GOUT 

2 X 180mF/16V 

Sprague 594D187X0016R2T 


Figure 10 below shows the circuit for the 5V/5A design. This 
solution is available as evaluation board LM2679S-5_EVAL. 
Figure 11, Figure 12, Figure 13, Figure 14, and Figure 15 
show the output waveforms for output voltage with 500 mA 
load, output voltage with 2.5A load, output ripple with 2.5A 


load, output voltage with 5A load, output ripple with 5A load, 
output response to 500mA transient load, output response to 
2.5A transient load and output response to 5A transient load 
respectively. 



www.national.com 


9-118 




Example 2: 5V/5A Design with Surface Mount Components (Continued) 



— 










—- 


— 

— 




Time (2 ;is/div) 

10114514 

A OUTPUT VOLTAGE Vqut- 2V/DIV 
B LOAD CURRENT Iload = 500mA, 500mA/DIV 

Output Voltage with 500mA Load 


Time (l /is/div) 

10114515 

A OUTPUT RIPPLE; 100mV/DIV 
B LOAD CURRENT Iload = 500mA; 1A/DIV 

Output Ripple with 500mA Load 


FIGURE 11. Output Voltage Waveforms with 500mA Load 



Time (2 ;is/div) 

10114516 

A OUTPUT VOLTAGE. Vqut- 2V/DIV 
B LOAD CURRENT Iload = 2 5A, 1A/DIV 

Output Voltage with 2.5A Load 





\.,> 





7""^C 





Time (1 /is/div) 

10114517 

A OUTPUT RIPPLE, 100mV/DIV 
B- LOAD CURRENT- Ilqad = 2.5A; 2A/DIV 

Output Ripple with 2.5A Load 


FIGURE 12. Output Voltage Waveforms with 2.5A Load 
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Example 2: 5V/5A Design with Surface Mount Components (Continued) 



B 


Time (2 /is/div) 

10114518 

A OUTPUT VOLTAGE. Vqut. 2V/DIV 
B LOAD CURRENT Iload = BA; 2A/DIV 

Output Voltage with 5A Load 





Time (1 ^s/div) 

10114519 

A OUTPUT RIPPLE, 100mV/DIV 
B. LOAD CURRENT. Ilqad = 5A; 5A/DIV 

Output Ripple with 5A Load 


FIGURE 13. Output Voltage Waveforms with 5A Load 



B- TRANSIENT LOAD CURRENT 500mA/DIV 

Output Response to 0~0.5A Transient Load 



10114521 

A. OUTPUT RESPONSE, 1V/DIV 
B TRANSIENT LOAD CURRENT 1A/DIV 


Output Response to 0~2.5A Load Transient 


FIGURE 14. Output Response To Load Transient 
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Example 2: 5V/5A Design with 
Surface Mount Components 

(Continued) 



10114522 

A OUTPUT RESPONSE 1V/DIV 
B LOAD CURRENT Iload = 1A/DIV 


FIGURE 15. Output Response to 0~5A Transient Load 


Operating the Evaluation Boards 

SETUP 

The LM2673S-5_EVAL and LM2679S-5_EVAL evaluation 
boards come ready to be tested. The only setup needed is 
connecting the input voltage to the VIN and GND posts. The 
output can be taken from the VOUT post. The other signals 
of interest, switch output (SW out) and softstart (C_SS) 


posts, are clearly marked for use in checking the signal 
integrity. The softstart post has an ON/OFF input when this 
feature is being used. 

OPERATING CONDITIONS 

The input source for the LM267x family of regulators must be 
8V or greater for proper setup and operation. The input 
voltage range for LM2673S-5_EVAL evaluation board is 
from 8V to 12V and the range for LM2679S-5_EVAL is from 
14V to 28V. The maximum voltage rating of the LM267x 
family of regulators is 40V. 

Load can be applied from OAto the maximum for the design. 
Higher current above the design current limit will result in 
activation of the design current limit circuit. It is advisable to 
have a minimal load of (at least 10mA) during startup when 
the input to output differential voltage is greater than 10V to 
prevent output ramping beyond desired value. 

PCB LAYOUT OPTIMIZATION 

As in any switching regulator, layout is very important. Rap¬ 
idly switching currents associated with wiring inductance can 
generate voltage transients which can cause problems. For 
minimal inductance and ground loops, the printed circuit 
traces should be as wide and short as possible on the PCB. 
For best results, external components should be located as 
close to the switcher 1C as possible using ground plane 
construction or single point grounding. 

If open core inductors are used, special care must be 
taken as to the location and positioning of this type of induc¬ 
tor. Allowing the inductor flux to intersect sensitive feedback, 
1C groundpath and Cqut wiring can cause problems. 

When using the adjustable version, special care must be 
taken as to the location of the feedback resistors and asso¬ 
ciated wiring. Physically locate both resistors near the 1C, 
and route the wiring away from the inductor, especially an 
open core type of inductor. 
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LI\/l2661/3/4 Evaluation 
Board 


National Semiconductor 
Application Note 1142 
Clinton Jensen 



Introduction 

The LM2661, LM2663, and LM2664 are part of a family of 
CMOS charge-pump voltage converters {Table 2). Each 
uses two small capacitors to achieve voltage Inversion or 
voltage doubling without the cost, size, and EMI of inductor 
based converters. Each device has a shutdown feature and 
the LM2661 and LM2663 also provide the ability to run the 
clock oscillator from an external source. You may also slow 
the clock with an external capacitor on the LM2661 and 
LM2663. The small size and low profile of these circuits 
makes them attractive for cellular phones, laptop computers, 
Op Amp power supplies, interface power supplies, medical 
instruments, PDAs, and handheld instruments. 

The LM2661 comes in SO-8 and MSOP-8 packages and 
requires only an extra diode to double the input voltage and 
provide up to 100mA of output current. It has a typical 
efficiency of 88% at 100mA output and a typical output 
resistance of 6.50. This circuit typically draws only 500nA of 
supply current in shutdown mode and 120pA when operat¬ 
ing. The internal oscillator frequency is 80kHz and the input 
voltage range is +2.5V to +5.5V (Note 1). The LM2661 is 
also capable of inverting an input voltage from +1.5V to 
+5.5V when used in a different configuration. 


The LM2663 comes in a SO-8 package and inverts the input 
voltage to provide up to 200mA of output current. It has a 
typical efficiency of 86% at 200mA output and a typical 
output resistance of 3.5Q. This circuit draws only lOpA of 
supply current in shutdown and 300pA when operating. The 
internal oscillator frequency is 150kHz and the input voltage 
range is +1.5V to +5.5V (Note 1). The LM2663 is also 
capable of doubling an input voltage from +2.5V to +5.5V 
when used in a different configuration. 

The LM2664 comes in a SOT23-6 package and inverts the 
input voltage to provide up to 40mA of output current. It has 
a typical efficiency of 91% at 40mA output and a typical 
output resistance of ^2Q, This circuit draws oniy IpA of 
supply current in shutdown and 220pA when on. The oscil¬ 
lator frequency is 160kHz and the input voltage range is 
+1.8Vto+5.5V (Note 1). 

Note 1 : Maximum input voltage for any input on this evaluation board is 
+5 5V 

Figure 1 contains the schematic for each circuit used. 

A silkscreen for the evaiuation board is shown in Figure 2. 
A listing of the products used is shown in Table 1. 

A listing of the switched capacitor family Is given in Table 2. 
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Discussion and Component 
Seiection 

On this evaluation board, the LM2661 is used in the doubling 
configuration. This configuration uses only two capacitors 
and one diode. There is a manual shutdown jumper desig¬ 
nated as J1 included. The internal oscillator Is used with a 
frequency of 80kHz. In doubling mode, the oscillator fre¬ 
quency can only be modified using an external capacitor and 
cannot be driven by an external clock. The Schottky diode 
D1 is needed only for start-up but should be able to handle 
the current required to charge the output capacitor 
(l=C*dV/dt). An MBR0520LT1 20V, 0.5A diode is used on 
this board. Capacitor selection is very important. The capaci¬ 
tors chosen determine the output voltage ripple as well as 
the output resistance {Equation (1) and Equation (2)). From 
these equations it is easy to see how capacitor value and 
ESR help determine the output resistance and output volt¬ 
age ripple. For this circuit Cornell-Dubilier ESRD type 22pF 
polymer electrolytic capacitors are used (Model 
ESRD220M12B). These capacitors are used because of 
their low ESR (typically 20 mQ @ 100kHz) as well as stable 
temperature and frequency characteristics. Therefore they 
enhance the parts performance. The output voltage ripple 
was measured at less than 55 mV peak to peak with a 100 
mA load. Tantalum and ceramic capacitors and other values 
may be used as well to fit different performance, size, or cost 
requirements. Universal pads have been put on the evalua¬ 
tion board so that the capacitors can be replaced with those 
of a different size. 

The LM2663 is configured as an inverter on this board. A 
manual shutdown is included and designated J2. The inter¬ 
nal oscillator frequency of 150kHz is used. The capacitor 
selection here is important as well since the output resis¬ 
tance and voltage ripple equations are the same as they are 
for the LM2661 {Equation (1) and Equation (2)). This circuit 
runs at a higher frequency than the LM2661 so smaller 
capacitor values can be used. For this circuit Cornell-Dubilier 


ESRD type lOpF polymer electrolytic capacitors are used 
(Model ESRD100M06B). Once again the low ESR (typically 
42 mt2 @ 10OkHz) and stable characteristics of these capaci¬ 
tors are the reasons they were chosen. Output voltage ripple 
was measured to be less than 140 mV peak to peak with a 
200 mA load. Other types and sizes of capacitors may be 
used here as well for different performance, size, or cost 
requirements. 

The LM2664 is also used as an inverter on this board. A 
manual shutdown designated as J3 is included. The LM2664 
does not have an adjustable frequency; it is fixed at 160kHz. 
This circuit has the same equations for output resistance and 
output voltage ripple as the previous two circuits and the 
capacitor selection is once again important {Equation (1) and 
Equation (2)). Taiyo Yuden multi-layer ceramic chip 3.3pF 
capacitors are used for this circuit (Model 
LMK316BJ335ML-T). These capacitors are chosen for their 
low ESR (measured ^ 25 mQ) and small (1206) case size. 
They show the high performance of the LM2664 as well as 
the small size for the complete circuit. The output voltage 
ripple was measured to be less than 75mV peak to peak with 
a 40 mA load. Again other types and sizes of capacitors may 
be used for different performance and/or size requirements. 

f^OUT = 2Rsw + - -^77- + + ESRc2 

tqSC ^ H 

( 1 ) 

where Rsw is the sum of the ON resistance of the internal 
switches. Rsw 'S typically 1.4Q for the LM2661, 0.9^2 for the 
LM2663, and 40 for the LM2664. 

\/ 

^RIPPLE = --+ 2 X I, X ESRpp 

fnQn X C/5 


Note 2: In these equations C 2 is always the output capacitor of the circuit. 
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Discussion and Component Seiection (Continued) 


TABLE 1. Components List 


Designator 

Part Type 

Manufacturer and Model # 

Footprint 

Description 

U1 

LM2661 

National Semiconductor Corp. 

MSOP-8 

Charge-pump voltage 
converter 

D1 

Diode 

Motorola (MBR0520LT1) 

SOD123 

20V, 0.5A Start-up 
diode 

Cl 

22mF 

Cornell-Dubilier 

(ESRD220M12B) 

D-Case 

Low ESR 
charge-pump 
capacitor, polymer 
electrolytic 

C2 

22mF 

Cornell-Dubilier 

(ESRD220M12B) 

D-Case 

Low ESR 
charge-pump 
capacitor, polymer 
electrolytic 

U2 

LM2663 

National Semiconductor Corp. 

SO-8 

Charge-pump voltage 
converter 

C3 

IOmF 

Cornell-Dubilier 

(ESRD100M06B) 

D-Case 

Low ESR 
charge-pump 
capacitor, polymer 
electrolytic 

C4 

lOpF 

Cornell-Dubilier 

(ESRD100M06B) 

D-Case 

Low ESR 
charge-pump 
capacitor, MLCC 

U3 

LM2664 

National Semiconductor Corp. 

SOT23-6 

Charge-pump voltage 
converter 

C5 

3.3mF 

Taiyo Yuden 
(LMK316BJ335ML-T) 

1206 

Low ESR 
charge-pump 
capacitor, MLCC 

C6 

3.3mF 

Taiyo Yuden 
(LMK316BJ335ML-T) 

1206 

Low ESR 
charge-pump 
capacitor, MLCC 

VIN1, VIN2, 
VIN3, J1, J2, 

J3, J4 

Headers (36 
posts per strip) 

Amphenol (842-800-272-015) 

Newark stock # 87F6830 

0.1" spacing 

Connectors for input 
voltage, output 
voltage, and ON/OFF 
jumpers (2/3 strip 
used, 22 posts used, 

19 actual pins used 
per board) 

J1, J2, J3 

Shunts 

Circuit Assembly Corp. (CA-02SJC-B) 
Newark stock # 90F9279 


Shunts for ON/OFF 
jumpers, shorts 2 
pins, 3 shunts used 
per board 


Contact Information 


National Semiconductor Corp. 

www.national.com 

1-800-272-9959 

Motorola 

www.mot.com 

1-800-521-6274 

Cornell-Dubilier 

www.corneli-dubilier.com 

1-508-996-8564 

Taiyo Yuden 

www.T-Yuden.com 

1-800-348-2496 

Newark 

www.Newark.com 

1-800-298-3133 
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Discussion and Component Selection 


Product 

Function 

Ro 

(ohms) 

loUT 

(mA) 

LM2660 

-V|N or 2 V|n 

6.5 

100 

LM2661 

-V|N or 2 V|n 

6.5 

100 

LM2662 

-V|N or 2 V|n 

3.5 

200 

LM2663 

Z 

> 

CM 

O 

z 

> 

1 

3.5 

200 

LM2664 

1 -V,N 1 

12 

40 

LM2665 

z 

> 

CM 

12 

40 

LM3350 

3/2 V,N or 2/3 

V|N 

4.2/1.8 

50 

LM3351 

3/2 V,N or 2/3 

V,N 

4.2/1.8 

50 


(Continued) 

TABLE 2. Switched Capacitor Famiiy 
1 V|rM range | fosc kHz 1 i7(M/ 


1.5 to 5.5 

1.5 to 5.5 

1.5 to 5.5 

1.5 to 5.5 
1.8 to 5.5 
1.8 to 5.5 

1.5 to 5.5 


fosc kHz 

Iq (mA) 

Shutdown 

Freq. 

Control 

Freq. 

Sync 

Package 

10/80 

120/400 

No 

Yes 

Yes 

MSOP-8, SO-8 

80 

1000 

Yes 

No 

Yes 

MSOP-8, SO-8 

20/150 

300/1300 

No 

Yes 

Yes 

SO-8 

150 

1300 

Yes 

No 

Yes 

SO-8 

160 

220 

Yes 

No 

No 

SOT23-6 

160 

550 

Yes 

No 

No 

SOT23-6 

1600 

3750 

Yes 

No 

No 

MSOP-8 

400 

1110 

Yes 

No 

No 

MSOP-8 
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LM2651_3.3V_EVAL 
1.5A High Efficiency 
Synchronous Switching 
Reguiator Evaluation Board 

Introduction 

The LM2651 switching regulator provides high efficiency 
power conversion over a 100:1 load range (1.5A to 15mA). 
This feature makes the LM2651 an ideal fit in battery pow¬ 
ered applications. 

Synchronous rectification and 75 mQ internal switches pro¬ 
vide up to 97% efficiency. At light loads, the LM2651 enters 
a low power hysteretic or sleep mode to keep the efficiency 
high. In many applications, the efficiency still exceeds 80% 
at 15 mA load. 

A shutdown pin is available to disable the LM2651 and 
reduce the supply current to 7 pA but the shutdown function 
is not available on this board. The 1C contains patented 
current sensing circuitry for current mode control. This fea¬ 
ture eliminates the external current sensing required by 
other current mode DC to DC converters. The 1C has a 
300kHz fixed frequency internal oscillator. The high oscillator 
frequency allows the use of extremely small, low profile 
components. 

The evaluation board can be obtained by ordering part num¬ 
ber LM2651_3.3V_EVALfrom your local National Semicon¬ 
ductor sales office, or National’s website at 
www.national.com. 

Evaluation Board Design 

The evaluation board is designed to supply 3.3V at 15 mA up 
to 1.5A. The input voltage range is 4V to 14V. Components 


National Semiconductor 
Application Note 1143 
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were selected based on the design procedure in the LM2651 
datasheet. PCB layout is critical to reduce noise and ensure 
specified performance for any power supply design. To mini¬ 
mize the parasitic inductance in the loop of input capacitors 
and the internal MOSFETs, connect the capacitors to V,n 
and PGND pins with short and wide traces. This is important 
because the rapidly switching current, together with wiring 
inductance can generate large voltage spikes that may 
cause noise problems. The feedback trace from the output to 
the feedback pin should be wide, short and kept away from 
the flux field of the inductor. The artwork for the evaluation 
board is shown at the end of this application note and the 
schematic shown in Figure 1. The parts list is given in 
Table 1. The pictorial representations of top, bottom and 
silkscreen layers are shown at the end of this application 
note. 

When an undervoltage situation occurs, the output voltage 
can be pulled below ground as the inductor current is re¬ 
versed through the synchronous FET. For applications which 
need to be protected from a negative voltage, a clamping 
diode D2 is recommended. When used, D2 should be con¬ 
nected cathode to Vqut snd anode to ground. A diode rated 
for a minimum of 2A is recommended. 



VmO- 


^IN ! 


SD 

o- 


• ^N2 



^CB 


V|N 


SW 

AV|N 

LM2651-3.3 


SD(SS) 


FB 

COMP 

AGND 

PGND 


Rc 

Cc2 


T- 





FIGURE 1. LM2651_3.3V_EVAL Schematic 
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Evaluation Board Design (Continued) 

TABLE 1. LM2651_3.3V_EVAL Bill of Material 


Component 

Value 

Suggested Part Number 

U1 


Natiohal’s LM2651-3.3 

LI 

22pH 

Coiicraft D03316P-223 

C,N (Input Capacitor) 

lOOpF, 16V 

Sprague 594D107X0016D2T 

C,n 2 (Input Capacitor) 

O.lpF 

Ceramic Capacitor 

CB (Bootstrap Capacitor) 

O.lpF 

Ceramic Capacitor 

Css (softstart Capacitor) 

4.7nF 

Ceramic Capacitor 

CouT (Output Capacitor) 

120mF, 6.3V 

Sprague 594D127X06R3C2T 

CC1 (Compensation Capacitor) 

2.2nF 

Ceramic Capacitor 

CC2 (Compensation Capacitor) 

lOOpF 

Ceramic Capacitor 

RC (Compensation Resistor) 

30 kQ, 5% 

Resistor 

D1 

1A Schottky Diode 

Motorola MBRA130LT3 


Operating the Evaluation Board 

SETUP 

The LM2651_3.3V_EVAL evaluation board comes ready to 
be tested. The only setup needed is connecting the input 
voltage to the V,n and GND posts. The load and output are 
connected to the Vqut POSt. 


OPERATING CONDITIONS 

The input voltage to the LM2651 -3.3 regulator must be within 
the range of 4V to 14V DC for proper operation. The device 
will not function properly with voltages below 4V and dam¬ 
age may occur if any voltage greater than 16V is applied. 



Layout Top Layer 



10122803 

Layout Bottom Layer 
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Maximizing Start-Up Loads 
with the LM3352 Reguiated 
Buck/Boost Switched 
Capacitor Converter 

The LM3352 is a regulated switched capacitor voltage con¬ 
verter. It achieves Buck/Boost operation by using a variety of 
different switching schemes to produce seven different gains 
between a minimum of Vz and a maximum of 2. At any given 
time the input and output comparators determine the re¬ 
quired gam to give a regulated output voltage. The switching 
scheme used does however pose some minor restrictions 
regarding start-up of the 1C with the output loaded. For the 
majority of applications a power-on reset circuit will be used. 
In these cases the restrictions are of no concern regardless 
of the type of load presented to the LM3352. For applications 
not using a power-on reset circuit the restrictions are de¬ 
scribed below. 

As the part starts up, it cycles through the necessary gain 
regions (gains) until regulation is reached. Each gain region 
has an associated output impedance which may be greater 
than or less than Its neighboring gain region. The greater the 
output impedance, the less current the part is able to supply 
without losing regulation. Therefore the weakest gam region 
(the gain with the highest output impedance) sets the maxi¬ 
mum start up current for the part. For the LM3352, the 
weakest region is from V|n = Vqut fo - Vqut + 200mV. 
For some output voltage options, the part will never cycle 
through this region and therefore maximum start up current 
will be equal to the maximum rated load current. 

The datasheet shows a maximum start up current of 45 mA. 
This number is a worst case number encompassing all volt¬ 
age options across all input voltages as well as the worst 
case condition of Ta = 85°C. As mentioned above, the 
weakest region is setting this limit. If the input range Is more 
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limited than the datasheet limits, the circuit may start up with 
loads greater than 45 mA. This effect can also change with 
different load types. For example, some CMOS loads will not 
draw significant current until a certain operational threshold 
voltage is reached. If this threshold voltage occurs after the 
LM3352 has cycled through the gain region of 1 there will be 
no start-up restrictions. However, systems with resistive 
loads will draw current as soon as voltage is applied. A 
description of the limitations for a resistive load follows. 
Because the maximum load current during start-up is input 
voltage dependent (See graph titled Start-up Regions), lower 
input voltages will need to use the gain of 1 during start-up 
and therefore will have decreased current capabilities. Due 
to the added effect of the Rqut. '^put voltages slightly higher 
than the output will be affected as well (See graphs titled 
Maximum Start-up Load Current vs. Input Voltage). These 
graphs are taken using a resistive load on the output. 

With higher input voltages that do not need to use or go 
through the weakest gain region during start-up, the maxi¬ 
mum load during start-up is dramatically increased. As the 
graphs show, much higher loads than 45 mA can be toler¬ 
ated during start-up with high input voltage conditions. The 
graphs are also at the worst case condition of T^ = 85°C. 
This should clarify the start-up issues involved with the 
LM3352 and allow more possibilities of use for those who 
are unable to use the part with the low stated maximum of 45 
mA in the datasheet. If larger start-up currrents are expected 
for an application that has a minimum input voltage lower 
than the minimum input required, a power-on reset circuit 
such as the LP3470 is still recommended. 



Start-Up Regions 



2.5 3 3.5 4 4.5 5 5.5 


Maximum Start-Up Load Current vs. Input Voltage 



2.5 3 3.5 4 4.5 5 5.5 


Input Voltage (V) 

10122901 


Input Voltage (V) 

10122902 
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Load Current (mA) 


Maximum Start-Up Load Current vs. Input Voltage Maximum Start-Up Load Current vs. Input Voltage 



Input Voltage (V) Input Voltage (V) 

10122903 ■ 10122904 
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Linear Regulators: Theory 
of Operation and 
Compensation 

Introduction 

The explosive proliferation of battery powered equipment in 
the past decade has created unique requirements for a 
voltage regulator that cannot be met by the industry stan¬ 
dards like the LM340 or the LM317. These regulators use an 
NPN Darlington pass transistor {Figure 1), and will be re¬ 
ferred to in this document as NPN regulators. The demand 
for higher performance is being met by the newer 
low-dropout (LDO) regulators and quasi-LDO regulators. 

The NPN Regulator 

The NPN Darlington pass transistor with PNP driver used in 
an NPN regulator requires that at least 1.5V to 2.5V be 
maintained from input-to-output for the device to stay in 
regulation. This minimum voltage "headroom" (called the 
dropout voltage) is: 

Vdrop = 2Vbe + VsAT (NPN REG) 



FIGURE 1. NPN REGULATOR 


The LDO Regulator 

In the low-dropout (LDO) regulator, the pass transistor is a 
single PNP transistor {Figure 2). The big advantage of the 
LDO is that the PNP pass transistor can maintain output 
regulation with very little voltage drop across It: 

Vdrop = Vqat (LDO REGULATOR) 

Full-load dropout voltages < 500 mV are typical. At light 
loads, dropout voltages can fall as low as 10 to 20 mV. 



FIGURE 2. PNP LDO REGULATOR 


National Semiconductor 
Application Note 1148 
Chester Simpson 



The Quasi-LDO Regulator 

Another regulator configuration that is becoming very popu¬ 
lar in certain applications (like 5 - 3.3V conversion) is the 
quasi-LDO regulator {Figure 3). The quasi-LDO is so named 
because it is "half way" between the NPN Darlington and the 
true LDO. The pass transistor is made up of a single NPN 
transistor being driven by a PNP. As a result, the dropout 
voltage is less than the NPN Darlington regulator, but more 
than an LDO: 

Vdrop = Vbe + Vsai 



FIGURE 3. QUASI-LDO REGULATOR 


Regulator Operation 

All three of these regulator types regulate the output voltage 
to a fixed (constant) value using the same 
technique {Figure 4). 

The output voltage is sampled (measured) through a resis¬ 
tive divider which is fed into the inverting input of the error 
amplifier. The non-inverting input is tied to a reference volt¬ 
age, which is derived from an internal bandgap reference. 
The error amplifier will always try to force the voltages at it’s 
input to be equal. To do this, it sources current as required to 
provide sufficient load current to maintain the output voltage 
at the regulated value which is given by: 

VouT = Vref (1 + R1/R2) 



FIGURE 4. VOLTAGE REGULATOR 
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Performance Comparison 

The primary differences in performance between the NPN, 
LDO, and quasi-LDO are in the parameters of dropout 
voltage (previously defined) and ground pin current. For 
this analysis, we will define ground pin current (Iqnd) as 
shown in Figure 4, neglecting the small IC bias currents 
which also flow to ground. It can be seen that the value of 
Iqnd is the load current II divided by the gain of the pass 
transistor. 

The high gain of the Darlington in an NPN regulator means it 
requires very little drive to source II, so it’s ground pin 
current is very low (typically a few mA). The quasi-LDO also 
has very good performance, with products like National’s 
LM1085 being able to source more than 3A with less than 10 
mA of ground pin current. 

The ground pin current of an LDO is typically much higher At 
full load current, PNP beta values of 15 - 20 are not unusual, 
which means the LDO ground pin current can be as high as 
7% of the load current 

A big advantage of NPN regulators is that they are uncondi¬ 
tionally stable (most require no external capacitors). An LDO 
does require at least one external capacitor on the output to 
reduce the loop bandwidth and provide some positive phase 
shift. Quasi-LDOs typically require some output capacitance, 
but much less than an LDO and with less restrictive limits on 
Its performance characteristics. 

Feedback and Loop Stability 

All voltage regulators use a feedback loop to hold the output 
voltage constant. The feedback signal experiences changes 
in both gam and phase as it goes through the loop, and the 
amount of phase shift which has occurred at the unity gain (0 
dB) frequency determines stability. 

BODE PLOTS 

Understanding stability requires the use of Bode Plots, 
which show the loop gain (in dB) plotted as a function of 
frequency {Figure 5). Loop gain and associated terms are 
defined in the next sections. 

Loop gam can be measured on a network analyzer, which 
injects a low-level sine wave into the feedback path and then 
measures the gam response while the frequency of the 
signal is swept from DC up to the frequency where the gain 
drops well below 0 dB 

Bode plots are convenient tools because they contain all the 
information necessary to determine if a closed-loop system 
is stable. However, decoding the information contained in a 
Bode plot requires understanding the key elements- loop 
gain, phase margin, poles and zeros. 



10 100 Ik 10k 100k 1M 100M 

FREQUENCY (Hz) 

10123905 

FIGURE 5. TYPICAL BODE PLOT 


LOOP GAIN 

Every closed-loop system has a characteristic called loop 
gain. In this analysis of voltage regulators, loop gain will be 
defined as the magnitude of the voltage gain that the feed¬ 
back signal experiences as it travels through the loop. The 
block diagram of the LDO in Figure 2 will be redrawn to 
illustrate this concept {Figure 6). 



FIGURE 6. LOOP GAIN EXAMPLE 

A transformer is used to inject an AC signal into the feedback 
path between points "A" and "B" Using this transformer, a 
small-signal sine wave is used to "modulate" the feedback 
signal. The AC voltages at "A" and "B" are measured and 
used to calculate loop gain. 

The loop gain is defined as the ratio of the two voltages: 
Loop Gain = VaA/b 
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Feedback and Loop Stability 

(Continued) 

It is important to note that the signal starting at the Vg point 
has a phase shift introduced into it as it travels through the 
loop (eventually arriving at the Va point). The amount of 
phase shift is critical in determining stability. 

FEEDBACK 

Feedback is used in all voltage regulators to hold the output 
voltage constant. The output voltage is sampled through a 
resistive divider {Figure 6), and that signal is fed back to one 
input of the error amplifier. Since the other input of the error 
amplifier is tied to a reference voltage, the error amplifier will 
supply current as required to the pass transistor to keep the 
regulated output at the correct DC voltage. 

It is important to note that for a stable loop, negative feed¬ 
back must be used. Negative feedback (sometimes called 
degenerative feedback) is opposite in polarity to the source 
signal (see Figure 7). 

SOURCE 

FEED A 
BACK'V 

NEGATIVE FEEDBACK 

SOURCE 

FEED A 
BACK 

POSITIVE FEEDBACK 

10123907 

FIGURE 7. FEEDBACK SIGNALS 

Because it is opposite in polarity with the source, negative 
feedback will always cause a response by the loop which 
opposes any change at the output. This means that if the 
output voltage tries to rise (or fall), the loop will respond to 
force it back to the nominal value. 

Positive Feedback occurs when the feedback signal has 
the same polarity as the source signal. In this case, the loop 
responds in the same direction as any change which occurs 
at the output. This is clearly unstable, since it does not 
cancel out changes in output voltage, but amplifies them. 
It should be obvious that no one would intentionally design 
positive feedback into the loop of a linear regulator, but 
negative feedback becomes positive feedback if it expe¬ 
riences a phase shift of 180°. 

PHASE SHIFT 

Phase shift is defined as the total amount of phase change 
(referred to the starting point) that is introduced into the 
feedback signal as it goes around the loop. Phase shift 
(expressed in degrees) is most often measured using a 
network analyzer. 

Ideal negative feedback is 180° out of phase wit the source 
{Figure 8), so its "starting point" is at -180°. This "180°" offset 
can also be seen in Figure 7, as the negative feedback 
waveforms are exactly one half cycle shifted with respect to 
each other. 


SOURCE 



IDEAL 

NEGATIVE 

FEEDBACK 

10123908 

FIGURE 8. PHASE SHIFT MAP 

It can be seen that starting at -180°, an additional phase 
shift of 180° (positive or negative) brings the signal back to 
zero, which is in phase with the source signal and would 
cause the loop to be unstable. 

PHASE MARGIN 

Phase margin is defined as the difference (in degrees) 
between the total phase shift of the feedback signal and 
-180° at the frequency where the loop gain is equal to 0 
dB (unity gain). A stable loop typically needs at least 20° of 
phase margin. 

Phase shift and phase margin can be calculated using the 
poles and zeros present in the Bode plot. 

POLES 

A pole {Figure 9) is defined as a point where the slope of the 
gain curve changes by -20 dB/decade (with reference to the 
slope of the curve prior to the pole). Note that the effect is 
additive; each additional pole will increase the negative 
slope by the factor "n" x (-20 dB/decade), where "n" is the 
number of additional poles. 



FREQUENCY (Hz) 

10123909 


FIGURE 9. POLE GAIN/PHASE PLOT 
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Feedback and Loop Stability 

(Continued) 

The phase shift introduced by a single pole is frequency 
dependent, varying from 0 to -90° (with a phase shift added 
by a pole (frequency). The most important point is that nearly 
all of the phase shift added by a pole (or zero) occurs within 
the frequency range one decade above and one decade 
below the pole (or zero) frequency. 

NOTE: a single pole can add only -90° of total phase shift, 
so at least two poles are needed to reach -180° (which is 
where instability can occur). 

ZEROS 

A zero {Figure 10) is defined as a point where the gain 
changes by +20 dB/decade (with respect to the slope prior to 
the zero). As before, the change in slope Is additive with 
additional zeros. 



FREQUENCY (Hz) 

10123910 


FIGURE 10. ZERO GAIN/PHASE PLOT 

The phase shift introduced by a zero varies from 0 to +90°, 
with a +45° shift occurring at the frequency of the zero. 

The most important thing to observe about a zero is that It is 
an “anti-pole", which is to say its effects on gain and phase 
are exactly the opposite of a pole. 

This is why zeros are intentionally added to the feedback 
loops of LDO regulators: they can cancel out of the effect of 
one of the poles that would cause instability if left uncom¬ 
pensated. 

BODE PLOT ANALYSIS 

A Bode plot which contains three poles and one zero {Figure 
11) will be analyzed for gain and phase margin. 


The DC gain is assumed to be 80 dB, with the first pole 
occurring at 100 Hz. At that frequency, the slope of the gain 
curve changes to -20 dB/decade. 



FIGURE 11. BODE PLOT WITH PHASE INFO 

The zero at 1 kHz changes the slope back to 0 dB/decade 
until the second pole at 10 kHz, where the gain curve slope 
returns to -20 dB/decade. 

The third and final pole at 100 kHz changes the gain slope to 
the final value of -40 dB/decade. 

It can also be seen that the unity-gain (0 dB) crossover 
frequency is 1 MHz. The 0 dB frequency is sometimes 
referred to as the loop bandwidth. 

The plot of the phase shift shows how the various poles and 
zeros contribute their effect on the feedback signal. To pro¬ 
duce this plot, the phase shift at each frequency point was 
calculated based upon summing the contributions of every 
pole and zero at that frequency. The phase shift at any 
frequency "f which is caused by a pole frequency located at 
frequency "fp" can be calculated from: 

Pole Phase Shift = - arctan (f/fp) 

The phase shift resulting from a zero located at frequency 
"fz" can be found using: 

Zero Phase Shift = arctan (f/f^) 

Is this loop stable? To answer that question, we need only 
the phase shift at 0 dB (which is 1 MHz in this case). Finding 
this does not require complex calculations: 

As stated in the previous sections, a pole or zero contributes 
nearly its full phase shift in the frequency range one decade 
above and below the center frequency of the pole (or zero). 
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Feedback and Loop Stability 

(Continued) 

Therefore, the first two poles and the first zero contribute 
their full phase shifts of -180° to +90°, respectively, resulting 
in a net phase shift of -90°. 

The final pole is exactly one decade below the 0 dB fre¬ 
quency. Using the formula for Pole Phase Shift, this pole will 
contribute -84° of phase shift @ 1 MHz. Added to the -90° 
from the two previous poles and the zero, the total phase 
shift is -174° (which means the phase margin is 6°). This 
loop would either oscillate or ring severely. 

NPN Regulator Compensation 

The pass transistor of the NPN regulator (see Figure 1) is 
connected in a circuit configuration known as common col¬ 
lector. An important characteristic of all common collector 
circuits is low output impedance, which means the pole from 
the power stage that it places in the loop gain occurs at a 
very high frequency. 

The NPN regulator uses a technique called dominant pole 
compensation because it has no Inherent low-frequency 
poles. In this case, a capacitor is built into the IC which 
places a pole in the loop gain at a low frequency {Figure 12). 



10 100 Ik 10k 100k 1M 10M 


FREQUENCY (Hz) 


FIGURE 12. BODE PLOT FOR NPN REGULATOR 

This dominant pole (shown as PI) for a typical NPN regu¬ 
lator is set at about 100 Hz. The 100 Hz pole causes the gain 
to decrease at a rate of -20 dB/decade until the second pole 
(P2) which is located at 3 MHz. At that point, the slope of the 
gain plot changes to -20 dB/decade. 

The frequency of P2 Is primarily due to the NPN power 
transistor and associated drive circuitry, so it is sometimes 
referred to as the power pole. Since P2 occurs at a fre¬ 
quency where the loop gain is -10 dB, its contribution to 
phase shift at the 0 dB frequency (1 MHz) will be small. 

To determine stability, it only requires that the phase margin 
at the 0 dB frequency be calculated: 

The first pole (PI) will contribute -90° of phase shift, but the 
second pole (P2) will add only -18° of negative phase shift @ 
1 MHz (0 dB). This means the total phase shift @ 0 dB is 
-108°, which yields a phase margin of 72° (which is very 
stable). 

It should also be noted that simple observation would clearly 
show this loop is stable, since reaching -180° of phase shift 
(the point of instability) would require the full contribution of 


-90° (each) from both poles, and P2 is too high in frequency 
to contribute significant phase shift at the 0 dB frequency 
(1 MHz). 

LDO Regulator Compensation 

The PNP transistor in an LDO regulator {Figure 2) is con¬ 
nected in a configuration called common emitter, which has 
a higher output impedance than the common collector con¬ 
figuration in the NPN regulator. This adds an additional 
low-frequency pole whose frequency is dependent both 
on load resistance and output capacitance. The fre¬ 
quency of this pole (which will be designated Pl for load 
pole) is found from: 

f (PJ = 1/ {2n X RlOAD X Cqut) 

The presence of the frequency-variable load pole Pl means 
that the simple dominant pole compensation method used in 
the NPN regulator will not work in an LDO unless additional 
compensation is added. To illustrate why this is true, the loop 
gain of a 5V/50 mA LDO regulator will be illustrated using 
these assumptions: 

At maximum load current, the load pole (Pl) occurs at a 
frequency given by: 

Pl — 1/ (27C X Rload ^ ^out) — H { 2 % x 100 x 10 ^) = 
160 Hz 

The internal compensation will be assumed to add a fixed 
pole (PI) at 1 kHz. 

A 500 kHz power pole (which will be designated Prwr) is 
present due to the PNP power transistor and driver. 

The DC gam is assumed to bo 80 dB 

Rl = 100U (which IS the value at maximum load current) 

^ouT =10 pF. 

Using the conditions stated above, a Bode plot {Figure 13) is 
drawn. It is immediately obvious that this loop is not stable: 
the two poles Pl and PI will each contribute -90° of phase 
shift to reach -180° at the 0 dB frequency (which is about 40 
kHz in this example). 

To reduce the negative phase shift (and prevent oscillations), 
a zero must be added to the loop. A zero can contribute as 
much as +90° of positive phase shift, which will cancel out 
the effects of one of the two low frequency poles. 



10 100 Ik 10k 100k 1M 10M 

FREQUENCY (Hz) 


FIGURE 13. LDO GAIN PLOT WITHOUT 
COMPENSATION 
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LDO Regulator Compensation 

(Continued) 

Nearly all monolithic LDO regulators require that this zero be 
added to the loop, and they derive it from a characteristic 
that is inherent in the output capacitor: equivalent series 
resistance (usually referred to ESR). 

LDO Compensation Using ESR 

Equivalent series resistance (ESR) is a characteristic that is 
present in every capacitor. It can be modeled electrically as 
a resistance that is placed in series with the capacitor {Fig¬ 
ure 14). 



10123914 


FIGURE 14. CAPACITOR SHOWING ESR 

The ESR of the output capacitor puts a zero in the loop gain 
which can be used to reduce excess negative phase shift. 
The frequency where the zero occurs is directly related to 
the value of the ESR and amount of output capacitance: 

^ZERO ~ 1/(271 X Cqut X ESR) 

Using the example in the previous section (Bode plot shown 
m Figure 13), we will assume that the value of Cqut = 10 pF 
and the output capacitor ESR = U2, which means a zero will 
occur at 16 kHz. 

Figure 15 shows how this added zero will change the un¬ 
stable plot into a stable one: 



FREQUENCY (Hz) 

10123915 


FIGURE 15. ESR ZERO STABILIZES LDO 

The bandwidth of the loop is increased so that the 0 dB 
crossover frequency moves form 30 kHz to 100 kHz. 

The zero adds a total of +81 ° positive phase shift at 100 kHz 
(the 0 dB frequency). This will reduce the negative phase 
shift caused by the poles Pl and PI. 

Since the pole Prwr Is located at 500 kHz, it adds only -11 ° 
of phase shift at 100 kHz. 

Summing all poles and zeros, the total phase shift at 0 dB is 
now -110°. This corresponds to a phase margin of +70°, 
which is extremely stable. 


This illustrates how an output capacitor with the correct 
value of ESR can generate a zero that stabilizes an LDO. 

ESR and Stability 

Virtually all LDO regulators require that the ESR of the 
output capacitor be within a set range to assure regulator 
stability. 

The LDO manufacturer provides a set of curves which define 
the boundaries of the stable region, plotted as a function of 
load current {Figure 16). 



LOAD CURRENT (mA) 

10123916 


FIGURE 16. ESR RANGE FOR Typical LDO 

To explain why these boundaries exist, the effects of low and 
high ESR on phase margin will be illustrated using the 
example previously developed. 

HIGH ESR 

Using the examples developed, in the previous sections, we 
will change the conditions and assume the ESR of the 10 pF 
output capacitor is increased to 20Q. This will decrease the 
frequency of the zero to 800 Hz {Figure 17). Reducing the 
frequency of the zero causes the loop bandwidth to increase, 
moving the 0 dB crossover frequency from 100 kHz to 
2 MHz. 

This increase bandwidth means that the pole PpwR occurs at 
a gain value of +20 dB (compared to -10 dB in Figure 14). 
Analyzing the plot {Figure 17) for phase margin, it can be 
assumed that the zero cancels out either PI or Pl. This 
means the loop has a two-pole response with the low fre¬ 
quency pole contributing -90° of phase shift and the high 
frequency pole PpwR contributing about -76° of phase shift. 
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ESR and Stability (Continued) 



FREQUENCY (Hz) 

10123917 


FIGURE 17. HIGH ESR CAUSES UNSTABLE LOOP 

Although this appears to leave a phase margin of 14° (which 
might be stable), bench test data shows that ESR values > 
10 Q. usually cause instability because of phase shifts con¬ 
tributed by other high-frequency poles which are not shown 
in this simplified model. 

LOW ESR 

An output capacitor with a very low ESR value can cause 
oscillations for a different reason. 

Continuing the example developed in the previous section, 
we will now reduce the ESR of the 10 pF output capacitor to 
50 mn, increasing the frequency of the zero to 320 kHz 
{Figure 18). 



FIGURE 18. LOW ESR CAUSES UNSTABLE LOOP 

When the plot is analyzed for phase margin, no calculations 
are required to see that it is unstable. 

The -90° phase shift from each of the two poles PI and Pl 
will produce a total phase shift of -180° at the 0 dB fre¬ 
quency. 

For this system to be stable, a zero is needed that would 
provide positive phase shift before the 0 dB point. However, 
since the zero is at 320 kHz, it’s too far out to do any good 
(and is cancelled out by Prwr)- 


Output Capacitor Selection 

Since the output capacitor is the user’s tool for compensat¬ 
ing a monolithic LDO regulator, it must be selected very 
carefully. Most cases of oscillations in LDO applications are 
caused by the ESR of the output capacitor being too high or 
too low. 

When selecting an output capacitor for an LDO, a solid 
tantalum capacitor is usually the best choice (except for 
parts specifically designed for ceramic capacitors like the 
LP2985). Tests performed on an AVX 4.7 pF Tantalum 
showed an ESR of 1.30 @ 25°C, a value that is almost 
perfectly centered in the stable region {Figure 16). 

Also very important, the ESR of the AVX capacitor varied 
less than 2:1 over the temperature range of -40°C to 
+125°C. Aluminium electrolytic capacitors are notorious for 
exhibiting an exponential increase in ESR at cold tempera¬ 
tures, and are not suitable for use as an LDO output capaci¬ 
tor. 

It must be noted that large (> 1 pF) ceramic capacitors 
typically have very low ESR values (< 20 m^), and will 
cause most LDO regulators to oscillate if connected directly 
to the output (except the LP2985). A ceramic capacitor can 
be used if some external resistance is added in series with it 
to increase the effective ESR. Large value ceramics also 
have a poor tempco (typically Z5U) which means the capaci¬ 
tance will drop in half as the temperature Is increased or 
decreased to the operating limits. 

Quasi-LDO Compensation 

When evaluating the quasi-LDO rogulalor (/ igufo 3) for sta 
bility and compensation, it has some of the electrical char¬ 
acteristics of both the LDO and NPN regulator. Since the 
quasi-LDO uses an NPN pass device, it is in the 
common-collector configuration which means it’s output de¬ 
vice node (emitter) looks like a relatively low impedance. 
However, because of the base of the NPN is being driven 
from a high-impedance PNP current source, the regulator 
output impedance of a quasi-LDO is not as low as the NPN 
regulator with an NPN Darlington pass device (but is much 
lower than a true LDO which drives the regulator output off 
the collector of a PNP). 

This means that the troublesome power pole of a quasi-LDO 
is at a lower frequency than the NPN regulator, so some 
compensation (output capacitance) is required to make a 
quasi-LDO stable. Of course, the pole is at a much higher 
frequency than the LDO, so the quasi-LDO requires less 
capacitance and the ESR is not as critical. 

For example, the LM1085 quasi-LDO rated for 3A of load 
current requires only 10 pF of Tantalum output capacitance 
to assure complete stability over all line and load conditions. 
No ESR graphs are given, since the value of ESR is not 
critical as it is in an LDO. 

Low-ESR Specific LDO’s 

National Semiconductor does have LDO regulators like the 
LP2985 and LP2989 which are specifically designed to work 
with extremely low ESR capacitors like surface-mount ce- 


9-139 


WWW national.com 


AN-1148 




AN-1148 


Low-ESR Specific LDO’s (Continued) 

ramies. This type of capacitor can have ESR values as low 
as 5-10 mQ, which will cause most typical LDO regulators to 
oscillate (as demonstrated in Figure 18. 

To make the LP2985 stable with such low ESR values, an 
internal zero is built in which takes the place of the ESR zero 
previously provided by the Tantalum output capacitor. The 
effect of this is to shift the stable ESR range downward. A 
typical LDO with no added internal zero might be stable ESR 
range from about 100 mQ to 5 (well suited for Tantalums 
but not ceramics). The stable range for the LP2985 extends 
down to 3 mD, and has an upper limit of about 500 mQ so it 
can be used with ceramics. 

The reason the upper limit is moved down can be under¬ 
stood by referring to Figure 15. As previously stated, the zero 
is now built into the LDO, so the ESR zero resulting from the 
output capacitor must stay at a high enough frequency that it 
does not cause the bandwidth to get too wide where high 
frequency poles would add enough phase shift to produce 
oscillations. 

The FET Advantage 

An LDO regulator can be built using a P-FET as the pass 
transistor (see Figure 19). 



FIGURE 19. P-FET LDO REGULATOR 

To see why using a P-FET LDO would be advantageous, it 
should be noted that all of the base current required by the 
power transistor in a PNP LDO {Figure 2) flows out of the 
ground pin and back to the negative input voltage return. 
Therefore, this base drive current is drawn from the input 
supply but does not drive the load, so it generates wasted 
power that must be dissipated within the LDO regulator: 

PWR (Base Drive) = V|n X I base 
T he amount of base current required to drive the PNP is 
equal to the load current divided by the beta (gain) of the 
PNP, and beta may be as low as 15-20 (at rated load 
current) in some PNP LDO regulators. The wasted power 
generated by this base drive current is very undesirable 
(especially in battery-powered applications). Using a P-FET 
solves this problem, since the Gate drive is very small. 
Another advantage of the P-FET LDO is that the dropout 
voltage can be made very small by adjusting the 
ON-resistance of the FET. For monolithic regulators, FET 
power transistors typically will give a lower ON-resistance 
per unit area than bipolar ONP devices. This allows making 
higher current regulators in smaller packages. 
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LP2980, LP2981, LP2982, 
LP2985 Micro SMD Demo 
Boards 


National Semiconductor 
Application Note 1172 
Chester Simpson 



Abstract 

This document describes the characteristics of the demo 
board designed for use with the micro SMD versions of 
National’s LP298X low dropout regulators. 

The components of each demo board vary by device type 
and voltage option. Lists of materials are provided which 
specify the correct external components to be used with 
each NSC part type. 


It should be noted that the noise bypass capacitor is only 
used on the LP2982 and LP2985. Demo boards for other 
parts types will not have a component installed at this loca¬ 
tion. 

Care must be taken so that the input voltage is not raised 
above 10V, since a 10V ceramic capacitor is called out for 
use at the C|n location. 




Demo Board (Top View) 
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List of Materials 

COMPONENTS COMMON TO ALL BOARD ASSEMBLIES 



Quantity 

Description 

Ref Designator 


1 

LP298X Micro SMD PCB Etch 001 


1 

Ceramic Cap, 1 pR 10V X7R (1206) 

C|N 

4 

Terminal, Uninsulated 0.094" IPI 
Cambion P/N 160-1026-02-01-00 

V,N, VouT. GND, on/off 

1 

Resistor, 10K, VeW %5 (1206) 

RP 

COMPONENTS WHICH VARY BY PART TYPE AND/OR VOLTAGE OPTION 

LP2980-4.5 Through LP2980-5.0 



Quantity 

Description 

Ref Designator 


1 

LP2980-X.X Micro SMD Device 

U1 

1 

Tantaium Cap, 2.2 pF, 10V 

CqUT 

1 

Not Used 

CB 


LP2980-3.1 Through LP2980-4.4 



Quantity 

Description 

Ref Designator 


1 

LP2980-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 4.7 pF, 6V 

^OUT 

1 

Not Used 

CB 


LP2980<1.5 Through LP2980-3.0 



Quantity 

Description 

Ref Designator 


1 

LP2980-X.X Micro SMD Device 

U1 

1 

Tantaium Cap, 10 pF, 6V 

CoUT 

1 

Not Used 

CB 


LP2981 -4.5 Through LP2981 -5.0 



Quantity 

Description 

Ref Designator 


1 

LP2981-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 2.2 pF, 10V 

^OUT 

1 

Not Used 

CB 


LP2981-3.1 Through LP2981-4.4 



Quantity 

Description 

Ref Designator 


1 

LP2981-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 4.7 pF, 6V 

Gout 

1 

Not Used 

CB 


LP2981-1.5 Through LP2981-3.0 



Quantity 

Description 

Ref Designator 


1 

LP2981-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 10 pF, 6V 

CqUT 

1 

Not Used 

CB 


LP2982-4.5 Through LP2982-5.0 



Quantity 

Description 

Ref Designator 


1 

LP2982-X.X Micro SMD Device 

U1 
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List of Materials (Continued) 


LP2982-4.5 Through LP2982-5.0 (Continued) 


Quantity 

Description 

Ref Designator 

1 

Tantalum Cap, 2.2 pF, 10V 

CoUT 

1 

Ceramic Cap, .01 pF, X7R or COG 

CB 


LP2982-3.1 Through LP2982-4.4 


Quantity 

Description 

Ref Designator 

1 

LP2982-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 4.7 pF, 6V 

^OUT 

1 

Ceramic Cap, .01 pF, X7R or COG 

CB 


LP2982-1.5 Through LP2982-3.0 


Quantity 

Description 

Ref Designator 

1 

LP2982-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 10 pF, 6V 

CqUT 

1 

Ceramic Cap, .01 pF, X7R or COG 

CB 


LP2985-4.5 Through LP2985-5.0 


Quantity 

Description 

Ref Designator 

1 

LP2985-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 2.2 pF, 10V 

Cqut 

1 

Ceramic Cap, .01 pF, X7R or COG 

CB 


LP2985-3.1 Through LP2985-4.4 


Quantity 

Description 

Ref Designator 

1 

LP2985-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 4.7 pF, 6V 

CqUT 

1 

Ceramic Cap, .01 pF, X7R or COG 

CB 


LP2985-1.5 Through LP2985-3.0 


Quantity 

Description 

Ref Designator 

1 

LP2985-X.X Micro SMD Device 

U1 

1 

Tantalum Cap, 10 pF, 6V 

Gout 

1 j 

Ceramic Cap, .01 pF, X7R or COG 

CB 
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LM3477 Evaluation Board 


Introduction 

The LM3477 is a current mode, high-side N channel FET 
controller. It is most commonly used in buck configurations, 
as shown in Figure 1. All the power conducting components 
of the circuit are external to the LM3477, so a large variety of 
inputs, outputs, and loads can be accommodated by the 
LM3477. 


National Semiconductor 
Application Note 1193 
Mark Hartman 




The LM3477 evaluation board comes ready to operate at the 
following conditions: 

4.5V< V,N< 15V 
VouT = 3.3V 
OA ^ louT “ .SA 

The circuit and BOM for this application are given below: 



FIGURE 1. LM3477 Buck Converter 


TABLE 1. Bill of Materials 


Component 

Value 

Part Number 

C|N1 

120mF/20V 

594D127X0020R2 

C|N2 

No connect 


CoUT1 

22MF/10V 

LMK432BJ226MM (Taiyo Yuden) 

CoUT2 

22pF/10V 

LMK432BJ226MM (Taiyo Yuden) 

L 

lOpH, 3.8A 

DO3316P-103 (Coilcraft) 

Rc 

^.8kQ 

CRCW08051821FRT1 (Vitramon) 

Cci 

12nF/50V 

VJ0805Y123KXAAT (Vitramon) 

^02 

No connect 


Q1 

5A, 30V 

IRLMS2002 (IRF) 

D 

100V, 3A 

MBRS340T3 (Motorola) 

Rdr 

20^2 

CRCW080520R0FRT1 (Vitramon) 

Rsl 

IkQ 

CRCW08051001FRT1 (Vitramon) 

RfB1 

16.2kO 

CRCW08051622FRT1 (Vitramon) 

RfB2 

10.0k^2 

CRCW08051002FRT1 (Vitramon) 

Off 

470pF 

VJ0805Y471KXAAT (Vitramony) 

Rsn 

0.03Q 

WSL 2512 0.03Q ±1% (Dale) 
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Performance 

Following are some benchmark data taken from the circuit 
above on the LM3477 evaluation board. This evaluation 
board may also be used to evaluate a buck regulator circuit 
optimized for a different operating point, or to evaluate a 
trade-off between cost and some performance parameter. 
For example, the conversion efficiency may be increased by 
using a lower Rds(on) MOSFET, ripple voltage may be low¬ 
ered with lower ESR output capacitors, and the hysteretic 
threshold may be changed as a function of the Rsn and Rql 
resistors. 

The conversion efficiency may be increased by using a lower 
Rds(on) MOSFET, however it drops as input voltage in¬ 
creases. The efficiency reduces because of increased diode 
conduction time and increased switching losses. Switching 
losses are due to the Vds*ld transition losses and to the gate 
charge losses, both of which may be lowered by using a FET 
with low gate capacitance. At low duty cycles, where most of 
the power loss in the FET is from the switching losses, 
trading off higher Rds(on) fo'' lower gate capacitance will 
increase efficiency. 


Given below is a bode plot of LM3477 open loop frequency 
response using the external components listed in Table 1. 



Magnitude = 20 dB/Decade Bandwidth = 39.8kHz 
Phase = 457Decade Phase Margin = 41° 

FIGURE 4. Open Loop Frequency Response 
V,n = 5V, Vout = 3.3V,Iout=1-5A 



FIGURE 2. Efficiency vs Load 
VouT = 3.3V 



0 5 10 15 20 

Vin (V) 


Hysteretic Mode 

As the load current is decreased, the LM3477 will eventually 
enter a ’hysteretic’ mode of operation. When the load current 
drops below the hysteretic mode threshold, the output volt¬ 
age rises slightly. The over voltage protection (OVP) com¬ 
parator senses this rise and causes the power MOSFET to 
shut off. As the load pulls current out of the output capacitor, 
the output voltage drops until it hits the low threshold of the 
OVP comparator and the part begins switching again. This 
behavior results in a lower frequency, higher peak-to-peak 
output voltage ripple than with the normal pulse width modu¬ 
lation scheme. The magnitude of the output voltage ripple is 
determined by the OVP threshold levels, which are referred 
to the feedback voltage and are typically 1.25V to 1.31V (see 
Electrical Characteristics table in the LM3477 datasheet). In 
the case of a 3.3V output, this translates to a regulated 
output voltage between 3.27V and 3.43V. The hysteretic 
mode threshold point is a function of Rsn and Rql- Figure 5 
shows the Hysteretic Threshold vs. V,n for the LM3477 
evaluation board with and without Rsl- 



V,n(V) 


20016302 


FIGURE 3. Efficiency vs V.^ 

VouT = 3.3V, louT = 2A FIGURE 5.1™ vs 
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Increasing Current Limit 

The Rsl resistor offers flexibility in choosing the ramp of the 
slope compensation. Slope compensation affects the mini¬ 
mum inductance for stability (see the Slope Compensation 
section in the LM3477 datasheet), but also helps determine 
the current limit and hysteretic threshold. As an example, 
Rsl can be disconnected and replaced by a 0 ohm resistor 
so that no extra slope compensation is added to the current 
sense waveform to increase the current limit. A more con¬ 
ventional way to adjust the current limit is to change Rsn- 
Rsl is used here to change current limit for the sake of 
simplicity and to demonstrate the dependence of current 
limit to Rsl- By changing Rql to 0 ohm, the following condi¬ 
tions may be met: 


4.5V <V,N< 15V 
^ouT — 3.3V 
OA < louT ^ 3A 

The current limit is a weak function of slope compensation 
and a strong function of the sense resistor. By decreasing 
Rsl. slope compensation is decreased, and as a result the 
current limit increases. The hysteretic mode threshold will 
also increase to about 1A (see Figure 5). 

Given below is a bode plot of LM3477 open loop frequency 
response using the modified (Rsl = 0^^) components to 
achieve higher output current capability. 



Magnitude = 20 dB/Decade Bandwidth = 55.3kHz 
Phase = 457Decade Phase Margin = 42° 

FIGURE 6. Open Loop Frequency Response 
V,N = 5V, VouT = 3.3V, louT = 3A 


Layout Fundamentals 

Good layout for DC-DC converters can be implemented by 

following a few simple design guidelines: 

1 Place the power components (catch diode, inductor, and 
filter capacitors) close together. Make the traces be¬ 
tween them short. 

2. Use wide traces between the power components and for 
power connections to the DC-DC converter circuit. 

3. Connect the ground pins of the input and output filter 
capacitors and catch diode as close as possible using 
generous component-side copper fill as a 
pseudo-ground plane. Then, connect this to the 
ground-plane with several vias. 

4. Arrange the power components so that the switching 
current loops curl in the same direction. 


5. Route high-frequency power and ground return as direct 
continuous parallel paths. 

6. Separate noise sensitive traces, such as the voltage 
feedback path, from noisy traces associated with the 
power components. 

7. Ensure a good low-impedance ground for the converter 
1C. 

8. Place the supporting components for the converter 1C, 
such as compensation, frequency selection and 
charge-pump components, as close to the converter 1C 
as possible but away from noisy traces and the power 
components. Make their connections to the Converter 1C 
and it’s pseudo-ground plane as short as possible. 

9. Place noise sensitive circuitry, such as radio-modem IF 
blocks, away from the DC-DC converter, CMOS digital 
blocks, and other noisy circuitry. 
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Layout Fundamentals (Continued) 
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FIGURE 8. LM3477 Evaluation Board PCB Layout (Bottom Side) 


4 
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FIGURE 7. LM3477 Evaluation Board PCB Layout (Top Side) 
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LM2622 Step-Up DC/DC 
Converter Evaluation 
Board 


National Semiconductor 
Application Note 1198 
Clinton Jensen 



The LM2622 is a step-up converter with an adjustable 
switching frequency and a low power shutdown feature. The 
evaluation board was designed for boosting a l-cell Li-Ion 
battery input volatge to a regulated output of 5V. The board 
includes 2 jumpers: One selects whether the part is running 
or is in shutdown mode, and the other selects a switching 


frequency of either 600 kHz or 1.3 MHz. The component 
values on the board are designed for 600 kHz operation, but 
will work well at 1.3MHz. Smaller component values can 
generally be used if the part is operated at the higher fre¬ 
quency. The bill of materials and the schematic follows: 


TABLE 1. Bill of Materials 


Designator 

Description 

Manufacturer 

Model Number 

U1 

Step-Up Regulator 

National Semiconductor 

LM2622 

LI 

Inductor (1.2A average rating) 

Sumida 

CRDH5D18-100NC 

C|N2 

Input Capacitor (22pF, 10V 
rating) 

Taiyo-Yuden 

LMK432BJ226K 

Cquti 

Output Capacitor (lOpF, 16V 
rating) 

Taiyo-Yuden 

EMK325BJ106K 

D1 

Output Diode 

International Rectifier 

15MQ040N 

RfB1 

20.5 k^^ Feedback Resistor 



RfB2 

6.98 kn Feedback Resistor 



Rc 

20 kO, Compensation Resistor 




1 nF Compensation Resistor 




Because of the capacitor ratings, the input to the board 
should always be 10V or less and the output should not be 
set to higher than 16V. Higher voltages (to the 1C limits) may 
be used if higher voltage capacitors are used. A larger 


inductor may also be required if the input current is expected 
to exceed 1.2A, or if output short circuit conditions are 
anticipated. 


LI 
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LM2698 Demoboard 


National Semiconductor 
Application Note 1202 
Mark Hartman 



Introduction 

A printed circuit board has been developed to aid in the 
design and evaluation of the LM2698 DC-DC boost con¬ 
verter. This application note contains information about the 
board. 

General Description 

The LM2698 is a general purpose, high frequency DC-DC 
converter. This board is intended to demonstrate the primary 
advantages of the LM2698. The LM2698 is able to operate 
at 1.25MHz switching frequency, yielding extremely high 
power density. The low Rds(on) internal MOSFET allows for 
high conversion efficiency. It u$es a current mode control 
scheme, giving superior line and load regulation. The 
LM2698 IS a Simple Switcher®, which includes Switchers 
Made Simple software for fast, effective designs. 


The LM2698 demoboard will operate with the following pa¬ 
rameters: 

4.5V < V,N < 9V 
VouT = 12V 
0 ^ louT — 400mA* 

Note: * See Figure 2 for Iqut vs V|n 

Note 1 : The inductance affects the stability of the converter See the COM¬ 
PENSATION section in the datasheet for tips on optimizing the inductance 
value, especially for input voltages less than 5V To operate this demoboard 
at voltages below 4 5V with the supplied 10pH inductor and remain in a safe 
stability region, use a 1 25 MHz switching frequency (if V|n > 5V, a 600 kHz 
or 1 25 MHz switching frequency is acceptable) 

Note 2: When operating the LM2698 at 1 25 MHz switching frequency, it is 
recommended to increase the bypass capacitance, Cbyp> to 0 220 pF 



Battery or 
Power 
Source 


^IN 

22pF, 10V 


RUN 

o 6 



SW 


VlN 

LM2698 


SHDN 


FB 


Vc 

GND 




p 

^BYP 

0 VF 


Rc 

24 9k 


4 7nF 


FIGURE 1. LM2698 Demoboard Schematic 
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TABLE 1. Bill of Materials 


Component 

Value 

Description 

Model Number 

^OUT 

lOpF 

Output Capacitor 

TMK432BJ106MM (Taiyo Yuden) 

C|N 

22mF 

Input Capacitor 

LMK432BJ226MM (Taiyo Yuden) 

Cc 

4.7nF 

Compensation Capacitor 

VJ0805Y472MXAAT (Vishay) 

Cbyp 

O.lpF 

Bypass Capacitor 

VJ0805Y104KXAAT (Vishay) 

D 

1A, 20V 

Schottky Power Diode 

MBRM120LT3 (ON-Semiconductor) 

L 

lOpH 

Power Inductor 

CDRH6D38-100 (Sumida) 

Rc 

24.9k 

Compensation Resistor 

CRCW 0805 2492 FRT1 (Vishay) 

RfB1 

30.1k 

Top Feedback Resistor 

CRCW 0805 3012 FRT1 (Vishay) 

RfB2 

3.48k 

Bottom Feedback Resistor 

CRCW 0805 3481 FRT1 (Vishay) 


TABLE 2. Jumper Settings 


Jumper 

Setting 

Description 

J1 

600 kHz 

600 kHz switching frequency 

1.25 MHz 

1.25 MHz switching frequency 

J2 

Run 

LM2698 is regulating 

SD 

LM2698 is shutdown 


Maximum Output Current 

The current limit of the LM2698 is with respect to the switch 
current. This means that the maximum output current to the 


load is dependent on duty cycle. With a fixed Vqut. the 
maximum output current will be a function of V|n, as shown 
in Figure 2. 



20023002 


FIGURE 2. Maximum Output Current vs Input Voltage 
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FIGURE 3. LM2698 Demoboard Top Layer Layout 
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FIGURE 4. LM2698 Demoboard Bottom Layer Layout 



9-151 


www.national.com 


AN-1202 













































AN-1203 


LM2611 Demoboard 


National Semiconductor 
Application Note 1203 
Mark Hartman 


(9 


Introduction 

The LM2611 demoboard is a working demonstration of a 
typical LM2611 Cuk converter layout. This application note 
contains information about the board. See the datasheet for 
more information on the LM2611 and Cuk topology. 


General Description 


The LM2611 is typically used in inverting Cuk converter 
applications. The Cuk converter offers the advantages of low 
input and output ripple current and the ability to step up or 
step down the magnitude of the input voltage. The NFB pin 


allows for simple feedback of the negative output voltage. 
The demoboard is assembled to show a small yet practical 
layout. The board wilf operate under the following conditions: 
4.5V < V|N < 5.5V 
Vqut = ~5V 
0 ^ Iqut — 300mA 

Note: The input capacitor is rated for 6.3V. Do not apply 
greater than 5.5V without first replacing the input capacitor 
with one of higher voltage rating (V|n(max) = 14V). The input 
voltage may be as low as 2.7V, however the maximum load 
will be lower than 300 mA. 



Component 

^BYP 

^CUK 


TABLE 1. Bill of Materials 
I Description 


Model Number 


O.lpF 

Bypass Capacitor 

VJ0805Y104KXAAT (Vishay) 

2.2mF 

Cuk Capacitor 

EMK316BJ225ML (Taiyo 
Yuden) 

InF 

Feedforward Capacitor 

VJ0805Y102KXAAT (Vishay) 

22MF/6.3V 

Input Capacitor 

LMK325BJ226MM (Taiyo 
Yuden) 

22pF/6.3V 

Output Capacitor 

LMK325BJ226MM (Taiyo 
Yuden) 


Scottky Diode 

MBRM120LT3 (Motorola) 

22mH 

Input Inductor 

CR32-220 (Sumida) 

22pH 

Output Inductor 

CR32-220 (Sumida) 

29.4ka 

Feedback Resistor 

CRCW08052492FRT1 

(Vishay) 

10.0k^2 

Feedback Resistor 

CRCW08051002FRT1 

(Vishay) 
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FIGURE 2. LM2611 Demoboard Top Layer Layout 
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FIGURE 3. LM2611 Demoboard Bottom Layer Layout 
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LM3478/LM3488 Evaluation 
Board 


National Semiconductor 
Application Note 1204 
Chance Dunlap 



Introduction 

The LM3478 and LM3488 are current mode, low side N 
channel FET controllers. They can utilized in numerous con¬ 
figurations including a Boost, Flyback or SEPIC (Single 
Ended Primary Inductor Converter). This evaluation board 
demonstrates the flexibility of the LM3478 in a boost topol¬ 
ogy. The operating conditions for the evaluation board are 
listed below: 


4.5V < V,N < 5.5V 
VouT = 12V 
OA < Iqut — 1 

The circuit and bill of materials for this design are given 
below: 



TABLE 1. Bill of Materials 


Component 

Value 

Model Number 

U1 


LM3478 

LI 

3.3mH 

D03316P-332 (Coilcraft) 

Q1 

30V/11A 

FDS6690A (Fairchild) 

D1 

100V/3A 

MBRS340T3 (Motorola) 

C,N 

Tantalum, 220pF/10V 

595D227X9010R2 (Sprague) 

CqUT 

Tantalum, 150pF/16V 

595D157X9016R2 (Sprague) 

Cquti 

No Connect 


Cci 

0.1pF/25V 

VJ0805Y104KXXA (Vitramon) 

Cc2 

No Connect 


CbyP 

0.1pF/25V 

VJ0805Y104KXXA (Vitramon) 

CsEN 

0.01mF/25V 

VJ0805Y103KXXA (Vitramon) 

Rfbi 

84.5ka 

CRCW08058452 (Vitramon) 

RfB2 

lOkQ 

CRCW08051002 (Vitramon) 

Rc 


CRCW08051001 (Vitramon) 

Rsen 

0.01 oa 

(Dale, 1%, 1W, R01F, 2512) 

Rdr 

on 

CRCW0805600R0 (Vitramon) 

Rsi 

604a 

CRCW08056040 (Vitramon) 

RpA 

40.2ka 

CRCW08054022 (Vitramon) 
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Performance 

Benchmark data has been taken from the evaluation board 
using the LM3478. Figure 2 shows an efficiency measure¬ 
ment taken at the maximum load of 1.5A with Vin at 5V. 



0 0 25 0 5 0 75 1 1 25 1 5 

Load (A) 

20023503 

FIGURE 2. Efficiency vs Load 

The open loop frequency response was also measured us¬ 
ing the evaluation board as specified in the bill of materials. 
The bode plot can be seen below in Figure 3. 
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FIGURE 3. Frequency Response 

The advantage of the evaluation board is the ability to ex¬ 
amine performance tradeoffs through substitution of parts. 
By careful selection of the components used, it is possible to 
optimize the application circuit for a given parameter. For 
instance, the FET footprint has been designed to accommo¬ 
date either a SO-8 or SOT23-6 package. The selection of 
FET would then be determined by the design constraints. An 
example would be that a lower system cost could be ob¬ 
tained by selection of a FET with a higher Rds(on). although 
performance would be sacrificed through reduced efficiency. 


Current Limit 

The purpose of the Rsl resistor is to provide flexibility in the 
selection of the slope compensation needed for the required 
application. The amount of slope compensation directly de¬ 
termines the minimum inductance required for stability. 
(Please see the LM3478 or LM3488 datasheet for adjust¬ 
ment of slope compensation). In addition to slope compen¬ 
sation Rsl also provides assistance in the adjustment of 
current limit. Current limit is usually solely determined by the 
value of the sense resistor Rsn. But in the LM3478 and 
LM3488 an increase in Rsl causes the current limit to de¬ 
crease by a slight amount. This can be advantageous in 
several situations. Common sense resistor values are typi¬ 
cally separated by large intervals, making the task of accu¬ 
rately setting the current limit in any application difficult. As a 
result current limit is often ignored during the design phase, 
which can cause the application to suffer. An excessively 
high current limit can result in startup problems if the 
cycle-by-cycle current limit does not engage, limiting the 
effect of the soft start feature Or worse, current limit could 
be set to low causing the output voltage to drop at the 
maximum load. This is where the Rsl resistor can be used to 
avoid these issues. By selecting a common value sense 
resistor, current limit can be accurately set by calculating the 
Rsl size needed. This eliminates the need to choose custom 
sense resistors that can be cost prohibitive and cause pro¬ 
duction issues because of the difficulty in obtaining an ad¬ 
equate supply. For a complete discussion on how to calcu¬ 
late the Rsl value needed, refer to the current limit section in 
the LM3478 or LM3488 datasheet. 

Layout Fundamentals 

Good layout for DC-DC converters can be implemented by 
following a few simple design guidelines: 

1. Place the power components (catch diode, inductor, and 
filter capacitors) close together. Make the traces be¬ 
tween them as short and wide as possible. 

2. Use wide traces between the power components and for 
power connections to the DC-DC converter circuit. 

3. Connect the ground pins of the input and output filter 
capacitors and catch diode as close as possible using 
generous component-side copper fill as a 
pseudo-ground plane. Then, connect this to the ground 
plane through several vias. 

4. Arrange the power components so that the switching 
loops curl in the same direction. 

5. Separate noise sensitive traces, such as the voltage 
feedback path, from noisy traces associated with the 
power components. 

6. Ensure a good low-impedance ground for the converter 
IC. 

7. Place the supporting components for the converter IC, 
such as compensation and frequency selection compo¬ 
nents as close to the converter IC as possible, but away 
from noisy traces and the power components. Make 
their connections to the converter IC and its pseudo¬ 
ground plane as short as possible. 

8. Place noise sensitive circuitry such as radio or modem 
blocks away from the DC-DC converter. 
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LM2593HV Evaluation 
Board 


National Semiconductor 
Application Note 1207 
Sanjaya Maniktala 



Specifications of the Board 

The board is designed for a nominal DC input of 48V, but can 
safely withstand up to 60V. The regulated DC output is 12V 
at a maximum load current of 2A. It uses the Adjustable 
Version of the LM2593HV in 7 lead Surface Mount Package 
(T0263). Relying on careful layout, it eliminates the need for 
a snubber across the diode and uses a minimum number of 
components. It has shutdown capability and error flag output 
available on the board It incorporates soft-start and delayed 
output error signaling and has an overall efficiency higher 
than 85%. 

The board uses no external heatsinks, or through-hole parts 
and IS therefore suitable for a fully automatic production 
process. It requires only 1.7 x 2.0 x 0.7 cu. inches of space. 
The printed circuit board is standard 1.6 mm thick (62 mils) 
‘y 2 oz’ double-sided FR4 laminate, with additional cooper 
plating, totaling a little over 1 oz of copper (“1 oz” is 1.4 
mils/35 pm thick). The traces have been left unmasked to 
allow solder to deposit on the traces during reflow, so as to 
aid thermal dissipation. The converter is designed for con¬ 
tinuous operation at rated load under natural convection up 
to a maximum ambient of 40°C. 

Component Selection 

We set 
V,N = 48V 
Vo = 12V 
Io = 2A 


INDUCTOR 

We define ‘D’ as the Duty Cycle and ‘r’ the ripple current ratio 
AI/Iq. See Application Note AN-1197 for more details on the 
terms and equations used here. 

We choose r to be 0.3 here as per the design procedure 
inductor nomographs in the LM2593HV datasheet as well as 
the guidelines in the referenced Application Note. Y is re¬ 
lated to the inductance through the equation 

Et 


The switch ON-time is 


^ON 


2 

f 


(12 + 0.5) X 10^ 

- usees 

(48 - 1.5 + 0.5) X 150000 


toN = 1.77 (is 

So the Voltpseconds ‘Et’ is 

Et = (V,N - Vsw - Vo) X toN = (48-1.5-12) x 1.77 Vps 
Et = 61.1 Vps 

Estimated inductance is therefore 


L = 


61.1 

0.3 x 2.0 


jj,H 


L= 101.8 pH 

The first pass selection of the inductor is usually on the basis 
of the inductance calculated above and the max load cur¬ 
rent. But if the Input Voltage exceeds 40V, as it does here, 
we need to evaluate the inductor further to ensure that the 
converter withstands damage if the outputs are 
overloaded/shorted. Here we have chosen a 100 pH/1.8A 
drum core type (large inherent air gap) from Coilcraft, which 
saturates above 3A. It is designed for a 40°C rise in tem¬ 
perature at a maximum ambient of 85°C. We have accepted 
its use at a load current slightly higher than its continuous 
rating since the maximum ambient temperature for the 
demo-board is only 40°C not 85°C, and since we also know 
it does not saturate at the maximum load current. 

INPUT CAPACITOR 

The Voltage rating of the input capacitor must be higher than 
the DC Input. Tantalum capacitors were not considered suit¬ 
able here due to their 50V maximum rating, and their inher¬ 
ent surge current limitations (which are always of concern 
especially at high input voltages). We have chosen a 63V 
aluminum electrolytic SMT capacitor from Panasonic, sized 
to handle the RMS current as calculated below: 


where ‘Et’ is the applied Voltpsecs, Ipc is the maximum rated 
load in Amps, and L is the inductance in pH. 

The Duty Cycle is 'rMS.IN 

Vo + Vd 

D “ 


fZ 

r r^l 

p TiJ 

" V,N - Vsv, + Vd 

'RMS_m “ J 

where Vq is the diode forward voltage drop (=0.5V), and Vsw ^ 

L.27- 

0.3^ 

[l -0.27.—J 


IS the drop across the switch when it is ON, plus any para- 
sitics (=1.5V). So 


D = 


12 + 0.5 


0.89 A 


The capacitor we chose is 100 pF with an RMS current rating 
of 1.02Aat 100 kHz. 


48 


1.5 + 0.5 


= 0.27 
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Component Selection (Continued) 

OUTPUT CAPACITOR 

We have chosen a capacitor type similar to the input capaci¬ 
tor mainly for logistic reasons. It was initially sized simply to 
handle the RMS current as calculated below, and with a 
voltage rating just higher than the output voltage. Subse¬ 
quently, a Bode plot for the feedback loop confirmed that the 
phase margin was acceptable at around 40°. This validated 
the initial selection. The required RMS rating of the output 
capacitor is: 

_ r 

'rms.out “ 



The capacitor we chose is 47 pF/16V with an RMS current 
rating of 0.24A at 100 kHz and an ESR of 0.36Q. 

CATCH DIODE 

The Voltage rating must be higher than the input voltage. We 
have picked a 60V Schottky diode here. The average current 
in the catch diode is 
Iavg_d = Iq • ('l~D) 


Iavg_d = 2 • (1-0.27) = 1.47A 

Usually the average current would be a starting point for the 
diode selection. But GOV Schottky diodes have a higher 
forward voltage drop than low voltage Schottkys, unless they 
are ‘over-sized’ in terms of their current rating. So to force 
good efficiency, we wanted to consider a diode with a 
‘hot-drop’ (the forward drop with the diode hot) of no greater 
than 0.5V (at an instantaneous forward current of about 2A). 
This meant using a 3A/60V Schottky diode from International 
Rectifier. 

Schematic 

The board schematic is presented in Figure 1. The key 
layout suggestions are also indicated on the schematic. 
Shutdown capacity is available and the pinout marked ‘SD’ 
on the board can be taken low to cause the output of the 
converter to fall to OV. The ‘Flag’ pin output is also available 
and it goes high (pulled up by R3 to the 12V rail) to indicate 
that the output is well-regulated. When the output is ‘not OK’, 
this pin is pulled down internally by the 1C and in this condi¬ 
tion it sinks 12V/21K=0.6 mA. The maximum voltage on the 
Flag pin should not exceed 45V and the current into it should 
not be higher than 3 mA. Therefore in our case it cannot be 
connected directly to the input voltage rail. The resistors R1 
and R2 from a simple voltage divider designed to give 1.23V 
at the feedback pin when the output is at 12V. 



20025611 

Layout Suggestions 

a) Traces shown in BOLD need to be short (not wide) as they pass high frequency current pulses Wide copper planes with switching current/voltage can 
radiate excessively 

b) Trace to Feedback Pm (Pin 6) should not pass directly under L1 (to avoid pickup) 


FIGURE 1. 
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Layout and Bill of Material 

The two sides of the board are presented in Figures 2, 3. The 
Bill of Material is presented in Table 1. 


TABLE 1. Bill of Material 


Designator 

Description 

Manufacturer 

Part Number 

Quantity 

U1 

LM2593HVS-ADJ 

National Semiconductor 

LM2593HVS-ADJ 

1 

D1 

3A/60V Schottky 

International Rectifier 

MBRS360TR 

1 

LI 

100 pH/I.SA 

Coilcraft 

D05022-104 

1 

Cl 

100 MF/63V 

Panasonic 

EEVFC1J101Q 

1 

C2, C3, C4 

0.1 pF/IOOV 

Vishay-Vitramon 

VJ1206Y104KXBA 

3 

C5 

47 pF/16V 

Panasonic 

EEVFK1C470P 

1 

R1 

2.37K/1% 

Vishay 

CRCW12062371F 

1 

R2, R3 

21K/1% 

Vishay 

CRCW12062102F 

2 



2Q inche-' 
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FIGURE 2. Top Side (Component Side) of PCB 
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Layout and Bill of Material (Continued) 
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FIGURE 3. Bottom Side of PCB Viewed from Top 
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LM2633 Evaluation Board 


Notes 

1. When a DIP switch slide is ON, the signal whose label 
appears beside that slide is grounded; 

2. Much flexibility is built into the board. For example, it is 
possible to use a dual SO-8 FET in Ch2, it is possible to 
use leaded capacitors at the switching outputs, and 
VDDX voltage (5V) can be supplied externally, etc. 


National Semiconductor 
Application Note 1208 


4. The board shuts down after a VID bit is toggled on the 
DIP switch; 

Do not change the Chi voltage setting on the fly using 
the DIP switch. Instead, set the corresponding DIP VID 
bits to float, and then use a signal generator to toggle the 
corresponding VID terminal(s). 

5. Output voltage is too noisy; 

If you see large voltage spikes in the output voltage 
waveform, with a 2 ps/div time base, it is most probably 
noise picked up by your probe. You can greatly reduce 
the sensitivity of your probe to the radiated noise by 
shortening its ground lead. 



Specifications 

Input Voltage: 5V to 24V (don’t go above 24V because input 
capacitors are rated for 25V only); 

Continuous Load Current: 

Chi = 16A; 

Ch2 = 5A; 

Ch3 = 300 mA; 

Output Voltage: 

Ch1 = DAC-Programmable (0.9V ~ 2.0V); 

Ch2 = 1.5V; 

Ch3 = 2.5V; 

Minimum Steady-State Duty Cycle: 

8% (steady-state duty cycle lower than this may cause sub- 
harmonic oscillations) 

DIP Switch-Changeable Settings: 

VIDO to VID4 logic levels; 

ON/SSI and ON/SS2 pins (either grounded or connected to 
a capacitor); 

FPWM pin (either grounded or pulled up to 5V); 

UV_Delay pin (either grounded or connected to a capacitor). 

Troubleshooting Guide 

1. Board wouldn’t start; 

Try one or all of the following: 

A. Check the DIP switch (SI) setting and make sure 
ONI and ON2 are not grounded at the same time; 

B. Check the current limit setting on the input power 
supply and make sure it is more than 2A during start 
up; 

C. Disconnect all loads; 

D. Make sure input voltage is between 5V and 24V. 

2. Power Good flag does not go high; 

A. Make sure the 3.3V is connected; 

B. If a scope probe is used to measure the voltage, 
make sure the scope is not set to 50^1 termination 
impedance; 

C. Make sure all three channels are presenting the 
correct voltage. 

3. Under-Voltage Shutdown does not activate; 

A. Make sure the UVD bit is not grounded at the DIP 
switch; 

B. Channel 3 will recover after the fault condition disap¬ 
pears. 


Using an External 5V to Supply the 
FET Drivers 

Using the internal VLIN5 to power the VDDX pins has an 
efficiency penalty at light loads, especially when the input 
voltage is high. If there happens to be an external 5V avail¬ 
able, It may make sense to use the external one. However, 
there may be a timing issue. Namely, if the external 5V 
comes up too late so that at the erid of the soft start process 
the output voltages are still too low, then UVP will activate 
and cause the system to shut down. To work around this 
potential issue, it is recommended to DIODE OR the two 5V 
rails. Of course, the external 5V needs to be slightly higher 
than VLIN5 so that the latter will not be supplying VDDX 
current. To do this, remove R16 on the evaluation board, and 
connect the external 5V to terminal “ext5v”. 

Speedstep^*^ Setup 

There are five VID terminals on the board. Determine which 
VID pins you need to toggle, and set the corresponding DIP 
switch slides to OFF. Set the signal generator to square 
wave, with a frequency below 1 kHz, and voltage levels 
between OV and 5V. Connect the signal generator to the 
corresponding VID terminal(s) and to the “sgnd” terminal. 
Enable the signal generator after soft start. 

Adaptive Voltage Positioning 

Adaptive voltage positioning (AVP) is a technique that lowers 
the output voltage when the load is heavier and raises it 
when the load is lighter. The technique creates more room 
for fast load transients and thus saves output capacitors To 
do AVP, cut open the wide trace that is shorting the two pads 
of R17, and install a current sense resistor. Then use R15 
and R18 to adjust the amount of current feedback needed. 

Using NFET with Channel 3 

While G3 pin of Channel 3 can go up to 4V maximum, if the 
output voltage is low enough, it is still possible to use an 
NFET as the pass transistor. With this evaluation board, a 
TSOP-6 FET can be installed as Q8. Check the “Current 
Sourcing Capability of Pin G3 vs. Its Voltage” curve in the 
data sheet and determine if an NFET can be used for your 
application. 
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Connection Diagram 

TOP VIEW 



FBI — 

1 

48 

— ILIM1 

C0MP1 — 

2 

47 

— NC 

NC — 

3 

46 

— KS1 

ON/SSI — 

4 

45 

— SW1 

0N/SS2 — 

5 

44 

— HDRV1 

VIDO — 

6 

43 

— CB00T1 

VID1 — 

7 

42 

— ''ddi 

VID2 — 

8 

41 

— LDRV1 

VID3 — 

9 

40 

— LDRV1 

VID4 — 

10 

39 

— PGND1 

UV-DELAY — 

11 

38 

— PGND1 

FPWM — 

12 

37 

— NC 

PGOOD — 

13 

36 

— VLIN5 

NC — 

14 

35 

~V|N 

NC — 

15 

34 

— PGND2 

GND — 

16 

33 

— LDRV2 

GND — 

17 

32 

''dD2 

G3 — 

18 

31 

— CB00T2 

0UT3 — 

19 

30 

— HDRV2 

NC — 

20 

29 

— SW2 

FB3 — 

21 

28 

— NC 

C0MP2 — 

22 

27 

— KS2 

FB2 — 

23 

26 

— NC 

SENSE2 — 

24 

25 

— ILIM2 


20025701 

48-Lead TSSOP (MTD) 
Order Number LM2633MTD 
See NS Package Number MTD48 


Pin Descriptions 

FB1 (Pin 1): The feedback input for Channel 1. Connect to 
the load directly. 

COMP1 (Pin 2): Channel 1 compensation network connec¬ 
tion (connected to the output of the voltage error amplifier). 
NC (Pins 3, 14, 15, 20, 26, 28, 37 and 47): No internal 
connection. 

ON/SSI (Pin 4): Adding a capacitor to this pin provides a 
soft-start function which minimizes inrush current and output 
voltage overshoot; A lower than 0.8V input (open-collector 
type) at this pin turns off Channel 1; also if both ON/SSI and 
ON/SS2 pins are below 0.8V, the whole chip goes into shut 
down mode. 

ON/SS2 (Pin 5): Adding a capacitor to this pin provides a 
soft-start function which minimizes inrush current and output 
voltage overshoot; A lower than 0.8V input (open-collector 
type) at this pin turns off Channel 2; also if both ON/SSI and 
ON/SS2 pins are below 0.8V, the whole chip goes into shut 
down mode. 

VID4-0 (Pins 6-10): Voltage identification code. Each pin 
has an internal pull-up. They can accept open collector 
compatible 5-bit binary code from the CPU. The code table is 
shown in Table 2. 

UV_DELAY (Pin 11): A capacitor from this pin to ground 
adjusts the delay for the output under-voltage lockout. 
FPWM (Pin 12): When FPWM is low, pulse-skip mode op¬ 
eration at light load is disabled. The regulator is forced to 
operate in constant frequency mode. 


PGOOD (Pin 13): A constant monitor on the output voltages. 
It indicates the general health of the regulators. For more 
information, see Power Good Truth Table and Power Good 
Function in Operation Descriptions, 

GND (Pin 16-17): Low-noise analog ground. 

G3 (Pin 18): Connect to the base of the linear regulator 
transistor. 

OUT3 (Pin 19): Connect to the output of the linear regulator. 
FB3 (Pin 21): The feedback input for the linear regulator, 
connected to the center of the external resistor divider. 
COMP2 (Pin 22): Channel 2 compensation network connec¬ 
tion (it’s the output of the voltage error amplifier). 

FB2 (Pin 23): The feedback input for Channel 2. Connect to 
the center of the output resistor divider. 

SENSE2 (Pin 24): Remote sense pin of Channel 2. This pin 
is used for skip-mode operation. 

ILIM2 (Pin 25): Current limit threshold setting for Channel 2. 
It sinks at a constant current. A resistor is connected be¬ 
tween this pin and the top MOSFET drain. The voltage 
across this resistor is compared with the Vps of the top 
MOSFET to determine if an over-current condition has oc¬ 
curred in Channel 2. 

KS2 (Pin 27): The Kelvin sense for the drain of the top 
MOSFET of Channel 2. 

SW2 (Pin 29): Switch-node connection for Channel 2, which 
IS connected to the source of the top MOSFET. 

HDRV2 (Pin 30): Top gate-drive output for Channel 2. HDR 
is a floating drive output that rides on SW voltage. MOSFET 
of Channel 2. 

CBOOT2 (Pin 31): Bootstrap capacitor connection for Chan¬ 
nel 2 top gate drive. 

VDD2 (Pin 32): The input voltage supply for the LDRV2 gate 
driver. 

LDRV2 (Pin 33): Low-side gate-drive output for Channel 2. 
PGND2 (Pin 34): The analog input voltage supply. 

VIN (Pin 35): The Kelvin sense for the drain of the top 
MOSFET of Channel 2. 

VLIN5 (Pin 36): The output of the internal 5V linear regula¬ 
tor. Connect to the ground with a 1UF ceramic capacitor. 
This pin can be connected to a 5V supply (if available) to 
improve efficiency. 

PGND1 (Pin 38-39): Power ground for Channel 1. 

LDRV1 (Pin 40-41): Bottom gate-drive output for Channel 1. 
VDD1 (Pin 42): The input voltage supply for the LDRV1 gate 
driver. 

CBOOT1 (Pin 43): Bootstrap capacitor connection for Chan¬ 
nel 1 top gate drive. 

HDRV1 (Pin 44): Top gate-drive output for Channel 1. HDRV 
is a floating drive output that rides on SW voltage. 

SW1 (Pin 45): Switch-node connection for Channel 1, which 
is connected to the source of the top MOSFET. 

KS1 (Pin 46): The Kelvin sense for the drain of the top 
MOSFET of Channel 1. 

ILIM1 (Pin 48): Current limit threshold setting for Channel 1. 
It sinks a constant current. A resistor is connected between 
this pin and the top MOSFET drain. The voltage across this 
resistor is compared with the Vqs of the top MOSFET to 
determine if an over-current condition has occurred in Chan¬ 
nel 1. 


www.national.com 


9-162 





9 


LM2633 Evaluation Board 





AM-1208 


TABLE 1. Bill of Materials (Parts not listed are not installed.) 

Designator 

Part 

Specification 

Size 

Part Type 

Part Number 

Manufacturer 

Qty. 

Per 

Board 

C15, C16, C17 

56UF, 25V, 

OSCON 

RADIAL, 

10.3 mm X 10.3 mm 

CAPACITOR, 

OSCON 

25SP56M 

Sanyo 

3 

Cl 4, C26, C27, 
C33 

1 mF, 4V, 18 mQ 

E Case 

CAPACITOR, 

TANTALUM 

T510E108M004AS 

Kemet 

4 

C39 

150 pF, 16V, 

X7R, 20% 

805 

CAPACITOR, 

CERAMIC 

VJ0805Y151MXJAB 

Vishay 

1 

C38 

680 pF, 16V, 

X7R, 20% 

805 

CAPACITOR, 

CERAMIC 

VJ0805Y681MXJAB 

Vishay 

1 

C5, C9 

4700 pF, 16V, 

X7R, 20% 

805 

CAPACITOR, 

CERAMIC 

VJ0805Y472MXJAB 

Vishay 

2 

C22, C24 

0.01 pF, 50V, 

X7R, 20% 

805 

CAPACITOR, 

CERAMIC 

VJ0805Y103MXJAB 

Vishay 

2 

C4, C7 

0.015 pF, 16V, 
X7R, 20% 

805 

CAPACITOR, 

CERAMIC 

VJ0805Y153MXJAB 

Vishay 

2 

Cl, C2, C3, C8 

0.1 pF, 50V, X7R, 
20% 

805 

CAPACITOR, 

CERAMIC 

VJ0805Y104MXJAB 

Vishay 

4 

C21, C30, C31, 
C32, C34, C40 

0.33 pF, 50V, 

X7R, 20% 

1206 

CAPACITOR, 

CERAMIC 

VJ1206Y334MXAAB 

Vishay 

6 

C18, C19, C23 

0.47 pF, 16V, 

X7S, 20% 

805 

CAPACITOR, 

CERAMIC 

VJ0805S474MXJAB 

Vishay 

3 

C6 

1 pF, 16V, X7S, 
20% 

1206 

CAPACITOR, 

CERAMIC 

VJ1206S105MXJAC 

Vishay 

1 

D3, D4, D5, D6 

30V, 200 mA 

SOT-23 

DIODE, 

SCHOTTKY 

BAT54 

Vishay 

4 

LI 

1.6 pH, 15.5A, 

1.5 ma 

14.6 mm x 14.6 mm 

INDUCTOR 

CEPH149-1R6MC 

Sumida 

1 

L2 

10 pH, 5.4A, 21.6 
mQ 

12 mm X 12 mm 

INDUCTOR 

CDRH127-100MC 

Sumida 

1 

L3 

1.5 pH, 6.4A, 

10 mQ 

13 mm X 9.4 mm 

INDUCTOR 

D03316P-152 

Coilcraft 

1 

Q9, Q10, Q11, 
Q12, Q13 

60V, 115 mA 

SOT-23 

N-FET 

2N7002LT1 

ON 

5 

Q6 

40V, 600 mA 

SOT-23 

BJT, NPN 

MMBT2222ALT1 

ON 

1 

Q1,Q2, Q3 

30V, 10 mQ @ 
4.5V, 16 nC 

SO-8 

N-FET 

IRF7805 

IR 

3 

Q4, Q5 

30V, 25 mQ @ 
4.5V, 14 nC 

SO-8 

N-FET 

IRF7807 

IR 

2 

R11 

22k, 5% 

805 

RESISTOR 

CRCW0805223J 

Vishay 

1 

R21 

2.2k, 5% 

805 

RESISTOR 

CRCW0805222J 

Vishay 

1 

R5, R6, R18, 

R19 

OQ 

805 

RESISTOR 


Vishay 

4 

R4, R14 

10Q, 20% 

805 

RESISTOR 

CRCW0805100J 

Vishay 

2 

R7, R9, RIO, 

R22 

10.0k, 1% 

805 

RESISTOR 

CRCW08051002F 

Vishay 

4 

R3 

16.2k, 1% 

805 

RESISTOR 

CRCW08051622F 

Vishay 

1 

R2 

26.1k, 1% 

805 

RESISTOR 

CRCW08052612F 

Vishay 

1 

R8 

47.5k, 1% 

805 

RESISTOR 

CRCW08054752F 

Vishay 

1 

R1, R12, R13, 

R20, R23, R24, 
R25, R26 

100k, 20% 

805 

RESISTOR 

CRCW0805104J 

Vishay 

8 

1 _ 


www.national.com 


9-164 




TABLE 1. Bill of Materials (Parts not listed are not installed.) (Continued) 


Designa 

lor 

Part 

Specification 

Size 

Part Type 

Part Number 

Manufacturer 

Qty. 

Per 

Board 

SI 


9 POSITION DIP 

SWITCH 

DIP-9 

SWITCH, DIP 

435640-6 

AMP 

1 

TP1-TP23 


0.094" 

94 mils 

TERMINAL 

160-1026-02-01-00 

IPI CAMBION 

23 

U1 


Triple Controller 

TSSOP-48 

1C 

LM2633 

National 

1 


TABLE 2. VID Code and DAC Output 
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PCB Layout (Continued) 



In O ##### O # # _JH 


20025705 

INTERNAL 2 



20025706 

BOTTOM LAYER 
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LM2787 Evaluation Board 


National Semiconductor 
Application Note 1209 
Clinton Jensen 



This application note provides the schematic and bill of 
materials for the LM2787 evaluation board. The board was 
designed specifically for evaluation and therefore is not op¬ 
timized for the smallest size. Included in the layout are extra 
pads for all capacitors so a variety of values and case sizes 
can be tested. The resistors are physically large to make 
changing the output voltage via feedback resistors easy. The 


output voltage may also be changed to any acceptable 
value, or dynamically, by placing the shunt “Vfb Sel” in the 
“Vadj” position and applying a voltage on the “Vadj” pin. The 
default is “Vfb Sel” in the “GND” position and an output 
voltage of -2.4V. Since the output ripple is very low, a direct 
connection for a scope probe (eliminating the ground lead) is 
included for monitoring the output. 


Evaluation Board Schematic 


1 txV - 


J1 

JL 


Cap+ 

V|N 

GND 

^OUT 

Cap- 

Vb 




^NEG 


■ V.u (2.7 to 5 5) 


1 /.F 


(-1.5 to -5.2) 


iMFq- 


"X< 

-O J2 

JL 


Bill of Materials 


Designation 

Description 

Value 

Manufacturer 

U1 

LM2787, micro SMD 


National Semiconductor 

C|N 

Input Capacitor 

1 pF, X7R Ceramic, 0805 

Taiyo Yuden 

CIA 

Charge Pump Capacitor 

1 pF, X7R Ceramic, 0805 

Taiyo Yuden 

C2A 

Charge Pump Output Capacitor 

1 pF, X7R Ceramic, 0805 

Taiyo Yuden 

C3A 

LDO Output Capacitor 

1 pF, X7R Ceramic, 0805 

Taiyo Yuden 

R1 

Feedback Resistor 

261 kQ, 1206 

Any 

R2 

Feedback Resistor 

261 kQ, 1206 

Any 
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LM3354/5 Evaluation Board 


National Semiconductor 
Application Note 1214 
Clinton Jensen 



Intoduction 

The LM3354 and LM3355 are switched capacitor DC/DC 
converters which utilize a number of different gains to 
achieve output regulation. The LM3354/5 evaluation board is 
programmed for an output of 4.1V, ideal for White or Blue 
LED applications. An LM3354 1.8V option is also available. 


The LM3355 is capable of up to 50mA of output current while 
the LM3354 is capable of up to 90mA of output current. See 
the LM3354 datasheet for more information on driving LED’s 
or for information on other standard voltage options of the 
LM3354. A bill of materials and a schematic follow: 


TABLE 1. LM3354/5 Evaluation Board List of Components 


Designator 

Description 

Manufacturer 

U1 

LM3354/5 DC/DC Converter 

National Semiconductor 

C|N 

lOpF ceramic capacitor (X5R, 6.3V) 

Taiyo Yuden 

Cqut 

lOpF ceramic capacitor (X5R, 6.3V) 

Taiyo Yuden 

Cl 

0.33pF ceramic capacitor (X7R, 16V) 

Taiyo Yuden 

C2 

0.33pF ceramic capacitor (X7R, 16V) 

Taiyo Yuden 

CpiL 

IpF ceramic capacitor (X7R, 10V) 

Taiyo Yuden 


Typical Application Circuit 



FIGURE 1. Basic Buck/Boost Regulator 


www.national.com 


9-170 




Typical Application Circuit (Continued) 



FIGURE 2. Typical Layout, Top View (magnification 1.5X) 
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LM2655 2.5A Synchronous 
Switching Reguiator 
Evaiuation Board 

Intoduction 

The LM2655 is a high efficiency current -mode controlled 
PWM step down switching regulator. Efficiencies > 90% are 
obtained with synchronous operation. 

Internal low ON resistance MOSFET and an external 
N-channel MOSFET provide the highest efficiency design. 
For cost saving at the expense of some efficlqncy, the exter¬ 
nal MOSFET can be replaced with a suitable; Shottky diode. 
(Asynchronous operation). The IC uses patented current 
sensing circuitry that eliminates the need for an external 
current sense resistor. A programmable soft start lirtiits 
start-up current surges and provides a means of sequencing 
multiple power supplies. 

The evaluation board can be obtained by ordering part num¬ 
ber LM2655EVAL from your local National Semiconductor 
sales office, or National’s website at 
http://www. national .com. 

Evaluation Board Design 

The LM2655 evaluation board is designed to supply 2.5V at 
a maximum of 2.5A. The input voltage is from 4V to 14V. The 
board can be loaded with an SO-8 MOSFET as the lower 
switching element for lower switching losses than a Schottky 
Diode would provide by itself. The Schottky Diode, D1, im¬ 
proves efficiency. 

Components were selected based on the design procedure 
in the LM2655 data sheet. The feedback resistors can be 
adjusted to achieve different output voltages. Use the for¬ 
mula: 

Rfbi = RFB2*(Vout"Vref)/Vref 
where Vref = 1.238V. 

PCB layout is critical to reduce noises and ensure specified 
performance. See the LM2655 datasheet for layout guide¬ 
lines. The artwork for this evaluation board is included in this 
document. 

The schematic of the evaluation board is shown in Figure 2 
and the parts list is given in Table 2. 

The LM2655 has both under voltage and over voltage shut¬ 
down protection on the output as well as under voltage lock 
out on the input. When the under voltage protection occurs, 
the output voltage can be pulled below ground by the induc- 


National Semiconductor 
Application Note 1215 
Robert Wood 


tor. In applications that must be protected from reverse 
polarity, an output clamping diode can be added across 
Cqut* 

Soft start 

Soft start in the LM2655 provides delay and current ramp-up 
rate control at startup. Both are a function of the value of Css- 
After a delay, pulses begin with the current limit set to zero 
then ramped up to full. The total time for soft start process is 
estimated as: 

Tss = Css (.6V/2pA) + Css (2V-.6V)//10pA 
Which reduces to Tss = Css (440,000) 



TABLE 1. Examples: 


Css 

Tss 

470pF 

225.5ps 

InF 

451 ps 

2.2nF 

992ps 

4.7nF 

2.07ms 


To begin with, use 4.7nF. This will assure the circuit will get 
up and running under full load. 

If the output voltage does not attain 80% of its intended 
voltage when the under voltage lockout is enabled, (Css too 
small) the regulator will latch off. The actual time required for 
the output voltage to rise will depend upon the value of the 
inductor, output capacitor, the load on start up, and the 
supply voltage, as well as the value of Cgs- The calculated 
value of Tss approximates the time that the under voltage 
and over voltage lock out circuitry will be delayed from the 
application of power. 

LDelay 

A capacitor at Ldelay provides an additional delay in en¬ 
abling the undervoltage latch after the output voltage has 
reached 80% of its nominal. The value of the capacitor 
C_delay is determined by the equation: 

T_delay (mS) = C_delay (nF) *.4 
200pF is a good start point for this component. 
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LDelay (Continued) 


PWR 


^SOFTSTART 2 


^SW 4 


20034701 

FIGURE 1. Start-Up Waveform 


TABLE 2. Parts List 


Component 

Value 

Description 

Model Number 

Cqut 

150mF, 10V 

Output Capacitor 

595D1570010 (Sprague) (Vishay) 

C,N 

180|jF/20V 

Input Capacitor 

595D1870020 (Sprague) (Vishay) 

CdELAY 

200pF, 0805 

Delay 

VJ0805Y221KXAA (Vishay) 

Cbyp 

0.1 pF, 0805 

Bypass Capacitor 

VJ0805Y104KXAA (Vishay) 

Css 

4.7nF, 0805 

Soft start 

VJ0805Y472KXAA (Vishay) 

Q1 

3A, 30V 

Synchronous N-FET 

IRF7413 or Si 4874 (International Rectifier or 
Siliconix) 

D1 

1A, 30V 
(Schottky) 

Catch Diode 

MBRS130L (On Semiconductor) 

Lout 

15|jH, 3A 

Power Inductor 

MIDCOM DUS5121-150 

Cqut 

150ijF, 10V 

Output Capacitor 

595D1570010 (Sprague) (Vishay) 

C 1 C 0 MP 

4.7nF, 0805 

Compensation Capacitor 

VJ0805Y472KXAA (Vishay) 

C 2 C 0 MP 

100pF, 0805 

Compensation Capacitor 

VJ0805Y100KXAA (Vishay) 

Cboot 

0.1 pF, 50V, 
0805 

Bootstrap Capacitor 

VJ0805Y104KXAA (Vishay) 

Rcomp 

8.2k, 0805 

Compensation Resistor 

CRCW08058251F (Dale) 

RpBi 

15k, 0805 

Upper Feedback Resistor 

CRCW08051502F (Dale) 

f^FB2 

10k, 0805 

Lower Feedback Resistor 

CRCW08051002F (Dale) 

U1 

LM2655-ADJ 

Voltage Regulator 

LM2655MTC-ADJ (National Semiconductor) 
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Vqut = 1-23 * (Rpgi + Rfb2)/%B2 

*^DELAY shorted to turn off undervoltage protection. 

A jumper between SD/SS and ground provides on/off 
functionality. 

Shipped in synchronous mode. Take MOSFET out to run 
in Asynchronous mode. Diode is large to accommodate 
synchronous and asynchronous operation. 

D1 will limit outputi Low VlN - 
with 3A Diode V||^ Low Limit 
IS < 4V. 

20034705 


FIGURE 2. LM2655 Eval Board Schematic 



* If electrolytic capacitors are 
used, make compensation 
network = 8,2 kH and = 

4.7 nF. 

Efficiency ^ 91% 

20034703 

FIGURE 3. LM2655 Buck Converter (12V to 3.3V, Synchronous) 
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* If electrolytic capacitors are 
used, make compensation 
network = 8.2 k^l and = 
4.7 nF. 

Efficiency ^ 88% 


FIGURE 4. LM2655 Buck Converter (12V to 3.3V, Asynchronous) 


Board Layout 
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FIGURE 5. Silk Screen 
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LM2791/2/4/5 Evaluation 
Board 


National Semiconductor 
Application Note 1218 
Anne Lu 



Introduction 

The LM2791, LM2792, LM2794 and LM2795 are a family of 
CMOS Current Regulated Switched Capacitor. They are 
designed to drive white (or blue) LEDs with matched cur¬ 
rents to produce balanced light sources for display back¬ 
lights. The LM2791/2 is offered in a 10 pin Leadless Lead- 
frame (LLP) package. The LM2791/2 is a charge-pump 
voltage doubler that provides two regulated current sources. 
The LM2791 delivers up to a total of 36mA through the LEDs 
with an offset voltage of 200mV at the Iset pin. The LM2792 
delivers up to 34mA with zero offset at the Iset to provide 
fully off to maximum current control. The switching frequency 
IS between 450KHz to 850KHz for the LM2791 and 900KHz 
to 1800KHZ for LM2792. Both devices accept an input volt¬ 


age range of 3V to 5.8V. The LM2791 and the LM2792 are 
also available in active high and low shutdown versions. 
The LM2794/5 is offered in a 14 bump micro-SMD package. 
LM2794/5 is a fractional charge pump that provides four 
regulated current sources. The devices deliver up to 80mA 
with an offset voltage of 188mV at the Iset pin. The switching 
frequency for both device are 325kHz to 675kHz and the 
input voltage range is 2.7V to 5.5V. Note that if V|n is greater 
than 4.5V, the device will switch from charge pump mode to 
pass mode. During pass mode, the device output (Pout) will 
follow V,N. This is done to prevent Pqut from exceeding the 
package voltage rating if V,n is greater than 4.5V. The 
LM2794 option offers active low for shutdown while the 
LM2795 offers active high for shutdown. 


Typical Application Circuit 


SD1 
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Rset Selection (LM2791/2) 

Rset is the resistor that sets the current through both LEDs. 
It is left intentionally for the end users to set the desired 
current range. Equations below are used for determining 
Rset value: 

Eq. 1 for LM2792: 

Rset = ((0.42 • BRGT) / ILED) •25 
Eq. 2for LM2791: 

Rset = (((0.42 • BRGT) + 0.200)/ ILED) *25 
For example, if 15mA is the desired current per LED and 
BRGT = 3V, using the above equation 1 yields Rset = 2.1K 
ohms. Table 1 below shows a typical LED current when 
BRGT is at 3V(LM2792) maximum and Table 2 shows a 
typical LED current when BRGT is at 0V(LM2791). If BRGT 
voltage is other than 3V, Table 5 shows Rset and BRGT 
combination per LED current. 


TABLE 1. Rset when BRGT = 3V 
(example given for LM2792) 


Iled 

*R 

•^set 

15mA 

2.1 kQ 

10mA 

3.15kQ 

5mA 

6.3kQ 


* Use 1 % resistor for Rset 


TABLE 2. Rset when BRGT = OV 
(example given for LM2791) 


Led 

* Rset 

15mA 

330a 

10mA 

500Q 

5mA 

1KQ 


*Use 1 % resistor for Rset 


15mA 

909Q 

10mA 

1.4KQ 

5mA 

2.67Q 


*Rset value is rounded off to the nearest 1 % value 

BRGT (LM2791/2) 

A voltage from 0 to 3V may be applied to the BRGT pin to 
control the brightness of the LEDs by varying the current 
through the LEDs. Note that some voltage must be provided 
at BRGT pin or no current will flow through the LEDs for the 
LM2792. BRGT pin is connected to an internai resistor di¬ 
vider that gives a factor of 0.42 (LM2792). The product of this 
factor and the voltage at BRGT is fed to the input of an 
internal amplifier that sets the current mirror resistor Rset- 
Table 5 shows the relationship between LED current with 
various R set ^i^cI BRGT values. Care must be taken to 
ensure that the voltage at BRGT does not cause LEDs 
current to exceed a total of 34mA (LM2792). Note that 
calculations are based on when both D1 and D2 are in use. 


TABLE 5. LED Current When Using BRGT Input 
(Example for LM2792 & both D1 & D2 are in use) 


Voltage on 

Rset | 

BRGT (V) 

looon 

1500n 

2000^^ 

2500^^ 


Current through LED (mA) | 

0 

0 

0 

0 

0 

0.5 

5.25 

3.5 

2.6 

2.1 

1.0 

10.05 

7 

5.25 

4.2 

1.5 

15.75 

10.5 

7.88 

6.3 

2.0 

21 

14 

10.5 

8.4 

2.5 

26.25 

17.5 

13.1 

10.5 

3.0 

31.5 

21 

15.75 

12.6 


Rset Selection (LM2794/5) 

Similar to the LM2791/2, Rq^t is left intentionally for the end 
users to set the desired current range. Below is the equation 
for determining Rset value: 

Eq. 3 for LM2794/5: 

Rset = ((0.188 + (0.385 • BRGT)) / ILED) *10 
For example, if 15mA is the desired current per LED and 
BRGT = OV (or ground), using the above equation 3 yields 
Rset = ‘•24 ohms. Table 3 below shows typical LED current 
when BRGT is tied to ground and Table 4 shows typical LED 
current when BRGT is at 3V maximum. If BRGT is used in 
the application. Table 5 shows Rset BRGT combination 

per LED current. 


TABLE 3. Ropt when BRGT = OV 


Led 

Rset 

15mA 

124Q 

10mA 

196Q 

5mA 

383Q 


*Rset value is rounded off to the nearest 1% value 

TABLE 4. Rset when BRGT = 3V 


LED 


^SET 


(Values Highlighted in Boldface exceed maximum current 
range of the device if both D1 & D2 are in use) 

By rearranging equation 1, the following equation can be 
used to determine ILED: 

Eq. 4 for LM2792: 

ILED = ((0.42 • BRGT) / Rset) *25 
Eq. 5for LM2791: 

ILED = (((0.42) + 0.200) • BRGT) / Rset) *25 

BRGT (LM2794/5) 

A voltage from 0 to 3V may be applied to the BRGT pin to 
control the brightness of the LEDs by varying the current 
through the LEDs. BRGT pin is connected to an internal 
resistor divider and summed with an offset voltage from the 
internal bandgap (188mV). This voltage is fed to the input of 
an internal amplifier that sets the current mirror resistor 
Rset- Table 6 below shows the relationship between LED 
current with various R set and BRGT values. Care must be 
taken to ensure that the voltage at BRGT does not cause 
LEDs current to exceed total of 80mA. By rearranging equa¬ 
tion 3, the following equation can be used to determine the 
ILED: 

Eq. 6: 

ILED = ((0.188 + (0.385 • BRGT)) / Rset ) *10 
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BRGT (LM2794/5) (Continued) 


TABLE 6. LED Current When Using BRGT Input 
(D1-D4 are active) 


Voltage on 
BRGT (V) 

Rset I 

124n 1 500^2 1 900a 

1750Q 

Current through LED (mA) | 

0 

15.16 

3.76 

2.09 

1.07 

0.5 

30.69 

7.61 

4.23 

2.17 

1.0 

46.21 

11.46 

6.37 

3.27 

1.5 

61.73 

15.31 

8.51 

4.37 

2.0 

77.26 

19.16 

10.64 

5.47 

2.5 

92.78 

23.01 

12.78 

6.57 

3.0 

101.88 

26.86 

14.92 

7.67 


(Values Highlighted in Boldface exceed Maximum curent 
range of the device if all D1-D4 are in use). 

Besides adjusting the BRGT pin to control the brightness of 
the LEDs, SD pin can also be used to control the brightness 


by applying a PWM signal at the SD pin and varying the duty 
cycle. A duty cycle of zero will turn off the device and a 50% 
duty cycle waveform will produce an average current of 
7.5mA if the intended LED(s) current is 15mA. 

Shutdown (LM2791/2) 

During normal operation, SD pin is connected to V,n (for 
LM2792LD-H) or connected to ground (for LM2792LD-L). If 
SD pin IS used to control the brightness instead of the BRGT 
pin, applying a PWM (Pulse Width Modulation) signal in the 
range of 100Hz to IKHz is recommended for best result. In 
the case of the LM2792, connect BRGT to 3V before apply¬ 
ing a PWM signal at SD or connect BRGT pin to GND if 
LM2791 is used), 

Shutdown (LM2794/5) 

During normal operation, SD pin is connected to V,n (for 
LM2794) or connected to ground (for LM2795). If SD pin is 
used to control the brightness instead of the BRGT pin, a 
PWM signal in the range of 10OHz to 1 KHz is recommended. 


Components List for LM2791/2 


Component 

Name 

Type 

Value 

Size 

Manufacturer 

U1 

LM2791/2 

LM2791/2LD-L 

LLP-10 

National Semiconductor 

C|N 

X7R 

C2012X7R1C105K, 16V 
uF 

0805 

TDK 

Cl 

X7R 

C2012X7R1C105K, 16V 
uF 

0805 

TDK 

^HOLD 

X7R 

C2012X7R1C105K, 16V 
uF 

0805 

TDK 

Rset 

Through hold 

Value to be determined 
by the end users, +/-1% 



White LEDs 

Surface Mount Device, 
White LEDs (TOPLED) 

LWT67C/LWT673 


Osram 

Schottky Diode 

Surface Mount Device 

BAT-54 =4P 

SOT23-3 

Fairchild 
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Component List for LM2794/5 


Component 

Name 

Type 

Value 

Size 

Manufacturer 

U1 

LM2794/5 

LM2794BL ™ Active Low 

Shutdown LM2795BL — 
Active High Shutdown 

14 Bump 
MicroSMD 


C|N 

X7R 

C2012X7R1C105K, 16V 

uF 

0805 

TDK 

C1 

X7R 

C2012X7R1C105K, 16V 

uF 

0805 

TDK 

ChOLD 

X7R 

C2012X7R1C105K, 16V 

uF 

0805 

TDK 

Rset 

Through hold 

Value to be determined 
by the end uers, -i-/-1% 



Diodel - 4 

Surface Mount Device, 
White LEDs (TOPLED) 

LWT67C/LWT673 

SOT23-3 

Osram 
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LP3985 MicroSMD-5 
Evaluation Board 
Instruction 


National Semiconductor 
Application Note 1219 
Mary F Kao 



This evaluation board is designed to enable independent The schematic and layout of the evaluation board are given 

evaluation of the LP3985 electrical performances. Each below: 

board is assembled and tested in the factory. This evaluation 

board instruction is for the microSMD-5 large bump and 

small bump packages. 


IN 

SENSE 


OUT 

SENSE 




Note The board layout for the large bump and the small bump microSMD-5 is the same Only the footprints are different 


20037702 


The LP3985 is a micropower CMOS voltage regulator that 
can provide up to 150 mA of output current. The 0.01 pF 
bypass capacitor is optional; but if used, it will reduce noise 
on the regulator output. The RP resistor is tied to V,n so that 
the regulator is on all the time. To control the Ven 
externally, disconnect RP resistor and use the ON/OFF con¬ 
nector on the evaluation board. 

The input sense and output sense pins are used for more 
precise voltage measurements. These pins are connected to 
the LP3985 input and output via high impedance traces. 


The LP3895 is also available in SOT23-5. An evaluation 
board for the SOT23-5 package is available as well. 

Below is the bill of material for the LP3985 microSMD-5 
board. 
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Designator 

Value 

Amount 

Footprint 

Note 

RP 

100 kQ 

1 

0805 


CB 

0.01 |jF 

1 

0805 


ClN 

1 pF 

1 

0805 

X5R or X7R 

Cqut 

1 mF 

1 

0805/1812 

X5R or X7R 

U1 

LP3985IBP-XX, or 
LP3985IBL-XX 

1 

BPA05CMC or 

BLA05ADC 

The “xx” corresponds to the appropriate LDO output 
voltage option. 

Test Pins 


7 


Keystone 1040 
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LM3485 Evaluation Board 


National Semiconductor 
Application Note 1227 
Naomi Sugiura 



Introduction 

The LM3485 is a Hysteretic P-FET Buck Controller, which 
uses a pulse-frequency modulation (PFM) scheme to regu¬ 
late the output voltage. This LM3485 demo board and the 
recommended components are intended to demonstrate the 
performance with a 3.3V output from a 12V source. The 


demo board can be used with source voltages from 7V to 
28V to deliver output load currents up to 1 A. By changing the 
size of a single resistor, regulated output voltages from 
1.242V to 5V can be obtained. 

The circuit schematic is shown in Figure 1 and the bill of 
materials is given in Table 1. 



20041601 


FIGURE 1. Regulator with 3.3V Output at 0.5A 


TABLE 1. Bill of Materials 


Code 

Description 

Manufacturer 

Cl 

Input Capacitor CAP-Tantalum 22pF 35V EEJL1VD226R 

Panasonic 

C2 

Output Capacitor CAP-POSCAP lOOpF 6.3V 6TPC100M 

Sanyo 

C3 

Cadj CAP-Ceramic Chip InF 50V GRM39X7R102K50 

Mu rata 

C4 

Cff CAP-Ceramic Chip lOOpF 50V GRM39X7R101K50 

Mu rata 

D1 

Catch Diode Schottky Diode 1A 30V MBRS130T3 

On Semiconductor 

LI 

Inductor 22pH LQH66SN220M01L 

Mu rata 

Q1 

P-channel MOSFET -60V FDC5614P 

Fairchild 

R1 

Feedback high side resistor Chip Resistor 33KQ MCR10EZHF3302 

Rohm 

R2 

Feedback low side resistor Chip Resistor 20KQ MCR10EZHF2002 

Rohm 

R3 

Radj Chip Resistor 24K^1 MCR10EZHF2402 

Rohm 

U1 

Buck Controller LM3485 

National Semiconductor 
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Output Voltage Current Limit Setting 



FIGURE 2. Component Location (Top Side) 
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Layout Fundamentals 

The LM3485 can work in a wide range of applications. For 
your application circuit, proper layout for the buck regulator 
should be implemented by following a few simple guidelines. 

1. Place the power components, which are the MOSFET, 
diode, inductor and filter capacitors, close together. 
Make the traces between them as short and as wide as 
possible. 

2. Place the trace for the Gate of the external PFET as 
close as possible to the PGATE pin of the LM3485. 


3. Separate any noise sensitive traces, primarily in the 
voltage feedback path, from noise source traces asso¬ 
ciated with the inductor. 

4. Keep the trace short between the ground pin of the input 
capacitor and the anode of the diode. 

5. Ensure the ground is low impedance. 




20041604 

Bottom Layer 
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LM2642 Evaluation Board 


National Semiconductor 
Application Note 1239 
Allan Fisher 



Introduction 

The LM2642 evaluation board has been developed to aid in 
the design and evaluation of dc/dc converters based on the 
LM2642 controller 1C. The board is intended to be a reusable 
tool on which several different circuit configurations meeting 
the requirements of different applications can be built. As 
shown in Figure 1, the evaluation board is configured to 
provide two outputs of 5V/3A and 3.3V/3A from an input 
range of 6V to 30V. The corresponding bill of materials is 
given in Table 1. Figure 2, Figure 9 and Figure 10 show the 
full evaluation board schematic and layout. 

Board Configuration 

The LM2642 Eval. Board can be easily configured for differ¬ 
ent current sensing schemes, as well as for parallel opera¬ 
tion. Table 1 gives the jumper and part settings for the 
current sensing. Table 2 gives the jumper and circuit con¬ 
figurations for parallel and two-channel operation. The evalu¬ 


ation board also includes several optional component pads 
for reducing switch node ringing and current sense noise, 
and for low input voltage applicatons. 


TABLE 1. Jumper Settings for Current Sensing 


Jumper/Part# 

Connects To 

Current Sense 

KSx 

VIN 

Sense Resistor 

RSNx 

RSx 

KSx 

DSx 

^DS(ON) Sense 

RSNx 

SWx 

C28, 29, 30, 31 

Installed 

Sense Resistor 

C5, 32, 17, 33 

Open 

C28, 29, 30, 31 

Open 

^DS(ON) Sense 

C5, 32, 17, 33 

Installed 
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Board Configuration (Continued) 



20047401 


FIGURE 1. Example Circuit 
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Parallel Operation 

In applications with high output current demand, the two 
switching channels can be configured to operate as a two- 
180° out of phase converter to provide a single output volt¬ 
age with current sharing between the two switching chan¬ 
nels. This approach greatly reduces the stress and heat on 
the output stage components while lowering input ripple 
current. The sum of inductor ripple current is also reduced 
which results in lowering output ripple voltage. Because 
precision current sense is the primary design criteria to 
ensure accurate current sharing between the two channels, 
both channels must use external sense resistors for current 
sensing. To minimize the error between the error amplifiers 
of the two channels, tie the feedback pins FBI and FB2 
together using J1 and J2 and connect to one voltage divider 
for output voltage sensing. Also, tie pins COMP1 and 
COMP2 together with R30 and connect to a single compen¬ 
sation network. ON/SSI and ON/SS2 must be tied together 
with R29 to enable and disable both channels simulta¬ 
neously. Also, both output nodes must be connected. 


TABLE 2. Parallel Configuration Settings 


Jumper/Part# 

2-Ch. Setting 

Parallel Setting 

J1 

Open 

Short 

J2 

Open 

Short 

R29 

Open 

Short 

R30 

Open 

Short 

R24 

Installed 

Open 

R19 

Installed 

Open 

R20 

Installed 

open 


Optional Components 

Optional resistor R26, must be installed with a 4.7ohm resis¬ 
tor when the input voltage is below 5.5V. This will ensure that 
VLIN5 does not fall below the UVLO threshold. 


Power MOSFETs are very fast switching devices. In syn¬ 
chronous rectifier converters, the rapid increase of drain 
current in the top FET coupled with parasitic inductance will 
generate unwanted Ldi/dt noise spikes at the source node of 
the FET (SWx node) and also at the VIN node. The magni¬ 
tude of this noise will increase as the output current in¬ 
creases. This parasitic spike noise may turn into electromag¬ 
netic interference (EMI), and can also cause problems in 
device performance. The LM2642 evaluation board provides 
several options for suppressing this noise. 

R-C filters can be added to the current sense amplifier inputs 
as shown in Figure 7. These filters are comprised of R2, C3, 
C4, R6, and R14, Cl 4, R16, C15, and are included in the 
example circuit. These filters will reduce the susceptibility to 
switching noise, especially during heavy load transients and 
short on-time conditions. Note that these filters should only 
be used when a current sense resistor is used. 

The resistor in series with the SWx pin (R31, R32) slows 
down the gate drive (HDRVx), thus slowing the rise and fall 
time of the top FET, yielding a longer drain current transition 
time and reducing switch node ringing. Top FET switching 
losses will increase with higher resistance values. Small 
resistors (1-5 ohms) can also be placed in series with the 
HDRVx pin (R8, R17) or the CBOOTx pin (R9, R18) to 
effectively reduce switch node ringing. A CBOOT resistor will 
slow the rise time of the FET, whereas a resistor at HDRV 
will reduce both rise and fall times. 

To maintain stable regulation, the FBx pins should remain 
free of noise. The LM2642 evaluation board provides pads 
for C10 and C24, which can be used to suppress noise that 
may be picked up by the FBx traces. Notice that both of 
these capacitors are placed close to the FBx nodes. 
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te * Optional resistor that is laid out as a copper trace on the board 
** Optional component that is not installed on the board 


FIGURE 2. Full Schematic of the LM2642 Evaluation Board 
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TABLE 3. Bill Of Materials 


Code 

Description 

Manufacturer 

Cl 

Cap-MLCC luF 50V UMK212F10560ZG 

TaiyoYuden 

C11 

Cap-MLCC lOnF 50V VJ0805Y103KXA 

Vishay 

C12 

Cap-MLCC 10nF 50V VJ0805Y103KXA 

Vishay 

C13 

Cap-MLCC lOnF 50V VJ0805Y103KXA 

Vishay 

CIS, C21 

Cap-MLCC 470pF 50V VJ0805Y471KXAMT 

Vishay 

C19 

Cap-MLCC InF 25V VJ0805Y102KXA 

Vishay 

C2 

Cap-MLCC lOnF 50V VJ0805Y103KXA 

Vishay 

C20 

Cap-MLCC InF 50V VJ0805Y102KXA 

Vishay 

C22 

CAP-SP 150uF 6.3V +1-20% EEFUE0J151R 

Panasonic 

C25 

Cap-MLCC 0.1 uF 50V VJ0805Y104KXA 

Vishay 

C26 

Cap-MLCC 4.7uF 10V LMK316475JML 

TaiyoYuden 

C27 

Cap-MLCC luF 10V LMK212105FML 

TaiyoYuden 

C28, C29, C30, 
C31 

Cap-MLCC 10uF 35V GMK 325 F106ZH-B 

TaiyoYuden 

C3, C4, Cl 4, Cl 5 

Cap-MLCC lOOpF 50V VJ0805Y101KXA 

Vishay 

C34 

Cap-MLCC 0.1 uF 50V VJ0805Y104KXA 

Vishay 

C7 

Cap-MLCC 0.1 uF 50V VJ0805Y104KXA 

Vishay 

C8 

CAP-SP 150uF 6.3V -f-/-20% EEFUE0J151R 

Panasonic 

COM1&2, 

PGOOD1 

Terminal Silver 0.094" Dia 40F6004 

Newark 

D3 

Switching Diode-Dual 70V 200mA BAW56F 

Fairchild 

D4 

Schottky Diode 40V MBRS140T31A 

ON Semiconductor 

D5 

Schottky Diode 40V MBRS140T31A 

ON Semiconductor 

IC1 

1C controller LM2642 

National 

LI 

Inductor 8u2H CEP125-8R2MC 

Sumida 

L2 

Inductor 6uH CEP125-6R0MC 

Sumida 

PI 

HEADER- BREAKAWAY 2 POST PITCH = 0.156" 26-48-1025 

Molex 

P2 

HEADER- BREAKAWAY 2 POST PITCH = 0.156" 26-48-1025 

Molex 

P3 

HEADER- BREAKAWAY 2 POST PITCH = 0.156" 26-48-1025 

Molex 

Q1 

N-MOSFET FDS6690A 

Fairchild 

Q2 

N-MOSFET FDS6690A 

Fairchild 

Q3 

N-MOSFET FDS6690A 

Fairchild 

Q4 

N-MOSFET FDS6690A 

Fairchild 

R1 

Resistor Chip 13K 0.1W 0.05 CRCW0805*J 

Vishay 

RIO 

Resistor Chip 60K4 0.1W 0.01 CRCW08056042F 

Vishay 

R11 

Resistor Chip 20K 0.1W 0.01 CRCW08052002F 

Vishay 

R13 

Resistor Chip 13K 0.1W 0.05 CRCW0805*J 

Vishay 

R15 

Resistor Thick Film 20m 0.5W 0.01 WSL20100.020.01 

Vishay 

R19 

Resistor Chip 33K2 0.1W 0.01 CRCW08053322F 

Vishay 

R2, R6, R14, R16 

Resistor Chip 100R 0.1W 0.05 CRCW08051000J 

Vishay 

R20 

Resistor Chip 20K 0.1W 0.01 CRCW08052002F 

Vishay 

R22, R25 

Resistor Chip ORO 0.1 W ±5% CRCW08050RJ 

Vishay 

R23 

Resistor Chip 20K 0.1W 0.05 CRCW0805203J 

Vishay 

R24 

Resistor Chip 20K 0.1W 0.05 CRCW0805203J 

Vishay 

R27 

Resistor Chip 4R7 0.1W 0.05 CRCW08054R7J 

Vishay 

R28 

Resistor Chip 220K 0.1W 0.05 CRCW0805*J 

Vishay 

R31, R32 

Resistor Chip 4R7 0.1W 0.05 CRCW08054R7J 

Vishay 

R7 

Resistor Thick Film 20m 0.5W 0.01 WSL20100.020.01 

Vishay 

SW1, SW2 

Switch SPST 0.4VA 28V AC/DC A12AB 

NKK 
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TABLE 3. Bill Of Materials (Continued) 


Code 

Description 

Manufacturer 

KS1, RSI, KS2, 
RS2 

Jumper Tinned Copper Wire AWG26 L=0.5’ x 4pcs. 



Output Voltage Setting 

The output voltage for each channel is set by the ratio of a 
voltage divider as shown in (R10, R11 and R19, R20) Figure 
3. The resistor values can be determined by the following 
equation: 


R, 



Where Vfb=1.238V. Although increasing the value of R1 and 
R2 will increase efficiency, this will also decrease accuracy. 
Therefore, a maximum value is recommended for R2 in 
order to keep the output within .3% of Vnom. This maximum 
R2 value should be calculated first with the following equa¬ 
tion: 



^2 max 


200 nA 


( 2 ) 


Where 200nA is the maximum current drawn by FBx pin. 



FIGURE 3. Output Voltage Setting 

Example: Vnom=5V, Vfb=1.238V, lfbmax=200nA. 


^2 max 


003 » 5V 
200 nA 


= 75 kn 


Choose 60K 


(3) 


Ri 


60k 


5V 


1.238V 


- 1 


19.75kn ^ 20ka 


(4) 


The output voltage is limited by the maximum duty cycle as 
well as the minimum on time. Figure 4 shows the limits for 
input and output voltages. The recommended maximum out¬ 
put voltage is approximately 1V less than the nominal input 
voltage. At 30V input, the minimum output is approximately 
2.3V. 


For input voltages below 5.5V, VLIN5 must be connected to 
Vin through resistor R26 (approximately 4.7 ohm). 


FIGURE 4. Output Voltage Range 

Current Sensing and Limiting 

As shown in Figure 5, the KSx and RSNSx pins are the 
inputs of the current sense amplifier. Current sensing is 
accomplished either by sensing the Vds of the top FET or by 
sensing the voltage across a current sense resistor (R7 and 
R15) connected from VIN to the drain of the top FET. The 
advantage of sensing current across the top FET are re¬ 
duced parts count, cost and power loss, whereas using a 
current sense resistor improves the current sense accuracy. 
Keeping the differential current-sense voltage below 200mV 
ensures linear operation of the current sense amplifier. 
Therefore, the Rdson of the top FET or the current sense 
resistor must be small enough so that the current sense 
voltage does not exceed 200mV when the top FET is on. 
There is a leading edge blanking circuit that forces the top 
FET on for at least 166ns. Beyond this minimum on time, the 
output of the PWM comparator is used to turn off the top 
FET. Additionally, a minimum voltage of at least 50mV 
across Rsns is recommended to ensure a high SNR at the 
current sense amplifier. 

Assuming a maximum of 200mV across Rsns, the current 
sense resistor can be calculated as follows: 

200 mV 

■^sns max . + I | 

max 2 rip 

(5) 

where Imax is the maximum expected load current, including 
overload multiplier (ie:120%), and I rip is the inductor ripple 
current (see Equation (14)). The above equation gives the 
maximum allowable value for Rsns. Switching losses will 
increase with Rsns, thus lowering efficiency. 

The peak current limit is set by an external resistor (R1 and 
R13) connected between the ILIMx pin and the KSx pin. An 
internal lOpA current sink on the ILIMx pin produces a 
voltage across the resistor to set the current limit threshold 
which IS compared to the current sense voltage. A lOnF 
capacitor across this resistor is required to filter unwanted 
noise that could improperly trip the current limit comparator. 
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Current Sensing and Limiting 

(Continued) 


10uA 



FIGURE 5. Current Sense and Current Limit 

Current limit is activated when the inductor current is high 
enough to cause the voltage at the RSNSx pin to be lower 
than that of the ILIMx pin. This toggles the comparator, thus 
turning off the top FET immediately. The comparator is dis¬ 
abled either when the top FET is turned off or during the 
leading edge blanking time. The equation for current limit 
resistor, R|,m, is as follows: 

(\ + 1 I 'iR 

'^lim 2 rip^ sns 

Tom 

( 6 ) 

Where Him is the load current at which the current limit 
comparator will be tripped. 

When sensing current across the top FET, replace Rsns with 
the Rdson of the FET. This calculated Rlim value guarantees 
that the minimum current limit will not be less than Imax. It is 
recommended that a 1% tolerance resistor be used. 

When sensing across the top FET, Rdson will show more 
variation than a current sense resistor, largely due to tem¬ 
perature. Rdson will increase proportional to temperature 
according to a specific temperature coefficient. Refer to the 
manufacturer’s datasheet to determine the range of Rdson 
values over operating temperature or see the COMPONENT 
SELECTION section for a calculation of maximum Rdson. 
This will prevent Rdson variations from prematurely setting 
off the current limit comparator as the operating temperature 
increases. 

Output Capacitor Selection (C8, 

C9, C22 and C23) 

In applications that exhibit large and fast load current 
swings, the slew rate of such a load current transient may be 
beyond the response speed of the regulator. Therefore, to 
meet voltage transient requirements during worst-case load 
transients, special consideration should be given to output 
capacitor selection. The total combined ESR of the output 
capacitors must be lower than a certain value, while the total 
capacitance must be greater than a certain value. Also, in 
applications where the specification of output voltage regu¬ 


lation is tight and ripple voltage must be low, starting from the 
required output voltage ripple will often result in fewer design 
iterations. 

ALLOWED TRANSIENT VOLTAGE EXCURSION 

The allowed output voltage excursion during a load transient 
(AVc_s) is: 

AV,_3 = (8% - 

(7) 

Where ±6% is the output voltage regulation window and 
±e% IS the output voltage initial accuracy. 

Example: Vnom = 5V, 6% = 7%, e% = 3.4%, Vrip = 40mV 
peak to peak. 

AV^_3 = (7% - 3.4%) X 5V - 
= 160 mV. 

( 8 ) 

Since the ripple voltage is included in the calculation of 
AVc_s, the inductor ripple current should not be included in 
the worst-case load current excursion. That is, the worst- 
case load current excursion should be simply maximum load 
current change specification, Alc_s. 

MAXIMUM ESR CALCULATION 

Unless the rise and fall times of a load transient are slower 
than the response speed of the control loop, if the total 
combined ESR (Re) is too high, the load transient require¬ 
ment will not be met, no matter how large the capacitance. 
The maximum allowed total combined ESR is: 


p — _z_ 

^e_max ai 

c_s 

(9) 

Example: AVc_s = 160mV, Alc_s = 3A. Then Re_max = 
53.3ma. 

Maximum ESR criterion can be used when the associated 
capacitance is high enough, otherwise more capacitors than 
the number determined by this criterion should be used in 
parallel. 

MINIMUM CAPACITANCE CALCULATION 

In a switch mode power supply, the minimum output capaci¬ 
tance IS typically dictated by the load transient requirement. 
If there is not enough capacitance, the output voltage excur¬ 
sion will exceed the maximum allowed value even if the 
maximum ESR requirement is met. The worst-case load 
transient is an unloading transient that happens when the 
input voltage is the highest and when the present switching 
cycle has just finished. The corresponding minimum capaci¬ 
tance is calculated as follows: 

L-[aV,_ 3 - V(AV,_3)2 - (Al,_,-Re)'] 
^min ^ 2 

^nom e 

( 10 ) 

Notice it is already assumed the total ESR, Re, is no greater 
than Re_max, otherwise the term under the square root will 
be a negative value. Also, it is assumed that L has already 
been selected, therefore the minimum L value should be 
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Output Capacitor Selection (C8, 

C9, C22 and C23) (Continued) 

calculated before Cmin and after Re (see Inductor Selection 
below). Example: Re = 20m^2, Vnom = 5V, AVc_s = 160mV, 
Alc_s = 3A, L = 8pH 


8 /iH • [l60 mV - ^(160 mV)^ - (3A x 20 ma)^] 

5 X (20 mn)2 

= 47 /^F. 

( 11 ) 

Generally speaking, Cmin decreases with decreasing Re, 
Alc_s, and L, but with increasing Vnom and AVc_s. 

Inductor Selection 

The size of the output inductor (L1 and L2) can be deter¬ 
mined from the desired output ripple voltage, Vrip, and the 
impedance of the output capacitors at the switching fre¬ 
quency. The equation to determine the minimum inductance 
value IS as follows* 


V. - V V • R 
I _ in nom nom e 

^min “ f . V. * 

"in rip 

( 12 ) 

In the above equation, Re is used in place of the impedance 
of the output capacitors. This is because in most cases, the 
impedance of the output capacitors at the switching fre¬ 
quency is very close to Re. In the case of ceramic capaci¬ 
tors, replace Re with the true impedance. 

Example: Vin (max)= 30V, Vnom = 5.0V, Vrip = 40mV, Re 
=20mQ, f = 300kHz 


^ 30V - 5.0V ^ 5.0V « 20 mXl 

" 300 kHz • 30V ‘ 40 mV 


(13) 

Lmin = 7pH 

The actual selection process usually involves several itera¬ 
tions of all of the above steps, from ripple voltage selection, 
to capacitor selection, to inductance calculations. Both the 
highest and the lowest input and output voltages and load 
transient requirements should be considered. If an induc¬ 
tance value larger than Lmin is selected, make sure that the 
Cmin requirement is not violated. 

Priority should be given to parameters that are not flexible or 
more costly. For example, if there are very few types of 
capacitors to choose from, it may be a good idea to adjust 
the inductance value so that a requirement of 3.2 capacitors 
can be reduced to 3 capacitors. 

Since inductor ripple current is often the criterion for select¬ 
ing an output inductor, it is a good idea to double-check this 
value. The equation is: 


(Vin 


■rip 


f • L 


(14) 


Also important is the ripple content, which is defined by Irip 
/Inom. Generally speaking, a ripple content of less than 50% 
is ok. Larger ripple content will cause too much loss in the 
inductor. 


Example: Vin = 12V, Vnom = 5.0V, f = 300kHz, L = 8pH 


^ 12V - 5.0V 5.0V ^ 

•'JP 300 kHz-S/xH 12V 

(15) 

Given a maximum load current of 3A, the ripple content is 
1.2A/3A = 40%. 

When choosing the inductor, the saturation current should 
be higher than the maximum peak inductor current and the 
RMS current rating should be higher than the maximum load 
current. 

Input Capacitor Selection 

The LM2642 eval. board provides 5 input capacitor options 
for each channel (C5, C6, C28, C29, C32 and Cl 6, Cl7, 
C30, C31, C33). Referring to Table 2, two capacitors are 
used on each channel and their placement depends on the 
method of current sensing. C6 and C16 can be installed 
when higher input capacitances are necessary. 

The fact that the two switching channels of the LM2642 are 
180° out of phase will reduce the RMS value of the ripple 
current seen by the input capacitors. This will help extend 
input capacitor life span and result in a more efficient sys¬ 
tem. Input capacitors must be selected that can handle both 
the maximum ripple RMS current at highest ambient tem¬ 
perature as well as the maximum input voltage. In applica¬ 
tions in which output voltages are less than half of the input 
voltage, the corresponding duty cycles will be less than 50%. 
This means there will be no overlap between the two chan¬ 
nels’ input current pulses. The equation for calculating the 
maximum total input ripple RMS current for duty cycles 
under 50% is: 

'irrm = ’ D, ) + I^D 2(1 - D^) - 2I, I 2 D, D 2 

(16) 

where II is maximum load current of Channel 1, 12 is the 
maximum load current of Channel 2, D1 is the duty cycle of 
Channel 1, and D2 is the duty cycle of Channel 2. 

Example: lmax_1 = 3.6A, lmax_2 = 3.6A, D1 = 0.42, and D2 
= 0.275 


= [{3.6A)2- 0.42 -(1 - 0.42) + 
(3.6A)^ • 0.275 • (1 - 0.275) - 1 
2 • 3.6A • 3.6A • 0.42 • 0.275 
= 2.75A. 

(17) 

Choose input capacitors that can handle 2.75A ripple RMS 
current at highest ambient temperature. In applications 
where output voltages are greater than half the input voltage, 
the corresponding duty cycles will be greater than 50%, and 
there will be overlapping input current pulses. Input ripple 
current will be highest under these circumstances. The input 
RMS current in this case is given by: 

"[lid - Di) + 12(1 - 02)]^ (Di + D2 - D"! ^ 

Um = +[li(l - Di) - 12(02)] 2 (1 - D2) + 

[ 12(1 - D 2 ) - Ii(Di)] 2 (1 - Di) 

(18) 

Where, again, II and 12 are the maximum load currents of 
channel 1 and 2, and D1 and D2 are the duty cycles. This 
equation should be used when both duty cycles are ex¬ 
pected to be higher than 50%. 
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Input Capacitor Selection (Continued) 

Input capacitors must meet the minimum requirements of 
voltage and ripple current capacity. The size of the capacitor 
should then be selected based on hold up time require¬ 
ments. Bench testing for individual applications is still the 
best way to determine a reliable input capacitor value. The 
input capacitor should always be placed as close as possible 
to the current sense resistor or the drain of the top FET. 

MOSFET Selection 

BOTTOM FET SELECTION (Q2 AND Q4) 

During normal operation, the bottom FET is switching on and 
off at almost zero voltage. Therefore, only conduction losses 
are present in the bottom FET. The most important param¬ 
eter when selecting the bottom FET is the on resistance 
(Rdson). The lower the on resistance, the lower the power 
loss. The bottom FET power loss peaks at maximum input 
voltage and load current. The equation for the maximum 
allowed on resistance at room temperature for a given FET 
package, is: 

P 

^dson_max 


[1 +TC-(Tj._^,, - 25°C/W)]-Rej, 

(19) 

where Tj_max is the maximum allowed junction temperature 
in the FET, Ta_max is the maximum ambient temperature, 
Reja is the junction-to-ambient thermal resistance of the FET, 
and TC is the temperature coefficient of the on resistance 
which is typically in the range of 10,000ppm/°C. 

If the calculated Rdson_max is smaller than the lowest value 
available, multiple FETs can be used in parallel. This effec¬ 
tively reduces the Imax term in the above equation, thus 
reducing Rdson. When using two FETs in parallel, multiply 
the calculated Rdson_max by 4 to obtain the Rdson_max for 
each FET. In the case of three FETs, multiply by 9. 

p — _ 

ds_max 

(3.6A)^ • 


_ 100°C - 60°C 

[1 + 0.01/°C • (100°C - 25°C)]- eo^c/w 
= 35.3 mfl 

( 20 ) 

If the selected FET has an Rds value higher than 35.3Q, 
then two FETs with an Rdson less than 141 mQ (4 x 35.3mQ) 
can be used in parallel. In this case, the temperature rise on 
each FET will not go to Tj_max because each FET is now 
dissipating only half of the total power. 

TOP FET SELECTION (Q1 AND Q3) 

The top FET has two types of losses: switching loss and 
conduction loss. The switching losses mainly consist of 
crossover loss and bottom diode reverse recovery loss. 
Since it is rather difficult to estimate the switching loss, a 
general starting point is to allot 60% of the top FET thermal 




capacity to switching losses. The best way to precisely de¬ 
termine switching losses is through bench testing. The equa¬ 
tion for calculating the on resistance of the top FET is thus: 


V. . • .4 

^ in_tnin 

P — _ V 

ds_max .2 ^ w 

max * ''nom 

^j_max "" '^a_max 


[l + TC • (T 


j_max 


250C/W)]-Re|3 


( 21 ) 

Example: Tj_max = 100°C, Ta_max = 60°C, Rqja = 60°C/W, 
Vin_min = 4.5V, Vnom = 5V, and lload_max = 3.6A. 


^ds_max 


5.5V X .4 
(3.6A)^ X 5V 


_ 100°C - 60°C _ 

[l + 0.01/°C • (100°C - 25°C)]- 60°C/W 
= 1 3 m A 

( 22 ) 

When using FETs in parallel, the same guidelines apply to 
the top FET as apply to the bottom FET. 

Loop Compensation 

The general purpose of loop compensation is to meet static 
and dynamic performance requirements while maintaining 
stability. Loop gain is what is usually checked to determine 
small-signal performance. Loop gain is equal to the product 
of control-output transfer function and the output-control 
transfer function (the compensation network transfer func¬ 
tion). Generally speaking it is a good idea to have a loop gain 
slope that is -20dB /decade from a very low frequency to well 
beyond the crossover frequency. The crossover frequency 
should not exceed one-fifth of the switching frequency, i.e. 
60kHz in the case of LM2642. The higher the bandwidth is, 
the faster the load transient response speed will potentially 
be. However, if the duty cycle saturates during a load tran¬ 
sient, further increasing the small signal bandwidth will not 
help. Since the control-output transfer function usually has 
very limited low frequency gain, it is a good idea to place a 
pole in the compensation at zero frequency, so that the low 
frequency gain will be relatively large. A large DC gain 
means high DC regulation accuracy (i.e. DC voltage 
changes little with load or line variations). The rest of the 
compensation scheme depends highly on the shape of the 
control-output plot. 
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Loop Compensation (Continued) 



-90 CO 
< 
X 


10 100 Ik 10k 100k 1M 

FREQUENCY (Hz) 


FIGURE 6. Control-Output Transfer Function 


min 2jt • son • 100 /jF 


2jt*300k*8/i*100;^F 

(26) 

First determine the minimum frequency (fpmin) of the pole 
across the expected load range, then place the first compen¬ 
sation zero at or below that value. Once fpmin is determined, 
Rc1 (R23 and R24) should be calculated using: 


R 


cl 


gm R, J 


(27) 


Where B is the desired gain in VA/ at fp (fz1), gm is the 
transconductance of the error amplifier, and R1 and R2 are 
the feedback resistors. A gain value around 10dB (3.3v/v) is 
generally a good starting point. 


Example. B=3.3v/v, gm=650m, R1=20KQ, R2=60.4Kfi[: 


As shown in Figure 6, the control-output transfer function 
consists of one pole (fp), one zero (fz), and a double pole at 
fn (half the switching frequency). The following can be done 
to create a -20dB /decade roll-off of the loop gain: Place the 
first pole at OHz, the first zero at fp, the second pole at fz, 
and the second zero at fn. The resulting output-control trans¬ 
fer function is shown in Figure 7. 


3.3 f 20k + 60.4k 
650jLi 20k 


= 20.4 kn ^ 20 kn 
(28) 


Bandwidth will vary proportional to the value of Rc1. Next, 
Cc1 (C19 and C20) can be determined with the following 
equation: 



FIGURE 7. Output-Control Transfer Function 


(29) 

Example: fpmin=695Hz, Rc1=20KQ: 

C , = -^^ 1 1 nF 

2jr • 695 Hz • 20 kn 

(30) 

The compensation network {Figure 8) will also introduce a 
low frequency pole which will be close to OHz. 

A second pole should also be placed at fz. This pole can be 
created with a single capacitor Cc2 (Cl 8 and C21) and a 
shorted Rc2 (see Figure 8). The minimum value for this 
capacitor can be calculated by: 


The control-output corner frequencies, and thus the desired 
compensation corner frequencies, can be determined ap¬ 
proximately by the following equations: 


" 2KReCo 

(23) 

f = 1 ^ 1 - D - .5 

P 2^R,C, ^ 2:rLfC, 

(24) 

Since fp is determined by the output network, it will shift with 
loading (Ro). It is best to use a minimum lout value of 
approximately 100mA when determining the maximum Ro 
value. 

Example: Re=20mi^, Co=100uF, Romax=5V/100mA=50Q: 


f 


z 


_ 1 _ 

2:31 * 20 mH • 1 00 ;^F 


= 80 kHz 


(25) 


(31) 

Cc2 may not be necessary, however it does create a more 
stable control loop. This is especially important with high 
load currents and in current sharing mode. 

Example: fz=80kHz, Rc1= 20KQ: 

min - 2jt • 80 kHz • 20 kfl ^ 

(32) 

A second zero can also be added with a resistor in series 
with Cc2 (R22 and R25). If used, this zero should be placed 
at fn, where the control to output gain rolls off at -40dB/dec. 
Generally, fn will be well below the OdB level and thus will 
have little effect on stability. Rc2 can be calculated with the 
following equation: 


9-197 


WWW national.com 


AN-1239 




AN-1239 


Loop Compensation (Continued) 


^=2 = 2^-fn-C,2 


(33) 



FIGURE 8. Compensation Network 



FIGURE 9. 
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FIGURE 10. 
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LP2995 Evaluation Board 


National Semiconductor 
Application Note 1241 
Chance Dunlap 



Introduction 

The LP2995 evaluation board is designed to provide the 
design engineer with a fully functional prototype system in 
which to evaluate the LP2995 in both a static environment 
and with a complete memory system. There are two versions 
of the board, while identical in functionality they differ in the 
package implemented, either an SO-8 or LLP-16 LP2995 is 


used. This application note contains information regarding 
the evaluation board. For more information regarding the 
LP2995 please refer to the datasheet. 

Schematic 

The following schematic was used to create the layout. 



20049101 


FIGURE 1. Schematic 


TABLE 1. Bill Of Materials 


Name 

Value 

Description 

Manufacturer 

Model Number 

U1 


LP2995 DDR Linear Regulator 

National 

Semiconductor 

LP2995M or LP2995LQ 

Cl 

O.lpF 

1206 Ceramic Capacitor X7R 25V 

Vishay Vitrammon 

VJ1206Y104KXXAT 

C2 

330pF 

6.3V Electrolytic Radial FC Series 

Panasonic 

EEU-FC0J331S 

C3 

330ijF 

6.3V Electrolytic Radial FC Series 

Panasonic 

EEU-FC0J331S 

C4 


Not Connected 



C5 

68|jF 

6.3V Electrolytic Radial FC series 

Panasonic 

EEU-FC0J680 


Application 

The LP2995 evaluation board can be used immediately in 
either a static test environment to check functionality or in a 
memory termination scheme on a motherboard. In either 
implementation the following steps should be taken to en¬ 
sure correct operation. 

1. Connect leads from the evaluation board. The board 
layout has been designed to allow banana jack sockets 
to be directly soldered. 

2. V|N should be connected to a 2.5V power supply. This 
pad connects both the AV|n and PV|n pins of the 
LP2995. 

3. Two GND pads have been provided for ease of use. 
Either is sufficient for grounding of the board. 


4. The Vddq input provides the internal divide by two ref¬ 
erence voltage. Both Vr^f ^nd V-n- will track this internal 
voltage, nominally a 2.5V will be applied. 

5. The Vrefout psci is the output for the Vr^r from the 
LP2995 after being bypassed by a ceramic capacitor. 
This can be connected either to a multimeter for confir¬ 
mation or directly to the memory controller and DIMMS. 

6. The remaining two pads are for the force and sense 
leads of the V-rr output. These should be connected 
directly to the termination plane or a multimeter if inter¬ 
ested in verification. The output will be regulated where 
the Vsense leads connect to the V-n- leads permitting the 
connection to a motherboard without suffering from large 
resistance drops. 


www.national.com 


9-200 




Performance 

The following series of scope plots shows the performance 
of the LP2995 evaluation board when it is subjected to 
various load tests. On each of the six scope plots there are 
two traces. The upper trace is the Vjy output voltage that 
has been AC coupled with a scale of 20mV per division. The 


lower trace is the output current with a scale of 500mA per 
division. All the load transients begin from an initial condition 
of zero current and show magnitude. Please refer to the title 
to determine whether the current flow is into (sinking) or out 
of (sourcing) the V-n- pin. The time scale for all the plots is 
2mS per division. 


0.5A Load Transient (Sourcing) 



20049107 


1A Load Transient (Sourcing) 



20049106 


0.5A Load Transient (Sinking) 



20049111 


1A Load Transient (Sinking) 



20049110 


1.5A Load Transient (Sourcing) 



The LP2995 has been designed to accommodate several 
different capacitor options to allow the designer to optimize 
the solution for the specific application. For most desktop 
systems large aluminum electrolytic capacitors will be used 
for their low cost. However, in height limited situations such 


as laptops fewer high performance capacitors might be 
implemented such as specialty polymers. The table below 
lists some of the capacitors that can be used and a vendor 
that offers that product line. 


TABLE 2. 


Capacitor Series 

Vendor 

Vendor Phone Number 

Oscon 

Vishay 

(207) 324-4140 

SP 

Panasonic 

(714) 373-7857 

MLCC 

Taiyo Yuden , 

(800)-348-2496 

Aluminum 

Panasonic 

(714) 373-7857 
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Board Layout 


LLP Top Side 



20049103 


LLP Bottom Side 



20049102 
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Board Layout (Continued) 


SO-8 Top Side 



20049104 


SO-8 Bottom Side 



20049105 
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Board Layout (Continued) 


TABLE 3. 


Information 

SO-8 Board 

LLP-16 Board 

Board Material 

FR4 

FR4 

Size 

0.9 X 1.1 inches 

0.9 X 1.1 inches 

Board Thickness 

0.062 inch 

0.062 inch 

Layers 

2 

2 

Copper Thickness 

1 oz 

1 oz 

Plating 

HASL 

HASL 

Thermal Vias 

3 

6 

Thermal Vias Size 

25 mil 

10 mil 

Board Thickness 

0.062 inch 

0.062 inch 
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LM2727 Evaluation Board 


Introduction 

The LM2727 Evaluation board has been designed for a wide 
variety of components in order to show the flexibility of the 
LM2727 chips. The input voltage limitations are the same as 
the chip: 2.2 to 16VDC. The regulated output voltage range 
IS from 0.6V up to 85% of the input voltage. Output current is 
limited by the components chosen, however the size of this 
board and the limitation to SO-8 MOSFETs means a realistic 
limit of about 10A. 

The example design steps 12V down to 3.3V at 4A, with a 
switching frequency of 800kHz. This design can be modified 
by foilowing the Design Considerations section of the 
LM2727 datasheet. Design work can also by tested and 
simulated using WEBENCH™ software, available as an on¬ 
line tool or for download at www.national.com. 

The board is four layers, consisting of signai/power traces on 
top and bottom, with one internai ground plane and an 
internal split power plane. All planes are loz. copper, and the 
board is 62mil FR4 laminate. 

Boot Voltage 

The default circuit that comes with the LM2727 demo board 
uses a bootstrap diode and small capacitor (D1 and Cboot) 
to provide enough gate-to-source voltage on the high side 
MOSFET to drive the FET. If a separate rail is available that 
Is more than twice the value of VIn, this higher voltage can 
be connected directly to the BOOT pin, via the BOOT con¬ 
nector, with a 0.1 pF bypass capacitor, Cc. In this case D1 
and Cboot should be removed from the board. Do not con¬ 
nect both Cc and Cboot/DI at the same time. 

Dual MOSFET Footprints 

The LM2727 demo board has two extra footprints for dual 
N-channel MOSFETs in SO-8 packages. Footprint 03 corre¬ 
sponds to devices with footprints such as the Si4816DY 
"LITTLEFOOT Plus" from Vishay Siliconix. Footprint Q4 cor¬ 
responds to devices with footprints such as the Si4826DY, 
aiso from Vishay Siliconix. 

Low Side Diode 

A footprint D2 is available for a Schottky diode to be placed 
in parallel with the low side FET. This can improve efficiency 
because a discrete Schottky will have a lower forward volt¬ 
age than the low side FET’s body diode. The footprint fits 
SMA size devices. If desired, the low side FET can be 
removed entirely, and the LM2727 will run as an asynchro¬ 
nous Buck controller. 
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Application Note 1247 
Chris Richardson 



Additional Footprints 

The 1206 footprints Rc2 and Cc3 are available for designs 
with more complex compensation needs. 


G1 

[I 


Z] 

S2 

[I 

SO-8 

z 

S2 

[I 


z 

G2 

[I 


z 


FIGURE 1. Pinout for Dual FET for Footprint Q3 



FIGURE 2. Pinout for Dual FET for Footprint Q4 


Layout Optimization 

The LM2727 PCB layout could be improved with several 
techniques used in switching converter design. The traces 
that run from the HG and LG pins of the 1C to the gates of the 
high and low side MOSFETs should be shorter and thicker, 
reducing their parasitic inductance and resistance. The mid¬ 
frequency decoupling capacitor Cinx should be placed as 
close to the pins of the high side MOSFET as possible. The 
bulk input capacitors Cinl and Cin2 should also be placed 
close, keeping the loop between the input capacitors and the 
high side MOSFET small. Likewise, the Schottky diode D2 
should be located as close as possible to the pins of the low 
side MOSFET. The local capacitors Cin, Cboot, and Cc (if 
used) should be close to the pins of the LM2727 1C. These 
techniques help reduce parasitic inductance throughout the 
PCB. 
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Layout Optimization (Continued) 



TABLE 1. Bill of Materials for Typical Application Circuit 


ID 

Part Number 

Type 

Size 

Parameters 

Qty. 

Vendor 

U1 

LM2727 

Synchronous 

Controller 

TSSOP-14 


1 

NSC 

Q1 

Si4884DY 

N-MOSFET 

SO-8 

13.5ma @4.5V, 15.3nC 

1 

Vishay 

Q2 

Si4884DY 

N-MOSFET 

SO-8 

13.5mQ, @4.5V, 15.3nC 

1 

Vishay 

Db 

BAT-54 

Schottky Diode 

SOT-23 

30V 

1 

ON 

Lin 

P1168.162T 

Inductor 

12x12x4.5mm 

1.6pH, 8.5A5.4mQ 

1 

Pulse 

L1 

P1168.162T 

Inductor 

12x12x4.5mm 

1.6pH, 8.5A5.4mi2 

1 

Pulse 

Cin1 

C4532X5R1E106M 

Capacitor 

1812 

lOpF 25V 3.3Arms 

2 

TDK 

Cinx 

C3216X7R1E105K 

Capacitor 

1206 

IpF, 25V 

1 

TDK 

Col 

6TPB470M 

Capacitor 

7.3x4.3x3.8mm 

470pF 2.5V 55m^2 

2 

Sanyo 

Cin 

C3216X7R1E225K 

Capacitor 

1206 

2.2pF, 25V 

1 

TDK 

Css 

VJ1206X123KXX 

Capacitor 

1206 

12nF, 25V 

1 

Vishay 

Cc1 

VJ1206A3R9KXX 

Capacitor 

1206 

3.9pF 10% 

1 

Vishay 

Cc2 

VJ1206A391KXX 

Capacitor 

1206 

390pF 10% 

1 

Vishay 

Rin 

CRCW1206100J 

Resistor 

1206 

loa 5% 

1 

Vishay 

Rfadj 

CRCW12063052F 

Resistor 

1206 

30.5kQ 1% 

1 

Vishay 

Rc1 

CRCW12069532F 

Resistor 

1206 1 

95.3kl2 1% 

1 

Vishay 

Rfb1 

CRCW12064871F 

Resistor 

1206 

4.87ka 1% 

1 

Vishay 

Rfb2 

CRCW12062181F 

Resistor 

1206 

21.8kQ 1% 

1 

Vishay 

Res 

CRCW1206272J 

Resistor 

1206 

2.7kQ 5% 

1 

Vishay 
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Wide-Input, High Voltage 
Buck Converter 


National Semiconductor 
Application Note 1253 
Sanjaya Maniktala 



Introduction 

When the DC input voltage to a buck converter has a wide 
range, it becomes important to not only select a suitable 
switching regulator IC for the application, but to select the 
power components to handle the worst-case input voltage. 
For a given component, the worst-case may be the maxi¬ 
mum input voltage or the minimum input voltage, but In fact 
may also be somewhere in between. A typical design sce¬ 
nario is presented, using the high voltage SIMPLE 
SWITCHER® IC, the LM2593HV. The IC is rated for an input 
of 4.5V to 60V for a 2A load and switches at 150kHz. 
Considerations reflecting the higher than usual maximum 
input voltage are also highlighted. 


In general it should be ensured that the minimum duty cycle 
is indeed achievable by the controller. For the LM2593HV, 
the minimum duty cycle before start of pulse skipping is 
typically about 5-8% 

The switch ON-time is 


f 


0 093 
150000 


X 10® = 0 62 I^s 


So the Voltpseconds ‘Et’ is 

Et = (V,N - Vsw - Vo) X toN = (60 -1.5 - 5) X 0.62 
= 33.17Vpsecs 

Estimated inductance is therefore 


Component Selection 

We set the specifications of the converter to be 
Vin_max = 60V 
V|N_MIN = 7V 
Vo = 5V 
Io = 2A 

Inductor 

The inductor design for a buck converter must be done at the 
maximum input voltage V,njviax- This represents the worst- 
case for all the key inductor parameters: the core loss, the 
peak/RMS inductor current, the copper loss, the temperature 
rise, the energy it must handle, and the peak flux density. 
We define ‘D’ as the Duty Cycle and Y the ripple current ratio 
AI/Iq. See Application Note AN-1197 for more details on the 
terms and equations used here. 

We choose ‘r’ to be 0.3 here as per the design procedure 
inductor nomographs in the LM2593HV datasheet as well as 
the guidelines in the referenced Application Note, ‘r’ is re¬ 
lated to the inductance through the equation 


Et 



where ‘Et’ is the applied Voltpsecs, Iqc is the maximum rated 
load in Amps, and L is the inductance in pH. 

The Duty Cycle is 


^IN ” ^SW 

where Vq is the diode forward voltage drop 0.5V), and 
Vsw is the drop across the switch when it is ON, plus any 
parasitics (^1.5V). So at maximum input 


5 + 0.5 

'60-1.5 + 05 


- = 0 093 


L 



33 17 
0.3 X 2.0 


= 55.3 laH 


The first pass selection of the inductor is usually on the basis 
of the inductance calculated above and the max load cur¬ 
rent. 

Note that if the maximum load current was less than 2A, say 
1A, and the input voltage is greater than 40V, we may still 
need to size the inductor for 2A current rather than the 
maximum load of 1 A. This is because during a typical (hard) 
startup/power-up, the feedback loop is ineffective in limiting 
the duty cycle, and the peak switch current hits the current 
limit of the controller. For low input voltages, this is usually 
not a problem, as the controller can nevertheless still protect 
itself by limiting the current to the set current limit. But if the 
input voltage exceeds 40V, it is empirically seen that a typical 
inductor can saturate so rapidly that the current limit cannot 
be ‘enforced’ by the controller. This will cause destruction of 
the switch. Exculpatory factors are the use of substantial 
soft-start, and paying attention to the material of the core. 
Powdered iron cores for example, despite other inherent 
limitations, do not saturate as ‘sharply’ as do most ferrites, 
and survive such momentary overloads much better. Ferrites 
with ‘open’ magnetic structures like drums/rods (possessing 
a large Inherent air gap in the closed magnetic path) also 
fare quite well. In general, for all high voltage devices like the 
LM2593HV, we recommend a careful evaluation of the in¬ 
ductor to ensure that the converter withstands damage dur¬ 
ing power-up, and also if the outputs are overloaded/shorted 
(in which case soft-start cannot help either). In our particular 
example, any standard 56 |jH/ 2A inductor should work. 

Input Capacitor 

The input capacitor of a buck converter sees the maximum 
ripple current when the duty cycle is 50% (or closest point 
within range to this). The input voltage corresponding to 
D=0.5 IS Vo 5 below 

Vo5-(2xVo) + Vsw + VpVolts 

Vo 5 -(2x5) + 1.5 + 0.5 = 12 Volts 
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Input Capacitor (Continued) 

In our case the input voltage range does include this point. 
But in a more general case, if the input voitage range did not 
include this point, we would take either V,n_max V,n_min 
whichever happens to be closer to Vq 5 . And we would need 
to calculate the duty cycle at that input voitage for the ripple 
current calculation beiow. 

The ripple current is (for small ‘r’) 

^RMSjN ” A 


^RMSjN 2‘Vo.5* [1-0.5] 1.0 A 

The voltage rating of the input capacitor must obviously be 
higher than the DC Input. Tantalum capacitors were not 
considered suitable here due to their 50V maximum rating, 
and their inherent surge current limitations (which are always 
of concern especially at high input voltages). We recom¬ 
mend at the bare minimum a 63V aluminum electrolytic 
(preferably 100V) sized to handle 1A RMS current as calcu¬ 
lated above. A suitable candidate is Part Number 
EEVFC1J680Q from Panasonic. This is a 68 mF/ 63V/1 .02A 
SMT Al capacitor. Note that Aluminum electrolytics are quite 
tolerant of surge voltages provided they do not last ‘long’. 
Further there seems to be no modern statistical evidence to 
suggest anymore that voltage derating leads to significantly 
lower failure rates or higher life in such capacitors, as was 
believed in the past. But please validate these general state¬ 
ments with specific vendors, before relying on them fully. 

Output Capacitor 

For the output capacitor, the worst-case is again the highest 
input voltage. The basic selection is based on the ripple 
current and output ripple. 

The ripple current is 


r 

'rms_out ” 



A suitable candidate is Part Number EEVFC0J221P from 
Panasonic. This is a 220pF/6.3V/0.23A SMT Al capacitor. 

A confirmation of the output voltage ripple is required here. 
The peak to peak current in the output capacitor is 
Ipp = Iq X r = 0.6 

So with the chosen capacitor, which has an ESR of 0.4 
ohms, the output ripple will be 0.6*0.4=0.24V. This is equiva¬ 
lent to ±120mV. If this is considered excessive, a lower ESR 
capacitor should be selected. However, too low an ESR 
could lead to instability in the feedback loop particularly 
when using voltage mode controllers like the LM2593HV. 

Catch Diode 

The voltage rating of the diode must be higher than the input 
voltage. We have picked a 100V Schottky diode here. The 
average current in the catch diode is 
UvG_D = Iq X (1-D) 

The diode conducts during the OFF-time, so minimum duty 
cycle (or highest input) is again the worst-case here. There¬ 
fore 

Uvg_d = 2x (1-0.093) = 1.81 A 
We can use a 3A/1OOV Schottky diode from any vendor. 

Additional Information 

power.national.com 

www.national.com/pf/LM/LM2593HV.html 
www.national.com/an/AN/AN-1197.pdf 
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National’s LM2623 Boost 
Converter - A Simple 
Technology Twist Produces 
the Industry’s Most 
Versatile Supply 

• Efficient operation from single NiMH to three Lilon input 
voltages. 

• Application circuit meets the emerging 1.8 to 4.5 volt 
industry standart. 

• Iq allows up to 6 months shelf life for rechargeable appli¬ 
cations. 

• Can be used by most electrical engineers - 

a control system specialist is not required to design for 
stable operation. 

• Usable in circuits requiring very low ripple voltage. 

• Low cost per watt. 

Many traditional analog problems are increasingly being 
solved with digital solutions. As a result, the majority of 
today’s electronic product designers are digital engineers 
who find It difficult to design with switching power supply ICs. 
Analog engineers are specialists and control system engi¬ 
neers are even more specialized. Today’s high speed, low 
voltage systems require tight tolerance power supplies with 
fast response times. This increases the opportunity for com¬ 
plex control system problems (stability problems). These 
represent stumbling blocks for product designers and they 
end up needing the IC manufacturers to design their solu¬ 
tions. The product designers would usually prefer to do it 
themselves and have a higher degree of control over their 
projects. Since the product designers are usually not control 
system engineers, their application of a switching power 
supply requires a supply that is inherently stable. 

Gated Oscillators - Advantages 
and Limitations 

Gated oscillator based switching power supplies use inher¬ 
ently stable, on-off control systems, rather than proportional 
controllers, such as the ones used in pulse width modulated 
(PWM) systems. The gated oscillator parts typically exhibit 
higher levels of ripple. However, because of their inherent 
stability, gated oscillators are usually safe for a digital hard¬ 
ware engineer to design into an application without encoun¬ 
tering a control system problem. 

Gated oscillators operate at a fixed duty cycle, which limits 
their range of output voltage and load capability. In order to 
maintain continuous current mode in a boost converter, a 


National Semiconductor 
Application Note 1258 
John Fairbanks 



duty cycle greater than I-VinA/qut fr^ust be maintained. 
When this ratio is not maintained, the output capability drops 
dramatically. Fixing the duty cycle sets the maximum output 
to input voltage ratio for the power supply. This is an inherent 
architectural limitation of this type of system. For low output 
to input voltage ratios, the duty cycle of a gated oscillator will 
limit the output current of the supply. If the output transistor is 
conducting 90% of the time, the coil can only discharge into 
the load 10% of the time. When the output current exceeds 
10% of the coil current, the system cannot supply the load. 
For these ratios, 400 milliamps load current requires an 
output transistor that can sink at least 4 amps to supply the 
load. If the duty cycle was 10%, the output transistor would 
only need to sink 1.1 amps. Running higher coil current than 
necessary results in excessive overshoot (ripple) when the 
supply reaches the voltage limit, stops the oscillator and 
discharges all the stored energy in the coil. Higher than 
necessary peak coil current also lowers the efficiency be¬ 
cause the output is proportional to the current while the 
losses are proportional to the current squared. Making the 
duty cycle user adjustable would allow a gated oscillator to 
be an effective solution for a much broader range of appli¬ 
cations. 

The Ratio Adaptive Gated 
Osciiiator 

Adapts the Duty Cycle to Optimize Output, Efficiency 
and Ripple as the Battery Discharges. 

The LM2623 is a gated oscillator with a frequency propor¬ 
tional to the current into the oscillator pin (see Figure 1). The 
duty cycle is user adjustable with the addition of a small 
capacitor. This capacitor (C3 in Figure 1) also makes the 
duty cycle adjust itself as the battery runs down. It transfers 
a constant charge into the oscillator pin when the output 
device turns off and out of that pin when the output device 
turns on. This increases the on time and decreases the off 
time (increases the duty cycle). As the input current and 
frequency decrease due to the battery voltage running down, 
the fixed charge transfer becomes a larger percentage of the 
oscillator current and the duty cycle increases further. This 
increase in duty cycle as the battery runs down significantly 
expands the gated oscillator operating range. 
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The Ratio Adaptive Gated Oscillator (Continued) 



20055901 


FIGURE 1. LM2623 Boost Converter for Digital Camera Motor 


The circuit in Figure 1 is a very practical LM2623A ratio 
adaptive circuit to drive a digital camera motor. It produces 5 
volts from input voltages ranging between 1.8 and 4.5 volts. 
The graph below Figure 2 shows the efficiency at different 
input voltages and output loads. The duty cycle is not shown, 
but it varies from about 86% at 1.8 volts in to 71 % at 4.5 volts 
in. Maintaining the 86% duty cycle at 4.5 volts would reduce 


the efficiency and increase the ripple. Maintaining the 70% 
duty cycle at 1.8 volts would significantly reduce the output 
capability. Several camera manufacturers are already requir¬ 
ing 1.8 to 4.5 volt operation from all the power supplies. The 
1.8 to 4.5 voltage standard allows a manufacturer to build his 
product and let the user select disposable Alkalines, NiMH or 
Lilon at the point of purchase. 



VIN 


FIGURE 2. Efficiency for Circuit of Figure 1 


The industry’s most flexible power supply needs to solve 
more problems than just wide range efficiency. Low ripple is 
important for many applications, particularly digital cameras. 
This requires matching the duty cycle to the voltage ratio to 
limit the overshoot due to excessive stored energy in the coil. 
The change in duty cycle with battery voltage can be in¬ 
creased significantly by adding resistance in series with C3 
(see Figure 3). The ripple can also be decreased signifi¬ 
cantly by adding a small capacitor (30 to lOOpf) in parallel 
with RF1 and adding a ceramic capacitor (4.7 to lOpf) in 


parallel with C2. The circuit in Figure 3 was developed to 
supply the analog and digital circuits in a digital camera. It 
runs between 80% and 90% efficient with ripple below 30 
millivolts at 300 ma. Ripple is below 10 millivolts from 50 ma 
to no load. The typical duty cycle ranges from 69% at 1.8 
volts to 38% at 3 volts. These ripple and efficiency figures 
compare favorably with PWM parts in the same application. 
The quiescent current of this circuit will also support up to 6 
months of shelf life in a rechargeable application using two 
AA NiMH cells. 
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The Ratio Adaptive Gated Osciiiator (Continued) 
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FIGURE 3. LM2623 Boost Converter Circuit with Low Ripple for Digital Cameras 


The LM2623 also has the capability to handle both buck and 
buck/boost applications cost effectively and efficiently. This 
can be done with a transformer coupled circuit like the one 
shown in Figure 4. This circuit requires a duty cycle adjust¬ 
ment from the 17% open loop value but does not require a 
significant duty cycle change with voltage. For loads of 200 
mA, this circuit runs 75% to 80% efficient, generating 3.3 


volts over the Lilon voltage range of 2.7 to 4.5 volts. This 
alternative compares favorably with both the cost and effi¬ 
ciency of dedicated buck/boost converter products. The in¬ 
herent stability of the LM2623 also comes in very handy 
when multiple output windings are used. Since the LM2623 
operates from input voltages up to 14 volts, it can handle a 
significant variety of transformer coupled applications. 
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FIGURE 4. LM2623 Sepic Converter for Digital Cameras 


The industry’s most flexible power supply also needs to 
handle single cell applications. The circuit below will put out 
3.3 volts at efficiencies from 75% to over 80% in the 15 ma 
to 150 ma load range from a single NiMH battery. It requires 
the adaptive duty cycle feature as well as bootstrapping of 


the Vdd and the oscillator from the output voltage. Use of a 
large junction Schottky diode is recommended both for effi¬ 
ciency and to minimize the voltage drop from the input 
supply to the Vqd pin for start-up. The 3-amp diode used in 
this circuit has a forward drop of about 20 millivolts under 
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The Ratio Adaptive Gated 
Osciiiator (Continued) 

start-up conditions. The maximum start-up voltage required 


at Vdd is 1.1 volts at 25 C. After start-up, the circuit will run 
down to below the minimum disposable battery voltage of .8 
volts. It also runs efficiently up to 1.6 volts. 



FIGURE 5. LM2623 1 Cell Converter for Pagers or Digital Cameras 


The LM2623 is not the optimum solution for all portable 
power applications. However, the simplicity of the gated 
oscillator architecture makes it a very cost effective solution. 
Its inherent stability eliminates most of the application prob¬ 
lems and the adjustable duty cycle makes it versatile enough 


for almost any portable power application. If you only want to 
stock one IC switching supply and minimize your expense 
for training and obsolescence, the LM2623 is a very good 
choice. 
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RS-232 Line Driver Power 
Supply 


National Semiconductor 
Application Brief 30 



Introduction 

A large segment of today’s systems comply with the Elec¬ 
tronic Industries Association (EiA) RS-232 specification for 
the interface between data processing and data communi¬ 
cations equipment. Because this specification calls for the 
use of positive and negative signal levels, the designer quite 
often needs to add a dual supply to a board which can 
otherwise operate from a single 5V supply. The LM1578A 
Switching Regulator can be used to convert the already 
existing supply into a separate ±12V supply for powering the 
interface line drivers. 

Circuit Description 

The power supply, shown in Figure 1, operates from an input 
voltage as low as 4.2V, and delivers an output of ±12V at 
±40 mA with an efficiency of better than 70%. The circuit 
provides a load regulation of ±1.25% (from 10% to 100% of 
full load) and a line regulation of ±0.08%. Other notable 
features include a cycle-by-cycle current limit and an output 
voltage ripple of less than 40 mVp-p. 

A unique feature of this flyback regulator is its use of feed¬ 
back from BOTH outputs. This dual feedback configuration 
results in a sharing of the output voltage regulation by each 
output so that one output is not left unregulated as in single 
feedback systems. In addition, since both sides are regu¬ 
lated, it is not necessary to use a linear regulator for output 
regulation. 

Component Selection 

The following design procedure is provided for the user who 
wishes to tailor the power supply circuit to fit their own 
specific converter application. 

The feedback resistors, R2 and R3, may be selected as 
follows by assuming a value of 10 kQ for R1; 

R2 = (VouT -1V)/45.8 pA = 240 kQ 
R3 = (IVoutI +1V)/54.2 pA = 240 kO. 

Actually, the currents used to program the values for the 
feedback resistors may vary from 40 pA to 60pA, as long as 
their sum is equal to the 100 pA necessary to establish the 
IV threshold across R1 (10 kO). Ideally, these currents 
should be equal (50 pA each) for optimal control. However, 


as was done here, they may be mismatched in order to use 
standard resistor values. This results in a slight mismatch of 
regulation between the two outputs. 

The current limit resistor, R4, is selected by dividing the 
current limit threshold voltage (approximately 100 mV) by 
the maximum peak current level in the output switch (750 
mA steady-state). For our purposes R4 = 100 mV/750 mA = 
0.130. A value of 0.10, used here, will trip the current limit at 
1A peak. A more conservative design would use 0.150 for 
this resistor. 

Capacitor Cl sets the oscillator frequency according to the 
equation Cl = 80/f, where Cl is in nano-Farads and f is the 
frequency of the oscillator in kHz. This application runs at 
80 kHz and used a 1 nF (1000 pF) silver-mica capacitor. The 
oscillator section provides a 10% deadtime each cycle to 
protect the output transistor. 

Capacitor C2 serves as a compensation capacitor for oper¬ 
ating the circuit in the synchronous conduction mode. That 
is, the output transistor will switch on each cycle, thereby 
eliminating the random noise spikes which occur with non- 
synchronous operation and are at best difficult to filter. This 
capacitor is optional and may be omitted if desired. If used, 
a value of 10 to 50 pF should be sufficient for most applica¬ 
tions. 

The choice for an output capacitor value depends primarily 
on the allowed output ripple voltage, AVqut- In most cases, 
the capacitor’s equivalent series resistance (ESR) at the 
switching frequency produces more ripple voltage than does 
the charging and discharging of the capacitor. The capacitor 
should be chosen to have an ESR < AVqut/'IOO mA, where 
100 mA is approximately the greatest ripple current pro¬ 
duces by the transformer secondary. Higher-value capaci¬ 
tors tend to have lower ESR; 1000 pF aluminum electrolytic 
was used in this circuit to assure low ESR, under 0.4^^. 

The input capacitors, C5 and C6, are used to reduce the 
transients that may be fedback to the main supply. Capacitor 
C5 is a 100 pF electrolytic and is bypassed by C6, a 0.1 pF 
ceramic disc. 

For good efficiency, the diodes must have a low forward 
voltage drop and be fast switching. 1N5819 Schottky diodes 
work well. 
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Component Selection (Continued) 
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FIGURE 1. RS-232 Power Supply (See Table 1, Parts List) 


Transformer selection should be picked for an output tran¬ 
sistor “on” time of 0.4/f, and a primary inductance high 
enough to prevent the output transistor switch from ramping 
higher than the transistor’s rating of 750 mA. Pulse Engi¬ 
neering (San Diego, Calif.) and Renco Electronics, Inc. 
(Deer Park, N.Y.) can provide further assistance in selecting 
the proper transformer for a specific application need. The 
transformer used in the power supply was a Pulse Engineer¬ 
ing PE-64287 with turns ratio of Np:Ns:Ns = 1:1.6:1.6 and 
primary inductance of 50 pH. 

Table 7 is a parts listing for the components used in the 
building of the power supply circuit. 


TABLE 1. Parts List 

R1 = 10 kn 
R2 = 240 kO. 

R3 = 240 kQ. 

R4 = 0.1 a 

Cl = 1000 pF 

C2 = 18 pF 

C3 = 220 pF 

C4 = 220 pF 

C5 = 100 pF 

C6 = 0.1 pF 

All diodes are 1N5819 

T1 = Pulse Engineering PE-64287 
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IC Provides On-Card 
Regulation for Logic 
Circuits 


National Semiconductor 
Application Note 42 
Robert J. Widlar 



Introduction 

Because of the relatively high current requirements of digital 
systems, there are a number of problems associated with 
using one centrally-located regulator. Heavy power busses 
must be used to distribute the regulated voltage. With low 
voltages and currents of many amperes, voltage drops in 
connectors and conductors can cause an appreciable per¬ 
centage change in the voltage delivered to the load. This is 
aggravated further with TTL logic, as it draws transient cur¬ 
rents many times the steady-state current when it switches. 
These problems have created a considerable interest in 
on-card regulation, that is, to provide local regulation for the 
subsystems of the computer. Rough preregulation can be 
used, and the power distributed without excessive concern 
for line drops. The local regulators then smooth out the 
voltage variations due to line drops and absorb transients. 
A monolithic regulator is now available to perform this func¬ 
tion. It is quite simple to use in that it requires no external 
components. The integrated circuit has three active 
leads—input, output and ground—and can be supplied in 
standard transistor power packages. Output currents in ex¬ 
cess of 1A can be obtained. Further, no adjustments are 
required to set up the output voltage, and overload protec¬ 
tion is provided that makes it virtually impossible to destroy 
the regulator. The simplicity of the regulator, coupled with 
low-cost fabrication and improved reliability of monolithic 
circuits, now makes on-card regulation quite attractive. 

Design Concepts 

A useful on-card regulator should include everything within 
one package—including the power-control element, or pass 
transistor. The author has previously advanced arguments 
against including the pass transistor in an integrated circuit 
regulator.^ First, there are no standard multi-lead power 
packages. Second, integrated circuits necessarily have a 
lower maximum operating temperature because they contain 
low-level circuitry. This means that an IC regulator needs a 
more massive heat sink. Third, the gross variations in chip 
temperature due to dissipation in the pass transistors 
worsen load and line regulation. However, for a logic-card 
regulator, these arguments can be answered effectively. 

For one, if the series pass transistor is put on the chip, the 
integrated circuit need only have three terminals. Hence, an 
ordinary transistor power package can be used. The practi¬ 
cality of this approach depends on eliminating the adjust¬ 
ments usually required to set up the output voltage and 
limiting current for the particular application, as external 
adjustments require extra pins. A new solid-state reference, 
to be described later, has sufficiently-tight manufacturing 
tolerances that output voltages do not always have to be 
individually trimmed. Further, thermal overload protection 
can protect an IC regulator for virtually any set of operating 
conditions, making current—limit adjustments unnecessary. 
Thermal protection limits the maximum junction temperature 
and protects the regulator regardless of input voltage, type of 
overload or degree of heat sinking. With an external pass 
transistor, there is no convenient way to sense junction 


temperature so it is much more difficult to provide thermal 
limiting. Thermal protection is, in itself, a very good reason 
for putting the pass transistor on the chip. 

When a regulator is protected by current limiting alone, it is 
necessary to limit the output current to a value substantially 
lower than is dictated by dissipation under normal operating 
conditions to prevent excessive heating when a fault occurs. 
Thermal limiting provides virtually absolute protection for any 
overload condition. Hence, the maximum output current un¬ 
der normal operating conditions can be increased. This 
tends to make up for the fact that an IC has a lower maxi¬ 
mum junction temperature than discrete transistors. 
Additionally, the 5V regulator works with relatively low volt¬ 
age across the integrated circuit. Because of the low voltage, 
the Internal circuitry can be operated at comparatively high 
currents without causing excessive dissipation. Both the low 
voltage and the larger internal currents permit higher junc¬ 
tion temperatures. This can also reduce the heat sinking 
required—especially for commercial-temperature-range 
parts. 

Lastly, the variations in chip temperature caused by dissipa¬ 
tion in the pass transistor do not cause serious problems for 
a logic-card regulator. The tolerance in output voltage is 
loose enough that it is relatively easy to design an internal 
reference that is much more stable than required, even for 
temperature variations as large as 150°C. 

Circuit Description 

The internal voltage reference for this logic-card regulator is 
probably the most significant departure from standard design 
techniques. Temperature-compensated zener diodes are 
normally used for the reference. However, these have break¬ 
down voltages between 7V and 9V which puts a lower limit 
on the input voltage to the regulator. For low voltage opera¬ 
tion, a different kind of reference is needed. 

The reference in the LM109 does not use a zener diode. 
Instead, it is developed from the highly-predictable 
emitter-base voltage of the transistors. In its simplest form, 
the reference developed is equal to the energy-band-gap 
voltage of the semiconductor material. For silicon, this is 
1.205V, so the reference need not impose minimum input 
voltage limitations on the regulator. An added advantage of 
this reference is that the output voltage is well determined in 
a production environment so that individual adjustment of 
the regulators is frequently unnecessary. 

A simplified version of this reference is shown in Figure 1. In 
this circuit, is operated at a relatively high current density. 
The current density of Qg is about ten times lower, and the 
emitter-base voltage differential (AVbe) between the two 
devices appears across R 3 . If the transistors have high 
current gains, the voltage across Rg will also be proportional 
to AVbe. Q 3 is a gain stage that will regulate the output at a 
voltage equal to its emitter base voltage plus the drop across 
Rg. The emitter base voltage of Qg has a negative tempera¬ 
ture coefficient while the AVbe component across Rg has a 
positive temperature coefficient. It will be shown that the 
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Circuit Description (Continued) 

output voltage will be temperature compensated when the 
sum of the two voltages is equal to the energy-band-gap 
voltage. 






GROUND 


FIGURE 1. The low voltage reference in one of its 
simpler forms. 

Conditions for temperature compensation can be derived 
starting with the equation for the emitter-base voltage of a 
transistor which is^ 


VBE = Vgo(l-^)+VBEo(^) 


^ nkT , To ^ kT, Ic 

+ ““ loge T TT I—’ 

q T q Ico 


( 1 ) 


where Vgo is the extrapolated energy-band-gap voltage for 
the semiconductor material at absolute zero, q is the charge 
of an electron, n is a constant which depends on how the 
transistor is made (approximately 1.5 for double-diffused, 
NPN transistors), k is Boltzmann’s constant, T is absolute 
temperature, Ic is collector current and Vg^o 's the 
emitter-base voltage at Tq and Ico- 
The emitter-base voltage differential between two transistors 
operated at different current densities is given by^ 


kT Ji 

AVbe = — loge —, 
q J 2 


( 2 ) 


where J is current density. 

Referring to Equation (1), the last two terms are quite small 
and are made even smaller by making Ic vary as absolute 
temperature. At any rate, they can be ignored for now be¬ 
cause they are of the same order as errors caused by 
nontheoretical behavior of the transistors that must be de¬ 
termined empirically. 


If the reference is composed of Vbe plus a voltage propor¬ 
tional to AVbe, the output voltage is obtained by adding 
Equation (1) in its simplified form to Equation (2)\ 


Vref = 




kT . Ji 

+ — loge —. 
q J 2 


(3) 


Differentiating with respect to temperature yields 


^ ^ref _ _ VgO 
9T To 


4. ^beo . k . 

+ -r— + - loge —. 

To q J 2 


(4) 


For zero temperature drift, this quantity should equal zero, 
giving 


kTo Ji 

Vgo = Vbeo + “7 loge r- 

y q J 2 

(5) 

The first term on the right is the initial emitter-base voltage 
while the second is the component proportional to 
emitter-base voltage differential. Hence, if the sum of the two 
are equal to the energy-band-gap voltage of the semicon¬ 
ductor, the reference will be temperature-compensated. 

A simplified schematic for a 5V regulator is given in Figure 2. 
The circuitry produces an output voltage that is approxi¬ 
mately four times the basic reference voltage The 
emitter-base voltage of Q 3 , Q 4 , Q 5 and Qq provide the 
negative-temperature-coefficient component of the output 
voltage. The voltage dropped across R 3 provides the 
positive-temperature-coefficient component. Qe is operated 
at a considerably higher current density than Q 7 , producing a 
voltage drop across R 4 that is proportional to the 
emitter-base voltage differential of the two transistors. As¬ 
suming large current gain in the transistors, the voltage drop 
across R 3 will be proportional to this differential, so a 
temperature-compensated-output voltage can be obtained. 
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Circuit Description (Continued) 



FIGURE 2. Schematic showing essentiai detaiis of the 
5V reguiator. 

In this circuit, Qq is the gain stage providing regulation. Its 
effective gain is increased by using a vertical PNP, Qg, as a 
buffer driving the active collector load represented by the 
current source. Qg drives a modified Darlington output stage 
(Qi and Q 2 ) which acts as the series pass element. With this 
circuit, the minimum input voltage is not limited by the volt¬ 
age needed to supply the reference. Instead, it is determined 
by the output voltage and the saturation voltage of the 
Darlington output stage. 

Figure 3 shows a complete schematic of the LM109, 5V 
regulator. The AVbe component of the output voltage is 
developed across Rg by the collector current of Q 7 . The 
emitter-base voltage differential is produced by operating Q 4 
and Qg at high current densities while operating Qg and Q 7 
at much lower current levels. The extra transistors improve 
tolerances by making the emitter-base voltage differential 
larger. Rg serves to compensate the transconductance'^ of 
Qg, so that the AVbe component is not affected by changes 
in the regular output voltage or the absolute value of com¬ 
ponents. 

The voltage gain for the regulating loop is provided by Q^q, 
with Qg buffering its input and Q 1 -, its output. The emitter 
base voltage of Qg and Q^g is added to that of Q 12 and Q^g 
and the drop across Rg to give a temperature-compensated, 
5V output. An emitter-base-junction capacitor, Ci, frequency 
compensates the circuit so that it is stable even without a 
bypass capacitor on the output. 

The active collector load for the error amplifier is Q 17 . It Is a 
multiple-collector lateral PNP"^. The output current is essen¬ 
tially equal to the collector current of Qg, with current being 
supplied to the zener diode controlling the thermal shut¬ 
down, Dg, by an auxiliary collector. Q-, is a collector FET"^ 
that, along with R^, insures starting of the regulator under 
worst-case conditions. 

The output current of the regulator is limited when the volt¬ 
age across R 14 becomes large enough to turn on Q 14 . This 


insures that the output current cannot get high enough to 
cause the pass transistor to go into secondary breakdown or 
damage the aluminum conductors on the chip. Further, when 
the voltage across the pass transistor exceeds 7V, current 
through R^g and Dg reduces the limiting current, again to 
minimize the chance of secondary breakdown. The perfor¬ 
mance of this protection circuitry is illustrated in Figure 4. 



00693103 


FIGURE 3. Detailed schematic of the regulator. 



5 10 15 20 25 30 35 


INPUT VOLTAGE (V) 

00693104 

FIGURE 4. Current-limiting characteristics. 

Even though the current is limited, excessive dissipation can 
cause the chip to overheat. In fact, the dominant failure 
mechanism of solid state regulators is excessive heating of 
the semiconductors, particularly the pass transistor. Thermal 
protection attacks the problem directly by putting a tempera¬ 
ture regulator on the 1C chip. Normally, this regulator is 


www.national.com 


10-8 



Circuit Description (Continued) 

biased below its activation threshold; so it does not affect 
circuit operation. However, if the chip approaches its maxi¬ 
mum operating temperature, for any reason, the tempera¬ 
ture regulator turns on and reduces internal dissipation to 
prevent any further increase in chip temperature. 

The thermal protection circuitry develops its reference volt¬ 
age with a conventional zener diode, D 2 . Q 16 is a buffer that 
feeds a voltage divider, delivering about 300 mV to the base 
of Qi 5 at 175°C. The emitter-base voltage, Q-, 5 , is the actual 
temperature sensor because, with a constant voltage ap¬ 
plied across the junction, the collector current rises rapidly 
with increasing temperature. 

Although some form of thermal protection can be incorpo¬ 
rated in a discrete regulator, IC’s have a distinct advantage: 
the temperature sensing device detects increases in junction 
temperature within milliseconds. Schemes that sense case 
or heat-sink temperature take several seconds, or longer. 
With the longer response times, the pass transistor usually 
blows out before thermal limiting comes into effect. 

Another protective feature of the regulator is the crowbar 
clamp on the output. If the output voltage tries to rise for 
some reason, D 4 will break down and limit the voltage to a 
safe value. If this rise is caused by failure of the pass 
transistor such that the current is not limited, the aluminum 
conductors on the chip will fuse, disconnecting the load. 
Although this destroys the regulator, it does protect the load 
from damage. The regulator is also designed so that it is not 
damaged in the event the unregulated input is shorted to 
ground when there is a large capacitor on the output. Fur¬ 
ther, if the input voltage tries to reverse, will clamp this for 
currents up to 1 A. 

The internal frequency compensation of the regulator per¬ 
mits It to operate with or without a bypass capacitor on the 
output. However, an output capacitor does improve the tran¬ 
sient response and reduce the high frequency output imped¬ 
ance. A plot of the output impedance in Figure 5 shows that 
it remains low out to 10 kHz even without a capacitor. The 
ripple rejection also remains high out to 10 kHz, as shown in 
Figure 6. The irregularities in this curve around 100 Hz are 
caused by thermal feedback from the pass transistor to the 
reference circuitry. Although an output capacitor is not re¬ 
quired, It is necessary to bypass the input of the regulator 
with at least a 0.22 pF capacitor to prevent oscillations under 
all conditions. 



10 100 Ik 10k 100k 1M 
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FIGURE 5. Plot of output impedance as a function of 
frequency. 
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FIGURE 6. Ripple rejection of the regulator. 

Figure 7 is a photomicrograph of the regulator chip. It can be 
seen that the pass transistors, which must handle more than 
1 A, occupy most of the chip area. The output transistor is 
actually broken into segments. Uniform current distribution is 
insured by also breaking the current limit resistor into seg¬ 
ments and using them to equalize the currents. The overall 
electrical performance of this 1C is summarized in Table 1. 



00693107 


FIGURE 7. Photomicrograph of the regulator shows 
that high current pass transistor (right) takes more 
area than control circuitry (left). 


TABLE 1. Typical Characteristics of the Logic-Card 
Regulator: T^ = 25°C 


Parameter 

Conditions 

Typ 

Output Voltage 


5.0V 

Output Current 


1.5A 

Output Resistance 


0 . 03 a 

Line Regulation 

7.0V < V,N < 35V 

0.005%/y 

Temperature Drift 

-55°C<Ta< 125”C 

o.o 2 %rc 

Minimum Input 
Voltage 

Iqut = 1A 

6.5V 

Output Noise 

Voltage 

10Hz<f<100 kHz 

40 pV 
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Circuit Description (Continued) 


TABLE 1. Typical Characteristics of the Logic-Card 
Regulator: T^ = 25°C (Continued) 


Parameter 

Conditions 

Typ 

Thermal Resistance 

Junction to Case 

LIVI109H (TO-5) 
LM109K (TO-3) 

15°C/W 

3“C/W 


Appiications 

Because it was designed for virtually foolproof operation and 
because it has a singular purpose, the LM109 does not 
require a lot of application information, as do most other 
linear circuits. Only one precaution must be observed: It is 
necessary to bypass the unregulated supply with a 0.22 pF 
capacitor, as shown in Figure 8, to prevent oscillations that 
can cause erratic operation. This, of course, is only neces¬ 
sary if the regulator is located on appreciable distance from 
the filter capacitors on the output of the dc supply. 


current though larger than the quiescent current. Even 
so, it is difficult to get the regulation tighter than a couple 
percent. 



5 10 15 20 25 

INPUT VOLTAGE (V) 
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INPUT — 
Cl. 

0.22 piF 


LM109 

IT 


OUTPUT 


FIGURE 8. Fixed 5V regulator 

Although the LM109 is designed as a fixed 5V regulator, it Is 
also possible to use it as an adjustable regulator for higher 
output voltages. One circuit for doing this is shown in Figure 
9. 



FIGURE 9. Using the LM109 as an adjustable-output 
regulator. 


FIGURE 10. Variation of quiescent current with input 
voltage at various temperatures. 



-75-50-25 0 25 50 75 100 125 150 
JUNCTION TEMPERATURE (^C) 

00693111 


FIGURE 11. Variation of quiescent current with 
temperature for various load currents. 

The LM109 can also be used as a current regulator as is 
shown in Figure 12. The regulated output voltage is im¬ 
pressed across R^, which determines the output current. The 
quiescent current is added to the current through R^, and 
this puts a lower limit of about 10 mA on the available output 
current. 


The regulated output voltage is impressed across R^, devel¬ 
oping a reference current. The quiescent current of the 
regulator, coming out of the ground terminal, is added to this. 
These combined currents produce a voltage drop across Rg 
which raises the output voltage. Hence, any voltage above 
5V can be obtained as long as the voltage across the inte¬ 
grated circuit is kept within ratings. 

The LM109 was designed so that its quiescent current is not 
greatly affected by variations in input voltage, load or tem¬ 
perature. However, it is not completely insensitive, as shown 
in Figures 10, 11, so the changes do affect regulation some¬ 
what. This tendency is minimized by making the reference 



FIGURE 12. Current regulator. 

The increased failure resistance brought about by thermal 
overload protection make the LM109 attractive as the pass 
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Applications (Continued) 

transistor in other regulator circuits. A precision regulator that 
employs the 1C thusly is shown in Figure 13. An operational 
amplifier compares the output voltage with the output volt¬ 
age of a reference zener. The op amp controls the LM109 by 
driving the ground terminal through an FET. 


V|N C1^ 



00693113 

FIGURE 13. High stability regulator. 

The load and line regulation of this circuit is better than 
0.001%. Noise, drift and long term stability are determined 
by the reference zener, Di. Noise can be reduced by insert¬ 
ing 100 kQ, 1 % resistors in series with both inputs of the op 
amp and bypassing the non-inverting input to ground. A 
100 pF capacitor should also be included between the out¬ 
put and the inverting input to prevent frequency instability. 
Temperature drift can be reduced by adjusting R 4 , which 


determines the zener current, for minimum drift. For best 
performance, remote sensing directly to the load terminals, 
as shown in the diagram, should be used. 

Conclusions 

The LM109 performs a complete regulation function on a 
single silicon chip, requiring no external components. It 
makes use of some unique advantages of monolithic con¬ 
struction to achieve performance advantages that cannot be 
obtained in discrete-component circuits. Further, the low cost 
of the device suggests its use in applications where 
single-point regulation could not be justified previously. 
Thermal overload protection significantly improves the reli¬ 
ability of an 1C regulator It even protects the regulator for 
unforseen fault conditions that may occur in field operation. 
Although this can be accomplished easily in a monolithic 
regulator, it is usually not completely effective in a discrete or 
hybrid device. 

The internal reference developed for the LM109 also ad¬ 
vances the state of the art for regulators. Not only does it 
provide a low voltage, temperature-compensated reference 
for the first time, but also it can be expected to have better 
long term stability than conventional zeners. Noise is inher¬ 
ently much lower, and it can be manufactured to tighter 
tolerances. 
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Applications for an 
Adjustable IC Power 
Regulator 

A new 3-terminal adjustable IC power regulator solves many 
of the problems associated with older, fixed regulators. The 
LM117, a 1.5A IC regulator is adjustable from 1.2V to 40V 
with only 2 external resistors. Further, improvements are 
made in performance over older regulators. Load and line 
regulation are a factor of 10 better than previous regulators. 
Input voltage range is increased to 40V and output charac¬ 
teristics are fully specified for load of 1.5A. Reliability is 
improved by new overload protection circuitry as well as 
100% burn-in of all parts. The table below summarizes the 
typical performance of the LM117. 


TABLE 1. 


Output Voltage Range 

1.25V-40V 

Line Regulation 

0.01 %A/ 

Load Regulation II = 1.5A 

0.1% 

Reference Voltage 

1.25V 

Adjustment Pin Currrent 

50 pA 

Minimum Load Current 


(Quiescent Current) 

3.5 mA 

Temperature Stability 

0.01 %rc 

Current Limit 

2.2A 

Ripple Rejection 

80 dB 


The overload protection circuitry on the LM117 includes 
current limiting, safe-area protection for the internal power 
transistor and thermal limiting. The current limit Is set at 2.2A 
and, unlike presently available positive regulators, remains 
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relatively constant with temperature. Over a -55°C to 
+150°C temperature range, the current limit only shifts about 
10 %. 

At high input-to-output voltage differentials the safe-area 
protection decreases the current limit. With the LM117, full 
output current is available to 15V differential and, even at 
40V, about 400 mA is available. With some regulators, the 
output will shut completely off when the input-to-output dif¬ 
ferential goes above 30V, possibly causing start-up prob¬ 
lems. Finally, the thermal limiting is always active and will 
protect the device even if the adjustment terminal should 
become accidentally disconnected. 

Since the LM117 is a floating voltage regulator, it sees only 
the input-to-output voltage differential. This is of benefit, 
especially at high output voltage. For example, a 30V regu¬ 
lator nominally operating with a 38V input can have 70V 
input transient before the 40V input-to-output rating of the 
LM117 is exceeded. 

Basic Operation 

The operation of how a 3-terminal regulator is adjusted can 
be easily understood by referring to Figure 1, which shows a 
functional circuit. An op amp, connected as a unity gain 
buffer, drives a power Darlington. The op amp and biasing 
circuitry for the regulator Is arranged so that all the quiescent 
current is delivered to the regulator output (rather than 
ground) eliminating the need for a separate ground terminal. 
Further, all the circuitry is designed to operate over the 2V to 
40V input-to-output differential of the regulator. 




FIGURE 1. Functional Schematic of the LM117 


A 1.2V reference voltage appears inserted between the 
non-inverting input of the op amp and the adjustment termi¬ 
nal. About 50 pA is needed to bias the reference and this 
current comes out of the adjustment terminal. In operation, 


the output of the regulator is the voltage of the adjustment 
terminal plus 1.2V. If the adjustment terminal is grounded, 
the device acts as a 1.2V regulator. For higher output volt¬ 
ages, a divider R1 and R2 is connected from the output to 
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Basic Operation (Continued) 

ground as is shown in Figure 2. The 1.2V reference across 
resistor R1 forces 10 mA of current to flow. This 10 mA then 
flows through R2, increasing the voltage at the adjustment 
terminal and therefore the output voltage. The output voltage 
IS given by: 

VouT = 1.2V X ^ 1 + + 50 jaA R2 

The 50 pA biasing current is small compared to 5 mA and 
causes only a small error in actual output voltages Further, 
It IS extremely well regulated against line voltage or load 
current changes so that it contributes virtually no error to 
dynamic regulation. Of course, programming currents other 
than 10 mA can be used depending upon the application. 
Since the regulator is floating, all the quiescent current must 
be absorbed by the load. With too light of a load, regulation 
IS impaired Usually, a 5 mA programming current is suffi¬ 
cient; however, worst case minimum load for commercial 
grade parts requires a minimum load of 10 mA. The mini¬ 
mum load current can be compared to the quiescent current 
of standard regulators. 

Applications 

An adjustable lab regulator using the LM117 is shown in 
Figure 2 and has a 1.2V to 25V output range. A 10 mA 
program current is set by R1 while the output voltage is set 
by R2 Capacitor Cl is optional to improve ripple rejection so 
that 80 dB is obtained at any output voltage. The diode, 
although not necessary in this circuit since the output is 
limited to 25V, is needed with outputs over 25V to protect 
against the capacitors discharging through low current 
nodes in the LM117 when the input or output is shorted. 
The programming current is constant and can be used to 
bias other circuitry, while the regulator is used as the power 
supply for the system. In Figure 3, the LM117 is used as a 
15V regulator while the programming current powers an 
LM127 zener reference. The LM129 is an 1C zener with less 
than 1^2 dynamic impedance and can operate over a range 
of 0.5 mAto 15 mA with virtually no change in performance. 
Another example of using the programming current is shown 
in Figure 4 where the output setting resistor is tapped to 
provide multiple output voltage to op amp buffers. An addi¬ 
tional transistor is included as part of the overload protection. 
When any of the outputs are shorted, the op amp will current 
limit and a voltage will be developed across its inputs. This 
will turn “ON” the transistor and pull down the adjustment 
terminal of the LM117, causing all outputs to decrease, 
minimizing possible damage to the rest of the circuitry. 
Ordinary 3-terminal regulators are not especially attractive 
for use as precision current regulators. Firstly, the quiescent 
current can be as high as 10 mA, giving at least 1% error at 
1A output currents, and more error at lower currents. Sec¬ 
ondly, at least 7V is needed to operate the device. With the 
LM117, the only error current is 50 pA from the adjustment 
terminal, and only 4.2V is needed for operation at 1.5A or 
3.2V at 0.5A. A simple 2-terminal current regulator is shown 
in Figure 5 and is usable anywhere from 10 mA to 1.5A. 
Figure 6 shows an adjustable current regulator in conjunc¬ 
tion with the voltage regulator from Figure 2 to make con¬ 
stant voltage/constant current lab-type supply. Current sens¬ 


ing is done across R1, a IQ resistor, while R2 sets the 
current limit point. When the wiper of R2 is connected, the 
IQ sense resistor current is regulated at 1.2A. As R2 is 
adjusted, a portion of the 1.2V reference of the LM117 is 
cancelled by the drop across the pot, decreasing the current 
limit point. At low output currents, current regulation is de¬ 
graded since the voltage across the IQ sensing resistor 
becomes quite low. For example, with 50 mA output current, 
only 50 mV is dropped across the sense resistor and the 
supply rejection of the LM117 will limit the current regulation 
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FIGURE 2. Basic Voltage Regulator 


LM117 



FIGURE 3. Regulator and Voltage Reference 

to about 3% for a 40V change across the device. An alter¬ 
nate current regulator is shown in Figure 7 using an addi¬ 
tional LM117 to provide the reference, rather than an LM113 
diode. Both current regulators need a negative supply to 
operate down to ground. 

Figure 8 shows a 2-wire current transmitter with 10 mA to 
50 mA output current for a IV input. An LM117 is biased as 
a 10 mA current source to set the minimum current and 
provide operating current for the control circuitry. Operating 
off the 10 mA Is an LM108 and an LM129 zener. The zener 
provides a common-mode voltage for operation of the 
LM108 as well as a 6.9V reference, if needed. Input signals 
are impressed across R3, and the curent through R3 is 
delivered to the output of the regulator by Q1 and Q2. For a 
25Q resistor, this gives a 40 mA current change for a IV 
input. This circuit can be used in 4 mA to 20 mA applications, 
but the LM117 must be selected for low quiescent current. 
Minimum operating voltage is about 12V. 
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Improving Power Supply 
Reliability with IC Power 
Regulators 

Three-terminal IC power regulators include on-chip overload 
protection against virtually any normal fault condition. Cur¬ 
rent limiting protects against short circuits fusing the alumi¬ 
num interconnects on the chip. Safe-area protection de¬ 
creases the available output current at high input voltages to 
insure that the internal power transistor operates within its 
safe area. Finally, thermal overload protection turns off the 
regulator at chip temperatures of about 170°C, preventing 
destruction due to excessive heating. Even though the IC Is 
fully protected against normal overloads, careful design must 
be used to insure reliable operation in the system. 

Short Circuits Can Overioad the 
input 

The IC is protected against short circuits, but the value of the 
on-chip current limit can overload the input rectifiers or trans¬ 
former. The on-chip current limit is usually set by the manu¬ 
facturer so that with worst-case production variations and 
operating temperature the device will still provide rated out¬ 
put current. Older types of regulators, such as the LM309, 
LM340 or LM7800 can have current limits of 3 times their 
rated output current. 

The current limit circuitry in these devices uses the turn-on 
voltage of an emitter-base junction of a transistor to set the 
current limit. The temperature coefficient of this junction 
combined with the temperature coefficient of the internal 
resistors gives the current limit a -0.5%/°C temperature 
coefficient. Since devices must operate and provide rated 
current at 150°C, the 25°C current limit is 120% higher than 
typical. Production variations will add another ±20% to initial 
current limit tolerance so a typical 1A part may have a 3A 
current limit at 25°C. This magnitude of overload current can 
blow the input transformer or rectifiers if not considered in 
the initial design—even though it does not damage the IC. 
One way around this problem (other than fuses) is by the use 
of minimum size heat sinks. The heat sink is designed for 
only normal operation. Under overload conditions, the device 
(and heat sink) are allowed to heat up to the thermal 
shut-down temperature. When the device shuts down, load¬ 
ing on the input is reduced. 

Newer regulators have improved current limiting circuitry. 
Devices like the LM117 adjustable regulator, LM123, 3A, 5V 
logic regulator or the LM120 negative regulators have a 
relatively temperature-stable current limit. Typically these 
devices hold the current limit within ±10% over the full -55”C 
to +150“C operating range. A device rated for 1.5A output will 
typically have a 2.2A current limit, greatly easing the problem 
of input overloads. 

Many of the older IC regulators can oscillate when in current 
limit. This does not hurt the regulator and is mostly depen¬ 
dent upon input bypassing capacitors. Since there is a large 
variability between regulator types and manufacturers, there 
Is no single solution to eliminating oscillations. Generally, if 
oscillations cause other circuit problems, either a solid tan¬ 
talum input capacitor or a solid tantalum in series with 5Q to 
10Q will cure the problem. If one doesn’t work, try the other. 
Start-up problems can occur from the current limit circuitry 
too. At high input-ouput differentials, the current limit is de¬ 
creased by the safe-area protection. In most regulators the 
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decrease is linear, and at input-output voltages of about 30V 
the output current can decrease to zero. Normally this 
causes no problem since, when the regulator is initially 
powered, the output increases as the input increases. If such 
a regulator is running with, for example, 30V input and 15V 
output and the output is momentarily shorted, the 
input-output differential increases to 30V and available out¬ 
put current is zero. Then the output of the regulator stays at 
zero even if the short is removed. Of course, if the input is 
turned OFF, then ON, the regulator will come up to operating 
voltage again. The LM117 is the only regulator which is 
designed with a new safe-area protection circuit so output 
current does not decrease to zero, even at 40V differential. 
This type of start-up problem is particularly load dependent. 
Loads to a separate negative supply or constant-current 
devices are among the worst. Another, usually overlooked, 
load is pilot lights. Incandescent bulbs draw 8 times as much 
current when cold as when operating. This severely adds to 
the load on a regulator, and may prevent turn-on. About the 
only solutions are to use an LM117 type device, or bypass 
the regulator with a resistor from input to output to supply 
some start-up current to the load. Resistor bypassing will not 
degrade regulation if, under worst-case conditions of maxi¬ 
mum input voltage and minimum load current, the regulator 
Is still delivering output current rather than absorbing current 
from the resistor. Figure 1 shows the output current of sev¬ 
eral different regulators as a function of output voltage and 
temperature. 

3 5 -,-,-,-,-,-,- 1 
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FIGURE 1. Comparison of LM117 Current 
Limit with Cider Positive Reguiator 

When a positive regulator (except for the LM117) is loaded to 
a negative supply, the problem of start-up can be doubly 
bad. First, there is the problem of the safe-area protection as 
mentioned earlier. Secondly, the internal circuitry cannot 
supply much output current when the output pin is driven 
more negative than the ground pin of the regulator. Even 
with low input voltages, some positive regulators will not start 
when loaded by 50 mA to a negative supply. Clamping the 
output to ground with a germanium or Schottky diode usually 
solves this problem. Negative regulators, because of differ¬ 
ent internal circuitry, do not suffer from this problem. 
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Diodes Protect Against Capacitor 
Discharge 

It is well recognized that improper connections to a 
3-terminal regulator will cause its destruction. Wrong polarity 
inputs or driving current into the output (such as a short 
between a 5V and 15V supply) can force high currents 
through small area junctions in the IC, destroying them. 
However, improper polarities can be applied accidently un¬ 
der many normal operating conditions, and the transient 
condition is often gone before it is recognized. 

Perhaps the most likely sources of transients are external 
capacitors used with regulators. Figure 2 shows the dis¬ 
charge path for different capacitors used with a positive 
regulator. Input capacitance, C1, will not cause a problem 
under any conditions. Capacitance on the ground pin (or 
adjustment pin is the case of the LM117) can discharge 
through 2 paths which have low current junctions. 

If the output is shorted, C2 will discharge through the ground 
pin, possibly damaging the regulator. A reverse-biased di¬ 
ode, D2, diverts the current around the regulator, protecting 
it. If the input is shorted, C3 can discharge through the output 
pin, again damaging the regulator. Diode D1 protects against 
C3, preventing damage. Also, with both D1 and D2 in the 
circuit, when the input is shorted, C2 is discharged through 
both diodes, rather than the ground pin. 

In general, these protective diodes are a good idea on all 
positive regulators. At higher output voltages, they become 
more important since the energy stored in the capacitors is 
larger. With negative regulators and the LM117, there is an 
inernal diode in parallel with D1 from output-to-input, elimi¬ 
nating the need for an external diode if the output capacitor 
IS less than 25 pF. 

Another transient condition which has been shown to cause 
problems is momentary loss of the ground connection. This 
charges the output capacitor to the unregulated input voltage 
minus a 1 — 2V drop across the regulator. If the ground is 
then connected, the output capacitor, C3, discharges 
through the regulator output to the ground pin, destroying it. 
In most cases, this problem occurs when a regulator (or 
card) is plugged into a powered system and the input pin is 
connected before the ground. Control of the connector con¬ 
figuration, such as using 2 ground pins to insure ground is 


connected first, is the best way of preventing this problem. 
Electrical protection is cumbersome. About the only way to 
protect the regulator electrically is to make D2 a power zener 
1V to 2V above the regulator voltage and include 10Q to 50n 
in the ground lead to limit the current. 

Low Operating Temperature 
Increases Life 

Like any semiconductor circuit, lower operating temperature 
improves reliability. Operating life decreases at high junction 
temperatures. Although many regulators are rated to meet 
specifications at 150°C, it is not a good idea to design for 
continuous operation at that temperature. A reasonable 
maximum operating temperature would be 100°C for epoxy 
packaged devices and 125°C for hermetically sealed (TO-3) 
devices. Of course, the lower the better, and decreasing the 
above temperatures by 25°C for normal operation is still 
reasonable. 

Another benefit of lowered operating temperatures is im¬ 
proved power cycle life for low cost soft soldered packages. 
Many of today’s power devices (transistors included) are 
assembled using a TO-220 or TO-3 aluminum soft solder 
system. With temperature excursions, the solder 
work-hardens and with enough cycles the solder will utli- 
mately fail. The larger the temperature change, the sooner 
failure will occur. Failures can start at about 5000 cycles with 
a 100°C temperature excursion. This necessitates, for ex¬ 
ample, either a large heat sink or a regulator assembled with 
a hard solder, such as steel packages, for equipment that is 
continuously cycled ON and OFF. 

Thermal Limiting Gives Absolute 
Protection 

Without thermal overload protection, the other protection 
circuitry will only protect against short term overloads. With 
thermal limiting, a regulator is not destroyed by long time 
short circuits, overloads at high temperatures or inadequate 
heat sinking. In fact, this overload protection makes the IC 
regulator tolerant of virtually any abuse, with the possible 
exception of high-voltage transients, which are usually fil¬ 
tered by the capacitors in most power supplies. 


□1 



FIGURE 2. Positive Regulator with Diode Protection Against Transient Capacitor Discharge 
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Thermal Limiting Gives Absolute 
Protection (Continued) 

One problem with thermal limiting is testing. With a 
3-terminal regulator, short-circuit protection and safe-area 
protection are easily measured electrically. For thermal lim¬ 
iting to operate properly, the electrical circuitry on the 1C 
must function and the 1C chip must be well die-attached to 
the package so there are no hot spots. About the only way to 
insure that thermal limiting works is to power the regulator, 
short the output, and let it cook. If the regulator still works 
after 5 minutes (or more) the thermal limit has protected the 
regulator. 


This type of testing is time consuming and expensive for the 
manufacturer so it is not always done. Some regulators, 
such as the LM117, LM137, LM120 and LM123, do receive 
an electrical burn-in in thermal shutdown as part of their 
testing. This insures that the thermal limiting works as well 
as reducing infant mortality. If it is probable that a power 
supply will have overloads which cause the IC to thermally 
limit, testing the regulator is in order. 
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An Electronic 
Watt-Watt-Hour Meter 


National Semiconductor 
Application Note 265 
Robert J. Widlar 



The continued emphasis on energy conservation has forced 
designers to consider the power consumption and efficiency 
of their products. While equipment for the industrial market 
must be designed with attention towards these factors, the 
consumer area is even more critical. The high cost of elec¬ 
tricity has promoted a great deal of interest in the expense of 
powering various appliances. The watt-watt-hour meter out¬ 
lined in Figure 1 allows the designer to easily determine 
power consumption of any 115V AC powered device. The 
extremely wide dynamic range of the design allows mea¬ 
surement of loads ranging from 0.1W to 2000W. 
Conceptually, the instrument is quite straightforward {Figure 
1). The device to be monitored is plugged into a standard 
110V AC outlet which is mounted on the front panel of the 
instrument. The AC line voltage across the monitored load is 
divided down and fed via an op amp to one input of a 
4-quadrant analog multiplier. The current through the load is 
determined by the voltage across a low resistance shunt. 
Even at 20Athe shunt “steals” only 133 mV, eliminating the 
inaccuracies a high resistance current shunt would contrib¬ 
ute. This single shunt is used for all ranges, eliminating the 
need to switch in high impedance shunts to obtain adequate 
signal levels on the high sensitivity scales. 

This provision is made possible by low uncertainty In the 
current amplifier, whose output feeds the other multiplier 
input. Switchable gain at the current amplifier allows decade 


setting of instrument sensitivity. The instantaneous power 
product (E X I) drawn by the load is represented by the 
multiplier output. Because the multiplier is a 4-quadrant type, 
its output will be a true reflection of load power consumption, 
regardless of the phase relationship between voltage and 
current in the load. Because the multiplier and its associated 
amplifiers are connected directly to the AC line, they must be 
driven from a floating power supply. In addition, their outputs 
cannot be safely monitored with grounded test equipment, 
such as strip chart recorders. For this reason, the multiplier 
output drives an isolation amplifier which operates at unity 
gain but has no galvanic connection between its input and 
output terminals. 

This feature is accomplished through pulse amplitude modu¬ 
lation techniques in conjunction with a small transformer, 
which provides isolation. The isolated amplifier output is 
ground referenced and may safely be connected to any 
piece of test equipment. This output is filtered to provide a 
strip chart output and drive the readout meter, both of which 
indicate load power consumption. The isolation amplifier 
output also biases a voltage-to-frequency converter which 
combines with digital counters to form a digital integrator. 
This allows power over time (watt-hours) to be integrated 
and displayed. Varying the divide ratio of the counters pro¬ 
duces ranging of the watt-hour function. 



STRIP 
)CHART 
OUT 


00562601 


FIGURE 1. 
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(Q3) 

2N2219 



Note 1: All diodes 1N4148 

Note 2: ^ floating ground connected to neutral side of 110 VAC line 
Note 3: R#=G E current shunt 50-140034NDAA 
Note 4: Circuit power from ±15V floating supply shown in schematic 
Note 5: *Resistors are 1 % metal film types 

FIGURE 2. Floating Half of Circuit is Connected Directly to the AC Line. Always Use Caution when Working with this Circuitry. 


SECONDARY OF 
TRW TC SSO 32 



* OOOlAiF** 


j ZERO 
RESET 


DIGITAL 

OUTPUT 


Note 6: *Resistors are 1% metal film types 
Note 7: ** Polystyrene capacitor 

Note 8: DO NOT connect () ground of this half of circuit to (C) ground of Figure 2 
Note 9: ±15V power must come from a source other than floating supply of Figure 2 
Note 10: Figure 2 and Figure 3 must be electrically isolated from each other 

FIGURE 3. Grounded Side of Circuit. This Circuit Can Safely Be Connected to a Chart 
Recorder or Computer Due to Isolation Provided by TRW Transformer. 


Figure 2 and Figure 3 show the detailed schematic, with 
Figure 4 giving the waveforms of operation. The AC line is 
divided down by the 100 kQ-4.4 kt2 resistor string. V 2 of A2 
(amplifier A) serves as a buffer and feeds one input of an 
analog multiplier configuration. A1 monitors the voltage 
across the current shunt at a fixed gain of 100. The other half 
of A2 (B) provides additional gain and calibrated switching of 


wattage sensitivities from 2W to 2000W full-scale over four 
decade ranges. The 1 Nil95 diodes and the 20A fuses pro¬ 
tect A1 and the shunt in the event a short appears across the 
load test socket. The voltage and current signals are multi¬ 
plied by a multiplier configuration comprised of amplifiers A3, 
C and D, and the LM394 dual transistors. The multiplier is of 
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the variable transconductance type and works by using one 
input to vary the gain of an amplifier whose output is the 
other input of the multiplier. 

The output of the multiplier {Figure 4, Trace A) represents 
the instantaneous power consumed by the load. This infor¬ 
mation is used to bias a pulse amplitude modulating isolation 
amplifier. The isolation amplifier is made up of A3 (A and B) 
and the discrete transistors. The A3 (A) oscillator output 
{Figure 4, Trace B) biases the Q1-Q2 switch, which drives a 
pulse transformer. A3 (B) measures the amplitude of the 
pulses at the transformer and servo controls them to be the 
same amplitude as its “+” input, which is biased from the 
multiplier output. Q3 provides current drive capability and 
completes the feedback path for A3 (B). Figure 4, Trace D 
shows the pulses applied to the transformer. Note that the 
amplitude of the pulses applied to the transformer forms an 
envelope whose amplitude equals the multiplier output. Fig¬ 
ure 4, Trace C shows Q3’s emitter voltage changing to meet 
the requirements of the servo loop. 

The amplitude modulated pulses appear at the transformer’s 
secondary, which is referenced to instrument ground. The 
amplitude of each pulse is sampled by A5, a sample-hold 
amplifier. The sample command is generated by A4. The 
output of A5 is lightly filtered by the 15 kQ-0.02 pF combi¬ 
nation and represents a sampled version of the Instanta¬ 
neous power consumed in the load {Figure 4, Trace E). 
Heavy filtering by the 1 M^2-1 pF time constant produces a 
smoothed version of the power signal, which drives the watts 
meter and the strip chart output via the A6 (A) buffer. The 
watt-hour time integration function is provided by an LM331 
voltage-to-frequency converter and a digital divider chain 
which form a digital integrator. The lightly filtered A5 output is 
fed to A6 (B) which is used to bias the V/F converter. The V/F 
output drives a divider chain. The ratio of the divider chain 
sets the time constant of the integrator and is used to switch 
the scale factor of the watt-hours display. The additional 
counters and display provide the digital readout in 
watt-hours. A zero reset button allows display reset. 


Instrument Calibration 

To calibrate the instrument, pull the 20A fuses from their 
holders. Next, adjust PI for O.OOV out at A2 (B) with the 
watts range switch in the 2 watt position. Then, disconnect 
both multiplier input lines and connect them to floating fh 
instrument ground. Adjust P2 for OV out at A6 (A). Next, 
apply a 10 Vp-p 60 Hz waveform to the current input of the 
multiplier (leave the voltage input grounded) and adjust P3 
for zero volts out at A6 (A). Then, reverse the state of the 
multiplier inputs and adjust P4 for zero volts out at A6 (A). 
Reconnect the multiplier input into the circuit. Read the AC 
line voltage with a digital voltmeter. Plug in a known load 
(e.g., 1% power resistor) to the test socket and adjust P5 
until the meter reads what the wattage should be (wattage = 
line voltage^/resistance of load). Finally, lift A6’s (B’s) “+” 
input line, apply 5.00V to it, and adjust P6 until the LM331 V/F 
output (pin 3) runs at 27.77 kHz. Reconnect A6’s (B’s) input. 
This completes the calibration. 

Applications 

Once calibrated, the watt-watt-hour meter provides a power¬ 
ful measurement capability. A few simple tests provide some 
surprising and enlightening results. The strip chart of Figure 
5 shows the measured power a home refrigerator draws 
over 3V2 hours at a temperature set-point of 7°C. Each time 
the compressor comes on, the unit draws about 260W. 
Actually, the strip chart clearly shows that as the compressor 
warms up over time, the amount of power drawn drops off a 
bit. The watt-hour display was used to record the total 
watt-hours consumed during this 3y2 hour period. The data 
is summarized in the table provided. With the temperature 
control in the refrigerator set to maintain 5°C, just 2°C colder, 
it can be seen that the compressor duty cycle shifts appre¬ 
ciably {Figure 6), over 6%! This factor is directly reflected in 
the kW-H/cycle and yearly operating cost columns. If you 
want your milk 2°C colder you will have to pay for it! 
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C = 5V/D1V 

0 = 10V/OIV 
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Temperature 

Watts 

Kilowatt- 

Hours/Cycle 

Cost/Day 

Cost/Year 

5°C 

260 

0.119 

$0.1147 

$41.89 

7°C 

260 

0.104 

$0.0998 

$36.44 


FIGURE 5. Temperature=7.0”C 
Compressor Duty Cycle=40% 
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FIGURE 6. b. Temperature=5.0°C 
Compressor Duty Cycle=46% 
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Facial Area 

Power 

(W) 

Watt-Hours 

Cost (at 40 
Kilowatt-Hours) 
Per Shave 

Cheeks 

(“A”) 

5.8 

0.173 

0.00692(^ 

Upper/Lower 

Lip 

(“B”) 

5.4 

0.123 

0.00492(^ 

Right Sideburn 
("C”) 

8.4 

0.063 

0.00252(2! 

Left Sideburn 

(“D”) 

8.4 

0.061 

0.00244(^ 


FIGURE 7. 


The strip chart of Figure 7 is somewhat less depressing but 
no less informative. In this example, the watt-watt-hour 
meter was used to record power consumption during morn¬ 
ing shaving with an electric razor. From the strip chart and 
the table it can be seen that various facial areas cost more to 
shave than others. The high power drawn by the sideburn 
attachment on the razor is somewhat compensated for by 
the relatively short period of time it is in use. A complete 
shave, including the 4 areas listed, costs 0.00692 cents/day 
or 8.68 cents per year. If this is too high, you can economize 
by growing a beard. 
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System-Oriented DC-DC 
Conversion Techniques 


National Semiconductor 
Application Note 288 
Robert J. Widlar 



In many electronic systems, the need arises to generate 
small amounts of power at voltages other than the main 
supply voltage. This is especially the case in digital systems 
where a relatively small amount of analog circuitry must be 
powered. A number of manufacturers have addressed this 
requirement by offering modular DC-DC converters which 
are PC mountable, offer good efficiency and are available in 
a variety of input and output voltage ranges. These units are 
widely applied and, in general, are well engineered for most 
applications. The sole problem with these devices is noise, 
in the form of high frequency switching spikes which appear 
on the output lines. To understand why these spikes occur, it 
is necessary to examine the operation of a converter. 

A typical DC-DC converter circuit is shown in Figure 1. The 
transistors and associated components combine with the 
transformer primary to form a self-driven oscillator which 
provides drive to the transformer. The transformer secondary 
is rectified, filtered and regulated to obtain the outputs re¬ 
quired. Typically, the transistors switch in saturated mode at 
20 kHz, providing high efficiency square wave drive to the 


transformer. The output filter capacitors are relatively small 
compared to sine wave driven transformers and overall 
losses are quite low. The high speed, saturated switching of 
the transistors does, however, generate high frequency 
noise components. These manifest themselves as short du¬ 
ration current spikes drawn from the converter’s input supply 
and as high speed spikes which appear on the output lines. 
In addition, the transformer can radiate noise in RF fashion. 
Manufacturers have dealt with these problems through care¬ 
ful converter design, including attention to input filter design, 
transformer construction and package shielding. Figure 2 
shows typical output noise of a good quality commercial 
DC-DC converter. The spikes are approximately 10 mV-20 
mV in amplitude and occur at each transition of the switching 
transistors. In many applications this noise level is accept¬ 
able, but In data acquisition and other systems which work at 
12-bit and higher resolutions, problems begin to crop up. In 
these situations, special system-oriented DC-DC converter 
techniques must be employed to insure against the prob¬ 
lems outlined above. 
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00749502 

FIGURE 2. 


Blank Pulse Converter 

Figure 3 shows a converter which will supply 100 mA at 
±15V from a 5V input. This design attacks the noise problem 
in two ways. The LM3524 switching regulator chip provides 
non-overlapping drive to the transistors, eliminating simulta¬ 
neous conduction which helps keep input current spiking 
down. The LM3524 operates open loop. Its feedback con¬ 
nection (pin 9) IS tied high, forcing the chip’s outputs to full 
duty cycle. Internal logic in the LM3524 prevents the transis¬ 
tors from conducting at the same time. The components at 
pins 6 and 7 set the switching frequency. The LM3524’s 
timing ramp biases the LM311 comparator to generate a 
blank pulse which “brackets” the output noise pulse. Figure 4 
shows the switching transistor waveforms (trace A and B) 


and the blank pulse (trace C) which is issued at each switch¬ 
ing transition. The converter’s output noise is shown in trace 
D. The blank pulse is used to alert the system that a noise 
spike is imminent. In this fashion, a critical A/D conversion or 
sample-hold operation can be delayed until the converter’s 
noise spike has settled. This technique is quite effective, 
because it does not allow the system to “see” noise spikes 
during critical periods. This not only insures good system 
performance, but also means that a relatively simplistic con¬ 
verter design can be employed. The expense associated 
with low output noise (e.g., shielding, special filtering, etc.) 
can be eliminated in many cases. Figure 5 details a con¬ 
verter design which uses a different approach to solving the 
same problem. 
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Blank Pulse Converter (Continued) 



-0 


Q1,Q2 = 2N5023 

T1 = Pico Electronics #32165 

►1 = 1N4934 

100 mA output—short circuit 
limit of 150 mA set by 0 70 
resistor at pm 4 
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FIGURE 3. 


A=10V/DIV 

B = 10V/DIV 

C = 10V/DIV 

D = 50 mV/DIV 
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Blank Pulse Converter (Continued) 
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FIGURE 5. 


A = 5V/DIV 
B = 5V/DIV 


C = 500 mA/OIV 
D = 20 mV/DIV 


HORIZONTAL=200/xS/DiV 
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FIGURE 6. 


Externally Strobed Converter 

In Figure 5 the system controls the converter, instead of the 
converter issuing blank commands. This arrangement uses 
an LM339 quad comparator to provide the necessary drive 
to the converter. C1 functions as a clock which provides 
drive to C2 and C3. These comparators drive the transistors 
(trace B, Figure 6 is QTs collector voltage waveform, while 
trace C details its current) to provide power to the trans¬ 
former. When a critical system operation must occur, an 


external blank pulse (trace A) is applied to C4. C4’s output 
goes high, shutting off all transformer drive. Under these 
conditions, the transformer current ceases (note voltage 
ringing on turn-off in trace B) and output noise (trace D) 
virtually disappears because the output regulators are pow¬ 
ered only by the 100 pF filter capacitors. The value of these 
capacitors will depend directly on the output load and the 
length of the blank pulse. If synchronization to the system is 
desired, a system-derived 20 kHz square wave may be 
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Externally Strobed Converter 

(Continued) 

applied at C1 ’s negative input through 2k, after removing the 
300 pF capacitor and the 100k feedback resistor. The low 
noise during the blank pulse period affords ideal conditions 
for sensitive system operations. Although this approach al¬ 
lows great flexibility, the amount of off time is limited by the 
storage capacity of the output filter capacitors. In most sys¬ 
tems this is not a problem, but some cases may require a 
converter which supplies low noise outputs at 100% duty 
cycles. 

Sine Wave Driven Converter 

Figure 7 diagrams a converter which sacrifices the efficient 
saturated-switch mode of operation to achieve an inherently 
low noise output at a 100% duty cycle. In this converter, sine 
wave drive is used to power the transformer. Q1 functions as 


a 20 kHz phase shift oscillator with Q2 providing an 
emitter-followed output. A1 and A2 are used to drive the 
transformer in complementary-bridge fashion (traces A and 
B, Figure 8). The high current output capability of the ampli¬ 
fiers, in combination with the transformer’s paralleled prima¬ 
ries, results in a high power transformer drive. The trans¬ 
former output is rectified, filtered and regulated in the usual 
fashion. Because the sine wave drive contains little har¬ 
monic content and current spiking, output noise is well below 
1 mV (trace C, Figure 8). To adjust this circuit, ground the 
wiper arm of the 1 k potentiometer and adjust the 100k value 
for minimum power supply drain. Next, unground the Ik 
potentiometer wiper arm and adjust it so that both A1 and 
A2’s outputs are as large as possible without clipping. This 
circuit yields a low noise output on a 100% available basis 
but efficiency degrades to about 30%. In relatively low power 
converters such as this one (e.g., 50 mA output current) this 
is often acceptable. 
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Low Power Converter 

Figure 9 shows a converter which operates from very low 
power. This circuit will provide 7.5V output from a 1.5V D cell 
battery. With a 125 pA load current (typically 20 CMOS ICs) 
It will run for 3 months. It may be externally strobed off during 
periods where lowest output noise is desired and it also 
issues a “converter running” pulse. This circuit is unusual in 
that the amount of time required for Q1 and Q2 to drive the 
transformer is directly related to the load resistance. The 
converter’s output voltage is sensed by an LM10 op amp 
reference 1C, which compares the converter output to its own 
internal 200 mV reference via the 5.1M-160k voltage divider. 
Whenever the converter output is below 7.5V, the LM10 
output goes high, driving the Q1-Q2 pair and the transformer 
which form an oscillator. The transformer output is rectified 
and used to charge the 47 pF capacitor. When the capacitor 
charges to a high enough value, the LM10 output goes low 


and oscillation ceases. Trace A, Figure /O shows the collec¬ 
tor of Q1, while trace B shows the output voltage across the 
47 pF capacitor (AC coupled). It can be seen that each time 
the output voltage falls a bit the LM10 drives the oscillator, 
forcing the voltage to rise until it is high enough to switch the 
LM10 output to its low stage. The frequency of this regulating 
action is determined by the load on the converter output. To 
prevent the converter from oscillating about the trip point, the 
0.1 pF unit is used to provide hysteresis of response. Very 
low loading of the converter will result in almost no on time 
for the oscillator while large loads will force it to run almost 
constantly. Loop operating frequencies of 0.1 Hz to 40 Hz 
are typical. The LM10 output state may be used to alert the 
system that the converter is running. A pulse applied to the 
LM10 negative input will override normal converter operation 
for low noise operation during a critical system A/D 
conversion. 



1 5V 


FIGURE 9. 
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Applications of the LM3524 
Pulse-Width-Modulator 


National Semiconductor 
Application Note 292 
Robert J. Widlar 



The LM3524 Regulating Pulse-Width-Modulator is com¬ 
monly used as the control element in switching regulator 
power supplies. This is in keeping with its intended purpose. 
Engineers closely associate this part with switching power 
supplies. Nevertheless, the flexible combination of elements 
(see box) within the LM3524 also allows it to be used in a 
number of other applications outside the power supply area. 
Because the device is inexpensive and operates off a 
single-sided supply, it can considerably reduce component 
count and circuit complexity in almost any application. The 
constant light intensity servo of Figure 1 furnishes a good 
example. 

Constant Light Intensity Servo 

The circuit of Figure 1 uses a photodiode’s output to control 
the intensity of a small light bulb. The constant intensity 
output of the light bulb is useful in a number of areas, 
including opto-electronic component evaluation and quality 
control of photographic film during manufacture. In this cir¬ 
cuit, the photodiode pulls a current out of the LF356 sum¬ 
ming junction, which is directly related to the amount of light 
that falls on the photodiode’s surface. The LF356 output 
swings positive to maintain the summing junction at zero and 
represents the photodiode current in amplified voltage form. 
This potential is compared at the LM3524 to the voltage 
coming from the 2.5k “intensity” potentiometer wiper. A 
stable voltage for the “intensity” control is taken from the 
LM3524’s internal five-volt regulator. The difference between 
the LF356 output and the “intensity” potentiometer output is 
amplified at a gain of about 70 dB, which is set by the 1 MQ 
value at pin 9. The LM3524 output transistors are paralleled 


and provide drive to the 2N2219 switch transistor. The 5.6k 
and .01 pF values set the switching frequency at about 30 
kHz. Because the LM3524 forms a switched mode feedback 
loop around the light bulb and photodiode, the average 
power delivered to the light bulb will be controlled by the 
photodiode output, which is directly proportional to the 
lamp’s output. Frequency compensation for this feedback 
loop is provided by the .001 pF capacitor, which rolls off the 
loop gain at a 1 ms time constant. Figure 2 shows the wave 
forms in the circuit. Trace A is the 2N2219 collector and trace 
B is the AC-coupled LF356 output. Each time the 2N2219 
collector goes low, power is driven into the lamp. This is 
reflected in the positive going ramp at the LF356’s output. 
When the 2N2219 goes off, the lamp cools. This is shown in 
the negative going relatively slow ramp in trace B. It is 
interesting to note that this indicates the bulb is willing to 
accept energy more quickly than it will give it up. Figure 3 
elaborates on this. Here, trace A is the output of a pulse 
generator applied to the “step test” input and trace B is the 
AC-coupled LF356 output. When the pulse generator is high, 
the diode blocks its output, but when it goes low, current is 
drawn away from the “intensity” control wiper through the 
22k resistor. This forces the servo to control bulb intensity at 
a lower value. This photo shows that the bulb servos to a 
higher output almost three times as fast as it takes to go to 
the lower output state, because the bulb more readily ac¬ 
cepts energy than it gives it up. Surprisingly, at high intensity 
levels, the situation reverses because the increased incan¬ 
descent state of the bulb makes it a relatively efficient radia¬ 
tor {Figure 4). 


33k 1% 



FIGURE 1. 
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Temperature-to-Pulse-Width 

Converter 

The circuit in Figure 5 uses the LM3524 to convert the output 
of an LM135 temperature transducer into a pulse width 
which can be measured by a digital system, such as a 
microprocessor-controlled data acquisition system. Although 
this example uses the temperature transducer as the input, 
the circuit will convert any 0.1 to 5V input applied to the 100 
kll resistor into a 0-500 ms output pulse width with 0.1% 
linearity. In this circuit, the LM135’s temperature-dependent 
output (10 mV/°K) IS divided down and applied to ATs posi¬ 
tive input. This moves Al’s output high, driving the input to 
the LM3524’s pulse-width modulation circuitry. The LM3524 
pulse-width output is clipped by the LM185 reference and 
integrated by the 1 MQ-0.1 pF combination. The DC level 
across the 0.1 pF capacitor is fed back to ATs negative 
input. This feedback path forces the LM3524’s output pulse 
width to vary in a highly linear fashion according to the 
potential at ATs positive input. The overall 
temperature-to-pulse width scale factor is adjusted with the 
“gain trim” potentiometer. The 1000 pF capacitor provides 
stable loop compensation. A1, an LM358, allows voltages 
very close to ground to be sensed. This provides greater 
input range than the LM3524’s input amplifier, which has a 
common mode range of 1.8-3.4V. The oscillator output 
pulse at pin 3 may be used to reset counters or other digital 
circuitry because it occurs just before the output pulse width 
begins. 



FIGURE 2. 
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FIGURE 3. 



FIGURE 4. 
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Ternperature-to-PuIse-Width Converter (Continued) 



‘Metal Film Resistor 


FIGURE 5. 


RTD Temperature Controller 

Figure 6 is another temperature circuit which uses the 
LM3524 to controi the temperature of a smail oven. Here, a 
platinum RTD is used as a sensor in a bridge circuit made up 
of the 2 kil resistors. When power is appiied, the positive 
temperature coefficient platinum sensor is at a iow value and 
the LM3524’s positive input is at a higher potentiai than its 
negative input. This forces the output to go high, turning on 
the 2N3507 and driving the heater. When the servo point is 
reached, the duty cycle of the heater is reduced from 90% 
(fuli on) to whatever value is required to keep the oven at 
temperature. The 330k-4.7 pF combination at the internal 
Input amplifier’s output sets the servo gain at about 55 dB at 
1 Hz, more than adequate for most thermal-control applica¬ 
tions. The 0.02 pF-2.7k combination sets the pulse fre¬ 
quency at about 15 kHz, far above the 1 Hz pole of the sen/o 
gain. If the sensor is maintained in close thermal contact with 
the heater, this circuit will easily control to .TC stability over 
widely varying ambients. 

“SENSORLESS” Motor Speed 
Control 

Figure 7 shows the LM3524 in an arrangement which con¬ 
trols the speed of a motor without requiring the usual ta¬ 
chometer or other speed pick-off. This circuit uses the back 
EMF of the motor to bias a feedback loop, which controls 
motor speed. When power is applied, the positive input of 
the LM3524 is at a higher potential than the negative Input. 
Under these conditions, the output of the LM3524 is biased 
full on (90% duty cycle). The output transistors, paralleled in 


the common emitter configuration, drive the 2N5023 and the 
motor turns. (LM3524 output is waveform A, Figure 8; wave¬ 
form B is the 2N5023 collector.) The LM3524 output pulse is 
also used to drive a 1000 pF-500 k^2 differentiator network 
whose output is compared to the LM3524’s internal 5V ref¬ 
erence. The result is a delayed pulse {Figure 8, waveform 
D), which is used to trigger an LF398 sample-hold 1C. As the 
waveforms show, the sample-hold is gated high (ON) just as 
the 2N5023 collector stops supplying current to the motor. At 
this instant, the motor coils produce a flyback pulse, which is 
damped by the shunt diode. (Motor waveform is Figure 8, 
trace C). After the flyback pulse decays, the back EMF of the 
motor remains. This voltage is “remembered” by the 
sample-hold 1C when the sample trigger pulse ceases and is 
used to complete the speed control loop back at the LM3524 
input. The 10k-4k divider at the motor output insures the 
LF398’s output will always be within the common range of 
the LM3524’s input. The 10k-1 pF combination provides 
filtering during the time the LF398 is sampling. The diode 
associated with this time constant prevents any possible 
LF398 negative output from damaging the LM3524. The 
10 MQ resistor paralleling the 0.01 pF sampling capacitor 
prevents the servo from “hanging up” if this capacitor some¬ 
how manages to charge above the motor’s back EMF value. 
The 39k-100 pF pair sets the loop frequency response. The 
maximum pulse-width-modulator duty cycle is clamped by 
the 2k-2k divider and diode at 80%, thus avoiding overshoot 
and aiding transient response at turn-on and during large 
positive step changes. The 60k-0.1 pF values at pins 6 and 
7 set the pulse modulation frequency at 300 Hz. 
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“SENSORLESS” Motor Speed Control (Continued) 

The LM3524 at a Glance 


NOTE 1 


NOTE 2 


NOTE 3 


NOTES 



NOTE 6 


00689009 

Note 1 : 5V 50 mA regulator available to user 

Note 2: Transconductance diff input amplifier Gams from 40-80 dB available by resistor loading of output 1 8-3 4V common mode input range 
Note 3: Over current sense comparator -0 7 to 1V common mode input range. 

Note 4: Output transistors switch out of phase and may be paralleled Up to 100 mA maximum output current 
Note 5: Transistor may be used to strobe LM3524 into an off state at its outputs 
Note 6: Oscillator typically frequency programmable for up to 100 kHz. 
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Supplies 
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Introduction 

Virtually every piece of electronic equipment, e.g., comput¬ 
ers and their peripherals, calculators, TV and hi-fi equip¬ 
ment, and instruments, is powered from a DC power source, 
be it a battery or a DC power supply. Most of this equipment 
requires not only DC voltage but voltage that is also well 
filtered and regulated. Since power supplies are so widely 
used in electronic equipment, these devices now comprise a 
worldwide segment of the electronics market in excess of $5 
billion annually. 

There are three types of electronic power conversion de¬ 
vices in use today which are classified as follows according 
to their input and output voltages: 1) DC/DC converter; 2) the 
AC/DC power supply; 3) the DC/AC inverter. Each has its 
own area of use but this paper will only deal with the first two, 
which are the most commonly used. 

A power supply converting AC line voltage to DC power must 
perform the following functions at high efficiency and at low 
cost: 

1. Rectification: Convert the incoming AC line voltage to 
DC voltage. 


2. Voltage transformation: Supply the correct DC voltage 
level (s). 

3. Filtering: Smooth the ripple of the rectified voltage. 

4. Regulation: Control the output voltage level to a con¬ 
stant value irrespective of line, load and temperature 
changes. 

5. Isolation: Separate electrically the output from the input 
voltage source. 

6. Protection: Prevent damaging voltage surges from 
reaching the output; provide back-up power or shut 
down during a brown-out. 

An ideal power supply would be characterized by supplying 
a smooth and constant output voltage regardless of varia¬ 
tions in the voltage, load current or ambient temperature at 
100% conversion efficiency. Figure 1 compares a real power 
supply to this ideal one and further illustrates some power 
supply terms. 



FIGURE 1. Real Power Supply has error compared to Ideal Power Supply 


Linear Power Supplies 

Figure 2 illustrates two common linear power supply circuits 
in current use. Both circuits employ full-wave rectification to 
reduce ripple voltage to capacitor Cl. The bridge rectifier 
circuit has a simple transformer but current must flow 
through two diodes. The center-tapped configuration is pre¬ 
ferred for low output voltages since there is just one diode 
voltage drop. For 5V and 12V outputs, Schottky barrier 
diodes are commonly used since they have lower voltage 
drops than equivalently rated ultra-fast types, which further 
increases power conversion efficiency. However, each diode 
must withstand twice the reverse voltage that a diode sees in 
a full-wave bridge for the same input voltage. 


The linear voltage regulator behaves as a variable resis¬ 
tance between the input and the output as it provides the 
precise output voltage. One of the limitations to the efficiency 
of this circuit is due to the fact that the linear device must 
drop the difference in voltage between the input and output. 
Consequently the power dissipated by the linear device is 
(V-Vq) X Iq. While these supplies have many desirable 
characteristics, such as simplicity, low output ripple, excel¬ 
lent line and load regulation, fast response time to load or 
line changes and low EMI, they suffer from low efficiency and 
occupy large volumes. Switching power supplies are becom¬ 
ing popular because they offer better solutions to these 
problems. 
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Linear Power Supplies (Continued) 



a. Center Tap Transformer Input 




b. Full-Wave Bridge Input 


FIGURE 2. Linear Voltage Regulator 


Switching vs Linear Power 
Supplies 

Switching power supplies are becoming popular due to high 
efficiency and high power density. Table 1 compares some of 
the salient features of both linear and switching power sup¬ 
plies. Line and load regulation are usually better with linear 
supplies, sometimes by as much as an order of magnitude, 
but switching power supplies frequently use linear post¬ 
regulators to improve output regulation. 


TABLE 1. Linear vs Switching Power Supplies (typical) 


Specification 

Linear 

Switcher 

Line Regulation 

0.02%-0.05% 

0.05%-0.1% 

Load Regulation 

0.02%-0.1% 

0.1%-1.0% 

Output Ripple 

0.5 mV-2 mV RMS 

10 mV-100 mVp.p 

Input Voltage Range 

±10% 

±20% 

Efficiency 

40%-55% 

60%-95% 

Power Density 

0.5 W/cu. in. 

2W-10W/cu. in. 

Transient Recovery 

50 ps 

300 ps 

Hold-Up Time 

2 ms 

34 ms 


DC-DC Converters 

DC-DC converters are widely used to transform and distrib¬ 
ute DC power in systems and instruments. DC power is 
usually available to a system in the form of a system power 
supply or battery. This power may be in the form of 5V, 28V, 
48V or other DC voltages. All of the following circuits are 
applicable to this type of duty. Since voltages are low, isola¬ 
tion is not usually required. 


Switching Power Suppiies 

PULSE WIDTH MODULATION 

In the early 60’s, switching regulators started to be designed 
for the military, who would pay a premium for light weight and 
efficiency. One way to control average power to a load is to 
control average voltage applied to it. This can be done by 
opening and closing a switch in rapid fashion as being done 
in Figure 3. 

The average voltage seen by the load resistor R is equal to: 

Vo(avg) = (W)/T) X V, (1) 

Reducing t^on) reduces Vo(avg)- This method of control is 
referred to as pulse width modulation (PWM). 

BUCK REGULATOR 

As we shall see, there are many different switching voltage 
regulator designs. The first one to be considered because of 
its simplicity is the buck regulator {Figure 4), also known as 


a step-down regulator since the output voltage as given by 
Equation (1) is less than the input voltage. A typical applica¬ 
tion is to reduce the standard military bus voltage of 28V to 
5V to power TTL logic. 

At time t^o) in Figure 4, the controller, having sensed that the 
output voltage Vq is too low, turns on the pass transistor to 
build up current in L, which also starts to recharge capacitor 

C. At a predetermined level of Vq, the controller switches off 
the pass transistor Q, which forces the current to free wheel 
around the path consisting of L, C, and the ultra-fast rectifier 

D. This effectively transfers the energy stored in the inductor 
Lto the capacitor. Inductor and capacitor and capacitor sizes 
are inversely proportional to switching frequency, which ac¬ 
counts for the increasing power density of switching power 
supplies. Power MOSFETs are rapidly replacing bi-polar 
transistors as the pass transistor because of their high fre¬ 
quency capability Since the pass transistor must not only 
carry load current but reverse recovery current of diode D, 
an ultra-fast recovery diode or Schottky diode is mandatory. 
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Switching Power Suppiies (Continued) 


V; 




FIGURE 3. Example of Pulse Width Modulation 




*(0) *(t) *(2) 

TIME 


01006104 


FIGURE 4. Buck Regulator Circuit with Voltage and Current Waveforms 


BOOST REGULATOR 

A second type of regulator shown in Figure 5 is capable of 
boosting the input voltage. Applications for this circuit would 
be to increase 5V battery sources to 12V for interface circuits 
or even to 150V for electro-luminescent displays. 

The concept of this circuit is still the same as the previous, 
namely to transfer the energy stored in the inductor into the 
capacitor. The inductor current can ramp up quickly when 


the transistor switch is closed at time t(o) since the full input 
voltage is applied to it. The transistor is turned off at time (-,) 
which forces the inductor current to charge up the capacitor 
through the ultra-fast diode D. Since the energy stored in the 
inductor is equal to L x I x Vi, the PWM 1C can increase Vq by 
increasing its own on-time to increase the peak inductor 
current before switching. The transfer function is: 

Vo = V,N(T/(T-t(on))) (2) 




FIGURE 5. Boost Regulator and Associated l/V Waveforms 
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Switching Power Suppiies (Continued) 

INVERTING REGULATOR 

Figure 6 shows a switching circuit which produces an output 
voltage with the opposite polarity of the input voltage. This 
circuit works in the same fashion as the boost converter but 
has achieved the voltage inversion by exchanging positions 
of the transistor and inductor. The circuit is also known as a 
buck-boost regulator since the absolute magnitude of the 
output voltage can be higher or lower than the input voltage, 
depending upon the ratio of on-time to off-time of the pass 
transistor. 



FIGURE 6. Inverting Regulator 


FLYBACK CONVERTER 

The three previous regulators are suitable for low voltage 
control when no electrical isolation is required. However in 
off-line switchers operating from 110V/220V mams, electrical 
isolation is an absolute must. This is achieved by using a 
transformer in place of the inductor. The flyback converter 
shown in Figure 7 is commonly used in power supplies up 
through 150W, which is sufficient for most personal comput¬ 
ers, many test instruments, video terminals and the like. 
Since the transformer operates at high frequency, its size is 
much smaller than a 50 Hz/60 Hz transformer shown in 
Figure 2. Within certain frequency limits, transformer size is 
inversely proportional to frequency. 

Inspection of the switching waveforms in Figure /shows that 
the circuit behaves very similarly to the boost regulator. The 
transformer should be regarded as an inductor with two 
windings, one for storing energy in the transformer core and 
the other for dumping the core energy into the output capaci¬ 
tor. Current increases in the primary of the transformer dur¬ 
ing the on-time of the transistor (t(o) - but note that no 
secondary current flows because the secondary voltage re¬ 
verse biases diode D. When the transistor turns off, the 
transformer voltage polarities reverse because its magnetic 
field wants to maintain current flow. Secondary current can 
now flow through the diode to charge up the output capaci¬ 
tor. The output voltage is given by the basic PWM equation 
times the transformer turns ration (N2/N1): 

Vo = V,N X (t(on))/(T - t(on)) X (N2/N1) (3) 

Voltage control is achieved by controlling the transistor on- 
time to control the peak primary current. 




FIGURE 7. Flyback Converter 


The flyback converter is well suited for multiple output and 
high voltage power supplies since the transformer induc¬ 
tance replaces the filter inductor(s). The major disadvan¬ 
tages which limit its use to lower wattage supplies are: 

1. The output ripple voltage is high because of half-wave 
charging of the output capacitor. 

2. The transistor must block 2 x V|n during turn-off. 

3. The transformer is driven in only one direction, which 
necessitates a larger core, i.e., more expensive, in a 
flyback design than for an equivalent using a forward or 
push-pull design. 


OFF-LINE SWITCHING SUPPLY 

Based on the flyback regulator circuit, a complete off-line 
switching supply is shown in Figure 8. The supply is called 
“off-line” because the DC voltage to the switch is developed 
right from the AC line. 

The circuit also shows the feedback loop completed from the 
output back to the switching transistor. This feedback loop 
must have isolation in order for the DC output to be isolated 
from the AC line. This is normally accomplished by a small 
transformer or opto-coupler. 
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Switching Power Suppiies (Continued) 



BALUN FILTER 


01006109 


FIGURE 8. Complete Isolated Flyback Switching Supply 


Switching power supplies designed for international usage 
must have selectable AC input voltage ranges of 115V and 
230V. Figure 9 shows how this iS accomplished for many 
switching power supplies. 


115/230V 
AC INPUT 



320V 

DC OUTPUT 


01006110 


FIGURE 9. Selector Switch for 115V/230V inputs 


FORWARD CONVERTER 

Although the forward converter is not as well-known as the 
flyback converter, it is becoming increasingly popular for 
power supplies in the 100W-500W range. Figure 70 shows 
the basic circuit of the forward converter. When the transistor 
is switched on, current rises linearly in the primary and 
secondary current also flows through diode D1 into the 
inductor and capacitor. When the transistor switch is 
opened, inductor current continues to free-wheel through the 
capacitor and diode D2. This converter will have less ripple 
since the capacitor is being continuously charged, an advan¬ 
tage of particular interest in high current supplies. 

The relationship between input and output for this circuit 
configuration is: 

Vo = V,Nx(N2/N1)x(t(on)rr) (4) 

Note that the transformer shown in the above figure has 
been wound with a third winding and series diode D3. The 
purpose of this winding is to transfer the magnetizing energy 
In the core back to the DC supply so it does not have to be 
dissipated in the transistor switch or some other voltage 
suppressor. The turns ratio N3/N1 limits the peak voltage 
seen by the transistor and is normally chosen equal to 1 so 
that the forward converter can run at 50% duty cycle. Under 
this condition, the transistor must block 2 x V|n during 
turn-off. 
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Switching Power Suppiies (Continued) 
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FIGURE 10. Forward Converter 


Symmetrical Converters 

PUSH-PULL CONVERTER 

The circuit for this widely used converter is shown in Figure 
11 . 

Transistors Q1 and Q2 are alternately switched on for time 
period (t(on) This subjects the transformer core to an alter¬ 
nating voltage polarity to maximize its usefuiness. The trans¬ 
fer function stili follows the basic PWM formuia but there is 
the added factor 2 because both transistors alternately con¬ 
duct for a portion of the switching cycle. 


Vo = 2xV,Nx(N2/N1)x(t(on)/T) (5) 

The presence of a dead time period t(d) is required to avoid 
having both transistors conduct at the same time, which 
would be the same as turning the transistors on into a short 
circuit. The output ripple frequency is twice the operating 
frequency which reduces the size of the LC filter compo¬ 
nents Note the anti-parallel diodes connected across each 
transistor switch. They perform the same function as diode 
D3 in the forward converter, namely to return the magneti¬ 
zation energy to the input voltage whenever a transistor 
turns off. 



01006112 


FIGURE 11. Push-Pull Converter 


Compared to the foilowing symmetrical converters, this cir¬ 
cuit has the advantage that the transistor switches share a 
common signai return line. Its chief disadvantages are that 
the transformer center-tap connection complicates the trans¬ 
former design and the primary windings must be tightly 
coupled in order to avoid voltage spikes when each transis¬ 
tor is turning off. 


HALF-BRIDGE CONVERTER 

This converter {Figure 12) operates in much the same fash¬ 
ion as the previous push-pull circuit 
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Symmetrical Converters (Continued) 

The input capacitors C1 and C2 split the input voltage 
equally so that when either transistor turns on, the trans¬ 
former primary sees Consequently note no factor of “2” 
in the following transfer equation: 

Vo = V,Nx(N2/N1)x(t(on)/T) (6) 

Since the two transistors are connected in series, they never 
see more than the input voltage V|n plus the inevitable 
switching transient voltages. The necessity of a dead time is 
even more obvious here since the simultaneous conduction 
of both transistors results in a dead short across the input 
supply. Anti-parallel ultra-fast diodes return the magnetiza¬ 
tion energy as in the push-pull circuit but alternately to 
capacitors C1 and C2. This circuit has the slight inconve¬ 
nience of requiring an isolated base drive to Q1, but since 
most practical base drive circuits use a transformer for iso¬ 
lation, this shortcoming is hardly worth noting. 

FULL-BRIDGE CONVERTER 

Because of its complexity and expense, the full-bridge con¬ 
verter circuit of Figure 13 is reserved for high power convert¬ 
ers. Ideally, all voltages are shared equally between two 
transistors so that the maximum voltage rating of the device 
can approach V|n. 
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FIGURE 12. Half-Bridge Converter Circuit 
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FIGURE 13. Full-Bridge Converter Circuit 
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Introduction 

In modern electronic systems, voltage regulation is a basic 
function required by the system for optimal performance. 
The regulator provides a constant output voltage irrespective 
of changes in line voltage, load requirements, or ambient 
temperature. 

For years, monolithic regulators have simplified 
power-supply design by reducing design complexity, improv¬ 
ing reliability, and increasing the ease of maintenance. In the 
past, monolithic regulator systems have been dominated by 
linear regulators because of relatively low cost, low external 
component count, excellent performance, and high reliability. 
However, limitations to applicability and performance of lin¬ 
ear regulators can force the user to other more complex 
regulator systems, such as the switching regulator. 

Because of improvements in components made especially 
for them, switching-regulated power supplies have prolifer¬ 
ated during the past few years. The emergence of inexpen¬ 
sive, high-speed switching power transistors, low-loss fer¬ 
rites for inductor cores, and low-cost LSI circuits containing 
all necessary control circuitry has significantly expanded the 
range of switching regulator application. 

This application note describes a new integrated subsystem 
that contains the control circuitry, as well as the switching 
elements, required for constructing switching regulator sys¬ 
tems {Figure 1). The principle of operation is discussed, a 
complete system description provided, and the analysis and 
design of the basic configurations developed. Additional in¬ 
formation concerning selection of external switching ele¬ 
ments and design of the inductor is provided. 

Principle of Operation 

A D.C. power supply is usually regulated by some type of 
feedback circuit that senses any change in the D.C. output 
and develops a control signal to compensate for this change. 
This feedback maintains an essentially constant output. 

In a monolithic regulator, the output voltage is sampled and 
a high-gain differential amplifier compares a portion of this 
voltage with a reference voltage. The output of the amplifier 
is then used to modulate the control element, a transistor, by 
varying its operating point within the linear region or between 


the two operating extremes, cutoff and saturation. When the 
pass transistor is operated at a point between cutoff and 
saturation, the regulator circuit is referred to as Z/nea/'voltage 
regulator. When the pass transistor is operated only at cutoff 
or at saturation, the circuit is referred to as a switching 
regulator. 

Linear System 


INPUT 



01104001 


Switching System 



01104002 


FIGURE 1. Reguiator System Block Diagrams 

One advantage of the switching regulator over the more 
conventional linear regulator is greater efficiency, since cut¬ 
off and saturation modes are the two most efficient modes of 
operation. In the cutoff mode, there is a large voltage across 
the transistor but little current through it; in the saturation 
mode, the transistor has little voltage across it but a large 
amount of current. In either case, little power is wasted, most 
of the input power is transferred to the output, and efficiency 
IS high. Regulation is achieved by varying the duty cycle that 
controls the average current transferred to the load. As long 
as this average current is equal to the current required by the 
load, regulation is maintained. 

Besides high efficiency operation, another advantage of the 
switching regulator is increased application flexibility offered 
by output voltages that are less than, greater than, or of 
opposite polarity to the input voltage. Figure 2 illustrates 
these three basic operating modes. 

Architecture 

Each of the fundamental operating modes is built from the 
same set of functional blocks {Figure 3). Additional functions 
are required for control and protection, but again, these 
functional blocks are common to each of the operational 
modes. The different modes are obtained by proper arrange¬ 
ment of these basic blocks. 
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Architecture (Continued) 


Step-Down Configuration 

'l 
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Step-Up Configuration 


Inverting Configuration 
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FIGURE 2. Basic Operating Modes 


COMPARATOR COMPARATOR 

NON-INVERTING INVERTING TIMING W DRIVER SWITCH 

INPUT INPUT CAPACITOR SENSE GROUND COLLECTOR COLLECTOR 



INPUT INPUT 
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FIGURE 3. Functional Block Diagram 


For maximum design flexibility and minimum external part 
count, the LM78S40 was designed to include all of the 
fundamental building blocks in an uncommitted arrange¬ 
ment. This provides for a simple, cost-effective design of any 
switching regulator mode. 


The functional blocks of the regulator, illustrated in Figure 3, 
are: 

• Current-controlled oscillator 

• Temperature-compensated current-limiting circuit 
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Architecture (Continued) 

• Temperature-compensated voltage reference 

• High-gain differential comparator 

• Power switching circuit 

• High-gain amplifier 

The current-controlled oscillator generates the gating signals 
used to control the on/off condition of the transistor power 
switch. The oscillator frequency is set by a single external 
capacitor and may be varied over a range of 100 Hz to 
100 kHz. Most applications require an oscillator frequency 
from 20 kHz to 30 kHz. The oscillator duty cycle (ton/toff) is 
internally fixed at 6:1, but may be modified by the 
current-limiting circuit. 

The temperature-compensated, current-limiting circuitry 
senses the switching transistor current across an external 
resistor and may modify the oscillator on-time, which in turn 
limits the peak current. This provides protection for the 
switching transistor and power diode. The nominal activation 
voltage is 300 mV, and the peak current can be programmed 
by a single resistor Rgc- 

A 1.3V temperature-compensated, band-gap voltage source 
provides a stable reference to which the sampled portion of 
the output IS compared. The reference is capable of provid¬ 
ing up to 10 mA of current without an external pass transis¬ 
tor. 

A high-gain ifferential comparator with a common-mode in¬ 
put range extending from ground to 1.5V less than Vcc is 
used to inhibit the basic gating signal generated by the 
oscillator turning on the transistor switch when the output 
voltage is too high. 

The transistor switch, in a Darlington configuration with the 
collectors and emitter brought out externally for maximum 
design flexibility, is capable of handling up to 1.5A peak 
current and up to 40V collector-emitter voltage. The power 
switching diode is rated for the same current and voltage 
capabilities as the transistor switch; both have switching 
times that are normally 300 ns-500 ns. 

Although not required by the basic operating modes, an 
independent operational amplifier has been included to in¬ 
crease flexibility. The characteristics of this amplifier are 
similar to the LM741, except that a power output stage has 
been provided, capable of sourcing up to 150 mA and sink¬ 
ing 35 mA. The input has also been modified to include 
ground as part of the common-mode range. This amplifier 
may be connected to provide series pass regulation or a 
second output voltage, or configured to provide special func¬ 
tions for some of the more advanced applications. 

The switching regulator can be operated over a wide range 
of power conditions, from battery power to high-voltage, 
high-current supplies. Low voltage operation down to 2.4V 
and low standby current, less than 2.5 mA at 5V, make it 
ideal for battery-powered systems. On the other end, 


high-voltage capability, up to 40V, and high-current capabil¬ 
ity, up to 1.5A peak current, offer an operating range un¬ 
matched by other switching systems. 

Analysis—Step-Down Operation 

Figure 2 illustrates the basic configuration for a step-down 
switching voltage regulator system. The waveforms for this 
system are shown in Figure 4. 

Assume, for analysis, that the following condition is true: 
before the switch is turned on, 

iL = 0 

When switch SI is closed, the voltage at point A becomes: 
Va = V|N - Vsat 

where Vsat's the saturation voltage of the switch. 

At this time, the diode is reverse biased and the current 
through the inductor i|_ is increasing at a rate equal to: 

^ ^ ViN - Vsat ~ Vqut 

dt L L 

The current through the inductor continues to increase at this 
rate as long as the switch is closed and the inductor does not 
saturate. Assuming that the output voltage over a full cycle 
does not change significantly, this rate may be considered to 
be constant, and the current through the inductor at any 
instant, while the switch is closed, is given by: 

V|N ~ Vsat ~ Vqut j ^ 

The peak current through the inductor, which is dependent 
on the on-time ton of SI, is given by: 

, /V|N - Vsat - Vqut\ . 

'pk - [ -[- ) ton 

At the end of the on-time, switch SI is opened. Since the 
inductor current cannot change instantaneously, it generates 
a voltage that forward biases diode D1, providing a current 
path for the inductor current. The voltage at point A is now: 
Va = -Vd 

where Vq is the forward voltage of the diode. 

The current through the inductor now begins to decay at a 
rate equal to: 

^ ^ Vl ^ _ / Vp + Vout \ 
dt L V L ; 


10-45 


www.national.com 


AN-711 




AN-711 


Analysis—Step-Down Operation (Continued) 


Vsi 







FIGURE 4. Waveforms for Step-Down Mode 


The current through the inductor at any instant, while the 
switch is open, is given by: 


It was also assumed that the change (ripple) In the output 
voltage was small in comparison to the output voltage. The 
ripple voltage can be calculated from a knowledge of switch¬ 
ing times, peak current and output capacitor size. Figure 4 
(ic waveform) shows that: 


Assuming that the current through the inductor reaches zero 
after the time interval toff, then: 


Vp.p 


Co^ 


V 2 t, 




Co 


^pk (^n^W) 
8 Co 


which results in the following relationship between ton and 

W' 


= Vqut + Vp 

toff V|N - VsAT - VouT 

In the above analysis, a number of assumptions were made. 
For the average output voltage to remain constant, the net 
charge delivered to the output capacitor must be zero. Fig¬ 
ure 4 (II waveform) shows that: 

(^) ^ (^) ^ 

or *pk = 2 louT 


For the average output voltage to remain constant, the av¬ 
erage current through the inductor must equal the output 
current. 


The ripple voltage will be increased by the product of the 
output capacitor’s equivalent series resistance (ESR) and ic 
(though the two ripple terms do not directly add). Using 
large-value, low-ESR capacitors will minimize the ripple volt¬ 
age, so the previous analysis will remain valid. 

To calculate the efficiency of the system, n: 

Pin 

The input power is given by: 

P|N = l|N V|N 

The average input current can be calculated from the is 
waveform of Figure 4\ 


hN(avg) ~ 


ton + toff 
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Analysis—Step-Down Operation 

(Continued) 

The output power is given by: 

POUT = Iqut Vqut 

Combining the above equations gives an expression for 
efficiency: 

n = / ^OUT \ / V|N ~ VSAT + Vd \ 

WoUT + Vd/ \ V,N ) 

As the forward drops in the diode and switch decrease, the 
efficiency of the system is improved. With variations in input 
voltage, the efficiency remains relatively constant. 

The above calculation for efficiency did not take into account 
quiescent power dissipation, which decreases efficiency at 
low current levels when the average input current is of the 
same magnitude as the quiescent current. It also did not take 
into account switching losses in the switch and diode or 
losses in the inductor that tend to reduce efficiency. It does, 
however, give a good approximation for efficiency, providing 
a close match with what is asured for the system. 

Analysis—Step-Up Operation 

Figure 2 illustrates the basic configuration for step-up switch¬ 
ing voltage regulator system. The waveforms for this system 
are shown in Figure 5. 

To analyze, first assume that just prior to closing S1: 

II = 0 

When switch S1 is closed, the voltage at point A, which is 
also the voltage across the switch, is: 

Va = Vsat 

where Vsat's the saturation voltage of the switch. 

At this time, the diode is reverse biased and the current 
through the inductor II is increasing at a rate equal to: 


The current through the inductor continues to increase at this 
rate as long as the switch remains closed and the inductor 
does not saturate. This rate will be constant if the input 
voltage remains constant during the on-time of the switch, 
and the current through the inductor at any instant, while the 
switch is closed, is given by: 

iL = - VSAT j , 

The peak current through the inductor, which is dependent 
on the on-time ton of S1, is given by: 

At the end of the on-time, switch S1 is opened. The inductor 
generates a voltage that forward biases diode D1, providing 
a current path for the inductor current. The voltage at point A 
is now: 

Va = Vqut + Vd 

The current through the inductor now begins to decay at a 
rate equal to: 

^ ^ Vl ^ _ Vqut + Vp - V|N 
dt L L 

The current through the inductor and diode at any instant, 
while the switch is open, is given by: 

iL=lpK-(^^2yT±VDlJ^J, 


^ = ^iN ~ Vsat 
dt L L 
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Analysis—Step-Up Operation (Continued) 
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FIGURE 5. Waveforms for Step-Up Mode 


Assuming that the current through the inductor reaches zero 
after the time interval toff, then: 

VouT + Vq - V|n\ , 

-[-j*°« 

Thus, the relationship between ton and toff is given by: 

^on ^ = Vqut + Vp ~ V|N 
W V|N - VsAT 

The above analysis assumes that the output voltage remains 
relatively constant. For the average output voltage to remain 
constant, the net charge delivered to the output capacitor 
must be zero. Figure 5 (ip waveform) shows that: 

(^) toff = (ton + toff) louT 
. . /VoUT + Vd - Vsat\ 

0rlpK-2l0UT(— 


Vp.p = = -Lf'pk + 'out) , _ toyrtl 

Co Co \ 2 / Co 

which simplifies to: 

Vp.p,('pk-!QUT)^(kg) 

2 Ipk vCo/ 

As with the step-down regulator, this ripple voltage will be 
increased by the product of the output capacitor’s ESR and 
the ripple current through the capacitor. 

To calculate the efficiency of the system: 

n = ^ 

Pin 

The input power is given by: 

P|N = l|N V|N 

The average input current can be calculated from the II 
waveform of Figure 5\ 


Also for the average output voltage to remain constant, the 
average current through the diode must equal the output 
current. The ripple voltage can be calculated using Figure 5 
(io waveform) where: 


l|N(avg) ~ 


Ipk 

2 


h = toff - 



toff 


During time interval t^, the output capacitor Cq charges from 
its minimum value to its maximum value. Therefore: 


The output power is given by: 

POUT = Iqut Vqut 

Combining and simplifying the above equations gives an 
expression for efficiency: 
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Analysis—Step-Up Operation ^ . 

(Continued) = Ip, _ , 


n ^ V|N ~ VSAT / VqUT 

V|N WOUT + Vd - VsAT 


Assuming that the current through the inductor reaches zero 
after a time interval toff, then: 


As the forward drops in the diode and switch are reduced, 
the efficiency of the system improves. 

The above calculation did not take into account quiescent 
power dissipation or switching losses, which will reduce 
efficiency from the calculated value, it does, however, give a 
good approximation for efficiency. 

Analysis—Inverting Operation 

Figure 2 illustrates the basic configuration for an inverting 
regulator system. The waveforms for this system are shown 
in Figure 6. 

To analyze, assume that the following condition is true just 
prior to turning on the switch: 

iL = 0 

When switch S1 is closed, the voltage at point A is: 

Va = V,N - Vsat 

where Vsat is the saturation voltage of the switch. At this 
time, diode D1 is reverse biased and the current through the 
inductor increases at a rate equal to: 

^ = ^iN ~ Vsat 

dt L L 


/Vd - Vout\. 

Ipk = [ -[- ) toff 

Analysis shows the relationship between ton toff to be: 

ton _ Vp ~ Vqut 
toff V|N - Vsat 

The previous analysis assumes that the output voltage re¬ 
mains relatively constant For the average output voltage to 
remain constant, the net charge delivered to the output 
capacitor must be zero. Figure 6 (iq waveform) shows that: 



toff ^ (ton + toff) loUT 


or IpK = 2 louT 


^ V|N -t- Vp - Vqut ~ VSAT ^ 
^ V|N - Vsat / 


For average output voltage to remain constant, the average 
current through the diode must equal the output current. 
The ripple voltage can be calculated using Figure 6 (!□ 
waveform)- 


The current through the inductor continues to increase at this 
rate as long as the switch is closed and the inductor does not 
saturate. This rate is constant if the input voltage remains 
constant during the on-time of the switch, and the current 
through the inductor at any instant, while the switch is 
closed, IS given by. 



During time interval t^, the output capacitor Cq charges from 
Its most positive value to its most negative value, therefore: 

Vp.p = ^ = _Lripkj_LQuj\. _ ioyiii 
Co Cq \ 2 / Cq 


The peak current through the inductor, which is dependent 
on the on-time to^ of S1 is given by: 

,pk^(}^N^),„n 

At the end of the on-time, switch S1 is opened and the 
inductor generates a voltage that forward biases D1, provid¬ 
ing a current path for the inductor current. The voltage at 
point A IS now: 

Va s; Vqut - 

The current through the inductor now begins to decay at a 
rate equal to: 

^ _ / Vp ~ Vout \ 

dt L \ L J 

The current through the inductor and diode at any given 
instant, while the switch is open, is given by: 


which simplifies to: 


Vp.p = 


W ^ (Ipk - »OUt)^ 
Cq 2 Ipk 


This ripple voltage will be increased by the product of the 
output capacitor’s ESR and the ripple current through the 
capacitor. 

To calculate the efficiency of the system: 

^ ^ Pqut ^ Iqut Vqut 

P|N l|N V|N 


Average input current can be calculated from Figure 6 (is 
waveform): 


l|N(avg) “ 


Ipk / ^on \ 

2 \ton + toff/ 
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Analysis—Inverting Operation 

(Continued) 

Combining and simplifying the previous equations gives an 
expression for the system efficiency: 

V|N - VSAT ( IVqUtI \ 

V|N wd+|VoutI/ 


Again, as the forward drops in the diode and switch are 
reduced, the efficiency of the system improves. Also, since 
switching losses and quiescent current power dissipation are 
not included in the calculations, efficiency will be somewhat 
lower than predicted by the above equation. 
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FIGURE 6. Voltage Inverter Waveforms 
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Analysis—Inverting Operation (Continued) 



Design—Step-Up Regulator 

A schematic of the basic step-up regulator is shown in 
Figure 7. 

Conditions. 

ViN = 5V Iqut ~ 

Vqut = 15V Vripple ^1% 

Calculations: 


Ipk ~ 
ipk = 


! loUT(max) ( 
(- 


2(0.15) 


Vqut + Vp - Vsat \ 
V|N - VsAT / 
4- 1.25 - 0.45 


0.45 




1 A 


Therefore: 


0.3 

Rsc = 7 - ~ 0.3a 

•pk 

To calculate the ratio of ton/toff: 

bn = ^OUT + Vp - V|N _ 15 + 1.25 - 5 _ ^ ^ 
loff V|N - VsAT 5 - 0.45 

^on =1-9 toff 

At this point, a value is selected for toff, which in turn defines 
ton- In making the selection, two constraints must be consid¬ 


ered. The first constraint comes from efforts to maintain high 
efficiency. Rise and fall times should be kept small in com¬ 
parison to the total period (ton + W) so that only a small 
portion of the total time is spent in the linear mode of opera¬ 
tion, where losses are high. This can be achieved if both ton 
and toff are made greater than or equai to 10 ps. 

The second constraint is due to the techniques used to 
reduce the effects of the switching mode of operation on 
external systems. Filtering requirements can be made less 
stringent by maintaining a high switching frequency, i.e., 
above 15 or 20 kHz. This condition can be met by specifying 
the total period, ton + W. fo be less than 50 ps. 

Therefore, the two design constraints are: 

to„>10^Js;U>10^^s 
(ton + U) < 50 MS 

In some cases, both constraints cannot be met and some 
trade-offs will be necessary. 

Following these constraints, value is selected for toff: 
toff = 10 ps 

It Is now possible to calculate values for the timing capacitor 
Cj and the inductor L. 

The timing capacitor is related (by design) to the off-time by 
the equation: 

Ct = (45 X 10-") toff 
Ct = (45 X 10-5) .,0-5 ^ 4500 pF 
Therefore, set Cj = 5000 pF, which results in: 

toff - 11 ps and ton == 21 ps 
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Design—Step-Up Regulator 

(Continued) 

For the inductor 

Vqut + Vp - V|n \ 

Ipk / 


R2 = (15 X 103)H= 1.3kn 


Select R2 = 1.3 kQ and make R1 a 25 kil pot that can be 
used for adjustments in the output voltage. 

Note: Sampling current as low as 100 pA can be used 
without affecting the performance of the system. 

R3 is selected to provide enough base drive for transistor 
Q1. Assume a forced p of 20: 


The inductor may be designed, using the equations in Ap¬ 
pendix A, or purchased. An inductor such as a Delevan 
3443-48, rated at 100 pH, is close enough in value for this 
application. 

The output capacitor Cq value can be calculated using the 
ripple requirement specified: 


Co^ 


^ Ipk (^on fpff) 
8 Vripple 
( 1)(21 + 11 ) 10-6 
(8) (150 X 10-3) ^ 


26.6 )xF 


Select Co to be: 

Co = 100 pF 

to allow for the additional ripple voltage caused by the ESR 
of the capacitor. 

The sampling network, R1 and R2, can be calculated as 
follows. Assume the sampling network current is 1 mA. 
Then: 


R1 + R2 = 15k^^ 


R2 


(R1 


+ R2) 



R3 


|C2 ~ Ibi = 
V|N-1.3 


20 

10 - 1.3 


Ib 


0.05 


50 mA 

174(1 


Let R3 = ^70Q.. 

Using Q1 and Q2 with the external resistor R3 makes it 
possible to reduce the total power dissipation and improve 
the efficiency of this system over a system using Q1 and Q2 
tied together as the control element. Each application should 
be checked to see which configuration yields the best per¬ 
formance. 

An optional capacitor can be placed at the input to reduce 
transients that may be fed back to the main supply. The 
capacitor value is normally in the range of 100 pF to 500 pF, 
bypassed by a 0.01 pF capacitor. 

Applications with peak operating currents greater than 1.5A 
or higher than 40V require an external transistor and diode 
as shown in Figure 8. This circuit assumes a 15V input and 
a 70V output. 
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Design—Step-Up Regulator (Continued) 
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FIGURE 8. Switching Regulator with 15V Input, 70V Output 


Design—Step-Down Regulator 

A schematic of the basic step-down regulator is shown in 
Figure 9. 

Conditions; 

V|N = 25V louT(max) = ^00 mA 

Vqut = 10V Vripple <1% 

Calculations: 

Ipk = 2 loUT(max) 

lpk = 2(0.5) = 1A 
Therefore: 

0.33 

Rsc = “i— = 0.33n 
'pk 

Next, calculate the ratio of ton to toff: 


^on ^ Vqut + Vp 

toff V|N - VsAT - Vqut 

•5n = ^0±_L2L..0.8 

toff 25 - 1.1 - 10 
ton ~ toff 

Following design constraints previously discussed, a value is 
selected for toff: 

toff = 22 ps 
ton = 18.6 MS 
Then calculate Cj and L: 

Ct= (45x10-") tof, 

Ct = (45 X 10-") (22 X 10-") - 0.1 pF 
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Design—Step-Down Regulator (Continued) 



I = (22 X 10-6) = 248 |m,H 


R1 + R2 = lOkft 
Vrcc 

R2 = (R1 + R2)-7^ = 1.3 kn 
VOUT 


Output capacitor Cq can be calculated from ripple require¬ 
ments: 


Qq ^ Ipk (fpn fpff) 

8 Vripple 

^ ^ (1) (18.6+ 22) 10-6 
- (im^) - 


Select Co to be: 

Co = 100 pF 

Assuming that the sampling network current is 1 mA, then: 


Select R2 = 1.3 kQ and make R1 a 15 kQ pot that can be 
used for adjustments in output voltage. 

If Ipk > 300 mA, during the off-time when the diode is forward 
biased, the negative voltage generated at pin 1 causes a 
parasitic transistor to turn on, dissipating excess power. 
Replacing the internal diode with an external diode elimi¬ 
nates this condition and allows normal operation. 

For applications with peak currents greater than 1A or volt¬ 
ages greater than 40V, an external transistor and diode are 
required, as shown in Figure 10, which assumes a 30V input 
and a 5V output at 5A. 
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Design—Step-Down Regulator (Continued) 
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FIGURE 10. Modified Step-Down Regulator with 5A, 5V Output 


Design—Inverting Regulator 

A schematic of the basic inverting regulator is shown in 
Figure 11. 

Conditions: 

V|N = 12V louT(max) = 500 mA 
Vqut = -15V Vripple <1% 

Calculations. 

, « , /VlN + Vd - VouT - Vsat\ 

lpk-2IOUT(max)( V,n - VsAT ) 

For 2N6051 Vsat ^ 2V 


^on ^ Vp ~ Vqut 
toff V|N - Vsat 
ton 1.25 + 15 ^^ 
toff 10-2 
ton “ 2 toff 

Following design constraints, a value is selected for toffi 

toff = 10 MS 

Now, calculate Cy and L: 

Ct = (45 X 10-") W 
Ct = (45 X 10-®) 10"® = 4500 pF 
Setting Cj = 5000 pF makes W = 11 ps and ton = 22 ps. 


ipk 


= 2(0.5)(— 


-f 1,25 + 15 - 2) ^ 
12-2 ) 


: 2.57 


Therefore; 


r. 0.3 

Rsc = 7 —' 

•pk 


o.in 


= / 1-25 + 15 \ 
■ “ V 2.57 ) 


= - Vqut ^ 


toff 


(11 X 10-6) ~ 70jliH 


The output capacitor Cq again is calculated: 


Calculating the ratio of ton to toff, 
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Design—Inverting Regulator 

(Continued) 


Co ^ 
Co ^ 


(Ipk-lo)^toff 

2 Ipk X Vripple 
(2.57 - 0.5)2(11 X 10-6) 
(2) (2.57) (0.1) 


Co is selected to be 200 pF. 


2N6051 L 



The sampling network, R1 and R2, can easily be calculated. 
Assuming the sampling network current Ig is 1 mA: 


Ri 


Vref 

•s 


1.3 ka 


R2 = 


-Vqut 

•s 


= 15 kn 


Set RI =1.3 ka and use a 25 kQ pot for R2 so that output 
voltage can be adjusted. 

This application requires an external diode and transistor 
since the substrate of the 1C is referenced to ground and a 
negative voltage is present on the output. The external diode 
and transistor prevent the substrate diodes from a 
forward-biased condition. See Appendix B for selection of 
the diode and transistor. 


R3 is provided for quick turn-off on the external transistor 
and is usually in the range of 100Q to 3000. R4 can be 
calculated as follows: 


R4 


V|N ~ VSAT - Vt ~ VbE 
Ipk/iS 


where: 

Vj = threshold voltage = 300 mV 

Vbe = base emitter drop across the external transistor 

p « Va hpE of the external transistor 

If the 2N6051 is used, the value for R4 is: 
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Design—Inverting Regulator 

(Continued) 


R 4 - 


12 - 1.3 - 0.3 - 0.7 
(2.57/190) 


~ 72011 


Again, an optional capacitor can be placed at the input to 
reduce transients. 

Appendix A 

Analysis and Design of the 
Inductor 

To select the proper core for a specific application, two 
factors must be considered. 

The core must provide the desired inductance without satu¬ 
rating magnetically at the maximum peak current. In this 
respect, each core has a specific energy storage capability 
LI^SAT. 

The window area for the core winding must permit the num¬ 
ber of turns necessary to obtain the required inductance with 
a wire size that has acceptable D.C. losses in the winding at 
maximum peak current. Each core has a specific dissipation 
capability Ll^ that will result in a specific power loss or 
temperature rise. This temperature rise plus the ambient 
temperature must not exceed the Curie temperature of the 
core. 

The design of any magnetic circuit is based on certain equa¬ 
tions for formulae. Equation (1) defines the value of induc¬ 
tance L in terms of basic core parameters and the total 
number of turns N wound on the core: 

L=N2x 047CMAe/4x10-® (1) 

where: 

[i= effective permeability of core 
€ 3 = effective magnetic path length (cm) 

Ae= effective magnetic cross section (cm^) 

Equation (2) defines a compound parameter called the in¬ 
ductor index Al: 

Al = 0 471 pAe X 10 (mH/1000 turns) (2) 
Combining Equation (1) and Equation (2)ar\6 multiplying by 
l^ gives: 

L|2 = (NI)2 (Al X 10-®) (millijoules) (3) 

Any specific core has a maximum ampere-turn Nl capability 
limited by magnetic saturation of the core material The 
maximum LI^SAT of the core can then be calculated from 
Equation (3) or, if the saturation flux density Bsat >s given, 
from Equation (4): 


n (BsAT)2(Ae2 X 10-4) 

L|2 = ^ ^ - - (millijoules) (4) 

Al 

(4) 

The core selected for an application must have an LI^SAT 
value greater than calculated to insure that the core does not 
saturate under maximum peak current conditions. 

In switching regulator applications, power dissipation in the 
inductor is almost entirely due to D.C. losses in the winding. 
The dc resistance of the winding can be calculated from 
Equation (5): 

Rw = P(C/Aw) N (5) (5) 

where 


P= resistivity of wire (12/cm) 
length of turn (cm) 

Aw= effective area of wire (cm^) 

Core geometry provides a certain window area A^ for the 
winding. The effective area A'^ is 0.5 A^ for toroids and 
0.65 Ac for pot cores relates the number of turns, area of 
wire, and effective window area of a fully wound core. 

A^ = A‘c/N (cm2) (g) 

By combining Equation (5) and Equation (6) and multiplying 
each side by l^, the power dissipation in the winding can 
be calculated. 


Pw = |2Rw = |2P (|r) N2 
Substituting for N and rearranging: 


(7) 


(7) 


L|2 = P^ ^ 10-6 (millijoules) ( 8 ) 


Equation (8) shows that the Ll^ capability is directly related 
to and limited by the maximum permissible power dissipa¬ 
tion. One procedure for designing the inductor is as follows: 

1. Calculate the inductance L and the peak current Ipk for 
the application. The required energy storage capability 
of the inductor Lipk 2 can now be defined. 

2. Next, from Equation 3 or 4, calculate the maximum 
LI^SAT capability of the selected core, where 

LI^SAT > Llpk2 

3. From Equation 1, calculate the number of turns N re¬ 
quired for the specified inductance L, and finally, from 
Equation 7, the power dissipation P^. P^ should be less 
than the maximum permissible power dissipation of the 
core 

4. If the power losses are unacceptable, a larger core or 
one with a higher permeability is required and steps 1 
through 3 will have to be repeated. 

Several design cycles are usually required to optimize the 
inductor design With a little experience, educated guesses 
as to core material and size come close to requirements. 


Appendix B 
Selection of Switching 
Components 

The designer should be fully aware of the capabilities and 
limitations of power transistors used in switching applica¬ 
tions. Transistors in linear applications operate around a 
quiescent point; whereas in switching applications operation 
is fully on or fully off Transistors must be selected and tested 
to withstand the unique stress caused by this mode of op¬ 
eration. Parameters such as current and voltage ratings, 
secondary breakdown ratings, power dissipation, saturation 
voltage and switching times critically affect transistor perfor¬ 
mance in switching applications. Similar parameters are im¬ 
portant in diode selection, including voltage, current, and 
power limitations, as well as forward voltage drop and 
switching speed. 

Initial selection can begin with voltage and current require¬ 
ments. Voltage ratings of the switching transistor and diode 
must be greater than the maximum input voltage, including 
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Appendix B 

Selection of Switching 

Components (continued) 


makes a rigid assembly or slug. Compared to aluminum 
electrolytic capacitors, solid-tantalum capacitors have higher 

CV product-per-unit volume, are more stable, and have her¬ 
metic seals to eliminate effects of humidity. 

any transient voltages that may appear at the input of the 
switching regulator. Transistor saturation voltage Vce(sat) 
and diode forward voltage Vp at full load output current 
should be as low as possible to maintain high operating 
efficiency. The transistor and diode should be selected to 
handle the required maximum peak current and power dis¬ 
sipation. 

Good efficiency requires fast switching diodes and transis¬ 
tors. Transistor switching losses become significant when 
the combined rise tr plus fall time tf exceeds: 

0.05 (ton + W) 

For 20 kHz operation, t^ + tj should be less than 2.5 ps for 
maximum efficiency. While transistor delay and storage 
times do not affect efficiency, delays in turn-on and turn-off 
can result in increased output voltage ripple. For optimal 
operation combined delay time td plus storage time tg should 
be less than; 

0.05 (U + U 

Appendix C 

Selection of Output Filter 

Capacitors 

In general, output capacitors used in switching regulators 
are large (>100 pF), must operate at high 
frequencies (>20 kHz), and require low ESR and ESL. An 
excellent trade-off between cost and performance is the 
solid-tantalum capacitor, constructed of sintered tantalum 
powder particles packed around a tantalum anode, which 

Appendix D 

EMI 

Due to the wiring inductance in a circuit, rapid changes in 
current generate voltage transients. These voltage spikes 
are proportional to both the wiring inductance and the rate at 
which the current changes: 

V = L^ 
dt 

The energy of the voltage spike is proportional to the wiring 
inductance and the square of the current: 

E = 1/2 L|2 

Interference and voltage spiking are easier to filter if the 
energy in the spikes is low and the components predomi¬ 
nantly high frequency. 

The following precautions will reduce EMI: 

• Keep loop inductance to a minimum by utilizing appropri¬ 
ate layout and interconnect geometry. 

• Keep loop area as small as possible and lead lengths 
small and, in step-down mode, return the input capacitor 
directly to the diode to reduce EMI and ground-loop 
noise. 

• Select an external diode that can hold peak recovery 
current as low as possible. This reduces the energy 
content of the voltage spikes. 

Appendix E 

Design Equations 





LM78S40 Design Formulae 


Characteristic 

Step Down 

step Up 

Inverting 

ipk 

2 loUT(max) 

/'VouT + Vd - Vsat\ 
2l0UT(max,^ V,n - Vsat J 

/'VlN+|VoUTl + VD-VsAT^ 
2 l0UT,n«,( j 

Rsc 

0.33 Ipk 

0.33 Ipk 

0.33 Ipk 

ton 

VoUT + Vd 


VoUT + Vd - ViN 

IVqutI + Vd 

toff 

V|N - VsAT - VoUT 


V|N - VsAT 

V|N - VsAT 

L 


^Vqut + Vd - Vin'i ^ 

V Ipk / 


toff 

lokL 


ipk L 

IpkL 

VoUT + Vd 


VoUT + Vd - V|N 

IVqutI Vd 

Ct (fjF) 

45 X 10-" to„(|JS) 

45 X 10-" Ups) 

45 X 10-= W|js) 
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Appendix E 

Design Equations (continued) 




LM78S40 Design Formulae (Continued) 


Characteristic 

Step Down 

Step Up 

Inverting 

Co 

Ipk (ton toff) 

8 Vripple 

(Ink - Iout)^ toff 

2 Ipk Vripple 

(Ipk - IoUt) 2 toff 

2 Ipk Vripple 

Efficiency 

/V|N - VsAT + Vout 

V|N - VsAT / Vout \ 

/ IVqutI \ 

\ V|N ) VoUT + Vd 

V|N WoUT + Vd - Vs/ 

\Vd + IVoutI/ 

l|N(avg) 

(Max ioad 
condition) 

ipk / Vout + Vq \ 

te 

Ipk ( IVqutI + Vd \ 

2 Win - VsAT + Vd/ 

2 

2 VVin + |VoutI+Vd-Vsat/ 

Note 1: VsAT—Saturation voltage of the switching element 

Vd—F orward voltage of the flyback diode 
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LM385 Feedback Provides 
Regulator Isolation 

You can use a conventional 4N27 optocoupler in a feedback 
arrangement {Figure 1) to design a switching regulator with a 
floating output. The LM3524 switch-mode-regulator IC is 
configured as a simple flyback power supply with 
transformer-isolated output. The LM385 acts as a reference 
and comparison amplifier that satisifes the 4N27’s current 
demands for balancing the dc feedback to pin 2 of the 
LM3524, thereby closing the loop. The LM385 automatically 
compensates for any LED degradation or optical-coupling 
loss. 

The 4N27 specs a 0.1 dc to 1.6 dc gain range; the ac gain 
varies from 0.05 to 1.0. Fortunately, the “Miller” damper from 


National Semiconductor 
Application Note 715 
Robert Pease 
Fran Floffart 


pins 5 to 6 nullifies the effect of the wide gain variance. 
Moreover, the damper provides excellent loop stability for a 
wide range of 4N27 optocouplers from several manufactur¬ 
ers. In the example shown, the LM385 provides 0.5 mA to 
5 mA to the optocoupler. 

If the 5V output available from this circuit does not meet your 
needs, choose Rg = Ri (Vout - ^ •25)/1.25. If Vqut's greater 
than. 6V, insert a zener diode between points X and Y, with 
Vz = Vqut “ 5V; this addition prevents the voltage across 
the LM385 from exceeding its 5.3V max limit. The circuit is 
suitable for regulated output voltages from 3.2V to 25V. 




Di = optional (see text) 


FIGURE 1. Optocoupler-based feedback circuit produces galvanically-isolated, regulated voltages. The heavy 
negative feedback compensates for wide variations in optocoupler gains. The values portrayed in this schematic 
yield 5V output; by varying R 2 , you can obtain voltages from 3.2V to 25V. 
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20 Watt Simple Switcher 
Forward Converter 

A 20W, 5V at 4A, step-down regulator can be developed 
using the LM2577 Simple Switcher 1C in a forward converter 
topology. This design allows the LM2577 1C to be used in 
step-down voltage applications at output power levels 
greater than the 1 A LM2575 and 3 A LM2576 buck regula¬ 
tors. In addition, the forward converter can easily provide 
galvanic isolation between input and output. 

The design specifications are: 

V, Range 20V-24V 
Vo 5V 

lo(max) 

AVo 20 mV 

With the input and output conditions identified, the design 
procedure begins with the transformer design, followed by 
the output filter and snubber circuit design. 

Transformer Design 

1. Using the maximum switch voltage, input voltage, and 
snubber voltage, the transformer’s primary-to-clamp wind¬ 
ings turns ratio is calculated: 

Vsw — V|max V|max (Np/N^) + Vsnubber 
Np/N, < (Vsw - V|max Vsnubber)/V,max 

Np/Ne < (60V - 24V - 5V)/24V = 1.29 
A let Np/Nc = 1.25 

The Vsnubber voltage is an estimate of the voltage spike 
caused by the transformer’s primary leakage inductance. 


National Semiconductor 
Application Note 776 
Frank DeStasi 
Tom Gross 

2. The duty cycle, ton/T, of the switch is determined by the 
volt-second balance of the primary winding. 

During ton: 

V, =Lp (Ai/Ton) Ai = (V,/Lp) ton 
During toffi 

V. = (Np/No) = Lp (Ai/U) ^ Ai = (Np/No) (V/Lp) W 
Setting Ai’s equal; 

(V/Lp) ton = (Np/No) (V/Lp) toft 

ton/toff = Np/Nc 

Since D = tor/T = ton/(ton + toFp) 

max. duty cycle = = (Np/No)/ [(Np/No) + 1] 

= (1.25)/ (1.25 + 1) = 0.56 (56%) 

3. The output voltage equations of a forward converter pro¬ 
vides the transformer’s secondary-to-primary turns ratio: 

Vq ■f" Vdiode — V|nnin ^ ^max (Ns/Np) 

Ns/Np > (Vo -H Vd,ode)/ (V.min X D^^x) 

Ns/Np > (5.5V)/(20V)(56%) = 0.49 
Alet Ng/Np = 0.5 

4. Calculate transformer’s primary inductance by finding the 
maximum magnetizing current (AiLp) that does not allow the 
maximum switch current to exceed it’s 3 A limit (capital I for 
DC current, Ai for AC current, and lower case i for total 
current): 

Isw ~ ipn “ *Lo’ AIlp 



Basic Forward Converter 



where Ilo- 's the reflected secondary current and AIlp is the 
primary inductance current. 

'lo’ = iLo(Ns/Np) (iLo reflected to primary) 

'lo = Ilo =*= AiLo/2 

Ailo is the output inductor’s ripple current 
Ilo = lo (the loed current) 


iLo- = (lo ± AiLo/ 2 )(Ns/Np) 
iLo’(pk) ~ (io(max) "*■ AiLo/2)(Ns/Np) 
isw = Isw + Aisw 
isw(pk) ” iLo’(pk) + AiLp(pk) 
isw(pk) “ (io(max) AiLo/2)(Ns/Np) -1- AlLp(pk) 
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Transformer Design (Continued) 



Using standard inductors, a good practical value to set the 
output inductor current (AIlq) to is 30% of the maximum load 
current (Iq). Thus; 

isw(pk) ~ (lo(max) 0.15AiLQ)(Ns/Np) + Al|_p^pj^) 

^iLp(pk) ~ isw(pk) “ (lo(max) "*■ 0* 5AiLo)(Ns/Np) 


AiLp(pk) = 3A - (4A + 0.15 X 4A)(0.5) = 0.7A 
Lp= Vpr, X At/Ai = (V, - Vsat)(ton/AiLp(pk)) 

“ (^i(max) “ Vsat)(^max/(AiLp(pk) ^ f) 

= (24V - 0.8V)(0.56/0.7 x 52 kHz) 

Lp = 357 pH 
Alet Lp = 350 pH 

Output Filter—Inductor 

The first component calculated in the design is the output 
inductor, using the current-to-voltage relationship of an in¬ 
ductor: 

Vl = Lq (AiLo/ton) 

Choosing an inductor ripple current value of 0.3lo and a 
maximum output current of 4A; 

AiLo = 0.3 (4A) = 1.2A 

During t^^; 

Vl = Vs -Vd -Vo [where V 3 = (V. - V 3 ^(Ns/Np)] 
Thus, 

l(V. -V3at)(Ns/Np) - V, - Vo] = Lo (AiLo/D) f 
Lo = [(V, - V 3 at)(N 3 /Np) - Vd - Vo] X D/AiLo x f 
Lo = [(24V-0.8V)(0.5)-0.5V-5V] 56%/1.2Ax52 kHz 
Lo = 55 pH 
A let Lo = 60 pH 



Output Filter—Capacitor 

Since the output capacitor’s current is equal to inductor’s 
ripple current, the output capacitor’s value can be found 
using the inductor’s ripple current. Starting with the 
current-voltage relationship, the output capacitance is calcu¬ 
lated: 

AVo = 1/Co 1 i dt 
= AIlo/ 4Co (TR/2) 

= (AIlo • T)/ 8 C 0 
Co =(AiLo • T)/ 8 AV 0 


However, the equivalent series resistance (ESR) of the ca¬ 
pacitor multiplied by the inductor’s ripple current creates a 
parasitic output ripple voltage equal to: 

AVo = ESRoo • AIlo = ESRoo • 0.3 lo 
This parasitic voltage Is usually much larger than the inher¬ 
ent ripple voltage. Hence, the output capacitor parameter of 
interest, when calculating the output ripple voltage, is the 
equivalent series resistance (the capacitance of the output 
capacitor will be determined by the frequency response 
analysis). Using a standard-grade capacitor with ESR of 
0.05Q produces a total output ripple voltage of: 
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Output Filter—Capacitor (Continued) 

AVo = 0.050 • 1.2A^60 mV 
To get output ripple voltage of 20 mV or less (as was part of 
the design specs) requires a capacitor with ESR of less than 
17 mO. 

Snubber Circuit 

A snubber circuit (Cs, Rs. Ds) is added to reduce the voltage 
spike at the switch, which is caused by the transformer’s 
leakage inductance. It is designed as follows: when the 
switch is off, 

Vr = VcE - V,N - Vd 
Vll = Vo + Vp - V,N(Np/N,) 

Substituting for Vp, the voltage across the leakage induc¬ 
tance, Vll, is, 

Vll = VcE - V,n( 1 + Np/NJ 
Using the current-voltage relationship of inductors, 

= ipRl(i-L/VLL) 

Substituting for Vll, 

ts = IpR, Ll/(Vce - V,n( 1 + Np/N,)) 

Calculating for the average leakage inductance current, II- 

L(AVE), 

iLL(AVE) = IpRI(MAX) (ts)/2T 

= ipRI(MAX)^ LLf/2(VcE - V,n(1 + Np/N,)) 

Solving for the snubber resistor; 


Rs - Vp/Ill(ave) 

Substituting Ill(ave) and Vp results in, 

Rs = 2 (VcE - V,n( 1 + Np/Ne)) X 
(VcE “ V|N - Vd)/(Ll (lpR|(MAX))^f) 

Choosing Ll to equal 10% of Lp, 

Rs = 2 (65V - 24V - IV) X (65V - 24V(2.25))/ 

(7 pH {3Af 52 kHz) 

= 268.9a ^270a 

Using the current-voltage relationship of capacitors, 

AVp = (T - ts) Ic/Cs = (T - ts) Vp/RsCs ^ Vp/RsCsf 
The capacitor Cs equates to, 

Cs = Vp/Rs f AVp 

Cs = 40V/(270a)(52 kHz) 10V = 0.28 pF ^ 0.33 pF 
The snubber diode has a current rating of 1A peak and a 
reverse voltage rating of 30V. 

other Components 

Diodes, Dp and Dp, used in the secondary are 5A, 30V 
Schottky diodes. The same diode type is used for D^, how¬ 
ever a lower current diode could have been used. 

A compensation network of and C^ optimizes the regula¬ 
tor’s stability and transient response and provides a 
soft-start function for a well-controlled power-up. 

The finished circuit is shown below. 


5V, 4 A Forward Converter Circuit Schematic 
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other Components (Continued) 



01121605 

Vertical: 1 A/div 
Horizontal: 5 ps/div 

Switch Current 



01121607 

Vertical: 1 A/div 
Horizontal 5 ps/div 

Inductor Current 



01121606 

Vertical 10 V/div 
Horizontal 5 ps/div 

Switch Voltage 



Vertical. 20 mV/div 
Horizontal lOps/div 

Output Ripple Voltage 



01121609 


A Output Voltage Change, 100 mV/div 
B: Output Current, 200 mA/div 
Horizontal 10 ms/div 

Load Step Response 
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LM2577 Three Output, 
Isolated Flyback Regulator 


National Semiconductor 
Application Note 111 
Tom Gross 



Many voltage regulator applications require multiple outputs, 
such as a computer’s power supply or a regulator used to 
meet the voltage requirements inside an automobile. Some 
of these applications require isolation between the regula¬ 
tor’s input and output for protection and separate ground 
specifications. Using this criteria, a LM2577 simple switcher 
flyback regulator has been designed with multiple (3) outputs 
and input-to-output isolation. The three outputs are: 1) 5V @ 
150 mA, 2) 7.5V @ 100 mA, and 3) -7.5V @ 70 mA. The 
table below gives the electrical specifications. 

The LM2577 flyback regulator uses a 4N27 optocoupler to 
provide a galvanic isolation. The base resistor of the opto¬ 
coupler is chosen so that it is large enough (47 kO) to supply 
a minimum base current—which in turn, demands a lower 
drive current to the optocoupler’s diode—but not so large as 
to produce a pole in the regulator’s frequency response. If 
the pole’s frequency is below the regulator loop’s crossover 
frequency, stability problems will occur. Thus, a zero must be 
developed, requiring extra circuitry, to compensate for the 
extra pole in the loop. 

An LM385 Adjustable Voltage Reference, along with resis¬ 
tors Roi and R 02 . set the main output voltage to 5V ±4% by 
the equation: Vq = 1.24V (1 + Ro 2 /Roi)- The LM385 sup¬ 
plies a drive current to the optocoupler (about 10 mA) pro¬ 
portional to the output voltage. Due to the high gain of the 
LM385, the LM2577’s error amplifier is bypassed, and the 
feedback signal is fed directly to the compensation pin. 
Employing the error amplifier’s gam block in the loop would 
add with the LM385 gam (the optocoupler’s gain is around 
unity) to produce a very large overall loop gain. Such a large 
loop gain makes the loop too difficult to stabilize—thus the 


bypassed error amplifier. With the regulator input voltage of 
26V and full load on all outputs, the frequency response has 
a crossover frequency at 1 kHz and phase margin of 90°. 
The flyback regulator’s mode of operation is continuous, so a 
large primary inductance (Lp = 300 pH) is needed for the 
transformer. Using a Ferroxcube 812E250-3C8 E core, the 
primary winding requires about 50 turns. With the turnsratios 
as they are shown on the schematic and the small core size, 
the transformer windings must be wound tightly so that they 
fit the core windows. Interlaying the primary winding be¬ 
tween the secondary windings improves the transformers 
coupling. 

The zener diode circuit (V^, Rz, R|) is added to provide the 
optocoupler transistor with about 20 pA of bias current, on 
top of the current sourced from the compensation pin (about 
7 pA). The isolation resistor, between the compensation pin 
and the zener diode, needs to be as large as 100 kQ, or at 
start-up, the compensation pin will see too large a voltage, 
turning the power switch fully on—thus forcing the LM2577 
into current limit. Also, to ensure good line regulation, the 
dynamic impedance of the zener diode must be very good. 
Test data for this regulator follows the schematic. Since 
feedback is taken from Output 1, its load and line regulation 
are better than that of the other two outputs, which rely on 
feedback through the transformer coupling. The output ripple 
voltage of all three outputs is largely dependent on the filter 
capacitors used, and could be reduced by the use of addi¬ 
tional high-quality filter capacitors or an additional L-C filter 
section. 


LM2577 Three Output, Isolated Flyback Regulator 

T 
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ELECTRICAL TEST DATA 


V, = 16V-36V 


Output 

Voltages 

Line Regulation 
(lo = Full Load) 

Load Regulation 
(V, = 26V) 

Output Ripple Voltage 
(Ta = 25“C) 

< 

0 

II 

cn 

< 

0.2% 

0.04% 

30 mA-150 mA 

50 mV 

Vo2 = 7.5V 

0.3% 

3% 

20 mA-100 mA 

50 mV 

Vo3 = 7.5V 

0.3% 

2% 

12 mA-70 mA 

50 mV 



01121702 


Load Transient Response 
A. Load Current, 50 mA/div 
B. Output Voltage Change 50 mV/div (AC-Coupled) 
Horizontal: 5 ms/div 



Output Ripple Voltage 
20 mV/div (AC-Coupled) 
Horizontal: 5 ms/div 
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Increasing the High Speed 
Torque of Bipolar Stepper 
Motors 


National Semiconductor 
Application Note 828 
Steven Hunt 



Introduction 

To successfully follow a velocity profile, a motor and drive 
combination must generate enough torque to: accelerate the 
load inertia at the desired rates, and drive the load torque at 
the desired speeds. While the size of a bipolar stepper motor 
generally dictates the low speed torque, the ability of the 
drive electronics to force current through the windings of the 
motor dictates the high speed torque. This application note 
shows that increasing the slew rates of the winding currents 
in a bipolar stepper motor pushes the motor to deliver more 
torque at high speeds. Simple voltage drives, L/R drives, and 
chopper drives are explained. L/R drives and chopper drives 
achieve slew rates higher than those achieved by simple 
voltage drives. Finally, an example chopper drive Is pre¬ 
sented. 

Background 

In standard full-step operation, quadrature (out of phase by 
90°) bipolar currents {Figure 1) energize the windings of a 
bipolar stepper motor. One step occurs at each change of 
direction of either winding current, and the motor steps at 
four times the frequency of the currents. The ideal winding 
currents of Figure 1 exhibit infinite slew rates. 

Ideally, each phase contributes a sinusoidal torque; 

Ti = -ii Tsin(N0) and (1) 

Tg = ig Tcos(Ne), (2) 

with the winding currents, i(t), in amps and the torque con¬ 
stants, -Tsin(N»0) and Tcos(N«0), in newton«centimeters per 
amp. 0 represents the angular displacement of the rotor 
relative to a stable detent (zero torque) position. N repre¬ 
sents the number of motor poles; that is, the number of 
electrical cycles per mechanical cycle or revolution. N*0, 


therefore, represents the electrical equivalent of the me¬ 
chanical rotor position. The torque contributions add directly 
to yield a total torque of 

Tt = Ti + T 2 = T (ig cos (Ne) - ii sin (N0)). (3) 

Integrating (3) over a full period of one of the torque con¬ 
stants and multiplying the result by the reciprocal of that 
period gives the average torque generated by the motor. 
Assuming ideal square wave winding currents and sinusoi¬ 
dal torque constants {Figure 2), the motor generates an 
average torque of 

Tavg i” [ ~ '1 dN0 + 

J^’"l2Tcos(N0)dN0| = 

(4) 

2 

-Irated Tcos<|>. 

TT 

(5) 

In open loop applications, (|) adjusts automatically to match 
the average torque generated by the motor with that required 
to execute a motion task. When the winding currents and 
their respective torque constants are in phase ((]) is zero), the 
motor generates the maximum average torque or pull-out 
torque; 


Tpull-out — Tavg (max) ~ ^ Irated T- 

( 6 ) 






L 



t 









t 



FIGURE 1. Ideal Quadrature Currents Drive the Windings of a Bipolar Stepper Motor 


Square waves make good approximations for the winding 
currents at low speeds only, and (6), therefore, makes a 
good approximation of the pull-out torque at low speeds only. 
Real winding currents have an exponential shape dictated 
by the L/R-time constants of the windings, the voltage ap¬ 
plied across the windings, and, to a lesser extent, the back 
emf generated by the motor as the rotor spins. For either 
winding. 


i(t) 




Vcc - Vemf j 




Vemf 


(7) 
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Background (Continued) 

describes the winding current at a change in the direction of 
that current, where Iq is the initial winding current, Vqc is the 
voltage applied across the winding, Ve^f is the back emf, 
and R and L are the winding resistance and inductance. At 
low step rates, assuming Vcc = Vrated >> Vemf. the current 
easily slews to the peak value of Vrated/R before a subse¬ 
quent direction change {Figure 3a). At higher step rates, 
because the time between direction changes is shorter, the 
current cannot reach the peak value {Figure 3a). yrated 's the 
rated voltage of the windings. 


Clearly from (4) and Figure 3, as the speed increases, 
decreases in the winding currents result in decreases in 
Tpuii-out- The torque vs. speed characteristic of a typical 
bipolar stepper motor {Figure 4) reflects this phenomenon. 
Each pull-out torque curve bounds (on the right) a region of 
torque-speed combinations inside which the stepper motor 
runs and outside which the stepper motor stalls. 
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FIGURE 2. Ideal Square Wave Winding Currents and Sinusoidal Torque Constants for Average Torque Calculation 




FIGURE 3. Real Winding Current and Sinusoidal Torque Constant 
vs Step Rate at Low Step Rates (a) and at High Step Rates (b) 


It follows then, that the goal of increasing the high speed 
torque is achieved by increasing the winding currents at high 
speeds. This, in turn, is achieved by increasing the slew 


rates of the winding currents; for example, with the increased 
slew rates realized by raising Vqc well above V^ated. the 
winding current easily slews to the peak value of V^ated/R 
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Background (Continued) 

both low and high step rates {Figure 5). Winding currents 
realized with Vcc = Vrated represented with dashed lines, 
and, assuming a means for limiting at Vratec/R> winding 
currents realized with Vcq >> Vrated represented with 
solid lines. 

Both decreasing the UR-time constants of the windings and 
increasing the voltage applied across the windings increases 
the slew rates of the winding currents. I_/R drives and chop¬ 
per drives take these tactics to raise the slew rates of the 
winding currents well above those realized by simply apply¬ 
ing the rated voltage to the windings. The torque vs. speed 
characteristic of a typical bipolar stepper motor {Figure 4 
again) reflects the resulting high speed torque gams. 

It is important to note, however, that applying Vqq >> Vrated 
also results in excessive winding currents at low speeds. 
The winding currents must be held at or below the rated limit 


(usually Vrated/R P®*" winding) to hold power dissipated inside 
the motor at or below the rated limit (usually 2 x Vrated x 

I rated)" 



STEPS/SECOND 
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FIGURE 4. A Typical Torque vs Speed Characteristic of 
a Bipolar Stepper Motor 




(b) 


FIGURE 5. Real Winding Current vs Step Rate with Vcc >> Vrated at Low Step Rates (a) and at High Step Rates (b) 


Simple Voltage Drives 

Simple drives employ two H-bridge power amplifiers to drive 
bipolar currents through the phase windings {Figure 6). For 
either amplifier, closing switches S1 and S4 forces the rated 
voltage (less two switch drops) across the winding, and 
current flows from supply to ground via S1, the winding, and 
S4. After opening S1 and S4, closing S2 and S3 reverses the 
direction of current in the winding. This drive scheme is 
commonly referred to as simple voltage drive. Because only 
the winding resistances limit the winding currents, Vcc can¬ 
not exceed Vrated- 


L/R Drives 

l_/R drives employ two series power resistors to decrease 
the LVR-time constants of the windings; for example, a 45^2 
power resistor in series with each of two 1 5Q winding resis¬ 
tances divdes the l_/R-time constants by four and allows the 
rated supply voltage to be increased by a factor of four. Both 
the crispness of the response and the high speed torque are 
increased. While the rotor holds position or moves at low 
step rates, the series power resistors protect the motor by 
holding the winding currents to the rated limit. Since both the 
L/R-time constants of the phase windings and the rated 
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L/R Drives (Continued) 

supply voltage were increased by a factor of four, the ex¬ 
ample drive would commonly be referred to as an l_/4R drive. 
The maximum operating supply voltage of the power ampli¬ 
fiers can limit the factor by which the supply voltage is 
increased above the rated voltage of the windings, but power 
losses in the series resistors more likely limit this factor. If, for 
example, 60V is applied across two 0.5A, phase wind¬ 
ings, two 105Q series resistors are required to hold the 


winding currents to the 0.5A/phase limit. This is an L/SR 
drive. Power dissipated in the series resistors while the rotor 
holds position is 105 x 0.5 x 0.5 x 2 = 52.5W, while power 
dissipated in the entire drive is 60 x 0.5 x 2 = 60W. The drive 
efficiency approaches 12.5%. After looking at these num¬ 
bers, the drive designer may opt to cut losses by using the 
30V power supply/45Q series resistor combination of an 
L74R drive. Unfortunately, while the rotor holds position, total 
power dissipated in the series resistors remains high at 
22.5W and drive efficiency remains low at 25%. 


'^CC “ '^rated 



FIGURE 6. Simple Voltage Drive of a Bipolar Stepper Motor 


Chopper Drives 

Chopper drives increase the slew rates of the winding cur¬ 
rents by applying Vcc >> Vrated- Feedback-driven switching 
of the H-bridges holds the winding currents to the rated limit. 
Figure 7 shows the chopping states of a single H-bridge of a 
chopper drive. A low value resistor in the ground lead of the 
H-Bridge converts the winding current into a proportional 
feedback voltage, and the feedback voltage is compared to a 
reference voltage (not shown). While the feedback voltage is 
less than the reference voltage, switches SI and S4 apply 
the full supply voltage across the winding {Figure 7a), and 
the winding current increases rapidly. When the feedback 
voltage is equal to the reference voltage; that is, when the 
winding current reaches the desired limit, SI and S2 short 
the winding for a fixed period or off-time {Figure 7b). During 
the off-time, the winding current recirculates and decays 
slowly. At the end of the off-time, SI and S4 reapply the full 


supply voltage across the winding, and the winding current 
again increases. Repetition of this sequence results in a 
current chopping action that limits the peak winding current 
to a level determined by the reference voltage and the 
resistor in the ground lead of the amplifier {Figure 7c), limit = 
Vreference/Rs- Chopping of the current only occurs when the 
current reaches the desired limit (usually the rated current of 
the winding). When the winding current changes direction to 
step the motor, the general operation remains the same 
except S2 is held closed and SI and S3 are switched to limit 
the winding current. Because the H-bridge shorts the wind¬ 
ing for a fixed period, this type of chopper drive is commonly 
referred to as a fixed off-time drive. By eliminating the series 
resistors required by UR drives, chopper drives increase 
dramatically the drive efficiency. Typical efficiencies of chop¬ 
per drives range from 75% to 90%. 
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Chopper Drives (Continued) 
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(C) 


FIGURE 7. The Chopping States of a Single H-Bridge of a Chopper Drive: the Fuii Vcc is Applied Across the Winding 
(a), the Winding is Shorted (the Current Recirculates) (b), and the Chopped Winding Current (c) 


An LMD18200-Based Chopper 
Drive 

The LMD18200 is a 3A, 55V H-bridge {Figure 8). It is built 
using a multi-technology process which combines bipolar 
and CMOS control (logic) and protection circuitry with DMOS 
power switches on the same monolithic structure. The 
LMD18200 data sheet and AN-694 contain more information 
about the operation of the LMD18200. 

Two LMD18200 H-bridges form the core of an example 
chopper drive {Figure 9). The PWM input (pin #5) of each 
LMD18200 accepts a logic signal that controls the state of 
that device. While the signal at PWM is logic-high, the 
H-bridge applies the full supply voltage across the winding, 
and while the signal at PWM is logic-low, the upper two 
switches of the H-bridge short the winding. The feedback 
voltage associated with either H-bridge is directly propor¬ 
tional to the current in the winding driven by that device. One 
half of an LM319 dual comparator compares the feedback 
voltage to the reference voltage. While the feedback voltage 
is less than the reference voltage, the signal at PWM is 
logic-high, the LMD18200 applies the full supply voltage 
across the winding, and the winding current increases. 
When the winding current increases to the point the feed¬ 
back voltage and the reference voltage are equal, the LM319 
triggers the LMC555-based one-shot. For the duration of the 
one-shot timing pulse, the signal at PWM is logic-low, the 
LMD18200 shorts the winding, and the winding current re¬ 
circulates and decays. After the timing pulse, the signal, a 


PWM returns to logic-high, the LMD18200 reapplies the full 
supply voltage across the winding, and the winding current 
again increases. Repetition of this sequence results in a 
current chopping action {Figure 10) that limits the winding 
current to the 0.5A rating while allowing the 12V, 24Q wind¬ 
ing to be driven with 36V. Note: the RC components asso¬ 
ciated with the LMC555 set the one-shot timing pulse. To 
best illustrate the current chopping action, the one-shot tim¬ 
ing pulse or off-time was set at approximately 10Ops. Shorter 
off-times yield smoother winding currents. 

The Dir input (pin #3) of each LMD18200 accepts a logic 
signal that controls the direction of the current in the winding 
driven by that device; in other words, changing the logic level 
of the signal at Dir commands the motor to take a step. 
This chopper drive takes advantage of the current sense 
amplifier on board the LMD18200. The current sense ampli¬ 
fier sources a signal level current that is proportional to the 
total forward current conducted by the two upper switches of 
the LMD18200. This sense current has a typical value of 
377 pA per Amp of load current. A standard y4W resistor 
connected between the output of the current sense amplifier 
(pin #8) and ground converts the sense current into a volt¬ 
age that is proportional to the load current. This proportional 
voltage is useful as a feedback signal for control and/or 
overcurrent protection purposes. The 18 k^2 resistors {Figure 
9) set the gain of the drive at approximately 0.15A per volt of 
reference voltage (simply the reciprocal of the product of 
377 pA/A and 18 kQ). 
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An LMD18200-Based Chopper Drive (Continued) 


DIRECTION 3 
BRAKE 4 
PWM 5 


THERMAL 

FLAG BOOTSTRAP 1 OUTPUT 1 
9 1 2 


OUTPUT 2 BOOTSTRAP 2 



7 

GROUND 


FIGURE 8. The LMD18200 3A, 55V Full H-Bridge 
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An LMD18200-Based Chopper 
Drive (Continued) 

During the current chopping action, the feedback voltage 
tracks the winding current {Figure 11). When the signal at Dir 
initiates a change in the direction of the winding current, the 
feedback voltage ceases tracking the winding current until 
the winding current passes through zero. This phenomenon 
occurs because the current sense amplifier only sources a 
current proportional to the total forwardcunenX conducted by 
the two upper switches of the LMD18200. During the period 
the feedback voltage does not track the winding current, the 
winding current actually flows from ground to supply as 


reverse current through a lower and an upper switch of the 
H-bridge. Only after the winding current passes through zero 
does it once again become forward current in one of the 
upper switches (see AN-694). The feedback voltage is 
ground referenced; thus, it appears the same regardless of 
the direction of the winding current. 

The same 200 step/revolution hybrid stepper {Figure 9) was 
used to generate Figures 10, 11, 12, 13. Figure 72 shows the 
winding current for simple voltage drive with Vcc = Vrated = 
12V. Figure 73 shows the winding current for Ly4R drive with 
added series resistance of 72^Vphase and Vqq = 4Vrated = 
48V. 


0.5A 

0 

-0.5A 


5V 

0 
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Top Trace: Winding Current at 0.5A/div 

Bottom Trace: PWM Signal at 5V/div 
Horizontal: 0.5 ms/div 


FIGURE 10. The Chopped Winding Current and the Logic Signal at PWM 
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An LMD18200-Based Chopper Drive (Continued) 



Top Trace: Winding Current at 0.5A/div 

Middle Trace: Feedback Voltage at 5V/div 
Bottom Trace: Step Logic Signal at 5V/div 
Horizontal: 1 ms/div 

FIGURE 11. The Chopped Winding Current and Feedback Voltage at 860 Steps/Second 



Top Trace: Winding Current at 0.5A/div 
Bottom Trace: Step Logic Signal at 5V/div 
Horizontal: 2 ms/div 

FIGURE 12. The Winding Current for Simple Voltage Drive at 600 Steps/Second 
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An LMD18200-Based Chopper Drive (Continued) 
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Top Trace: 
Bottom Trace: 
Horizontal: 


Winding Current at 0.5A/div 
Step Logic Signal at 5V/div 
1 ms/div 


FIGURE 13. The Winding Current for L/4R Drive at 860 Steps/Second 
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High-Efficiency 3A Battery 
Chargers Use LM2576 
Regulators 

This paper describes two LM2576-based designs which 
provide up to 3A of current for battery charging. 

3A Battery Charger Has Built-In 
Overcharge Protection 

This design is a 3A battery charger intended for use with 
5-cell Ni-Cd or Ni-MH battery packs (but can be modified to 
suit other numbers of cells). The circuit includes automatic 
shutoff that occurs when the battery temperature rises 10°C 
above ambient. 


National Semiconductor 
Application Note 946 
Chester Simpson 



CIRCUIT CONCEPT 

This battery charger shown in Figure 1 was developed spe¬ 
cifically for applications using either Nickel-Cadmium 
(Ni-Cd) or Nickel-Metal Hydride (Ni-MH) batteries that will 
accept a 3A fast-charge rate, and provides automatic shutoff 
of the high-current charge when the battery is full. 

After shutoff, a continuous (low level) charge current is used 
to “trickle charge” the battery which keeps it topped off and 
prevents charge loss due to any internal leakage. 

The trickle charge rate used must always be low enough that 
the amount of gas developed within the cell is small enough 
that it can recombine, thus preventing pressure build-up and 
venting (opening of the cell’s internal vent to release pres¬ 
sure). The maximum safe trickle charging rate is determined 
by the size and type of battery (this is covered later in the 
paper). 



01205401 

Notes (Unless Otherwise Specified) 

All capacitance values are in pF 

All resistors are 5%, VaW 

U1 requires small heatsink (Rjh < IS’CA/V) 

C1 and C4 must be low ESR aluminum electrolytic 
USD IS not used 


FIGURE 1. 3A Charger with Overcharge Protection 
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3A Battery Charger Has Built-In 
Overcharge Protection (Continued) 

The critical specification for a battery is its Amp-hour (A-hr) 
rating, which is numerically equal to the maximum amount 
of current the battery can supply to a load for one hour 
before the cell reaches its end-of-life voltage (usually taken 
as 1 .OV/cell for Ni-Cd and Ni-MH batteries. 

When a battery is charged or discharged at a current that is 
equal to its A-hr rating, this is known as the “c” rate. 

Most Ni-Cd and Ni-MH batteries can be safely charged at a 
1c rate, as long as they are not overcharged. However, the 
battery temperature must be within a range of about 15°C to 
45°C (the reasons are detailed later in this paper). 

OVERCHARGING: THE SILENT KILLER 

The nemesis of all rechargeable batteries Is overcharge ... 
although some battery types tolerate it better than others, 
the results of overcharge range from minor damage to cata¬ 
strophic failure. 

In the case of Ni-Cd, which is the most popular rechargeable 
battery type presently in use, sustained overcharge causes 
increasing pressure within the battery that eventually causes 
the cell’s vent to open and release oxygen. This has a 
detrimental effect on the battery, although it may still retain 
some useful capacity. 

If Ni-MH batteries are overcharged, they will also build up 
pressure and release gas: however, the gas released will be 
hydrogen, which is extremely explosive near spark or flame. 
One battery manufacturer created an interesting euphemism 
for some of the unfortunate accidents in cases where Ni-MH 
batteries were overcharged: Rapid Spontaneous Disas¬ 
sembly. 

DETECTING END-OF-CHARGE 

There are several ways to detect end-of-charge for Ni-Cd or 
Ni-MH batteries, but one way that is both simple and reliable 
is called a AT detector. It measures both the ambient tem¬ 
perature and the battery temperature and cuts off the high 
current charger when the battery rises a pre-set amount 
above ambient. This design uses a 10°C rise as the cutoff 
point (which is recommended by most battery makers), but 
can be easily adjusted by changing resistor values. 

Ni-Cd cells are perfectly suited for AT cutoff techniques, 
because their charge process is endothermic (they get 
slightly cooler when a discharged battery is being re¬ 
charged). Even at fast charge rates, the battery will not begin 
to heat until it is nearly fully recharged. At that point, the 
battery is no longer converting the electrical current into a 
chemical reaction, so it must be dissipated as heat. The 
resulting increase in temperature provides a very accurate 
indicator that it is time to stop charging. 

The Ni-MH battery is not quite as accommodating: the re¬ 
charge cycle is exothermic (the battery gets slightly warmer 
during recharge) but still shows a fairly well defined increase 
in temperature when the battery is fully charged. Using a 
10°C AT detection point will give good results in most cases, 
and is recommended by the battery makers. 

NOTE: WARNINGS ABOUT FAST CHARGING NI-MH 
AND NI-CD BATTERIES 

Since the Ni-MH battery normally gives off heat during re¬ 
charge, the 10°C “window” may have to be adjusted to suit 
the characteristics of the specific cell: The window must be 


wide enough to prevent premature cutoff from “normal” heat¬ 
ing, but narrow enough to detect the temperature rise which 
occurs at full charge (and execute appropriate charge termi¬ 
nation). 

Any new design that uses Ni-MH batteries should be care¬ 
fully evaluated to verify accurate end-of-charge termination 
because of the potential for battery explosion if hydrogen is 
released. 

IMPORTANT: With Ni-Cd or Ni-MH cells, the 1c (fast) 
charge rate can only be safely used if the battery tem¬ 
perature is in the range of about 15°C to 45°C. 

At low temperatures, gas recombination within NiCd and 
NiMH batteries does not occur as easily, which limits the 
amount of charging current that can be safely used before 
venting will occur. If low-temperature (<15‘’C) recharging is 
required, consult the battery maker for safe charging current 
levels. 

A battery that is recharged at elevated temperature will 
retain substantially less energy than a battery recharged at 
25°C. At high temperatures (>35°C) gas generation within 
the cell occurs at a much lower state of charge, meaning that 
the cell will not accept as much charge (compared to 25°C) 
for a given amount of cell temperature rise. 

The poor charging efficiency seen at high battery tempera¬ 
tures means that extremely long recharge times (at low 
charging currents) are required to deliver full (25°C) capacity 
of charge to a “hot” battery. 

TRICKLE CHARGE CURRENT 

All batteries lose charge internally due to self-discharge, 
usually occurring due to leakage paths through the battery 
separators (insulators). The amount of leakage is dependent 
primarily on battery age and usage, with leakage increasing 
dramatically in batteries that are old or have completed 
many cycles of charge and discharge. 

Trickle charging is a continuous low-level charging current 
that tops off the total charge in the battery, and prevents any 
energy loss that would occur due to leakage. 

The maximum safe trickle charging current for a typical 
Ni-Cd cell is about 0.1c, this being the maximum charge 
rate at which all of the gas developed internally is able to 
recombine (so there is no internal pressure buildup that 
would cause venting). 

For Ni-MH batteries, the maximum (safe) trickle charge 
rate is lower (one manufacturer specifies c/40). This is an 
important difference between Ni-Cd and Ni-MH batteries, 
and must not be exceeded for continuous charging. 

In this design, the trickle charge current is provided by the 
resistor labeled Rjr (see Figure 1). This current flows any 
time V|N is present, regardless of operation of the 
high-current charger. When the high-current charger is op¬ 
erating, the total charging current is the sum of the trickle 
current and the current provided by U1. 

Once the input voltage V|n and the desired trickle charge 
current Ijr are known, the value for R-tr is found using 
Ohm’s Law: 

Rjr = (V|N ~ 7 - 0.7)/Itr 

The maximum power dissipation in Rjr must also be calcu¬ 
lated (when selecting a resistor, make sure the power rating 
is greater than the value calculated below): 

Pmax (Rtr) = (V|N - 4 -0.7f/R-rR 
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3A Battery Charger Has Built-In 
Overcharge Protection (Continued) 

Note that the power dissipation in the resistor is dependent 
on the battery voltage. As the battery voltage increases, the 
voltage drop across R-tr decreases (causing the power dis¬ 
sipation to decrease). 

In the above equation, a battery voltage of 4V is assumed as 
a worst-case minimum value for battery operating voltage for 
a five-cell battery pack (which would provide the maximum 
power dissipation for Ryp). 

A good 5-cell Ni-Cd or Ni-MH battery which is being trickle 
charged (after being fully recharged) will read about 7V, 
which will produce the minimum power dissipation in resistor 
Rjr- 

DETAILS OF CIRCUIT FUNCTION (REFER TO Figure 1) 
The 3A of charging current provided by the fast-charger is 
obtained from an LM2576, which is a buck regulator that 
switches at 52 kHz. Because it is a switcher, it allows the 
user the option of using a wider input voltage range and still 
retaining high power conversion efficiency (about 80% @3A 
with V|N in the 10V-14V range). 

The LM2576 IC (U1) is used to provide a charging current 
that is independent of the battery voltage. Whenever the 
ON/OFF pin is held low, U1 will source current into the 
battery through D3. A current-control feedback loop is estab¬ 
lished using U5B, R12, and associated components. 

R12 is used as a current shunt, and it provides a voltage to 
the input of U5B that is proportional to the charging current. 
U5B functions as an amplifier with a gain of 8.5, which 
causes the output of U5B to be 1.23V when the current 
through R12 is about 2.9A. The 1.23V signal on the feed¬ 
back pin of U1 will “lock” the loop at this value of charging 
current. 

A fast-charge current value other than 2.9A can be set by 
adjusting the values of R7, R9, or R12. These values (which 
set the overall gain of the stage) should be adjusted so that 
the output of U5B is 1.23V at the desired amount of 
fast-charge current. 

AUTOMATIC SHUTDOWN AT FULL CHARGE 

The crucial part of fast charging a battery (especially if it is 
Ni-MH) is knowing when to stop. This design uses a AT 
detector that measures both the battery temperature and 
the ambient temperature, and shuts down the fast-charge 
current source when the battery is +10°C above ambient. 
This method is superior to techniques which sense only 
battery temperature. Single-ended temperature sensing may 
not accurately measure charge; a “cold” battery will have to 
heat up too much before the detection point is reached 
(overcharging it), while a “hot” battery will terminate charge 
long before full charge has been delivered to the battery 
(because its temperature starts out too near the detection 
level). 

Two LM35 temperature sensors (U3 and U4) provide output 
voltages of 10 mV/°C (proportional to their temperature). U3 
is used to measure the ambient, while U4 measures the 
battery temperature. 

Note: U4 must be in contact with the metal case of the 
battery to accurately measure its temperature. The plastic 
sleeve around the battery may have to be opened up to allow 
flush contact. Best results are obtained if the sensor is 
located between two batteries (touching both). 


Monitoring more than one battery virtually eliminates the 
possibility that the sensor happens to be reading a bad 
(shorted) cell which will not heat up and provide charge 
termination. In some laptops, multiple sensors are used so 
that all battery cells are monitored, with charge termination 
occurring when any cell temperature reaches the trip level. 
The 78L05 regulator (U2) is used to provide a 5V source to 
power the LM35 sensors and also acts as a reference point 
for resistive divider R2 and R3. Resistors R1 and R11 are 
used to sink current (since the LM35 can not). 

CONTROLLING THE FAST-CHARGE CURRENT 
SOURCE 

U5C acts as a comparator which controls the on/off pin of the 
high-current charging source (U1). When the output of U5C 
is low, the 3A current source is turned on. When the output of 
U5C IS high, U1 is turned off and LED1 is lit which indicates 
that the charger has completed the high-current charge 
phase and is now trickle charging. 

Hysteresis is built into U5C (see R13), which effectively 
“latches” the output of U5C high after it completes the 
fast-charge portion of the cycle (it stays latched until the 
input power is cycled on and off). Without hysteresis, the 
charger would again turn on the 3A charger after the 
fully-charged battery had cooled during trickle charging. 

DETECTING AN END-OF-CHARGE CONDITION 

The signals that are sent to U5C are derived from the 
temperature sensors. They cannot be compared directly, 
since detection must occur when the signal coming from U4 
(the battery sensor) is 100 mV above the signal coming from 
U3 (the ambient sensor). 

In this design, the signal from U3 is DC level shifted up about 
0.1 V by U5A and its associated components. R2 and R3 set 
a 0.1V reference point for U5A, whose output voltage is the 
voltage at the output of U3 added to the 0.1V reference. 
With the signal from U3 level shifted by an amount that is 
equal to 10°C, U5C can be used to compare the level-shifted 
signal from U3 to the signal from U4. When these two are 
equal, the temperature sensed by U4 (the battery) will be 
10°C above the temperature sensed by U3 (the ambient). 
This is the point where shutdown of the 3A charger occurs, 
and trickle charging continues. 

3A Battery Charger has 
Logic-Level Current Controls 

This design is a 3A battery charger with logic-level controls, 
allowing a logic controller to adjust the battery charging 
current to any one of four rates. The circuit was designed to 
implement pP-based charging control in a system that oper¬ 
ates from Ni-Cd or Ni-MH batteries. 

GENERAL DESCRIPTION 

The circuit shown in Figure f is a 3A (maximum) battery 
charger that uses a 52 kHz switching converter to step down 
the input DC voltage and regulate the charging current flow¬ 
ing into the battery. The switching regulator maintains good 
efficiency over a wide input voltage range, which allows the 
use of a cheap, poorly regulated “DC wall adaptor” for the 
input source. 

The key feature of this circuit is that it allows the pP controller 
inside the PC to select from one of four different charging 
currents by changing the logic levels at two bits. The various 
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3A Battery Charger has 
Logic-Level Current Controls 

(Continued) 

charge levels are necessary to accommodate both Ni-Cd 
and Ni-MH type batteries, as they require slightly different 
charge methods. 

Both Ni-Cd and Ni-MH batteries can be charged at the 
high-current “c” rate up until the end-of-charge limit is 
reached, but the two batteries must be trickle-charged differ¬ 
ently (trickle charging is a continuous, low-current charging 
rate that keeps the battery “topped off” after the high-current 
charge cycle has delivered about 95% of the battery’s total 
charge capacity). 

The recommended trickle-charge rate for a Ni-Cd is about 
c/10, but for Ni-MH most manufacturers recommend that the 
charge rate not exceed c/40. If a continuous charge rate 
greater than c/40 is applied to a Ni-MH battery, the internal 
pressure can build up to the point where the battery will vent 
hydrogen gas. This is detrimental to the life of the Ni-MH 
battery and potentially dangerous for the user (hydrogen gas 
is easily ignited). 

The circuit shown in Figure 2 was designed to charge a 
3A-hr Ni-Cd or Ni-MH battery with high efficiency, using 
logic-level signals to control the charging current. The four 
selectable charge rates are 3A, 0.75A, 0.3A, and 0.075A 
which correspond to charge rates of c, c/4, c/10, and c/40 for 
the 3A-hr battery used in this application. 

CIRCUIT OPERATION (REFER TO Figure 2) 

The unregulated DC input voltage is stepped down using an 
LM2576 3A buck regulator, providing up to 3A of current to 
charge the battery. 

In order to regulate the amount of charging current flowing 
into the battery, a current control loop is implemented using 
op-amp U2. The voltage drop across the sense resistor R8 
provides a voltage to U2 that is proportional to the charging 
current. 

Note: The 0.05Q value for R8 was specified by the customer 
in this application to minimize the power dissipated in this 


resistor. If a higher Ohmic value is used (more resistance), a 
larger sense voltage is developed and a less precise 
(cheaper) op-amp can be used at U2, since the input offset 
voltage would not be as critical (of course, increasing the 
value of R8 also increases its power dissipation). 

When the current-control loop is operating, the voltage at the 
feedback pin of U1 is held at 1.23V. The battery charging 
current that corresponds to this voltage is dependent on the 
overall gain of U2 and the attenuators made up of Q1, Q2 
and the resistors RIO, R11, R2 and R3. 

Turning Q1 on (by putting a “1” on logic input “A”) provides 
an increase of 4:1 in load current. The load current is higher 
with Q1 on because R2 and R3 divide down the output of U2 
by 4:1, requiring U2 to output a higher voltage to get the 
1.23V on the feedback line of U1. Higher voltage at the 
output of U2 means that more charging current is flowing 
through R8 (also the battery). 

The operation of Q2 is similar to Q1: when Q2 is turned on 
by putting a logic “1” on input “B”, the load current is in¬ 
creased by a factor of 10:1. This is because when Q2 is on, 
the sense voltage coming from R8 is divided down by RIO 
and R11, requiring ten times as much signal voltage across 
R8 to get the same voltage at the non-inverting input of U2. 
Although both attenuating dividers could have been placed 
on the input side of U2, putting the 4:1 divider at the output 
improves the accuracy and noise immunity of the amplifier 
U2 (because the voltage applied to the input of U2 is larger, 
this reduces the input-offset voltage error and switching 
noise degradation). 

R5, R6, and D2 are included to provide a voltage-control 
loop in the case where the battery is disconnected. These 
components prevent the voltage at the cathode side of D3 
from rising above about 8V when there is no path for the 
charging current to return (and the current control loop would 
not be operational). 

Capacitor C2 is included to filter some of the 52 kHz noise 
present on the control line coming from U2. Adding this 
component improved the accuracy of the measured charg¬ 
ing current on the breadboard (compared to the predicted 
design values). 
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3A Battery Charger has Logic-Level Current Controls (Continued) 



Notes (Unless Otherwise Specified) 


Note 1: All resistors are in O, 5% tolerance, V 4 W 


Note 2: All capacitors are in pF 

Note 3: Q1 and Q2 are made by SUPERTEX 

Note 4: For 3A current, U1 requires small heatsink (Rjh ^ 15”CA/V) 


BENCH TEST DATA 


Logic 

Input “A” 

Logic 

Input “B” 

Nominal Battery 
Charging 

Current (A) 

Measured Battery 
Charging Current (A) 
with V,N = 10V 

Power Conversion 

Efficiency (%) 
with V,N = 10V 

1 

1 

3.0 

(C RATE) 

3.06 

77 

0 

1 

0.75 

(CM RATE) 

0.78 

79 

1 

0 

0.30 

(C/10 RATE) 

0.30 


0 

0 

0.075 

(C/40 RATE) 

0.077 

_I 



FIGURE 2. 3A Battery Charger With Logic-Level Current Controls 
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Maximum Power 
Enhancement Techniques 
for Power Packages 

Introduction 

As packages become smaller, achieving efficient thermal 
performance for power applications requires that the design¬ 
ers employ new methods of meliorating the heat flow out of 
devices. Thus the purpose of this paper is to aid the user in 
maximizing the power handling capability of National Semi¬ 
conductor’s power packages by using the SOT-223 as an 
example. Ultimately the user may achieve improved compo¬ 
nent performance and higher circuit board packing density 
by using the thermal solution suggested below. 

In natural cooling, the method of improving power perfor¬ 
mance should be focused on the optimum design of copper 
mounting pads. The design should take into consideration 
the size of the copper and its placement on either or both of 
the board surfaces. A copper mounting pad is important 
because the substrate of the integrated circuit is mounted 
directly onto the pad. The pad acts as a heatsink to reduce 
thermal resistance and leads to improved power perfor¬ 
mance. 
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FIGURE 1. SOT-223 Package achieves junction-to-case 
thermal resistance Rqjc of 12°C/W. 

Theory 

When a device operates in a system under the steady-state 
condition, the maximum power dissipation is determined by 
the maximum junction temperature rating, the ambient tem¬ 
perature, and junction-to-ambient thermal resistance. 

PDMAX = (Tjmax “ Ta) ! f^ejA (1) 

The term junction refers to the point of thermal reference of 
the semiconductor. Equation (1) can also be applied to the 
transient-state: 


National Semiconductor 
Application Note 1028 


P DMAx(f) = [TjmAX ~ Ta] / RgJaO) (2) 

where PdmaxW ^nd RejA(t) are time dependent. By using 
the transient thermal resistance curves shown in the data 
sheet, a transient temperature change can be calculated. 
The transient thermal behavior is a complicated subject 
because RojaW increases non-linearly with time and the 
conditions of the power pulse. A more thorough treatment of 
transient power analysis is beyond the scope of this docu¬ 
ment and the reader can refer to [13] for details. 

Rqja has two distinct elements, Rqjc junction-to-case and 
Rqa case-to-ambient thermal resistance. 

Rgja = Rejc + RecA (3) 

The case thermal reference of the SOT-223 Power Package 
is defined as the point of contact between the lead of the 
package and the mounting surface. 

Rqca is influenced by many variables such as ambient tem¬ 
perature, board layout, and cooling method. Due to the lack 
of an industry standard, the value of Rqca is not easily 
defined and can affect Rqja significantly. In addition, the 
case reference may be defined differently by various manu¬ 
facturers. Under such conditions, it becomes difficult to de¬ 
fine RecA ^rom the component manufacturer standpoint. 

On the other hand, Rqjc is independent of users’ conditions 
and can be accurately measured by the component manu¬ 
facturer. 

Therefore, in this paper an effort has been made to define a 
procedure which can be used to quantify the 
junction-to-ambient thermal resistance Rqja which is more 
useful to the circuit board designer. 

Result 

The scope of the investigation has been limited to the size of 
copper mounting pad and its relative surface placement on 
the board. In still air with no heatsink, the application of these 
heat dissipation methods is the most cost effective thermal 
solution. A total of sixteen different combinations of 2 oz. 
copper pad sizes and their placement were designed to 
study their influence on Rqja thermal resistance. The con¬ 
figurations of the board layout are shown In Figure 2 and 
Table 1. Layouts 1 to 6 have the copper pad sizes from 
0.0123 to 1 square inches on the top side of the board (top 
side is defined as the component side of the board). Layouts 
7 to 11 have copper pad sizes from 0.2 to 1 square inches on 
the bottom side of the board. Layouts 12 to 16 have copper 
pad sizes from 0.132 to 1 square inches divided equally on 
both sides of the board. 
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Result (Continued) 


BOTTOM VIEW TOP VIEW 



FIGURE 2. Both Sides of the 4.5" x 5" SOT-223 Thermal Board. Complete scale drawings is shown in Appendix D. 


TABLE 1. Thermal Board Configurations 


Layout 

2 oz. Copper Mounting Pad Area (in^) 

Relative Placement on Board 

1-6 

0.0123, 0.066, 0.3, 0.53. 0.76, 1 

Top 

7-11 

0.2, 0.4, 0.6, 0.8, 1 

Bottom 

12-16 

0.132, 0.35, 0.568, 0.784, 1 

1/2 Top and Vz Bottom 


Rqja was calculated from the relationship between power 
and the change of junction temperature. If readers are inter¬ 
ested in the test conditions and method, they are encour¬ 
aged to refer to Appendix B for details. 
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FIGURE 3. SOT-223 Junction-to-Ambient Thermal 
Resistance versus Copper Mounting Pad Area and its 
Surface Piacement 

Plots in Figure 3 show the relationship of Rqja versus the 
copper mounting pad area and its surface placement on the 
board. It is apparent that increasing copper mounting pad 
area considerably lowers Rqja from approximately 110°C/W 
to 40°C/W in the range from 0.0123 to 1 square inches. In 
addition, placing all the copper on the top side of the board 
further reduces Rqja by 10°C/W to 15°C/W when compared 
with the other two placements. 


By substituting the thermal resistance, ambient temperature, 
and the maximum junction temperature rating into Equation 
(1), the steady-state maximum power dissipation curves can 
be obtained and are shown in Figure 4. 

A 18% increase in the power handling can be achieved by 
increasing the copper pad area on top of the board from 
0.0123 to 0.066 in.^, layout 2. This thermal pad fits directly 
under the package, so that no additional board space is 
required. For maximum performance, it is recommended to 
put extra copper on the bottom of the board connected to the 
top pad by through-hole thermal vias. 



2oz COPPER MOUNTING PAD AREA (?n ) 

20009403 

FIGURE 4. Maximum Power Dissipation Curves for 
SOT-223. 0.066 in.^ 2 oz. copper mounting pad area, 
Layout 2, is recommended to achieve approximately 
1.3W. 
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Conclusion 

National Semiconductor has attempted to define the thermal 
performance of the SOT-223 Power Package, from a sys¬ 
tems point of view. It has been demonstrated that significant 
thermal improvement can be achieved in the maximum 
power dissipation through the proper design of copper 
mounting pads on the circuit board. The results can be 
summarized as follows; 

• Enlarged copper mounting pads, on either one or both 
sides of the board, are effective in reducing the 
case-to-ambient thermal resistance Rgca- 

• Placement of the copper pads on the top side of the 
board gives the best thermal performance. 

• The most cost effective approach of designing layout 2: 
0.066 square inches copper pad directly under the pack¬ 
age, without occupying additional board space, can in¬ 
crease the maximum power from approximately 1.1W to 
1.3W. 

Appendix A 

HEAT FLOW THEORY APPLIED TO POWER DEVICES 

When a power device operates with an appreciable current, 
its junction temperature is elevated. It is important to quantify 
its thermal limits in order to achieve acceptable performance 


and reliability. This limit is determined by summing the indi¬ 
vidual parts consisting of a series of temperature rises from 
the semiconductor junction to the operating environment. A 
one dimensional steady-state model of conduction heat 
transfer is demonstrated in Figure 5. The heat generated at 
the device junction flows through the die to the die attach 
pad, through the lead frame to the surrounding case mate¬ 
rial, to the printed circuit board, and eventually to the ambi¬ 
ent environment. There are also secondary heat paths. One 
is from the package to the ambient air. Using a MOSFET 
device as an example, the other is from the drain lead frame 
to the detached source and gate leads then to the printed 
circuit board. These secondary heat paths are assumed to 
be negligible contributors to the heat flow in this analysis. 



RqjC (Component Variables) 


ReCA (Application Variables) 


■ Leadframe Size & Material 

■ No. of Conduction Pins 

■ Die Size 

■ Die Attach Material 

■ Molding Compound Size & Material 


■ Mounting Pad Size, Material, & Location 

■ Placement of Mounting Pad 

■ PCB Size & Material 

■ Traces Length & Width 

■ Adjacent Heat Sources 

■ Volume of Air 

■ Air Flow 

■ Ambient Temperature 

■ Shape of Mounting Pad 
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FIGURE 5. Cross-sectional view of a Power MOSFET mounted on a printed circuit board. Note that the case 
temperature is measured at the point where the drain lead(s) contact with the mounting pad surface. 


The increase of junction temperature above the surrounding 
environment is directly proportional to dissipated power and 
the thermal resistance. 

The steady-state junction-to-ambient thermal resistance, 
Rqja, is defined as 

RejA = (Tj-TA)/P 

where Tj is the average temperature of the device junction. 
The term junction refers to the point of thermal reference of 
the semiconductor device. Ta is the average temperature of 


the ambient environment. P is the power applied to the 
device which changes the junction temperature. 

Rqja is a function of the junction-to-case Rqjc and 
case-to-ambient Rqca thermal resistance. 

Rgja = Rejc + RecA 

where the case of a power MOSFET is defined at the point of 
contact between the drain lead(s) and the mounting pad 
surface. Rqjc can be controlled and measured by the com¬ 
ponent manufacturer independent of the application and 
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Appendix A (Continued) 

mounting method and is therefore the best means of com¬ 
paring various suppliers component specifications for ther¬ 
mal performance. On the other hand, it is difficult to quantify 
RecA due to heavy dependence on the application. Before 
using the data sheet thermal data, the user should always be 
aware of the test conditions and justify the compatibility in 
the application. 

Appendix B 

THERMAL MEASUREMENT 

Prior to any thermal measurement, a K factor must be de¬ 
termined. It is a linear factor related to the change of intrinsic 
diode voltage with respect to the change of junction tem¬ 
perature. From the slope of the curve shown in Figure 6, K 
factor can be determined. It is approximately 2.2 mV/°C for 
most Power MOSFET devices 



02 '-' 

25 50 75 100 125 150 


Temperature (°C) 

20009405 

FIGURE 6. K Factors, Slopes of a Vsd vs Temperature 
Curves, of a Typical Power MOSFET 

After the K factor calibration, the drain-source diode voltage 
of the device is measured prior to any heating. A pulse is 


then applied to the device and the drain-source diode volt¬ 
age is measured 30 ps following the end of the power pulse. 
From the change of the drain-source diode voltage, the K 
factor, input power, and the reference temperature, the time 
dependent single pulsed junction-to-reference thermal resis¬ 
tance can be calculated. From the single pulse curve on 
Figure 7, duty cycle curves can be determined. Note: a curve 
set in which Rqja is specified indicates that the part was 
characterized using the ambient as the thermal reference. 
The board layout specified in the data sheet notes will help 
determine the applicability of the curve set. 

B.1 JUNCTION-TO-AMBIENT THERMAL RESISTANCE 
MEASUREMENT 

Equipment and Setup: 

• Tesec DV240 Thermal Tester 

• 1 cubic foot still air environment 

• Thermal Test Board with 16 layouts defined by the size of 
the copper mounting pad and their relative surface place¬ 
ment. For layouts with copper on the top and bottom 
planes, there are 0.02 inch copper plated vias (heat 
pipes) connecting the two planes. See Figure 2 ar\6 Table 
1 on the thermal application note for board layout and 
description. The conductivity of the FR-4 PCB used is 
0.29 W/m-C. The length is 5.00 inches ± 0.005; width 
4 50 inches ± 0.005; and thickness 0.062 inches 
± 0.005. 2 oz. copper clad PCB. 

The junction-to-ambient thermal measurement was con¬ 
ducted in accordance with the requirements of MIL-STD-883 
and MIL-STD-750 with the exception of using 2 oz. copper 
and measuring diode current at 10 mA. 

A test device is soldered on the thermal test board with 
minimum soldering. The copper mounting pad reaches the 
remote connection points through fine traces. Jumpers are 
used to bridge to the edge card connector. The fine traces 
and jumpers do not contribute significant thermal dissipation 
but serve the purpose of electrical connections. Using the 
intrinsic diode voltage measurement described above, the 
junction-to-ambient thermal resistance can be calculated. 



, TIME (sec) 
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FIGURE 7. Normalized Transient Thermal Resistance Curves 
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Appendix B (Continued) 

B.2 JUNCTION-TO-CASE THERMAL RESISTANCE 
MEASUREMENT 

Equipment and Setup; 

• Tesec DV240 Thermal Tester 

• large aluminum heat sink 

• type-K thermocouple with FLUKE 52 K/J Thermometer 
The drain lead(s) is soldered on a 0.5 x 1.5 x 0.05 copper 
plate. The plate is mechanically clamped to a heat sink 
which is large enough to be considered ideal. Thermal 
grease is applied in-between the two planes to provide good 
thermal contact. Theoretically the case temperature should 
be held constant regardless of the conditions. Thus a ther¬ 
mocouple is used and fixed at the point of contact between 
the drain lead(s) and the copper plate surface, to account for 
any heatsink temperature change. Using the intrinsic diode 
voltage measurement described earlier, the junction-to-case 
thermal resistance can be obtained. A plot of 
junction-to-case thermal resistance for various packages is 
shown in Figure 8. Note Rejc can vary with die size and the 
effect is more prominent as Rqjc decreases. 


Junction-to-Case Thermal Resistance 
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FIGURE 8. Junction-to-Case Thermal Resistance Rejc 
of Various Surface Mount Packages 
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Appendix D (Continued) 


SOT-223 Thermal Board Bottom View In Actual Scale 
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Power Conversion in 
Line-Powered Equipment 


National Semiconductor 
Application Note 1061 
Jon Cronk 



Most equipment used in the office or home draws its power 
from the AC line. This line may be between 90 Vac-264 Vac 
and 47 Hz-63 Hz, depending on which portion of the world 
the equipment is located. However, the internal circuitry and 
motors rarely operate at these voltages. It now becomes 
necessary to provide Power Conversion within the equip¬ 
ment. This conversion means a power supply. 

The following examples will describe typical power needs 
within line powered equipment and methods to solve those 
power needs. Figure 1 shows an example of a power supply 
requirement for any given piece of line powered equipment. 
The AC input line must be converted by the power supply to 
provide three DC output voltages which are well regulated 
over input line and output load. Most circuitry requires low 
output ripple on its supply voltage. Output ripple is generally 
specified to be no more than 1% of the output voltage. 


The power conversion technique we will address includes a 
line transformer which provides safety isolation from the line 
voltage. The line transformer is the only portion of the power 
supply which needs to meet UL1950, CSA950, or EN60950 
(IEC950) standards. All voltages produced by the trans¬ 
former will be assumed to meet the requirements for SELV 
(Safe Extra Low Voltage) circuits. These transformers may 
be purchased as catalog items, or may be specified with 
custom requirements. 

The power supply following the isolation transformer (see 
Figure 2) can be easily designed using National Semicon¬ 
ductor’s Power ICs. Standard data sheets include design 
procedures and application hints on the use of all parts. 
Other parts will be supported with design software providing 
a complete solution. 






o 

1 

o 

1 

Power Supply | 


3 3V @ ±5% @ 1 OAdc 
5V @ ±5% @ 0 5Adc 
12V @ ±5% @ 0 25Adc 
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FIGURE 1. Typical Power Supply Requirement 



FIGURE 2. Power Supply Solution Using isolation Transformer and Low-Voltage DC/DC Converters 
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Converting Line Voitage to Safe Low Voitage 


108V-132V AC 
57 Hz-63 Hz 



20%-50% Output 
Voltage Tolerance 



Full Bridge 


Center-Tapped 
Full Bridge 


Half Bridge 
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FIGURE 3. AC Line Rectification Methods 


A line frequency transformer will be used to convert the 
hazardous line voltage to an isolated safe low voltage. One 
must understand the characteristics of low frequency line 
transformers to begin to design this type of power supply. 
Figure 3 shows three different rectification techniques to 
develop a basic DC voltage source. The first, Full Bridge, is 
most efficient in the transformer, but requires a four diode 
rectification bridge. The second, Center-Tapped Full Bridge, 
requires more turns of wire in the secondary, but saves two 
diodes. The output ripple on both Full Bridge designs is the 
same. The last. Half Bridge, is a low cost method best for low 
output power. The half bridge creates a DC bias on the 
winding and as a result should only be used for very low 
current outputs. A half bridge will also give higher output 
ripple. 

Output regulation is poor in a line transformer. If one as¬ 
sumes an ideal transformer, the regulation of the output will 
be no better than the input. Typical design requirements for 
input voltage is nominal ±10% (some require ±12.5%). In 
the case above, nominal is 120 Vaq. 


Given a line variation of 10%, the output voltage tolerance is 
no better than ±10%. Adding the resistance of the trans¬ 
former windings results in output voltage variation with load. 
The change in output voltage with load is a complex function. 
The definitive analysis can be found in a paper published by 
O.H. Shade in the July, 1943 Proceedings of the Institute of 
Radio Engineers entitled Analysis of Rectifier Operation. 
Although Shade used vacuum tube rectifiers, the analysis 
still holds true for modern diodes. In general, load regulation 
can vary from 10% to 40%. In the example above, the load 
regulation is 25%. 

The size of the transformer is a function of a number of 
items: output power, load regulation, efficiency, maximum 
allowable temperature rise, and cost (core material is the 
primary variable). 

Since the output voltages are poorly regulated, they can not 
be used as the output of the power supply. Additional regu¬ 
lation is necessary 
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Selecting the DC/DC Conversion Method 

3 Linear 3 Switching 1 Flyback 

Regulators Regulators Regulator 




FIGURE 4. DC/DC Converter Options 


As shown in Figure 4, there are generally three ways to 
provide the tightly regulated DC outputs required in this 
example. 

The first is using three linear regulators from three different 
transformer outputs. This is the lowest efficiency solution. 
However, it is also the easiest to design and has the lowest 
component count. This solution requires an output winding 
for each supply to obtain acceptable power loss in the linear 
regulators. 

The second is using three switching regulators (buck DC/ 
DC) from a single transformer output. This provides excellent 
efficiency. However, the design complexity increases slightly 
and component count may increase. This solution requires 
only a single poorly regulated output from the transformer. 
The third is a single flyback switching regulator. This also 
provides good efficiency, but is even more complex. The 
example above has no compelling reason to use a flyback 
regulator. A more appropriate set of requirements for this 
type of switching regulator will be presented later. 

The solution in Figure 5 shows how one would use linear 
regulators to obtain the desired regulated output voltages. 
The bulk capacitors across the rectified transformer windings 
may be reduced depending on the transformer being used. 
The linear regulators provide exceptional rejection of the 120 
Hz ripple voltage found at the output of the transformer as 
long as the voltage does not go below the dropout voltage of 
the linear regulator. The regulator output capacitors are se¬ 
lected using the Application Hints in the datasheet for each 
part. 

Each linear regulator must have a heat sink to prevent over 
heating. All calculations for power loss in the linear regula¬ 


tors will be performed at 132 V^c input to the transformer 
and full load on the outputs. This is the worst case condition. 
The power loss in the linear regulator can be described as: 

PLOSS = V|N X IqnD + (V|N “ Vqut) ^ II 

Where V,n is the average DC from the transformer, Iqnd's 
the ground pin current at full load (see data sheet), and l|_ is 
the output current. 

The LM3940 is the low dropout regulator chosen for the 3.3V 
output at 1 Adc- V|n is approximately 5.5 Vdc, and the 
calculated power loss is 2.8W (Iqnd = 110 mA). 

The LP2960 is the low dropout regulator chosen for the 5.0V 
output at 0.5 Adc- V|n is approximately 7.3 Vdc. and the 
calculated power loss is 1.3W (Iqnd = 21 mA, max). 

The LM2952 is the low dropout regulator chosen for the 12V 
output at 0.25 Adc- V|n is approximately 15.9 Vdc. and the 
calculated power loss is 1.3W (Iqnd = 21 mA, max). 

The total output power is 8.8W and the total power loss is 
5.4W. As a result, the line transformer must provide 14.2W. If 
lower cost non-LDO were used, there would be an additional 
3.8W loss (because of the higher input voltage required, 
countered by lower supply current). This would result in a 
27% increase in transformer size. 

If a simple transformer with a single winding was used with 
LDO regulators, the extra loss would be 14.9W. 12W of this 
would be the loss in the 3.3V regulator dropping the voltage 
down from a 14V winding! As a result, 3 windings are 
required. 
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Selecting the DC/DC Conversion Method (Continued) 



108V-132V AC 
57 Hz-63 Hz 



3.3V (a 1A 

33 


5V @ 0.5A 

10 /iF 


12V @ 0.25A 

2.2 AiF 
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FIGURE 5. Power Supply Solution Using Linear Regulators 



FIGURE 6. Power Supply Solution Using Step-Down Switching Regulators 


Figure 6 shows a solution using three switching regulators. 
The average voltage supplied by the line transformer Is 
14V-40V. This voltage represents a relaxation of the line 
transformer load regulation (from 25% to 40%) and can allow 
a smaller transtormer. Again, the size of the input capacitor 
may be reduced and 120 Hz ripple rejection is excellent. 
None of the switching regulators requires a heat sink given 
proper heat sinking to the PCB (Printed Circuit Board). 

The components are selected by a software design tool, 
Switchers Made Simple (ver. 4.2.1), which is available for 


use with SIMPLE SWITCHER DC/DC Converters. National’s 
WEB site at http://www.national.com/ is the best place to get 
a current version. 

The overall efficiency of this switching regulator solution is 
approximately 80%. Therefore, the line transformer only 
needs to provide 11W. By reducing the required power, line 
transformer used in this solution can be 22% smaller than 
that used in the previous linear regulator solution. Also, only 
one output winding is required, thus simplifying the trans¬ 
former manufacture. 
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Design for 3-Output Modem Power Supply 


The design of Figure 7, for a modem application, required a 
DC/DC converter that was easy to configure and had low 
power loss. The modem was external and required that all 
output voltages be generated from a single output on a plug 
in wall transformer. To meet these needs, a multi-output 
flyback switching regulator was used to regulate the voltage 


developed by the line transformer. Not only does the use of 
a switching regulator keep the power loss much lower than if 
a linear regulator were used, the flyback topology is well 
suited for providing negative voltages while using one of the 
positive outputs as the feedback point. 


- 5V @ 2A 

- 12V @ 0 25A 

-12V @ 0.175A 

01289607 

FIGURE 7. 3-Output Flyback Converter Provides Power for Modem 



The easiest way to develop such a DC/DC converter is to 
generate a SIMPLE SWITCHER converter design with the 
software tool “Switchers Made Simple”. The customer re¬ 
quirements were entered into the software and the resulting 
design is shown in Figure 8. This DC/DC convertor is ap¬ 
proximately 75% efficient. 

One important thing to note is that only the +5V output is 
directly regulated. The 12V and -12V outputs will vary over 
line and load much more than the 5V winding. For example, 


if the 5V winding only varies 1% over line and load, the 12V 
outputs may vary by 5%. This phenomenom is called 
“cross-regulation”. It is a function of the design of the flyback 
transformer and the line and load range on all the outputs. 
For more information on this subject, reference a paper 
published in the 1995 PCIM Proceedings entitled Improving 
Cross Regulation of Multiple Output Flyback Converters writ¬ 
ten by J. Marrero of National Semiconductor. 
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Design for 3-Output Modem Power Supply (Continued) 


Ui 

5.00A 

National 

LM2587T-5 

Ti 

(Software provides detailed specification ...) | 

C|N 

270.00 pF* 

Nichicon 

UPL1J271MRH 

C|N2 

100.00 nF 

AVX 

SR595C104KAA 

C0UTI 

2.70 mF (x3) 

Nichicon 

UPL1V272MRH 

CoUT2 

330.00 pF 

Nichicon 

UPL1V331MPH 

CoUT3 

270.00 pF 

Nichicon 

UPL1V271MPH 

Rc 

3.00 kW 

Dale 

CCF-07302J 

Cc 

330.00 nF 

AVX 

TAPA334K035R 

D1 

Schottky 

Motorola 

MBR745 

D2 

Schottky 

Motorola 

MBR1100 

D3 

Schottky 

Motorola 

MBR1100 

VZ 

20.00V 

Motorola 

SA20A 

Ds 

Ultrafast 

Motorola 

MUR120 


*May require a larger value if used as the bulk capacitor for the line transformer. 


FIGURE 9. Component Summary for the Circuit of Figure 8, as Generated by Switchers Made Simple 4.2 


Undervoltage Lockout 

Although the power supply is designed to operate properly 
over a given input voltage range, there is no guarantee that 
the line voltage available to the customer will always stay 
within that range. For over-voltage and transient conditions, 
we can protect our power supply and other internal circuitry 
by using a zener diode to clamp the input voltage. For brown 
out conditions we can use an undervoltage lockout circuit in 
conjunction with the shutdown pins on the Simple Switchers. 
The undervoltage lockout must have special features due to 
the load regulation of the 60 Hz transformer. If we were to set 
a fixed on/off voltage for the power supply the following 
sequence of events would occur; 

1. The input voltage falls below our minimum operating 
point (say 105 Vac)- 

2. The undervoltage circuit trips and turns off the power 
supply and equipment. 

3. The 60 Hz transformer is unloaded and the output volt¬ 
age jumps up above the on/off trip point. 

4. The power supplies try to start and pulls the output of the 
60 Hz transformer down again. 

5. Steps 2 through 4 repeat constantly causing the power 
supplies and equipment to oscillate on and off. 

The problem Is the difference between no-load and loaded 
output voltage of the 60 Hz transformer. Our undervoltage 
lockout must be able to turn on the power supplies once the 
input voltage Is within our operating range (about 108 Vac)- 


But, once the supplies turn on, recognize that the output 
voltage will be pulled down, and not turn off until the input 
falls below our operating minimum (about 100 Vac)- 
By using an undervoltage circuit with hysteresis (illustrated 
in Figure 10), we can prevent the power supply from oscil¬ 
lating on and off. 

V(turn on) 'S the no load voltage from the transformer. This is 
very close to 

108. 

Np 

V(tum off) is the full load voltage from the transformer at 100 
Vac- This value is very sensitive to the load conditions for 
each design, and should be measured on the bench during 
design. 

AV is the difference between these two voltages, and is the 
value we will use for the undervoltage lockout hysteresis. 
The schematic and equations of Figure 11 will provide a 
hysteretic undervoltage lockout circuit design. Some as¬ 
sumptions have been made to simplify the equations, prima¬ 
rily that Rh ^ Ri and Rg. Also, the current through R-, and R 2 
should be at least 10 times greater than the input current to 
the comparator. The LM6511 input current is typically less 
than 50 nA (datasheet maximum over all conditions is 200 
nA which occurs at -40°C). 
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Undervoltage Lockout (Continued) 




• V(turn on) = No load voltage from transformer @108 V^c 

• V(turn off) = Full load voltage from transformer @100 Vac 

• AV = V(turn on) " V(turn off). Hysteresis 

FIGURE 10. Hysteresis Controls Turn-on and Turn-off Thresholds of Undervoltage Circuit 



FIGURE 11. Undervoltage Lockout Circuit with Hysteresis 
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Undervoltage Lockout (Continued) 

Once the circuit has been incorporated with the complete 
power supply and powered circuitry, the values of R^, Ri, 
and R 2 can be optimized. 

Make sure to check that the regulator you are using turns on 
by grounding the on/off pin. Some regulators turn off when 
grounding this pin. If the logic needs to be inverted, just swap 
the inputs to the comparator. 

Comparison of Power Supply 
Solutions 


Linear Regulators 

Switching Regulators 

No EMI from power supply 

Smaller line transformer 

• Lower power 

• One winding 

• Poorer regulation okay 

Fewer components in 
converter 

One diode bridge and bulk 
capacitor required 

Typically lower cost 

No heat sinks* 


*Small heat sinks may be required at higher ambient temperature or output 
power levels 


FIGURE 12. Linear Regulator Solutions vs Switching 
Regulator Solutions 

As indicated in Figure 12, each type of regulator has its own 
strengths and weaknesses. 

The linear regulator provides a fast simple solution. Overall, 
the linear regulator will be the lowest cost solution. The 
drawbacks are a complicated line transformer with multiple 
output windings, low efficiency, and heat sinks to dissipate 
the power lost in the regulator. 

A multi-output line transformer, with output voltages close to 
the desired levels, can be used with low-dropout linear regu¬ 
lators on each output. This yields a low-component-count 
power supply. 

These LDOs may include: 

• LP2980/2 for <50 mA loads 

• LP2950/51/81 for <100 mA loads 

• LP2952/53/54/57 for <250 mA loads 

• LP2960 for <500 mA loads 


• LM3940 for <1 Amp loads 

Switching regulators provide a more efficient solution at the 
expense of slightly greater complexity. The line transformer 
can be less expensive than that used for the linear regulator. 
One benefit of higher efficiency is the ability to omit heat 
sinks unless the ambient temperature is very high (>50°C at 
rated current). In some cases the cost of adding a heat sink 
to a linear regulator is more than a switching regulator. 

A single-output line transformer can be used with multiple 
buck regulators. This yields a high-efficiency power supply 
with independent control of each output. Or, you could use a 
single multi-output flyback switching regulator. This yields a 
relatively simple, high-efficiency supply. 

One issue which may arise is EMI from the switching regu¬ 
lators getting back into the AC line. Linear regulators do not 
generate any EMI. Switching regulators may require a filter 
stage at the output of the line transformer if the bulk capaci¬ 
tor does not provide sufficient attenuation at the switching 
frequency. 

While new requirements for harmonic content and power 
factor correction (PFC) are being put in place in Europe, they 
will not be required on the sub-50W power supplies we are 
discussing here. Power supplies above 75W input power will 
require input stages to limit harmonic distortion. All line fre¬ 
quency transformers feeding into an output rectifier and bulk 
capacitor have distorted input currents. For this reason, 
none of the solutions here are intended to address these 
requirements. 

Simple Switcher Converters 

While there are many types of DC/DC voltage converters on 
the market, there are few that combine the ease-of-use and 
adaptability of the SIMPLE SWITCHER DC/DC converters. 
See Figure 13 for a selection guide of these converters. 
SIMPLE SWITCHER products offer guaranteed system 
specifications, such as maximum output voltage tolerance, 
not just the tolerance of a subsection of the integrated circuit. 
In addition, a SIMPLE SWITCHER is easy to configure, with 
a variety of standard output voltages available. A few exter¬ 
nal components are required, and they are fully specified in 
the product documentation. Components which may be un¬ 
familiar to the system designer, such as magnetics, are 
available as standard part numbers from other vendors. 
“Switchers Made Simple” design software is also available, 
to customize a SIMPLE SWITCHER converter for a specific 
application. 

See our WEB site at http://www.national.com/sw/ 
SimpleSwitcher/0,1043,0,00.html (Feb. 20, 1998). 
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Simple Switcher Converters (Continued) 


Buck 

Converters 

Switching 

Frequency 

Output 

Current 

input Voltage 
Range 

Features 

LM2825 

150 kHz 

1.0A 

4.75 Vdc-40 Vdc 

Fully integrated DC/DC Convertor 1C in a 24-pin DIP 
requiring no external components with TTL on/off and 
soft-start 

LM2671 

260 kHz 

0.5A 

7 Vpc-40 Vdc 

High efficiency, SO-8, sync to 400 kHz, softstart, TTL 
on/off 

LM2672 

260 kHz 

1.0A 

7 Vdc~40 Vqq 

High efficiency, SO-8, sync to 400 kHz, softstart, TTL 
on/off 

LM2674 

260 kHz 

0.5A 

7 Vdc-40 Vdc 

High efficiency, SO-8, TTL on/off 

LM2675 

260 kHz 

1.0A 

7 Vdc-40 Vdc 

High efficiency, SO-8, TTL on/off 

LM267X 

260 kHz 

3.0A, 5.0A 

7 Vdc-40 Vdc 

Future products, check for availability 

LM2594 

150 kHz 

0.5A 

5 Vdc—40 ^dc 

SO-8, TTL on/off 

LM2595 

150 kHz 

1.0A 

5 Vdc-40 Vdc 

TTL on/off 

LM2596 

150 kHz 

3.0A 

5 Vdc—40 Vdc 

TTL on/off 

LM2597 

150 kHz 

0.5A 

5 Vdc-40 Vdc 

SO-8, Soft-start, pP reset and error flag, TTL on/off 

LM2598 

150 kHz 

1.0A 

5 Vdc-40 Vdc 

Soft-start, pP reset and error flag, TTL on/off 

LM2599 

150 kHz 

3.0A 

5 Vdc-40 Vdc 

Soft-start, pP reset/error flag, TTL on/off 

LM2574 

LM2574HV 

52 kHz 

0.5A 

^ Vdc—40 Vdc 

7 Vdc-60 Vdc 

TTL on/off 

LM2575 

LM2575HV 

52 kHz 

1.0A 

7 Vdc-40 Vdc 

7 Vdc-60 Vdc 

TTL on/off 

LM2576 

LM2576HV 

52 kHz 

3.0A 

7 Vdc-40 Vdc 

7 Vdc-60 Vdc 

TTL on/off 

Flyback 

or Boost 

Converters 


Switch 

Current 



LM2585 

100 kHz 

3.0A 

4 Vdc-40 Vdc 


LM2586 

100 kHz 

3.0A 

4 Vdc-40 Vdc 

Synch, on/off, freq. adj to 200 kHz 

LM2587 

100 kHz 

5.0A 

4 Vdc-40 Vdc 


LM2588 

100 kHz 

5.0A 

4 Vdc-40 Vdc 

Synch, on/off, freq. adj to 200 kHz 

LM2577 

52 kHz 

3.0A 

4 Vdc-40 Vdc 



FIGURE 13. SIMPLE SWITCHER® Power Converters 
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Low Cost Boost 
Converters Using LM3578A 


National Semiconductor 
Application Note 1066 
Ravindra Ambatipudi 



Abstract 

The LM3578A integrated circuit is a switching regulator with 
all the power, control, and protection features. It operates 
over a wide input voltage range. This together with its low- 
cost makes it a very popular choice for use in switching 
regulators. This paper will present several low cost boost 
converter circuits developed using the LM3578A switching 
regulator. The operation and the design of the boost con¬ 
verter will also be discussed in detail. 

Introduction 

The Boost or Step-up converter converts a DC voltage to a 
higher DC voltage. Figure 1 shows the basic boost topology. 
When the switch SW is turned on, energy is stored in the 
inductor L and the inductor current 4 ramps up at a slope 
determined by the input voltage. Diode D is off during this 
period. Once the switch, SW, turns off, diode D starts to 
conduct and the energy stored in the inductor is released to 
the load. Current in the inductor ramps down at a slope 
determined by the difference between the input and output 
voltages. 


MODES OF OPERATION 

Based on the amount of energy that is delivered to the load 
during each switching period, the boost converter can be 
classified into continuous or discontinuous conduction mode. 
If all the energy stored in the inductor is delivered to the load 
during each switching cycle, the mode of operation is clas¬ 
sified as discontinuous conduction mode (DCM). In this 
mode, the inductor current ramps down all the way to zero 
during the switch off-time. If only part of the energy is deliv¬ 
ered to the load, then the converter is said to be operating in 
continuous conduction mode (CCM). Figure 2 shows the 
inductor current waveforms for all the modes of operation. 
The mode of operation is a fundamental factor in determin¬ 
ing the electrical characteristics of the converter. The char¬ 
acteristics vary significantly from one mode to the other. 




CCM 


DCM 


Boundary Condition 


01292802 


FIGURE 2. Inductor Current f/J Waveforms 
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Introduction (Continued) 

CONTINUOUS VERSUS DISCONTINUOUS MODE 

Both modes of operation have advantages and disadvan¬ 
tages. The mam disadvantage in using CCM is the inherent 
stability problems (caused by the right-half-plane zero and 
the double pole in the small-signal control to output voltage 
transfer function). However, the switch and output diode 
peak currents are larger when the converter is operating in 
discontinuous mode. Larger peak currents necessitate using 
power switch and output diode with larger current and power 
dissipation ratings. Larger peak currents also force the de¬ 
signer to use larger output capacitors. The larger peak cur¬ 
rents also cause greater EMI/RFI problems. 

The mode of operation can be selected by the user. For very 
low load currents, discontinuous mode is preferred over 
continuous mode. If the load current requirements are high, 
then in order to minimize the peak currents and the associ¬ 
ated problems, continuous mode is preferred. Two of the 
circuits presented in Section 3 have very low load current 
requirements. Hence, they have been selected to operate in 
discontinuous mode. The third circuit has very high peak 
current requirements and is selected to operate in continu¬ 
ous mode. 

Selection of Boost Power Stage 
Components 

The boost converter design involves the selection of the 
inductor, the input and output capacitors, the power switch 
(included in the LM3578A), and the output diode. In order to 
select these components, it is necessary to know the duty 
cycle range and the peak currents. 

Knowing the maximum and minimum input voltages, the 
output voltage, and the voltage drops across the output 
diode and the switch, the maximum and minimum duty 
cycles are calculated. Next, the average inductor current can 
be estimated from the load current and duty cycle. Now, 
assuming the peak to peak inductor current ripple to be 
certain percentage of the average inductor current ripple, the 
peak inductor current can be estimated. The inductor value 
can be calculated using the ripple current, switching fre¬ 
quency, input voltage, and duty cycle information. Finally, it is 
necessary to establish the boundary condition, i.e. the criti¬ 
cal value of the inductor below which the converter will 
operate in discontinuous mode. 

Once the inductor value has been chosen and the peak 
currents have been established, the other components can 
be selected very easily. The following paragraphs outline the 
selection of the boost power stage components, in a step by 
step approach. 


^ (^0 " - ^inM) 

( 2 ) 

In Equations (1), (2), Vq is the output voltage, is the 
forward voltage drop of the output diode D, and Vcersa/; 'S the 
on state voltage of the switch, SW. V,n(max) and V,n(min) are 
the maximum and minimum input voltages respectively. 
STEP 2: The average inductor current (maximum) can be 
calculated using the output current, as follows: 

; - 

(3) 

STEP 3: Assume the peak to peak inductor current ripple, A4 
to be a certain percentage of the average inductor current 
calculated in Equation (3). The peak inductor current is then 
given by 


'p - 'L(avg) + 2 


(4) 


STEP 4: Knowing the switching frequency, 4 the required 
inductance value can be selected using the equation: 


_ {^in(min) ~ '^ce(sai)) ^max 
^(min) - — 

(5) 

STEP 5: Calculate the boundary condition, i.e., the minimum 
inductance required to operate the inductor in continuous 
mode. 

At the boundary between CCM and DCM modes of opera¬ 
tion, the peak inductor current. Ip is same as the peak to 
peak inductor current ripple, A^, as shown in Figure 2. 
Hence, the average inductor current is given by: 


k(avg) ■ 

Using Equations (3), (6) 


'p = 


( 6 ) 


(7) 


The critical value of the inductance to maintain the converter 
in continuous mode of operation, derived from Equations (5), 
(7) is given by: 


SELECTION OF THE BOOST INDUCTOR 

STEP 1: Given the maximum and minimum input voltages, 
the maximum and minimum duty cycles can calculated using 
the following equations: 


D 


max 


{^0 ^ 

{^0 " - Usao) 


( 1 ) 


_ {yin(min) ^cefsao) ^max 0 ^max) 
‘-(crit) - 

( 8 ) 

Using an inductance value lower than the critical value will 
result in discontinuous mode of operation. It can also be 
observed from Equations (5), (8) that increasing the switch¬ 
ing frequency helps in reducing the size of the inductor. 


10-101 


www.national.com 


AN-1066 




AN-1066 


Selection of Boost Power Stage 
Components (Continued) 

SELECTION OF POWER SWITCH 

The power switch is internal to the LM3578A. In general, it 
is necessary to ensure that the estimated peak switch cur¬ 
rent (which is nothing but the peak inductor current, Ip cal¬ 
culated above) does not exceed the rated current of the 
switch. It is also necessary to ensure that the off-state volt¬ 
age rating of the switch is never exceeded. The internal 
transistor in the LM3578A switching regulator is rated for a 
peak current of 750 mA. The off-state sustaining voltage of 
the internal transistor is 50V. 

SELECTION OF THE OUTPUT CAPACITOR 

In the boost converter, the instantaneous value of currents 
entering and exiting the output capacitor is very high, since 
there is no inductive element between the output diode and 
the capacitor. This high current flows through the equivalent 
series resistance (ESR) and equivalent series inductance 
(ESL) of the capacitor. ESR increases the capacitor tem¬ 
perature and increases ripple voltage. ESL adds sharp 
spikes to the ripple voltage waveform. Hence, it is desired to 
use output capacitors with very low ESR and ESL. 

The peak to peak output ripple voltage, AVq, is given by 

AW _ ^omaxi} ^min) , , n 

( 9 ) 

where lomax is the maximum output current. The output 
capacitor, Cq can be selected using Equation (9). It should 
be noted that the ripple voltage due to the ESR, (Rear) is 
dominant in Equation (9). Also, ESL will add sharp spikes 
over the ripple voltage given by Equation (9). The ESR of the 
selected capacitor can be determined from the manufacturer 
catalogs or by actual bench measurement. If the value of the 
ripple exceeds the desired ripple voltage, then there are two 
choices- paralleling two or more capacitors to lower the 
effective ESR and ESL, or using a secondary LC filter. In 
general, low values of ESR are achieved by using large 
value capacitors or by paralleling smaller value capacitors. 
(Note: Tantalum capacitors are known to have very low ESR. 
But they are expensive when compared to electrolytic ca¬ 
pacitors.) 

SELECTION OF THE INPUT CAPACITOR 

In boost switching regulators, triangular ripple current is 
drawn from the supply voltage due to the switching action. 
This appears as noise on the input line. This problem is less 
severe in boost converter due to the presence of inductor In 
series with input line. Select the input capacitor for 


'rms ^ 

( 10 ) 

From Equation (10), it can be observed that the rms current 
value is very low. Hence, a very small value capacitor is 
sufficient for boost converters. 


SELECTION OF THE OUTPUT DIODE 

As in all switching power supplies, two factors govern the 
choice of output rectifier—the forward voltage drop, Vp, and 
the reverse recovery time, t^r Vp determines the forward 
conduction loss and should be as low as possible. The 
reverse recovery time of the diode (and also the forward 
recovery time) should be as low as possible for minimizing 
the switching losses and RFI problems. Schottky rectifiers 
have very low forward voltage drops and reverse recovery 
times. 

The maximum reverse bias voltage on the output rectifier is 
given by: 

Vr=V,-V,,(sat) ( 11 ) 

Select a Schottky diode satisfying the reverse voltage and 
peak current ratings given by Equations (4), (11) respec¬ 
tively. 

Low Cost Boost Converters 

This section will present several low-cost boost circuits 
based on the LM3578A switching regulator. The LM3578A 1C 
is a switching regulator featuring an internal comparator, 
oscillator, protection circuitry and a transistor. This 1C oper¬ 
ates from supply voltages ranging from 2V to 40V. This wide 
supply voltage range, together with its low cost makes it very 
popular. The transistor internal to LM3578A can handle cur¬ 
rents only up to 750 mA. However, for higher load current 
requirements, this internal transistor can be used to drive an 
external transistor with higher current rating such as the npn 
transistor, D44C3A. 

VOLTAGE DOUBLER CIRCUIT 

Figure 3 shows a low-cost voltage doubler circuit used typi¬ 
cally in the RF card of a cabie modem. This converter uses 
the LM3578A switching regulator for performing the required 
power conversion. The inductor and other power stage com¬ 
ponents are selected using the procedure discussed in Sec¬ 
tion 2. The converter specifications are as follows: 

Input Voltage, V,n = 12V 
Output Voltage Vqut = 24V 
Load Current II = 10 mA (max.) 

Switching Frequency, fs = 100 kHz 
Since the load current requirements are very low, this con¬ 
verter is chosen to operate in discontinuous conduction 
mode. The output voltage is maintained at 24V by the feed¬ 
back network consisting of the resistors, Rf^ and Rfg. The 
reference pin (pin 1) is set at IV using these resistors. 
Capacitor C|n 2 is needed to ensure low noise at the input. 
The switching frequency is set by using the timing capacitor 
Cy. Choosing a value of 680 pF for Cj sets the switching 
frequency at 100 kHz. Capacitor Ci (typically between 
10-25 pF), together with the feedback resistors (Rpi and 
Rpg), is used for compensation. For more details on the 
choice of the above components, please refer to the data 
sheet for LM3578A. 


WWW. national com 


10-102 




Low Cost Boost Converters (Continued) 



Parts List 


Designator 

Value/Rating 

Description 

IC1 

— 

LM3578M, Switching Regulator 

D 

40V, 0.5A 

MBR0540T1, Output Diode 

L 

470 pH, 60 mA 

Boost Inductor 

C|N1 

47 pF, 16V 

Input Capacitor 

ClN2 

0.1 pF, 50V 

Input Capacitor (Ceramic) 

^OUT 

22 pF, 35V 

Output Capacitor 

Rf1 

100 k 

Feedback Resistor 

Rf2 

5k 

Feedback Resistor 

Cf 

22 pF 

Feedback Capacitor 

Ct 

680 pF 

Timing Capacitor, Sets the Switching Frequency 


BOOST CONVERTER FOR WIDE BAND TUNERS 

Figure 4 shows a 5V to 27V boost converter used typically to 
create a high voltage for wide band tuners. Wide band cable 
and DSS tuners require about 27V at 5 mA load current to 
bias the VCO varactor. The converter specifications are as 
follows: 

Input Voltage, V|n = 5V 
Output Voltage, Vqut = 27V 
Load Current II = 20 mA (max.) 

Switching Frequency, fg = 90 kHz 
Input Ripple Voltage: 17 mV 


Output Ripple Voltage: 58 mV 

The design of this circuit is very straightforward and is very 
similar to the design of the voltage doubler circuit discussed 
above. As in previous case, since the load current require¬ 
ments are very low, this converter is chosen to operate in 
discontinuous conduction mode. The feedback resistors 
(Rfi and Rps). the timing capacitor, Cj and the compensa¬ 
tion capacitor, Cc are chosen in the same way. In order to 
ensure low noise at the input, it is essential to add a high- 
frequency ceramic capacitor C,n 2 at the input rail, as shown 
in Figure 4. 
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Low Cost Boost Converters (Continued) 


T 


^IN2 ^ 


f 


5k' 22 PF- 


IC1 

LM3578A 


820 pF ■ 




X. 


iL 

I 100 


5V(±5%) 


■ ^INI 
' 47 //F 




MBR0540T1 


Vq (27V, 20 mA) 

—O 


’ 22 /iF, 35V 


FIGURE 4. 


Parts List 


Designator 

Value/Rating 

Description 

IC1 

— 

LM3578M, Switching Regulator 

D 

40V, 0.5A 

MBR0540T1, Output Diode 

L 

100 pH, 100 mA 

Boost Inductor 

C|N1 

47 pF, 10V 

Input Capacitor 

C|N2 

0.1 pF, 10V 

Input Capacitor (Ceramic) 

Cqut 

22 pF, 35V 

Output Capacitor 

Rfi 

130k 

Feedback Resistor 

Rf2 

5k 

Feedback Resistor 

Cf 

22 pF 

Feedback Capacitor 


820 pF 

Timing Capacitor, Sets the Switching Frequency 


LOW COST BOOST CIRCUIT FOR I/O CARDS 

Figure 5 shows a low cost boost converter which converts a 
3.3V input to 5V at 600 mA load current. This circuit is 
typically used in I/O cards. 

Converter Specifications: 

Input Voltage, V.^ = 3.3V (±10%) 

Output Voltage = 5V (±5%) 

Output Current = 0 mA-600 mA 
Efficiency = 80% 

The maximum and minimum duty cycles calculated using 
Equations (1), (2) are equal to 0.52 and 0.4 respectively. 
The average inductor current calculated using Equation (3) 
is: 


_ ^o(max) 


0.6 

1 - 0.52 


1.25A 


Assuming the peak to peak ripple current to be 50% of the 
average inductor current, the peak current calculated using 
Equation (4) is equal to: 


k(peak) - k(avg) + _ 1563 ^^ 

The peak current calculated above is very much higher than 
the rated current of the internal switch in the LM3578A. 
Hence, it is necessary to use an external transistor or a FET. 
The selected external switch shouid be capable of handling 
the high peak currents. The internal transistor in LM3578A 
can handle up to 750 mA. So the current gain of the external 
transistor should be sufficient at the peak primary current. 
The off state voltage rating, Vce, of the transistor should be 
at least 10V. One npn transistor meeting these requirements 
is D44C3A. The current gain (hfj of this transistor at the 
peak current of 1.563A is about 50. So the maximum current 
that the internal transistor needs to provide is equal to 
1.563/50 = 31 mA, which is very much less than the rated 
current of the internal transistor. 

The circuit shown in Figure 5 performs the required conver¬ 
sion using LM3578A and D44C3A npn transistor. The power 
stage components are selected using the procedure dis¬ 
cussed in Section 2. From the above calculations, it can be 
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Low Cost Boost Converters 

(Continued) 

seen that the peak current requirements are very high. 
Hence, this converter is chosen to operate in continuous 
conduction mode. The boost converter operating in continu¬ 
ous mode has inherent stability problems (due to the right 
half plane zero and the double pole in the small-signal 
control to output transfer function). Hence, additional com¬ 
pensation is needed in the control loop. This additional com¬ 
pensation is provided by the capacitor Cd (typically around 
1 nF) and the resistor Rd (typically between 100k and 
200 k). 

The current limiting in this circuit is activated whenever pin 7 
is pulled 110 mV above the ground. The voltage across the 
current sense resistor, is sensed in order to prevent 
excessive current through the external switch. The value of 
Rgn is given by: 


( 12 ) 

where 4^ is the desired current limit set point. As an ex¬ 
ample, for the circuit shown in Figure 5, the peak switch 
current calculated above is 1.563A. Hence, if the desired 
current, //,^ is set at 2A, then the value of the current-sense 
resistor will be Rg^ = 0.110/2 = 0.055Q. 

For cost reasons, the current-sense resistor can also be 
fabricated on a copper trace. Reference[1] describes the 
procedure for calculating the trace length and width. 



Parts List 


Designator 

Value/Rati ng 

Description 

IC1 

— 

LM3578A Switching Regulator 

Qi 

5A, 30V 

D44C3A, NPM Transistor 

Di 

1A, 40V 

Diode, 1N5819 

L 

Lp-33 pH, lp-2.0A 

Inductor 

C.n 

220 pF, 6.3V 

Input Capacitor 

Co 

2 X 220 pF, 10V 

Output Capacitor 

Rsn 

o.oson, 1W 

Current Sense Resistor/Copper Trace 

Rfi 

40.06k, 1/4W 

Feedback Resistor 

Rf2 

10k, 1/4W 

Feedback Resistor 

RcU 

IQ, 1/4W 

Base Drive Resistor 
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Low Cost Boost Converters (Continued) 

Parts List (Continued) 


Designator 

Value/Rating 

Description 

Rd2 

200Q, 1/4W 

Base Drive Resistor 

Rf 

20Q0a, 1/4W 

Resistor for Spike Suppression 

Cf 

1 nF 

Capacitor for Spike Suppression 

Ct 

820 pF 

Timing Capacitor 

Cc 

22 pF 

Compensation Capacitor 

Cc1 

1 nF 

Compensation Capacitor 

Rci 

140k 

Compensation Capacitor 


Summary 

This paper has presented several low cost boost converters, 
designed using the LM3578A switching regulator. The cir¬ 
cuits can be used in many different applications. The parts 
list has been provided for these circuits. Recommended 
layouts for these circuits have been presented in the appen¬ 
dix. 

Layout is very critical in these circuits. Pins 1, 2, and 7 of 
LM3578A are very noise sensitive. So these pins should be 
placed away from high frequency noise sources in the cir¬ 
cuit. It is also necessary to have the feedback trace away 
from the inductor. In order to avoid false triggering of current 
limiting circuitry, filtering is very much essential for the 
sensed current. It is also important to note that the current 
sense voltage shut down level has very high tolerance. The 
voltage can vary from 80 mV to 160 mV (typical value is 
100 mV). This factor should be taken into consideration 
while selecting the current sense resistor. 


The compensation capacitor, Cc connected between pins 1 
and 3 should be typically between 10 to 25 pF. Using a larger 
value for Cc will start effecting the switching frequency. It is 
also necessary to note that LM3578A can skip pulses at very 
low load currents when the minimum duty cycle of each 
pulse provides more energy than the load demands. Under 
these conditions, the controller internal to the LM3578A 
starts skipping pulses to maintain the output voltage at its 
correct value. This mode of operation is also known as burst 
mode. 

Although only three boost circuits have been presented, the 
design approach for other voltage and current levels is the 
same. 
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Appendix 





sn7looi8_c; 


FIGURE 6. PCB Layout for the Circuits Shown in Figures 3, 4 (Scale: 2:1) 







NSC 

LM3578A 

SN/L0023A 


Note: Copper trace is used as current sense resistor 


FIGURE 7. PCB Layout for the Circuit Shown in Figure 5 (Scale: 2:1) 
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A Low Cost, Low 
Parts-Count DC/DC 
Converter with Multiple 
Outputs 
Introduction 

This application note describes a simple low cost, low parts- 
count multiple output DC/DC converter based on the 
LM2596 five terminal step-down switching regulator. The 
circuit described provides multiple output voltages (positive 
and negative) with good regulation using a step-down con¬ 
verter circuit with flyback windings. It uses only one switch¬ 
ing regulator IC. 

Performance 


National Semiconductor 
Application Note 1081 
Musiri Srivathsan 



are regulated with ±5% accuracy over line and load varia¬ 
tions. The +12V and -12V outputs are regulated with ±20% 
accuracy. A typical application of this circuit is where the 
3.3V output provides the power to the main circuit which is 
3.3V logic, the ±5V outputs power the 5V logic and ±12V 
outputs provide the bias supply of op-amps. 

The efficiency of the circuit with full load at all outputs is 75%. 
The ripple voltage across the 3.3V output is less than 20 mV 
and that across the ±12V outputs is less than 30 mV. The 
ripple across the ±5V is less than 10 mV. 


The circuit has an input voltage range of 15V to 40V. It has 5 
outputs: 3.3V at 1.5A; +12V and -12V at 50 mA each; and 
+5V and -5V at 50 mAeach. The 3.3V, +5V and -5V outputs 


Schematic and Parts List 

Figure 1 shows the schematic of the circuit. 



The parts list for the circuit is: 

Cin : 220 pF, 50V, Nichicon UPL1H221MPH, 
Cl: 270 pF, 63V, Nichicon UPL1J271MRH, 

C2, C3: 47 pF, 35V, Nichicon UPL1V470MPH, 
D1: MBR360, 

D2, D3: 1N459, 

C4, C5: 0.01 pF, 


IC1: LM2596-3.3 (SIMPLE SWITCHER® Step-Down Voltage 
Regulator), 

IC2, IC3: LM78L05, and LM79L05. (3-Terminal Regulators), 
LI: Custom Inductor with three windings (W1, W2 and W3) 
with the following specs: 

W1: 47 pH; Peak Current: 2.6A, RMS Current == 2.32A 
W2: Number of turns = 3.4 x Number of turns in W1; RMS 
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Schematic and Parts List (continued) step 2 : design of li and flyback outputs 


Current; 113 mA 
W3: Same as W2. 

Circuit Operation 

The circuit operates as a standard step-down (buck) switch¬ 
ing regulator, except for the flyback windings (W2, W3). The 
flyback windings conduct current during the on-period of D1 
and supply the 3-terminal regulators (IC2 and IC3). C2 and 
C3 should be of high enough value to smooth out the high 
ripple due to the flyback action of W2 and W3. The flyback 
windings supply the -I-12V and -12V outputs with ±20% 
accuracy. The 3-terminal regulators are used to provide +5V 
and -5V with ±5% accuracy. The LM2596 regulates the 
main output (3.3V) by standard step-down action. 

Design 

STEP 1: DESIGN OF STEP-DOWN REGULATOR FOR 
THE MAIN (3.3V) OUTPUT 

This can be done using the Switchers Made Simple software 
by National Semiconductor. The following values (under¬ 
lined) are entered into the software: 

V|N(min): 15V 
V|N(max): 40V 
^ouT- 3.3V 
Iqut- 

IqUT = I0I + O02 + 1 03 + lo4 + I05) ('^) 

1.5A is the load for the 3.3V output. I 01 , 102 . loa. >04 and Iqs 
are the load currents of outputs Vqi, V 02 . V 03 , V 04 and Vqs 
respectively. N is the turns ratio between W2 and W1 (also 
between W3 and W1). It is calculated using 


Design of L1 

The value of inductance due to W 1 is the same as the value 
of LI obtained in Step 1. The number of turns in windings W2 
(Nw 2 ) and W3 (N^s) are 

Nw 2 = Nw 3 = N X Number of turns in W1 (3) 

= 3.4 X Number of turns in W1. 


The peak current in W2 (Ipkw 2 ) 's 

'02 '03 

'pkw2 " V 01 

in(,min; 

0.05 + 0.05 


128 mA. 


The peak current in W3 (Ipkws) is 


(4) 


'05 


'pkw3 


1 - ■ 


'in(min) 


0.05 + 0.05 


1 - 


3.3 

15 


= 128 mA. 


(5) 


The RMS current of W2 (Irmsw 2 ) 'S 


Vmsw2 



'(1- 


Vqi 

^in(min) 


) 


N 


3.4 


( 2 ) 


In this equation VpD 2 is the forward voltage drop of D2 and 
VpDi is the forward voltage drop of D1. 


Using (1), Iqut = 1-5A + 3.4 (50 mA + 50 mA + 50 mA + 
50 mA) = 2.18A 

iouT = 2.18A. 

The software designs the step-down regulator and gives the 
following values: 


IC1: LM2596-3.3 

C,N : 220 pF, 50V, Nichicon UPL1H221MPH 
Cl: 270 pF, 63V, Nichicon UPL1J271MRH 
D1: MBR360 


LI: 47 pH. 

1C Ipk: 2.38A. 

C|N and Ci have been chosen primarily for ESR, not for 
voltage rating. 


= J0.128^(1 = 113mA. 


The RMS current of W3 (Irmsws) is 


( 6 ) 


Tmsw3 



2 ( 1 - 



) 


= ^0.128^(1--^) = 113mA. 

(7) 

The peak current of W1 (Ipkwi) is 

^pkw1 ~ fpk + 3.4 (lpkw2~(lo2 + ^ 03 ) + ^pkw3'004+^05)) ( 8 ) 

= 2.38A + 3.4 (0.128-(0.05+0.05)+(0.05+0.05)) = 2.6A. 

This value is below the lcL(min) specified in the LM2596 
datasheet and thus is acceptable. 

Since the current through W1 is continuous the RMS current 
is approximately equal to 1C Ipk which is 2.38A. 
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Design (Continued) 

Selection of C2 and C3 

C2 and C3 should be selected to be large enough to smooth 
out the high ripple caused due to the flyback operation of W2 
and W3. Also they should have a low enough ESR value. 
47 \iH, 50V aluminum electrolytic capacitors are sufficient for 
this design. 

Selection of D2 and D3 

D2 and D3 should be selected to conduct the sum of the 
current through the two outputs each is connected to. The 
DC blocking voltage rating of D2 (Vrd 2 ) and D3 (Vrds) are 
calculated using equations (9) and (10). 

Vp,D2 = (V,n(maxrVoi)N+Vo2 (9) 

= (40V - 3.3V) X 3.4 + 12V = 137V. 

^RD3 = (V,n(ma.)-Voi)N + Vo3 ( 10 ) 

= (40V - 3.3V) X 3.4 + 12V = 137V. 

1N459 diodes which have a reverse voltage rating of 175V 
are used in this design. 

STEP 3: DESIGN OF 3-TERMINAL REGULATORS 

The 3-terminal linear regulators are used to regulate the 
auxiliary outputs with ±5% accuracy. Their design is straight¬ 
forward and can be done using the datasheets for the 
3-terminal regulators. 

Advantages 

This circuit can save both parts and cost by making use of 
only one step-down regulator 1C, two inexpensive 3-terminal 
linear regulators, and a simple three-winding inductor to 
provide 5 outputs. 

The usual solution for this design with multiple (positive and 
negative) outputs is a flyback converter. The design de¬ 
scribed in this application note is better than using a flyback 
regulator with multiple outputs because: 

• It uses a much smaller output capacitor for the 3.3V 
output (270 pF against 2.4 mF for flyback solution with a 
comparable output ripple voltage). 


• It uses an inductor with only three windings whereas a 
flyback regulator solution requires a transformer with four 
windings. 

• The overall peak current of the inductor in this design is 
less than that of a flyback transformer for the same 
application. 

• Transformer construction is simplified because the leak¬ 
age inductance does not result in power loss. Because of 
these reasons the magnetic structure of this design costs 
less than that in a flyback converter design. 

• The peak switch current of this design is much less than 
that of a similar flyback design. The disadvantages of this 
design compared to the flyback converter are 

• The 3.3V output should be loaded to keep the inductor in 
continuous conduction mode. Otherwise large peak cur¬ 
rents result in the flyback windings. In worst cases (deep 
into discontinuous conduction mode), the auxiliary out¬ 
puts (±12V and ±5V) will not be regulated. 

• When the duty cycle of the main output gets large, large 
peak currents result in the flyback windings and may 
result in loss of regulation of the auxiliary outputs in worst 
cases. 

In most applications the advantages far outweigh the 
disadvantages, as can be inferred from the comparison 
above. 

The IC’s used in this circuit are all available in surface 
mount packages. 

Summary 

In applications where multiple output DC/DC conversion is 
needed, the circuit presented in this application note is an 
attractive solution. It is low-cost, has a low-parts count, and 
provides the regulation needed with good efficiency. The 
detailed design procedure given in this application note 
makes this design easy and straightforward. 
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Design of Isolated 
Converters Using Simple 
Switchers 


National Semiconductor 
Application Note 1095 
Ravindra Ambatipudi 



Introduction 

Isolated converters are required to provide electrical isola¬ 
tion between two interrelated systems. Isolation between the 
power source and the load is required in certain applications 
in order to meet safety specifications such as UL1459, which 
necessitates 500V of isolation for telecom applications. 
Isolation must be provided between all the input and output 
stages of the power converter Thus, isolation must be pro¬ 
vided in the power stage and the control loop. Power stage 
isolation is generally provided using transformer. Isolation in 
the feedback/control loop is often provided through an opto- 
coupler (also known as opto-isolator). 

Transformers are well suited for power stage isolation, since 
they are known for providing good dielectric barrier between 
two systems, with the ability to have multiple outputs. Trans¬ 
formers also allow stepping up or stepping down of the input 
voltage. 

In isolated switching power supplies, opto-couplers are very 
widely used to provide isolation in the feedback loop. Opto- 
couplers do an excellent job of isolation, minimizing circuit 
complexity and reducing cost. One of the disadvantages of 
using an opto-coupler is its low bandwidth. The bandwidth of 
the converter is reduced by the introduction of an extra pole 
in the control loop gain of the converter. This is not a problem 
in conventional low frequency converters. However, in mod¬ 
ern high-frequency converters, the opto-coupler imposes 
severe restrictions on control loop bandwidth/speed. 
Another disadvantage of using opto-isolator is the large 
unit-to-unit variation in the current transfer ratio (CTR). CTR 
or the coupling efficiency is defined as the ratio of opto- 
isolator transistor collector current to the diode current. The 
loop gam is directly proportional to CTR gain. Hence, high 
variation in CTR imposes constraints on control loop design. 

Part I. Design of Opto-lsolated 
Power Supply 


tions, the software will design the power stage components. 
The following example will be based on Switchers Made 
Simple 4.2.1 (SMS4.2.1) and the associated LM258X fly¬ 
back converters. 

If the input specifications are entered as shown in Figure 1, 
SMS4.2 will design a buck converter instead of flyback. In 
order to design a flyback converter when the output voltage 
is lower than input voltage levels, it is necessary to enter 
initially a fictitious output voltage value which is greater than 
V,N(min). The software will then design a flyback. Now, go to 
the mam menu and change input requirements. Change the 
fictitious output voltage value to the required value. If the 
output voltage is greater than the minimum input voltage, 
these extra steps are not necessary. 


TABLE 1. Isolated Power Converter Specifications 
(Example) 


Input Voltage 

10V to 30V 

Output Voltage 

5V 

Load (maximum) 

2A 

Operating Temp. Range 

0 “C to 70“C 



DESIGN APPROACH 

With the advent of SIMPLE SWITCHER™, and the associ¬ 
ated “Switchers Made Simple” software (SMS4.2.1, 
SMS3.3), the non-isolated converter design has become 
very simple. However, the non-isolated converters can be 
modified to isolated converters very easily. The procedure 
for design of opto-isolated converter is as follows: 

Step 1: Design the power stage components for a flyback 
converter using SMS4.2.1/3.3. The “Switchers Made Simple” 
software can be used to design the transformer, input/output 
capacitors, output rectifier, clamping network, etc. 

Step 2: Modify the feedback/control loop by introducing a 
secondary side controller (such as LM3411) and an opto- 
isolator for feedback isolation. Also, disable the internal ref¬ 
erence in the Simple Switcher. 

DESIGN OF POWER STAGE COMPONENTS 

The first step m the design process is to enter the converter 
specifications (shown in Table 1) in the input menu of the 
“Switchers Made Simple” software. Using these specifica¬ 


FIGURE 1. Enter the Converter Specifications in the 
Input Menu of SMS4.2.1 

Modify the component values, input specs, etc. to suit the 
requirements. The software will design all the power stage 
components and give a list of vendors. In the example 
shown in Figure 2, the component values were entered 
manually to produce a surface mount design. 

The isolation voltage of the transformer is not listed in the 
software. The isolation voltage is generally mentioned in the 
transformer manufacturer’s catalog. Select a transformer 
taking into consideration the isolation voltage. Any of the 
transformers listed in the LM258X Simple Switcher data 
sheets meet UL1459 spec, and are suitable for telecom 
applications. 
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Part I. Design of Opto-lsolated Power Supply (Continued) 


Input Parameters 

Operating Values 

Component Values 


V,,^ Min 

10.00V 

Mode 

= 

Cont 

Pri L 

= 

22.00 

V||^ Max = 

30.00V 

Frequency 

= 

100.00 kHz 

Leakage L 


470.00 nH 

^OUT ^ 

5.00V 

Duty Cycle 

= 

38.68% 

N1 sec/pri 

= 

1.00 

Iqut ^ “ 

2.00A 

IC Ipi^ Max 

= 

5.00A 

Vz 

= 

20.00V 

^RIPPLE ^ 

0.10V 

IC Ip,^ 

= 

4.04A 

^IN 

= 

560.00 /iF 

Min = 

0.00°C 

L Ipp 

= 

1.56A 

CjnESR 

= 

40.00 mfl 

Max 

70.00«>C 

Efficiency 


72.88% 

Cc 


1.00 /iF 



IC Pd 


1.71W 



1.00 kn 



ICTj 

= 

106.21°C 

IC Heatsnk 

= 

19.23°C/W 



Diode 1 Pd 


1.00W 

Pri DCR 


35.84 mXl 



Xformer Pd 

= 

0.32W 

^OUT^ 

= 

660.00 ^F 



Zener Pd 

= 

0.49W 

Coujl esr 

= 

24.00 mn 



l|N Avg 

= 

1.37A 






Cross Freq 

= 

2.40 kHz 






Phase Marg 

= 

89.78 Deg 






^OUT^ P-P 

= 

96.61 mV 
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FIGURE 2. Main Screen of SMS4.2.1 Summarizes the Design 



FIGURE 3. Circuit Designed using SMS4.2.1 


The software will also produce a schematic of the non¬ 
isolated converter as shown in Figure 3. This concludes the 
first step of the design process. 

MODIFICATION OF CONTROL LOOP FOR ISOLATED 
DESIGN 

The second step in designing an opto-isolated converter is to 
modify the feedback loop by using a secondary controller 
such as LM3411 and to use an opto-isolator for feedback 


isolation. To do this, connect an opto-coupler between the 
secondary controller and the compensation pin for feedback 
isolation. Power stage isolation is provided by the 
transformer. 
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Part I. Design of Opto-lsolated Power Supply (Continued) 



FIGURE 4. Modification of Non-lsolated Flyback to Isolated Flyback 


The reference and the error amplifier internal to LM2587 
have to be disabled in order to avoid interaction with the 
reference in secondary controller and to avoid excessive 
gam in the feedback loop. Figure 5 shows the internal block 
diagram of LM2587. By connecting the feedback pin to 


ground and by connecting the opto-coupler output to the 
compensation pin, the error-amp is by-passed. For this rea¬ 
son, any voltage option of the LM2587 can be used. This 
completes the design of the isolated converter. 
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Part I. Design of Opto-lsolated Power Supply (Continued) 


Switch 
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FIGURE 5. LM2587 Block Diagram; Grounding Feedback Pin Disables Error Amplifier, Opto-Coupler Delivers 

Feedback to Compensation Pin instead 


Figure 6 shows the circuit diagram of an LM2587 based 
opto-isolated flyback power supply. With the LM2587 error 
amplifier disabled, the feedback control now consists of 
LM3411-5.0 secondary side controller and the opto-isolator. 
Resistors Rq and R^ are required for biasing the opto- 
isolator. Capacitor Cg is required for soft-start. 

Note: Short Circuit Protection. In LM258X switchers, the soft-start com¬ 
parator and the short-circuit protection are both controlled by the 
feedback pin voltage. At start-up, when the output voltage is zero, the 


soft-start comparator is activated and the output gradually increases to 
the nominal value After this, the soft-start comparator gets disabled 
and the short-circuit protection is enabled Now if the output is shorted, 
the frequency will change to 25% of normal operating frequency 
The short-circuit protection is activated only after the soft-start is 
disabled. In the isolated converter, the feedback pin is grounded The 
converter never comes out of soft-start mode So the short-circuit 
protection (which changes the frequency to 25 kHz under short circuit 
conditions) never gets activated Hence, an external circuit is required 
for short-circuit protection 
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Part I. Design of Opto-lsolated Power Supply (Continued) 



FIGURE 6.10 Watt Opto<lsolated Flyback Converter 


SELECTION OF COMPENSATION COMPONENTS 

The compensation circuit design involves selection of the 
opto-coupler output resistance, R^, the opto-coupler input 
resistance, and the feedback capacitance, Cf. The com¬ 
pensator transfer function is the small-signal transfer func¬ 
tion from the output voltage, Vq to the control voltage, 14 - 
The transfer function, A(s) is given by: 


Choose Cf\o place a zero to cancel the power stage pole, as 
shown in Figure 7. If the compensator is designed as shown 
above, the loop gain should have very good phase margin 
and gain margin. In Figure 7, 

f ^ . 1-- , f = —1— 

z 2ji:Cf94K p1 IkC^R^ 


A(s) 


CTR X 


(-ick) 


f... = 


Thus, the compensator is a two pole, one zero compensator. 
In the above equation, CTR is the opto-coupler current trans¬ 
fer ratio or coupling-efficiency. The power stage transfer 
function is a one pole, one zero (esr) compensator (in the 
frequency range of interest). Choose R^ and R^ such that 
voltage 's always more than 0.3V. Also, the maximum 
voltage on the compensation pin should be no more than 2V. 


where fpi is the frequency of the power stage pole in current 
mode converter, 4 is the compensator zero, and 4sr is the 
esr zero. 4 is the loop cross over frequency. ^P2 is the pole(s) 
created due to current mode control (located at high frequen¬ 
cies close to half the switching frequency). 
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Part I. Design of Opto-lsolated Power Supply (Continued) 


CD 

T3 


OdB 
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FIGURE 7. The Estimated Loop Response 


The loop gain measured on the experimental converter 
shown in Figure 6, is shown in Figure 8. The bandwidth and 
phase margin are very much lower than expected. 




Frequency 


10015110 


Frequency 
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FIGURE 8. Measured Loop Gain of the Experimental Converter (Bandwidth = 3 kHz and Phase Margin = 20°) 


Since the bandwidth and phase margin are very low, a 
transient step of 0 to 1A produces a very poor transient 
response, as shown in Figure 9. This also indicates poor 
stability in the control loop. 
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Part I. Design of Opto-lsolated Power Supply (Continued) 



FIGURE 9. Transient Response for a Step Change in Load from 0 to 1A 


Part II. Improving Transient 
Response of Opto-lsoiated 
Converters 

WHAT CAUSES THE DIVERGENCE BETWEEN 
ESTIMATED AND MEASURED RESULTS? 

The converter shown in Figure 6 uses an opto-isolator 
CNY17-3 for feedback isolation and LM3411 for secondary 
side control. Since this converter is operated at 100 kHz 


switching frequency, then it is desired to have its loop cross¬ 
over at around 10 kHz-20 kHz for superior transient perfor¬ 
mance. However, the opto-coupler CNY17-3 used in this 
configuration has a -3 dB frequency of 5 kHz-10 kHz de¬ 
pending on the resistance Rq shown in Figure 6. The opto- 
coupler pole will introduce a phase-shift of more than 45° at 
around 10 kHz as shown in Figure 10. Because this fact was 
not taken into consideration while designing the compensa¬ 
tor or loop gam, the measured phase margin and the band¬ 
width are lower than what was estimated. 
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FIGURE 10. Opto-Coupler CNY17-3 Adds More Than 45° of Phase Shift at the Desired Loop Bandwidth of 10 kHz 
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Part II. Improving Transient 
Response of Opto-lsolated 
Converters (Continued) 

WHAT LIMITS THE BANDWIDTH OF THE 
OPTO-COUPLER? 

The severe bandwidth iimitations of the opto-coupier is due 
entirely to the characteristics of the opto-coupier photo¬ 
transistor. When forward current is passed through the opto- 
coupier diode, it emits infra-red radiation. This radiant energy 


is transmitted through an optical coupling medium and falls 
on the surface of the photo-transistor. In order to make the 
photo-transistor base region sensitive to light, and to mini¬ 
mize the losses in radiant energy transfer, the photo¬ 
transistors are designed to have a very large base-collector 
junction area and a very thick base region. This results in a 
very large base capacitance. Cob. This capacitance is typi- 
caliy in the order of several pico farads. However, this gets 
effectively multiplied due to the Miiier effect, resulting in a 
very large Miller capacitance Com. The Miiier capacitance is 
in the order of severai nana farads. 




FIGURE 11. Opto-Coupler Transmission Deiay Adds Phase Change at High Frequencies (as the frequency of the 
input sinusoid increases, the phase shift between the input and output increases linearly) 


The Miiier capacitance Com, coupied with the resistance Rq, 
will produce a pole in its transfer function. This pole should 
be taken into consideration while designing the compensa¬ 
tion circuit. 

It can also be observed from the opto-isolator characteristics 
that the phase changes very dramatically at very high fre¬ 
quencies. This is due to the inherent delay in transmission of 
radiant energy through the optical medium. If the input signal 
to the opto-coupier, as shown in Figure 11, \sa sinusoid, the 
output signal is also a sinusoid, but phase shifted due to the 
delay. As the frequency of this sinusoid increases, the phase 
shift increases, almost linearly. The phase shift will increase 
linearly only if this shift is due to time delay. 

HOW TO SOLVE THE OPTO-COUPLER BANDWIDTH 
PROBLEMS? 

The control loop bandwidth can be improved in three ways: 

1. The phase margin can be improved by reducing the 
system cross-over frequency. However, the transient 
performance of the converter is sacrificed. 


2. Opto-isolators with better frequency characteristics 
(such as MOC8101) can be used. However, these opto- 
couplers are more expensive. 

3. The opto-isolator pole can be compensated by introduc¬ 
ing an additional zero in the control loop. This requires 
proper prediction of opto-coupier pole. 

ESTIMATION OF THE OPTO-COUPLER POLE 

The opto-coupier pole can be estimated in a number of 
ways. One method is to characterize the pole by actual 
bench measurements. Figure 72 shows the bench measure¬ 
ment setup for characterization of an opto-coupier using a 
network analyzer. A signal is injected at the opto-coupier 
input and frequency of this signal is swept over the fre¬ 
quency range of interest. The input signal is measured with 
probe A and the output signal with probe B. By taking the 
ratio of the input signal to the output signal, the frequency 
characteristics are obtained. 
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Part II. Improving Transient Response of Opto-lsolated Converters (Continued) 



FIGURE 12. Bench Measurement Setup for Frequency Characterization of Opto-Coupler Pole Using a Network 

Analyzer 


Figure 13 shows the typical performance curve obtained by 
actual measurements for the opto-coupler CNY17-3. In this 
figure, the opto-coupler bandwidth (pole) has been plotted 
versus the resistance Rq. The opto-coupler pole can be very 
easily predicted from this curve As an example, let us 


predict the pole for CNY17-3 when the resistance, Rq = 5 
Draw a line parallel to Y-axis at Rq = 5 WQ. From the point of 
intersection on the curve, read the corresponding value on 
Y-axis. The opto-coupler pole would be at 4 kHz. 



5000 1x10"^ 1.5x10"^ 2x10"^ 

Rq (^) 


10015116 


FIGURE 13. Opto-Coupler CNY17-3 Bandwidth versus Resistance Rq 


From the results of Part I, it is very obvious that the opto- 
isolator pole imposes severe restrictions on the control loop 
bandwidth. This pole can be compensated in two ways. 

• If the base connection is available, then by connecting a 
large resistor between the base and emitter of the opto- 
coupler photo-transistor, the bandwidth can be improved. 
However, the opto-coupler gam will reduce by doing so. 

• The bandwidth can also be improved by introducing an 
additional zero in the compensation circuit. 


IMPLEMENTATION OF THE OPTO-COUPLER POLE 
COMPENSATION 

For the circuit shown in Figure 6, the opto-coupler pole can 
be estimated as discussed in previous sections. However, 
the soft-start capacitor appears in parallel with opto-coupler 
device capacitances and influences the position of the opto- 
coupler pole. The additional zero required to compensate the 
opto-coupler pole can be obtained by connecting a capacitor 
in parallel with Rd as shown in Figure 14 In the process, 
this creates an additional pole due to R ^2 ^i^cl C^. To obtain 
sufficient gain margin and attenuation of high frequency 
switching noise, this pole can be placed at a high frequency 
above the cross-over frequency. 
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Part II. Improving Transient Response of Opto-isoiated Converters (Continued) 



FIGURE 14. Compensating the Opto>Coupler Pole to Improve the Bandwidth Limitations 


The modified compensator transfer function is: 


A(s) 


CTRxR, 


^sC^Rf + 1ysCdRj,+1>^ ^ 


f SC^R^ ^ + 1 
*"d^d2 


where: 

CTR= Opto-coupler current transfer ratio or coupling 
efficiency 

Rf= feedback resistor internal to LM3411 (92k for 
LM3411-5.0) 

Cc = Compensation capacitor 

An additional zero can also be obtained by connecting a 
resistor in series with capacitor Cg, the additional zero re¬ 
quired to compensate the opto-coupler pole can be placed at 
a frequency equal to f^. 


(Assuming Cg is very much larger than the opto-coupler 
Miller capacitance). 

Notice that the compensator transfer function is directly de¬ 
pendent on the opto-coupler CTR, which varies from unit-to- 
unit, so it is important to take this factor into consideration. 
This means that an opto-coupler with low CTR variation and 
guaranteed limits should be used. 

Figure 15 shows the loop gain with modified compensator. 
Significant improvement in bandwidth and phase margin are 
observed. The loop gain is as expected and shows excellent 
stability. As expected, the transient response is also im¬ 
proved, as shown in Figure 16. 
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Part II. Improving Transient Response of Opto-isolated Converters (Continued) 




Frequency Frequency 

10015120 10015121 

FIGURE 15. Significant Improvement in Bandwidth and Phase Margin is Observed with Opto-Coupler Pole 
Compensation (Bandwidth = 10 kHz and Phase Margin = 60°) 



FIGURE 16. Transient Response with Opto-Coupler Pole Compensation (0 to 1A Step-Change in Load) 
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Simple Regulator Provides 
±12V from 5V Source 


National Semiconductor 
Application Note 1118 
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Many systems require a ± 12 V power supply. Typical ex¬ 
amples include analog circuits or RS-232 driver power sup¬ 
plies. The ±12V typically needs to be generated from a 5V 
system bus. The solutions normally used involve a multiple 
secondary transformer or multiple switching regulators. 
These solutions can be complicated, may require custom 
transformer design and may have poor efficiency and poor 
regulation. The circuit shown in Figure 1 is simple, uses only 
one switching regulator IC, uses a small number of compo¬ 
nents, and provides good regulation at a high efficiency. 
Additionally, all the components used in this circuit are off- 
the-shelf components. 

The circuit in Figure 1 uses an LM2595-12 (buck SIMPLE 
SWITCHER™) based switching regulator to generate both 
the +12V and the -12V outputs from 5V input. The LM2595 
is configured as an inverting buck-boost converter to obtain 
the negative output. The positive output is generated using 
an additional winding in the off-the-self inductor (CTX250-4 
from Centronics) used in this circuit. Only one additional 
diode (Dg) and a capacitor (C3) are needed to generate the 
positive output. 

During the on-time of the switching cycle, the inductor (L^) is 
charged by applying the supply voltage across the inductor. 
During this time the output capacitors (Cg and C3) are sup¬ 
plying the load. During the off-time of the switching cycle, the 
energy stored in the inductor is transferred to the output 
capacitors and the loads. The LM2595 is regulated off of the 
negative output. The positive output is regulated because of 


the coupling between the windings of the inductor. The diode 
D 4 prevents the -12V output from the going positive above a 
diode drop during the turn-on of the circuit. The diode D-, is 
used for providing isolation between the output and the 
input. LM2595 operates at a switching frequency of 150 kHz 
resulting in small inductor and capacitor sizes. 

This circuit was built in the lab using the components shown 
in Figure 1. The -12V output varied between -11.99V and 
-11.97V under a load variation between 50 mA and 100 mA 
and a line variation between 4.5V and 5.5V. The +12V output 
varied between 11.15V and 11.45V under the same condi¬ 
tions. The +12V output is lower than the -12V output be¬ 
cause of the voltage divider effect of the leakage inductance 
and a mismatch in the forward voltage drops of Dg and D 3 . 
The efficiency of this circuit varied between 76% and 83% 
over the line and load variation. The ripple voltage on the 
+12V and the -12V outputs is less than 1 %. A majority of this 
ripple voltage is due to the ESR (Equivalent Series Resis¬ 
tance) of the output capacitors Cg and C3. The capacitors 
used in this circuit have an ESR of 0.65Q. A smaller ripple 
voltage can be obtained by using lower ESR, higher value 
output capacitors. 

If higher load currents are desired, the LM2596 SIMPLE 
SWITCHER should be used in the place of LM2595. This will 
provide up to 275 mA of load current each from the +12V and 
- 12 V outputs. Other output voltages are also achievable 
using LM2596-ADJ versions. 



* Components needed if the 5V supply is current-limited during start-up 
C4 0 1 |jl,F, ceramic 
R1, R2 47l<n, 1/4W, 10% 


FIGURE 1. 
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Using Dynamic Voitage 
Positioning to Reduce the 
Number of Output 
Capacitors in 
Microprocessor Power 
Suppiies 

Abstract 

The relatively large steady-state window and the relatively 
small transient window for the core voltage of a modern 
advanced microprocessor make attractive implementation of 
the dynamic voltage positioning technique. By employing 
that technique, significant cost savings can be realized due 
to the reduced number of output bulk capacitors. Careful 
consideration of all sources of error is necessary for gener¬ 
ating a sound design. 

Example I 

In this example, a net savings of $0.44 is realized through 
the implementation of the dynamic voltage positioning (DVP 
below) technique. 

Assume a microprocessor requires a maximal 18A. The 
allowed core voltage steady-state window is ±100mV. Sup¬ 
pose a synchronous buck converter is used and the control¬ 
ler’s DAC tolerance is ±30mV. Also assume the output volt¬ 
age ripple is set to 17mV peak-to-peak. 

To accommodate the worst case load transient (i.e. the 
processor current changes between OA to 18A within a few 
clock cycles), 14 Sanyo 6MV1500GX aluminium capacitors 
are needed at the output. 

Or, if a 3m^2 ±5% IRC power resistor is put in series with the 
output inductor, DVP can be used and the number of output 
caps can be reduced to 10. Two additional signal level 
resistors (I.OOKn and 75.0Kn, 1%) are necessary to raise 
the initial output voltage by 26mV. 

The cost of the power resistor is approximately $0.20, and 
the cost of the capacitors is about $0.16 each. So the total 
savings realized by implementing DVP is $0.44. 

The drawback is an additional maximum power loss of about 
1W in the power resistor. A side benefit is the same power 
resistor can be used to provide an accurate current limit 
when a more serious over-current protection mechanism 
than high-side MOSFET rps oN sensing is desired. 

Example II 

In this example, a net savings of $0.48 is realized through 
the implementation of the DVP technique. 

Assume the same processor as in Example I is considered. 
If a PCB etch resistor is used instead of the discrete power 
resistor, a number of things are going to change. First, the 
total tolerance of the resistance will be increased to about 
20% including the effect of temperature. Second, the resistor 
itself IS free. So the amount of savings in output caps is the 
net savings. 

By calculation, the optimal resistance of the etch resistor is 
2.2mf2. The initial output voltage should be raised by 16mV. 
This can be done by using two signal-level resistors, 100^2 
and 12.4KQ, 1%. 
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The number of output caps is now 11. So the savings is 
$0.48. 

The maximum power loss due to the etch resistor is 0.71 W. 

Introduction 

For modern high-speed microprocessors such as those in 
the Intel Pentium® pro and Pentium® || families, there are 
strict load transient response requirements on the processor 
core voltage. Two operating windows are defined for the 
MPU core voltage, i.e., the transient window (or so-called AC 
window) and the steady-state window (or so-called DC win¬ 
dow). The AC window is greater than or equal to the DC 
window. For example, the Klamath processor (Pentium® || 
family) requires, at the VRM connector, a DC window of 
lOOmV, -60mV and an AC window of ±140mV for a nominal 
core voltage of 2.8V. During steady-state, the core voltage is 
allowed to stay outside of the DC window for a short while 
but should never be outside of the AC window. Both windows 
are for instantaneous voltages, i.e. set point tolerance, ripple 
and noise etc. are included. 

For a typical core power supply controller, the initial output 
voltage tolerance plus ripple is much smaller than the DC 
window. It therefore may be beneficial for the output voltage 
to be positioned at different levels within the DC window in 
response to different load current levels. The idea is by 
dynamically positioning the core voltage level according to 
the load current, extra window margin for the load transient 
response can be created. 

As an illustration. Figure 1 shows two load transient re¬ 
sponse waveforms, one with DVP, the other without. Factors 
such as initial output voltage tolerance (typically the DAC 
tolerance in the case of a digitally programmable controller), 
ripple voltage, etc. are excluded. In the figure, the lines 
labeled “AC” are the transient window limits, the lines la¬ 
beled “DC” are the steady state window limits, and the line 
marked “Vn” is the nominal core voltage. 


no load position 



Trace b DVP load transient 

10123501 


FIGURE 1. DVP and non-DVP Output Voltage 
Transients Caused by Load Transients 
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Introduction (Continued) 

For a non-DVP converter, steady-state core voltage doesn’t 
vary with load current. Therefore, after a transient In either 
direction, the core voltage returns to Vn. See trace “a”. For a 
DVP converter, the core voltage is a function of the load 
current. See trace “b”. At no load, the core voltage is close to 
the upper limit of the DC window whereas at full load it is 
close to the lower limit of the DC window. This allows extra 
headroom for load transients in both directions. In Figure 1, 
p is the amount of extra transient headroom DVP creates. It 
IS also the amount by which the nominal output voltage 
should be raised. 

Implementation 

As mentioned above, to implement DVP, the steady-state 
output voltage should be raised slightly at no load and it 
should droop as the load current increases. This character¬ 
istic can be realized by using a voltage divider in the feed¬ 
back loop and adding an external droop resistor after the 
inductor. See Figure 2. In the figure, a synchronous buck 
PWM controller such as National Semiconductor’s 
LM2635/6/7/8 is used. Now, instead of regulating point “a” as 
is done in non-DVP converters, point “c” is regulated. The 
voltage divider between points “b”, “c” and ground raises the 
voltage at point “b” so that at no load the output voltage Is 
slightly higher than nominal. (Notice at no load, points “b” 
and “a” are at the same potential). The voltage across the 
droop resistor is proportional to the load current during 
steady-state. Therefore, the heavier the load current is, the 
lower the output voltage will be. The corresponding voltage 
vs. output current characteristic is shown in Figure 3. 



FIGURE 2. Implementing DVP Using a Droop Resistor 
and National’s LM2635/6/7/8 Controllers 


The resistor divider is not necessary if the internal reference 
voltage (typically the DAC output in the case of a digitally 
programmable controller) of the switching controller IC has 
been prebiased for DVP. 

The droop resistor must be a power resistor since it is in the 
power path. It can be a discrete current sense resistor or it 
can be a PCB etch resistor. The typical resistance value is a 
few milli-ohms. 



FIGURE 3. DVP Converter Output Characteristics 

The benefits of a discrete resistor are better tolerance and 
an ultra-low temperature coefficient (typically ±20ppm/°C). It 
also creates less thermal stress on the PCB. The disadvan¬ 
tages are component cost and availability, and very limited 
choice of resistance values. 

The benefits of a PCB etch resistor are no cost and a flexible 
resistance value. The disadvantages are worse tolerance, 
high temperature coefficient (about 4000ppm/“C) and more 
thermal stress on the PCB. Which kind of droop resistor 
creates more savings depends on load current, DC and AC 
window sizes, initial output voltage tolerance, etc. 
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The Equations 

To make a realistic comparison between a non-DVP con¬ 
verter and a DVP converter and to provide a design tool for 
DVP implementation, factors such as the DAC tolerance 
(assuming digitally programmable controller), output voltage 
ripple and droop resistor tolerance and temperature coeffi¬ 
cient must be considered. 

Figure 4 shows the distribution of the steady-state voltage of 
a non-DVP converter, assuming the load regulation is per¬ 
fect. Note the load current is irrelevant to the distribution. 
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no load, and half of V^roop below V^, at full load, as shown in 
Figure 5. The extra transient margin created is thus half of 

^droop- 
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FIGURE 5. DVP Steady-State Output Voltage 
Distribution with Zero-Tolerance Droop Resistor 

However, there is inevitably a tolerance and temperature 
coefficient associated with the droop resistor. Assume the 
tolerance and variation due to the temperature change of the 
droop resistor is ±'k. See Figure 6 below. 


FIGURE 4. Non-DVP Steady-State Output Voltage 
Distribution and Transient Margins 

The gray band between lines “a” and “b” corresponds to the 
total DAC tolerance which is 2e. When voltage ripple Is 
considered, the steady-state tolerance band must be wid¬ 
ened to the one confined by lines “c” and “d”, i.e. 2e+RIP. RIP 
is the peak-to-peak ripple voltage. The worst case 
full-load-to-no-load transient would occur when the 
steady-state voltage at full load is at line “c” because this is 
the case having the least transient margin (p in the figure). 
The corresponding transient margin is: 

p = he ~ (y RIP + ej , 

( 1 ) 

where Sac is half the size of the AC window. Assuming the 
AC window is symmetrical around the nominal voltage V^, 
the same formula applies to load transients in the opposite 
direction (no-load-to-full-load). 

In the case of DVP, the position of the tolerance band 
becomes a function of load current. It is higher at light load 
and lower at heavy load. See Figure 5. 

The maximum voltage across the droop resistor (V^roop) 
determines by how much the output voltage should be raised 
at no load. If the error introduced by the droop resistor is 
ignored (as in the case of Figure 5), the center of the output 
voltage tolerance band should be half of V^roop above V^ at 
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FIGURE 6. DVP Steady-State Output Voltage 
Distribution with Finite-Tolerance Droop Resistor 

This error will make the upper boundary of the tolerance 
band at full load (line “c”’) 1A, closer to Vn than the lower 
boundary of the tolerance band at no load (line “d”). To keep 
the two boundaries (lines “c"’ and “d”) equidistant from V^ so 
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The Equations (Continued) 

that transients in both directions have the same margin, the 
no-load offset (3 should be adjusted to a value smaller than 
half of Vdroop- 

The appropriate offset of the no-load tolerance band is: 

P = jV^roopO -2)> 

( 2 ) 

where Vdroop is the maximum droop voltage, i.e. the droop 
voltage at full load, and E is droop resistor tolerance (A, = 

^droop ^ ^)' 

The new transient margin p’ is now the distance between the 
line “c'” and the upper boundary of the AC window or that 
between the line “d” and the lower boundary of the AC 
window. The formula to calculate the margin is: 

p’ = p + p (3) 


so the difference between the new and old transient margins 
IS the offset p. 

It is necessary to check whether the line “d'” is still above the 
lower boundary of the DC window. The reason line “d”’ Is 
more important is that it is farther away from Vn than line “c” 
and in some cases the lower half of the DC window is 
smaller than the upper half. The criterion is : 


Vj < 
droop — 


25dcl - RIP - 2b 
1 + 3E 


(4) 


where 5 dcl is the size of the lower half of the DC window. 
The percentage savings in the amount of output capacitors 
is; 


P 

SVGS% = — . 
P' 


(5) 


The cost savings in output capacitors can be determined by 
the following equation: 


A$ : 


•ESR* PRICE' 


'CORE 


(6) 


where ESR is the equivalent series resistance of each output 
capacitor, PRICE is the unit price of a capacitor and Icore is 
the maximum load current. 


i^droop ~ 3mO±5%, Icore “ 18A. 

Thus, 

Vdroop = 3m^2 X 18A = 54mV. 

Then by Equation (1), the non-DVP load transient margin is: 
p = 100mV - (1/2x17mV+30mV) = 61.5mV. 

The DAC offset in this case will be, by Equation (2): 

P = 0.5 X 54mV x (1-5%) = 26mV. 

By Equation (3), the DVP transient margin is: 

p’ = 61.5mV -H 26mV = 87mV. 

Check if the tolerance band is out of the DC window by using 
Equation (4): 

(2 X 70mV-17mV-2 x 30mV) -r (1+3 x 5%) = 54.8mV. 
This value is greater than the 54mV actual maximum droop 
voltage so the condition is satisfied. 

Suppose the output capacitors are from the Sanyo MV-GX 
series, the unit price is $0.16, and the ESR of each capacitor 
is 47mt2, then the cost savings in output capacitors is: 

A$ = (1/61.5mV-1/87mV) x 47mQ x $0.16 x 18A = $0.64. 
After subtracting the cost of the droop resistor, the net sav¬ 
ings is $0.44. 

Example II Revisited 

Since the droop resistance value is now flexible, it is neces¬ 
sary to find out the optimal value first. The larger the droop 
voltage, the larger the offset p and the larger the extra 
margin will be. The largest allowable droop voltage can be 
determined by Equation (4): 

Vdroop = (2 X 70mV-17mV-2 x 30mV) + (1+3 x 20%) 

= 39.4mV. 

Therefore, the optimal droop resistance is: 

^droop ~ Vdroop ^coRE “ 39.4mV + 18A = 2.2mQ. 

The initial offset p is, by Equation (2)\ 

p = 0.5 X 39.4mV x (1-20%) = 16mV. 

The new transient margin is, by Equation (3): 

p’ = p+p = 61.5mV+16mV = 77mV. 

Therefore, by Equation (5), the savings in output caps is: 
A$ = (1/61.5mV-1/77mV) x 47mQ x $0.16 x 18A = $0.45. 
To calculate the actual savings, calculate the number of caps 
needed in the non-DVP case: 

N1 =47ml2x18A + 61.5mV^ 14. 

And calculate the number of caps needed in the DVP case: 
N2 = 47mQx18A + 77mV^ 11. 


The actual savings may be slightly more or less than the 
result of Equation (6) because the number of capacitors is 
always an integer. 

Once the type of output capacitors is known, the number of 
them can be determined by the following criterion: 


m 

(7) 

where m is transient margin, i.e. p or p’. 

Example I Revisited 

Assumptions: 

RIP = 17mV, e = 30mV, 

^Ac ~ lOOmV, Sdqi-i = Sdcl — 70mV, 


So the difference is 3 caps, and thus $0.48. 

Comments 

1. As discrete resistors go lower in resistance value, it is 
harder and harder for resistor vendors to make them 
very accurate. IRC has resistance values down to 3m^2. 
Sometimes paralleling two discrete resistors is the only 
solution. 

2. When designing an on-board supply, the DC window can 
be relaxed to slightly larger than that written in the VRM 
specifications. Refer to the processor specifications in¬ 
stead. Typically a relaxation of ±10mV is possible. 

3. When switching from a non-DVP design to a DVP de¬ 
sign, a slightly larger inductor might be necessary to 
keep the output ripple voltage to same. 
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Comments (Continued) 

4. Normally the top and bottom layers of a PCB are plated 
and copper thickness on those two layers is inaccurate. 
Try to use an inner layer to place an etch resistor. 

5. As a good rule, use 20mil/A current density for 1 oz. 
copper when designing an etch resistor. 

6 . A DVP design tool in the form of a Microsoft Excel 
spreadsheet is available from the authors to automate 


the design process. The tool is good for designing DVP 
for National Semiconductor’s LM2635/6/7/8 family of 
products. 

To realize the deadbeat type of response similar to trace 
"b" in Figure 1 during a fast load transient, the convert¬ 
er’s loop characteristic needs to be fine tuned. 
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Designing a Muiti-Phase 
Asynchronous Buck 
Regulator Using the 
LM2639 

Overview 

The LM2639 provides a unique solution to high current, low 
voltage DC/DC power supplies such as those for fast micro¬ 
processors. The two major features of the LM2639-based 
solutions are multiphase and ultra-high switching frequency, 
which result in the following three advantages when com¬ 
pared to a conventional buck and a high frequency 
single-phase buck. 

The first advantage is thermal. Since the load current is 
evenly shared among multiple channels, the heat generated 
is greatly reduced for each channel due to the fact that 
power loss is proportional to square of current. Surface 
mount MOSFETs and diodes (such as DPAK and D2PAK 
packages) can be used to handle a fairly high load current 
such as 20A or even higher. Physical size of the output 
inductor shrink significantly because of a similar reason. 
The second advantage is reduced input and output ripple 
current. Since the channels are phase shifted, the AC com¬ 
ponents of the currents tend to cancel. This eases the bur¬ 
den of ripple RMS current requirement on input capacitors. 
Output voltage ripple is also reduced. 

The third advantage, and probably the most prominent for 
microprocessors is, the solution enables the use of ceramic 
capacitors for output filtering. This is because in such an 
application, the output inductance is usually the gating factor 
in slowing the supply current during a fast load transient. 
Duty cycle usually saturates. However, a LM2639-based 
solution not only can use low output inductance values (be¬ 
cause of high switching frequency), but the inductors are like 
paralleled during a load transient event (because of 
multi-phase operation). That makes the solution not only 
faster than a conventional buck, but also faster than a 
single-phase high switching-frequency buck. Because of 
that, small surface mount multi-layer ceramic capacitors can 
be used as output capacitors. This advantage is especially 
attractive to low voltage, high current processors such as K7 
and Pentium III, because countless number of bulky 
low-ESR aluminium capacitors can be completely replaced 
by small, surface-mount ceramic capacitors. 

The LM2639 helps accurate load current sharing by guaran¬ 
teeing a 1% duty cycle match among the channels. Two, 
three or four phase operation can be configured. It can also 
be configured to use internal clock or to use an external 
clock signal. 

The LM2639 also features a precision 5-bit DAC whose 
output voltages comply with Intel’s VRM specifications. 
Current limit is realized through a current sense resistor at 
the input end. 

Soft Start 

The LM2639 has an initial digital soft start function. Upon 
VCC5V pin exceeding power-on-reset level (about 4.2V), 
duty cycle will grow from 0 to maximum value gradually, in a 
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manner of 16 steps (see Figure 1). It takes about 12,800 
clock cycles to go through all 16 steps. For a typical clock 
frequency of 8MHz it takes 1.6ms to finish all 16 steps, 
loops each step. 



FIGURE 1. Digital Soft Start 

Clock Signal 

The clock signal can be generated internally or it can be 
synchronized to an external source. The internal clock can 
be set to run at 40kHz to 10MHz by adjusting the value of the 
resistor connecting from to th© ground. To use the 

internal clock, connect the Clksel and Extclk pins to Vcc 5V 
pin. To use external clock, connect Clksel pin to ground and 
the Extclk pin to the clock source. To generate an 8MHz 
internal clock, use a 8.06kn resistor at the Rref pin. To lower 
the internal clock frequency, increase the resistor value. 

Three-Phase Operation 

The regulator can be configured to operate in 3-phase mode 
instead of 4-phase mode. The phase associated with DRV3 
will be disabled, and the rest three phases will be 120° apart. 
To enable 3-phase mode, pull the Divsel to logic high. The 
3-phase mode can be used for relatively low current appli¬ 
cations to save cost. 

Two-phase operation is the same as 4-phase operation - just 
use any two channels that are 180° out of phase. 

Loop Compensation 

The purpose of loop compensation is to tailor the dynamic 
characteristics of the regulator so that it meets both the 
steady-state and transient response requirements. The error 
amplifier inside the LM2639 is of transconductance type. The 
typical compensation network is a lag compensation and is 
formed by a capacitor and a resistor in series (Cc and Rc in 
Figure 2). The function of the lag compensation network is 
two folds. One is to enhance the DC gain so that the regu¬ 
lator will have a highly precise output voltage in the steady 
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Loop Compensation (Continued) 

state over all line and load ranges. The other is to boost the 
total gain of the loop transfer function so that the regulator 
will have a higher control bandwidth and gam. 


ramp 
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FIGURE 2. Loop Compensation 


It is easy to see that the DC gain of the control-to-output 
transfer function Is: 



In our case, it is 5V 2V = 2.5 or 8dB. A double pole occurs 
at: 


In our case, Lq = 300nH -r4 = 75nH, and Cq = 22pF x 12 = 
264pF. So the double pole is at 35kHz. 

The next significant parameter in the power stage transfer 
function is the ESR zero: 



As an example, let us go through the loop compensation 
process of the typical application circuit. The loop can be 
broken into two parts. That is, control-to-output transfer func¬ 
tion (also known as power stage transfer function), and 
output-to-control transfer function. The small signal model 
for the control-to-output portion of the circuitry is illustrated in 
Figure 3. 



10123603 


FIGURE 3. Small Signal Model of Power Stage 

In the model, Lq is the equivalent output conductor, which is 
output inductance of each channel by number of channels. 
Rl is the MOSFET Rdson divided by number of channels is 
output capacitance and Rq is the total combined ESR. Rld is 
load resistance. Vcontroi is the voltage at COMP pin. is the 
peak-to-peak value of the PWM ramp appearing at the PWM 
comparator, which is 2V in the case of LM2639. 


dB J_ , __L 



f - 

™ - 2;t R^-Co 

In our case, R^ = 15mQ -f- 12 = 1.3mQ. So ESR zero is at 
464kHz. 

Refer to Figure 4 for asymptotic bode plot of the power stage 
(broken line). 

The lag compensation has one pole-zero pair. The pole 
occurs at zero frequency. The location of the zero is deter¬ 
mined by: 


f - ^x-J- 

2jt Rc • Cc 

In our case, it is important to place the zero before the power 
stage double pole to avoid stability issue. The trade-off be¬ 
tween a higher zero frequency and a lower one is the 
mid-frequency gain and the phase margin. In our specific 
case, the higher the zero frequency the less the phase 
margin but the higher the mid-frequency gain. This, in time 
domain, will translate into a faster load transient recovery 
speed. If we choose 17kHz, and a compensation gam of 
20dB beyond the zero frequency, the output-to-control and 
the final loop transfer functions will be like those shown in 
Figure 4. 

The cut off frequency (fc in Figure 4) is where the loop 
transfer function has a OdB gain and is usually referred to as 
control bandwidth. In this case, we have a control bandwidth 
of 200kHz. In a LM2639-based solution, the control band¬ 
width is pretty important in load transient response. 


FIGURE 4. Bode Plots of Transfer Functions 
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Loop Compensation (Continued) 

To calculate the compensation values, use the following 
equations; 

c 

^comp 
Rr = - 

C gm 
and 

1 gm 

C = - X — - 

Lf n ^ X p 

*zero ^comp 

where Gcomp is the compensation gain beyond the compen¬ 
sation zero frequency. In our case, Gcomp is 20dB or 10, gm 
is 1.3m mho, so Rq = 7.7kQ, and Cc = 1.2nF. 

Since the loop transfer function bode plot crosses the OdB 
line at a slope of -40dB/decade, phase margin can be pretty 
low. A phase margin of 30° to 40° is typical. The phase 
margin is determined by how far the cutoff frequency is from 
the double pole, how far it is from the ESR zero and the 
damping of the system. A low phase margin tends to give an 
under-damped transient response. Fine-tuning on the bench 
is necessary to determine what compensation values make 
the best trade-off. 

The user might be tempted to further increase the compen¬ 
sation gain Gcomp by increasing Rc value so as to have a 
higher cutoff frequency and a better phase margin (because 
the cutoff frequency is getting closer to the ESR zero). He 
should be cautioned that there are parasitic parameters that 
start to take effect when it gets close to 1 MHz. So he may 
lose phase margin instead by doing so. The best way to find 
out is still to fine-tune Rc on the bench. 

The ESR of the same type of capacitor may differ from 
different vendors. Sometimes this may make one set of 
compensation values good for one brand of capacitor and 
bad for another. The solution is either stick with the working 
brand of capacitor or change the compensation values that 
work for both. However, the latter usually results in a com¬ 
promise of the performance of load transient response. 

Current Limit 

The LM2639 can be configured to provide input current limit 
{seeFigure 5). The way the circuit works is as follows. OC- 
pln draws a fixed amount of current from external resistor 
Rlim- So the voltage of OC- pin can be preset to be any 
value below V|n by adjusting the value of Rum- When I,n is 
high enough, OC+ pin voltage will be lower than OC- pin, 
which will trigger the internal current limit comparator. A PCB 
trace can be used to act as the current sense resistor. To set 
the current limit, use an R|_im value as calculated by the 
following equation; 


LiM * ^sense ^ ^offset 



where Ilim is the desired current limit value, Rsense is the 
resistance of the sense resistor value, Voffset is the input 
offset voltage of the current limit comparator (see data 
sheet), and Iqc- is the current drawn by OC- pin. The 
capacitor is used to get rid of possible high frequency noise. 
A value of 0.1 pF is usually good enough. 



FIGURE 5. Current Limit Setup 

Output Inductor Selection 

There are several considerations when selecting the output 
inductors. The inductance should not be too high so as to 
hinder the load transient response. The inductance should 
not be too low to avoid high output voltage ripple and high 
hysteresis loss. To find out about the load transient response 
aspect, simulate the circuit operation using the average 
model of the regulator and see if the duty cycle saturates 
during a worst case load transient. If the duty cycle satu¬ 
rates, It means the inductor is probably too large. The most 
practical method to find out about the power loss is to 
measure it on the bench. As a first cut, use the 20% ripple 
current criterion to determine the inductance value. 

Falco has some inductor designs that are very suitable for 
high frequency multi-phase operation. Popular models in¬ 
clude the T02502 and T025A2. The former is 400nH, 10A 
nominal. The latter is 300nH, 10A nominal. Falco can be 
reached at (305) 662-9076 Ext. 206. Coiltronics also has 
some low inductance drum core inductors that are suitable 
for this type of applications. 

Output Capacitor Selection 

Output capacitor selection is closely related to loop stability, 
ripple voltage and load transient response. As has been 
discussed in the loop compensation section above, the ESR 
zero created by the output capacitors is important to phase 
margin and thus loop stability. Different vendors may have 
different ESR values for the same amount of capacitance. 
For multi-layer ceramic capacitors, ESR is usually deter¬ 
mined by the number of layers. 

Due to high frequency operation, the output ripple voltage is 
usually dominated by ESL rather than ESR or capacitance. 
So if ESR zero frequency is the same, to reduce the total 
ESL it is desirable to have more capacitors in parallel than 
fewer, even if they have the same total capacitance and 
ESR. It is probably a good idea to use some smaller capaci¬ 
tors in parallel with the larger ones to reduce the combined 
ESL. 

Adding more capacitors will definitely help load transient 
response but the effect is not very significant unless the duty 
cycle tends to saturate during a large and fast load transient. 
The most effective way to reduce load transient excursions 
of output voltage is to increase the control bandwidth and 
make sure the output impedance is low enough so that duty 
cycle will not saturate. 

Since multi-layer ceramic capacitors have very low ESR 
values, they seem to be more suitable for fast load transient 
applications. It would take too many low ESR tantalum or 
aluminum capacitors to achieve the same amount of com- 


www national.com 


10-130 




Output Capacitor Selection 

(Continued) 

bined ESR. The landscape changes with the speed of the 
regulator as compared to the load slew rate. In low switching 
frequency regulators, the speed of the regulator is slow 
anyway, the load transient response solely depends on the 
combined ESR of the output bulk capacitors. The high speed 
LM2639-based regulator enables the use of low value ca¬ 
pacitors, and the load transient response is a combination of 
voltage across the ESR and the delta voltage caused by the 
capacitor discharge. The ESR becomes less and less impor¬ 
tant as the speed difference of the load and the regulator 
diminishes. 

Murata and Taiyo Yuden offer some high capacitance 
multi-layer ceramic capacitors that are very suitable for 
LM2639-based solutions. As an example, both offer 22pF, 
10V, Y5V ceramic capacitors in a 1210 package. Murata’s 
part number is GRM235Y5V226Z and Taiyo Yuden’s part 
number is LMK325F226ZN. They also have higher capaci¬ 
tance parts. 

Input Capacitor and Inductor 

An input filter is necessary if the input rail is also shared by 
other loads. The input capacitors will experience significant 
current when large load transient occurs. To limit the input 
rail di/dt, an input inductor is necessary. Refer to Intel VRM 
documents for input rail di/dt specification and LM2636 data 
sheet for input filter design. 

PCB Layout Guidelines 

1. Put grounding via the output capacitors as close to the 
ground as possible to reduce the ESL. 


2. Use two or more via each ground pad when grounding 
the output capacitors. 

3. Try to arrange the output capacitors as symmetrical as 
possible as appeared tro the output inductors so that the 
output voltage ripple will be minimized. 

4. Consider using some of the board areas to provide a 
heat sink to the MOSFETs and diodes. 

5. DO not place the LM2639 too close to the MOSFETs, 
diodes and inductors so that the 1C will not be 
over-heated. 

6 . Keep the compensation components close to the 
LM2639 to minimize noise. 

7. Use large pads for the external bipolar drivers to reduce 
temperature rise on them. 

8 . When designing the input rail current sense resistor 
using the PCB trace, use an inner layer to have good 
tolerance. 

9. Keep the output inductors and capacitors close to the 
load to reduce distribution loss. 

10. The DRV:4 traces do not have to be very short. They 
can be lOmil and can go a long way (such as a few 
inches) from the pins to the discrete drivers. 

11. The traces form the discrete driver outputs to the MOS¬ 
FETs can be 20mil to 30mil wide, and as long as 1 or 2 
inches. 

12. Connect the feedback ground pin (FBG) to the copper 
that is local to the load ground to have a good load 
regulation. 
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Typical Application 
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Introduction 

When designing a high frequency switching regulated power 
supply, layout is very important. Using a good layout can 
solve many problems associated with these types of sup¬ 
plies. The problems due to a bad layout are often seen at 
high current levels and are usually more obvious at large 
input to output voltage differentials. Some of the mam prob¬ 
lems are loss of regulation at high output current and/or large 
input to output voltage differentials, excessive noise on the 
output and switch waveforms, and instability. Using the 
simple guidelines that follow will help minimize these prob¬ 
lems. 

Inductor 

Always try to use a low EMI inductor with a ferrite type closed 
core. Some examples would be toroid and encased E core 
inductors. Open core can be used if they have low EMI 
characteristics and are located a bit more away from the low 
power traces and components. It would also be a good idea 
to make the poles perpendicular to the PCB as well if using 
an open core. Stick cores usually emit the most unwanted 
noise. 

Feedback 

Try to run the feedback trace as far from the inductor and 
noisy power traces as possible. You would also like the 
feedback trace to be as direct as possible and somewhat 
thick. These two sometimes involve a trade-off, but keeping 
it away from inductor EMI and other noise sources is the 
more critical of the two. It is often a good idea to run the 
feedback trace on the side of the PCB opposite of the 
inductor with a ground plane separating the two. 

Filter Capacitors 

When using a low value ceramic input filter capacitor, it 
should be located as close to the V|n pin of the IC as 
possible. This will eliminate as much trace inductance effects 
as possible and give the internal IC rail a cleaner voltage 
supply. Some designs require the use of a feed-forward 
capacitor connected from the output to the feedback pin as 
well, usually for stability reasons. In this case it should also 
be positioned as close to the IC as possible. Using surface 
mount capacitors also reduces lead length and lessens the 
chance of noise coupling into the effective antenna created 
by through-hole components. 

Compensation 

If external compensation components are needed for stabil¬ 
ity, they should also be placed closed to the IC. Surface 
mount components are recommended here as well for the 
same reasons discussed for the filter capacitors. These 
should not be located very close to the inductor as well. 

Traces and Ground Piane 

Make all of the power (high current) traces as short, direct, 
and thick as possible. It is a good practice on a standard 


PCB board to make the traces an absolute minimum of 15 
mils (0.381mm) per Ampere. The inductor, output capacitors, 
and output diode should be as close to each other possible. 
This helps reduce the EMI radiated by the power traces due 
to the high switching currents through them. This will also 
reduce lead inductance and resistance as well which in turn 
reduces noise spikes, ringing, and resistive losses which 
produce voltage errors. The grounds of the IC, input capaci¬ 
tors, output capacitors, and output diode (if applicable) 
should be connected close together directly to a ground 
plane. It would also be a good idea to have a ground plane 
on both sides of the PCB. This will reduce noise as well by 
reducing ground loop errors as well as by absorbing more of 
the EMI radiated by the inductor. For multi-layer boards with 
more than two layers, a ground plane can be used to sepa¬ 
rate the power plane (where the power traces and compo¬ 
nents are) and the signal plane (where the feedback and 
compensation and components are) for improved perfor¬ 
mance. On multi-layer boards the use of vias will be required 
to connect traces and different planes. It is good practice to 
use one standard via per 200mA of current if the trace will 
need to conduct a significant amount of current from one 
plane to the other. 

Arrange the components so that the switching current loops 
curl in the same direction. Due to the way switching regula¬ 
tors operate, there are two power states One state when the 
switch is on and one when the switch is off. During each 
state there will be a current loop made by the power com¬ 
ponents that are currently conducting. Place the power com¬ 
ponents so that during each of the two states the current 
loop IS conducting in the same direction. This prevents mag¬ 
netic field reversal caused by the traces between the two 
half-cycles and reduces radiated EMI. 

Heat Sinking 

When using a surface mount power IC or external power 
switches, the PCB can often be used as the heatsink. This is 
done by simply using the copper area of the PCB to transfer 
heat from the device. Refer to the device datasheet for 
information on using the PCB as a heatsink for that particular 
device. This can often eliminate the need for an externally 
attached heatsink. 

These guidelines apply for any inductive switching power 
supply. These include Step-down (Buck), Step-up (Boost), 
Flyback, inverting Buck/Boost, and SEPIC among others. 
The guidelines are also useful for linear regulators, which 
also use a feedback control scheme, that are used in con¬ 
junction with switching regulators or switched capacitor con¬ 
verters. Some layout pictures are included: Figure 1 shows 
Step-up switching regulator schematic to be used for some 
layout examples. Figure 2 is an example of a bad layout that 
violates many of the suggestions given. Figure 3 and Figure 
4 show an example of a good layout that incorporates most 
of the suggestion given. 
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FIGURE 1. Step-up Switching Regulator Schematic 



FIGURE 2. Bad Layout Example 



FIGURE 3. Good Layout Example, Top Layer 
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FIGURE 4. Good Layout Example, Bottom Layer 
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Positive to Negative 
Buck-Boost Converter 
Using LM267X SIMPLE 
SWITCHER® Regulators 

Abstract 

The 3rd generation Simple Switcher LM267X series of regu¬ 
lators are monolithic integrated circuits with an internal 
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MOSFET switch. These regulators are simple to use and 
require only a few external components. In this article the 
design of a polarity inverting converter will be discussed. 




FIGURE 1. Basic Configuration of a Polarity inverting Converter (Buck-Boost Converter) 


Principle of Operation 

The polarity-inverting converter, shown in Figure 1, uses the 
basic principle of energy storage in the inductor L during the 
first part of the operating period, and then transfers the 
energy via the free wheeling diode D to the output. When the 
switch turns on, the diode is reverse biased and the inductor 
current will ramp up linearly. When the switch is turned off, 
the inductor will reverse its polarity in order to maintain the 
peak switch current. Thus the free wheeling diode will be 


forward biased, and the energy stored in the inductance will 
be transferred to the load as well as the capacitor. (Please 
see switching waveforms Figure 3 and Figure 4). 

Since the node at the "top end" of the inductor is negative 
with respect to ground, the output voltage across the capaci¬ 
tor will become negative. 

It is important to notice this type of converter can step up and 
step down the magnitude of the input voltage. Therefore this 
circuit is also known as a buck-boost converter. 



FIGURE 2. LM2673 Positive to Negative Converter 


Design Considerations 

Figure 2 shows the typical configuration of a polarity invert¬ 
ing regulator using the LM2673. Note that the ground is 
connected to the negative output and the feedback is re¬ 
ferred to GND. Therefore no extra level shift and inversion of 
the feedback signal is needed to properly regulate the nega¬ 


tive output. Such an application is also possible with the 
adjustable version of the LM2673 by connecting feedback 
resistors from GND to Vqut (across the output capacitor). 
Usually such a circuit is particularly difficult to stabilize be¬ 
cause it has a right half plane zero in its control to output 
transfer function.Therefore a relatively small capacitor Cc 


10-135 


WWW national.com 


AN-1157 





AN-1157 


Design Considerations (Continued) 

(compared to the input capacitor) is connected from the input 
to the negative output in order to provide more phase margin 
to stabilize the regulator loop. A small capacitor < 100 pF 
yields the best performance. 

For lower output currents < 100 mA, the regulator can be 
operated in discontinuous mode and no capacitor Cc is 
required. 

When the voltage is first applied to the circuit the initial 
capacitor charge current will cause a positive voltage spike 
at the output when the capacitor Cc is used. However this 
positive voltage spike is typically small enough to not cause 
any problems. 

The initial capacitor charge current will cause a voltage drop 
across the capacitor ESR. Since the capacitor Cq and output 
capacitor form a voltage divider, the magnitude of the initial 
voltage spike depends on the ESR values of Cc and the 
output capacitor. Since the overall output capacitor ESR 
value is usually much smaller than the compensation capaci¬ 
tor ESR, the initial voltage spike is very small, typically 500 
mV. if the inductor DC resistance is high (2Q and greater) 
and the initial start-up current is high, the spike may be 
higher. The diode D2 would clamp the positive output volt¬ 
age spike at around 300 mV in the case of a Schottky diode. 
In most cases this clamp is not required, and D2 can be 
omitted. 

Figure 3 and Figure 4 show the typical waveforms of the 
switching regulator. 
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Upper Trace: Switch Voltage, 5V/div 
Lower Trace: Inductor Current, 0.5A/div 
Horizontal: 2ps/div 

FIGURE 4. Discontinuous Mode 

Component Selection 

The section below will detail the calculation and selection of 
the circuit components. The calculations are done for con¬ 
tinuous mode operation. 
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Upper Trace: Switch Voltage, 5V/div 
Lower Trace: Inductor Current, 2A/div 
Horizontal: 2ps/div 

FIGURE 3. Continuous Mode 


Inductor Selection 

The duty cycle is calculated as: 

n = I^OUtI 

where 

Vd = Diode forward voltage 

Vsw = Transistor Switch On voltage (please refer to 
datasheet tor RDs(on) and for Isw^ax see calculation below; 
Vsv. = •I^Ds(on) 

Average inductor current II: 

I - *QUT 

'l " 1 -D 

There are different ways to calculate the required induc¬ 
tance. A good way to do this is to choose the inductor ripple 
current AIl between 20% and 30% of the average inductor 
current II. This will make the regulator operate in continuous 
mode and the design will have a good load transient re¬ 
sponse with an acceptable output ripple voltage. 
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Inductor Selection (Continued) 

Therefore the peak-to-peak inductor ripple current AIl is 
selected as: 

AIl ^ 0.2 to 0.3 
Required inductance: 



where f = Switching Frequency 

The inductor should have a RMS current rating equal or 
greater than the maximum switch current Isw^ax in order to 
avoid saturation of the inductance. In addition, the inductor 
should have a volt-second rating of at least: 

E«T = V,n/ D*f 

IC Device Ratings 

The DC/DC Converter has to be rated for the maximum 
current and voltage ratings. 

Peak switch current: 

AIl 

ISWmax ”■ i 2 

Since the ground of the device is connected to output, the 
maximum input voltage rating of the device has to be able to 
handle the nominal application input voltage plus the output 
voltage. 

Peak switch voltage and input voltage rating of the IC: 

VSWmax = V|N + IVouji 

Power Dissipation: 

Pd = V,N*lq + lsw^3/»RDs(on) 

Please refer to datasheet for RpsCon). 

Maximum switch current depends on the duty cycle D and 
the inductor value. This is important to know because a 3A 
step down regulator like the LM2673 cannot always deliver 
3A load current in such a topology, as shown in Figure 5. 
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10127005 

FIGURE 5. LM2673 Input Voltage vs. Load Current 
(VouT = -5V, L = 33 |jH) 


Diode Ratings 

The free wheeling diode D1 has to be able to handle the 
following parameters: 

^Dmax “ ISWmax 

Vomax = V|N + IVqutI 
Pd = lDmax*VD*(1-D) 

Usually a Schottky diode with a low forward voltage rating is 
chosen to achieve good converter efficiency. 

Output Capacitor Selection 

The output capacitor has to be selected mainly on its ESR 
value, and the capacitance must be able to deliver the load 
current when the switch is on. The ESR value will be the 
main parameter in determining the output voltage ripple. 
Because at the first moment when the free wheeling diode 
becomes forward biased only the output capacitor ESR 
value determines the load impedance and therefore the 
ripple voltage. 

Thus the required ESR for a desired output ripple voltage is 
calculated as: 

AVout 

ESR = -r-^ ; 

IsWmax 

where 

-^VouT = Desired output ripple voltage 

The minimum capacitor value for a desired output ripple and 

load current is: 

„ _ buT ^ 

OUTmm " f AVout 


Input Capacitor Selection 

The input capacitor is selected mainly on its ESR value and 
on the RMS current rating its order to support the high 
current changes on the input. Low ESR capacitors are rec¬ 
ommended in order to minimise the input voltage ripple and 
the interference with other circuits in the system. An addi¬ 
tional L-C input filter might be considered for EMI sensitive 
applications. 

Efficiency 

The efficiency is calculated as detailed below. This calcula¬ 
tion does not include the inductor, copper and capacitor 
losses but becomes very close to what you can expect in the 
final application. 

_ ^IN ~ ^SW _ I^OUtI 
^ ^iN 

Example: Inverting Regulator, 12V 
Input to -5V Output at 1.5A Load 
Current 

For this example, we will assume the freewheeling diode D1 
is Schottky, with a forward voltage drop of 0.5V. We can 
estimate the switch voltage to be 0.5V, although it may be a 
little different in the actual application. 
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Example: Inverting Regulator, 12V 
Input to -5V Output at 1.5A Load 
Current (Continued) 

The duty cycle is: 

D = (5V+0.5V)/(12V+5V+0.5V-0.5V)=0.32 
Calculate parameters related to the inductor: 

Il= 1.5A/(1-0-33) = 2.21 A 
AIl= 0.2»Iout = 0-44A 
L = (12V«0.32)/(260kHz«0.44A) = 33.6 mH 
E«T = (12V+5V)/(0.32»260l<Hz) = 204V*ps 
Peak inductor current is the same as the peak switch cur¬ 
rent: 


Iswmax = 2.21 A + (0.44A/2) = 2.43A 
An appropriate choice of inductor would be 33pH, rated for 
more than 3A and 210V*ps. An appropriate switching regu¬ 
lator 1C would be the LM2673-5.0, which has a 3A/40V 
switch rating and 40V input rating. In addition, the 
LM2673-5.0 is configured to control a -5V output in this 
topology. The LM2673 has an Roson of 0.15Q; checking the 
switch voltage estimate, we find it to be 
Vswmax = 2.43A»0.15a = 0.37V 

This lower switch voltage will slightly reduce the peak switch 
current, but will not significantly change the other calcula¬ 
tions. 

The resulting circuit is shown in Figure 6. Its efficiency is 
typically 82% at full load. 
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5 7 

I Ic/L s; 


ss 


OUT 


GND 


33 /iH 


22 >iF/35V 
AVXTPS 


f 


MBRD835L 


:rr 


LI Coilcraft , 

D05022-333 Jl 3X100 AtF/l6V ! 

^ AVXTPS cP ^ , 

D2 A Optional 


O GND 


“O -5V/1 5A 


FIGURE 6. 5V to -15V/150mA Buck Boost Converter 


PCB Layout Guidelines 

A recommended printed circuit board (PCB) layout for the 
LM267X inverting regulator is shown in Figure 7. 

It is very important to place the input capacitor as close as 
possible to the input pin of the regulator. In order to achieve 
the best performance special care has to be taken for proper 
grounding. A good practice is always the use of a separate 
ground plane or at least a single point ground structure. At 
higher load currents like >1A, special care of metal traces 
and component placement has to be taken. One reason for 
this is that high switching currents cause voltage drops in the 
PCB metal trace, and long metal traces and component 
leads cause parasitic unwanted inductance as well, espe¬ 


cially at switching frequencies of 260kHz and above. This 
parasitic inductance is very often main source of high volt¬ 
age spikes at input and output lines and EMI problems. 
Therefore place the inductor, free wheeling diode, and espe¬ 
cially the input capacitor as close as possible to the 1C. Use 
heavy lines for the metal traces to these components. 

Wire the feedback circuit away from the inductor in order to 
avoid flux intersection. Use shielded cores for better EMI 
performance. 

In sensitive applications, input and output voltage spikes 
may still not be acceptable even if iow ESR input and output 
filter capacitors are already used. In such a case, input and 
output L/C filters should be considered. 
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PCB Layout Guidelines (Continued) 


10127020 

Top Layer 



L1 = DO5022-333. Coilcraft 
C,N = 3x15pF/50V Spraque T595 
CouT = 3x100pF AVX TPS Series 
D1 = MBRD835L 
Cc = 22 |jF/ 35V AVX TPS Series 

FIGURE 7. LM2673 Demo Board 12V to -5V/1.5A; 
Please refer to Figure 6 for the application circuit 


stability Considerations 

Pulse-width modulated switch mode DC/DC converters con¬ 
sist of a frequency response control loop, and therefore the 
design has to fulfill the stability criteria of a control loop. 
Since the value of the inductance, output capacitor value 
and ESR, and compensation capacitor Cc will influence the 
regulator loop stability, the converter has to be tested for 
stability. 

The first test for stability is to check the switch voltage 
waveform across the semiconductor switch, which is the 
output pin of the LM2673. This waveform should be stable 
and free of jitter as it is shown in Figure 3 and Figure 4 for 
continuous and discontinuous operation. 

If this is the case under all input voltage and load current 
conditions it is already a good indication of a stable design. 
The next measurement is the pulsating load test, or load 
transient response. During this test the load current is pulsed 
(rectangular waveform, fast rise time) between minimum and 
maximum load. The output voltage waveform is monitored 
with an oscilloscope. Please see Figure 8. Under these 
conditions the output voltage should respond without any 
oscillation to the load current changes. This has to be veri¬ 
fied again under all input voltage conditions. 

If the regulator exhibits stability problems during these tests, 
the output capacitor and/or compensation capacitor Cc has 
to be changed accordingly. For the LM267x inverting 


buck-boost applications, the stability will usually improve 
with an increase in the capacitor value of Cc (use a low ESR 
capacitor). 


Tek Stopped. 4 Acquisitions 



10127006 


Upper Trace: Output Voltage, lOOmV/div 
Lower Trace: Load Current, lA/div 
Horizontal: 2ps/div 

FIGURE 8. Load Transient Response Shows Stable 
Operation 
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startup Considerations 

At low input voltages (down to 5V), the LM267x series of 
switching regulators can take full advantage of the 
buck-boost topology. Usually these regulators have a mini¬ 
mum input voltage requirement of V|n = 6.5V, because of the 
internal 5V regulator which provides the internal bias for the 
IC. 

Since the ground of the device is connected to the output, 
the resulting voltage from V|n to GND is the input voltage 
plus the magnitude of the output voltage, typically totalling 


over 8V. Please refer to the chapter "Device Ratings". There¬ 
fore, the part initially has 5V at the input enabling the device 
to start up, and as soon as the output goes negative the 
input voltage of the device will raise eventually up to (V|n + 
Vqut) which is greater than 6.5V and well within the speci¬ 
fication. 

Inverting regulators often require high peak input currents 
during startup. These can be minimized by using the 
soft-start feature of the switching regulator IC. 
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Selecting Inductors for 
Buck Converters 


National Semiconductor 
Application Note 1197 
Sanjaya Maniktala 



Introduction 

This Application Note provides design information to help 
select an off-the-shelf inductor for any continuous-mode 
buck converter application. 

The first part shows how the designer should estimate his 
requirements, specifically the required inductance 
The next part takes an off-the-shelf inductor and shows how 
to interpret the specs provided by the vendor in greater 
detail. A step-by-step procedure is provided. 

Finally, all the previous steps are consolidated in a single 
design table, which answers the question; “How will the 
selected inductor actually perform in a specific application?” 
The important point to note here is that though every induc¬ 
tor is designed assuming certain specific ‘design conditions’, 
that does not imply that these conditions cannot be varied. In 
fact every inductor can be satisfactorily used for many appli¬ 
cations. But to be able to do this, the designer must know 
how to be able to accurately predict, or extrapolate, the 
performance of the inductor to a new set of conditions, which 
are his specific ‘application conditions’. It will be shown that 
‘intuition’ can be rather misleading. A detailed procedure is 
required and is presented in the form of the Design Table 
{Table 2) and the Selection Flow Chart {Figure 2). 

Background: The Inductor Current 
Waveform 

Refer to Figure 1, which shows the current through an in¬ 
ductor in continuous mode operation (bold line). Consider its 
main elements: 


Iq. Note that by definition ‘r’ is a constant for a given 
converter/application (as it is calculated only at maxi¬ 
mum load), and it is also defined only for continuous 
conduction mode. 

r - — 


A high inductance reduces Al and results in lower ‘r’ (and 
lower RMS current in the output capacitor), but may resuit in 
a very large and impractical inductor So typically, for most 
buck regulators, ‘r’ is chosen to be in the range of 0.25-0.5 
(at the maximum rated load). See Appendix to this Applica¬ 
tion Note. Once the inductance is selected, as we decrease 
the load on the converter (keeping input voltage constant), Al 
remains fixed but the DC level decreases and so the current 
ripple ratio increases. Ultimately, at the point of transition to 
discontinuous mode of operation, the DC level is AI/2 as 
shown in Figure 1. So 

• The current ripple ratio at the point of transition to discon¬ 
tinuous mode is 2. Therefore, the upper limit for ‘r’ is also 
2 . 

• The load at which this happens can be shown by simple 
geometry to be r/2 times Iq. So for example, if the induc¬ 
tance is chosen to be such that ‘r’ is 0.3 at a load of 2A, 
the transition to discontinuous mode of operation will 
occur at 0.15 times 2A, which is 300 mA. 

Note: If the inductor is a ‘swinging’ inductor, its inductance normally in¬ 
creases as load current decreases and the point of transition to 
discontinuous mode may be significantly lower We do not consider 
such inductors in this Application Note 


1 ■ Idc 

— is the geometrical center of the AC/ramp component 

— is the average value of the total inductor current 
waveform 

— is the current into the load, since the average current 
through the output capacitor, as for any capacitor in 
steady state, is zero 

2. IpEAK is Idc+^I/2, and it determines the peak energy in 
the core (e = V 2 *L*I^), which in turn is directly related to 
the peak field the core must withstand without saturat¬ 
ing. 

3- Itrough is Idc-^I/2 and determines the constant re¬ 
sidual level of current/energy in the inductor. Note that it 
depends on the load, even though it is not itself trans¬ 
ferred to the load. 

4. The AC component of the current is 
Iac = Al = IpEAK “ Itrough 

5. The DC component is the load current for the case 
shown in the figure. 

Idc = Iq 

where Iq is the maximum rated load. 

6. and ‘r’ is defined as the ratio of the AC to DC compo¬ 
nents (current ripple ratio) evaluated at maximum load, 


Estimating Requirements for the 
Application 

There are two equivalent ways to go about calculating the 
required inductance and the designer should be aware of 
both. 


BASIC METHOD TO CALCULATE L 

From the general rule V = L*dl/dt we get during the ON time 
of the converter: 


Al 

Vn = L X —- 
° D/f 


where V,n is the applied DC input voltage, Vsw's the voltage 
across the switch when it is ON, D is the duty cycle and f is 
the switching frequency in Hz. Solving for Al we can write ‘r’ 
as: 


(V|N - Vsw - Vq) X D 
L X f X Iq 

Now, for a buck regulator, we can show that the duty cycle is 
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Estimating Requirements for the 
Application (Continued) 


D = 


Vq ^ Vp 
- Vsw + Vp 


where Vq is the forward drop across the catch diode (= 0.5V 
for a Schottky diode). 

‘r’ can be finally written as: 


Note: During a hard power-up (no soft start) or abnormal conditions like a 
short circuit on the output, the feedback loop is not effective in limiting 
the current to the value used above for calculating the energy handling 
capability The current is actually going to hit the internal current limit of 
the device, Iclim Figure 1, and this could be much higher than the 
steady state value calculated above If the inductor has saturated, and 
if the input DC voltage is higher than 40V the current could slew up at 
a rate so high that the controller may not be able to limit the current at 
all, leading to destruction of the switch Luckily, most off-the-shelf 
inductors are designed with large inherent air gaps and do not saturate 
very sharply even under overload conditions However we strongiy 
recommend that at least when the input voltage is above 40V, the 
inductor should be sized to handle the worst case energy ecLiM= 


_ (V|N - Vsw - V X (Vq + Vp) 
- Vsv, + Vo) X L X f X lo 

and L is therefore 


_ 2 
®CLIM “ 2 ^ ^ 'ci-llyl 

where L is in pH and Iclim is the internal limit of the regulator 
in amps. 


(Vm - Vsw - Vq) X (Vo + Vp) 

-.—.-.-_____-____ ^ ^ qu ^ 

(V|N - Vsw + Vp) X r X f X Iq 


where f is in Hz. 


EXAMPLE 1 

The input DC voltage is 24V into an LM2593HV buck con¬ 
verter. The output is 12V at a maximum load of 1A. We 
require an output voltage ripple of 30 mV peak-to-peak (±15 
mV). We assume Vsw = "i-SV, Vp = 0.5V and f = 150,000 
Hz. 

Since, for loop stability reasons, we should not use any 
output capacitor of less than 100 mil, and since we do not 
wish to use an LC post filter, our Al must be 


Al 


30 mV 
100 mil 


So ‘r’ is 


0.3 

1.0 


= 0.3 


The required inductance is 

(24 - 1.5 - 12) X (12 + 0.5) . 

L = --^- X 10® 

(24 - 1.5 + 0.5) X 0.3 X 150000 X 1.0 

L= 127 pH 

The required energy handling capability is next calculated. 
Every cycle, the peak current is 

Al 0.3 

'peak 2 ^ 


VOLTSECONDS METHOD TO CALCULATE L 

Talking in terms of voltseconds allows very general equa¬ 
tions and curves to be generated. Here we talk of voltspsecs 
or ‘Et’ which is simply the voltage across the winding of the 
inductor times the duration in psecs for which it is applied. 

Note: 

• Current ramps up to the same peak value whether V (the 
applied voltage across inductor) is large but t (the time for 
which V is applied) is small, or whether V is small but t is 
large. So an infinite number of regulators with different 
combinations of input and output voltages but having the 
same voltseconds are actually the same regulator from 
the viewpoint of basic magnetics design. Et is what really 
counts. (The only exception to this is the Core Loss term 
since this depends directly on the absolute value of the 
frequency too, not just the Et) 

• Also, Et can be calculated during the ON-time, (Vpsecs 
gained), or during the OFF-time (Vpsecs lost). Both will 
give the same result since there is no net change in 
Vpsecs per cycle in steady state. 

• Also, remember that though Vpsecs is related to the 
energy in the core, it does not tell us the total energy. The 
Vpsecs gives information only about the AC component 
of ‘r’, i.e., Al. Combined with the DC component Iqc. if 
determines the peak current and energy of the inductor. 
So both Iq and Et are the variables on which our design 
procedure and tables are based upon. But a given appli¬ 
cation IS completely defined by a certain Iq and Et (and 
frequency for the core loss term), and so these cannot be 
changed. Our only degree of freedom is L (or ‘r’) and we 
fix it according to the guidelines in the Appendix. 

From the general equation V = L*dl/dt we can write that V*dt 
= L*dl. Here V*dt is the applied voltseconds. So by definition 
Et = VAt = LAI Vpsecs 

where L is in pH. ‘r’ can therefore be written as 


IpEAK - 1-15A 

The required energy handling capability ‘e’ is 


Et 

L X Iq 


e 


T X L X I, 


PEAK 


/iJ 


where L is in pH. So 


Solving for L 


Et 

L =- 


1 

e = - X 127 X 1.15 
2 


2 


= 84 /iJ 


which gives us an alternate and more general way of calcu¬ 
lating L. 
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Estimating Requirements for the 
Appiication (Continued) 

EXAMPLE 2 

We repeat Example 1 from the viewpoint of Et. 

The ON-time is 

^ D ^ (12 + 0.5) X 10^ 

f (24 - 1.5 + 0.5) X 150000 

toN = 3.62 psecs 
So Et is 

Et = (V|N—V 3 y\/—V q) X tQ(vj = (24—1.5—12) x 3.62 Vpsecs 
Et = 38.0 Vpsecs 
L is therefore 


L 



L = 


58.0 
0.3X 1.0 




L= 127 pH 

which gives us the same result as in Example 1 as expected. 

SUMMARY OF REQUIREMENTS 

• An inductance of 127 pH (or greater, based on maximum 
Y of 0.3) 

• DC load of 1A (to ensure acceptable temperature rise, 
specify AT) OR steady state Energy handling capability of 
84 pJ 

• Peak load of 4.0A (to rule out core saturation if DC input 
voltage >40V) OR peak energy handling capability of 
1016 pJ. (Max Current Limit of LM2593HV is 4.0A) 

• Et of 38 Vpsecs 

• Frequency 150 kHz 

These can be communicated directly to a vendor for a 
custom-built design. 

Characterizing an Off-the-Sheif 
Inductor 

With reference to our design flow chart in Figure 2, the first 
pass selection is based upon inductance and DC current 
rating. We tentatively select a part from Pulse Engineering 
because its L and Iqc are close to our requirements, even 
though the rest does not seem to fit our application (see 
Table 1 and bullets below). In particular the frequency for 
which the inductor was designed is 250 kHz, but our appli¬ 
cation is 150 kHz. We are intuitively lead to believe that since 
we are decreasing the frequency our core losses will go up, 
and so will the peak flux density. In fact the reverse happens 
in our case, and that is why it is important to follow the full 
procedure presented below. ‘Intuition’ can be very mislead¬ 
ing. 

The vendor also states that: 

• The inductor is such that 380 mW dissipation corre¬ 
sponds to 50°C rise in temperature. 


• The core loss equation for the core is 6.11 x 10“^® x ^ 
X f^°"^ mW where f is in Hz and B is in Gauss. 

• The inductor was designed for a frequency of 250 kHz. 

• Et^oo IS the Vpsecs at which ‘B’ is 100 Gauss. 

Note: For core loss equations it is conventional to use halfVne peak-to-peak 
flux swing So, like most vendors, the ‘B’ above actually refers to AB/2 
This must be kept in mind in the calculations that follow 

The step-by-step calculations are: 

a) AC Component of Current: 

This can be easily calculated from 
Et = LAI Vpsecs 
where L is in pH. 

So 


Al 


L 


59.4 

137 


0.434A 


b) ‘r’: 

So this inductor has been designed for the following ‘r’ 


r = 


Al 


0.434 

0.99 


r = 0.438 

at a load current of 0.99A. 

c) Peak Current: 


'peak 



0.99 


0.434 
+- 

2 


A 


IpEAK - 1-21A 

d) RMS Current: 


'rms 



A 


'rms 


0.99^ 


0.454^ 

12 


A 


Irms - 0.998A 

e) Copper Loss: 

This is 

Pcu ~ ^RMS^ ^ DCR mW 
where DCR is in m^l. 

In most cases, to a close approximation, we can simply use 
Idc instead of I rms the above equation. Also sometimes, 
the vendor may have directly given the RMS current rating of 
the inductor. 

Pcu = 0.998^ X 387 mW 
Pcu = 385 mW 

f) The AC Component of the B-Field: 

This is proportional to the AC component of the inductor 
current. 
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Characterizing an Off-the-Sheif 

Inductor (Continued) 

The vendor has provided the information that an Et of Et-,oo 
= 10.12 Vpsecs produces 100 Gauss (B). So since the 
inductor is designed for an Et = 59.4 Vpsecs, we get 

Et 59.4 

B = - X 100 = - X 100 Gauss 

Etioo 10.12 


B = 587 Gauss 

But this is haif the peak-to-peak swing by convention. So 
AB = 2*S = 1174 Gauss 

CHECK: We can use the alternative form for AB as given in 
Tabie 2. We asked the vendor for more details than he had 
provided on the datasheet and we learned that the effective 
area of the core, Ae, is 0.0602 cm^ and the number of turns 
is N = 84. So 


AB 


100 > Et 

N-Ae 


Gauss 


100 "59.4 
84 • 0.0602 


1175 Gauss 


PcoRE = 6.11 X 10-16 X 


AB 

2 


2.7 

X f2-0^ 


mW 


PcoRE = 6.11 X lO""'® X 587^ ^ X 250000^ mW 
PcoRE = 18.7 mW 

j) Total Inductor Loss: 

P “ PCU PCORE 

P = 385 + 18.7 mW 
P = 404 mW 

k) Thermal Resistance of Inductor: 

The vendor has stated that 380 mW dissipation corresponds 
to a 50°C rise in temperature. So thermal resistance of the 
inductor is 


^TH 


50 

380 

1000 


oc/w 


Rth = 131.6°C/W 

I) Estimated Temperature Rise of Inductor: 


AT 


RthX 


P 

1000 


OC 


which is what we expected. 

g) The DC Component of the B-Field: 

This IS proportional to the DC component of the inductor 
current. In fact the instantaneous value of B can always be 
considered proportional to the instantaneous value of the 
current (for a given inductor). 

The proportionality constant is known from f) above, i.e., a Al 
of 0.434A produces a AB of 1174 Gauss. So the DC compo¬ 
nent of the B-field must be 

AB 

®DC “ ^1 ^ *DC 

where 

^DC = Iq ~ 0.99A 

1174 

Bpip — X 0.99 Gauss 

0.434 

Bqc = 2678 Gauss 

h) Peak B-Field: 

Since B is proportional to I, we can write for the peak B-field 
AB 

^PEAK “ %C “ ^®^ss 

1174 

BpEAi^ — 2678 ^ Gauss 

= 3265 Gauss 

i) Core Loss: 

The vendor has stated that core loss (in mW) is 6.11 x 10“^® 
X ^ X P watts where f is in Hz and B is in Gauss. 


AT = 131.6 X -OC 

1000 

AT = 53“C 

Here the temperature rise ‘AT’ is the temperature of the core, 
‘Tcore’ minus the worst case ambient temperature 
‘Tambient’- The ‘ambient’ is the local ambient around the 
inductor. 

m) Energy Handling Capability of Core: 

where L is in pH 

1 2 
e = - X 137X 1.2r pJ 
2 

e = 100 pJ 

As before, we warn that the energy in the core during hard 
power-up or a short circuit on the outputs, may be signifi¬ 
cantly higher. 

In case of soft-start it should also be remembered that there 
are several ways to implement this feature, and not all lead 
to a reduction in switch or inductor current at start-up. The 
worst condition is start-up with a short aiready present on the 
output. The inductor waveforms should therefore be moni¬ 
tored on the bench during all conditions to check this out. 
Also it will be seen that all inductors of a ‘family’, i.e., using 
the same core will typically have the same rated energy 
capability. So if this core is found to be inadequate, normally 
the only way put is to move to a physically larger 
core/inductor. Other options include the use of improved and 
more expensive core materials. 
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Characterizing an Off-the-Shelf 
Inductor (Continued) 

SUMMARY OF INDUCTOR PARAMETERS 

• The inductor is designed for about 50°C rise in tempera¬ 
ture over ambient at a load of 1A. 

• The copper losses (385 mW) predominate (as is usual for 
such inductors/core materials) and the core losses are 
relatively small. 

• The peak flux density is about 3200 Gauss, which occurs 
at a peak instantaneous current of 1.2A. 

• The rated energy handling capability of the core is 
100 pJ. 

Note: Most vendors do not explicitly provide the material used, though an 
astute designer can figure this out by looking at the exponents of B and 
f in the core loss equation provided, or of course simply by asking the 
vendor In this case we know that the material is ferrite and can 
typically handle a peak flux density of over 3000-4000 Gauss before it 
starts to saturate (Caution not all ferrite grades are similar in this 
regard and also that the saturation flux density Bsat falls as the core 
heats up) 

Evaluating the Inductor for the 
Actual Application 

Above we have the limits of the inductor operating under its 
design conditions We will now extrapolate its performance 
to our specific application conditions. Unprimed parameters 
are the original ‘design values’, and the corresponding 
primed parameters are the extrapolated ‘application values’. 
The following are the design conditions (these may be al¬ 
lowed to change): 

• Idc 

• Et 

• f 

• ^ambient 

The ‘Application Conditions’ are: 

• I'dc 

• Ef 

• f 

• T'amBIENT 

In going from the ‘Design Conditions’ to the ‘Application 
Conditions’ the following are considered constant 

• L 

• DCR 

• Rth 

• The core loss equation 

And, finally, to ‘approve’ the inductor for the given application 
we need to certify 

• ‘r’ is acceptable (choice of L) 

• BpEAK OK. 

• IpEAK IcLIM- 

• AT OK (evaluate Pqu + Pcore)- 

• Bclim < Bsat (if DC input voltage is >40V). 

We assume the vendor has provided all the following inputs: 

• Et (Vpsecs) 

• Eti 00 (Vpsecs per 100 Gauss) 

• l-(pH) 

• Idc (Amps) 


• DCR (mQ) 

• f(Hz) 

• The form for core losses (mW) as a*B'^*F, where B is in 
Gauss, f in Hz. Note that B is half the peak-to-peak flux 
swing. 

• Thermal resistance of inductor in free air {°C/\N) 

If any of these are unknown, the vendor should be con¬ 
tacted. 7ad/e 2 condenses the step-by-step procedure given 
earlier and also shows how to ‘extrapolate’ the performance 
of the inductor. 

EXAMPLE 3 

This shows the complete selection procedure. Refer to Table 
2 and Figure 2. We have seen that the ‘Design Conditions’ of 
the inductor are: 

• Et = 59.4 Vpsecs 

• f = 250,000 Hz 

• ioc “ 0.99A 

Our ‘Application Conditions’ are 

• Ef = 38 Vpsecs 

• f = 150,000 Hz 

• I'dc = 1A 

(We assume that Tambient's unchanged so we can ignore it 
above). 

We need to verify that using the inductor in the given appli¬ 
cation: 

a) current ripple ratio ‘r’ is close to desired 

b) peak flux density/current are within bounds 

c) temperature rise is acceptable 
Using Table 2: 

a) Y: 

Design Value: 


Et 


59.4 

137-0.99 


r = 0.438 

Extrapolated to our Application: 

r' = r • 


r' = 0.438 

r' = 0.277 

We expected ‘r” to be slightly lower than 0.3 since the 
chosen inductor has a higher inductance than we required 
(137 pH instead of 127 pH). This is acceptable however as 
the output voltage ripple will be less than demanded, 
b) Peak Flux Density 
Design Value: 


38- 0.99 
59.4 • 1 
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Evaluating the Inductor for the ^2 

Actual Application (continued) PcU = 387 .( 0.992 + ^ mW 


200 


°PEAK 


Ei 


100 


Odc • L) + 


Gauss 


^PEAK “ 


200 ^ 
10.12 ' 


(0.99 - IS?) + 


59.4 


Gauss 


Pcu = 385 mW 

PCORE = a* 

•^MOO 

where the vendor has provided that a = 6.11*10“^®, b = 2.7 
and c = 2.04. So 


— 3207 Gauss 

Extrapolated to our Application: 


'PEAK 


^PEAK ‘ 


2- L‘ 


' DC 


+ Et' 


Gauss 


' PEAK 


3267 - 


2 •137 • 1 +38 


2 • 137 - 0.99 + 59.4 


Gauss 


B'peak = 3084 Gauss 

which is less than Bp^ak snd therefore acceptable, 
c) Peak Current 

To ensure that the regulator will deliver rated load, we need 
to ensure that the peak current is less than the internal 
current limit of the Switcher 1C. 

Design Value: 


'peak “ 'dc 


Et 

2- L 


A 


^CORE 


6.1 1 • 10"^^ 


59.4 

10.12 


lOO]^’^* mW 


PcoRE = 18.7 mW 
So 


AT = Rth • 


'^CORE 

1000 


°C 


AT 


50 385 + 18.7 

0.380 ‘ 1000 


AT = 53°C 

because the vendor has stated that 380 mW dissipation in 
the inductor causes 50°C rise in temperature. 

Extrapolated to our Application: 


■^’cu “ 


(12. I'cc^.L^) + Et'2 
(12. Idc^.l 2) + Et2 


mW 


'peak 


0.99 + 


59.4 
2 -137 


CU 


= 385 * 


(12*1^* 137^) + 38^ 
(12 • 0.99^ • 137^) + 59.4^ 


mW 


IpEAK = 1.21 A 

This corresponds to a B-field of 3267 Gauss as calculated 
above. 

Extrapolated to our Application: 


''peak “ 'peak 


(2.L.|'dc) ^ Et' 
(2. L.Idc) + Et 


''peak 


(2 . 137 . 1.0) + 38 
(2 . 137.0.99) + 59.4 


P'cu = 389 mW 


Evr f 


Et If 


mW 


38 h50000y-°'^ 

59.4J ’[250000] 


mW 


P'coRE - 2 mW 
So, 


I'PEAK = 1 ■14A 

This corresponds to a B-field of 3084 Gauss as calculated 
above and is less than Iqlim- (Min Current Limit of 
LM2593HV is 2.3A). 
d) Temperature Rise; 

Design Values: 


Pcu = DCR-duc^ 


E^ 


12 * 


-) mW 


AT' = AT • 


^'CU CORE 
'"cU '^CORE 


°C 


AT' = 53 


389 + 2 
385 + 18.7 


°C 


AT = src 

which is considered to be acceptable in this application. 
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Conclusions 

By the detailed selection procedure above, we can expect 
the selected inductor to work well for the given lower fre¬ 
quency application example. As mentioned earlier, we would 
have ‘intuitively’ thought that since the inductance and cur¬ 
rent rating is about what we need, if we lowered the fre¬ 
quency from 250 kHz to 150 kHz, the peak current and field 
would increase. But they actually decrease as we can now 
see. The reason being, that the inductor was designed for a 
higher Et in mind (59.4 Vpsecs vs. our 38 Vpsecs). As stated 
earlier, Et in effect, defines the regulator configuration itself, 
so we did not just lower the frequency, we actually went to an 
entirely different input-output voltage combination to what 
the inductor had been originally designed for. As we can now 
guess, the original inductor had been probably designed for 
a much higher applied voltage to what we subjected it to. But 
this was not obvious at first sight. The full procedure as given 
in Figure 2 and Table 2 is therefore necessary to avoid such 
‘errors of intuition’. 

The data sheets of National’s Simple Switchers also gener¬ 
ally include simple nomograms and these are useful in most 
cases, but limit the selection to certain previously specified 
or custom built inductors and are also based on certain 
assumptions. In particular, there are many factors to con¬ 
sider when fixing a certain current ripple ratio ‘r’, which 
happens to be the key input in the process of selection an 
inductor. Nomograms are easy to use but assume a certain 
‘r’ which may not be ideal for all purposes. In fact in the 
example discussed above, we did in fact select an induc¬ 
tance higher than what the nomograms may have recom¬ 
mended, because of output voltage ripple considerations. 

In general, this Application Note should help in selecting a 
more optimum and readily available off-the-shelf inductor. 

Appendix: Optimizing the Size of 
the inductor 

The size of the inductor is related to the energy handling 
capability required. The energy handling capability is 
V 2 *L*lpEAK^. For a given application, if we reduce induc¬ 
tance, it seems that this would increase Al and thereby 
IpEAK. which would cause the energy requirement to in¬ 
crease since It depends on square of current. However, a 
detailed calculation shows agin that reality is counterintui¬ 
tive. The energy handling requirement is actually substan¬ 
tially reduced if the inductance is decreased. In terms of ‘r’, 
we can in fact write the energy handling capability as 



where ‘r’ is AI/Iq and Et is in Vpsecs. 

For a given application, Et is fixed as is Iq, so the term in 
square brackets gives ‘e’ the shape shown in Figure 3. We 
can see that the energy handling requirement (size of induc¬ 
tor) decreases as Y increases (L decreasing). The best 
value is the ‘knee’ and so it is a good idea to target an ‘r’ of 
30%-40%. No great improvement in the size of the inductor 
will take place by increasing ‘r’ much more than this, but the 
RMS current in the output cap, and also the RMS current in 
the input capacitor (especially for large duty cycles), will 


increase substantially. The absolute value of the RMS ripple 
current in the input capacitor is much higher than in the 
output capacitor, and the designer should watch out for the 
cost penalty on the input capacitor too! Refer to Table 3 for 
the complete set of optimization equations expressed as a 
function of ‘r’. 

While optimizing, the following points need to be considered: 

• For a given application, having defined input and output 
voltages and load current, Et is fixed as are D and Iq- So 
the only degree of freedom is in selecting the ‘r’. The 
equations in Table 3 are therefore written in terms of Y. 

• Table 3 provides the general equations required for opti¬ 
mization but also provides the values at an Y of 0.3 in the 
adjacent column as a benchmark. This is also equivalent 
to the ‘flat top approximation’ often used for quick esti¬ 
mates. 

• Figure 3 plots the variation of each parameter, normal¬ 
ized to the benchmark values (i.e., set to unity at an ‘r’ of 
0.3). 

• Note that when calculating dissipation in the switch, one 
must consider whether the switch is a bipolar transistor or 
a FET. If it is a FET, we need to apply l^*R where I is the 
RMS switch current and R is the Rqs of the FET. If it is 
bipolar, we need to use V*l where V is the saturation 
voltage across the switch, and I is the average switch 
current. That is why both have been provided in Table 3. 
Also note that for a bipolar switch, the dissipation is 
seems almost independent of ‘r’. In practice, the satura¬ 
tion voltage drop depends on the instantaneous value of 
current, so dissipation does increase slightly with ‘r’. 

• Referring to Figure 3 we can see that the RMS inductor 
current hardly changes over a very wide range of ‘r’. That 
is why, earlier in this Application Note, it was mentioned 
that for the purpose of evaluating copper losses we may 
use lo^ instead of Irms^- 

• The core losses also increase substantially with increas¬ 
ing Y. It can be shown that even if we keep the same 
core size, the flux density B^c QO up as rv^. Going to 
a smaller core could increase this further. 

• The RMS capacitor currents in the input and output are 
the main components to consider because they can in¬ 
crease rapidly with ‘r’. So for example, if we increase ‘r’ to 
0.6 (from 0.3), the energy handling requirement of the 
inductor falls by about 35% but the dissipation in the 
output capacitors (if ESR is unchanged) will increase by 
400%! Alternatively stated, we now need to select an 
output capacitor with twice the ripple current rating. 

• It must also be kept in mind that there is an output voltage 
ripple AV = ESR x Al associated with the current ripple. 
Now, the ESR of the output capacitor cannot usually be 
decreased below 100 mQ-200 mQ (with voltage mode 
control) for loop stability reasons. So for high loads (and 
high ‘r’), the dissipation in the output capacitor will nec¬ 
essarily be high since we cannot reduce ESR further. 
This may call for physically large sized output capacitors 
to handle the dissipation. In addition, the output voltage 
ripple will be high too, and since we cannot reduce this by 
reducing the ESR, we will need to add on a post LC filter. 
So, for high load currents, it may become necessary to 
decrease ‘r’ substantially. This in turn will lead to a large 
inductor with slow transient response ability. 
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Appendix: Optimizing the Size of 
the inductor (Continued) 

• We have implied that the physical size of the inductor is 
related to its energy handling capability only. This in turn 
suggests that we are talking of inductor designs that are 
core-saturation limited. While this is usually true if the 
core material is a ferrite, it may not be true of some 
powdered iron inductors for example. The size of these 
may be limited not by core saturation but by core losses, 


which depend on flux swing, or Al, not I (or ‘e’). So, while 
Figure 3 is still valid, the criterion of ‘best choice’ may 
change. It may be necessary to choose or restrict Y to 
much smaller values than the ‘knee’. 

This completes the information required to optimize not only 
the inductor but the buck regulator itself. The key factor 
affecting cost/size of almost all the components is the cur¬ 
rent ripple ratio Y and this needs to be carefully optimized as 
discussed above. 



FIGURE 1. Inductor Current Waveform 


TABLE 1. Specifications of Available Inductor 


Part Number 

1 Reference Values 

Control Values 

Calculation Data 

Iqc (Amps) 

Ldc (mH) 

Et (Vpsecs) 

OCR (nom) mQ 

Etioo (Vpsecs) 


P0150 

0.99 

137 

59.4 

387 

10.12 
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Appendix: Optimizing the Size of the Inductor (Continued) 
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FIGURE 2. Design Flow Chart for Selection of Inductor 
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Appendix: Optimizing the Size of the Inductor (Continued) 


TABLE 2. Complete Design Table for Evaluating the Inductor for a Given Application (Continued) 

Design Conditions Application Conditions 

Design Parameters i Et f T l' -1 Ef f T' 

_ IpO L 'ambient _ ' DC - 'Oi » * AMBIENT 

Temperature Rise (AT) °C P +P r n 


^ r,.. CU ^CORE 

AT = Rth • -——- at- = A 

1000 ^ 

Et in Vjjsecs, DCR in mO, L in pH, f in Hz, Effective Area Ae in cm^, N is number of turns 

TABLE 3. Optimization Table for Fixing Current Ripple Ratio ‘r’ 


Parameters 

Energy Handling Capability pj 

RMS Current in Output Cap Amps 
RMS Current in Input Cap Amps 

RMS Current in Inductor Amps 


As a Function of ‘r’ 

,.Et r f? V 



f2 / 

2 

r • 




r 




r r^l 

1 - D + — 

I 

12_ 


For ‘r’ = 0.3 

(to a first approximation) 

2.2 • lo • Et 


/d* (1 - D) 


RMS Current in Switch Amps 


Average Current in Switch Amps 
Average Current in Diode Amps 

r = AI/Iq, Et in Vpsecs 



1 + - 

I 

12 _ 


lo*D 

lo*(1-D) 


lo*D 

lo*(1-D) 
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LM2623 Ratio Adaptive, 
Gated Osciiiator Cookbook 


National Semiconductor 
Application Note 1221 
John Fairbanks 



LM2623 General Purpose, Boost 
Converter Circuit 

The next page shows the generic application circuit for 
LM2623 boost converters. The LM2623 boost converter cir¬ 
cuits are very conventional, except for the ratio adaptive 
circuitry that is used to change the duty cycle. These com¬ 
ponents adjust the duty cycle to match it to the input/output 
voltage ratio requirements. R3 provides the drive current for 
the oscillator (frequency increases with lower resistance val¬ 
ues). C3 and R5 provide the duty cycle adjustment. The 
default duty cycle when C3 and R5 are left out is about 17%. 
The value of C3 generally determines the total amount of 
charge transfer and resulting duty cycle adjustment. Smaller 
R3 values require larger C3 values (more charge transfer) to 
achieve the same duty cycle adjustment percentage. When 
more than 17% is necessary and it is not necessary to adjust 
the duty cycle dynamically (as the input to output voltage 
ratio changes), R5 can be omitted. Adding R5 allows the 
duty cycle to change as the input to output voltage ratio 
changes due to the battery discharging in portable applica¬ 
tions. In applications where the fresh or fully charged battery 
voltage is close to the output voltage (2 cells generating 
3.3V), the optimum duty cycle changes dramatically as the 


battery discharges. Use of the correct R5 in these situations 
will optimize the duty cycle for the voltage ratio and minimize 
the ripple due to overshoot caused by stored energy in the 
coil. 

The table of values below the application circuit on the next 
page should produce good performance for the application 
requirements stated. Recommended inductor values are 
based on input voltage, load current and operating fre¬ 
quency. 4.7 pH works well in most LM2623 two cell applica¬ 
tions. 6.8 pH works well in most LM2623 Lilon or three cell 
applications. RF1 and RF2 set the output voltage by dividing 
the output voltage for comparison to the reference at the pin 
4 FB pin. CF1 couples the AC ripple from the output directly 
into the comparator at pin 4. When in regulation, this triggers 
the regulation limit each switching cycle. Triggering this limit 
allows the comparator to make the voltage comparison from 
the same direction (above the limit) each switching cycle. 
This minimizes the hysteretic component of ripple. A 68 pF or 
larger output capacitor is recommended to minimize ripple 
resulting from overshoot due to stored energy in the coil. The 
rectifier diode should be selected as a function of peak 
currents and efficiency requirements. 


LM2623 Boost Converter Circuit 
Typical Applications 
Digital Cameras 



V,N 

Load Type 

^OUT 

RFI 

R3 

R5 

C3 

C2 

2 Cells 

Analog/Digital 

3.6V 

182k 

90k 

35k 

3.3 pF 

100 pF Tant + 

4.7 pF Cer 

2 Ceils 

Motor Drive 

5V 

300k 

90k 

22k 

4.7 pF 

68 pF Tant 

3 Cells or Li I 

Motor Drive 


300k 

150k 

35k 

4.7 pF 

68 pF Tant 
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Dual Output Supply for CCD/LCD 
from 2 Cell Input 

This supply begins with a general purpose, 8V, boost con¬ 
verter circuit Conventional, plus and minus doubler circuits 
are then added to generate a regulated 16V and a tracking, 
negative supply (nominally -7 5V) Since the -7.5V supply 
tracks but is not regulated, a large capacitor (47 pF) is 
required to keep the voltage close to a regulated value. The 
16V supply is regulated, so a smaller capacitor value (1 pF) 
can be used. Dual SOT-23 diode packages are recom¬ 
mended to minimize component count in the doubler circuits. 
Losses in the primary 8V stage are reflected in both the 16V 


and -7.5V outputs, so a one amp schottky and 4.7 pF 
capacitor are recommended here. The Vqd supply on the 1C 
can run off the 8V output or be supplied externally from a 
minimum 3V source. 

The circuit as shown will put out about 800 mW. Conversion 
efficiency of the 8V primary stage is typically over 80% for 
nominal loads. Efficiency of the final output stages will be in 
the low to mid 70s for nominal loads. In typical applications, 
the 16V usually goes through an LDO to satisfy the very low 
ripple requirements of the CCD. The -7.5V supply may also 
need to be followed by a linear regulator or filter to be used 
for CCDs. 


LM2623 Dual Output Converter Circuit 
Typical Applications 
Digital Cameras CCD/LCD Supply 
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Transformer Coupled, (SEPIC) 
Converter for LI-ION or 3 Cell Input 

Transformer coupled solutions are commonly used In cases 
where multiple output voltages are required. The application 
shown below uses a single output winding to obtain 3.3V. 
Because of the inherent stability of the on/off control system 


in the LM2623, the control portion of the circuit does not 
need to change when multiple output windings are added. 
The circuit shown is a generic example for generating any 
number of outputs from a single Lithium-Ion cell, as long as 
the 3.3V output is used for regulation. Efficiencies of 75% to 
80% can be obtained for generation of 3.3V with this circuit 
configuration. 


LM2623 Sepic Circuit 
Typical Applications 
Digital Cameras 

CTX 8-2 
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White Led Driver Appiication 
Circuits 

Optimal drive circuits for LEDs require reasonable current 
regulation and very high efficiency. Since the human eye 
cannot detect small variations in light intensity, particularly 
when adjacent LEDs are driven with the same current, tight 
regulation tolerances used for processor voltage sources are 
not necessary. Most power supply ICs use 1.2V bandgap 
references and these are typically used to sense current for 
current source applications. The application circuit shown on 
the next page uses about .6V drop in series with LEDs to 
sense current. This reduces the losses in a 2 LED circuit by 
about 9% The LED current will usually be held within 10% 
for input voltage, temperature, LED voltage and 1C process 
variations combined. Typical regulation is much closer than 
that. 

The application circuit shown below is a balanced circuit that 
draws essentially constant power from the battery. Constant 
power with a constant voltage load results in constant cur¬ 
rent drive. The oscillator is supplied current through R3. R1 
shunts current away from the oscillator pin through the cur¬ 
rent sense resistor, R2. The circuit is balanced when the 
voltage across R2 is approximately .6V. The balance Is such 


that input voltage changes are offset by decreases in oscil¬ 
lator “on time”. This results in constant power being drawn 
from the battery. Small current fluctuations change the volt¬ 
age across R2 and increase or decrease the oscillator drive 
to compensate. This maintains the balance. The IC’s change 
in frequency with temperature is very well matched to the 
change in LED voltage with temperature. This also helps to 
maintain the balance. The output pulse on the switch pm is 
voltage divided through RF1 and RF2 and triggers the regu¬ 
lation limit each time the switch pin swings positive. When 
the coil discharges its energy, the output voltage reduces 
and falls below the regulation limit. This turns the oscillator 
back on again and the supply goes through another switch¬ 
ing cycle. Discharging the coil energy each cycle makes the 
off time vary in proportion to the on time. The power drawn 
from the battery is then linear with increases or decreases in 
on time (rather than varying as the “on time” squared). The 
circuit needs to be balanced with nominal parts in a given 
application. Once balanced, it should keep the current con¬ 
stant within 10% for voltage, temperature and part varia¬ 
tions. Conversion efficiencies (neglecting the sensing resis¬ 
tor drop) will approach 90%. Over 80% of the input power is 
actually converted into power driving the LEDs for most input 
voltage and output loading conditions. 


LM2623 White LED Driver Circuit 



20039404 


Iqut 

LED 

V,N 

R1 

R3 

RF1 

20 mA 

2 

3 Cell or Lil 

900k 

1M 

348k 

17 

3 

3 Cell or Lil 

1.2M 

1.2M 

348k 

18 

2 

2 Cells 

845k 

845k 

348k 

17.5 

3 

2 Cells 

1.38M 

1.33M 

348k 


Note For small changes in Iqut- adjust R2 accordingly 
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Boost Converter for Single Cell 
Systems 

The LM2623 has a guaranteed start-up voltage of 1.1V @ 
25°C. The start-up voltage is below the open circuit cell 
potential of NiCad and NiMH over the entire operating range 
(0 to 85°C). This allows it to be used for single cell boost 
converters in rechargeable systems (NiCad and NiMH). Both 
the Vdd supply and the oscillator drive for the IC need to be 


“boot-strapped” from the output after the supply starts up to 
insure proper operation. Use of a 3 amp rectifier is recom¬ 
mended to minimize the voltage drop from input to output 
during start-up to a few millivolts. The addition of R3A drives 
the oscillator from the output voltage after the supply has 
started up. Using both R3 and R3A is necessary to allow the 
duty cycle to vary as the input voltage varies. Efficiencies of 
75% to 80% are achievable for conversion from a single cell 
to 3.3V with the circuit shown. 


LM2623 1 Cell Converter Circuit 
Typical Applications 
Pager or Digital Cameras 



. C2 
' 68 
Tant 
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SIMPLE SWITCHER® PCB 
Layout Guidelines 


National Semiconductor 
Application Note 1229 
Sanjaya Maniktala 



Introduction 

One problem with writing an Application Note on PCB layout 
IS that the people who read it are usually not the ones who 
are going to use it Even if the designer has struggled 
through electromagnetic fields, EMC, EMI, board parasitics, 
transmission line effects, grounding, etc., he will in all prob¬ 
ability then go on with his primary design task, leaving the 
layout to the CAD/layout person. Unfortunately, especially 
when It comes to switching regulators, it is not enough to be 
concerned with just basic routing/connectivity and mechani¬ 
cal issues. Both the designer and the CAD person need 
to be aware that the design of a switching power con¬ 
verter is only as good as its layout. Which probably ex¬ 
plains why a great many of customer calls received, con¬ 
cerning switcher applications, are ultimately traced to poor 
layout practices. Sadly, these could and should have been 
avoided on the very first prototype board, saving time and 
money on all sides. 

The overall subject of PCB design is an extremely wide one, 
embracing several test/mechanical/production issues and 
also In some cases compliance/regulatory issues. There is 
also a certain amount of physics/electromagnetics involved, 
if a clearer understanding is sought. But the purpose of this 
Application Note is to reach the audience most likely to use 
It Though there is enough design information for the more 


experienced designer/CAD person, the Application Note in¬ 
cludes a quick-set of clear and concise basic rules that 
should be scrupulously followed to avoid a majority of prob¬ 
lems. In particular, we have provided recommended start¬ 
ing points for layout when using the popular LM267x, 
LM259X and LM257x families (Figure 2) The focus is on 
the step-down (Buck) Simple Switcher ICs from National, but 
the same principles hold for any topology and switching 
power application. 

Most of the issues discussed in this Note revolve around 
simply assuring the desired performance in terms of basic 
electrical functionality. Though luckily, as the beleaguered 
switcher designer will be happy to know, in general all the 
electrical aspects involved are related and point in the same 
general ‘direction’. So for example, an ‘ideal’ layout, i.e. one 
which helps the IC function properly, also leads to reduced 
electromagnetic emissions, and vice-versa For example, 
reducing the area of loops with switching currents will help in 
terms of EMI and performance. However the designer is 
cautioned that there are some exceptions to this general 
‘trend’. One which is brought out in some detail here is the 
practice of ‘copper-filling’, which may help reduce parasitic 
inductances and reduce noise-induced IC problems, but can 
also increase EMI. 


Quick-Set of Rules for SIMPLE SWITCHER PCB Layout (Buck) 

a) Place the catch diode and input capacitor as shown in Figure 2. 

b) For high-speed devices (e.g. LM267x) do not omit placing input decoupling/bypass ceramic capacitor (0.1 
pF-0.47 pF) as in Figure 2. 

c) Connect vias to a Ground plane if available (optional, marked ‘X’ in Figure 2) 

d) If vias fall under tab of SMT power device, these are considered ‘thermal vias’. Use correct dimensions as 
discussed to avoid production issues. Or place the vias close to but not directly under the tab. 

e) Route feedback trace correctly as discussed, away from noise sources such as the inductor and the diode. 

f) Do not increase width of copper on switching node injudiciously. 

g) If very large heatsink area is required for catch diode (having estimated the heatsink requirement correctly) use 
isolation as discussed 

h) For higher power SMT applications, use 2 oz board for better thermal management with less copper area. 
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Introduction (Continued) 
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FIGURE 1. 


The AC and DC Current Paths 

Referring to Figure 1a, the boid lines represents the main 
(power) current flow in the converter during the time the 
switch is ON. As the switch turns ON, the edge of the of the 
current waveform is provided largely by CBYPASS, the re¬ 
mainder coming mainly from GIN. Some slower current com¬ 
ponents come from the input DC power supply (not shown) 
and also refresh these input caps. Figure 1b represents the 
situation when the switch is OFF. We can therefore see that 
in certain trace sections, current has to start flowing sud¬ 
denly during the instant of switch turn-off and in some sec¬ 
tions it needs to stop flowing equally suddenly. Figure 1c 
represents the ‘difference’, i.e. traces shown bold in this 
Figure are those where the current flow changes suddenly. 


During the turn-on transition the picture reverses, but the 
‘difference’ trace sections are the same. Therefore during 
either switch transition, ‘step changes’ of current take place 
In these difference sections. These traces encounter the 
harmonic-rich rising or trailing edges of the current pedestal 
waveform. The difference traces are considered ‘critical’ and 
deserve utmost attention during PCB layout. It is often stated 
colloquially, that ‘AC current’ flows in these trace sections, 
and ‘DC current’ in the others. The reason is that the basic 
switching PWM frequency forms only a fraction of the total 
harmonic (Fourier) content of the current waveform in the 
‘AC’ traces. In comparison, where ‘DC current’ flows, the 
current does not change in a stepped fashion and so the 
harmonic content is lower. It is also no surprise that the DC 
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The AC and DC Current Paths 

(Continued) 

sections are those in series with the mam inductor, because 
It is known that inductors have the property of preventing 
sudden changes in current (this is analogous to a capacitor 
which ‘resists’ sudden changes in voltage). 

Summing up. In switching reguiator layout, it is the AC 
paths that are considered criticai, whereas the DC paths 
are not. That is the only basic rule to be kept in mind, 
and from which aii the others foilow. This is also true for 
any topology. Perform an analysis of the current flow for 
any topology in the same manner as we did for the Buck, to 
find the ‘difference traces’: and these traces are by defintion 
the ‘criticai’ ones for layout. 

What is the problem with step current changes anyway'? In a 
resistor for example, this causes no unexpected/ 
unidentifiable problem. The voltage is given by V=IR, and so 
for a given change of current, the voltage will change pro¬ 
portionally. For example, a 0.5 cm wide Cu trace of thick¬ 
ness 1.4 mil has a resistance of Imilliohm per cm length 
(at 20 degC). So it seems that a 1 inch long trace with a 
current changeover of 1A, would produce a change in volt¬ 
age of only 2.5 millivolts across the trace, which is insignifi¬ 
cant enough to cause the control sections of most ICs to 
misbehave. But in fact the induced voltage is much larger. 
The important thing to realize is that traces of copper on a 
PCB, though barely resistive, are also inductive. Now, the 
oft-repeated thumb-rule is that ‘every inch of trace length 
has an inductance of about 20 nH’. Like the trace resis¬ 
tance, that too doesn’t seem much at first sight. But it is this 
rather minute inductance which is in fact responsible for a 
great many customer calls in SIMPLE SWITCHER applica¬ 
tions! 

The equation for voltage across an inductance is V=L*dl/dt, 
and so the voitage does not depend on the current but on the 
rate of change of the current. This fact makes all the differ¬ 
ence when the 1A change we spoke about occurs within a 
very short time. The induced voltage can be very high, even 
for small inductances and currents, if the dl/dt is high. A high 
dl/dt event occurs during transition from Figure 1a to Figure 
1b (and back) in all the AC trace sections (shown bold in 
Figure 1c). The induced voltage spike appears across each 
affected trace, lasting for the duration of the crossover. 

To get a better feel for the numbers here: the change in 
current in the AC sections of a typical buck converter is 
about 1.2 times the load current during the switch 
turn-off transition and is about 0.8 times the load current 
during the switch turn-on transition (for an ‘optimally’ 
designed Buck inductor, as per inductor design guidelines in 
the relevant Datasheets/Selection Software), The transition 
time is about 30 ns for high speed Fet switchers like the 
LM267X, and is about 75 ns for the slower bipolar switchers 
like the LM259x series. This also incidentally means that the 
voltage spikes in the high-speed families can be more than 
twice that in the slower families, for a comparable layout and 
load. Therefore layout becomes all the more critical in 
high-speed switchers. 

So, one inch of trace switching say 1A of instantaneous 
current in a transition time of 30 ns gives 0.7V, as compared 
to 2.5mV (that we estimated on the basis of resistance 
alone). For 3A, and two inches of trace, the induced voltage 
‘tries’ to be 4V! In Figure 1c, the small triangles along the 
sections indicate the direction of the momentary induced 
voltage, as the converter changes from the situation in Fig¬ 
ure la to that in Figure 1b (switch turn-off). We can see that 


assuming that the ground pin of the 1C is the reference point, 
the switching node (marked ‘SW’) tries to go negative (all its 
series trace sections adding up). Similarly the input pin 
(marked ‘VIN’ goes high through series contributions in all its 
related sections. Figure 1c represents the picture during the 
turn-off transition During the turn-on transition all the in¬ 
duced voltage polarities shown are simpiy reversed. In that 
case, the VIN pin is dragged low, and the switching node pin 
is dragged high momentarily. 

The astute designer will recognize that this was to be ex¬ 
pected since any inductance, even if it is parasitic, demands 
to be ‘reset’, which means that the volt-seconds during the 
on-time must equal and be opposite in sign to the 
volt-seconds during the off-time.The designer will also real¬ 
ize that till these parasitic trace inductances reset, they do 
not ‘allow’ the crossover to occur. So for example, traces 
which were carrying current prior to switch turn-off will ‘insist’ 
on carrying current till the voltage spikes force them to do 
otherwise. Similarly, the traces which need to start carrying 
current will ‘refuse’ to do so till the spikes across them force 
them to do likewise. Since switching losses are proportional 
to crossover time, even if these voltage spikes do not cause 
anomalous behavior, they can degrade efficiency. For ex¬ 
ample, in transformer-based flyback regulators, when the the 
primary number of turns is much larger than the secondary 
turns, designers may be surprised to iearn how much the 
secondary side trace inductances alone can degrade effi¬ 
ciency. This is because any secondary side uncoupled 
(trace/transformer leakage) inductances reflect into the 
primary side as an equivalent parasitic inductance in 
series with the switch. This adds an additional term to 
the effective leakage as seen by the switch that equals 
the secondary inductance multiplied by square of the 
turns ratio (turns ratio being Np/Ns). Therefore the dissipa¬ 
tion in the flyback clamp (zener/RCD) can increase dramati¬ 
cally, lowering efficiency. One lesson here is that though 
‘leakage inductance’ (from traces or the transformer) is con¬ 
sidered ‘uncoupled’, in reality it can make its presence se¬ 
verely felt from one side of the transformer to the other. So it 
is not totally ‘uncoupled’ at all! In fact this happens to be the 
main reason why flybacks with low output voltages (high 
turns ratio) show poorer efficiency as compared to higher 
output flybacks. Therefore, reducing critical trace induc¬ 
tances is important for several reasons: efficiency, EMI, be¬ 
sides basic functionality. 

The momentary voltage spikes which last for the duration of 
the transition can be very hard to capture on an oscilloscope. 
But they may be presumed to be present if the 1C is seen to 
be misbehaving for no ‘obvious reason’. These spikes, if 
present with sufficiently high amplitude, can propagate into 
the control sections of the 1C causing what we call here a 
controller ‘upset’. This leads to the observed performance 
anomalies, and in rare cases this can even cause device 
failure. Since none of these spike-related problems can be 
easily corrected, or band-aided, once the layout is initially 
bad, the important thing is to get the iayout ‘right’ to start 
with. 

The designer may well ask, why is it that these step current 
changes are a problem with the parasitic trace inductances, 
and not with the main inductor of the Buck converter? That is 
because all inductors try to resist any sudden current 
change. But since the mam inductor has a much larger 
inductance (and energy storage) as compared to the para¬ 
sitic trace inductances, it therefore ends up ‘dominating’. 
From V*dt=L*dl we can aiso see that if L is large, a much 
higher voltseconds (V*dt) is required to cause a given 
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The AC and DC Current Paths 

(Continued) 

change in current. The trace inductances therefore simply 
‘give in’ first before the main inductor does. But they certainly 
don’t go down without a fight...and the voltage spikes bear 
testimony to this! 

Notice that the currents in the signal traces In the schematic 
are not shown. For example those connected to the com¬ 
pensation node (marked ‘COMP’) or bootstrap (marked 
‘BOOST’) carry relatively minute currents and therefore are 
not likely to cause upsets. They are therefore not critical and 
can be routed relatively ‘carelessly’. The feedback trace is 
an exception, and will be discussed later. The Ground pin of 
the IC is another potential entry point of noise pickup. Inex¬ 
perienced designers often grossly under estimate the needs 
of this pin, particulary for Buck converters. They assume that 
since the main power flow in a Buck converter does not pass 
through the ground pin, the ‘current through the ground pin is 
very low’, and therefore the trace length leading up to this pin 
is not critical. In fact, though the average current through this 
pin is very low, the peak current or its dl/dt is not. Consider 
the switch driver as shown schematically in Figure 1. Clearly 
it needs to supply current to drive the switch. In any Fet 
operated as a switch, large peak to peak instantaneous 
current spikes are needed to charge and discharge the gate 
capacitance. This is essential so as to cause the Fet to 
switch fast, and this reduces the switching/crossover losses 
inside the switch and improves the overall efficiency of the 
converter. (Actually, in a practical IC, the ‘spike’ of current 
comes from the bootstrap capacitor, and then the bootstrap 
capacitor is quickly refreshed by the internal circuitry of the 
IC —- it is the refresh current that passes through the ground 
pin). Further, as in any high-speed digital IC, parts of the 
Internal circuitry, clocks, gates, comparators etc., can turn on 
and off suddenly, leading to small but abrupt changes in the 
current through the ground pin. This can cause ‘ground 
bounce’ which in turn can lead to controller upsets. There¬ 
fore the length of the trace to the Ground pin also needs to 
be kept as small as possible. This also implies that the input 
capacitors, especially the bypass capacitor ‘CBYPASS’ 
should be placed very close to the IC, even for a Buck IC. 

Placing Components ‘acap’ (as 
Close as Possible) 

One has heard this before: “component X needs to be 
‘acap’ ”. Soon we are told the “component Y too needs to be 
‘acap’ ”. Then “Z too”. And so on. Which would be physically 
impossible because matter cannot occupy the same place at 
the same time! So which one comes first? This is the million- 
dollar predicament always facing switcher layout. 

The troubling trace lengths are those indicated Figure 1c. To 
keep them small, clearly two components need to be acap. 
These are the input bypass capacitor and also the catch 
diode. Consider the input capacitor section first. 

In the schematic there are in two input capacitors shown. 
These are marked ‘GIN’ and ‘CBYPASS’ respectively. The 
purpose of the total input capacitance is to reduce the volt¬ 
age variations at the input pin. The variations are mainly due 
to the pulsed input current waveshape, as demanded by a 
Buck topology. Note that for this particular topology, the 
output capacitor current is smooth (because the inductor is 
in series with it). In a Boost topology the situation is re¬ 
versed: i.e. the input capacitor current is smooth and the 
current into the output capacitor is pulsed. This makes the 


demand for input decoupling less stringent than in a Buck (or 
Buck-Boost). In a Buck-Boost or ‘flyback’, both the input and 
the output capacitor currents are pulsed, and input decou¬ 
pling is required not only for the control-section/drivers of the 
IC but for the input current step waveform of the power 
stage. Designers familiar with a Cuk topology know that in 
this case both input and output currents are smooth. The 
Cuk converter is therefore often called the ‘ideal DC to DC’ 
converter, and expectedly its parasitic inductances can be 
largely ignored —- because there are no AC trace sections in 
the sense we described. 

Now if the input power to a Buck converter was coming 
through long leads from a distant voltage source, the induc¬ 
tance of the incoming leads would seriously inhibit their 
ability to provide the fast changing pulsed current shape. So 
an on-board source of power is required right next to the 
converter, and this is provided by the input capacitor. It 
provides the pulsed current, and then is itself refreshed at a 
slower rate (DC current) from the distant voltage source. 
However, since the input capacitor is fairly large in size, it 
may not be physically possible to place it as close as de¬ 
sired. Especially for very high speed switchers such as the 
LM267X series (note that a ‘high speed’ switcher as de¬ 
fined here, is one with a very small crossover/transition 
time, and it does not necessarily have to be one with a 
high switching frequency). In addition, the Equivalent Se¬ 
ries Resistance (‘esr’) and Equivalent Series Inductance 
(‘esl’) of the main input capacitor may be too high, and this 
can cause high frequency input voltage ripple on the VIN pin. 
For the Buck converter schematic as shown in Figure 1, the 
input pin connects not only to the Drain of the Fet switch, but 
also provides a low internally regulated supply rail to the 
control sections of the IC. But no real series pass regulator 
can ‘hold off’ very fast changes in the applied input voltage. 
Some noise will feed through into the control section and 
then much will depend on the internal sensitivity of the IC to 
noise (related to its design, internal layout, process/logic 
family). It is therefore best to try to keep voltage on the VIN 
pin fairly clean —- from a high frequency point of view. Note 
that it is not being suggested here that one responds to this 
statement by increasing the input capacitance indiscrimi¬ 
nately, because we are not talking about the natural input 
voltage ripple which occurs at the rate of the switching 
frequency (e.g. 100 kHz-260 kHz). Our concern here is the 
noise occurring at the moment of the transitions, and this 
noise spectrum peaks at around 10 MHz-30 MHz, as deter¬ 
mined by the transition/crossover time of the switch. The 
crossover time has nothing to do with the basic PWM switch¬ 
ing frequency, but does of course depend on the type of 
switch used i.e. bipolar or Fet. 

Therefore a high frequency ‘bypass’ or ‘decoupling’ capacitor 
with small or no leads, shown as ‘CBYPASS’ in Figure 1, is 
to be placed very close to the VIN and GND pins of the IC. 
This is usually a 0.1 pF-0.47 pF (monolithic) multilayer 
ceramic (typically X7R type, size 1206 or the more recent 
‘inverted’ termination version of this popular size, the ‘0612’ 
—- also note that smaller sized ceramic caps generally have 
higher esr/esi, but check before use). Since now this com¬ 
ponent provides the main pulsed current waveshape, the 
bulk capacitor shown as ‘CIN’, may be moved slightly further 
up (about an inch) without any deleterious effect. For lighter 
loads, and if it is possible to place the input bulk capacitor 
very close to the IC, the high frequency bypass capacitor 
may sometimes be omitted. But for high-speed switchers 
like the LM267x, the input ceramic bypass capacitor is 
considered almost mandatory for any application. 
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Placing Components ‘acap’ (as 
Close as Possible) (Continued) 

The position of the catch diode is also critical It too needs to 
be acap. Now, every topology has a node called the ‘switch¬ 
ing node’. This is the ‘hot’ or ‘swinging’ end of the switch. For 
integrated switchers, this node can also be an easy entry 
point for noise feed-through into the control sections. Note 
that the problem is not caused by the simple fact that the 
voltage at this node swings, for it is designed for exactly that 
situation in mind. The problem is with the additional noise 
spikes riding on top of the basic square voltage waveform, 
arising from the trace inductances as explained earlier. 
Therefore, it is essential to place the catch diode very 
close to the 1C and connect it directly to the SW pin and 
GND pins of the 1C, with traces that are very short and 
fairly wide In some erroneous layouts, where the catch 
diode was not appropriately placed to start with, the con¬ 
verter could be ‘bandaided’ by a small series RC snubber. 
This consists typically of a resistor (low inductive type 
preferred) of value 10Q-100Q and a capacitor, which 
should be ceramic of value 470 pF-2.2 nF. Larger capaci¬ 
tance than this would lead to unacceptably higher dissipation 
(=:1/2*C*V^*f), chiefly in the resistor, and would serve no 
additional purpose. However, note that this RC snubber 
needs to be placed very close to and across the Switch¬ 
ing pin and Gnd pin of the IC, with short leads/traces. 
Sometimes designers think that this is ‘across the diode’, 
because on the schematic there is no way to tell the differ¬ 


ence. However, particularly when the diode is a Schottky, the 
primary purpose of such a snubber is to absorb the voltage 
spikes of the trace inductances. Therefore its position must 
be such that it provides bypassing of the critical or AC trace 
sections of the output side as shown in Figure 1c (right hand 
side of the switcher) —which means it must be close to the 
IC. Of course, as mentioned previously, it is best to get the 
layout right to start with, rather than adding such extra 
components. 

Remaining component placements can be taken up only 
after the input bypass capacitor and the catch diode are 
firmly in place and are both acap. The traces to either of 
these two components should be short, fairy wide, and 
should not go pass through any vias on the way to the IC. 
For SMT boards this implies that the input capacitor and 
catch diode are on the same layer as the IC. In Figure 2 
suggested PCB starting points are provided for several 
switchers. All of them focus on placing these two critical 
components correctly. These layouts are strongly recom¬ 
mended for most applications. The ‘X’ marks suggest the 
recommended location where vias can be used to con¬ 
nect to a Ground Plane (if present).The remaining compo¬ 
nents can be placed relatively carelessly (though in doing so, 
there may be slight impact, for example on the accuracy of 
the output voltage rail and its ripple, but nothing compared to 
what can happen if the input decoupling cap and catch diode 
are incorrectly placed). Trace routing is now discussed in 
more detail. 
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Placing Components ‘acap’ (as Close as Possible) (Continued) 






* Confirm availability 

’*'* Suffixes omitted 
*** All traces on same 

layer (ground is shaded) 
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FIGURE 2. Recommended Layout Starting Points 


Routing the Traces 

As mentioned above, it is not advisable to route any of the 
critical traces through ‘vias’. Vias are considered useful from 
a purely CAD perspective for ‘layer jumping’, but are often 
used indiscriminately as they seem an easy solution to con¬ 
nectivity problems. But they also add impedance, and that is 
exactly what we are trying to avoid. The inductance of a via 
is given by 


where ‘h’ is the height of the via in mm (equal to the thick¬ 
ness of the board, commonly 1.6 mm), and ‘d’ is the diam¬ 
eter in mm. Therefore a single via of diameter 0.4 mm on a 
standard 1.6 mm board gives an inductance of 1.2 nH. It may 
not sound much, but it is almost twice that of a wire of the 
same length and diameter. It has been seen empirically 
that for the high speed LM267x series, if the bypass 
capacitor is connected through vias to the 1C, occa¬ 
sional field problems do arise.So if vias have to be used 


for some reason, several vias in parallel will yield better 
results than a single via. And larger via diameters would 
help further (unless they are being used as ‘thermal 
vias’ — discussed later). 

It is also said that “the traces also need to be ‘wide’ and 
‘short’ ”. The necessity of short traces is clearly understood, 
usually intuitively, by most engineers. In fact the thumbrule of 
‘20 nH per inch’ also implies that trace inductance is almost 
proportional to length. However, a common ‘intuitive’ mis¬ 
take is to assume that inductance is inversely propor¬ 
tional to the width of the trace. So some engineers mis¬ 
takenly ‘add copper’ lavishly to critical traces (though there 
are some other reasons why this may be being done, and 
these will be discussed later). A first approximation for the 
inductance of a conductor having length ‘I’ and diameter ‘d’ is 

L = 21 *(10 ^ - 0.75) nH 
d 

where I and d are in centimeters. Note that the equation for 
a PCB trace is not much different from that of a wire. 
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Routing the Traces (Continued) 

L = 21 -(In — - 0.5 + 0.2235 t) nH 
w I 

where ‘w’ is the width of the trace. For PCB traces, L hardly 
depends on the thickness of the copper (1 oz or 2 oz board). 
Both the above equations are plotted in Figure 3. It will be 
seen that for a given length, a PCB trace of width ‘x’ has 
higher inductance than a wire of diameter ‘x’. In fact the 
width of a PCB trace has to be about 1.78 times the 
diameter of a wire for the same inductance. 

A wire of AWG 20 has a diameter of 32 mils (or 0.081 cm). 
So for a length of one inch (1000 mils or 2.54 cm) L equals 
21 nH (which is the usual thumbrule). We can see that L Is 
almost proportional to length. But if we double the diameter 
to 0.16 cm, L equals 17 nH, which is not much different from 
21 nH. This indicates a non-linear relationship. Referring to 
Figure 3, where the above function is plotted out (dotted 
lines are for a PCB trace), we can see that the 
diameter/width of a wire/trace has to typically increase 
by a factor of 10 for the inductance to halve. The rela¬ 
tionship of L to d is therefore logarithmic in nature. The 
reason for this is the effects of mutual inductance between 
parallel sections/strips of the conductor. 



0.1mm 1mm 10mm 

DIAMETER OR WIDTH 
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FIGURE 3. Inductance of Wire of Length ‘1’ 

‘Beefing up’ traces to reduce the effects of parasitic induc¬ 
tances should be a last resort. Decreasing the length of 
the trace should be the first step. Increasing the width of 
certain traces can in fact become counterproductive. In 
particular, the trace from the switch node to the diode is ‘hot’ 
from an EMI point of view. This is not only because of the AC 
(high frequency) current it carries, but because of its voltage, 
which is a switched waveform. Any conductor with a varying 
voltage, irrespective of the current, becomes an antenna if 
its dimensions are large enough. Radiated emissions from 
this antenna can cause undesirable common-mode interfer¬ 
ence in its vicinity. Therefore this calls for the area of the 
copper around the switching node to be reduced, not in¬ 
creased. Large planes of switched voltage also cause ca¬ 
pacitive noise coupling into nearby traces. On a typical SMT 
board, if the opposite side happens to be a ‘ground plane’, 
noise from the switching node can couple through the FR4 
dielectric of the PCB into the Ground plane. No Ground 


plane is ‘perfect’, and therefore this injected high frequency 
noise can also cause the ground plane to not only radiate, 
but to pass noise onto the 1C through ‘ground bounce’. Some 
people suggest that a copper island, exactly the same size/ 
shape as the switching-node island be created on the oppo¬ 
site side of the PCB, connected through several vias. This is 
supposed to prevent ‘capacitive cross-talk’ to other traces 
and to enhance thermal dissipation. But this obviously also 
leads to the breaking-up/partioning of the Ground plane. This 
defeats the very purpose of Ground plane as it can cause 
strange effects arising due to the odd current flow patterns in 
the now divided Ground plane. In general, the Ground 
plane should be kept continuous/unbroken as far as 
possible, or it could behave like a slot antenna. For the 
switching node therefore, the best option is to keep the 
amount of copper around it to the actual minimum re¬ 
quirement. 

Some basic physics to be reminded of here: electric fields 
are caused by electric charge, and magnetic fields by cur¬ 
rents. But if an electric field varies with time, it produces a 
corresponding magnetic field. However magnetic fields are 
associated with currents. Therefore AC voltages (varying 
electric fields) on opposite planes of copper on a PCB cause 
a ‘displacement current’ (capacitive coupling current) 
through the FR4 dielectric. Similarly, a varying magnetic field 
causes an electric field. So for example in a transformer, 
when we pass AC current (varying magnetic field) in a wind¬ 
ing, we get Faraday induced voltages (electric field). When¬ 
ever voltage or current is switched, an electromagnetic field 
is generated, which produces EMI. And this EMI is inadvert¬ 
ently ‘helped’ by antenna structures. Therefore, on a PCB 
layout, the area enclosed by all current loops carrying 
‘AC (switched) current’ must be kept small. Similarly the 
area of copper planes with ‘AC (switched) voltage’ must 
be kept small. Both can behave as antennae. In addition, 
traces carrying switching currents/voltages must also 
be kept away from ‘quieter’ traces to avoid cross¬ 
coupling. Further, since ‘sharp edges’ are known to 
cause an increase in field strengths, two 45 degree 
bends in a trace are preferred to a single 90 degree 
bend. 

Copper Filling: when to Stop 

Adding copper lavishly to traces serves some purpose oc¬ 
casionally, sometimes none at all, and sometimes it even 
works against the design in an unintended manner. There 
may be no simple hard and fast rules here. Judiciousness 
needs to be applied. But first it is instructive to consider 
some of the ‘reasons’ why copper is lavished, and to the 
degree it is really required. Most often the requirements are 
actually much less than predictions based on ‘gut instinct’: 
We will take each of these separately: 

A) CURRENT HANDLING CAPABILITY 

If we multiply the width of a trace with its thickness we get 
the ‘cross sectional area’ of the conductor. This determines 
the resistance (per unit length) of the conductor and the 
consequent self-heating. This leads to an estimable tem¬ 
perature rise. It is important to note that the ‘current handling 
capability’ is therefore not a ‘stake in the ground’ as some 
people think, but is related to a permissible temperature rise. 
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Copper Filling: when to Stop 

(Continued) 

Mil Standards call for maximum 20°C rise, but 30°C-40°C 
are also common. Figure 4 is a chart which helps in the 
correct estimation. 

Current Density Curve for Outer Layer PCB Copper 
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20042607 

FIGURE 4. MIL-STD-275E Curves for Current Density 
vs. Temperature Rise 

Commercial PCB’s are often referred to as ‘1 oz’ or ‘2 oz’ for 
example. This refers to the weight of copper in ounces per 
square foot deposited on the copper clad laminate. 1 oz is 
actually equivalent to 1.4 mils copper thickness (or 35 
pm). Similarly 2 oz is twice that. We are only considering 
outer layers (not internal layers) in this Application Note, and 
therefore at most double-sided (2 layer) boards. 

Using the thickness of the copper trace we can find the trace 
width required. For example for 1 oz copper board (1.4 mils 
copper thickness), and allowing 20”C rise in temperature, for 
4A of current we need 75/1.4=54 mils (1.4 mm) wide trace. 
For a 2 oz board we need exactly half of that i.e. 0.7 mm 
width. 

However note that a 1 oz double sided board will pass 
through an electroless copper plating process stage (before 
solder mask is applied) to create the vias (/PTH: Plated 
Through Hole), and so it may end up effectively as being 
considered closer to a 1.4 oz copper board. Therefore it is a 
good idea to check this out with the PCB manufacturer 
before even starting the layout. Also note that even a single¬ 
sided board passes through a hot air solder level finishing 
stage (after solder mask), where a thin Tin-Lead layer is 
deposited on the ‘unmasked’ (no solder mask) copper areas. 
This does increase the effective thickness of these traces, 
but doesn’t help as much as copper plating, since Tin-Lead 
has 10 times higher resistivity than copper. 

When estimating resistive heating, it is important to 
know the average current in the traces. For a Buck con¬ 
verter, in the AC traces of the input sections (the left hand 
side of the 1C in Figure 1c) the average current is lo*D, 
where lo is the load current and D the duty cycle. For the AC 
traces of the output section (the right-hand side), the aver¬ 
age current is lo*(1-D). So if the load current Is 3A, and the 
duty cycle (^Vo/Vin) is say 0.4, then the average current on 


the Input side is 1.2A only On the output side it is 1.8A. In 
neither case is this equal to the load current of 3A! So the 
trace should be sized correctly and according to such a 
calculation. 

Note that the expected temperature rise stated above is 
based on ‘self-heating’. But a trace can become very hot 
simply due to heat from a nearby component. In that case, 
even a 30°C (additional) rise due to self-heating may be 
unacceptable. And the ‘acceptable’ rise also depends on 
worst-case ambient temperature, and also the rated tem¬ 
perature of the board laminate (keep below 120°C for FR4) 
A quick thumb rule that closely follows the above discussion 
is: 

For moderate temperature rise (less than 30°C) and currents 
less than 5A 

• Use at least 12 mils width of copper per amp for 1 oz 
board 

• Use at least 7 mils width of copper per amp for 2 oz board 

B) TRACE INDUCTANCE 

We have seen that the preferred method to reduce trace 
inductance is to reduce length, not increase width. Beyond a 
certain point, widening of traces does not reduce inductance 
significantly. Nor does it depend much on whether we use 1 
oz or 2 oz boards. Neither does it depend on whether the 
trace is unmasked or not (to allow solder/copper to deposit 
and thereby increase effective conductor thickness). But if 
for some reason the length cannot be reduced, another way 
to reduce inductance is by paralleling of forward and return 
current traces. 

Inductances exist because they can store magnetic energy. 
Therefore conversely. If the magnetic field is somehow 
cancelled, the inductance too vanishes. By paralleling 
two current traces, each carrying current of the same mag¬ 
nitude but in opposite direction on a PCB, the magnetic field 
is greatly reduced. These two traces should be parallel and 
very close. They can be run side-by-side on the same side 
for a single-sided board. If a double-sided PCB is being 
used, the most effective solution is to run the traces parallel 
and on opposite sides of the PCB. The traces can and 
should be fairly wide in this case to improve their mutual 
coupling and create the required field cancellation. Note that 
if a ground plane is used on one side, the return auto¬ 
matically ‘images’ the forward current trace and pro¬ 
duces field cancellation and reduction in inductance. 
The designer may well ask: what happens to the inductance 
equation for trace length we presented earlier? —that didn’t 
seem to indicate that paralleling should help. The problem 
with the simple trace inductance equation is that it is an 
approximation. There is simply no such thing as an inde¬ 
pendent straight piece of wire carrying current in a 
given direction — current must return and so there are 
only current loops. This follows from basic Physics — 
charge cannot accumulate and must return: in this case to 
the opposite terminal of the emf source responsible for the 
flow of current. So whenever we talk about the inductance of 
just a single wire, basically we are talking about a very large 
loop. Since inductance of a current carrying loop is propor¬ 
tional to the area enclosed by the loop, if the loop area is 
made very small, inductance too is reduced. 


www.national.com 


10-164 






Copper Filling: when to Stop 

(Continued) 

C) THERMAL MANAGEMENT 

Natural convection depends on the amount of surface area 
that IS in contact with the air. If a conductive plate serving as 
a ‘heatsink’ is thick enough to ensure perfect thermal con¬ 
duction into the far recesses of the plate, the temperature 
rise would have been simply inversely proportional to the 
total exposed area. PCB copper planes too are in that sense 
an aid to convection, the difference being that they are not 
thick enough to ensure perfect conduction. Therefore at 
some point, we will reach a point of diminshing returns: very 
large increases in the copper area will produce smaller and 
smaller improvement in the thermal resistance. This occurs 
roughly for a square of side 1 inch on a 1 oz copper board. 
Some improvement continues till about 3 inches, especially 
for 2 oz boards and better, but beyond that, external heat¬ 
sinks are required. Ultimately, a reasonable practical value 
attainable for the thermal resistance (from the case of the 
power device to the ambient) is about 30°C/W. 

That IS not to say that heat is lost only from the copper side. 
The usual laminate (board material) used for SMT applica¬ 
tions is epoxy-glass ‘FR4’ (also known as GF or G10) which 
IS a fairly good conductor of heat. More commercial and 
cost-effective applications use cheaper board materials like 
CEM1, CEM2, CEM3 etc., which are fortunately not much 
worse as thermal conductors than FR4. So some of the heat 
from the device side does get to the other side where it 
contacts the air. Therefore putting a copper plane on the 
other side (this need not even be electrically the same 
node, it could be the ground plane) also helps, but only 
by about 10%-20% as compared to a copper plane on 
only one side. A much greater reduction of thermal 
resistance by about 50%-70% can be produced if ‘ther¬ 
mal vias’ are used to conduct heat to the other side. This 
thermally ‘shunts’ or bypasses the board material to get the 
heat to the other side where there is more exposure to air 
movement. 

The tab of the power packages of the Simple Switcher 
devices is fortunately at Ground potential, so having large 
copper planes around the tab will not produce EMI. The tab 
can be left floating, but if it is used, it must be physically 
connected directly to the GND pin of the IC as indicated in 
Figure 2 If a double-sided board is used, several small vias 
can be sunk right next to the IC Ground in positions marked 
‘X’ on to a ‘Ground plane’ on the other side of the PCB. 
These vias therefore not only help in the correct electrical 
implementation of grounding, but also can serve as thermal 
shunts. They are therefore appropriately called ‘thermal 
vias’. It is recommended that they be small (0.3 mm-0.33 
mm barrel diameter) so that the hole is essentially filled 
up during the plating process, thus aiding conduction to 
the other side. Too large a hole can cause ‘solder wick- 
ing’ problems during the reflow soldering process. The 
pitch (distance between the centers) of several such 
thermal vias in an area is typically 1 mm-1.2 mm and a 
grid of thermal vias can be created right under the tab. 
Since the thermal vias also ‘steal’ heat away from the area 
during the reflow cycle, occasionally leading to poor solder 
joints, some recommend that vias (thermal or otherwise) 
should be close to, but never directly under the tab/legs/pins 
of any component. 

From the point of view of the internal construction of a typical 
switcher IC, there is no reason to make the trace around the 
switching node wide since very little heat can come out this 


way. As mentioned earlier, this node can act as an antenna 
and cause radiation problems. However, there are situations 
where a large amount of copper on the switching node may 
just be unavoidable. The tab of most power diodes is the 
cathode. To sink heat from the diode, a large heatsink or 
copper plane must be connected to the tab. Unfortunately for 
a conventional positive to positive Buck topology (unlike the 
positive to positive Boost or the negative to positive 
Buck-Boost) the cathode/tab of the diode corresponds to the 
switching node, which is not ‘quiet’. Therefore we have a 
conflict of interest here between thermal requirements and 
EMI. For EMI-sensitive applications, a rather non-typical 
diode with the anode internally connected to the tab can be 
sought. Or, if an external heatsink is being used, it is recom¬ 
mended that there be electrical (not thermal') isolation be¬ 
tween the power device and the (grounded) heatsink. Mica 
or ‘Sil-pads’ are possible choices here. If the diode must be 
SMT, an isolated SMT package may be a good choice. 
Overestimating the amount of the copper plane for device 
cooling is a common mistake, and can lead to excessive 
EMI. The heating in a Buck converter diode is based on 
the average current through the diode, not the load 
current. Note that a typical Schottky diode has a forward 
voltage drop of 0.5V. If the load current is 5A and the duty 
cycle is 0.4, the dissipation is only 5*0.5*(1-0.4)=1.5W. If 
the temperature of the board (the copper area around the 
tab) is to be say a maximum of 100°C, and the maximum 
ambient Is 55°C, the allowed temperature rise here is 
100-55=45“C. For 1.5W of estimated dissipation, the re¬ 
quired board (or case) to ambient thermal resistance is 
45/1.5=30°CAA/. This as we have seen is achievable on a 
PCB. To calculate the required area, we can use as a good 
approximation an equation derived from empirical equa¬ 
tions for a plate of area ‘A’: 

A = 985 X Rth"^ X sq.inches 

Here P is in Watts and Rth is the required thermal resistance 

in °C/W. Solving for our example 

A = 985 X 30“'' X 1 5“° sq.inches 

A = 6.79 sq.inches 

If this area is square in shape, the length of each side needs 
to be 6.79° ® = 2.6 inches. If the area called for exceeds 1 
sq inch, a 2 oz board should be used. Clearly a 2 oz board 
should be used in the example, as it reduces the thermal 
‘constriction’ around the power device and allows the large 
copper area to be more effectively used for convection. Note 
that we are considering only a copper plane exposed to air 
on one side of the PCB. Breaking up the Ground plane to 
create islands on the other side to connect to was not 
considered a good option as it leads to odd return current 
patterns. 

The Ground Plane 

With double-sided boards, it is a common practice to almost 
completely fill one side with ground. There are people who 
usually rightly so consider this a panacea or ‘silver bullet’ for 
most problems. As we have seen, every signal has a return, 
and as its harmonics get higher, the return ‘wants’ to be 
directly under the signal path, thus leading to field cancella¬ 
tion, and reduction of inductance. It also helps thermal man¬ 
agement as it couples some of the heat produced by power 
devices on one side of the board to the other side. The 
Ground plane also capacitively links to noisy traces above it, 
causing some ‘softening’ of transients and thereby some 
reduction in noise/EMI —unless the cross-coupling is so 
severe as to start causing the Ground plane itself to 
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The Ground Plane (Continued) 

radiate. Vias can be sunk under the ground terminal of all 
power components in to the Ground plane, and this reduces 
DC resistance offset errors on the output voltage too for 
example. As mentioned, in Figure 2, ‘X’ marks have been 
placed to indicate that if there is a double sided board in use, 
and a Ground plane is present, then vias can be added at 
these points. They are optional, and so If a low cost 
single-sided board is preferred, they can be omitted. But If 
these vias are also doubling over as ‘thermal vias’ for the 
switcher IC, as when they are under the tab of an SMT 
power device, they should be sized appropriately as previ¬ 
ously discussed. 

However, a Ground plane should be an ‘add-on’ to the 
recommendations in Figure 2. It does not substitute the 
correct placement of the two critical components. Much 
effort should go into not breaking or partitioning this plane. 
Further, in general, if too much switching power flow occurs 
through such a plane, it can create ‘ground bounce’ and 
cause controller upsets. Therefore in higher power applica¬ 
tions, with the added luxury of multi-layer RGBs, separate 
signal and power ground planes are used. But for the lower 
power SIMPLE SWITCHER family, a single Ground plane is 
all that may be required. And if the layout is carried out 
conscientiously, keeping all the recommendations in mind, 
even a single-sided board should suffice. 

Signal Traces: Feedback 

The only critical signal trace is the feedback trace. First 
consider only the Adjustable versions of the Simple Switch¬ 
ers. One end of the trace connects to a low impedance node, 
which is the output rail or a resistive divider at the output. 
The other end connects to the feedback pin, which is the 
high impedance input of the error amplifier. If this trace picks 
up noise (capacitively or inductively) as it passes between 
these two nodes, it can lead to erroneous output voltages, 
and in extreme cases even instability or device failure. There 
seem to be just two options for this 

1. Keep the feedback trace short if possible so as to mini¬ 
mize pickup AND/OR 

2. Keep it away from noise sources (e.g. switching diode, 
inductor) 


Keeping the trace short may not be feasible. In fact the 

feedback trace may be deliberately kept slightly longer 
so as to route it away from potential noise sources. It 
should not pass under the inductor or diode in particu¬ 
lar. If a double-sided SMT board is being used, a good 
strategy is as follows: 

• use a via at the output resistive divider to bring the trace 
to the other side 

• run the trace to cut through the surrounding ground plane 
areas, taking care not to pass it under the inductor/diode 
and not parallel to any power trace on either side of the 
board (though it can cross them perpendicularly) 

• and then very close to the IC, use another via to bring out 
the trace to the component side where it connects to the 
feedback pin of the IC 

Refer to Figure 5a which shows the situation for the Adjust¬ 
able part. The trace which picks up noise is bold. However, if 
we consider a fixed voltage part, we learn an important thing. 
This is Figure 5b. Note that the feedback trace here is not 
marked bold. The reason is that a trace can pick up noise 
only if at least one end of it is a high impedance node. In 
Figure 5b, the feedback pin goes to a resistive divider rather 
than directly to the Input of the error amplifier. So it is 
relatively immune to noise pickup. The only section where 
noise can be picked up is inside the IC (shown bold), and this 
is a very short path. Applying the same principle to an 
Adjustable part provides another interesting way to route the 
feedback trace. One way is shown in Figure 5c. Here the 
length of the ‘feedback trace’ is very short, so it is relatively 
noise-free. The feedback resistors are physically close to the 
IC and the trace from the output to the upper resistor has low 
Impedances on either side, and so does not pick up noise. 
However, the connection of the lower resistor to ground is 
not ideal as the resistive drop across the section marked 
‘lo*R’ will affect the output voltage load regulation slightly. 
Another way is in Figure 5d, and this resolves both 
issues. This is therefore recommended. If a ground plane 
is used however, both Figure 5c and Figure 5d are actually 
the same if vias are correctly placed to couple into this plane. 
For Figure 5d, if possible, it is a good idea to run the top and 
bottom traces to the resistive divider parallel and close to 
each other, so as to minimize any further chance of noise 
pickup. 
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Introduction 

Experienced power supply designers previously working 
with one topology who turn their attention to another, know 
they must shift mental gears quite dramatically. The “rules of 
the game” change and therefore major design issues will 
arise if this this fact is not recognized at the very outset. 
“Equations for all topologies are available, and one just 
needs to use them”—correct? No, in fact though one of the 
things this Application Note also provides is such a set of 
design equations, that is not enough. 

Equations are by nature “single-point” computations. So if for 
example we input a given operating condition: say V,n = 15V, 
Vqut = 5V, lo = 1A, we can use the appropriate Buck 
converter equation to calculate the input capacitor RMS 
current—valid for this specific condition. But under a more 
practical scenario suppose V|n could vary between 8V and 
22V, with 15V just representing a vague “nominal” value? 
What is then the most appropriate input voltage to use to 
calculate the worst-case input capacitor current? We will find 
that no set of equations, however complete, guides us to that 
information directly. So if Designer A “picks” the lowest input 
voltage 8V, Designer B picks the highest input voltage 22V, 
and Designer C picks the nominal value of 15V, all of them 
are actualy wrong. For the correct answer here is V|n = 10V. 
Take another example: should the inductor be designed at 
the highest input or the lowest input voltage of the range'? 
For a Buck it didn’t seem to matter too much at what input 
voltage we design the inductor, but if one applies the same 
nonchalance to a Boost or a Buck-Boost, there may be no 
power supply to put through any further testing. 

The important point is even while delivering this constant 
maximum load, the internal currents of the power supply do 
change their shape, peak values, RMS and average values 
considerably in response to changes in input voltage. The 
purpose of this Note is to figure out how these values vary for 
each topology and to thereby fix a “worst case” design or test 
condition for each of them. A logical design procedure finally 
emerges based on the topology on hand. 

As mentioned, a comprehensive table of design information 
{Table 2) is provided for all the three main topologies: the 
Buck, the Buck-Boost and the Boost. Unlike most other 
references in literature, this table is cast in terms of Y. This 
actually makes the table very designer-friendly because It 
recognizes that the only real degree of design freedom 
available is the inductor current ripple ratio ‘r’. The criterion 
for selection of ‘r’ (in fact its actual value too) happens to be 
the same for any topology, at any application condition, and 
for any switching frequency. Once ‘r’ is fixed (usually be¬ 
tween 0.3-0.5), everthing else is more or less pre¬ 
determined. We only have to pay heed to the appropriate 
input voltage end at which to set ‘r’, as this can change from 


one topology to another. It will also be noticed that the design 
table includes the drops across the switch and diode for all 
the topologies, something that is not commonly available in 
related literature. We must realize that because of the ever- 
shrinking output voltages, these ‘negligible’ forward “drops” 
have actually become increasingly important today. 

The design procedure based on the design table considers a 
power supply operating at a constant (maximum) load with a 
fixed output voltage, whose input voltage is varied. We can 
predict its response to the resulting variation in duty cycle, 
and thereby figure out the worst case input test or design 
condition. Conclusions are summarized in Table 1. The 
equations are essentially cast in terms of the output voltage 
(Vq), max load (“Iq”) and Duty Cycle (“D”), and inductor 
current ripple ratio (“r”). The input voltage “V|n” is not in¬ 
cluded directly in the stress formulae, as “D” is intended to 
reflect the input voltage variation. The most important fact to 
keep in mind in this article when relating D to V,^ is that for 
all topologies, low D corresponds to high V,i^ and a high D to 
low V,f^ (since output voltage is considered fixed). 

Inductor Current Waveforms 

An inductor current waveform consists of an AC/ramp com¬ 
ponent “Al”, and a DC/average component “Idc”. the latter 
being the geometric center of the ramp. Note that in literature 
the ‘AC’ value is usually taken to be half the ramp, but here 
we are just equating them for convenience. The essential 
difference between the topologies is that for the Buck, the 
average inductor current equals the load current at all times, 
but for the Boost and the Buck-Boost, it is the average diode 
current that equals the load current. So as from Table 2, it 
can be shown that 

= Iq = constant BUCK 
Iq 1 

be = BOOST/BUCK-BOOST 

It IS clear that the average inductor current for the Boost and 
the Buck-Boost becomes very high if D approaches 1. Re¬ 
member that this corresponds to decreasing input voltage 
“V|N min”- Therefore the inductor design must be conducted 
at the lowest input voltage for these topologies. For the Buck 
there is hardly any dependency of the inductor current to 
input voltage since the average current depends only on the 
load (which is considered fixed in our analysis). So for a 
Buck regulator, as a first pass selection, we often simply pick 
an inductor with a current rating equal to the load, irrespec¬ 
tive of input voltage. These variations are included in the 
plots shown in Figure 1. Read these in consultation with the 
listing provided in Table 1. 
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Inductor Current Waveforms (Continued) 


■ HIGH INPUT VOLTAGE 


LOW INPUT VOLTAGE ■ 


1 2 345 6 


All parameters normalized to "I" at D=0.5 
(for small "r") 

See Table 2 for parameters 



0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0 9 

DUTY CYCLE "D" 


TABLE 1. The Worst Input Voltage Condition for Design/Test of a Given Parameter 


(Uc in Inductor) 


Inductor Energy/Core Saturation 

Average Current in Inductor 

RMS Current in Inductor 

Copper Loss/Temperature of Inductor 
RMS Current in Input Capacitor 

Input Voltage Ripple 

RMS Current in Output Capacitor 

Output Voltage Ripple 

RMS Current in Switch 


Buck-Boost 


Average Current in Switch 
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Inductor Current Waveforms (Continued) 


TABLE 1 . The Worst Input Voltage Condition for Design/Test of a Given Parameter (Continued) 


Parameter 

Buck 

Boost 

Buck-Boost 

Peak Current in 

V|N_MAX 

V|N_MIN 

V|N_MIN 

Switch/Diode/Inductor 

9 

4 

5 

Average Current in Diode 

V|N_MAX 

ViN 

V|N 


12 

8 

8 

Temperature of Diode 

V|N_MAX 

V,N 

VlN 


12 

8 

8 

Worst Case Efficiency 

V|N_MAX 

V|N_MIN 

V|N_MIN 


Numbers in the columns refer to corresponding numbered curves in Figure 1. 
V|N means any input voltage is appropriate 
V|N_ 5 o IS input voltage at which D=0 5 


The AC component of the inductor current, “Iac”. or “Al” 
cannot be fully ignored even for a Buck. This parameter is 
important, firstly, because along with Iqc. it determines the 
peak value of the inductor current. This peak value needs to 
be known so as to accurately evaluate the energy handling 
requirement of the inductor (defined as y 2 *L*I^PEAK)- If we do 
not size the inductor accordingly, the cpre may saturate. But 
more importantly, for all topologies, this AC component is 
completely responsible for the core loss. Core loss does not 
depend on \qq, so long as the inductor is not saturating). 
Now, for all the topologies, there is an applied voltage “Vqn” 
across the inductor when the switch is ON. This causes a 
certain resulting AC ramp component “Al” across the induc¬ 
tor based on the fundamental equation Vqn = L*AI/(D/f) or Al 
= VoN*D/(l-*f). where f is the frequency. As the input voltage 
falls, VoNdecreases helping to lower the ramp component, 
but at the same time D increases and this helps to promote 
the ramp. So the interesting question can be asked: what 
eventually happens to Al as input voltage falls? 

The equation for Al are provided in Table 2. We see that 
Al - (1 - D) BUCK/BUCK-BOOST 
Al - □•(1 - D) 

So plotting these out in Figure 1, we see that 
Al maximum at highest input voltage for 
Buck/Buck-Boost 

Al maximum at Vin sq (or closest voltage) for Boost 
where V,n_ 5 o is defined here as the input voltage at which 
D=50% for the topology under consideration. This value is 
also provided in Table 2. If the input voltage range does not 
include V|n_ 5 o, we must choose either ^in or V,n_max. 
whichever happens to be closer to V,n_ 5 o- 
We also define a useful parameter called the current ripple 
ratio “r” which is the ratio of the AC to the DC value of the 
inductor current, with the converter delivering maximum 
load. So 


'dc 'o 


BUCK 


r = 


Al 


'DC 


— • (1 - D) BOOST/BUCK-BOOST 
'0 


This parameter “r” is important as it determines among other 
things, the inductance “L”, and the physical size of most of 
the power components. It can be shown that the size of the 
inductor is reduced by increasing “r”. However an “r” of 
0.3-0.4 represents the most optimum choice for any topol¬ 


ogy. The reader can refer to AN-1197 for a deeper under¬ 
standing of how the current ripple ratio relates to the optimi¬ 
zation. That particular Application Note is based on the Buck 
converter, but the same principles apply to all the topologies. 
In any case, allowing for a greater current ripple than the 
optimum of 0.3-0.5 (by reducing inductance) does not appre¬ 
ciably reduce the size of the inductor, but does increase the 
size/requirements of either or both the input/output capaci¬ 
tors. Now, having designed the inductor for a given value of 
“r” at the appropriate input voltage end, as discussed earlier, 
as we vary the input voltage over the expected range, “r” 
changes accordingly. The equations in Table 2 are cast 
essentially in terms of “r” and D, as these are the two main 
parameters that vary with input voltage. The variation of “r” 
with D is also provided, thus making D the only actual 
variable in our analysis. The value of the required inductance 
(based on a chosen “r”) can be found in Table 2, and the 
physical size of this inductor can be also calculated from the 
required energy handling capability as listed. More on induc¬ 
tor design later. 

Input Capacitor Currents 

A key parameter is the RMS current, “I|n”, through the input 
electrolytic capacitor. It determines the basic/minimum se¬ 
lection criterion since the capacitor must be rated at least for 
the worst case RMS current that may pass through it. A 
capacitor operated with an RMS current higher than its rated 
value, is not guaranteed to have any specific life by most 
manufacturers. Life expectancy vs. temperature curves/ 
equations as provided, are then not considered to be valid. 
From Table 2, for small “r”, we can see that this goes as 

l|,^ OC Vd • (1 - D) BUCK 




1 - D 


D» (1 - D)^ 
1 - D 


D•(1 - D) BOOST 


'in “ 0^ ■ BUCK-BOOST 

Plotting these out in Figure 1, we can see that 
l,N -> maximum at V|n 50 (or closest voltage) for 
Buck/Boost 

liN ^ maximum at lowest input voltage for Buck-Boost 
So the temperature of the output capacitor must also be 
evaluated at the above input voltages. If the input voltage 
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Input Capacitor Currents (Continued) 

range does not include V|n_ 5 o, we must choose either 
Vin_min Of ViN MAx. whichever happens to be closer to 

^IN_50- 

We are also concerned with the peak to peak current, Irp in 
through the input capacitor as this determines the input 
voltage ripple AV|n=Ipp_in*ESR|n, where ESR|n is the 
Equivalent Series Resistance of the input capacitor. This 
input ripple is a major component of the EMI spectrum at the 
input of the power supply. 

From Table 2, for small “r”, we can see that this goes as 
Ipp ,N constant BUCK 

r (1 - D)^ 

ipp^iN “ -T^ = (1 - D) boost 


Ipp ouT maximum at lowest input voltage for 
^ Boost/Buck-Boost 

Switch RMS/Avg Current 

For a MOSFET Switch we need to calculate the conduction 
loss as given by I^RMs*rds. The crossover losses are lowest 
at the minimum input voltage. But since they are usually a 
small fraction of the conduction losses, and are thus ignored 
here. The Irms of the switch varies in the following manner 
From Table 2, for small “r”, we can see that this goes as 

oc /d buck 

Irms boost/buck-boost 


1 

'PP_IN BUCK-BOOST 


Plotting these out in Figure 1, we can see that 
IppjN constant/maximum at highest input voltage for 
Buck 

Ipp IN maximum at highest input voltage for Boost 
•pp_iN maximum at lowest input voltage for Buck-Boost 
For a Buck stage, the input voltage ripple is almost a con¬ 
stant with respect to input voltage variations, provided “r” is 
very small. However since Y’ does increase somewhat at 
high input voltages, it is preferable to evaluate this param¬ 
eter at the highest input voltage. 

Output Capacitor Currents 

The Output Capacitor also needs to be at least big enough to 
handle the worst case RMS current through it, “Iout”- 
From Table 2, for small Y’, we can see that this goes as 
louT r - (1 - D) BUCK 


'out “ 



BOOST/BUCK-BOOST 


Plotting these out in Figure 1, we can see that 
■out maximum at highest input voltage for Buck 

Iqut maximum at lowest input voltage for 

Boost/Buck-Boost 

So the temperature of the output capacitor must also be 
evaluated at the above input voltages. 

We are also concerned with the peak to peak current, 
lpp_ouT through the output capacitor as this determines the 
output voltage ripple AVqut = •pp_out*ESRout. where 
ESRqut is the Equivalent Series Resistance of the output 
capacitor. This output ripple is a major component of the 
noise spectrum at the output of the power supply. 

From Table 2, for small “r”, we can see that this goes as 
lpp_ouT - r - (1 - D) BUCK 

'PP_0UT BOOST/BUCK-BOOST 


Plotting these out in Figure 1, we can see that 
lpp_ouT maximum at highest input voltage for Buck 


Plotting these out in Figure 1, we can see that 
ipMs maximum at lowest input voltage for 
Buck/Boost/Buck-Boost 

It should however be noted that for a Buck, the dissipation in 
the Switch at low input voltages goes up only slightly, but for 
the remaining topologies, this dissipation is expected to go 
up steeply at low input voltages, leading to a large drop in 
efficiency. In Table 2, the average switch current is also 
provided, for calculation of dissipation in bipolar switches. It 
can be shown that the above conclusions for RMS are also 
valid for the average value of the switch current (which is 
required to calculate the conduction loss for a bipolar 
switch). 

Talking about efficiency leads to the other mam component 
of loss in a power supply, the diode loss. We will now see 
how this varies, and what it implies for the effect of input 
variations on the efficiency of the power supply. 

Average Diode CurrenVEfficiency 

For a diode we need to calculate the forward loss as given by 
Uvg*Vd. where “Vd” is the drop across the diode when it 
conducts. For the Boost and the Buck-Boost, the average 
diode current is the load current, so it is not going to change 
with duty cycle. But for the Buck it does vary. 

From Table 2, we can see that this goes as 
Iavg - (1 - D) buck 
U vG constant BOOST/BUCK-BOOST 
Plotting these out in Figure 1, we can see that 
UvG maximum at highest input voltage for Buck 
UvG ^ constant for Boost/Buck-Boost 
We saw that the dissipation in the switch of a Buck remains 
almost constant as input voltage increases, and now we see 
that the diode dissipation however increases as we do so. 
So we expect the efficiency of a Buck regulator to fall at high 
input voltages on account of increased diode dissipation. For 
the Boost and Buck-Boost, the diode dissipation does not 
change as input voltage falls, but the switch dissipation 
increases dramatically. So we expect the efficiency of a 
Boost or a Buck-Boost to fall at low input voltages on ac¬ 
count of increased switch dissipation (unless crossover 
losses are very large, in which case the reverse is occasion¬ 
ally found to be true). 
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Average Diode Current/Efficiency 

(Continued) 

For diode temperatures, we need to test a Buck regulator at 
the highest input voltage. For the other topologies, it does 
not matter. This is shown as “V|n” in Table 1, implying any 
input voltage. 

This also tells us at what input voltage we need to check 
efficiency check of a power supply. It clearly varies from 
topology to topology. See Table 1. 

Inductor Energy 

The “Energy Handling Capability” is e=y2*L*I^PEAK- This pa¬ 
rameter literally “sizes” up the inductor for a given applica¬ 
tion. Note that the size is not determined just by inductance, 
since almost any inductance can be theoretically achieved 
on any core, simply by winding the appropriate number of 
turns on it. The complete equations for “e” are provided in 
Table 2. For our analysis here, we first make an approxima¬ 
tion for the rather complicated term involving “r”. Assuming 
“r” to be small this term becomes 


Inductor Avg/RMS Currents 

If “r” is small, the average and RMS values of the inductor 
current are the same, ‘V”. The copper loss in the inductor is 
Il^*R, where “R” is the winding resistance. The copper loss is 
usually very large compared to the core loss (which depends 
on Al, as discussed earlier), and largely determines the 
temperature rise of the inductor. 

From Table 2, for small “r”, we can see that the RMS/Avg 
current goes as 

II constant BUCK 
I, OC -—!—- BOOST/BUCK-BOOST 

We can see that for the Boost and Buck-Boost, if D is large, 
II Increases. Therefore when evaluating copper loss or tem¬ 
perature rise of the inductor for these, we need to use the 
minimum input voltage. For the Buck, since “r” does increase 
with increasing input voltage, the RMS value of the inductor 
current is also higher, and so we should use the maximum 
input voltage. 

Il constant/maximum at highest input voltage for Buck 
II -> maximum at lowest input voltage for Boost/Buck-Boost 



From Table 2, for small “r”, we can see that the Energy 
handling Capability goes as 

Et (1 - D) 

e OC — OC ^i = 1 buck 

^ 1 - D 


e OC 


Et 

(1 - D)*r 


D*(1 - D) 
D • (1 - D)^ 


1 

(1 - 0)2 


BOOST 


Et ^ (1 - D) .. 1 

(1 - D) • r (1 - D)^ (1-0)2 


BUCK-BOOST 


Plotting these out in Figure 1, we can see that 
e constant/maximum at highest input voltage for Buck 
e -> maximum at lowest input voltage for Boost/Buck-Boost 
Note that for both the Boost and the Buck-Boost, the re¬ 
quired energy handling capability increases dramatically as 
duty cycle approaches 0.6. This is known to designers of 
front-end PFC stages. Such stages are typically of Boost 
topology, providing an internal 400VDC rail from a worldwide 
AC input. It is seen that the size of the required inductor goes 
up sharply as the minimum input voltage falls, and so the 
inductor design should be carried out at the minimum input 
voltage. As for the Buck, some designers use the maximum 
input voltage, some the minimum, and some simply use the 
nominal input voltage. It really does not matter too much, 
provided “r” is, and remains, small as we assumed. In reality, 
“r” does increase as input voltage increases (thereby caus¬ 
ing a slight increase in peak value), so it is preferable to 
design the inductor of a buck regulator for the highest input 
voltage. 


Peak Switch Current 

This parameter is important because every controller has a 
current limit for the switch, and if the calculated peak ex¬ 
ceeds the lowest value possible of the switch current limit, 
anywhere in the input voltage range, the required output 
power cannot be delivered. The peak current in a Buck is just 
a little higher than the load current, and so for example, the 
LM2593HV “Step Down (Buck) regulator” IC from National 
Semiconductor, which is designed for “2A load”, has a mini¬ 
mum set value of 2.3A for the switch current limit. Yet, as 
seen in Figure 2, and from the datasheet of this device, this 
Buck IC can be operated as a “positive to negative” regula¬ 
tor, which is actually a standard Buck-Boost topology. In this 
mode, the peak current values are much higher, as can be 
seen from Table 2, and in fact depend not only on load, but 
on the duty cycle/input voltage too. We now try to see how 
the peak current values vary for all the topologies, with 
changes in input voltage. 

From Table 2, for small “r”, we can see that the peak current 
goes as 

'peak [l + y] [2 + (1 - d)] = (3 - d) buck 

[1 + y] [2 + (D-(1 - d)2)1 
'peak “ 1 - D “ - 


1 + Y 2 + (1 - D)2 

Inr*./ OC - OC - 

'PEAK 1-0 1 - D 


BUCK-BOOST 


Plotting these in Figure 1 we see that for the Boost and the 
Buck-Boost the peak value of switch current occurs at maxi- 
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Peak Switch Current (Continued) 

mum duty cycle (minimum input voltage), whereas for the 
Buck this occurs at lowest duty cycle (highest input voltage). 
Therefore Current Limit must be tested at minimum input 
voltage for the Boost and the Buck-Boost, but for the Buck 
we must go to the highest input voltage. We conclude 
IpEAK maximum at highest input voltage for Buck 
I peak ^ maximum at lowest input voltage for 
Boost/Buck-Boost 

Therefore the designer can use Table 2 to calculate the peak 
current, but must do so at the lowest input voltage for the 
Boost and Buck-Boost, to ensure that it is less than the 
current limit. For a Buck, the peak current must be calculated 
and compared to the current limit at the highest input volt¬ 
age. 


The peak current in the switch is 

_ b fi 

'peak “ 1 - D ■ [ 2 

So setting Ipeak = 2.3A, we can solve for Iq 


‘peak * 2.3 • (1 - 0.65) 



lo = 0.7A 

So we can assure ourselves of only a maximum load of 0.7A 
in this configuration. The required L can be evaluated from 
Table 2 


Example 

The LM2593HV (5V fixed output version) is to be used to 
generate a -5V output from an input voltage ranging 
from 4.5V to 20V. This is a 150 kHz Buck Regulator 1C 
with a switch current limit of 2.3A (min). What is the 
maximum load it can deliver in this positive to negative 
configuration. (Assume Vp = 0.5V and Vsw = 1-5V). 

The inductor design must be done at the minimum input i.e. 
4.5V for a Buck-Boost topology according to the guidelines 
in Table 1. We fix an “r” of 0.3 as this always represents an 
optimum size for the inductor. The worst-case peak current 
in the switch for a buck-boost (which this is) corresponds to 
the curve #5 from Table 1. Looking for this curve in Figure 1 
shows that this reaches its maximum at high duty cycle (low 
input voltage). Therefore we can proceed with this peak 
switch current calculation at the minimum input voltage, at 
which we will also perform the inductor design. 

The duty cycle is calculated from Table 2 

- "^0 + _ 5 + 0.5 

^ + Vo - Vsw + Vo = 4.5 + 5 - 1.5 + 0.5 

D = 0.65 


L = 


Vo 

r .f 


•(1 


D)2 • 10^ /zH 


5 + 0.5 

0.7 -0.3 • 150000 


(1 - 0 . 65)2 . ^ 0 ® plH 


L = 21.4 pH 

This is the minimum inductance for the application If the 
inductance is higher than this, the calculated peak current 
may exceed the current limit of the device, causing foldback. 
Remaining parameters/ratings can be calculated in a similar 
way, by looking at Table 2, but using the guidelines from 
Table 1. 

Note that if we want to estimate core losses in the inductor, 
which depends on the AC swing Al, this has a maximum at 
highest input voltage, not at minimum input voltage. So we 
would need to first set r = 0.3 at the lowest input voltage, 
then calculate the required inductance, and then finally to 
use the equations for Al, to calculate it at the highest input 
voltage. Basically “L” forms the required “bridge” to go from 
one voltage end to another, because once we fix its value, it 
remains so. Everything else can change. 
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FIGURE 2. Buck Regulator IC Used in a Buck-Boost Application 


10-173 


WWW national.com 


AN-1246 





AN-1246 


Example (Continued) 

TABLE 2. Design Table: r = AI/Iqc) Et in Vfjsecs, L in |jH, f in Hz, All voltages and currents are magnitudes. 


Parameter 

Duty Cycle 


Buck-Boost 


o 

in 

I 

Z 

> 

(2-Vo) + Vsw + Vd - 2«Vo 

2 *[^0 ^SW 

Output Voltage, 

Vo (V) 

V|n*D - Vsw*D - Vd« 

(1 -D) 

V|N - Vsw*D-V| 
1 - D 

Et (Vfjsec) 

J -d - D).10® 

Vo - Vsw + Vd ^ 



D)-10® 

Vo - Vsw + Vp „ , 
, , -D-l 

lo • r • f 


lo-r-f 

“r” 

- D).10® 

Iq l • t 

^0 ■ ^SW ^ , 

1 1 < • D-i 

Iq • L • f 


Al (A) 


Vo-Vsw-^Vd ^ 

-n- 


RMS Current in 
Input Cap (A) 

-“'4] 

*0 

1 - D ■ / 

Ipp in Input 
Capacitor (A) 


'o-' 

1 - D 

RMS Current in 
Output Cap (A) 

vtT 

/T7 


2 


Ipp in Output 
Capacitor (A) 

Energy 

Handling 

Capability 

(ijJoules) 

RMS Current in 
Inductor (A) 

Average Current 
in Inductor (A) 

RMS Current in 
Switch (A) 

Peak Current 
Switch/Diode/ 
Inductor (A) 
Average Current in 
Switch (A) 

Average Current in 
Diode (A) 


r- 7+ 1 


'0-^ ‘ ")2 


r 

.21 

r 

+ 

K)| 

1_ 


lo*D 

lo‘(1 - D) 




8- (1 - D) I r 





I .-5- 
'O 1 - D 


Vo + Vsw + Vd = Vo 

V|N-D - Vsw-D - Vp-d 
1 - D 




i nS 


(1 - D) • 10® 


(1 - D )2 • 10 ® 


' (1 - 0)2 • 10 ® 


- D)-10® 


0*1 - D + 



8- (1 - D) ‘ ’’ 'I r ^ ' 



'o r, I"' 

1 - 0 ■ L 2_ 


'0 1 - 0 
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Inductive Based Switching 
Reguiator Circuits Provide 
High Efficiency White LED 
Drives 

Introduction 

White LEDs are quickly becoming the light of choice for 
backlighting of small color displays because of their falling 
costs, longer life, and smaller size. The problem this pre¬ 
sents IS that the white LED has a high voltage drop (3.1V to 
4.0V depending on manufacturer) as compared to the mono¬ 
chrome displays’ green LED with a voltage drop of 1.8V to 
2.7V. Whereas the green LED can be powered directly from 
the commonly used Li-Ion battery, with a linear regulator, 
and a ballast resistor, the white LED used for backlight or 
frontlight purposes will requires the battery voltage be 
boosted. 

National has many solutions for driving LEDs including 
switched capacitor converters and inductive based switching 
regulators. This application note will describe some methods 
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of driving white LEDs using inductive based switching regu¬ 
lators and some of the benefits of each. The main areas of 
concern for most designers of portable equipment are effi¬ 
ciency, size, cost, functionality, and LED current matching. 
Balancing these competing demands will help designers 
make the right choice for his or her application. 

The Switching Reguiator 

A boost switching regulator set up as a constant current 
source can drive several white LEDs in series, keeping 
brightness constant even over a wide variation in supply 
voltage. 

Figure 1, Figure 2 and Figure 3 show some designs using 
the LM2622 PWM boost regulator and the LM2704 PFM 
boost regulator. 



LI 



FIGURE 1. Basic LED Driver for Two to Eight LEDs at up to 30mA Each 
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The Switching Regulator (Continued) 



FIGURE 2. LED Driver with Improved Compensation for Faster Setup 



FIGURE 3. High-Efficiency LED Driver with Low Components Count Drives Two to Eight LEDs at up to 20mA Each 


Figure 1 is capable of driving 2 to 8 white LEDs at up to 
30mA each. When using 4 or fewer, the second string of 
LEDs (not connected to the FB pin) is eliminated. The de¬ 
sired LED current is set using the equation: 

iD = ( 1 . 26 V/RsET) 

When all of the LEDs are in series with each other (using up 
to 4), there is perfect current matching through each. 

When a second string of LEDs is added it too will have 
perfect current matching through its LEDs, but not with the 
first string of LEDs. The current matching between the two 
strings wiil depend on how well the LED forward voltages 
match. Probability works to your advantage because the 
sum of four LEDs VF tend to balance widely varying VF in 
individual LEDs. 


An inductive switching reguiator also has a relatively high 
efficiency of typically 70% to 85% over the Li-Ion input 
voitage range (see Graph 1 for actual LM2622 measure¬ 
ments). However, higher efficiency comes at the expense of 
using an inductor for energy storage versus switched capaci¬ 
tor solutions that use oniy capacitors. The circuit of Figure 1 
is best suited for static LED currents so dimming via a PWM 
(pulse width modulated square wave at the shutdown pin) 
signal is not recommended. This is due to the siow startup 
time of the circuit, which does not allow a sufficiently fast 
PWM signal to eliminate visible blinking. Figure f is a re¬ 
duced component count version of Figure 2 at the expense 
of functionality. 
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The Switching Regulator (Continued) 

Figure 2 is identical in description to Figure 1, with the only 
difference being a change in how it is compensated. This 
requires an extra capacitor and resistor on the VC pin, but 
provides a faster startup time. The brightness of the LEDs 
can now be controlled using a PWM signal on the shutdown 
(SHDN) pin. This signal can be anywhere from 60Hz to 
200Hz and the brightness is controlled by the duty cycle of 
the PWM signal (50% duty cycle equals approximately 50% 
LED current). 

Figure 3 shows the LM2704 PPM (pulse frequency modu¬ 
lated) regulator. The LM2704 circuit has the same benefits of 
current matching and high efficiency as the LM2622 circuit 
but with a few advantages. Since it is a PPM architecture, it 
has a slightly better efficiency than the LM2622 . It is also 


more inherently stable which means a lower component 
count since the compensation R’s and C’s are no longer 
required. The LM2704 circuit is also physically smaller since 
it comes in a SOT-23 package versus the MSOP package of 
the LM2622. he costs of these advantages are a lower 
current output and a larger input capacitor The LM2704 is 
only capable of driving up to 8 LEDs at 20mA each, but this 
is plenty for most applications. PPM circuits are also more 
susceptible to noise and require more energy storage at the 
input. This requires the use of a large input capacitor relative 
to the PWM architecture. 

In conclusion, the switching regulator approach is desirable 
for applications that require 2 to 8 LEDs, the highest effi¬ 
ciency, basic brightness functionality, and precise current 
matching. 
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Switched Capacitor 
Circuits Provide Efficient 
and Functional White LED 
Drive 

Introduction 

Since the conception of ceiluiar phones, PDAs, and hand¬ 
held computers, there has been a continuing push for more 
useful and dynamic displays. One of the more drastic 
changes in miniature display technology has emerged due to 
the availability of Internet content, pictures, and videos on 
ever-shrinking personal devices. The promise of more con¬ 
tent and functionality has caused a migration toward higher 
resolution color displays. This presents some added design 
issues, however, as a color LCD display requires white 
backlighting as opposed to the more standard green. The 
current options are using a cold cathode fluorescent lamp 
(CCFL), an electroluminescent backlight, or newer white 
LEDs. White LEDs are quickly becoming the light of choice 
because of their falling costs, longer life, and smaller size. 
The problem this presents is that the white LED has a high 
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voltage drop (3.1V to 4.0V depending on manufacturer) as 
compared to the green LED with a voltage drop of 1.8V to 
2.7V. Whereas the green LED can be powered directly from 
the commonly used Li-Ion battery, with a linear regulator, 
and a ballast resistor, the white LED used for backlight or 
frontlight purposes will requires the battery voltage be 
boosted. 

National has many solutions for driving LEDs including 
switched capacitor converters and inductive based switching 
regulators. This application note will describe some different 
switched capacitor methods of driving white LEDs and the 
benefits of each. The main areas of concern for most de¬ 
signers of portable equipment are efficiency, size, cost, func¬ 
tionality, and LED current matching. Balancing these com¬ 
peting demands wiii help designers make the right choice for 
his or her application. 



Switched Capacitor Voitage Reguiator 



FIGURE 1. Switched Capacitor Voitage Regulator 


This circuit is capable of supplying 90mA at 4.1 V output (see 
the LM3355 for up to 50mA output current). The number of 
LEDs that may be driven depends on the LED current de¬ 
sired in each. The current is set using the equation: 

Id = (4.1V - Vp)/RsET 

where VF is the forward voltage drop of the LED chosen. As 
the LEDs are in parallel, the current matching is not perfect. 
The current matching will depend on the forward voltage 
drop of each LED and how well they match. This circuit is 
smaller than a switching regulator solution yet still maintains 


an average efficiency of about 70% (actual efficiency to 
LEDs, some power is dissipated by the bailast resistors) 
over the Li-Ion input voltage range. The brightness of the 
LEDs in this circuit may be controlled using a 60Hz to 200Hz 
PWM signal on the shutdown (SD) pin. 

The switched capacitor voltage regulator approach is desir¬ 
able for applications requiring 1 to 10 LEDs, high efficiency, 
brightness control functionality, lower cost and small solution 
size. However, this solution suffers from poor brightness 
matching due to varying LED currents. 
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Switched Capacitor Current Reguiator 

The second method presented here is a switched capacitor 
current regulator. Current regulation is achieved by using a 
switched capacitor boost circuit to drive a set of current 
sources. Figure 2 shows the LM2792 switched capacitor 
LED driver. 


D 



FIGURE 2. Switched Capacitor Current Regulator 


This circuit uses a switched capacitor doubler (2X) circuit to 
power the current sources. It is capable of driving 1 to 2 
LEDs at up to 32mA total (16mA each LED when using two). 
The current is set using the resistor RSET and the BRGT pin 
(refer to the datasheet for a description on setting current 
using RSET and the BRGT pin). Because current sources 
are used, the LED current matching is exceptional, within 
one percent. This circuit yields a smaller solution size than 
the voltage regulator and it provides more functionality, al¬ 
though at the cost of a significantly lower efficiency. The 
brightness can be controlled one of two ways. A PWM signal 
between 100Hz and 1kHz may be used at the shutdown 
(SD) pin as in the previous two examples. An analog voltage 
can be applied to the BRGT pin as well. This provides the 
ability to control the brightness with much better linearity. 
The BRGT pin also allows a variety of lighting patterns and 
effects since a continuous analog waveform of any desired 
shape can be used for controlling LED brightness. 

For driving up to 4 LEDs the LM2794 or LM2795 may be 
used. These circuits are similar to the LM2792 in that they 


have all the same functionality. The difference is that a three 
halves (3/2X) charge pump is used to power the current 
sources. This provides higher efficiency (see Graph 1) since 
the current sources will have a reduced voltage drop across 
the transistors. They are capable of supplying a total of 
60mA for up to 4 LEDs. The LM2794 and LM2795 also do 
not require the diode D shown in the LM2792 schematic. The 
only other difference is that where the LM2792 requires 
some signal at the BRGT pin to set the LED current, the 
LM2794 and LM2795 LED currents can be set using only 
RSET if desired. LM2794 and LM2795 are identical except 
for the polarity of the shutdown pin, to make it easier for 
designers to incorporate these solutions into existing sys¬ 
tems. 

The switched capacitor current regulator approach is desir¬ 
able for circuits requiring 1 to 4 LEDs, precise current match¬ 
ing, small solution size, lowest cost and the highest function¬ 
ality and control. 
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Switched Capacitor Current Regulator (Continued) 
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DDR-SDRAM Termination 
Simpiified Using a Linear 
Reguiator 

With the advent of DDR-SDRAM as the industry standard for 
memory in desktop computers, laptops and videocards, 
power management has become a focal point for system 
designers. Active termination of bus interconnects has re¬ 
quired the use of another regulator, increasing cost and 
system complexity. To specifically address this issue. Na¬ 
tional Semiconductor has just released the LP2995 DDR 
Termination Linear Regulator, offering a linear topology in a 
marketplace dominated by switchers. The implementation of 
this architecture has been made possible by careful exami¬ 
nation of the system requirements. It is the intent of this 
article to illustrate the actual requirements of DDR-SDRAM 
termination and compare the two solution topologies. 

With the memory migration from SDRAM to DDR-SDRAM, 
higher bus speeds and data transfer rates are attainable. As 
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a consequence of the increased bandwidth, transmission 
problems have begun to appear The length of the memory 
interconnects, coupled with the multiple stubs that are re¬ 
quired for supporting DIMMs result in signal reflection caus¬ 
ing data corruption. This problem has required more atten¬ 
tion as speeds have increased from DDR200 (100MHz 
clock) to DDR266 (133MHz clock) to the newly released 
DDR333 (166MHz clock) Concerned with the integrity of the 
signals at these high frequencies, JEDEC sought to create 
an industry standard for low voltage, high speed signaling as 
an improvement over LV-ttl- The result was an active termi¬ 
nation scheme called SSTL (Stub Series Termination Logic). 




FIGURE 1. Implementation of SSTL 


The JEDEC definition of SSTL-2 for 2.5V memory called for 
an active termination using a Vjj output voltage. This volt¬ 
age IS required to track a reference, VREF, which is created 
by dividing the memory power rail exactly in half. With the 
JEDEC specification defining the voltage tolerance on the 
individual rails, power delivery calculations have been left to 
the system designers. It is easily identifiable that V-py needs 
to sink and source current, the problem is determining the 
magnitude. Historically, numbers were generated based on a 
macroscopic viewpoint of the system using static worst-case 
conditions. These approximate calculations defined the so¬ 
lution, by stating the following requirements: 


• V-pT must sink and source current 

• Maximum output current is 3A 

Based on this definition, only one clear choice existed, a 
synchronous switcher had to be used. To meet these exact¬ 
ing requirements a plethora of switchers were designed to 
tackle this exact application from various manufacturers. The 
end solution was typically a synchronous PWM buck control¬ 
ler. A representation of a typical circuit implementing this 
topology can be seen in Figure 2. 
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FIGURE 2. Synchronous PWM Switcher Topology 


The synchronous buck switcher, while providing a feasible 
solution does not present an ideal or even optimal DDR 
termination regulator. Limitations exist that are inherent with 
the topology and the practical implementation. Several ex¬ 
amples include: 

Board Space: Due to the complexity of this solution a con¬ 
troller with high pin count is required to drive two external 
MOSFETs. Coupled with an inductor and the associated 
capacitors this implementation can occupy a significant 
amount of board area. This can be extremely critical In 
laptops and videocards where real estate is at a premium. 
Cost: The high component count required for the application 
translates directly into increased cost. 

Performance The most fundamental requirement for any 
DDR termination regulator is performance. While the task of 
creating a 1.25V reference signal within a +/-200mV window 
is trivial, the challenge in designing a switching power supply 
is limiting the switching noise and EMI. Signal interference 
resulting in data loss is possible if switching harmonics are 
present on the bus. Though not impossible to limit, it poses 
an increase in cost and development time to reduce the 
effects. 

The initial assumption that 3A were required for the maxi¬ 
mum output current, resulting in the selection of the buck 
switcher, was actually an oversight. The cause of this prob¬ 
lem was that the worst-case conditions were incorrect result¬ 
ing in over design of the regulator. To counter this problem, 
National Semiconductor approached the power delivery cal¬ 
culations from a memory architecture and control point of 
view to define an entirely new solution. From an in-depth 
analysis of the PC memory it becomes apparent that 3A are 
not required. The exact analysis is not included in this article 
due to length, however, several of the key points have been 
highlighted: 


• DDR-SDRAM is a dynamic system, static assumptions of 
a 133MHz clock (266MHz data rate) are not realistic 
when applied to the regulator requirements. 

• Theoretical peak calculations are not obtainable for sus¬ 
tained durations. Data cannot be clocked every edge 
indefinitely. Delays such as CAS latencies are an impor¬ 
tant assessment in every memory access. 

• Significant current cancellation can occur from comple¬ 
mentary signals such as data strobes. 

• Two line conditions are insufficient for a complete model, 
tri-stating and transitional periods need to be incorpo¬ 
rated. 

• Even periodic refresh affects the average output current 
required by the regulator. 

Coupled with technical analysis, confirmed by empirical 
measurements. National Semiconductor found that the av¬ 
erage currents required are closer to 200mA. Worse case 
conditions, simulated by intensive memory burn-in tests, 
result in little deviation from this figure. This new design 
target meant that an entirely new topology can be used: 
LINEAR, bestowing all its advantages. 

Leveraging the results found from the measurements. Na¬ 
tional Semiconductor addressed the shortcomings of the 
switcher topology and created a new standard in DDR bus 
termination by releasing the LP2995. The LP2995 utilizes an 
exclusive linear topology to create the V-rr output voltage 
and the reference output, VREF, for the chipset and DIMMs. 
A typical application circuit for the LP2995 can be seen in 
Figure 3 
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FIGURE 3. LP2995 Typical Application Circuit 


Re-examining the limitations of the switcher and comparing 
It to the LP2995, the benefits of a linear topology are imme¬ 
diately recognizable. 

Size: The external component count has been drastically 
reduced, permitting the solution to occupy a minimal amount 
of space. Combined with the LP2995 in an LLP package 
(Leadless Leadframe Package) an optimal solution can be 
obtained. 

Cost: Removal of the external components creates an in¬ 
stant system cost reduction by 60%. 

Performance: By its nature as a linear topology, there is no 
internal oscillator or switching noise to take into consider¬ 


ation. This results in increased performance, as data integ¬ 
rity can be improved with the absence of switching noise on 
Vtt- 

Through careful analysis of the actual memory requirements 
National Semiconductor was able to provide the optimal 
solution for DDR termination, the LP2995. Designed with 
consideration of the end user it offers the highest level of 
integration while increasing the system performance and 
lowering the total system cost. The LP2995 offers the perfect 
solution for any DDR-SDRAM application where space, per¬ 
formance and cost are critical constraints. 
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High Stability Regulators 


Monolithic IC’s have greatly simplified the design of general 
purpose power supplies. With an IC regulator and a few 
external components 0 . 1 % regulation with 1 % stability can 
be obtained. However, if the application requires better per¬ 
formance, it is advisable to use some other design approach. 
Precision regulators can be built using an IC op amp as the 
control amplifier and a discrete zener as a reference, where 
the performance is determined by the reference. Figures 1,2 
show schematics of simple positive and negative regulators. 
They are capable of providing better than 0.01% regulation 
for worst case changes of line, load and temperature. Typi¬ 
cally, the line rejection is 120 dB to 1 kHz; and the load 
regulation is better than 10 pV for a 1A change. Temperature 
is the worst source of error; however, it is possible to achieve 
less than a 0.01% change in the output voltage over a -55°C 
to +125°C range. 

The operation of both regulators is straightforward. An inter¬ 
nal voltage reference is provided by a high-stability zener 
diode. The LMIOSA^ operational amplifier compares a frac¬ 
tion of the output voltage with reference. In the positive 
regulator, the output of the op amp controls the ground 
terminal of an LM109^ regulator through source follower, Q^. 
Frequency compensation for the regulator is provided by 
both the R-i C 2 combination and output capacitor, C 3 . 

The negative regulator shown in Figure 2 operates similarly, 
except that discrete transistors are used for the pass ele¬ 
ment. A transistor, Q^, level shifts the output of the LM108 to 
drive output transistors, Q 3 and Q 4 . Current limiting is pro¬ 
vided by Qg. Capacitors C 3 and C 4 frequency compensate 
the regulator. 


Cit 
2 2mF 



tDetermines zener current May be adjusted to minimize thermal drift 
tSolid tantalum 

FIGURE 1. High Stability Positive Regulator 
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In the positive regulator the use of an LM109 instead of 
discrete power transistors has several advantages. First, the 
LM109 contains all the biasing and current limit circuitry 
needed to supply a 1 A load. This simplifies the regulator. 
Second, and probably most important, the LM109 has ther¬ 
mal overload protection, making the regulator virtually 
burn-out proof. If the power dissipation becomes excessive 
or if there is inadequate heat sinking, the LM109 will turn off 
when the chip temperature reaches 175°C, preventing the 
device from being destroyed. Since no such device is avail¬ 
able for use in the negative regulator, the heat sink should be 
large enough to keep the junction temperature of the pass 
transistors at an acceptable level for worst case conditions of 
maximum ambient temperature, maximum input voltage and 
shorted output. 

Although the regulators are relatively simple, some precau¬ 
tions must be taken to eliminate possible problems. A solid 
tantalum output capacitor must be used. Unlike electrolytics, 
solid tantalum capacitors have low internal impedance at 
high frequencies. Low impedance is needed both for fre¬ 
quency compensation and to eliminate possible minor loop 
oscillations. The power transistor recommended for the 
negative regulator is a single-diffused wide-base device. 
This transistor type has fewer oscillation problems than 
double diffused transistors. Also, it seems less prone to 
failure under overload conditions. 
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Some unusual problems are encountered in the construction 
of a high stability regulator. Component choice is most im¬ 
portant since the resistors, amplifier and zener can contrib¬ 
ute to temperature drift. Also, good circuit layout is needed to 
eliminate the effect of lead drops, pickup, and thermal gra¬ 
dients. 

The resistors must be low-temperature-coefficient wire- 
wound or precision metal film. Ordinary 1% carbon film, tin 


oxide or metal film units are not suitable since they may drift 
as much as 0.5% over temperature. The resistor accuracy 
need not be 0.005% as shown in the schematic; however, 
they should track better than 1 ppm/°C. Additionally, wire- 
wound resistors usually have lower thermoelectric effects 
than film types. The resistor driving the zener is not quite as 
critical; but it should change less than 0.2% over 
temperature. 



tDetermines zener current May be adjusted to minimize thermal drift 
ISolid tantalum 


FIGURE 2. High Stability Negative Regulator 


The excellent dc characteristics of the LM108A make it a 
good choice as the control amplifier. The offset voltage drift 
of less than 5 pV/°C contributes little error to the regulator 
output. Low input current allows standard cells to be used for 
the voltage reference instead of a reference diode. Also the 
LM108 is easily frequency compensated for regulator appli¬ 
cations. 

Of course, the most important item is the reference. The 
IN829 diode is representative of the better zeners available. 
However, it still has a temperature coefficient of 0.0005%/°C 
or a maximum drift of 0.05% over a -55°C to +125°C tem¬ 
perature range. The drift of the zener is usually linear with 
temperature and may be varied by changing the operating 
current from its nominal value of 7.5 mA. The temperature 
coefficient changes by about 50 pV/°C for a 15% change in 
operating current. Therefore, by adjusting the zener current, 
the temperature drift of the regulator may be minimized. 


Good construction techniques are important. It is necessary 
to use remote sensing at the load, as is shown on the 
schematics. Even an inch of wire will degrade the load 
regulation. The voltage setting resistors, zener, and the am¬ 
plifier should also be shielded. Board leakages or stray 
capacitance can easily introduce 100 pV of ripple or dc error 
into the regulator. Generally, short wire length and 
single-point grounding are helpful in obtaining proper opera¬ 
tion. 

References 
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+5 to -15 Volts DC 
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Introduction 

It is frequently necessary to convert a DC voltage to another 
higher or lower DC-voltage while maximizing efficiency. Con¬ 
ventional switching regulators are capable of converting from 
a high input DC voltage to a lower output voltage and satis¬ 
fying the efficiency criteria. The problem is a little more 
troublesome if a higher output voltage than the input voltage 
is desired. Particularly, generating DC voltage with opposite 
polarity to the input voltage usually involves a complicated 
design. 

This brief demonstrates the use of the switching regulator 
idea for a +5 volts to -15 volts converter. The converter has 


an application as a power supply for MOS memories in a 
logic system where only +5 volts is available. However, the 
principle used can be amplied for almost any input output 
combination. 

Operation 

The method by which the regulator generates the opposite 
polarity is explained in Figure 2. The transistor Q is turned 
ON and OFF with a given duty cycle. If the base drive is 
sufficient the voltage across the inductor is equal to the 
supply voltage minus Vsat- The current change in the induc¬ 
tor is given by: 



•inductor 



VoUT 


00846702 


FIGURE 1. Switching Circuit for Voltage Conversion 


Al 


Vss ~ Vsat 


X Ton : 


. Vss 


Ton 


( 1 ) 

Turning OFF the transistor the inductor current has a path 
through the catch diode and this in turn builds up a negative 
voltage across Rl. 

The figure also shows the current and voltage levels versus 
time. A capacitor in parallel to the resistor will prevent the 
voltage from dropping to zero during the transistor ON time. 
Assuming a large capacitor, we can also write the current 
change as: 


In order to get a general idea of the operation for certain 
input output conditions, we will develop a set of equations. 
During the transistor ON time, energy is loaded into the 
inductor. In the same time interval, the capacitor is drained 
due to the load resistor Rl. 

Drop in capacitor voltage: 


AV = 


I LOAD X Tqn 
C 


(3) 


*. _ VOUT - Vd ^ 

Al =-;-X Toff ' 


Vqut 


X Toff 


( 2 ) 
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Operation (Continued) 



Inductor 



00846702 


FIGURE 2. Switching Circuit for Voltage Conversion 


During the Tqff the stored energy in the inductor is 
transferred to the load and capacitor. A rough estimate of 
Tqff can be expressed as: 


Toff = r, — x Ton 
VOUT 

(4) 

The capacitor voltage will be restored with a average current 
given by: 


^ AV X C ^ I LOAD X Vqut 
^ Toff Vss 

(5) 

The total inductor current during the OFF time can be written 
as; 

^INDUCTOR = IlOAD + (6) 

Inspecting Figure 2. We find: 

Vss X Tqn 
2 2 X L 

(7) 


which yields: 


2 X L X IloaD X VoUT 

-^5- 

(8) 

Taking into account that the efficiency is in the order of 75% 
the final expression is: 


^ 1 5 X L X IloaO X VouT 

^ON-- 

(9) 

The above equations will be applied to the regulator shown 
at Figure 3. The regulator must deliver -15 volts at 200 mA 
from a +5 volt supply. Using a 1 mH inductor the Tqn time for 
Qg is 0.18 ms from Equation (9). Tqff is 60 ps from Equation 
(4) and the oscillator frequency to: 


F = 


Ton + Tqff 


~ 4 kHz 



FIGURE 3. Switching Regulator for Voltage Conversion 
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Operation (Continued) 


The output voltage is given by: 


„ = ^275% 

Pin 

F = 6 kHz 80% DUTY 
Vripple = 100 mV @200 mA OUT 
II = 200 mA MAX 
VouT = -15V 

VOUT = (V2 + Vbe ) 


The LM311 performs like a free running multivibrator with 
high duty cycle. The IC is designed to operate from a stan¬ 
dard single 5 volt supply and has a high output current 
capability for driving the switching transistor Q 2 . The duty 
cycle is given by the voltage divider R 3 and R 4 and the 
frequency of C-, in conjunction with R 5 . 

By setting the duty cycle higher than first calculated, the 
output voltage will tend to increase above the desired output 
voltage of 15 volts. However, an extra loop performed by Q-, 
and the zener diode in conjunction with the resistor network 
will modify the oscillator duty cycle until the desired output 
level is obtained. 


VouT - (vz + Vbe) (^ + ') 


Data and results obtained with the design: 


V,N 

VouT 

Iqut 

Efficiency 

Frequency 


= 5 volts 
= -15 volts 
= max 200 mA 
= 75% 

= 6 kHz 80% duty cycle 


Vripple 
Line regulation: 

Load regulation: 


= 100 mV @ 200 mA load 
V|N = 5V to 10V < 3% VouT 
Load = 200 mA 
V|(vj = 5V < 3% VouT 
Load = 0—100 mA 
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Introduction 

A general purpose lab type constant voltage/constant cur¬ 
rent power supply is easily made using standard integrated 
circuits. The circuit shown will provide up to 25V at up to 10A 
output with both the output voltage and current adjustable 
down to zero. Although relatively simple, very high perfor¬ 
mance is obtained. 

Lab supplies must withstand considerable abuse. Good con¬ 
trol of maximum output current is mandatory both to protect 
the supply and the powered circuitry. One of the shortcom¬ 
ings of many commercial supplies is the use of a large output 
capacitor to help frequency compensate the regulator loop 
This output capacitor can discharge many times the peak 
output current of the supply into the load as well as degrade 
the ac output impedance when the supply is used as a 
constant current source. (Of course, the output capacitor 
helps keep the ac output impedance low when the supply is 


used as a constant voltage source.) The circuit shown has 
good response both as a constant voltage or constant cur¬ 
rent source. 

The use of the LM395 monolithic power transistor as the 
pass element considerably simplifies the design power. The 
LM395 acts as a 2A current limited, thermally limited, high 
gain power transistor. Since only a maximum of 10 pA is 
needed to drive the pass elements and complete overload 
protection is included on the chip, external biasing and pro¬ 
tection circuitry is minimized. Only two control op amps are 
needed-one for voltage control and one for current control. 
In constant voltage operation, a reference voltage is fed from 
voltage control pot, R1, through a high frequency filter into 
the non-inverting input of an LM308 op amp. The output of 
the LM308 drives seven paralleled LM395’s as emitter fol¬ 
lowers to obtain a 10A capability. 



*Solid Tantalum **Lights during current limit 


Feedback is taken through RIO directly from the output with 
the overall gam set at 5 by the ratio of RIO to R7. An 
additional LM395 is driven from the negative power supply 
lead of the LM308 to provide some output current sink 
capability (2A) so the supply can be quickly programmed 
even with large capacitive loads. Frequency compensation is 


achieved with C3 for the LM308 and C4 for the overall loop. 
Resistor R11, capacitors C5 and C6 and network R15-C9 
suppress parasitic high frequency oscillations 
When the circuit is used in the constant current mode, the 
LM101A overcomes the constant voltage loop to control the 
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output. Output current is sensed in R9 and compared with 
the voltage between and the arm of R2. R2 is connected 
across an LM113 low voltage reference diode to provide a 
OV to 1.2V reference for OA to 12A output. When the output 
current is below the set level, the LM101A output is positive, 
reverse biasing D3 and the LM308 control the outpput. 
When the current increases to the control point the output of 
the LM101A swings negative and decreases the drive to the 
output pass devices through D3, limiting the current. (Note 
that no separate positive supply is needed since the com¬ 
mon mode operative range of the LM101A is equal to the 


positive supply.) Diode, D2, clamps the output of the 
LM101A when it is not regulating, decreasing the switchover 
time from voltage to current mode operation. 

A few special precautions are needed in construction for 
proper operation. All LM395’s should be mounted on the 
same heat sink to insure good current sharing. Also, a large 
heat sink is necessary since 300W will be dissipated under 
worst case conditions. Since the LM395’s are high devices, 
the supply bypasses should be near the power transistors. 
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Adjustable 3-Terminal 
Regulator for Low-Cost 
Battery Charging Systems 

With the introduction of the LM317, a 3-terminal adjustable 
regulator, it becomes relatively easy to design 
high-performance, low-cost battery charging systems. Even 
single battery cells can be charged on this new regulator, 
which is adjustable down to 1.2V. The internal protection 
circuitry can be used to limit charging current as well as to 
protect against overloads. The output voltage is easily ad¬ 
justed so multiple voltage chargers can be made. 

The ability to accurately adjust the output voltage of the 
LM317 makes it especially attractive for constant voltage 
battery charging applications. Batteries are most quickly 
charged by “constant-voltage” charging circuits; however, 
close control of the charging voltage is necessary to prevent 
overcharging, especially with nickel cadmium cells. The in¬ 
ternal protection circuitry of the LM317 is helpful in protecting 
against accidental overload conditions commonly occurring 
in charging systems. 

Internal Current Limit 

The peak charging current or output current is controlled by 
the internal current limit of the LM317. This current limit will 
work even if a battery is connected backwards to the output 
of the charger. Should a fault condition exist for an extended 
period of time, the thermal limiting circuitry will decrease the 
output current, protecting the regulator as well as the trans¬ 
former A constant voltage charger circuit is shown in Figure 
1. The output voltage is set with resistors R2 and R3 and 
given by 


VoUT = 1-25 



FIGURE 1. Constant Voltage Charging Circuit 

Since, in low cost applications, no filter capacitors are used 
on the output of the rectifier, the battery is only charged on 
the peaks of the sine wave. This requires the peak output 
voltage from the transformer to be at least 50% greater than 
the battery voltage plus 3V. However, little cost premium 
should result since the average current from the transformer 
is lower than capacitive input filter circuits. Optional resistors 
R1 and R2 are used to further control the charging charac¬ 
teristics. Resistor R1 controls the output impedance of the 
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charger allowing a “taper-charge” characteristic to be gener¬ 
ated. The LM317 can also be used to limit the peak charging 
current to a partially charged battery at a value other than the 
regulator current limit. With R1 in the circuit, the output 
impedance is; 



ZOUT = R1 (l + 

Including R1 in the feedback loop decreases the value of 
resistor needed for a particular output impedance reducing 
cost and power dissipation. 

For example, with a 6V gelled electrolyte battery the regula¬ 
tor can be set to give a 6.9V output. Nominally, the battery is 
discharged to about 5V, making R1 0.4Q output impedance 
and limiting the charging current to 0.5A at the start of 
charging rather than the internal current limit of the regulator. 
With a fully discharged battery or under short circuit condi¬ 
tions, the peak output current is still 2A for the LM317K with 
the resistor dissipating 1.6A as opposed to 8W if a 2Q 
resistor were used directly in series with the battery. 
Resistor R4 can be included to provide a low “topping-up” 
current for a charged battery. 

This regulator configuration provides some other important 
features to the charger. If input power is removed and a fully 
charged battery is connected to the charger output, there is 
no damage. Under these conditions about 5 mA of current 
will be drawn by divider R2, R3. Since there is no ground 
connection to the LM317 regulator, very little current flows 
through the LM317. In this respect, the LM317 differs from 
other 3-terminal regulators, which can be damaged by ap¬ 
plying power to the output terminal with the input 
open-circuited. If the battery is connected backwards, the 
LM317 will current limit and thermal limit normally, protecting 
the charger. 

Decreasing Current Limit 

Adding a single NPN transistor can be used to decrease the 
current limit of the charge as shown in Figure 2. 




00848402 


FIGURE 2. Constant Voltage Charger 
with Peak Current Limiting 
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Decreasing Current Limit (Continued) 

Resistor R1 senses the output current and turns on Q1 when 
Iqut equals about 0.6V. Transistor Q1 pulls the adjust¬ 
ment terminal negatively decreasing the output voltage and 
controlling the output current. A limitation of this circuit is that 
it does not work for direct short circuits. The output voltage 
must be above about 0.6V for the external current limiting to 
be active. The internal current limit of the LM317, of course, 
is still operative. This is not usually a problem since batteries 
charge to above 0.6V very quickly. Resistors R4, R5 and R6 
protect the regulator and transistor for both direct short 
circuits or reverse battery connections. 


D1 



If R1 was tied to the output of the bridge, reverse current flow 
through the LM317 would keep Q1 “ON” and loading the 
battery. 

A simple constant current charger for any type of battery is 
shown in Figure 4. A resistor R1 between the adjustment 
terminal and the output of the regulator sets the output 
current at: 


I - ■'■25 

lOUT-^ 




FIGURE 4. Constant Current Charger 

Current can be set at anywhere between 10 mA and 1.5A by 
appropriate resistor choice. Current regulation is very tight at 
any current level since only 50 pA flows out of the adjustment 
terminal. This circuit is also immune to damage from shorts 
or reverse battery connections. The input voltage for regula¬ 
tion should also be about 1.5 times the battery voltage plus 
3V. 


FIGURE 3. Charger with No Battery Loading when 
Power is “OFF” 

As illustrated in Figure 3, in float or standby applications, it Is 
desirable to remove all loading from the battery when input 
power is “OFF.” When power is “ON,” 01 is saturated, 
grounding the voltage setting divider R2, R3 and the circuit 
works in a similar manner to the charger circuit In Figure 1. 
When power is “OFF,” 01 is open, eliminating any loading on 
the battery. A separate pair of low current diodes D1, D2 are 
necessary to bias 01, rather than the power bridge rectifier. 


Uniquely Suited 

The ability to adjust the output of the LM317 3-terminal 
regulator makes it uniquely suited for battery charging sys¬ 
tems. Little has been included about charging specific types 
of batteries, since the characteristics of the charger should 
be matched to the battery. These charger circuits, although 
very simple, perform well. They are easily modified for volt¬ 
age, current or even temperature coefficient by making the 
divider string temperature sensitive. More complex chargers 
can be made since the output of the LM317 is easily con¬ 
trolled by driving the adjustment terminal. Finally, the charg¬ 
ers are inherently protected against overloads and fault con¬ 
ditions. 
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A New Production 
Technique for Trimming 
Voltage Regulators 

Three-terminal adjustable voltage regulators such as the 
LM317 and LM337 are becoming popular for making regu¬ 
lated supplies in instruments and various other OEM appli¬ 
cations. Because the regulated output voltage is easily pro¬ 
grammed by two resistors, the designer can choose any 
voltage in a wide range such as 1.2V to 37V. In a typical 
example {Figure 1) the output voltage will be- 

VoUT = Vref + 1 j + R2 • Iadj 


28VdC 


(BLOCK 

DIAGRAM) 



00849501 


FIGURE 1. Basic Regulator 

in many applications, when R1 and R2 are inexpensive ±1% 
film resistors, and the room temperature accuracy of the 
LM117 IS better than ±3%, the overall accuracy of ±5% will 
be acceptable. In other cases, a tighter tolerance such as 
±1% IS required. Then a standard technique is to make up 
part of R2 with a small trim pot, as in Figure 2. The effective 
range of R2 is 2.07k ±10%, which is adequate to bring VoUT 
to exactly 22.0V. (Note that a 2001i rheostat in series with 
1.96 kn ±1% would not necessarily give a ±5% trim range, 
because the end resistance and wiper resistance could be 
as high as lon or 20Q; and the maximum value of an 
inexpensive 10 % or 20% tolerance trimmer might be as low 
as 180a or 160^2.) 

In some designs, the engineering policy may frown on the 
use of such trim pots, for one or more of the following 
reasons: 

• Good trim pots are more expensive. 

• Inexpensive trim pots may be drifty or unreliable. 

• Any trim pot which can be adjusted can be m/sadjusted, ^ 
sooner or later. 
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To get a tighter accuracy on a regulated supply, while 
avoiding these disadvantages of trim pots, consider the 
scheme in Figure 3. 

V,m = 28 Vdc± 10 % 



00849502 


FIGURE 2. Regulator with Small Adjustment Range 


V|N 



00849503 


FIGURE 3. Regulator with Trimmable Output Voltage 

When first tested, Vqut will tend to be 4% to 6 % higher than 
the 22 . 0 V target. Then, while monitoring Vqut. snip out R3, 
R4, and/or R5 as appropriate to bring Vqut closer to 22.0V. 
This procedure will bring the tolerance inside ±1%: 

• If Vqut Is 23.08V or higher, cut out R3 (if lower, don’t cut 
It out). 

• Then if Vqut Is 22.47V or higher, cut out R4 (if lower, 
don’t). 

• Then if Vqut Is 22.16V or higher, cut out R5 (if lower, 
don’t). 

The entire production distribution will be brought inside 
22.0V ±1%, with a cost of 3 inexpensive carbon resistors. 
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much lower than the cost of any pot. After the circuit is 
properly trimmed, it is relatively immune to being misad- 
justed by a screwdriver. Of course, the resistors’ carcasses 
must be properly removed and disposed of, for full reliability 
to be maintained. 

An alternate scheme shown in Figure 4 has R6, R7, and R8 
all shorted out initially with a stitch or jumper of wire. The trim 
procedure is to open up a link to bring a resistor into effect. 
The advantage of this circuit is that Vqut starts out lower 
than the target value, and never exceeds that voltage during 
trimming. In this scheme, note that a total “pot resistance” of 
215Q is plenty for a 10% trim span, because the minimum 
resistance is always below 1Q, and the maximum resistance 
is always more than 20012—it can cover a much wider range 
than a 200Q pot. 

The circuit of Figure 5 shows a combination of these trims 
which provides a new advantage, if a ±2% max tolerance is 
adequate. You may snip out R4, or link L1, or both, to 
accommodate the worst case tolerance, but in most cases, 
the output will be within spec without doing any trim work at 
all. 

This takes advantage of the fact that most ±1% resistors are 
well within ±y3%, and most LM337’s output voltage toler¬ 
ances are between -V 2 % and +1 V 2 %, to cut the average trim 
labor to a minimum. Note that L1 could be made up of a 2.712 
±10% resistor which may be easier to handle than a piece of 
wire. 

In theory, a 10% total tolerance can be reduced by a factor of 
(2" - 1) when n binary-weighted trims are used. In practice, 
the factor would be (1.8" - 1) if ±10% trim resistors are 
used, or (1.9" - 1) if ±5% resistors are used. For n = 2, a 
10% tolerance can be cut to 3.8% p-p or ±1.9%. For n = 3, 
the spread will be 1.7% p-p or ±0.85%, and most units will 
be inside ±0.5%, perfectly adequate for many regulator 
applications. 

National Semiconductor manufactures several families of 
adjustable regulators including LM117, LM150, LM138, 
LM117HV, LM137, and LM137HV, with output capabilities 
from 0.5A to 5A and from 1.2V to 57V. For complete speci¬ 
fications and characteristics, refer to the appropriate data 
sheet or the 1982 Linear Databook. 


V|N 
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If Vqut is lower than 20 90V, snip link 1 (if not, don’t) 

Then if Vqut 'S lower than 21 55V, snip link 2 (if not, don’t) 
Then if Vqut 'S lower than 21 82V, snip link 3 (if not, don’t). 

FIGURE 4. Alternate Trim Scheme 



If IVoujI IS smaller than 13 75V, snip LI and it will get bigger by 6% 

Then if IVqutI's bigger than 14 20V, snip R4 and it will get smaller by 3% 


FIGURE 5. Circuit Which Usually Needs No Trim to Get 
Vqut Within ±2% Tolerance 
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High Voltage Adjustable Power 
Supplies 

The floating-mode operation of adjustable three-terminal 
regulators such as the LM117 family make them ideal for 
high voltage operation. The regulator has no ground pin; 
instead, all the quiescent current (about 5 mA) flows to the 
output terminal. Since the regulator sees only the 
input-output differential, its voltage rating — 40V for the 
standard LM117 series and 60V for the high voltage 
LM117HV series — will not be exceeded for outputs of 
hundreds of volts. However, the IC may break down when 
the output is shorted unless special design approaches are 
used to protect against it. 

Figure 1 shows how it’s done. Zener diode D1 ensures that 
the LM317H sees only a 5V input-output differential over the 


entire range of output voltage from 1.2V to 160V. Since 
high-voltage transistors by necessity have a low (3, a Dar¬ 
lington is used to stand off the high voltage. The zener 
impedance is low enough that no bypass capacitor is re¬ 
quired directly at the LM317 input. (In fact, no capacitor 
should be used here if the circuit is to survive an output 
short') R3 limits short circuit current to 50 mA. The RC 
network on the output improves transient response as does 
bypassing the ADJUST pin, while R4 and D2 protect the 
ADJUST pin during shorts. 

Since Q2 may dissipate up to 5W normally or 10W during a 
short circuit, it should be well heat sunk. For higher output 
currents substitute a pass device in a TO-3 or TO-220 pack¬ 
age In place of the TO-202 NSD134 and reduce R3. Of 
course, if the required output current is less than 25 mA, R3 
can be increased to reduce the size of the heat sink needed. 


V|m>170V 
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Q1, Q2 NSD134 or similar 
Cl, C2 1 mF, 200V mylar 
*H eat Sink 


FIGURE 1. Basic High Voltage Regulator 


An improved approach is shown in Figure 2. Here an 
LM329B 6.9V zener reference has been stacked in series 
with the LM317’s internal reference. This both improves 
temperature stability, since the LM329B has a guaranteed 
TC of ±20 ppm/°C, and improves regulation, because more 
loop gain is available from the LM317. 


These techniques can be extended for higher output volt¬ 
ages and/or currents by either using better high voltage 
transistors or cascoding or paralleling (with appropriate emit¬ 
ter ballasting resistors) several transistors. The output short 
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High Voltage Adjustable Power 
Supplies (Continued) 

circuit current, determined by R3, must be within Q2’s safe 
area of operation so that secondary breakdown cannot 
occur. 


V|m>170V 
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Q1, Q2 NSD134 or similar 
C1, C2 1 mF, 200V MYLAR 
*Heat Sink 


FIGURE 2. Precision High Voltage Regulator 
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Add Kelvin Sensing and 
Parallel Capability to 
3-Terminai Regulators 

Paralleling of 3-terminal regulators is generally not recom¬ 
mended because the devices do not share current equally. 
If, for instance, you try to make a 3 amp regulator using three 
1 amp regulators, the device with the highest output could be 
carrying 2.5 amps in a current limit mode The regulator with 
the second highest output would be carrying only 0.5 amps, 
and the third regulator would be totally off. The reliability of 
such a system is poor because of the combination of high 
temperature and high current in the first regulator. A simple 
way to improve sharing is to insert a low value resistor in 
series with each output. The problem with this approach is 
that load regulation is very poor if the resistors are made 
large enough to ensure adequate sharing. 

A new technique for current sharing overcomes the load 
regulation problem and, as an added bonus, provides re¬ 
mote sensing capability not available in the standard 
3-terminal regulators. This is a great advantage when the 
regulators must be mounted off-card with their outputs fed 
through a connector. Total cost of added components is less 
than 50<i!. 
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Figure 1 shows the new Kelvin sense scheme using the 
LM338 5 amp adjustable regulator. A1 forces a voltage drop 
across R3 equal to the voltage across the parasitic resis¬ 
tance, rg. The current through R3 flows into the output of A1 
and out the negative supply pin. This creates a voltage drop 
across R4 just equal to the voltage across rg, cancelling the 
effect of rg on load regulation There is an error in Vqut 
created by the quiescent current of A1, but for a 5V output, 
this error is only about 0.7%. Voltage loss across rg must be 
limited to 300 mV to avoid current limiting in A1. If larger 
drops must be accommodated, R3 and R4 will have to be 
increased. Cl is necessary only if intermediate values of 
capacitance (2 pF-20 pF) are put directly across the load. 
Any of the positive adjustable regulators may be used in 
place of the LM338. 




00849801 


FIGURE 1. 


F/gure 2 combines Kelvin sensing with paralleling, where the 
voltage loss across the current sharing resistors is corrected 
by the sensing connection, rg^ through rgg are equal lengths 
of #22 gauge lead wire which act as ballasting resistors. 
These resistors can be kept small because LM338 adjust¬ 
ment pins are paralleled, forcing the outputs to track to within 
about 60 mV. rg 4 consists of the parasitic resistance of any 
additional output lead plus connector loss. The total loss for 


rs 4 may be up to 0.25V without loss of proper Kelvin sensing. 
Note that if U1 has the lowest reference voltage of the three 
regulators, full Kelvin sensing might not become effective 
until output current has increased above a threshold value of 
several amps. If this is undesirable, the adjustment pin of U1 
may be connected to a 5Q. tap on R1, increasing its effective 
reference voltage by 50 mV. The current load for U1 would 
be 1.5 amps higher, however. 
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F.A.I. Electronics 
(248) 553-4936 
Future Electronics Corp. 
(248) 489-1179 
Grand Rapids 
Future Electronics Corp. 
(616) 698-6800 
Plymouth 
Arrow Electronics 
(734) 455-0850 
Avnet Electronics 
(734) 416-5800 
Pioneer Standard 
(734) 416-2400 

MINNESOTA 

Bloomington 
Avnet Electronics 
(612) 881-2600 
Chanhassen 
Arrow Electronics 
(952) 906-7103 
Future Electronics Corp. 
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Syracuse 

Future Electronics Corp. 
(315) 451-2371 

NORTH CAROLINA 

Charlotte 
Avnet Electronics 
(704) 509-0190 
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Pioneer Standard 
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Pioneer Standard 
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Tulsa 

Arrow Electronics 
(918) 252-7537 
Avnet Electronics 
(918) 459-6000 
F.A.I. Electronics 
(918) 492-1500 

OREGON 

Beaverton 
Arrow Electronics 
(503) 614-1712 
Lake Oswego 
Pioneer Standard 
(503) 598-2597 
Portland 

Future Electronics Corp. 
(503) 603-0956 

PENNSYLVANIA 

Horsham 
Arrow Electronics 
(215) 956-4800 
Pioneer Standard 
(215) 674-4000 
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Avnet Electronics 
(215) 997-7350 
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Arrow Electronics 
(724) 327-1130 
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(412) 782-2300 
Wexford 

Future Eiectronics Corp. 
(724) 935-1113 

SOUTH CAROLINA 

Rock Hill 

Pioneer Standard 
(803) 324-0163 

TENNESSEE 

Teliico Plains 
Pioneer Standard 
(423) 792-1084 

TEXAS 

Austin 

Arrow Eiectronics 
(512) 231-5400 
Avnet Electronics 
(512) 219-3702 
Future Electronics Corp. 
(512) 502-0991 
Minco Technology Labs 
“Die Distributor” 

(512) 837-6285 
Pioneer Standard 
(512) 340-9500 
Dallas 

Avnet Electronics 
(214) 553-4318 


El Paso 

Arrow Electronics 
(915) 834-6120 
Avnet Electronics 
(915) 772-3304 
Future Electronics Corp. 
(915) 592-3565 
Houston 

Arrow Electronics 
(713) 784-9953 
Avnet Electronics 
(713) 780-7770 
Future Electronics Corp. 
(713) 785-1155 
Mission 

Pioneer Standard 
(956) 584-1002 
Plano 

Arrow Electronics 
(972) 380-6464 
Future Electronics Corp. 
(469) 467-0080 
Richardson 
Pioneer Standard 
(972) 808-1900 
Stafford 

Pioneer Standard 
(281) 240-4882 

UTAH 

Salt Lake City 
Arrow Electronics 
(801) 973-8555 
Avnet Electronics 
(801) 365-3800 
Future Electronics Corp. 
(801) 467-4448 

VIRGINIA 

Chariottesviiie 
Avnet Eiectronics 
(703) 623-5974 
Lovingston 
Arrow Electronics 
(410) 309-1541 
Mechanicsville 
Arrow Electronics 
(410) 309-0686 
Roanoke 
Pioneer Standard 
(301) 921-8400 

WASHINGTON 

Bellevue 

Arrow Electronics 
(425) 643-9992 
Bothell 

Future Electronics Corp. 
(425) 489-3400 
Redmond 
Avnet Eiectronics 
(425) 882-7000 
Pioneer Standard 
(425) 869-3300 


WISCONSIN 

Brookfield 
Arrow Electronics 
(262) 792-0150 
Future Electronics Corp. 
(262) 879-0244 
Pioneer Standard 
(262) 780-3600 
Meguon 
Taylor Electric 
(414) 241-4321 
Pewaukee 
Avnet Electronics 
(262) 513-1500 

CANADA 

WESTERN PROVINCES 
Burnaby 

Arrow Electronics 
(604) 421-2333 
Avnet Electronics 
(604) 444-3854 
Pioneer Standard 
(604) 454-1077 
Caigary 

Arrow Electronics 
(403) 735-2800 
Avnet Electronics 
(403) 291-5510 
F.A.I. Electronics 
(403) 291-5333 
Future Electronics Corp. 
(403) 219-3443 
Pioneer Standard 
(604) 273-5575 
Edmonton 
Arrow Electronics 
(780) 483-6266 
Future Electronics Corp. 
(780) 438-5888 
Vancouver 

Future Electronics Corp. 
(604) 294-1166 

EASTERN PROVINCES 
Baie D’Urfe 
Arrow Electronics 
(514) 428-5200 
Kanata 

Arrow Electronics 
(613) 271-8200 
Mississauga 
Active Components 
(905) 238-8825 
Arrow Electronics 
(905) 670-7769 
Avnet Eiectronics 
(905) 812-4400 
Future Electronics Corp. 
(905) 624-1125 
Moncton New Brunswick 
F.A.I. Electronics 
(902) 626-3081 


Montreal 

Active Components 
(514) 256-7538 
Nepean 

Avnet Eiectronics 
(613) 226-1700 
Pioneer Standard 
(613) 226-8840 
Ottawa 

Active Components 
(613) 728-7900 
Future Electronics Corp. 
(613) 727-1800 
Pointe Claire 
Future Electronics Corp. 
(514) 694-7710 
Quebec City 
Future Electronics Corp. 
(418) 877-6666 
STE Foy 

Active Components 
(418) 682-1130 
Pioneer Standard 
(418) 654-1077 
Vaudreuil 

Future Electronics Corp. 
(514) 457-3513 
Ville St. Laurent 
Avnet Electronics 
(514) 335-2470 
Pioneer Standard 
(514) 337-5522 
West St. Paul 
Avnet Electronics 
(204) 338-6411 
Winnipeg 
Arrow Electronics 
(204) 632-1260 
Avnet Electronics 
(204) 256-8124 
Future Electronics Corp. 
(204) 786-3075 
Woodbridge 
Pioneer Standard 
(905) 405-8300 
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